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Introduction 


Unitrode's  reputation  and  success  as  an  innovator  is  evidenced  by  the  strong  market 
acceptance  to  the  products  described  in  this  book.  The  Company  has  achieved  signifi- 
cant technological  breakthroughs  in  all  areas  of  power  management,  motion  control, 
and  high  speed  data  communication  ICs. 


The  combination  of  Unitrode  parts  with  other  parts,  whether  obtained  from  Unitrode  or 
from  third  parties,  may  infringe  the  patents  of  third  parties.  Unitrode  makes  no  warranty 
or  representation  that  the  use  of  Unitrode  parts  in  combination  with  other  parts  will  not 
infringe  the  patents  of  third  parties  even  if  the  specific  combination  of  parts  to  be  used 
is  suggested  or  disclosed  in  a  Unitrode  publication.  Customers  are  therefore  advised  to 
consult  with  their  patent  attorneys  prior  to  using  Unitrode  parts  in  systems  or  other 
equipment  to  ensure  that  such  use  will  not  result  in  the  infringement  of  third  party 
patents. 

©  1997  by  Unitrode  Corporation.  All  rights  reserved.  This  book,  or  any  part  or  parts 
thereof,  must  not  be  reproduced  in  any  form  without  permission  of  the  copyright  owner. 

NOTE:  The  information  presented  in  this  book  is  believed  to  be  accurate  and  reliable. 
Unitrode  reserves  the  right  to  make  changes  to  the  products  contained  in  this  databook 
to  improve  performance,  reliability,  or  manufacturability.  However,  no  responsibility  is 
assumed  by  Unitrode  Corporation  for  its  use. 

LIFE  SUPPORT  POLICY 

Unitrode's  products  are  not  authorized  for  use  as  critical  components  in  the  life  support 
devices  or  systems  without  express  written  approval. 


BusBoss™  is  a  trademark  of  Unitrode  Corporation 
Miller  Killer™  is  a  trademark  of  Unitrode  Corporation 
Servocharge™  is  a  trademark  of  Unitrode  Corporation 
Printed  in  U.S.A. -April,  1997 


Please  Refer  to  Unitrode  Data  Book 
IC-1050  for  Complete  Product  Data  Sheets 
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Introduction  (cont'd) 


Unitrode  Corporation  is  a  world  leader  in  the  design  and  manufacture  of  innovative, 
high  performance  linear  and  mixed  signal  ICs.  This  catalog  will  introduce  you  to  our 
products  for  commercial,  industrial  and  mil/aero  applications. 

With  a  focus  on  power  management,  motion  control  and  high  speed  data  communica- 
tions, our  product  portfolio  includes: 

•  Off-line  Power  Management 

•  DC/DC  Power  Management 

•  Protection/Supervisory  Circuits 

•  Portable  Power  Management 

•  Motion/Motor  Controls 

•  High  Speed  Interface 

Unitrode  also  offers  an  assortment  of  special  function  ICs  including  fiber  to  curb  ringers, 
CAN  transceivers,  IrDA  transceivers,  cellular  power  management  products  and 
pager/PDA  power  controllers. 

All  our  products  are  backed  by  a  design  and  applications  team  that  really  understands 
how  our  ICs  interact  with  the  rest  of  your  system/subsystem.  We  take  special  pride 
in  the  intelligence  of  our  designs  and  their  ability  to  anticipate  as  well  as  respond  to  cus- 
tomer needs. 

Whatever  your  applications  -  Power  Management,  Motion  Control  or  Ultrafast  Data 
Communications  -  we  are  an  innovative,  dependable  and  customer-driven  source  for 
catalog,  semi-custom  and  custom  linear/mixed  signal  ICs. 

Around  The  World  Service 

Unitrode  serves  its  customers  around  the  world  from: 

•  its  design  centers  in  New  Hampshire,  California  and  North  Carolina; 

•  its  extensive  test,  assembly  subcontractor  coordination,  and  customer  service  facility 
in  Singapore; 

•  and  from  our  network  of  manufacturers'  representatives  and  distributors. 
Process  Capabilities 

Unitrode's  bipolar  process,  optimized  for  both  precision  analog  and  power  functions, 
is  constantly  updated  to  incorporate  leading  edge  process  options  such  as: 

•  operating  voltage  ranges  from  4  to  65  volts; 

•  Schottky  and  integrated  injection  logic; 

•  ion  implant; 

•  thin  film  resistors  for  high  accuracy; 

•  double-level  metallization  for  high  density,  high  current  layouts; 
buried  zener  reference. 


ii 


y 


Introductior 


Its  BiCMOS  process  is  ideal  for  high  density  linear  and  mixed  mode  designs,  especially 
where  speed  and  low  power  consumption  are  of  primary  importance. 

Options  include: 

•  3,  2.5,  and  1  micron  processes; 

•  up  to  1 5V  operation; 

•  high  current,  double  level  metallization; 

•  fully  isolated,  vertical  NPN  transistors; 

•  and  thin  film  resistors 

This  year,  there  is  a  new  BCDMOS  process.  It  offers  all  the  options  available 
with  BiCMOS,  plus  a  lateral  DMOS  device  with  up  to  35V  operation  for  added  power 
handling  capability. 

An  ISO9001  and  9002  Firm 

Unitrode  was  one  of  the  first  U.S.  electronics  companies  to  achieve  IS/ISO 
9001/EN29001  registration. 

In  order  to  be  registered,  the  Company  had  to  pass  a  rigorous  examination  of  its  quality 
systems  -  from  product  design  through  shipment.  The  registration  thus  assures 
customers  all  over  the  world  that  the  Company  is  adhering  to  very  high,  precisely 
defined  standards. 

Listening  To  Customers 

In  the  development  of  custom  and  semi-custom  parts,  Unitrode  design  engineers  work 
very  closely  with  customers.  This  close  cooperation  assures  that  all  requirements  are 
accurately  understood,  that  all  possibilities  are  fully  explored,  and  that  the  resulting 
products  meet  and  exceed  specified  needs. 

Unitrode  also  pays  careful  attention  to  customers  and  markets  to  help  guide  its 
development  of  catalog  parts.  Continuing  close  contact  makes  it  possible  to  anticipate 
industry  requirements,  and  to  create  devices  that  will  satisfy  them. 

A  Resource  You  Can  Count  On 

Unitrode  Corporation  has  earned  its  reputation  for  excellence  in  computer, 
Communications,  Industrial,  Commercial,  Automotive  and  Mil/Aero  markets.  It  is  totally 
committed  to  continuing  excellence  in  everything  it  does. 

With  products  and  services  that  are  among  the  most  innovative  in  the  industry,  with 
proven  quality  and  reliability,  and  with  superb  design  engineering  and  the  industry's 
best  applications  technical  support,  Unitrode  is  a  resource  you  can  depend  on. 

This  book  describes  Unitrode's  linear  and  mixed  signal  IC  solutions  in  detail.  Ideally,  it 
will  stimulate  your  interest  to  request  further  information,  request  product 
samples  and/or  to  check  for  available  evaluation  boards. 

For  additional  information  on  devices  offered  in  this  catalog,  or  if  you  need  a 
customized  product,  please  contact  Unitrode  Marketing  at  603-429-8725.  You  may  also 
consult  our  website  for  current  information  about  Unitrode  and  its  products  at 
http://www.unitrode.com. 
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Publication 
Number 

U-93 
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IC 

Featured 

UC3846/47 

UC3901 

Application 

A  New  Integrated  Circuit  for  Current  Mode  Control  

The  UC1901  Simplifies  the  Problem  of  Isolated  Feedback  in 
Switching  Regulators  

Page 

3-1 

3-9 

U-95 

UC3834 

3-21 

U-97 

PWMs 

Modeling,  Analysis  and  Compensation  of  the  Current  Mode 

3-43 

U-99 

UC3717/ 
UC3717A 

UC3717  and  L-C  Filter  Reduce  EMI  and  Chopping  Losses 

3-49 

U-100A 

UC3842/3/4/5 
UC3846 

UC3842/3/4/5  Provides  Low-Cost  Current-Mode 

U-102 

UC3637 

UC 1637/2637/3637  Switched  Mode  Controller  for  DC  Motor  Drive 

 3-67 

U-104 

UC3906 

Improved  Charging  Methods  for  Lead-Acid  Batteries 

using  the  UC3906  

3-78 

U-106 

UC3620 

UC3620  Brushless  DC  Motors  get  a  Controller  IC  that  Replaces 
Complex  Circuits  

3-89 

U-110 

UC3825 

1.5MHz  Current  Mode  IC  Controlled  50W  Power  Supply  

3-94 

U-111 

PWMs 

Practical  Considerations  in  Current  Mode  Power  Supplies  

3-106 

U-112 
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3-132 

U-115 
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Characterisitics  

3-150 

U-120 

UC3625/ 

UCC3626/ 

UC3637/38 

A  Simplified  Approach  to  DC  Motor  Modeling  for  Dynamic 

3-166 

U-122 

UC3861-3868 

A  New  Family  of  Integrated  Circuits  Controls  Resonant  Mode 

3-170 

U-127 

UC3724/25 

U-128 

UC3823A.B/ 
3825A.B 

The  UC3823A.B  &  UC3825A.B  Enhanced  Generation  of 

PWM  Controllers  

3-194 

U-129 
U-130 

UC3907 
UC3625 

UC3907  Load  Share  IC  Simplifies  Parallels  Power  Supply  Design 
Dedicated  ICs  Simplify  Brushless  DC  Servo  Amplifier  Design  

3-203 
3-213 

U-131 

UC3906/ 
UC3823 

Simple  Switchmode  Lead-Acid 
Battery  Charger  

3-226 

U-132 

UC3852 

Power  Factor  Correction  Using  the  UC3852  Controlled  ON-Time 

...  3-235 

U-133A 

UCC3800/ 
UCC3813 

UCC3800/1/2/3/4/5  BiCMOS  Current  Mode 
Control  ICs  

...  3-251 
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Publication  IC 

Number       Featured  Application  Page 

U-134  UC3854  UC3854  Controlled  Power  Factor  Correction  Circuit  Design  3-269 

U-135  UC3848  The  UC3848  Average  Current  Mode  Controller  Squeezes  Maximum 

Performance  from  Single  Switch  Converters  3-289 

U-136  UC3875/6/7/8     Phase  Shifted,  Zero  Voltage  Transition  Design  Considerations 

UC3879  and  the  UC3875  PWM  Controller  3-300 

U-137  UC3705/6/7/8/9  Practical  Considerations  in  High  Performance  MOSFET, 

IGBT  &  MCT  Gate  Drive  Circuits  3-314 

U-1 38  UC3861  -3864    Zero  Voltage  Switching  Resonant  Power  Conversion  3-329 

U-140  UC3848/49        Average  Current  Mode  Control  of  Switching  Power  Supplies  3-356 

U-141  UC3871/  Resonant  Fluorescent  Lamp  Converter  Provides  Efficient 

UC3872  and  Compact  Solution  3-370 

U-143C         UC3726/27        New  Chip  Pair  Provides  Isolated  Drive  for  High  Voltage  IGBTs  3-378 

U-144  UCC3806  UCC3806  BiCMOS  Current  Mode  Control  IC  3-395 

U-1 48  UC3871/  Dimmable  Cold-Cathode  Fluorescent  Lamp  Ballast  Design 

UC3872  Using  the  UC3871   3-402 

U-149A         UCC3889  Simple  Off-Line  Bias  Supply  for  Very  Low  Power  Applications  3-416 

U-1 50  UCC3570  Applying  the  UCC3570  Voltage-Mode  PWM  Controller  to  Both 

Off-Line  and  DC/DC  Converter  Designs  3-427 

U-151  UCC3912  UCC3912  Integrated  Electronic  Circuit  Breaker  IC  for  Hot-Swap 

and  Power  Management  Applications  3-440 

U-152  UC3832/3         A  High  Performance  Linear  Regulator  for  Low  Dropout  Applications....  3-451 

U-1 53  UC3855A/B        UC3855A/B  High  Performance  Power  Factor  Preregulator  3-460 

U-1 54  UC3879  The  New  UC3879  Phase-Shifted  PWM  Controller  Simplifies 

the  Design  of  Zero  Voltage  Transition  Full-Bridge  Converters  3-480 

U-1 55  UC3909  Implementing  Multi-State  Charge  Algorithm  with  the  UC3909 

Switchmode  Lead-Acid  Battery  Charger  Controller  3-488 

U-1 56  UC3886  The  UC3886  PWM  Controller  Uses  Average  Current  Mode  Control  to 

Meet  the  Transient  Regulation  Performance  of  High  End 
Processors  3-517 

U-1 57  UC391 0  Fueling  the  Megaprocessor  -  A  DC/DC  Converter  Design  Review 

UC3886  Featuring  the  UC3886  andUC3910  3-541 

U-1 58  UC3910  The  UC3910  Combines  Programmability,  Accuracy  and  Integrated 

Functions  to  Control  and  Monitor  High  End  Processor 
Power  Supplies  3-571 

U-1 59  UC3853  Boost  Power  Factor  Corrector  Design  with  the  UC3853  3-583 

U-160    Simple  Circuit  Modifications  Enhance  Optocoupler  Performance  3-605 

U-1 61  UCC3305         Powering  a  35W  DC  Metal  Halide  High  Intensity  Discharge  (HID) 

Lamp  using  the  UCC3305  HID  Lamp  Controller  3-61 1 

U-1 62  UCC3305  Driving  a  35W  AC  Metal  Haiide  High  Intensity  Discharge  Lamp 

with  the  UCC3305  HID  Lamp  Controller  * 
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UC3842/42A  UC3842A  -  Low  Cost  Start-up  and  Fault  Protection  Circuit  4-2 

UC3842/42A  UC1842/UC1842A  Summary  of  Functional  Differences  4-4 

UC3840/41/51     UC3840/UC3841/UC3851  PWM  Controllers  - 
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UC3843A         Programmable  Electronic  Circuit  Breaker  4-7 

UC3833  Optocoupler  Feedback  Drive  Techniques  4-8 

UC3901/  Optocoupler  Feedback  Drive  Techniques  Using  the 

UC3903  UC3901  and  UC3903  4-9 

UC3708/24/25    IGBT  Drive  Using  MOSFET  Gate  Drivers  4-1 1 

UC3525B/27B    UC1 525B/1 527B  Devices  -  Comparison  Summary  to 

UC1525A/1527A  Devices  4-13 

UC494/5A&C      Unique  Converter  for  Low  Power  Bias  Supplies  4-14 

UC3854  Optimizing  Performance  in  UC3854  Power  Factor 

Correction  Applications  4-16 

UC3842/42A      The  Effects  of  Oscillator  Discharge  Current  Variations  on  Maximum 

Duty  Cycle  and  Frequency  in  UC3842  and  UC3842A  PWM  ICs  4-21 

UC3854  Extend  Current  Transformer  Range  4-24 

UCC3802         Design  Considerations  for  Transitioning  from  UC3842  to  the 

New  UCC3802  Family  4-26 

UCC3803         Simple  Techniques  to  Generate  a  Negative  Voltage  Bias  Supply 

from  a  Positive  Input  Voltage  4-29 

UC3854A/B       UC3854A  and  UC3854B  Advanced  Power  Factor  Correction 

Control  ICs   4-30 

UC3846/56/       UC3846,  UC3856  and  UCC3806  Push-Pull  PWM 

UCC3806  Current  Mode  Control  ICs  4-33 

UCC3805         Highly  Efficient  Low  Power  DC  to  DC  Inverter  Converts  +5V  Input 

to  -3V  Output  4-35 

UC3838A  Simple  Voltage  Inverter  Circuit  Converts  -48V  Input  to  +5V  Output  4-37 

UCC3803         Versatile  Low  Power  SEPIC  Converter  Accepts  Wide  Input 

Voltage  Range  4-38 

UC2577  UC2577  Controls  SEPIC  Converter  for  Automotive  Applications  4-41 

UC3625  Simple  Techniques  for  Isolating  and  Correcting  Common 

Application  Problems  with  UC3625  Brushless  DC  Motor  Drives  4-43 

UCC3806  Programming  the  UCC3806  Features  4-47 


1-3 


Indices 

n  n 

y 

Application/Design  Note  Listing  -  By  Publication  Number  (cont'd) 

Publication  IC 
Number  Featured 

DN-52  UC39432 

Application 

Adjustable  Electronic  Load  for  Low  Voltage  DC  Applications  

Page 

4-50 

DN-53A 

UC3637 

Design  Considerations  for  Synchronizing  Multiple  UC3637  PWMs  .... 

...4-52 

DN-54  UCC3803 

Innovative  Buck  Regulator  Uses  High  Side  N-Channel  Switch 
without  Complex  Gate  Drive  

4-55 

DN-55 
DN-56A 

150W  Isolated  DC/DC  Converter  for  Distributed  Power  Applications  . 

4-57 

UCC3803 
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Performance  Evaluation  and  Programming  Information  

4-65 

DN-59A 

UCC3889 

UCC3889  Bias  Supply  Controller  Evaluation  Kit  - 

4-68 

DN-60 

UC3726/27 

UC3726/UC3727  IGBT  Isolated  Driver  Pair 
Evaluation  Kit  Testing  Procedure  

A  7D 

r\K\ 

UC3832/3 

A  High  Performance  Linear  Regulator  for  Low  Dropout  Applications 

A  70 

DN-62 

PWMs 

Switching  Power  Supply  Topology:  Voltage  Mode  vs.  Current  Mode .. 

...4-76 

DN-63 

UC3875/6/7/8/9  The  Current-Doubler  Rectifier:  An  Alternative  Rectification 

Technique  for  Push-Pull  and  Bridge  Converters  

4-79 

DN-64 
DN-65 

PWMs 
BiCMOS 

Inductorless  Bias  Supply  Design  for  Synchronous  Rectification  and 
High  Side  Drive  Applications  

Considerations  in  Powering  BiCMOS  ICs  

A  QO 

4-85 

DN-66 

UC3854A/B 
UC3855A/B 

Unitrode  -  UC3854A/B  and  UC3855A/B  Provide  Power  Limiting 

4-88 

DN-67 

UCC3913 

UCC3913  Electronic  Circuit  Breaker  for  Negative  Voltage 
Applications  Evaluation  Kit  List  of  Materials  for  a 
-48V/1A  Test  Circuit  

DN-68  UCC3912 

Parelling  UCC3912  Electronic  Circuit  Breaker  ICs  

.4-94 

DN-69 

UC3908 

An  Intelligent  Overvoltage  Protection  Scheme  for 
3V  to  10V  Power  Supplies  

A  QO 

DN-70 

UC3573 

UC3573  Buck  Regulator  PWM  Control  IC  

Using  Copper  PCB  Etch  for  Low  Value  Resistance  

DN-71 

A    1  (\A 

DN-72 

- 

Lamp  Ignitor  Circuit  

.4-107 

DN-73 

UCC3941 

UCC3941  One  Volt  Boost  Converter  Demonstration  Kit  - 

4-110 

DN-74 

UCC3930-3/-5 

UCC3930  Cellular  Telephone  Power  Converter  Evaluation  Kit 
Schematic  and  List  of  Materials  

4-112 

DN-75 

UC3872 

Using  the  UC3871  and  UC3872  Resonant  Fluorescent  Lamp  Drivers 
in  Floating  Lamp  Applications  

4-113 

DN-76 

UC3638 

Closed  Loop  Temperature  Regulation  Using  the  UC3638 
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Motor  Control 

Brush  DC  Motors 

♦  PWM  DC  Motor  Controller  U-102 

♦  Synchronizing  Multiple  UC3637  Oscillators  DN-53^ 

Brushless  DC  Motors 

♦  Four  Quadrant  Control  U-13C 

♦  Current  Loop  Design  U-13C 

♦  Power  Supply  Bus  Clamp  U-13C 

♦  Integrated  3-Phase  Control/Driver  U106 

O    OU  O        *       II  I.    HHC     M  ,„ 

♦  3-Phase  Controller  U-1 1 5,  U-1 3C 

♦  Fixed  Off-Time  Modulation  U106 

♦  Trouble  Shooting  UC3625  Applications  DN-5C 

Phase  Locked  Loops 

♦  Small  Signal  Analysis  U-1 1 G 

♦  Loop  Filter  Design.  U-1 12 

Power  H-Bridge  Design 

♦  H-Bridge  Power  Amplifier  U-1 02,  U-1 1 2 
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Application  Notes  By  Subject  (cont'd) 


Publication 

Small  Signal  Modeling  Number 

♦  Motor  Modeling  U-1 02,  U-1 1 3,  U1 20 

♦  Velocity  Loop,  Small  Signal  Analysis  U-1 02,  U-1 1 3 

♦  Current  Loop,  Small  Signal  Analysis  U-1 12 

Stepper  Motors 

♦  Reducing  EMI  in  Stepper  Motor  Drives  U-99 

♦  Microstepping  Transconductance  Amplifier  U-1 1 2 

Power  Device  Drivers 

♦  Modeling  the  Power  MOSFET  U-1 1 8 

♦  Calculating  Average  Gate  Drive  Current  U-1 56 

♦  Determining  Gate  Charge  U-1 18,  U-137 

♦  Direct  Coupled  Drivers  U-1 18,  U-137 

♦  IGBT  Drive  Considerations  U-137,  U-143C 

♦  Power  Dissipation  Analysis  U-137 

♦  Transformer  Coupled  Drivers  U-1 1 8 

♦  Isolated  High  Side  Switch  Drive  U-1 27 

♦  UC3726/UC3727  Power  Considerations  DN-57 

Power  Factor  Correction 

♦  Active  Power  Factor  Correction  Description  U-1 34,  U-1 59 

♦  Controlled  On-Time,  Zero  Current  Switching  U-1 32 

♦  Current  Sensing  U-1 34,  U-1 53 

♦  Current  Synthesizer  U-153 

♦  Distortion  Sources  U-1 34 

♦  Effects  of  Discharge  Current  on  Maximum  Duty  Cycle  DN-40 

♦  Optimizing  Circuit  Performance  DN-39E 

♦  Power  Limiting  Features  DN-66 

♦  Voltage  Feedforward  Circuitry  U-1 32,  U-1 34 

♦  UC3854  Demo  Board  DN-44 

♦  UC3855  Design  Example  U-153 

♦  ZVT  Techniques  U-153 

PWM  Oscillators 

♦  Voltage  Feedforward  Oscillators  U-94 

♦  Noise  Sensitivity  U-1 00A 

♦  Synchronization  U-1 00A,  U-1 1 1 ,  U-1 33A 


Rectification 


♦  Alternative  Full-Wave  Rectifier  Topology  DN-63 

Resonant  Converters 

♦  Resonant  Tank  Considerations  U-1 36 

♦  Transformer  Coupled  Equations  U-138 

♦  Zero-Voltage  Switching  U-1 22,  U-1 36 

♦  Zero-Current  Switching  U-122 
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Secondary  Side  Regulation 

♦    Secondary  Side  Regulator,. 


Publication 
Number 

 U-139 


HID  Lamp  Controller  U-161 


Small  Signal  Analysis 


♦  Average  Current  Mode  U-135,  U-140,  U-157 

♦  Average  Current  Mode  PFC  U-134,  U-153,  U-159 

♦  CCFL  Ballast  U-148 

♦  Error  Amplifier  Response  U-95,  U-1 00A 

♦  Load  Models  U-95 

♦  Buck  Regulator  U-97 

♦  Push-Pull  Forward  Converter  U-1 1 0 

Subharmonic  Oscillation 

♦  Slope  Compensation  U-95,  U-1 1 0 

Supervisor  Functions 


♦ 
♦ 


Startup  and  Fault  Protection . 
Overvoltage  Protection  


Switching  Regulators  -  Reference  Designs 





.DN-69,  U-1 58 


CCFL  Drives 

♦  ZVS  Converters  U-141,  U-148 

DC/DC  Converters 

♦  5VIN,  3.3VOUT,  Buck  Regulator  DN-54 

♦  Peak  Current  Mode,  Buck/Boost  Designs  U-1 33A 

♦  5W,  12VIN,  5VOUT,  Buck  Regulator  DN-70 

♦  20W,  48VIN,  5VOUT,  Voltage  Mode  Forward  Converter  U-150 

♦  200mW,  5VIN,  -3VOUT,  Flyback  Converter  DN-46 

♦  500mW,  1 VIN,  Adjustable  Output  Voltage  DN-73 

♦  Pentium® Pro  Converter  with  Adjustable  Output  U-157 

Forward  Converters 

♦  Push-Pull  Forward  Converter  U-93 

♦  500W,  -48VIN,  5VOUT,  Push  Pull  Converter  U-100A 

♦  50W,  48VIN,  5VOUT,  1.5MHz  Peak  l-Mode  Converter  U-1 10,  U-1 28 

♦  200W,  Off-line,  5V,  +/-15VOUT,  Average  l-Mode  Forward  Converter  U-135 

♦  50W,  18-26VIN,  5VOUT,  ZVS  Forward  Converter  U-1 38 

♦  50W,  Off-Line,  1 2VOUT,  Voltage  Mode  Converter  U-1 50 

Flyback  Converters 

♦  60W,  Off-line,  5V.12VOUT,  Flyback  U-94 

♦  25W,  Off-line,  5V.+/-1 2VOUT,  Flyback  U-1 00A 

♦  5VIN,  +/-12VOUT,  RS-232/RS-422  Converter  DN-56 
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Application  Notes  By  Subject  (cont'd) 


Publication 

Full  Bridge  Number 

♦  500W,  400VIN,  48VOUT,  ZVT  Converter  U-136 

Power  Factor  Correction 

♦  85W,  350VOUT,  Zero  Current  Switched  PFC  U-132 

♦  250W,  400VOUT,  Average  Current  Mode  PFC  U-134 

♦  500W,  410VOUT,  Average  Current  Mode,  ZVT,  PFC  U-153 

Resonant  Converters 

♦  500W,  400VIN,  48VOUT,  ZVT  Converter  U-1 36 

Battery  Charger 

♦  Lead  Acid  Battery  Charger  U-1 31 

Thermoelectric  Drivers 

♦  Class-D  Amplifier  for  Thermoelectric  Devices  DN-76 

Zero  Current  Switching 

♦  Resonant  Mode  Control  U-122 

Zero  Voltage  Switching 

♦  Design  Examples  U-1 38 

♦  Phase  Shifted  Full-Bridge  Controller  U-1 54 

♦  Resonant  Mode  ZVS  U-122,  U-136,  U-138 

♦  Transformer  Coupled  Design  Equations  U-1 38 

♦  ZVS  Topologies  U-1 38 

♦  ZVS  CCFL  Drive  U-1 41 ,  U-1 48 


Abstracts  of  Key  Seminar  Topics 


J 


Unitrode  offers  an  excellent  series  of  Power  Supply  Design  Seminars 
throughout  the  United  States  and  around  the  world,  with  a  new  series  beginning 
every  eighteen  months.  Below  is  a  review  of  several  abstracts  from  topics 
presented  at  some  of  the  past  seminars. 

Please  call  Unitrode  Marketing  at  603-429-8725  for  copy  of  any  of  these 
tutorials.  If  you  are  interested  in  attending  a  future  Unitrode  Seminar,  please 
call  Marketing  or  return  the  postcard  included  in  the  Databook. 


High  Power  Factor  Preregulator  for  Off-Line  Power 
Supplies  (SEM-600) 

Switching  power  supplies  operated  off  the  AC  line  usually  employ  a 
simple  capacitor  input  filter.  The  input  charging  current  waveform  is 
a  narrow  pulse  rather  than  a  sine  wave,  resulting  in  a  power  factor 
of  only  0.5  -  0.65  and  high  harmonic  content.  The  rms  input  current 
is  much  greater  than  necessary.  A  120V,  15A  line  may  be 
inadequate  for  a  1kW  power  supply  input.  High  power  factor 
specification  requirements  are  beginning  to  appear.  The  innovative 
techniques  described  in  this  paper  provide  input  power  factor  of 
0.95  to  0.999,  reduced  harmonics,  switchless  operation  over  the 
full  120V  -  220V  line  voltage  ranges,  crudely  regulated  bulk 
capacitor  voltage,  smaller  capacitor  size,  and  greater  reliability 
because  of  reduced  rms  current.  A  downstream  switching  power 
converter  can  be  designed  for  higher  efficiency  and  lower  cost 
because  it  operates  from  the  narrowed  bulk  capacitor  voltage 
range. 

-  Lloyd  Dixon 


ID 


Isolating  the  Control  Loop 
(SEM-700) 

In  the  interests  of  safety,  all  power  systems  operating  from  primary 
line  voltage  must  provide  galvanic  isolation  somewhere  in  the 
system  between  the  power  mains  and  a  human  operator  or 
technician.  The  various  potential  locations  for  inserting  isolation, 
and  the  possible  methods  of  its  implementation,  are  presented  in 
this  topic.  Specific  attention  is  paid  to  alternative  solutions,  such  as 
the  use  of  small  signal  coupling  transformers,  and  are  described 
and  illustrated  with  practical  applications. 

-  Bob  Mammano 


1-17 


Indices 


Key  Seminar  Topics  (cont'd) 


Spice  Simulation  of  Switching  Power  Supply 
Performance  (SEM-900) 

Spice  simulation  is  a  useful  and  important  tool  for  power  supply 
design.  Spice  models  are  used  to  demonstrate  the  performance 
and  stability  of  a  proposed  design  and  to  evaluate  the  effects  of 
circuit  parasitics  and  parameter  variation  on  power  supply 
performance.  Switched  models  are  best  suited  to  assess  high 
frequency  aspects  of  the  design,  while  averaged  models  are  used 
for  overall  performance  evaluation.  A  new  simplified  averaged 
model  is  presented.  Several  practical  examples  demonstrate  how 
switched  and  averaged  models  can  be  used  to  evaluate  specific 
aspects  of  switching  power  supply  performance. 

-  Lloyd  Dixon 


An  Electrical  Circuit  Model  for  Magnetic  Cores 
(SEM-1000) 

A  brief  tutorial  on  magnetic  fundamentals  leads  into  a  discussion  of 
magnetic  core  properties.  A  modified  version  of  Intusoft's  magnetic 
core  model  is  presented.  Low-frequency  hysteresis  is  added  to  the 
model,  making  it  suitable  for  magnetic  amplifier  applications. 

-  Lloyd  Dixon 


Deriving  the  Equivalent  Electrical  Circuit  from 
Magnetic  Device  Physical  Properties 
(SEM-1000) 

Following  a  brief  review  of  basic  magnetics,  two  techniques  are 
discussed  for  generating  the  electrical  circuit  model  based  upon  the 
physical  dimensions  of  a  magnetic  device:  the  reluctance-duality 
method  and  the  capacitance-gyrator  method.  These  techniques  are 
demonstrated  in  several  examples. 

-  Lloyd  Dixon 
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Portable  Power  -  A  Designer's  Guide  to  Battery 
Management  (SEM-1000) 

While  demands  for  portability  have  created  great  interest  in  battery 
technology,  this  is  a  field  with  many  choices,  few  absolutes, 
continuously  improving  performance  characteristics,  and  the 
constant  lure  of  future  developments.  Since  the  designer  of 
portable  electronic  systems  is  vitally  dependent  upon  his  power 
source,  while  also  sharing  a  major  responsibility  for  its 
performance,  a  good  understanding  of  battery  technology  becomes 
mandatory.  This  paper  attempts  to  aid  in  this  effort  by 
characterizing  and  comparing  a  range  of  battery  technologies  and 
providing  insight  into  their  selection  and  application.  Since  charging 
techniques  are  critical  to  battery  performance,  practical  examples 
of  charging  algorithms  and  associated  hardware  implementations 
for  the  various  battery  chemistries  are  also  discussed  and  a 
versatile  battery  system  evaluator  is  described. 

-  Bob  Mammano 


Switching  Power  Supply  Control  Loop  Design 
(SEM-1000) 

This  paper  surveys  many  practical  aspects  of  control  circuit  design. 
Topics  include:  different  approaches  for  achieving  Nyquist  stability 
criteria,  transient  response  vs.  phase  margin,  low  frequency 
accuracy  vs.  the  shape  of  the  Bode  plot,  why  it  is  dangerous  to 
depend  on  conditional  stability,  achieving  the  maximum  crossover 
frequency  of  a  switched  loop,  other  factors  which  may  limit  loop 
bandwidth,  sources  of  error,  and  where  to  place  the  gain  needed 
for  correction. 

Other  practical  aspects  include  large  signal  behavior  and  how  to 
minimize  offset  error  delays  of  compensation  capacitors  in  the 
feedback  path. 

-  Lloyd  Dixon 
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Control  Loop  Cookbook 


Switching  power  supplies  use  closed-loop  feedback  to  achieve 
design  objectives  for  line  and  load  regulation  and  dynamic 
response.  Fortunately,  the  closed-loop  systems  used  in  switching 
power  supplies  are  usually  not  very  complicated,  permitting  the  use 
of  simple  analytical  techniques  to  achieve  loop  stabilization.  A 
simplified  version  of  the  Nyquist  stability  criteria  can  be  used 
because  unity  gain  crossover  occurs  only  once  in  the  gain  vs. 
frequency  characteristic.  Bode  plots  provide  a  simple  and  powerful 
method  of  displaying  and  calculating  the  loop  gain.  This  paper 
begins  with  a  quick  review  of  basic  control  loop  theory. 


Design  Considerations  for  Active  Clamp  and  Reset 
Technique  (SEM-1100) 


Performance  of  the  single-ended  forward  and  flyback  converters 
can  be  significantly  enhanced  by  use  of  the  active  clamp/reset 
technique.  The  benefits  of  this  technique  include  higher  efficiency 
at  high  switching  frequencies,  lower  EMI/RFI  and  lower  component 
stresses.  A  previous  Unitrode  Seminar  (SEM-1000)  and  other 
publications  have  provided  a  qualitative  overview  of  this  technique 
by  highlighting  various  modes  of  operation.  This  paper  addresses 
the  design  considerations  required  for  designing  single-ended 
active  clamp  forward  and  flyback  converters.  Major  performance 
trade-offs  are  identified  and  quantified.  A  design  procedure  with 
relevant  equations  is  provided.  This  procedure  is  used  to  design  an 
off-line  forward  converter  with  active  clamping.  Operating  results  of 
this  converter  are  presented  with  effects  of  certain  design  choices 
highlighted. 


(SEM-1100) 


-  Lloyd  Dixon 


-  Dhaval  Dalai 
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>ower  Factor  Switching  Preregulator  Design 
Optimization  (SEMI  100) 


Design  of  a  high  power  factor  active  preregulator  using  the  UC3854 
is  optimized  to  achieve  less  than  3%  harmonic  distortion  and  power 
factor  better  than  0,995  without  a  sample/hold.  The  circuit  operates 
over  a  line  voltage  range  exceeding  3:1  and  at  loads  approaching 
zero.  Under  these  wide-ranging  conditions,  the  loop  gain  is 
constant  and  the  dynamic  response  to  large  transient  changes  in 
d  is  excellent. 

-  Lloyd  Dixon 
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Unitrode  engineers  have  published  conference  papers  on  many  different 
subjects.  Listed  below  is  a  selection  of  these  titles.  If  you  are  interested  in 
receiving  a  copy  of  any,  please  call  Unitrode  Marketing  at  603-429-8725,  or 
return  the  postcard  in  the  Databook. 


Publications  by  Unitrode  Authors 


1.  "A  High-Efficiency  Boost  Algorithm  Optimizes  a  Lithium-Ion 
Battery  Regulator" 

Portable-by-Design  Conference,  February  1995. 

-  Bob  Mammano  and  Mickey  McClure 

2.  "A  Study  of  MOSFET  Performance  in  Processor  Targeted 
Buck  and  Synchronous  Rectifier  Buck  Converters" 

Power  Systems  World  Conference,  1996.  -  Larry  Spaziani 

3.  "Analysis  and  Design  of  a  250kHz,  500W  Power  Factor 
Correction  Circuit  Employing  Zero  Voltage  Transitions" 

High  Frequency  Power  Conversion  Conference,  1995. 

-  Jim  Noon 

4.  "Analysis  of  a  Voltage  Controlled  Frequency  Foldback 
Technique  that  Improves  Short  Circuit  Protection  for  Buck 
Derived  Converters" 

Intelec  Conference,  1996.  -  Phil  Cooke 

5.  "Charging  the  New  Batteries  -  IC  Controllers  Track  New 
Technologies" 

IEEE  Annual  Battery  Conference,  January  1995.     -  Bob  Mammano 

6.  "Constant  Input  Power  Modulation  Technique  for  High 
Efficiency  Boost  Converter  Optimized  for  Lithium-Ion  Battery 
Applications" 

APEC  1996.  -  Mickey  McClure  and  J.  Scott  Elder 

7.  "Converter  Optimization  for  Powering  Low  Voltage,  High 
Performance  Microprocessors" 

APEC  1996.  -  John  O'Connor 


Conference  Publications  (cont'd) 


8.  "Designing    for    Hot-Swap    Requires    Electronic  Circuit 
Breakers" 

Portable-by-Design  Conference,  February  1995. 

-  Bob  Mammano  and  Dave  Zendzian 

9.  "Designing  PWM  Power  Supplies  for  High  Efficiency  at 
Micropower  Levels" 

Portable-by-Design  Conference,  1997. 

-  Laszlo  Balogh  and  Bob  i 


10.   "Monolithic   Controller  for   Single    Stage    Power  Factor 
Correction  with  Isolation  and  Soft-Switching" 
High  Frequency  Power  Conversion  Conference,  1995. 

-  Jim  Bazinet  and  Dhaval  Dalai 


1 1 .   "New  Developments  in  High  Power  Factor  Circuit  T 

itembei 


Power  Systems  World  Conference,  Septem 


-  Bob  Mammano 


12.  "Novel  Control  IC  for  Single-Ended  Active  Clamp  Converters" 
High  Frequency  Power  Conversion  Conference,  1995. 

-  Dhaval  Dalai  and  Larry  Wofford 

13.  "The  Performance  of  the  Current  Doubler  Rectifier  with 
Synchronous  Rectification" 

High  Frequency  Power  Conversion  Conference  1995. 

-  Laszlo  Balogh 

14.  "Power  Conversion  Technique  Optimizes  Battery  Lifetime  and 
Provides  Multiple  Outputs  from  a  Single  Inductor" 

Portable-by-Design  Conference,  1997. 

-  Mark  Jordan  and  Eddy  Wells 

15.  "Practical  Design  Issues  for  PFC  Circuits" 

APEC 1997  -  Dhaval  Dalai 

16.  "System  and  Control  Design  for  a  DC  Motor  in  a  Force 
Feedback  Application" 

Incremental  Motion  Control  Systems  and  Devices,  1997. 

-  Phil  Cooke  and  Dave  Zendzian 
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Page  Numbers  refer  to  Unitrode  Data  Book  IC-1050 


Part  Number 


UCC391 1 
UCC3957 
UCC3951 

DC/DC  Switching 


Part  Number 

UCC3812 

UCC3941-3/-5/-ADJ 

UCC3954 

UC3886 

UCC3582 

UCC3585 

UCC3830-4/-5/-6 

UCC3880-4/-5/-6 

UCC3881  -1 /-2A3/-4/-5/-6 

UCC3882 


Description  Page  Number 

Lithium-ion  Battery  Charger  8-74 

Two  Cell  Lithium-ion  Protector  8-31 

3-4  Cell  Lithium-ion  Battery  Protector  8-83 

Lithium-ion  Battery  Monitor  8-55 

Regulators 



Description  Page  Number 

Boost  Regulator  3-199 

1V  Synchronous  Boost  Converter  8-41 

Single  Cell  Lithium-ion  to  3.3V  Converter  8-69 

P6  Power  Controller  3-422 

8  Pin  DC/DC  Controller  3-129 

Low  Voltage  DC/DC  Controller   * 

P6  Power  Controller  3-258 

P6  Power  Controller  3-378 

Average  Current  Mode  DC/DC  Controller  3-385 

P6  Synchronous  Buck  PWM  


Intelligent  Motion  Control 





Part  Number 

UC3638 

Interface 


Description  Page  Number 

Advanced  PWM  Motor  Controller   10-89 


Part  Number 

UCC5344 
UC5350 
UCC5615 
UCC5616 
UCC5617 
UCC5618 
UCC5619 
UCC5620 
UCC5621 
UCC5622 
UCC5630 


UCC5632 
UCC5640 


Description  Page  Number 

4MB  I  rDA  Transceiver   8-100 

CAN  Transceiver   6-23 

Simple  9  Line  SCSI  Terminator  6-86 

Simple  9  Line  SCSI  Terminator  6-89 

18  Line  Low  Capacitance  SCSI  Terminator  6-93 

18  Line  Low  Capacitance  SCSI  Terminator  6-97 

27  Line  Low  Capacitance  SCSI  Terminator  6-101 

27  Line  Low  Capacitance  SCSI  Terminator  6-104 

27  Line  Low  Capacitance  SCSI  Terminator  6-107 

27  Line  Low  Capacitance  SCSI  Terminator  6-110 

9  Line  Dual  Mode  Low  Voltage  Differential 

SCSI  Terminator   6-113 

LVD/SE  Regulator  SCSI  Terminator   6-117 

9  Line  Low  Voltage  Differential  SCSI  Terminator  6-118 


if) 


*  Consult  Factory 
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Page  Numbers  refer  to  Unitrode  Data  Book  IC-1050 
Low  Dropout  Linear  Regulators 

Part  Number  Description  Page  Number 

UCC3837  N-FET  LDO  Linear  Regulator   4-37 

UCC381 -3/-5/-ADJ         Low  Dropout  1  Amp  Linear  Regulator  4-3 

UCC383-3/-5/-ADJ         Three  amp  LDO  4-13 

UCC384-5,-12,-ADJ       Negative  LDO   4-44 

UC385-1/-2/-3/-ADJ       5  Amp  Fast  Low  Dropout  Linear  Regulator  4-49 

Power  Drivers 



Part  Number  Description  Page  Number 

UC3702  Quad  Relay  Driver  7-5 

UC37131/2  Smart  Power  Switch   7-39 

UCC3729  FET  Driver  with  UVLO  * 

UCC3776  Quad  FET  Driver  7-69 

Power  Supply  Support 

Part  Number  Description  Page  Number 

UCC3857  Isolated  PFC  Controller  5-34 

UCC3858  Energy  Star  PFC  Controller  5-39 

UC3902  Load  Share  Controller  3-452 

UCC3926  Integrated  Current  Sensor  * 

UC3960  Primary  Side  Startup  Circuit   * 

UC3961  Advanced  Primary  Side  Startup  Circuit  * 

UC3965  Precision  Voltage  Reference 

w/Low  Offset  Error  Amplifier   3-496 

Pulse  Width  Modulators 

Part  Number  Description  Page  Number 

UC3548  Average  Current  Mode  Primary  Side 

PWM  Controller  3-86 

UC3578  Buck  PWM  Stepdown  Voltage  Regulator  3-109 

UC3584  Secondary  Side  Synchronous  Post  Regulator  3-141 

UCC3580-1/-2/-3/-4       Single  Ended  Active  Clamp/Reset  PWM  3-114 

UCC3583  Switch  Mode  Secondary  Side  Post  Regulator  3-133 

UCC3807-1/-2/-3  Programmable  Maximum  Duty  Cycle 

PWM  Controller  3-180 

UCC3808-1/-2  8-Pin  Push-Pull  Controller  3-185 

UCC3809-1/-2  Economy  Primary  Side  Controller  3-189 

UCC3813-0/-1/-2/-3/-4/-5  Low  Power  Economy  BiCMOS 

Current  Mode  PWM  3-202 

UCC3827-1/-2  Buck  Current/Voltage  Fed  PWM  Controller  3-247 

UCC3829-1/-2  High  Speed  PWM  Controller  3-252 

UCC3839  Secondary  Side  Average  Current  Mode  Controller  .  .3-269 

*  Consult  Factory 
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Page  Numbers  refer  to  Unitrode  Data  Book  IC-1050 
Pulse  Width  Modulators  (cont'd) 

Part  Number  Description  Page  Number 

UCC3839  Secondary  Side  Average 

Current  Mode  Controller   3-269 

UCC3884  Frequency  Foldback  Current  Mode  PWM   3-407 

UCC3888  Off-Line  Power  Supply  Controller   3-429 

Special  Function 

Part  Number  Description  Page  Number 

UCC3831  USB  Hub  Power  Controller   4-17 

UC3910  P6  Reference/DAC/Monitor  3-482 

UCC3750  Source  Ring  Generator  3-157 

UC3908  Programmable  Voltage  Clamp  3-475 

UC3914  5V  to  35V  Hot  Swap  Power  Manager   9-14 

UCC391 6  SCSI  Termpower  Manager  9-31 

UCC3917  Floating  Positive  Hot  Swap  Power  Manager   9-34 

UCC391 8  Low  RDSon  Hot  Swap  Power  Manager  9-42 

UCC391 9  3V  to  8V  Hot  Swap  Power  Manager   9-48 

UCC3920  Negative  Voltage  Hot  Swap  Power  Manager  9-57 

UCC3921  Latchable  Hot  Swap  Power  Manager   9-63 

UCC3930-3/-5  Cellular  Telephone  Power  Converter  8-36 

UCC5341  1 1 5kBPS  IrDA  Receiver  8-91 

UCC5342  1 1 5kBPS  IrDA  Transceiver  8-93 

UCC5343  1 1 5kBPS  IrDA  Transceiver  W/Encoder/Decoder  .  . 

UCC3890  Off-Line  Battery  Charger  Circuit  


□ 
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A  NEW  INTEGRATED  CIRCUIT  FOR 
CURRENT  MODE  CONTROL 

Abstract 

The  inherent  advantages  of  current- mode  control  over  conventional  PWM  approaches  to  switching  power 
converters  read  like  a  wish  list  from  a  frustrated  power  supply  design  engineer.  Features  such  as  automatic  feed 
forward,  automatic  symmetry  correction,  inherent  current  limiting,  simple  loop  compensation,  enhanced  load 
response,  and  the  capability  for  parallel  operation  all  are  characteristics  of  current-mode  conversion.  This  paper 
introduces  the  first  control  integrated  circuit  specifically  designed  for  this  topology,  defines  its 
describes  practical  examples  illustrating  its  use  and  benefits. 


1.0 


Introduction 

Over  the  past  several  years  an  increased  interest  in 
current-mode  control  of  switching  inverters  has 
surfaced  in  the  literature.  Originally  invented  in  the 
late  1960s,  this  scheme  was  not  publicly  reported 
until  197711'  and  has  seen  rapid  development  by 
many  authors  to  date.'2-61  In  short,  current-mode 
control  uses  an  inner  or  secondary  loop  to  directly 
control  peak  inductor  current  with  the  error  signal 
rather  than  controlling  duty  ratio  of  the  pulse  width 
modulator  as  in  conventional  converters.  Practi- 
cally, this  means  that  instead  of  comparing  the  error 
voltage  to  a  voltage  ramp,  it  is  compared  to  an 
nalogue  of  the  inductor  current  forcing  the  peak 
nt  to  follow  the  error  voltage. 


s.  ve 
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R  Q 
LATCH 

J 

CLOCK         I  I  I 

OUTPUT 

FIGURE  1.  A  FIXED  FREQUENCY  CURRENT-MODE  CONTROLLED 
REGULATOR. 


Figure  1  illustrates  a  simplified  block  diagram  of  a 
fixed  frequency  buck  regulator  employing  current- 
mode  control.  As  shown,  the  error  signal,  Ve,  is 
controlling  peak  switch  current  which,  to  a  good 
approximation,  is  proportional  to  average  inductor 
current.  Since  the  average  inductor  current  can 
change  only  if  the  error  signal  changes,  the  inductor 
may  be  replaced  by  a  current  source,  and  the  order 
of  the  system  reduced  by  one.  This  results  in  a 
number  of  performance  advantages  including 
improved  transient  response,  a  simpler,  more  easily 
designed  control  loop,  and  line  regulation  compara- 
ble to  conventional  feed-forward  schemes.  Peak 
current  sensing  will  automatically  provide  flux 
balancing  thereby  eliminating  the  need  for  complex 
balance  schemes  in  push-pull  systems.  Addition- 
ally, by  simply  limiting  the  peak  swing  of  the  error 
voltage  Ve,  instantaneous  peak  current  limiting  is 
accomplished.  Lastly,  by  feeding  identical  power 
stages  with  a  common  error  signal,  outputs  may  be 
paralleled  while  maintaining  equal  current  sharing. 

Although  the  advantages  of  current-mode  control 
are  abundant,  wide  acceptance  of  this  technique 
has  been  hampered  by  a  lack  of  suitable  integrated 
circuits  to  perform  the  associated  control  functions. 
This  paper  introduces  a  new  integrated  circuit 
designed  specifically  for  control  of  current-mode 
converters.  Circuit  function  and  features  are  des- 
cribed in  detail,  and  a  comparative  design  example 
is  used  to  illustrate  the  numerous  advantages  of  this 
approach. 

2  0  UC1846  Chip  Architecture 

In  addition  to  all  the  functions  required  of  conven- 
tional PWM  controllers,  a  current-mode  controller 
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FIGURE  2.  UC1846  BLOCK  DIAGRAM 


must  be  able  to  sense  switch  or  inductor  current 
and  compare  it  on  a  pulse-by-pulse  basis  with  the 
output  of  the  error  amplifier.  As  may  be  seen  in  the 
block  diagram  of  Figure  2,  this  is  accomplished  in 
the  UC1846  by  using  a  differential  current  sense 
amplifier  with  a  fixed  gain  of  3.  The  amplifier  allows 
sensing  of  low  level  voltages  while  maintaining  high 
noise  immunity.  A  list  of  other  features,  while  not 
unique  to  current-mode  conversion,  demonstrates 
the  advanced,  state-of-the-art  architecture  of  the 
UC1846: 

•  A  ±  1%,  5.1V  trimmed  bandgap  reference  used 
both  as  an  external  voltage  reference  and  inter- 
nal regulated  power  source  to  drive  low  level 
circuitry. 

•  A  fixed  frequency  sawtooth  oscillator  with  varia- 
ble deadtime  control  and  external  synchroniza- 
tion capability.  Circuitry  features  an  all  NPN 
design  capable  of  producing  low  distortion 
waveforms  well  in  excess  of  1  MHz  . 

•  An  error  amplifier  with  common  mode  range  from 
ground  to  VCC-2V. 

•  Current  limiting  through  clamping  of  the  error 
signal  at  a  user-programmed  level. 

•  A  shutdown  function  with  built  in  350mV  thresh- 
old. May  be  used  in  either  a  latching,  or  non- 
latching  mode.  Also  capable  of  initiating  a 
"hiccup"  mode  of  operation. 


•  Under-voltage  lockout  with  hysteresis  to  guaran- 
tee outputs  will  stay  "off"  until  reference  is  in 
regulation. 

•  Double  pulse  suppression  logic  to  eliminate  the 
possibility  of  consecutively  pulsing  either  output. 

•  Totem  pole  output  stages  capable  of  sinking  or 
sourcing  100mA  continuous,  400mA  peak 
currents. 

These  various  features,  along  with  their  interrela- 
tionships and  applications  to  switched-mode  regu- 
lators, will  be  further  discussed  in  the  following 
sections. 

3.0  UC1846  Functional  Description 

3.1  Current  Sense  Amplifier 
The  current  sense  amplifier  may  be  used  in  a  var- 
iety of  ways  to  sense  peak  switch  current  for  com- 
parison with  an  error  voltage.  Referring  to  Figure  2, 
maximum  swing  on  the  inverting  input  of  the  PWM 
comparator  is  limited  to  approximately  3.5V  by  the 
internal  regulated  supply.  Accordingly,  for  a  fixed 
gain  of  3,  maximum  differential  voltages  must  be 
kept  below  1 .2V  at  the  current  sense  inputs.  Figure  3 
depicts  several  methods  of  configuring  sense 
schemes.  Direct  resistive  sensing  is  simplest,  how- 
ever, a  lower  peak  voltage  may  be  required  to  min- 
imize power  loss  in  the  sense  resistor.  Transformer 
coupling  can  provide  isolation  and  increase  effi- 
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ciency  at  the  cost  of  added  complexity.  Regardless 
of  scheme,  the  largest  sense  voltage  consistent 
with  low  power  losses  should  be  chosen  for  noise 
immunity.  Typically,  this  will  range  from  several 
hundred  millivolts  in  some  resistive  sense  circuits  to 
the  maximum  of  1.2V  in  transformer  coupled 
circuits. 


A.)  RESISTIVE  SENSING  WITH  GROUND  REFERENCE 


OUTPUT    rsens£ 


BJ  RESISTIVE  SENSING  ABOVE  GROUND 


CURRENT 


FIGURE  3.  VARIOUS  CURRENT  SENSE  SCHEMES 

In  addition,  caution  should  be  exercised  when  using 
a  configuration  that  senses  switch  current  (Figure 
3A)  instead  of  inductor  current  (Figure  3B).  As  the 
switch  is  turned  on,  a  large  instantaneous  current 
spike  can  be  generated  in  the  sense  resistor  as  the 
collector  capacitance  of  the  switch  is  discharged. 
This  spike  will  often  be  of  sufficient  magnitude  and 
duration  to  trip  the  current  sense  latch  and  result  in 
erratic  operation  of  the  PWM  circuit,  particularly  at 
lower  duty  cycles.  A  small  RC  filter  (Figure  4)  in 


series  with  the  input  is  generally  all  that  is  required 
to  reduce  the  spike  to  an  acceptable  level. 

_I^OUTPUT 

STAGE 


FIGURE  4.  RC  FILTER  FOR  REDUCING  SWITCH  TRANSIENTS 

3.2  Oscillator 

Although  many  data  sheets  tout  300  to  500kHz 
operation,  virtually  all  PWM  control  chips  suffer  from 
both  poor  temperature  characteristics  and  wave- 
form distortions  at  these  frequencies.  Practical 
usage  is  generally  limited  to  the  100  to  200kHz 
range.  This  is  a  direct  consequence  of  having  slow 
(ft  =  2MHz)  PNP  transistors  in  the  oscillator  signal 
path.  By  implementing  the  oscillator  using  all  NPN 
transistors,  the  UC1 846  achieves  excellent  temper- 
ature stabillity  and  waveform  clarity  at  frequencies 
in  excess  of  1MHz. 


«     n   n  n 

(PIN  101   1    1  1    1  1  1  

 -I    I—  OUTPUT  DEADTIME  (r„) 

FIGURE  5.  OSCILLATOR  CIRCUIT 

Referring  to  Figure  5,  an  external  resistor  RT  is  used 
to  generate  a  constant  current  into  a  capacitor  CT  to 
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produce  a  linear  sawtooth  waveform.  Oscillator  fre- 
quency may  be  approximated  by  selecting  RT  and 
CT  such  that: 

2.2 

RtCt  (1) 

Where  RT  can  range  from  1 K  to  500K  and  Ct  is 
above  100pF.  For  quick  reference  a  plot  of  fre- 
quency versus  RT  and  Or  is  given  in  Figure  6. 


o  10 


\  — 
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FREQUENCY  -  KILOHERTZ 

FIGURE  6.  OSCILLATOR  FREQUENCY  AS  A  FUNCTION  OF 
Rt  AND  Ct 

Again  referring  to  Figure  5,  the  oscillator  generates 
an  internal  clock  pulse  used,  among  otherthings.to 
blank  both  outputs  and  prevent  simultaneous  cross 
conduction  during  switching  transitions.  This  output 
"deadtime"  is  controlled  by  the  oscillator  fall  time. 
Fall  time,  in  turn,  is  controlled  by  CT  according  to  the 
formula: 


rd  =  1 45  CT 


r  12  -I 

[12-  3.6/RT(kQ)J 


For  large  values  of  RT: 

rd  =  1 45  Ct 


(2) 
(3) 


OUTPUT  DEAD  TIME  7d  -  MICROSECONDS 

FIGURE  7.  OUTPUT  DEADTIME  AS  A  FUNCTION  OF  TIMING 
CAPACITOR  Ct 


A  plot  of  output  deadtime  versus  Or  for  two  values  of 
RT  is  given  in  Figure  7. 

Although  timing  capacitors  as  small  as  1 0OpF  can 
be  used  successfully  in  low  noise  environments,  it  is 
generally  recommended  that  CT  be  kept  above 
1 0OOpF  to  minimize  noise  effects  on  the  < 
frequency  (see  Section  4.0). 

Synchronization  of  one  or  more  devices  to  either  an 
external  time  base  or  another  UC1846  is  accomp- 
lished via  the  bi-directional  SYNC  pin.  To  synchron- 
ize devices,  first,  Or  must  be  grounded  to  disable  the 
internal  oscillator  on  all  slaved  devices.  Second,  an 
external  synchronization  pulse  must  be  applied  to 
the  SYNC  terminal.  This  pulse  can  come  directly 
from  the  SYNC  terminal  of  a  master  UC1846  or, 
alternatively,  from  an  external  time  base  as  shown 
in  Figure  8. 


FIGURE  8.  SYNCHRONIZING  THE  1846  TO  AN  EXTERNAL 
TIME  BASE 

3.3  Current  Limit 

One  of  the  most  attractive  features  of  a  current- 
mode  converter  is  its  ability  to  limit  peak  switch 
currents  on  a  pulse-by-pulse  basis  by  simply  limit- 
ing the  error  voltage  to  a  maximum  value.  Referring 
to  Figure  9,  peak  current  limiting  in  the  UC1846  is 
accomplished  using  a  divider  network,  Ri  and  R2,  to 
set  a  pre-determined  voltage  at  pin  1 . 


FIGURE  9.  PEAK  CURRENT  LIMIT  SET  UP 
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This  voltage,  in  conjunction  with  Qi,  acts  to  clamp 
the  output  of  the  error  amplifier  at  a  maximum  value. 
Since  the  base  emitter  drop  of  d  and  the  forward 
drop  of  diode  Dt  very  nearly  cancel,  the  negative 
input  of  the  comparator  will  be  clamped  atthe  value 
Vpin  1  -0.5V.  Following  this  through  to  the  input  of 
the  current  sense  amplifier  yields: 

Vp,n  1-0.5 


Where  Vcs  is  the  differential  input  voltage  of  the 
current  sense  amplifier.  Using  this  relationship,  a 
value  for  maximum  switch  current  in  terms  of  exter- 
nal programming  resistors  can  be  derived,  resulting 

in: 

R2  (Vref)  -0.5 
Ri  +  R2 


While  still  on  the  subject  of  resistor  selection,  it 
should  be  pointed  out  that  Ri  also  supplies  holding 
current  for  the  shutdown  circuit,  and  therefore 
should  be  selected  prior  to  selecting  R2  as  outlined 
in  the  next  section. 

One  last  word  on  the  current  limit  circuit.  As  may  be 
seen  from  equation  5,  any  signal  less  than  0.5V  at 
the  current  limit  input  will  guarantee  both  outputs  to 
be  off,  making  pin  1  a  convenient  point  for  both 
shutting  down  and  slow  starting  the  PWM  circuit. 
For  example,  both  the  under-voltage  lockout  and 
shutdown  functions  are  connected  internally  to  this 
point.  If  a  capacitor  is  used  to  hold  pin  1  low  (Figure 
1 0)  then  as  the  input  voltage  increases  above  the 
under-voltage  lockout  level,  the  capacitor  will 
charge  and  gradually  increase  the  PWM  duty  cycle 
to  its  operating  point.  In  a  similar  manner  if  the 
shutdown  amplifier  is  pulsed,  the  shutdown  SCR  will 
be  fired  and  the  capacitor  discharged,  guarantee- 
ing a  shutdown  and  soft  restart  cycle  independent 
of  input  pulse  width. 


FIGURE  10.  USING  UNDER-VOLTAGE  LOCKOUT  AND  SHUTDOWN 
TO  INITIATE  A  SLOW  START 


3.4  Shutdown 

The  shutdown  circuit,  shown  in  Figure  1 1 ,  was 
designed  to  provide  a  fast  acting  general  purpose 
shutdown  port  for  use  in  implementing  both  protec- 
tion circuitry  and  remote  shutdown  functions.  The 
circuit  may  be  divided  into  an  input  section  consist- 
ing of  a  comparator  with  a  350mV  temperature 
compensated  offset,  and  an  output  section  consist- 
ing of  a  three  transistor  latch.  Shutdown  is  accomp- 
lished by  applying  a  signal  greater  than  350mV  to 
pin  1 6,  causing  the  output  latch  to  fire,  and  setting 
the  PWM  latch  to  provide  an  immediate  signal  to  the 
outputs.  At  this  point,  several  things  can  happen.  Qi 
requires  a  minimum  holding  current,  lH,  of  approxi- 
mately 1 .5mA  to  remain  in  the  latched  state.  There- 
fore, if  Ri  is  chosen  greater  than  5kQ,  Cm  will 
discharge  any  capacitance,  Cs,  on  pin  1  to  ground 
and  commutate  the  output  latch,  allowing  Cs  to 
recharge.  If  Ri  is  chosen  less  than  2.5kQ,  d  will 
discharge  Cs  and  remain  in  the  latched  state  until 
power  is  externally  cycled  off.  In  either  case,  Cs  is 
required  only  if  a  soft-start  or  soft-restart  function  is 
desired. 


FIGURE  11.  SHUTDOWN  CIRCUITRY 

For  example,  the  shutdown  circuit  of  Figure  12, 
operating  in  a  nonlatched  mode,  will  protect  the 
supply  from  overcurrent  fault  conditions.  Many 
times,  if  the  output  of  a  supply  is  shorted,  circulating 
currents  in  the  output  inductor  will  build  to  danger- 
ous levels.  Pulse-by-pulse  current  limiting  with  its 
inherent  time  delay,  will  in  general  not  be  able  to 
limit  these  currents  to  acceptable  levels.  Figure  1 2 
details  a  circuit  which  will  provide  shutdown  and 
soft-restart  if  the  overcurrent  threshold  set  by  R3 
and  R4  is  exceeded.  This  level  should  be  greater 
than  the  peak  current  limit  value  determined  by  Ri 
and  R2  (see  equation  5).  Sometimes  called  a  "hic- 
cup mode",  this  overcurrent  function  will  limit  both 
power  and  peak  current  in  the  output  stages  until 
the  fault  is  removed. 
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FIGURE  12.  OVER  CURRENT  SENSING  WITH  THE  SHUTDOWN 

CIRCUIT  PRODUCES  A  SHUTDOWN  -  SOFT  RESTART 
CYCLE  TO  PROTECT  OUTPUT  DRIVERS 


40  Noise  Immunity 

As  in  all  PWM  circuits,  some  simple  precautions 
should  be  observed  to  prevent  switching  noise  from 
prematurely  triggering  the  oscillator  as  it 
approaches  its  upper  threshold.  This  is  most  evi- 
dent when  large  capacitive  loads  —  such  as  the 
gates  of  power  FETS  —  are  directly  driven  from 
outputs  A  and  B.  As  the  duty  cycle  approaches 
1 00%,  the  current  spike  associated  with  this  output 
capacitance  can  cause  the  oscillator  to  prema- 
turely trigger  with  a  resulting  shift  upward  in  fre- 
quency. By  separating  high  current  ground  paths 
from  low  level  analog  grounds,  using  Ct  values 
greater  than  1000pF  grounded  directly  to  pin  12, 
and  decoupling  both  V|N  and  VREf  with  good  quality 
bypass  capacitors,  noise  problems  can  be  avoided. 

5  0  Comparative  Design  Example 

To  more  vividly  illustrate  the  advantages  of  current- 
mode  control,  a  relatively  simple  push-pull  forward 
converter  was  designed  using  two  interchangeable 
control  sections,  as  shown  in  Figure  1 3.  The  control 
modules  consist  of  (a)  a  UC1846  current-mode 
controller  with  associated  circuitry,  and  (b)  a  con- 
ventional UC1 525A  PWM  controller  with  its  support 
circuitry.  Loop  compensation  of  the  UC1 525A  was 
implemented  by  placing  a  zero  in  the  feedback  loop 
to  cancel  one  of  the  poles  in  the  output  stage, 
resulting  in  a  unity  gain  bandwidth  of  approximately 
3kHz  —  a  commonly  used  technique.  Compensat- 
ing the  current-mode  converter  requires  somewhat 
of  a  different  approach.  Since  the  output  stage  con- 
tains only  a  single  pole,  in  theory  closing  the  loop 
will  produce  a  stable  system  with  no  additional 
compensation.  In  practice,  however,  it  has  been 
shown  that  subharmonic  oscillation  will  result  from 
excess  gain  at  half  the  switching  frequency'51. 
Therefore,  a  pole-zero  combination  has  been 


placed  in  the  feedback  loop  to  reduce  high  fre- 
quency gain  and  allow  the  output  capacitor  (low 
ESR)  to  roll  off  loop  gain  to  OdB  at  3kHz. 

While  not  demonstrated  in  Figure  13,  fixed  fre- 
quency current-mode  converters  are  known  to  be 
unstable  above  50%  duty  cycle  without  some  form 
of  slope  compensation14"6'.  By  injecting  a  small  cur- 
rent from  the  sawtooth  oscillator  into  the  positive 
terminal  of  the  current  sense  amplifier,  slope  com- 
pensation is  accomplished,  and  the  converter  can 
be  operated  in  excess  of  50%  duty  cycle.  An  alter- 
nate, but  just  as  effective,  scheme  would  be  to  inject 
the  signal  into  the  negative  terminal  of  the  error 
amplifier. 

As  may  be  seen,  a  similar  parts  count  for  both 
supplies  was  encountered.  Topological^,  using  the 
UC1 525A  shutdown  terminal  provided  only  a  crude 
current  limit  in  contrast  to  the  UC1846.  Further- 
more, internal  double  pulse  suppression  circuitry  of 
the  UC1846  gave  an  added  level  of  protection 
against  core  saturation  —  important  if  your  regula- 
tor is  prone  to  subharmonic  oscillations.  Since  both 
regulators  were  over-designed  to  withstand  a  short 
circuit  on  the  output  with  resultant  high  peak  cur- 
rents, the  shutdown-restart  mode  of  the  UC1846 
was  not  used. 

It  should  be  pointed  out  at  this  time  that  one  of  the 
main  features  of  a  current-mode  converter  of  this 
type  is  its  ability  to  be  paralleled  with  similar  units. 
By  disabling  the  oscillator  and  error  amplifiers  (CT 
grounded,  +E/A  to  VREf,  -E/A  grounded)  of  one  or 
more  slave  modules,  and  connecting  SYNC  and 
COMP  pins  of  the  slave(s)  respectively,  the  outputs 
may  be  connected  together  to  provide  a  modular 
approach  to  power  supply  design. 

Starting  with  Figure  14,  a  comparison  of  line  and 
load  step  responses  is  made  between  the  two  con- 
verters. As  a  result  of  the  feed-forward  effect  of  the 
current-mode  converter,  response  to  a  step  input 
change  shows  more  than  an  order  of  magnitude 
improvement  (Figure  14a)  when  compared  to  the 
conventional  converter  (Figure  14b).  Although  not 
as  pronounced,  response  to  a  step  load  change 
leaves  the  UC1846  converter  (Figure  15)  with  a 
clear  advantage  in  output  response  —  40mV  as 
compared  to  70mV  for  the  UC1525A. 

Virtually  all  conventional  push-pull  converters  are 
prone  to  flux  imbalance  caused  by  mismatched 
storage  delays,  etc.,  in  the  output  stage.  Figure  16 
shows  both  converters  operating  with  the  same 
power  stage.  No  effort  was  made  to  match  output 
devices.  As  may  be  seen,  there  is  little  noticeable 
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difference  between  switch  currents  of  the  UC1 846.  transistors  —  shows  phase  B  driving  the  core  close 

However,  the  UC1525A  —  with  identical  output  to  saturation  with  50%  more  current  than  phase  A. 


VlN 


(B)  UC1 525A  VOLTAGE  MODE  CONTROLLER 

a 

FIGURE  1  3.  PUSH-PULL  FORWARD  CONVERTER  WITH  (A)  CURRENT-MODE  CONTROL  AND  (B)  VOLTAGE  MODE  CONTROL  < 


6  0  Conclusion 

Rarely  do  new  design  techniques  evolve  that  can 
promise  as  much  as  current-mode  control  for  the 
power  supply  engineer.  We  have  shown  this  to  be  a 
simple  technique  easily  extended  from  present 
converter  topologies,  that  will  increase  dynamic 
performance  and  provide  a  higher  degree  of  relia- 
bility while  permitting  new  approaches  to  modular 


design.  Until  recently,  current-mode  converters 
could  not  compete  with  the  economics  of  conven- 
tional converters  designed  with  I.C.  controllers. 
Now,  with  the  UC1846  designed  specifically  forthis 
task,  current-mode  control  can  provide  all  of  the 
above  performance  advantages  on  a  cost  competi- 
tive basis. 
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APPLICATION  NOTE 

THE  UC1901  SIMPLIFIES  THE  PROBLEM  OF  ISOLATED 
FEEDBACK  IN  SWITCHING  REGULATORS 


1.  Introduction 

The  UC1901  simplifies  the  task  of  closing  the 
feedback  loop  in  isolated,  primary-side  control, 
switching  regulators  by  combining  a  precision 
reference  and  error  amplifier  with  a  complete 
amplitude  modulation  system.  Using  the  IC's 
amplitude  modulated  output,  loop  error  signals  can 
be  transformer  coupled  across  high  voltage  isola- 
tion boundaries,  providing  stable  and  repeatable 
closed-loop  characteristics.  Coupling  across  an 
isolation  boundary  is  nothing  new  in  transformer 
technology,  and  the  UC1901's  ability  to  generate 
carrier  frequencies  of  up  to  5MHz  keeps  the  trans- 
former size  and  cost  at  a  minimum.  With  a  second- 
ary reference  and  accurate  coupling  path  for  the 
feedback  signal,  isolated  off-line  supplies  can 
reliably  achieve  the  tolerances,  regulation,  and  tran- 
sient performance  of  their  non-isolated  counter 
parts  and  still  take  advantage  of  the  benefits  of 
primary-side  control. 

Closing  a  feedback  loop  in  a  simple  or  complex 
system  requires  a  thorough  understanding  of  all 
of  the  loop  elements.  Worse  case  variations  of 
each  element  must  be  taken  into  account  when 
loop  stability,  dynamic  response,  and  operating 
point  are  determined.  Unpredictability  in  any  of  the 
loop  components  will  affect  the  overall  design  by 
making  it,  necessarily,  more conservative.Thetrans- 
ient  response  of  a  control  loop,  for  example,  will 
usually  suffer  if  a  loop  must  be  heavily  compensated 
to  guarantee  stability  with  component  variations. 

To  obtain  high  levels  of  load  and  line  regulation,  the 
output  voltage  of  a  power  supply  must  be  sensed 
and  compared  to  an  accurate  reference  voltage. 
Any  error  voltage  must  be  amplified  and  fed  back  to 
the  supply's  control  circuitry  where  the  sensed  error 
can  be  corrected.  In  an  isolated  supply,  the  control 
circuitry  is  frequently  located  on  the  primary,  or 
line,  side  of  the  supply.  As  shown  in  Figure  1,  the 
feedback  signal  in  this  type  of  supply  must  cross 
the  isolation  boundary.  Coupling  this  signal  requires 
an  element  that  will  withstand  the  isolation  poten- 
tials and  still  transfer  the  loop  error  signal.  Though 
some  significant  drawbacks  to  their  use  exist,  optical 
couplers  are  widely  used  for  this  function  due  to 
their  ability  to  couple  DC  signals.  Primarily,  opto- 
couplers  suffer  from  poor  initial  tolerance  and  sta- 


bility. The  gain,  or  current  transfer  ratio,  through  an 
opto-coupler  is  loosely  specified  and  changes  as  a 
function  of  time  and  temperature.  This  variation  will 
directly  affect  the  overall  loop  gain  of  the  system, 
making  loop  analysis  more  difficult  and  the  resulting 
design  more  conservative.  In  addition,  limited  band- 
width capability  prevents  the  use  of  optical  couplers 
when  an  extended  loop  response  is  required. 
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FIGURE  1:  A  Typical  Closed-Loop  Isolated  Power  Supply 
With  Primary-Side  Control. 

With  reliability  firmly  situated  as  an  important  aspect 
of  electrical  design,  the  benefits  of  primary-side 
control  are  increasingly  attractive  in  off-line  designs. 
The  organization  of  an  off-line  switcher  with  primary- 
side  control  (See  Figure  1 )  puts  the  control  function 
on  the  same  side  of  the  isolation  boundary  as  the 
switching  elements.  Not  only  does  this  simplify  the 
interface  between  the  controller  and  switches,  it 
makes  the  protection  of  these  switches  much  easier. 
Sensing  of  the  switch  currents  and  voltage  can 
avoid  failures  and  improve  over-all  supply  perform- 
ance. The  argument  for  primary-side  control  has 
been  further  strengthened  by  the  introduction  of  a 
new  generation  of  control  IC's.  The  controllers  incor- 
porate such  features  as  low  current  start-up,  high 
speed  current  sensing  for  pulse-by-pulse  current 
limiting,  and  voltage  feed-forward.  Low  current 
start-up  alleviates  the  problem  of  efficiently  sup- 
plying power  to  a  line-side  controller,  while  fast 
current  limit  circuitry  and  voltage  feed-forward  take 
advantage  of  the  proximity  of  a  primary-side  con- 
troller to  both  the  power  switch(es)  and  the  input 
supply  voltage. 

Combining  all  of  the  necessary  functions  to  generate 
an  AM  feedback  signal  on  the  UC1 901  make  it  the 
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first  IC  of  its  type.  As  will  be  seen,  the  UC1901  can 
be  used  in  several  modes  to  take  full  advantage  of 
its  functions.  Recognizing  the  continuing  evolution 
of  power  converter  technology  the  UC1901  is 
intended  to  simplify  the  design  of  a  ne\ 


:er 


reliable  and  higher  performa 

2.  TheUC1901  Functions 

The  operation  of  the  UC1901  is  best  undestood  by 
considering  a  typical  application.  In  Figure  2,  the 
UC1901  is  shown  providing  the  feedback  signal  to 
close  the  loop  in  an  isolated  switching  power  supply. 
With  any  feedback  system  it  is  desirable  to  compare 
the  system  output  to  the  system  reference  with  a 
minimum  of  intermediate  circuitry.  With  the  UC1 901 
situated  on  the  secondary,  or  output  side  of  the 
supply,  the  output  voltage  is  simply  divided  down 
and  compared  to  the  1 ,5V  reference  using  the  chip's 
high  gain  error  amplifier.  In  this  manner  DC  errors  at 
the  supply  output  are  kept  minimal  even  if  signifi- 
cant non-linearities,  or  offsets,  occur  in  the  remain- 
der of  the  power  supply  loop.  Since  the  1 .5V  output 
on  the  UC1901  is  a  trimmed,  precision,  reference, 
the  need  for  a  trim-pot  to  fine  tune  the  output 
voltage  is  eliminated. 

To  make  the  UC1 901  compatible  with  single  output 
5V  power  supplies  it  is  designed  to  operate  with 
input  voltages  as  low  as  4.5V.  This  allows  the  part  to 
be  powered  directly  from  a  TTL  compatible  5V 
output.  A  nominal  supply  current  of  only  5mA  allows 
the  part  to  be  easily  operated  at  its  maximum  input 
voltage  rating  of  40V  without  worry  of  excessive 
power  dissipation. 


The  amplified  error  signal  at  the  UC1901's  com- 
pensation output  is  internally  inverted  and  applied 
to  the  modulator.  The  other  input  to  the  modulator  is 
the  carrier  signal  from  the  oscillator.  The  modulator 
combines  these  two  signals  to  produce  a  square 
wave  output  signal  with  an  amplitude  that  is  directly 
proportional  to  the  error  signal  and  whose  frequency 
is  that  of  the  oscillator  input.  This  output  is  buffered 
and  applied  to  the  coupling  transformer.  With  the 
internal  oscillator,  carrier  frequencies  into  the  mega- 
hertz range  can  be  generated.  Operating  at  high 
frequencies  can  reduce  both  the  size  and  cost  of 
the  coupling  transformer.  The  secondary  winding  on 
the  coupling  transformer  drives  a  diode-capacitor 
peak  detector.  With  a  simple  resistive  load  to  allow 
discharging  of  the  holding  capacitor  an  effective 
amplitude  demodulator  is  formed.  The  small  signal 
voltage  gain  from  the  error  amplifier  input  to  the 
detector  output  is  a  function  of  the  feedback  net- 
work around  the  error-amp,  the  modulator  gain,  the 
turns  ratio  of  coupling  transformer,  and  any  loss  in 
the  demodulator. 

In  Figure  2  the  relationship  of  the  detector  output  to 
the  sense  supply  voltage  is  non-inverting.  This  is 
necessary  to  guarantee  start-up  of  the  supply.  Since 
the  UC1 901 ,  as  shown,  is  powered  from  the  supply's 
output,  the  initial  feedback  signal  back  to  the  PWM 
controller  will  always  be  zero.  The  required  180°  of 
DC  phase  shift  is  easily  achieved  by  inverting  the 
signal  with  the  error  amplifier  that  is  present  in  most 
any  PWM  controller  circuit. 

In  some  applications  it  may  be  desirable  to  operate 
the  carrier  frequency  of  the  UC1901  in  synchroni- 
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FIGURE  2:  With  a  Precision  Reference,  and  a  Complete  Amplitude  Modulation  System,  the  UC1901 
Feedback  Loops  be  Closed  Using  a  Small  Signal  Transformer. 
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FIGURE  3:  The  Compensation  Output  on  the  UC1901  can  be  used  to  Accurately  Control  the  AM  Waveform  Output 
A  Simplified  Schematic,  (a)  Shows  the  internal  Signal  Split  into  the  Modulator,  voltage  Waveforms,  (b)  Across 
the  Modulator  Outputs,  and  at  the  Compensation  Output  show  the  Modulator  Transfer  Characteristic 

zation  with  a  system  clock,  or  reference  frequency. 
In  many  situations,  operation  of  the  UC1901  at 
the  switching  frequency  of  the  power  supply  can  be 
beneficial.  One  such  application  is  presented  in 
this  article.  To  accommodate  this  need  the  UC1 901 
has  an  external  clock  input. 

One  additional  mode  of  operation  is  possible  if  the 
oscillator  is  left  disabled  and  the  external  clock 
signal  is  kept  low  (or  floated).  In  this  condition  the 
error  amplifier  can  be  used  in  a  linear  fashion  with 
its  output  taken  at  the  driver  A  output.  The  driver  B 
output  will  be  at  a  fixed  DC  voltage  about  1 .4V  from 
the  input  supply  voltage.  If  the  external  clock  signal 
is  tied  high  the  roles  of  the  two  driver  outputs  are 
reversed.  With  15mA  of  output  current  capacity, 
the  two  outputs  can  easily  be  combined  to  reference 
and  drive  an  optical  coupler.  Although  the  instabilities 
of  the  coupler  will  still  be  present,  the  advantages  of 
the  UC1 901  's  precision  reference,  high  gain  ampli- 
fier-driver, and  4.5V  supply  operation  can  be  utilized. 

3.  A  Controlled  Feedback  Response 

There  are  many  different  topologies  which  can  be 


used  when  implementing  a  switching  power  supply. 
For  off-line  supplies,  fly-back  and  forward  convert- 


ers are  often  designed.  In  the  near  future  current- 
mode  control  versions  of  these  may  also  be  widely 
used.  Each  of  these  converter  topologies  has  a 
different  forward  transfer  characteristic  and,  within 
each  type  of  converter,  operating  point,  continuous 
Oi  discontinuous  inductor  current,  and  voltage  or 
current-mode  duty  cycle  control  are  a  few  of  the 
factors  which  can  alter  this  characteristic.  In  short, 
the  task  of  optimally  designing  a  feedback  network 
for  one  supply  must  usually  be  repeated  when  the 
next  supply  is  designed. 
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Once  the  forward  transfer  function  of  a  particular 
converter  has  been  determined,  various  factors 
such  as  stability,  line  regulation,  load  regulation, 
and  transient  response  will  determine  the  overall 
loop  response,  and  therefore  feedback  response, 
required.  One  of  the  objectives  of  the  UC1901,  in 
addition  to  allowing  a  controlled  isolated  feedback 
response,  is  to  make  the  task  of  implementing  a 
given  response  as  easy  as  possible.  With  the  com- 
pensation node  on  the  UC1 901 ,  local  R-C  feedback 
networks  can  be  used  to  shape  the  small  signal 
gain  and  phase  frequency  response  of  the  overall 
feedback  network. 


The  error  amplifier  on  the  chip  has  a  typical  open 
loop  gain  of  60dB  and  is  internally  compensated  to 
have  a  unity  gain  bandwidth  of  just  above  1MHz. 
Both  of  these  characteristics  are  measured  with 
respect  to  the  compensation  node  (Pin1 2).  As  shown 
in  Figure  3a,  the  amplified  error  signal  is  internally 
split,  at  the  collectors  of  Q,  and  Q2,  and  fed  to  both 
the  modulator  and  the  compensation  output.  Apply- 
ing feedback  from  the  compensation  output  to  the 
error  amplifier's  inverting  input  controls  the  small 
signal  collector  current  through  Q,.  Since  Q2 
sees  the  same  base  voltage,  and  its  emitter  resist- 
ance is  the  same,  its  collector  current  will  track  that 
of  Q,.  The  collector  current  of  Q2  feeds  the  modu- 
lator and  determines  the  amplitude  of  its  output 
signal.  The  4-to-1  ratio  of  resistors  R4  (or  R5) 
and  R2  results  in  a  fixed  12dB  of  small  signal  gain 
measured  as  the  ratio  of  the  amplitude  of  the  differ- 
ential signal  at  the  modulator  outputs  to  the  com- 
pensation mode  signal.  This  relationship,  as  well  as 
the  function  of  the  modulator,  is  shown  in  Figure  3b. 
The  scope  traces  show  a  200mV  peak  to  peak  sinu- 
soid at  2.5kHz,  measured  at  the  compensation 
output,  and  the  resulting  800mV  variations  in  the 
peak  amplitude  of  a  25kHz  square  wave  carrier  as 
measured  across  the  modulator's  differential  output. 

The  remaining  factors  influencing  the  response  of 
the  feedback  path  are  the  signal  gain  through  the 
transformer,  the  detector  circuit,  and  the  circuitry 
between  the  detector  output  and  the  supply's  PWM. 
The  signal  gain  through  the  transformer  is  simply 
the  turns  ratio  of  transformer.  The  small  signal 
detector  gain  can  usually  be  assumed  to  be  unity 
as  long  as  the  AC  load  presented  to  the  detector  is 
kept  small.  Some  load  on  the  detector  is  necessary 
to  allow  its  output  to  slew  in  a  negative  direction. 
Figure  4  summarizes  the  transfer  and  output  char- 
acteristics of  a  typical  transformer  and  detector. 
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FIGURE  4:  A  Typical  Detector  Model  and  its  Output 
Characteristics. 

Here  the  load  on  the  detector  is  modeled  as  a 
current  source,  simplifying  the  equations.  In  actual 
practice  the  operating  point  of  the  detector  output 
will  be  determined  by  the  circuitry  which  inter- 
faces it  with  the  PWM  input.  Since  the  minimum 
recovery  from  the  detector  is  zero  volts  a  nominal 
positive  operating  level  which  provides  adequate 
dynamic  range  for  DC  and  transient  conditions 
should  be  chosen. 


The  UC1901  is  specified  to  generate  maximum 
carrier  levels  equal  to  or  in  excess  of  1.6V  peak. 
This  indicates  that  a  turns  ratio  of  greater  than 
one-to-one  will  be  required  for  the  coupling  trans- 
former if  the  detector  output  must  exceed  approxi- 
mately 1V,  (allowing  for  a  detector  diode  drop  of 
0.6V).  It  should  be  noted  that  many  switching  power 
supplies  now  being  designed  include  an  integrated 
PWM  control  IC.  Atypical  PWM  IC  includes  a  dedi- 
cated error  amplifier  which  amplifies  and  buffers 
the  input  error  voltage  and  applies  it  to  the  PWM 
ramp  comparator.  This  amplifier  can  be  readily  used 
to  fix  a  nominal  detector  operating  point  that  is 
compatible  with  a  one-to-one  transformer.  Addition- 
ally, the  error  amplifier  on  the  UC1901  and  the 
PWM's  amplifier  can  be  combined  to  achieve  both 
large  DC  loop  gains  for  improved  load  and  line 
regulation,  and  the  optimization  of  the  loop  gain 
and  phase  frequency  response  for  improved  tran- 
sient and  stability  performance. 

4.  Transformer  Requirements 

The  coupling  transformer  used  with  the  UC1901 
has  two  primary  requirements.  First,  it  must  provide 
DC  isolation.  Secondly,  it  should  transfer  voltage 
information  across  the  isolation  boundary.  Meeting 
the  first  requirement  of  DC  isolation  will  depend  on 
specific  applications.  In  general,  though,  small  signal 
transformers  can  be  readily  built  to  meet  the  isola- 
tion requirements  of  today's  line-operated  systems. 
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For  the  most  stringent  applications,  E-type  cores 
with  bobbin  carried  windings  are  inexpensively 
available  or  built.  Where  small  size  is  most  important, 
a  simple  toroid  core  can  be  used. 

The  second  requirement  of  the  transformer  prima- 
rily determines  the  amount  of  magnetizing  induct- 
ance it  must  have.  The  magnetizing  inductance  of  a 
transformer  refers  to  the  actual  inductance  formed 
by  the  windings  around  the  core  material.  In  many 
classical  transformer  examples,  the  magnetizing 
inductance  is  ignored.  This  is  a  valid  approximation 
since,  in  these  examples,  the  magnetizing  current 
required  is  much  less  than  the  reflected  load 
currents.  In  this  case,  the  load  currents  are  small 
and,  as  the  transformer  inductance  is  reduced,  the 
magnetizing  currents  become  dominant. 

The  driver  outputs  on  the  UC1901  are  emitter  fol- 
lowers which  are  biased  at  700>A.  Therefore,  if  the 
drivers  are  operated  without  additional  bias  current 
the  peak  current  through  the  transformer's  primary 
winding  cannot  exceed  this  value.  Figure  5a  illus- 
trates the  relationship  of  the  magnetizing  current  to 
the  voltage  across  the  transformer's  input.  If  the 
reflected  load  currents  are  neglected,  it  can  be 
seen  that  the  minimum  magnetizing  inductance 
required  for  linear  transfer  of  the  modulator  square- 
wave  is  given  by: 
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Where:      U,    =   the  magnetizing  inductance, 
VP    =  the  peak  carrier  voltage  across 

transformer  inputs, 
fc     =   the  UC1 901  operating  frequen- 
cy, 

lP     =  the  bias  current  of  the  UC1 901 
drivers. 

As  an  example,  consider  the  case  where  Vp  is 
equal  to  2V,  fc  is  1 00kHz,  and  the  drivers  are  operat- 
ing at  their  internal  bias  levels.  Using  equation  1 , 
the  inductance  looking  into  the  primary  winding 
with  no  secondary  load  must  be  greater  than  7.1  mH. 
Alternatively,  if  the  carrier  frequency  is  raised  to 
1  MHz  and  the  bias  levels  of  the  UC1 901  drivers  are 
increased  to  3.5mA,  then  Ui  can  be  as  low  as 
1  50/jH.  Using  high  permeability  ferrite  material,  this 
level  of  magnetizing  inductance  can  be  realized  with 
as  little  as  1 0  turns  on  a  small  toroid  core. 

Equation  1  sets  a  minimum  limit  on  the  magnetizing 
inductance  for  linear  transfer  of  the  carrier  wave- 


FIGURE  5:  The  UC1 901  Driver  Outputs  Follow  the  Mod- 
ulator Output  Square  Wave,  (a.),  Sourcing 
and  Sinking  Current  Levels  Dependent  on 
Transformer  Inductance,  Carrier  Frequency, 
and  voltage  Level  When  the  Bias  Level  of  the 
Driver  Outputs,  Ip,  is  Reached,  (b.),  a  Tri-state 
Waveform  is  Coupled  Across  the  Transformer, 
the  Peak  voltage  Level  Though,  Remains  Ap- 
proximately the  Same.  The  Reflected  Load 
Currents  are  Assumed  Negligible. 

form.  Actually,  the  amplitude  information  is  still 
coupled  even  when  the  inductance  is  less  than  this 
minimum.  In  this  case,  the  UC1901  drivers  will 
support  the  voltage  across  the  coil  until  the  peak 
current  is  reached.  The  result,  illustrated  in  Figure 
5b,  is  a  tri-state  waveform  at  the  transformer's  input 
and  output.  Peak  detection  of  this  waveform  yields 
the  same  amplitude  information  as  the  linear  trans- 
fer case,  although  detection  ripple  will  increase. 
Another  situation  which  results  in  a  tri-state  wave- 
form exists  when  the  carrier  duty  cycle  is  not  50%. 
In  this  case,  the  volt-seconds  across  the  transformer 
will  be  balanced  by  an  "imbalancing"  of  the  driver 
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bias  levels.  The  imbalance  will  be  sufficient  to  cause 
the  peak  current  to  be  reached  during  the  >  50% 
portion  of  the  carrier  waveform. 

5.  The  High  Frequency  Oscillator 

The  oscillator  circuit  on  the  UC1901  is  designed 
to  operate  at  frequencies  of  up  to  5MHz.  To  achieve 
this  operating  range  the  circuit  shown  in  Figure  6 
uses  only  NPN  transistors  in  those  parts  of  circuit 
which  are  dynamically  involved  in  the  actual  oscilla- 
tion. The  standard  bipolar  process  used  to  produce 
the  UC1 901  characteristically  yields  high  fT,  typically 
250MHz,  NPN  devices.  Conversely,  the  same  pro- 
cess has  PNP  structures  with  fT's  of  only  1  to  2MHz. 
In  the  oscillator,  PNP's  are  used  only  in  determining 
quiescent  operating  points  of  the  circuit. 

The  latched  comparator  formed  by  Q,-Q4,  diodes 
D,  and  D2,  and  resistors  R,  and  R2  has  a  controlled 
input  hysteresis  which  determines  the  peak  to  peak 
voltage  swing  on  the  timing  capacitor  CT.  The  timing 
capacitor  CT  is  referenced  to  V,N  since  this  is  the 
reference  point  for  the  latched  comparator's  thresh- 
olds. The  comparator's  outputs  at  D,  and  D2  switch 
the  2X  current  source  through  Q10  changing  the  net 
current  into  the  timing  capacitor  from  positive  to 
negative,  reversing  the  capacitor  voltage's  dv/dt. 


When  the  resulting  ramp  reaches  the  comparator's 
lower  threshold,  the  current  is  switched  back  to 
Q„  and  the  ramp  reverses  until  the  upper  thres- 
hold is  reached  and  the  process  begins  again.  This 
results  in  a  triangle  waveform  at  Cj  and  a  squarewave 
signal  at  D,  and  D2. 

The  magnitude  of  the  charging  current  is  controlled 
by  the  external  resistor,  RT  and  the  internally  gener- 
ated voltage  across  it.  This  voltage  is  compensated 
to  track  variations  in  the  comparator  hysteresis.  The 
tracking  characteristics  of  this  voltage  stabilize  the 
oscillation  frequency  over  temperature  and  enhance 
the  initial  frequency  tolerance.  Typically,  repeatability 
and  temperature  stability  of  the  operating  frequency 
are  both  better  than  5%. 

The  oscillator  circuit  has  been  optimized  for  a 
nominal  RT  of  1 0k/?.  A  desired  operating  frequency 
is  obtained  by  choosing  the  correct  value  for  Cj.  As 
shown  in  Figure  7,  the  oscillator  frequency  is  give 
by  the  relation: 


(2) 


fosc.  = 


1.24 
RTCT' 


for  frequencies  below  500kHz.  Above  500kHz,  the 
solid  line  indicates  appropriate  O,  values.  There  is 


FIGURE  6:  UC1901  High  Frequency  Oscillator  Simplified  Schematic 
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no  upper  limit  on  the  size  of  the  capacitor  used, 
thus  allowing  the  oscillator  to  have  an  arbitrarily 
long  period  if  desired. 
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latched  comparator  via  the  input  device  Q9,  and  the 
differential  pair  Q7  and  Q6.  As  the  clock  input  goes 
high,  Q9  turns  Q8  off  and  Q7  on,  creating  an  offset 
across  R3  that  is  sufficient  to  switch  the  comparator. 
The  comparator  then,  as  before,  drives  the  modula- 
tor. When  the  clock  input  returns  low,  the  process  is 
reversed.  Using  the  external  clock  input,  both  the 
frequency  and  duty  cycle  of  the  modulator  outputs 
are  controlled. 


CT  VALUE  ~  PICOFARADS 

FIGURE  7:  UC1 901  Oscillator  Frequency 
To  allow  operation  of  the  modulator  with  a  carrier 
frequency  that  is  driven  from  a  system  operating 
frequency  or  clock,  the  oscillator  can  be  over-ridden. 
Tying  Cr  to  the  input  supply  voltage  disables  the  os- 
cillator. The  modulator  circuit  can  now  be  switched 
in  synchronization  with  a  signal  at  the  external  clock 
input.  Internally,  the  clock  signal  is  applied  to  the 


RECTIFIED  LINE  VOLTAGE 


6.  A  Status  Output  is  More 
Than  Just  a  Green  Light 

Many  systems  today  require  a  monitoring  function 
on  the  supply  output.  The  status  output  on  the 
UC1901  can  fill  this  need,  a  green  light  function, 
and  can  also  be  used  to  fill  some  more  "sophisti- 
cated" needs.  The  circuit  in  Figure  8  takes  advan- 
tage of  the  status  output  in  the  start-up  of  an  off-line 
forward  converter.  The  UC1 901  is  being  used  in  an 
application  where  the  switching  supply  must  be 
synchronized  to  a  system  clock.  The  clock  signal 
is  generated  on  the  secondary  or  output  side  of 
the  supply.  To  allow  start-up,  the  PWM  oscillator  is 
free-running  when  the  line  voltage  is  applied.  As  the 
supply  voltage  rises,  the  UC1901's  external  clock 
input  is  driven  at  the  switching  frequency  rate 
through  resistors  R,  and  R2.  When  the  supply  output 
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FIGURE  8:  The  Status  Output  on  the  UC1901  is  used  in  the  Start-Up  of  a  Power  Supply  Synchronized  to  a  Secondary 
Referenced  Master  Clock.  The  Coupling  Transformer  Carries  the  Feedback  and  Clock  Signals.  The  Status 
Output  is  used  to  Sequence  Clock  Signals  to  the  UC1901  External  Clock  Input  During  Start-Up, 
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reaches  90%  of  its  operating  level,  the  status  out- 
put decouples  the  external  clock  input  from  the 
switcher  and  enables  the  UC1 901  's  clock  input  to 
be  driven  from  the  now  operational  system  clock. 

On  the  primary  side,  the  output  of  the  coupling 
transformer  is  used  before  demodulation  to  provide 
a  synchronization  pulse  to  the  PWM  control  oscilla- 
tor. Under  normal  operation,  the  entire  power  supply, 
including  the  feedback  system,  will  be  synchronized 
to  the  system  clock. 

7.  The  UC1901  in  an  Off  Line 
Flyback  Converter 

As  alluded  to  previously,  flyback  converters  see 
wide  use  in  off-line  applications.  The  flyback  topol- 
ogy has  some  general  cost  benefits  which  have 
spurred  its  use  in  low  cost,  low  power  (<150W), 
off-line  systems.  Perhaps  the  two  most  significant 
of  which  are  the  need  for  only  a  single  power 
magnetic  element  in  the  supply  (no  output  filter 
inductor  is  required),  and  the  ability  to  easily  obtain 
multi-output  systems  by  adding  one  additional 
winding  to  the  coupling  power  inductor  for  each 
extra  output.  Also,  the  flyback  topology,  especially 
when  used  in  the  discontinuous  mode,  lends  itself 
very  well  to  the  benefits  of  voltage  feed-forward. 

7a.  60  Watt  Dual  Output  Converter 

Shown  in  Figure  9  is  a  flyback  converter  designed 
with  the  UC1901  and  a  primary  side  control  IC,  the 
UC1 840.  The  converter  has  two  30W  outputs,  one 
at  5V/6A,  and  another  at  1 2V/2.5A.  Minimum  loads 
of  1 A  are  specified  at  each  output.  The  UC1901  is 
used  to  sense  and  regulate  the  5V  output.  This  out- 
put is  specified  at  ±2  percent  (untrimmed),  with  load 
and  line  regulation  of  better  than  0.2  percent.  Respec- 
tively, the  12V  output  is  specified  at  ±5  percent 
with  ±6  percent  load  and  line  regulation.  Regulation 
of  the  1 2 V  output  relies  on  close  coupling  between 
the  5V  and  1 2V  output  circuits. 


winding  on  the  coupled  inductor,  W,  is  applied 
across  the  rectified  and  filtered  line  voltage  at  a 
60kHz  rate  via  the  FET  switching  device.  L,  is  refer- 
red to  as  a  coupled  inductor,  rather  than  as  a  trans- 
former, since  the  primary  and  secondary  windings 
do  not  conduct  at  the  same  time.  Energy  is  stored 
in  the  inductor  core  as  the  switching  device  con- 
ducts, and  then  "dumped"  to  the  secondary  outputs 
when  the  device  is  turned  off. 

The  converter  operates  in  the  discontinuous  mode. 
Operating  in  this  mode,  the  total  current  in  the 
coupled  inductor  goes  to  zero  during  each  cycle  of 
operation.  In  other  words,  the  energy  stored  in  the 
core  during  the  beginning  of  a  cycle  is  entirely 
expended  to  the  load  before  the  end  of  the  cycle. 
This  allows  the  inductor  size  to  be  minimized  since 
its  average  energy  level  is  kept  low.  The  price  paid 
for  discontinuous  operation  is  higher  peak  currents 
in  the  switching  and  rectifying  devices.  Also,  high 
ripple  currents  at  the  supply's  output(s)  make  ESR, 
(equivalent  series  resistance),  requirements  on  the 
output  filter  capacitors  more  stringent. 

7b.  Discontinuous  Flyback's  Forward 
Transfer  Function 

The  process  of  designing  a  feedback  network  for 
the  supply  begins  with  determining  the  small  signal 
transfer  function  of  the  converter's  forward  control 
path.  This  path  can  be  defined  as  the  small  signal 
dependency  of  the  output  voltage,  V0UT,  to,  Vc,  the 
control  voltage  at  the  input  to  the  PWM  comparator. 
As  defined,  the  control  voltage  on  the  UC1 840  ap- 
pears at  the  compensation  output  of  its  internal 
error  amplifier.  The  transfer  function  of  this  path 
for  the  discontinuous  converter  is  given  by  < 
tion  (3). 


(3) 


Vour  (s)  _  /  TPRL 
vc 


VR  V  2U    1  +  sCpRL 


The  UC1840  controller  has  all  of  the  features 
discussed  previously  for  an  off-line  controller.  In 
addition,  it  has  some  advanced  fault  protection  Where: 
features.  Only  parts  of  the  UC1840's  capabilities  V,N  = 

are  discussed  here.  For  those  desiring  a  more  VR  = 

complete  description,  it  can  be  found  in  the  second 
reference  mentioned  at  the  end  of  this  article.  In  the 
supply,  the  UC1840  sequences  itself  through  start- 
up using  the  energy  stored  in  C4  by  the  trickle  TP  = 
resistor  R„.  Once  the  supply  is  up  and  running  LM  = 
W4,  the  auxiliary  winding  on  L, ,  provides  power  to  the 
controller  and  the  switch  drive  circuitry.  The  primary 


level  of  the  rectified  line  voltage, 
The  equivalent  peak  PWM  ramp  voltage- 
equal  to  the  extrapolated  control  voltage 
input  which  would  result  in  a  100% 
switch  duty  cycle, 

One  period  of  the  switching  frequency, 
Magnetizing  inductance  of  the  primary 
winding, 

t, 
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RL     =  The  total  effective  load,  (assumed 

resistive), 
Rs    =   ESR  of  the  filter  capacitor, 
s      =   27rjf,  f  is  frequency  in  hertz. 


The  word  effective  is  used  in  describing  RL  and  CF 
since,  although  we  are  interested  in  calculating  the 
response  to  the  5V  output,  the  loads  at  the  1 2V  and 
auxiliary  outputs  must  be  accounted  for.  This  is 
easily  done  by  reflecting  these  loads  to  the  5V 
output  using  the  corresponding  turns  ratio  on  the 
inductor. 

7c.  Voltage  Feedforward  Steadies 
Response 

Equation  3  indicates  a  substantial  dependency  of 
the  control  response  to  both  the  load  RL,  and  the 
input  voltage,  VIN.  This  can  slightly  complicate  the 
design  of  the  feedback  network  since  both  the  gain 
and  phase  response  of  the  loop  will  vary  with  oper- 
ating conditions. 

The  benefits  of  feed-forward  are  easily  illustrated  at 
this  point  by  examining  its  effect  in  this  circuit.  The 
UC1840  controller  uses  resistor  R5  to  sense  the 
input  voltage  and  proportionately  scale  the  charging 
current  into  the  PWM  ramp  capacitor,  C3.  Scaling 
the  ramp  slope  is  the  same  as  scaling  VR,  the  equiva- 
lent peak  ramp  voltage.  The  result  is  a  modeled 
ramp  voltage  given  by: 


(4)  VR  = 

R5  c3 


When  this  expression  for  VR  is  substituted  into 
equation  3,  the  result  is  a  forward  transfer  function 
that  is  independent  of  the  input  voltage.  Not  only 
does  this  simplify  the  feedback  analysis,  it  also 
vastly  improves  the  supply's  inherent  rejection  of 
line  voltage  variations. 


The  forward  response  of  the  converter,  plotted  in 
Figure  10,  has  a  single  pole  roll-off  occurring 
between  1 1  Hz  and  38Hz  depending  on  the  load. 
The  single  pole  roll-off  allows  the  feedback  network 
a  bit  of  latitude  since,  from  a  stability  standpoint,  the 
loop  bandwidth  can  be  extended  by  simply  adding 
broadband  gain  with  an  appropriate  roll-off  frequen- 
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FIGURE  10:  Closing  the  Feedback  Loop  is  Proceeded 
by  the  Characterization  of  the  Converter's 
Forward  Small  Signal  Transfer  Function. 


cy.  No  mid-band  zeros  or  led-lag  networks  are 
necessary,  as  might  be  for  converters  with  double 
pole  responses.  Although,  the  zero  resulting  from 
the  ESR  of  the  filter  capacitors  can,  if  not  taken  into 
account,  appreciably  extend  the  loop  bandwidth 
beyond  its  intended  value. 

7d.  Wide  Bandwidth  Gives  Fast  Transient 
Response  At  5V  Output 

This  supply  was  designed  to  have  a  unity  gain  loop 
bandwidth  of  between  5  and  10kHz.  With  this  band- 
width the  supply's  control  response  to  step  load  and 
line  changes  occurs  in  fractions  of  a  millisecond.  This 
is  only  true  with  regard  to  the  5V  output.  There  is  no 
feedback  from  the  1 2V  output  therefore  the  output 
impedence  of  the  12V  supply  will  be  determined  by 
IR  losses,  the  dynamic  impedence  of  the  rectifying 
diodes,  and  the  coupling  efficiency  between  the 
inductor  windings.  This  impedence  is  not  reduced 
by  the  loop  gain,  as  it  is  at  the  5V  output.  As  a  result, 
the  time  constant  of  the  response  at  this  output  will 
be  considerably  longer. 


The  fast  response  of  the  5V  output  and  the  relatively 
slow  response  of  the  1 2V  output  are  illustrated  in 
Figure  1 1  which  shows  three  oscilliscope  traces 
in  response  to  a  3.0A  load  change  at  the  5V  output. 
The  upper  trace  is  the  response  of  the  5V  output 
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which  has  been  expanded  and  lowpass  (<  1 5kHz) 
filtered  slightly  so  the  small  signal  loop  character- 
istics can  be  seen.  The  trace  below  this  is  the  12V 
output's  deviation  due  to  cross-regulation  limitations, 
the  longer  time  constants  involved  are  obvious.  Both 
the  fast  response  of  the  5V  loop,  and  the  longer 
settling  time  of  the  12V  output  are  apparent  in  the 
third  trace.  This  trace  is  the  fed  back  correction 
signal  at  the  UC1 840's  error  amplifier  output.  From 
the  middle  trace  the  output  impedence  of  the  1 2V 
supply  can  be  estimated  by  noting  the  approximate 
1ms  time  constant  and  dividing  it  by  the  2000/jF 
value  of  the  12V  output  filter  capacitor.  This  gives  a 
value  of  Q.5G  for  the  output  impedence.  This  agrees 
well  with  actual  measurements  of  the  12V  output's 
load  regulation. 


The  UC1901  is  operated  with  a  carrier  frequency 
of  500kHz.  The  coupling  transformer,  a  Coilcraft 
E3493A,  (double  E  core,  bobbin  wound  construction), 
has  a  magnetizing  inductance  of  2.1  mH.  At  500kHz 
the  peak  current  required  to  drive  the  primary 
winding  is  only  475/jA  per  peak  volt.  The  reflected 
load  current  is  kept  much  smaller.  This  allows  the 
transformer  to  be  easily  driven  from  the  UC1901 
driver  outputs.  The  E3493A  is  widely  used  as  a 
common  mode  line  choke,  and  is  rated  for  V.D.E. 
and  U.L.  isolation  requirements.  The  transformer 
has  a  current  rating  of  2A,  greatly  exceeding  the 
requirements  of  this  application.  Even  though  the 
device  is  larger  than  some  alternatives,  its  availa- 
'  bility  and  high  volume  pricing,  as  well  as  its  isolation 
capability,  make  it  a  very  suitable  choice. 


Ims/DIV 


FIGURE  11:  The  Transient  Response  of  the  5V  Output 
(Top  Trace),  to  a  3.0 A  Step  Load  Change 
Reflects  the  Extended  Bandwidth  of  the  5  V 
Loop.  TheOpen-Loop  12V  Output  (Middle), 
Responds  to  the  Effects  of  Cross  Regula- 
tion. The  Feedback  Error  Signal  (Lower) 
Coupled  Through  the  UC1901  is  Measured 
at  the  UC1840  Error  Amp.  Output 

7e.  The  Feedback  Response 

Plotted  in  Figure  1 2  is  the  response  of  the  feedback 
network.  Also  plotted  are  the  asymptotic  gain  lines 
of  the  two  contributing  gain  blocks,  the  UC1901 
response  (from  5V  output  to  detector  output)  and 
the  UC1 840  error  amp  response  (detector  output  to 
the  PWM  control  voltage).  The  UC1 901  's  error  ampli- 
fier is  run  open  loop  at  DC  but  is  quickly  rolled  off  to 
8dB.  With  the  1 2dB  of  modulator  gain,  the  UC1 901 
feedback  system  has  a  broadband  gain  of  20dB.  A 
pole  at  1 6kHz  is  added  to  reduce  the  gain  through 
the  UC1901  error  amplifier  at  the  60kHz  switching 
frequency.  As  mentioned  earlier,  excessive  gain  at 
the  switching  frequency  can  "use  up"  the  dynamic 
range  of  the  UC1 901  's  AM  output. 


At  the  output  of  the  transformer  the  diode-capacitor 
detector  is  referenced,  along  with  the  inverting  input 
of  the  UC1 840  error  amplifier,  to  the  UC1 840's  5V 
reference.  The  operating  point  of  the  detector  is 
fixed  at  0.5V  by  the  divider  formed  by  R16  and  R,7  in 
Figure  9.  This  in  turn  sets  the  operating  point  of 
the  carrier,  with  a  detector  diode  drop  of  0.5V,  at 
about  1 V  peak.  This  level  is  reflected  back  through 
the  one-to-one  transformer  to  the  UC1 901  outputs. 
A 1 V  operating  point  is  approximately  at  the  center 
of  the  devices  dynamic  range. 

The  load  current  at  the  detector  output  is  50,uA,  set 
by  the  0.5V  operating  level  and  R,6.  The  peak  to 
peak  detector  ripple,  at  500kHz,  across  the  .001  5/jF 
nolding  capacitor  is  about  35mV.  The  gain  through 
the  UC1 840  error  amplifier  at  500kHz  is  -26dB, 
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FIGURE  12:  Local  Feedback  Around  the  UC1901  and 
1840  Error  Amplifiers  is  Used  to  Obtain  the 
Desired  Feedback  Response. 
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attenuating  the  ripple  to  less  than  2mV  at  the  error 
amplifier  output. 

The  response  of  the  UC1 840  error  amplifier  is  flat 
out  to  1kHz  where  the  gain  is  rolled  off  to  set  the 
loop's  Odb  frequency.  The  DC  gain  is  kept  as  high 
as  possible,  to  fix  the  detector  operating  point, 
without  actually  having  a  series  integrating  capaci- 
tor in  the  feedback.  If  both  the  UC1901  and  the 
UC1840  error  amplifiers  are  run  open  loop  at  DC, 
with  series  R-C  networks  to  set  the  AC  gain,  the  total 
phase  margin  at  low  frequencies  can  become  small 
or  nonexistent.  The  result  can  be  instability  or,  more 
likely,  a  peaked  closed  loop  response  that  can 
increase  the  low  frequency  noise  level  of  the  supply. 


The  result  is  a  supply  with  very  repeatable,  as  well 
as  stable,  operating  characteristics.  The  same  type 
of  analysis  for  determining  the  required  feedback 
response  can  be  used  in  applying  the  UC1901  to 
any  type  of  isolated  closed  loop  supply.  The  choice 
of  coupling  transformer  and  carrier  frequency  used 
with  the  UC1901  should  be  based  on  individual 
system  requirements. 


The  distribution  of  gain  between  the  UC1901  and 
UC1 840  error  amplifiers  is  somewhat,  although  not 
entirely,  arbitrary.  Keeping  the  500kHz  ripple  at  the 
PWM  comparator  input  below  a  certain  level  puts 
restrictions  on  the  AC  gain  of  the  PWM's  error  ampli- 
fier. To  much  AC  gain  through  the  UC1 901  's  ampli- 
fier can  degrade  the  supply's  transient  response 
under  large  signal  conditions.  A  suitable  distribu- 
tion for  any  application  will,  more  than  likely,  be  an 
iterative  procedure.  A  simple  computer  or  pro- 
grammable calculator  program  can  be  a  great  tool 
when  massaging  these  aspects  of  a  design. 


10      20        50     100   200       500     IK     2K        5K     10K  20K 
FREQUENCY— HERTZ 

FIGURE  13:  The  Over-All  Open-Loop  Response  of  the 
Supply  Will  Determine  the  Supply's  Over- 
All  Stability  and  Small  Signal  Transient 
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The  overall  open-loop  responses,  plotted  in  Figure 
13,  will  not  vary  significantly  except  as  indicated 
with  load.  The  desired  loop  bandwidth  has  been 
achieved  with  an  adequate  phase  margin  of  >  50°. 
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VERSATILE  UC1834  OPTIMIZES 
LINEAR  REGULATOR  EFFICIENCY 

Linear  voltage  regulators  have  long  been  an  important  resource  to  power  supply 
designers.  Three  terminal,  fixed-voltage  linear  regulators  find  extensive  use  as  "spot" 
regulators  and  as  post-regulation  stages  fed  by  switched-mode  supplies.  However, 
while  inexpensive  and  simple  to  use,  these  devices  have  several  performance  limitations. 

First,  three  terminal  regulators  are  inefficient  power  converters.  Power  dissipation  in  a 
linear  regulator  is  given  by  the  relation: 

P  =  Io  •  (Vin  -  Vout). 

Most  monolithic  regulators  now  available  require  an  input-to-output  voltage  differen- 
tial of  at  least  2  to  3V.  This  requirement  can  result  in  substantial  inefficiency,  particu- 
larly in  low  voltage  supplies.  As  switched-mode  power  technology  matures,  power 
losses  incurred  in  linear  post-regulation  stages  are  becoming  more  significant  in  terms 
of  overall  system  efficiency. 

Second,  fixed-voltage  regulators,  with  fixed  maximum  output  currents,  lack  versatility. 
The  use  of  these  devices  requires  that  OEMs  maintain  large,  diverse  inventories  in  order 
to  support  a  broad  range  of  power  supply  requirements. 

Third,  fixed  three-terminal  devices  lack  the  capability  of  remote  voltage  sensing,  and 
therefore  can  exhibit  poor  load  regulation. 

Finally,  the  most  common  failure  mechanism  for  linear  regulators  is  a  shorted  pass 
transistor.  All  critical  loads,  therefore,  require  over-voltage  protection  not  provided  by 
three -terminal  regulators. 

IMPROVED  PERFORMANCE  WITH  UC1834 

The  UC1834  is  a  programmable  linear  regulator  control  IC  which,  with  an  external  pass 
transistor,  forms  a  complete  linear  power  supply.  This  IC  provides  solutions  to  all  the 
above-mentioned  drawbacks  of  three-terminal  devices. 

Figure  1  shows  the  basic  elements  of  positive  and  negative  regulators  implemented  with 
the  UC1834.  An  error  amplifier  monitors  the  output  voltage  and  provides  appropriate 
bias  to  the  pass  transistor  (Ql)  through  a  driver  stage.  This  high-gain  error  amplifier 
(E/ A)  allows  good  dynamic  regulation  while  allowing  Ql  to  operate  near  saturation  in 
the  common-emitter  mode.  The  circuits  can  achieve  high  efficiency  by  maintaining 
output  regulation  with  an  input-to-output  voltage  differential  as  low  as  0.5V  (at  5A). 
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The  UC1834  has  both  positive  and  negative  reference  voltage  outputs,  as  well  as  a 
sink-or-source  driver  stage,  as  shown  in  Figure  1.  These  features  allow  implementation 
of  either  positive  or  negative  regulators  with  this  single  IC,  as  shown.  Output  voltages 
from  1.5V  to  nearly  40V  can  be  programmed  by  appropriate  choice  of  remote  sensing 
divider  elements.  Remote  sensing  also  allows  improved  DC  and  dynamic  load 
regulation. 
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Figure  1.  Basic  Elements  of  (a.)  Positive  and  (b.)  Negative  Regulators 
implemented  with  a  UC1834 
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The  UC1834  is  intended  to  provide  a  complete  linear  regulation  system.  Therefore, 
many  auxiliary  features  are  included  on  this  IC  which  eliminate  the  need  for  additional 
circuit  elements.  Figure  2  shows  a  more  complete  block  diagram  including  on-chip 
provisions  for  current  sensing,  fault  monitoring,  remote  voltage  sensing,  and  thermal 
protection. 
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THRESHOLD  ADJUST  |~4~[ — 


12  DRIVER  SINK 


{Hj  DRIVER  SOURCE 


40 

-[Til  CROWBAR  GATE 


-flil  0  V.  LATCH  &  RESET 
-fu]  COMPENSATION/SHUTDOWN 
-fill  FAULT  DELAY 

—(To]  FAULT  ALERT 


Figure  2.  UC1834  Block  Diagram 


DRIVING  THE  PASS  TRANSISTOR 

Figure  3  shows  suggested  pass  transistor  configurations  for  implementing  either  posi- 
tive or  negative  regulators  with  the  UC1834.  For  those  low  current  (<200mA)  applica- 
tions in  which  efficiency  is  not  extremely  critical,  the  UC1834  output  transistor  can 
serve  as  the  pass  element,  resulting  in  the  simple  configurations  of  Figure  3a.  An 
external  pass  transistor  is  needed  for  output  currents  greater  than  200mA.  With  the 
circuits  of  Figure  3c,  the  UC1834  can  maintain  regulation  while  operating  the  pass 
transistor  near  saturation.  Operation  at  very  high  output  currents  (to  ~  30 A)  is  possible 
with  the  Darlington  pass  elements  of  Figure  3d. 
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Figure  3.  Pass  Transistor  Configurations 
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Current  in  the  UC1834  output  transistor  is  self -limiting,  for  improved  reliability.  This 
limiting  is  achieved  by  Q3  and  Rl  in  Figure  4a.  The  resulting  maximum  output  current 
is  a  function  of  temperature  as  shown  in  Figure  4b. 


A  resistor  (Re)  is  shown  in  series  with  the  drive  transistor  in  Figures  3c,  d.  This  resistor 
shares  base-drive  power  with  the  transistor,  allowing  cooler,  more  reliable  operation  of 
the  IC.  Re  should  be  as  large  as  possible  while  still  supporting  adequate  pass  transistor 
base  current  under  worst-case  conditions  of  low  input  voltage  and  maximum  output 
current: 

VRE(min)  =  VlN(min)  -  VBE(maxXQ2)  -  VcE(sat)(max)(Ql) 
lB(max)(Q2)  =  IO(max)/  /3(min)(Q2) 
RE(opt)  =  VRE(min)/lB(max)(Q2) 

where:  VRE(min)  is  minimum  voltage  available  to  Re 

lB(max)  (Q2)  is  maximum  required  base  drive  to  Q2 
RE(opt)  is  optimum  value  of  Re. 

Re  also  enhances  stability  by  allowing  operation  of  Q 1  as  an  emitter-follower,  thereby 
eliminating  /3qi  from  the  loop  transfer  function: 

IC(Q1)  «  iE(Qi)  =  (VE/Aout  -  Vbe(QI)  -  VbE(Q2))/Re    Q3  independent). 
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Figure  4  a.  Driver  Current  Limiting  Circuit 

b.  Resulting  Maximum  Current  vs  Temperature 
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CURRENT  SENSING 

In  order  to  protect  the  pass  transistor  from  damage  due  to  overheating,  one  must  sense 
its  emitter  current  (Ie)  and  then  decrease  the  base  drive  if  Ie  is  excessive.  The  UC1834 
current  sense  amplifier  (CS/A)  accomplishes  these  tasks. 

The  UC1834  CS/A  has  a  common  mode  range  which  includes  both  input  supply 
"rails".  This  extended  range  is  made  possible  by  introducing  matched  voltage  offsets  in 
the  differential  input  paths,  as  shown  in  Figure  5.  Internal  current  sources  bias  the  offset 
diodes  in  their  appropriate  direction.  Which  bias  source  (+  or  -)  is  active  is  determined 
by  whether  the  CS/A  positive  (+)  input  is  greater  or  less  than  Vin/2.  Therefore,  it  is 
advisable  to  configure  the  sensing  circuit  such  that  the  voltage  at  CS/  A(+)  will  not  cross 
Vin/2  during  operation.  This  precludes  sensing  in  series  with  the  load  for  most 
applications. 


Figure  5.  Two  Diode-Drop  Offset  Allows  Current  Sensing  at  Supply  Rail 


The  CS/A  has  a  programmable  current  limit  threshold  which  can  be  set  between  OmV 
and  150mV.  Programming  is  achieved  by  setting  the  voltage  at  the  "Threshold  Adjust" 
terminal  (pin  4)  to  10  •  VTH(desired)-  The  factor  of  10  provides  good  noise  immunity  at 
pin  4  while  allowing  low  power  dissipation  in  the  current  sensing  resistor.  Figure  6 
shows  the  guaranteed  relationship  between  VpiN4  and  the  actual  resulting  threshold 
across  the  CS/  A  inputs.  Note  that  the  threshold  is  clamped  at  1 50mV  if  pin  4  is  open  or 
if  VpiN4  >  1.5V.  The  "Threshold  Adjust"  input  is  high  impedance  (bias  current  is  less 
than  IOjuA),  allowing  simple  programming  through  a  voltage  divider  from  the  1.5V 
reference  output.  However,  loading  the  1.5V  reference  will  affect  the  regulation  of  the 
-2.0V  reference.  Figure  7  shows  how  to  compensate  for  this  loading  with  a  single 
resistor  when  the  -2.0V  reference  is  needed. 
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Figure  7.  Setting  the  Current  Threshold  and 
Compensating  the  -2.0V  Reference 

The  CS/A  functions  by  pulling  the  E/A  output  low,  turning  off  the  output  driver 
(Figure  8).  As  current  approaches  the  threshold  value,  the  E/A  attempts  to  correct  for 
the  CS/A  output,  resulting  in  an  E/A  input  offset  voltage.The  supply  output  voltage 
can  decrease  a  proportional  amount.  When  the  CS/  A  input  voltage  differential  reaches 
the  current  sense  threshold,  then  the  pass  transistor  is  totally  controlled  by  the  CS/A. 
The  combined  CS/A  and  E/A  gains  and  output  configurations  result  in  the  current 
limit  knee  characteristic  of  Figure  9. 
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Figure  8.  Current  Sense  Tied  to  E/A  Output 
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Figure  9.  Current  Limiting  Knee  Characteristic 
FOLDBACK  CURRENT  LIMITING 

It  is  desirable  to  put  an  upper  limit  on  pass  transistor  power  dissipation  in  order  to 
protect  that  device.  Ideally,  for  a  constant  power  limit: 


or: 


iE(max)  •  VcE  —  K 
iE(max)  ~  K/(VlN  1 


where  K  is  a  constant 
Vout)  (ignoring  the  sense  resistor  voltage  drop). 


As  the  input-to-out  voltage  differential  increases,  it  is  necessary  to  "fold  back"  the 
maximum  allowable  current.  This  ideal  foldback  characteristic  is  shown  in  Figure  10, 
along  with  a  practical  characteristic  achievable  with  the  circuit  of  Figure  11. 
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Figure  10.  Ideal  (Dashed  Line)  and  Practical  (Solid  Line) 
Foldback  Current  Limiting  Characteristics 
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Figure  11.  Foldback  Current  Limiting  —  Responds  to  Changes  in  V,N  or  Vout 

This  circuit  responds  to  changes  in  either  Vin  or  Vout-  The  voltage  differential  Vin  - 
VoUT  causes  proportional  current  flow  through  Ri  and  R2.  The  additional  drop  across 
Rl  is  interpreted  by  the  CS/A  as  additional  load  current.  The  result  is  that  the  real 
current  limit  decreases  linearly  with  Vin  -  Vout: 


O-I(Vadj)      (Vin  -  Vout)  Ri 
E(max)  =    Rsense     "  (Ri+1 


for:     Ri  +  R2  »  Rsense 
Vadj  <  1.5V 
Ri  =  Ri. 
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This  technique  can  be  susceptible  to  "latch-off".  If  a  momentary  short  at  the  supply 
output  causes  Ie  to  drop  to  zero  (pass  transistor  cut  off),  then  Vout  cannot  recover 
when  the  short  is  subsequentially  removed.  To  prevent  this  undesirable  operation,  one 
must  ensure  that  iE(max)  >  0  when  VoUT  =  0  and  Vtn  is  at  its  minimum: 
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Figure  12  shows  an  alternative  foldback  current  limiting  scheme  which  responds  to 
decreased  VoUT  only.  This  circuit  gives  the  output  characteristics  of  Figure  13,  defined 
by  the  following  relation: 
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RSENSE 


/  RiR2  Vqut  +  R2I 

y  R1R2  +  R1R3  + 


R2R3  Vref 
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This  technique  is  immune  to  "latch-off"  because  the  minimum  current  limit  is  always 
non-zero. 


12.  Foldback  Current 
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Figure  13.  Foldback  Current  Limiting  Characteristic 

FAULT  CIRCUITRY  AND  SYSTEM  INTERFACING 

In  order  to  minimize  the  need  for  additional  components,  the  UC1834  has  on-chip 
provisions  for  fault  detection  and  logic  interfacing.  These  features  are  particularly 
useful  when  the  linear  regulator  is  part  of  a  larger  power  supply  system. 

As  shown  in  Figure  14,  an  internal  comparator  monitors  the  UC1834  E/  A  inputs.  This 
comparator  has  two  thresholds,  for  over-  and  under-voltage  detection.  Comparator 
thresholds  are  fixed  at  |  Vn.I.  -  Vinv.  I  =  1 50mV.  The  resulting  output  voltage  windows 
for  non-fault  operation  are: 

±  .150V 

:  ±  10%  for  positive  (+)  supplies 


1.5V 
±  .150V 


2V 


-  =  ±  7.5%  for  negative  (-)  supplies. 


A  fault  delay  circuit  prevents  transient  over-  or  under-voltage  conditions  (due  to  a 
rapidly  changing  load)  being  defined  as  faults.  The  delay  time  is  programmable.  An 
external  capacitor  at  pin  1 1  is  charged  from  an  internal  75/uA  source.  The  delay  period 
ends  when  the  capacitor  voltage  reaches  ~3.5V.  The  delay  time  is  therefore  ~47ms/  ^F. 
The  fault  alert  output  (pin  10)  becomes  an  active  low  if  an  out-of-tolerance  condition 
persists  after  the  delay  period.  When  no  fault  exists,  this  output  is  an  open  collector. 

An  over-voltage  fault  activates  a  100mA  crowbar  gate  drive  output  (pin  16)  which  can 
be  used  to  switch  on  a  shunt  SCR.  Such  a  fault  also  sets  an  over-voltage  latch  if  the  reset 
voltage  (pin  15)  is  above  the  latch  reset  threshold  (typically  0.4V).  When  the  latch  is  set 
its  Q  output  will  pull  pin  15  low  through  a  series  diode.  As  long  as  a  nominal  pull-up 
load  exists,  the  series  diode  prevents  Q  from  pulling  pin  15  below  the  reset  threshold. 
However,  pin  15  is  pulled  low  enough  to  disable  the  driver  outputs  if  pins  15and  14are 
tied  together.  With  pin  15and  14common,  the  regulator  will  latch  off  in  response  to  an 
over-voltage  fault.  If  the  fault  condition  is  cleared  and  pins  14  and  15  are  momentarily 
pulled  below  the  latch  reset  threshold,  the  driver  outputs  are  re-enabled. 
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Figure  14.  Fault  Circuitry 
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An  internal  "delay  reset  latch"  prevents  crowbar  turn-on  when  an  under-voltage 
condition  is  immediately  followed  by  a  transient  over-voltage  condition.  Such  a  situa- 
tion could  arise  from  a  momentary  short  circuit  at  the  supply  output. 

A  thermal  shutdown  circuit  pulls  the  E/A  output  low  when  junction  temperatures 
reach  165°C,  in  order  to  protect  the  IC  from  excessive  power  dissipation  in  the  drive 
transistor. 

COMPENSATING  THE  FEEDBACK  LOOP 

A  reliable  design  for  any  feedback  system  must  yield  a  closed -loop  frequency  response 
which  ensures  unconditional  stability.  An  optimum  power  supply  response  provides 
this  stability  while  maximizing  broadband  gain  for  good  dynamic  voltage  regulation 
with  changing  loads.  Figure  1 5  illustrates  such  a  response.  The  OdB  crossover  frequency 
(fc)  should  be  as  high  as  possible  while  maintaining  phase  margin  above  -360°  at  all 
lower  frequencies  (Nyquist  stability  criterion).  In  practice,  this  criterion  dictates  a 
single-pole  response  below  fc. 
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Figure  15.  Desired  Closed-Loop  Response 


Linear  supplies  using  the  UC 1 834  will  usually  have  a  current  limiting  loop  in  addition  to 
the  voltage  control  loop,  as  illustrated  for  two  basic  configurations*  in  Figure  16.  Both 
loops  must  be  stabilized  for  reliable  operation.  This  is  accomplished  by  appropriately 
compensating  the  E/A  and  CS/A  at  their  common  output  (pin  14).  Design  of  the 
compensation  networks  will  often  require  an  iterative  procedure,  since  the  compensa- 
tion for  one  loop  will  affect  the  response  of  the  other.  A  straightforward  approach  is 
outlined  below: 

1)  .  Determine  the  frequency  response  of  all  voltage  loop  elements  excluding  the 

E/A.  Appendix  I  offers  guidelines  for  this  step. 

2)  .  Design  E/A  compensation  giving  a  frequency  response  which  ,  when  added  to 

the  response  calculated  in  step  1,  will  yield  a  total  loop  characteristic 
consistent  with  the  objectives  outlined  above.  (Appendix  II.) 

3)  .  Calculate  the  current  loop  response  and  determine  whether  it  satisfies  the 

Nyquist  stability  criterion.  (Appendix  III.)  If  not,  add  additional 
compensation  and  then  recalculate  the  voltage  loop  response. 

4)  .  Iterate  if  necessary. 

•All  other  configurations  of  Figure  3  are  variants  of  these  two,  and  can  be  treated  in  essentially  the  same  ways. 
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Figure  16.  Voltage  and  Current  Loops  for  Two  Basic  Configurations 

EXAMPLE 

Figure  17  shows  a  5V,  5A  (positive  output)  supply  of  the  class  shown  in  Figures  16a,  c. 
This  circuit  tends  toward  instability  when  it  is  lightly  loaded  because  of  the  high  gain 
(/3  =  200)  of  the  pass  transistor  at  low  currents.  Output  capacitor  C2  is  needed  to 
introduce  a  pole  which  rolls  off  the  gain  of  the  voltage  loop  to  OdB  at  100kHz,  avoiding 
instability  due  to  the  additional  phase  shift  of  a  transistor  pole  at: 

fr  50MHz 
f=-!-=  — — —  =  250kHz 
(8  200 


Assuming  a  minimum  load  of  1A  (Rl  =  5fl),  the  low  frequency  voltage  loop  gain, 
excluding  the  E/A,  is  (from  Appendix  I): 

1  0.51kfl 
Av  =  ■  200  *  5n  •   =  20  =  26dB. 


15n 


(1.7  +  0.51)  kfl 
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Figure  17.  0.5V  Input-Output  Differential  5A  Positive  Regulator 

A  pole  at  5kHz  is  required  in  order  to  roll  off  from  26dB  to  OdB  at  100kHz.  The  required 
value  of  C2  is  therefore  given  by: 

1  1 

C2  =  —  =  ;  cn      „  =  6.4MF  (6.8mF  used). 

27T  •  RL  •  fp    27T  •  5n  •  5kHz 

The  dashed  curves  of  Figure  1 8a  show  the  resulting  voltage  loop  response,  excluded  the 
compensated  E/  A.  Notice  that  the  5kHz  pole  (just  added)  it  self  introduces  undesirable 
phase  lag.  This  can  be  corrected  by  positioning  the  compensation  zero  (see  Appendix  II) 
at  the  same  frequency.  With  Kg = 680fl  (providing  ~0dB  E  /  Again  above  5kHz),  then: 


C5     27T  •  680fl  •  5kHz 


.047/uF. 


The  gain  and  phase  of  the  compensated  E/ A  (dotted  lines)  and  complete  voltage  loop 
(solid  lines)  are  also  shown  in  Figure  18a. 

The  resulting  current  loop  response  (Figure  18b)  is  seen  to  meet  the  stability  criterion. 
Gain  above  5kHz  is  given  by  (from  Appendix  III): 


Ai  = 


1 


7on 


680O 


isn 


•200-0.018n  =  2.3  =7.4dB. 
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Figure  18.  Loop  Responses  for  Circuit  of  Figure  17 

a.  Voltage  Loop 

b.  Current  Loop 

Reasonable  phase  margin  (—40°)  is  maintained  as  the  transistor  and  CS/A  poles  roll 
off  this  small  gain  to  OdB. 

Figure  19  shows  the  UC1834  used  to  implement  a  negative  output  supply.  A  Darlington 
pass  element  provides  adequate  gain  for  operation  at  output  current  levels  up  to  10 A. 

CONCLUSION 

Ever-increasing  requirements  for  improved  power  supply  economy  and  efficiency  have 
produced  a  need  for  a  versatile  control  IC  capable  of  minimizing  power  losses  in  linear 
regulators.  The  UC1834  meets  this  need  while  also  supporting  all  the  auxiliary  func- 
tions required  of  such  supplies.  This  control  circuit  provides  for  optimized  performance 
in  a  broad  range  of  linear  regulators,  and  in  fact  extends  the  range  of  applications  for 
which  such  regulators  are  appropriate. 
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Figure  19.  -12V,  -10A  Negative  Regulator 
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APPENDIX  I  -  FREQUENCY  RESPONSE  OF  VOLTAGE  LOOP  ELEMENTS 


A.  The  configuration  of  Figure  16a  has,  in  addition  to  the  compensated  E/A,  the 
following  loop  elements: 

•  Drive  Transistor  -  Re  allows  operation  of  the  driver  as  an  emitter  follower. 
Together  these  elements  have  an  effective  small  signal  AC  conductance  of  1/Re- 

•  Pass  Transistor  -  Low  frequency  gain  (/3)  and  unity-gain  frequency  (f r)  are  usually 
specified.  The  pass  transistor  adds  a  pole  to  the  loop  transfer  function  at  fp  =  fT/j8. 
Therefore,  in  order  to  maintain  phase  margin  at  low  frequencies,  the  best  choice  for 
a  pass  device  is  often  a  high  frequency,  low  gain  switching  transistor.  Further 
improvement  can  be  obtained  by  adding  a  base-emitter  resistor  (Rbe  in  Figure  1 6a) 
which  increases  the  pole  frequency  to: 


•  Load  Impedance  -  Load  characteristics  vary  greatly  with  application  and  operating 
conditions.  The  most  commonly  used  models  and  their  respective  (s  domain) 
transfer  functions  are  given  in  Table  1.  Note  that  there  are  no  poles  in  the  transfer 
functions  of  those  loads  which  lack  shunt  capacitance.  This  can  result  in  a  loop 
transfer  function  which  cannot  be  rolled  off  to  OdB  at  a  suitably  low  frequency  using 
simple  E/  A  compensation  networks.  For  this  reason  a  shunt  output  capacitor  is 
often  added  to  supplies  which  must  drive  loads  having  low  or  indeterminant 
capacitance. 

•  Voltage  Divider  -  The  output  sensing  network  introduces  a  gain  of  R2/(Ri  +  R2). 

•  Total  Loop  Gain,  excluding  the  E/  A,  is  therefore  given  by: 


kT 

where:  re  =    = 

qlc 


26mV 


(at  T  =  300K). 


Ic 


Ay  = 


vc 


Vf 


B.  The  circuit  of  Figure  16b  has  a  more  straightforward  response,  since  the  only  element 
(other  than  the  E/A)  which  introduces  any  gain  is  the  voltage  divider: 
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Load  Model 


Transfer  Function 


Poles  @  f : 


Zeros  @  f  = 
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Zl(s)  =  R 
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Zl(s) 


R 


1 


+  sRC 


1 

2tt  RC 








Zl(s)  = 


R(l  +  s(ESR)C) 
1  +  s(R  +  ESR)C 


I 


2tt(R  +  ESR)C 


1 

2tt(ESR)C 


Zl(s)  =  R  +  sL 


2tt  L 


o 


ZL(s)  = 


s  s  + 


R/L  ±  V  R2/L2  -  4/LC 


R  1 

s2  +  s  +  

L  LC 


R 

2tt  L 


Table  1.  Load  Models  and  their  Transfer  Functions 
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APPENDIX  II  -  ERROR  AMPLIFIER  RESPONSE 

Figure  20  shows  the  open-loop  gain  and  phase  response  of  the  UC1834  E/A  when 
lightly  loaded.  The  gain  curve  represents  an  upper  limit  on  the  gain  available  from  the 
compensated  amplifier.  Note  that  a  second-order  pole  occurs  near  800kHz.  Stable 
circuits  will  require  a  OdB  crossover  well  below  this  frequency  (fc  <  500kHz). 


The  E/A  can  be  compensated  with  or  without  the  use  of  local  feedback.  When  operated 
without  such  feedback  (Figure  21a)  the  transconductance  properties  of  the  E/A 
become  evident;  i.e.  the  voltage  gain  in  given  by: 


where: 


Av(E/A)  =  gM  Zc 

gM~75on~=1-4mS 


(f  <  500kHz) 
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Figure  20.  Error  Amplifier  Gain  and  Phase  Frequency  Response 

When  the  E/A  has  local  feedback  (Figure  21b),  its  gain  is,  to  a  first  approximation, 
independent  of  transconductance: 


Av(E/A)  = 


Zf 
ZlN 


(fS  500kHz) 


KVo- 
Vref- 


T 

Zc 

_L 
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Vref — 1  + 
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Figure  21.  E/A  Compensation  (a.)  Without  and  (b.)  With  Local  Feedback 
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However,  the  use  of  local  feedback  creates  an  additional  loop  which  must  be 
independently  stable.  The  UC1834  has  no  internal  compensation  to  ensure  this 
stability,  so  additional  external  compensation  is  usually  required.  An  820pF  capacitor 
from  the  E/A  output  to  ground  will  stabilize  this  inner  voltage  loop  while  also 
enhancing  current  loop  stability. 

An  additional  drawback  to  the  use  of  local  feedback  is  that  Zf  places  a  DC  load  on  the 
E/A  output.  With  a  transconductance  amplifier  this  results  in  additional  input  offset 
voltage: 


A  Vio 


Ie/aout 

gM 


This  offset  results  in  degradation  of  DC  regulation.  The  problem  can  be  averted  by 
taking  local  feedback  from  the  emitter  of  the  drive  transistor  if  the  driver  is  configured 
as  an  emitter-follower. 

Whatever  the  compensation  scheme,  the  UC1834  E/A  output  can  sink  or  source  a 
maximum  of  IOOjuA. 

Table  2  shows  two  typical  compensation  schemes  and  the  resulting  E/A  transfer 
functions.  The  first  of  these  circuits  is  most  widely  used. 


Compensation  Circuit 


E/A  Gain  (Ay(E/A)(s) 


Poles  @  f : 


Zeros  @  f  = 


Ay: 


gM(l  +  sRC) 
sC 
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2ttRC 





AV  = 


RF 


RinO  +  s  RfCf) 


l 


2tt  RfCf 


Table  2.  E/A  Compensation  Circuits  and  Gain  Response 
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APPENDIX  III  -  FREQUENCY  RESPONSE  OF  THE  CURRENT  LOOP 

•  CS/A  -  Figure  22  shows  the  open-loop  gain  and  phase  response  of  the  UC1834 
CS/ A.  This  is  also  a  transconductance  amplifier,  having  gM  *•  1  / 70fl  =  14mS.  The 
voltage  gain  is  analogous  to  that  of  the  E/  A.  The  E/  A  compensation  impedance  (Zc 
or  Zf(E/A))  is  also  seen  by  the  CS/A  output.  For  purposes  of  small  signal  AC 
analysis,  the  CS/A  will  always  see  this  impedance  as  being  returned  to  Vfrf  (as 
shown  in  Figures  16c,  d)  when  the  E/ A  is  compensated  by  either  of  the  methods 
shown  in  Table  2. 
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Figure  22.  Current  Sense  Amplifier  Gain  and  Phase  Frequency  Response 


•  Pass  Transistor  -  Introduces  current  gain  p  to  the  loop  transfer  of  both  basic 
configurations  (Figures  16c,  d). Considerations  outlined  in  Appendix  I  also  apply 
here. 

•  Sense  Resistor  -  Resistance  value  RsENSE  appears  in  transfer  function  for  both 
configurations. 

•  Drive  Transistor  -  In  the  circuit  of  Figure  16c,  Re  allows  operation  of  the  driver  as 
an  emitter-follower.  Effective  conductance  is  1  /  Re. 


Closed-loop  responses  are  given  by  the  following: 
for  circuit  of  Figure  16c: 

1 


Ai  =  gM  •  Zc 


Re 


P  •  Rsense 


f  <  500kHz,  f  < 


for  circuit  of  Figure  16d: 
Zc 


fr 


(1+  Rbe)) 


Ai  =  gM 
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MODELLING,  ANALYSIS  AND 

COMPENSATION  OF  THE 
CURRENT-MODE  CONVERTER 


Abstract 


As  current-mode  conversion  increases  in  popularity,  several  peculiarities  associated  with  fixed-frequency,  peak-current 
detecting  schemes  have  surfaced.  These  include  instability  above  50%  duty  cycle,  a  tendencv  towards  subharmonic 
oscillation,  non-ideal  loop  response,  and  an  increased  sensitivity  to  noise.  This  paper  will  attempt  to  show  that  the 
performance  of  any  current-mode  converter  can  be  improved  and  at  the  same  time  all  of  the  above  problems  reduced  or 
eliminated  by  adding  a  fixed  amount  of  "slope  compensation"  to  the  sensed  current  waveform. 


1.0  INTRODUCTION 

The  recent  introduction  of  integrated  control  circuits  designed  specifically 
for  current  mode  control  has  led  to  a  dramatic  upswing  in  the 
application  of  this  technique  to  new  designs.  Although  the  advantages  of 
current-mode  control  over  conventional  voltage-mode  control  has  been 
amply  demonstrated!'-5),  there  still  exist  several  drawbacks  to  a  fixed 
frequency  peak-sensing  current  mode  converter.  They  are  (1)  open  loop 
instability  above  50%  duty  cycle,  (2)  less  than  ideal  loop  response 
caused  by  peak  instead  of  average  inductor  current  sensing,  (3)  tendency 
towards  subharmonic  oscillation,  and  (4)  noise  sensitivity,  particularly 
when  inductor  ripple  current  is  smalL  Although  the  benefits  of  current 
mode  control  will,  in  most  cases,  far  out-weight  these  drawbacks,  a 
simple  solution  does  appear  to  be  available.  It  has  been  shown  by  a 
number  of  authors  that  adding  slope  compensation  to  the  current 
waveform  (Figure  1)  will  stabilize  a  system  above  50%  duty  cycle.  If 


one  is  to  look  further,  it  becomes  apparent  that  this  same  compensation 
technique  can  be  used  to  minimize  many  of  the  drawbacks  stated  above. 
In  fact,  it  will  be  shown  that  any  practical  converter  will  nearly  always 
perform  better  with  some  slope  compensation  added  to  the  current 
waveform. 

The  simplicity  of  adding  slope  compensation  -  usually  a  single  resistor  - 
adds  to  its  attractiveness.  However,  this  introduces  a  new  problem  -  that 
of  analyzing  and  predicting  converter  performance.  Small  signal  AC 
models  for  both  current  and  voltage-mode  PWM's  have  been 
extensively  developed  in  the  literature.  However,  the  slope  compensated 
or  "dual  control"  converter  possesses  properties  of  both  with  an 
equivalent  circuit  different  from,  yet  containing  elements  of  each 
Although  this  has  been  addressed  in  part  by  several  authorsC.  2),  there 
still  exists  a  need  for  a  simple  circuit  model  that  can  provide  both 
qualitative  and  quantitative  results  for  the  power  supply  designer. 


Voo- 
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FIGURE  1    -  A  CURRENT-MODE  CONTROLLED  BUCK  REGULATOR  WITH  SLOPE  COMPENSATION. 
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The  first  objective  of  this  paper  is  to  familiarize  the  reader  with  the 
peculiarities  of  a  peak-current  control  converter  and  at  the  same  time 
demonstrate  the  ability  of  slope  compensation  to  reduce  or  eliminate 
many  problem  areas.  This  is  done  in  section  2.  Second,  in  section  3,  a 
circuit  model  for  a  slope  compensated  buck  converter  in  continuous 
conduction  will  be  developed  using  the  state-space  averaging  technique 
outlined  in(  I).  This  will  provide  the  analytical  basis  for  section  4  where 
the  practical  implementation  of  slope  compensation  is  discussed. 

2.1  OPEN  LOOP  INSTABILITY 

An  unconditional  instability  of  the  inner  current  loop  exists  for  any  fixed 
frequency  current-mode  converter  operating  above  50%  duty  cycie  - 
regardless  of  the  state  of  the  voltage  feedback  loop.  While  some 
topologies  (most  notably  two  transistor  forward  converters)  cannot 
operate  above  50%  duty  cycle,  many  others  would  suffer  serious  input 
limitations  if  greater  duty  cycle  could  not  be  achieved.  By  injecting  a 
small  amount  of  slope  compensation  into  the  inner  loop,  stability  will 
result  for  all  values  of  duty  cycle.  Following  is  a  brief  review  of  this 
technique. 


INDUCTOR 
CURRENT (U 


C.)  DUTY  CYCLE  >  0.5  WITH  SLOPE  COMPENSATION 

FIGURE  2     -  DEMONSTRATION  OF  OPEN  LOOP  INSTABILITY  IN  A 
CURRENT-MODE  CONVERTER. 

Figure  2  depicts  the  inductor  current  waveform,      of  a  current-mode 
converter  being  controlled  by  an  error  voltage  Ve.  By  perturbing  the 
current  IL  by  an  amount  Al,  it  may  be  seen  graphically  that  Al  will 
decrease  with  time  for  D  <  0.5  (Figure  2A),  and  increase  with  time  for 
D  >  0.5  (Figure  2B).  Mathematically  this  can  be  stated  as 


A„  -  -Alo  (£) 


(1) 


Carrying  this  a  step  further,  we  can  introduce  a  linear  ramp  of  slope  -m 
as  shown  in  Figure  2C.  Note  that  this  slope  may  either  be  added  to  the 
current  waveform,  or  subtracted  from  the  error  voltage.  This  then  gives 


(2) 


(3) 


m. 

Solving  for  m  at  100%  duty  cycle  gives 
m  >  —  'Arr]2 

Therefore,  to  guarantee  current  loop  stability,  the  slope  of  the 
compensation  ramp  must  be  greater  than  one-half  of  the  down  slope  of 
the  current  waveform.  For  the  buck  regulator  of  Figure  1 ,  m2  is  a 

constant  equal  to  -^2-  Rs,  therefore,  the  amplitude  A  of  the  compensating 

waveform  should  be  chosen  such  that 

A  >  T  Rs  — 
L 

to  guarantee  stability  above  50%  duty  cycle. 


(4) 


2.2  RINGING  INDUCTOR  CURRENT 

Looking  closer  at  the  inductor  current  waveform  reveals  two  additional 
phenomenon  related  to  the  previous  instability.  If  we  generalize  equation 
2  and  plot  In  vs  nT  for  all  n  as  in  Figure  3,  we  observe  a  damped 
sinusoidal  response  at  one-half  the  switching  frequency,  similar  to  that  of 
an  RLC  circuit  This  ring-out  is  undesirable  in  that  it  ( a)  produces  a 
ringing  response  of  the  inductor  current  to  line  and  load  transients,  and 
(b)  peaks  the  control  loop  gain  at  Vk  the  switching  frequency,  producing 
a  marked  tendency  towards  instability. 


FIGURE  3   -  ANALOGY  OF  THE  INDUCTOR  CURRENT  RESPONSE  TO 
THAT  OF  AN  RLC  CIRCUIT. 

It  has  been  shown  in  (1),  and  is  easily  verified  from  equation  2,  that  by 
choosing  the  slope  compensation  m  to  be  equal  to  -m2  (the  down  slope 
of  the  inductor  current),  the  best  possible  transient  response  is  obtained. 
This  is  analogous  to  critically  damping  the  RLC  circuit,  allowing  the 
current  to  correct  itself  in  exactly  one  cycle.  Figure  4  graphically 
demonstrates  this  point  Note  that  while  this  may  optimize  inductor 
current  ringing,  it  has  little  bearing  on  the  transient  response  of  the 
voltage  control  loop  itself. 


FIGURE  4   -  FOR  THE  CASE  OF  m  =  -m2,  A  CURRENT  PERTURBATION 
WILL  DAMP  OUT  IN  EXACTLY  ONE  CYCLE. 
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2.3  SUBHARMONIC  OSCILLATION 

Gain  peaking  by  the  inner  current  loop  can  be  one  of  the  most 
significant  problems  associated  with  current-mode  controllers.  This 
peaking  occurs  at  one-half  the  switching  frequency,  and  -  because  of 
excess  phase  shift  in  the  modulator  -  can  cause  the  voltage  feedback 
loop  to  break  into  oscillation  at  one-half  the  switching  frequency.  This 
instability,  sometimes  called  subharmonic  oscillation,  is  easily  detected 
as  duty  cycle  asymmetry  between  consecutive  drive  pulses  in  the  power 
stage.  Figure  5  shows  the  inductor  current  of  a  current-mode  controller 
in  subharmonic  oscillation  (dotted  waveforms  with  period  2T). 


For  steady  state  condition  we  can  write 

Dm1T  =  (l-D)m2T 
or 

-X02 


FIGURE  5   -  CURRENT  WAVE  FORM  (DOTTED)  OF  A  CURRENT-MODE 
CONVERTER  IN  SUBHARMONIC  OSCILLATION. 

To  determine  the  bounds  of  stability,  it  is  first  necessary  to  develop  an 
expression  for  the  gain  of  the  inner  loop  at  one-half  the  switching 
frequency.  The  technique  used  in  (2)  will  be  paralleled  for  a  buck 
converter  with  the  addition  of  terms  to  include  slope  compensation. 

2.3.1  LOOP  GAIN  CALCULATION  AT  Wfs 

Referring  to  figures  5  and  6,  we  want  to  relate  the  input  stimulus,  AVe, 
to  an  output  current,AlL.  From  figure  5.  two  equations  may  be 
written 

AIL  =  AD  mi  T  -AD  m2  T  (4) 
AVC  =  AD  m,  T  +AD  m2  T  (5) 

Adding  slope  compensation  as  in  figure  6  gives  another  equation 


AVe 


AVC  +  2 AD  m  T  (6) 


Using  (5)  to  eliminate  AVC  from  (6)  and  solving  forAlL/AV,  yields 


AIl 

AVe 


mj  —  1TI2 

m]  4-  rri2  +  m 


(7) 


FIGURE  6  ■ 


I  OF  SLOPE  COMPENSATION  TO  THE  CONTROL 


m[  -  m2 

By  using  (9)  to  reduce  (7),  we  obtain 
1 


Alt  = 
AVe       1  -2D(1  +  m/m2) 


(8) 


(9) 


(10) 


Now  by  recognizing  thatAIi_  is  simply  a  square  wave  of  period  2T,  we 
can  relate  the  first  harmonic  amplitude  toAli_  by  the  factor  4/rr  and 
write  the  small  signal  gain  at  f  =  !4fs  as 


4  n 


1  -  2D(1  +  m/m2) 


(11) 


If  we  assume  a  capacitive  load  of  C  at  the  output  and  an  error  amplifier 
gain  of  A,  then  finally,  the  expression  for  loop  gain  at  f  =  Yi  f$  is 


Loop  gain 


4TA 


(12) 


1  -  2D(1  +  m/m2) 


2.3.2  USING  SLOPE  COMPENSATION  TO  ELIMINATE 
SUBHARMONIC  OSCILLATION 

From  equation  1 2,  we  can  write  an  expression  for  maximum  error 
amplifier  gain  at  f  =  Hfs  to  guarantee  stability  as 


Amax  — 


1  -  2D(1  +  m/m2) 
4T 


(13) 


rr2  C 


This  equation  clearly  shows  that  the  maximum  allowable  error  amplifier 
gain,  Amax,  is  a  function  of  both  duty  cycle  and  slope  compensation.  A 
normalized  plot  of  Amax  versus  duty  cycle  for  several  values  of  slope 
compensation  is  shown  in  figure  7.  Assuming  the  amplifier  gain  cannot 
be  reduced  to  zero  at  f  =  &fs,  then  for  the  case  of  m  =  0  (no 
compensation)  we  see  the  same  instability  previously  discussed  at  50% 
duty  cycle.  As  the  compensation  is  increased  to  m  =  —  Wm2,  the  point 
of  instability  moves  out  to  a  duty  cycle  of  1 .0,  however  in  any  practical 

3 1-  ^  m/m2  =  — 2 
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FIGURE  7 
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V  S.  DUTY  CYCLE  FOR  VARYING  AMOUNTS  OF  SLOPE 
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system,  the  finite  value  of  Amax  will  drive  the  feedback  loop  into 
subharmonic  oscillation  well  before  full  duty  cycle  is  reached.  If  we 
continue  to  increase  m,  we  reach  a  point,  m  =  — rrt2,  where  the 
maximum  gain  becomes  independent  of  duty  cycle.  This  is  the  point  of 
critical  damping  as  discussed  earlier,  and  increasing  m  above  this  value 
will  do  little  to  improve  stability  for  a  regulator  operating  over  the  full 
duty  cycle  range. 


2.4  PEAK  CURRENT  SENSING  VERSUS 
AVERAGE  CURRENT  SENSING 

True  current-mode  conversion,  by  definition,  should  force  the  average 
inductor  current  to  follow  an  error  voltage  -  in  effect  replacing  the 
inductor  with  a  current  source  and  reducing  the  order  of  the  system  by 
one.  As  shown  in  Figure  8,  however,  peak  current  detecting  schemes  are 
generally  used  which  allow  the  average  inductor  current  to  vary  with 
duty  cycle  while  producing  less  than  perfect  input  to  output  -  or 
feedforward  characteristics.  If  we  choose  to  add  slope  compensation 
equal  to  m  =  —  14  m2  as  shown  in  Figure  9,  we  can  convert  a  peak 
current  detecting  scheme  into  an  average  current  detector,  again  allowing 
for  perfect  current  mode  control.  As  mentioned  in  the  last  section, 
however,  one  must  be  careful  of  subharmonic  oscillations  as  a  duty 
cycle  of  1  is  approached  when  using  m  =  -14  m2. 


FIGURE  8   -  PEAK  CURRENT  SENSING  WITHOUT  SLOPE  COMPENSATION 
ALLOWS  AVERAGE  INDUCTOR  CURRENT  TO  VARY  WITH 
DUTY  CYCLE 


2.5  SMALL  RIPPLE  CURRENT 

From  a  systems  standpoint,  small  inductor  ripple  currents  are  desirable 
for  a  number  of  reasons  -  reduced  output  capacitor  requirements, 
continuous  current  operation  with  light  loads,  less  output  ripple,  etc. 
However,  because  of  the  shallow  slope  presented  to  the  current  sense 
circuit,  a  small  ripple  current  can,  in  many  cases,  lead  to  pulse  width 
jitter  caused  by  both  random  and  synchronous  noise  (Figure  10).  Again, 
if  we  add  slope  compensation  to  the  current  waveform,  a  more  stable 
switchpoint  will  be  generated.  To  be  of  benefit,  the  amount  of  slope 
added  needs  to  be  significant  compared  to  the  total  inductor  current  - 
not  just  the  ripple  current  This  usually  dictates  that  the  slope  m  be 
considerably  greater  than  m2  and  while  this  is  desirable  for  subharmonic 
stability,  any  slope  greater  than  m  =  — V4  m2  will  cause  the  converter  to 
behave  less  like  an  ideal  current  mode  converter  and  more  like  a  voltage 
mode  converter.  A  proper  trade-off  between  inductor  ripple  current  and 
slope  compensation  can  only  be  made  based  on  the  equivalent  circuit 
model  derived  in  the  next  section. 


FIGURE  10  -  A  LARGE  PEDESTAL  TO  RIPPLE  CURRENT  RATIO. 

3.0  SMALL  SIGNAL  A.C.  MODEL 

As  we  have  seen,  many  drawbacks  associated  with  current-mode  control 
can  be  reduced  or  eliminated  by  adding  slope  compensation  in  varying 
degrees  to  the  current  waveform  In  an  attempt  to  determine  the  full 
effects  of  this  same  compensation  on  the  closed  loop  response,  a  small 
signal  equivalent  circuit  model  for  a  buck  regulator  will  now  be 
developed  using  the  state-space  averaging  technique  developed  in  (1). 

3.1  A.C.  MODEL  DERIVATION 

Figure  1 1  a  shows  an  equivalent  circuit  for  a  buck  regulator  power  stage. 
From  this  we  can  write  two  state-space  averaged  differential  equations 
corresponding  to  the  inductor  current  and  capacitor  voltage  as  functions 
of  duty  cycle  D 


FIGURE  9   -  AVERAGE  INDUCTOR  CURRENT  IS  INDEPENDENT  OF  DUTY 
P^^Pil^I  VOLTAGE  VARIATION  FOR  A  SLOPE 

T  m  —    V*  n^. 


;     (Vi-Vo)D  Vo(i-D) 

L  L  L 


V°=  C  R 


(14) 


(15) 
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between  R\  and  L  as  the  slope  compensation,  m  is  changed  In  most 
cases,  the  dependent  source  between  Rx  and  C  can  be  ignored. 

If  R\  is  much  greater  than  L,  as  is  the  case  for  little  or  no  compensation 
( m  =  0),  the  converter  will  have  a  single  pole  response  and  act  as  a  true 

current  mode  converter.  If  R\  is  small  compared  to  L  » 


\  Rs     21  I        \RS  2Lj 


Rs  T  /  m^  Vg\ 
\Rs  2L/ 


(B) 

FIGURE  11  -  BASIC  BUCK  CONVERTER  (A)  AND  ITS  SMALL  SIGNAL 
EQUIVALENT  CIRCUIT  MODEL  (B). 

If  we  now  perturb  these  equations  -  that  in  substitute 
V]  +  AVi,  V0  +  AV0,  D  +AD  andIL+AIL  for  their  respective 
variables  -  and  ignore  second  order  terms,  we  obtain  the  small  signal 


averaged  equations 


•  DAIL  AVo  VjAD 
AlL=  __  — +— 


(16) 
(17) 


A  third  equation  -  the  control  equation  -  relating  error  voltage,  Ve,  to 
duty  cycle  may  be  written  from  Figure  6  as 

lLR5  =  Ve-mDT-"-D'^TRs  (,8) 
2L 

Perturbing  this  equation  as  before  gives 

A,._  J^e     Arvr(J2L_:Yo\  T 


^f^DT(Fs-t)-TL<'-D>Av„ 


(19) 


By  using  19  to  eliminate  AD  from  16  and  17  we  arrive  at  the  state- 

(20) 

AVe  V|         AVU  V[  (1  -  D)  AIlVi 


AIL=-f  AV,+ 


RsLT/jn__Vo\     2L2/m__Vo_\  LT/m__Voi 
Irs    2L/  Irs    2  J       IRs    2  J 


.      AIL  AV0 

AV°  =  —  -CR 


(21) 


An  equivalent  circuit  model  for  these  equations  is  shown  in  Figure  1 1 B 
and  discussed  in  the  next  section. 


3.2 


The  model  of  Figure  1  IB  can  be  used  to  verify  and  expand  upon  our 
previous  observations.  Key  to  understanding  this  model  is  the  interaction 


then  a  double  pole  response  will  be  formed  by  the  LRC  output  filter 
similar  to  any  voltage-mode  converter.  By  appropriately  adjusting  m, 
any  condition  between  these  two  extremes  can  be  generated 

Rs  Vo 

Of  particular  interest  is  the  case  when  m  — — .  Since  the  down 

slope  of  the  inductor  current  (m2  from  Figure  6)  is  equal  to-5^2,  we 

can  write  m  =  -hm2.  At  this  point,  Rx  goes  to  infinity,  resulting  in  an 
ideal  current  mode  converter.  This  is  the  same  point  discussed  in 
section  2.4,  where  the  average  inductor  current  exactly  follows  the  error 
voltage.  Note  that  although  this  compensation  is  ideal  for  line  rejection 
and  loop  response,  maximum  error  amp  gain  limitations  as  higher  duty- 
cycles  are  approached  ( section  2.3)  may  necessitate  using  more 
compensation. 


Having  derived  an  equivalent  circuit  model,  we  may  now  proceed  in  its 
application  to  more  specific  design  examples.  Figure  1 2  plots  open  loop 
ripple  rejection  (  AVq/AVj)  at  120Hz  versus  slope  compensation  for  a 
typical  12  volt  buck  regulator  operating  under  the  following  conditions: 


Vo 
V, 
L 

C 
T 


=  12V 

=  25V 

=  200/uH 

=  300/Jf 

=  20/uS 

=  .50 

10,  120 


Rl  = 

Again,  as  the  slope  compensation  approaches  —  Mn^,  the  theoretical 
ripple  rejection  is  seen  to  become  infinite.  As  larger  values  of  m  are 
introduced  ripple  rejection  slowly  degrades  to  that  of  a  voltage-mode 
converter  (—6. 4dB  for  this  example). 


0      -0.5     -1      -1.5      -2     -2.5      -3      -3.5  -4 
SLOPE  COMPENSATION  (m/m2) 

FIGURE  12  -  RIPPLE  REJECTION  AT  120Hz  V.S.  SLOPE  COMPENSATION 
FOR  1AMP  AND  12AMP  LOADS. 
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If  a  small  ripple  to  D.C.  current  ratio  is  used,  as  is  the  case  for  Ri_  = 
lohm  in  the  example,  proportionally  larger  values  of  slope  compensation 
may  be  injected  while  still  maintaining  a  high  ripple  rejection  ratio.  In 
other  words,  to  obtain  a  given  ripple  rejection  ratio,  the  allowable  slope 
compensation  varies  proportionally  to  the  average  D.C.  current,  not  the 
ripple  current  This  is  an  important  concept  when  attempting  to 
minimize  noise  jitter  on  a  low  ripple  converter. 

Figure  13  shows  the  small  signal  loop  response  (AVo/AVe)  versus 
frequency  for  the  same  example  of  Figure  12.  The  gains  have  all  been 
normalized  to  zero  dB  at  low  frequency  to  reflect  the  actual  difference  in 
frequency  response  as  slope  compensation  m  is  varied  At  m  =  —  Vi  m2, 
an  ideal  single-pole  roll-off  at  6dB/octave  is  obtained.  As  higher  ratios 
are  used,  the  response  approaches  that  of  a  double-pole  with  a 
12dB/ octave  roll-off  and  associated  180°  phase  shift 


c  -L 

:r2 

Ri  - 

(a)  SUMMING  OF  SLOPE  COMPENSATION  DIRECTLY  WITH  SENSED  CURRENT 
SIGNAL 

I  UC1846 


mlmz  =-100 
m/m2  =-10 

m/m2  =-1 
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FREQUENCY  (HERTZ) 

NORMALIZED  LOOP  GAIN  V.S.  FREQUENCY  FOR  VARIOUS 
SLOPE  COMPENSATION  RATIO'S. 


0SC 
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(b)  SUMMING  OF  SLOPE  COMPENSATION  WITH  ERROR  SIGNAL 


=FCT 


osc 


4.0  SLOPE  COMPENSATING  THE  UC1846  CONTROL  tC. 

Implementing  a  practical,  cost  effective  current-mode  converter  has 
recently  been  simplified  with  the  introduction  of  the  UC1846  integrated 
control  chip.  This  LC.  contains  all  of  the  control  and  support  circuitry 
required  for  the  design  of  a  fixed  frequency  current-mode  converter. 
Figures  14A  and  B  demonstrate  two  alternative  methods  of  implementing 
slope  compensation  using  the  UC1846.  Direct  summing  of  the 
compensation  and  current  sense  signal  at  Pin  4  is  easily  accomplished, 
however,  this  introduces  an  error  in  the  current  limit  sense  circuitry.  The 
alternative  method  is  to  introduce  the  compensation  into  the  negative 
input  terminal  of  the  error  amplifier.  This  will  only  work  if  (a)  the  gain 
of  the  error  amplifier  is  fixed  and  constant  at  the  switching  frequency 
(R1/R2  for  this  case)  and  (b)  both  error  amplifier  and  current  amplifier 
gains  are  taken  into  consideration  when  calculating  the  required  slope 
compensation.  In  either  case,  once  the  value  of  R2  has  been  calculated, 
the  loading  effect  on  Or  can  be  determined  and,  if  necessary,  a  buffer 
stage  added  as  in  Figure  14C. 


(c)  EMITTER  FOLLOWER  USED  TO  LOWER  OUTPUT  IMPEDANCE  OF 
OSCILLATOR. 

FIGURE  14  -  ALTERNATIVE  METHODS  OF  IMPLEMENTING  SLOPE  COMPEN- 
SATION WITH  THE  UC1846  CURRENT-MODE  CONTROLLER. 
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UC3717  and  L-C  Filter  Reduce  EMI  and 
Chopping  Losses  in  Step  Motor 


A chopper  drive  which  uses  the  inductance  of  the  motor 
as  the  controlling  element  causes  a  temperature 
rise  in  the  motor  due  to  hysteresis  and  eddy  current 
losses.  For  most  motors,  especially  solid  rotor  construc- 
tions, this  extra  heat  can  force  the  designer  to  go  to  a  larger  motor 
and  then  derate  it,  or  to  a  more  expensive  laminated  construction 
in  order  to  produce  enough  output  torque  for  the  job.  Regardless 
of  the  motor  type,  any  extra  heat  generated  within  a  system  will 
have  to  be  removed  or  else  other  system  components  will  be 
stressed  unnecessarily.  This  could  mean  using  a  fan  where  con- 
vection cooling  might  otherwise  have  sufficed.  In  addition,  the 
EMI  generated  from  both  the  motor  and  its  leads  is  of  serious  con- 
cern to  the  designer  in  view  of  ever-increasing  EMI  regulations. 

These  problems  can  be  virtually  eliminated  by  borrowing  a  sim- 
ple technique  from  switching  power  supply  designs,  i.e.,  by  plac- 
ing a  properly  designed  low-pass  L-C  filter  across  the  output  and 
using  this  L  to  control  the  UC3717.  This  removes  the  high  fre- 
quency AC  chopping  losses  in  the  motor  by  providing  it  with 
almost  pure  DC  current.  It  also  confines  the  EM  l-causing,  high  fre- 
quency AC  components  to  within  the  driver  where  they  are  easier 
to  handle.  This  could  allow  increased  wire  lengths  and  possibly 
free  up  some  design  constraints,  but  remember  that  even  though 
DC  emits  no  EMI,  the  driver  will  still  commutate  the  windings  and 
can  produce  some  components  of  frequency  as  high  as  10  kHZ. 
The  design  of  the  L-C  filter  is  straight-forward  and  its  small  addi- 
tional cost  can  be  recovered  easily.  The  Unitrode  UC3717,  a  com- 
plete chopper  drive  for  one  phase  winding  on  a  monolithic  IC, 
makes  the  design  job  simple.  The  end  result,  a  cooler  running  and 
EMI  quieter  step  motor,  can  be  achieved  with  just  a  few  additional 
passive  components. 


Preliminary  Considerations 

For  our  analysis,  we  will  use  a "  23"  frame,  bipolar  motor  with 
a  solid  rotor  and  the  following  specifications: 

Pma>  =     9  0  Watts     =  Maximum  power  dissipation  at  25°C 
Vm„  =    3.75  Volts     =  Maximum  voltage  per  motor  phase  at 
25°C 

Maximum  current  per  motor  phase  at 
25°C 

=  Resistance  of  one  phase  at  25°C 
=  Inductance  of  one  phase  winding 

•ft  should  be  noted  that  L„,  as  given  in  a  manufacturer's  data 
sheet,  is  not  always  true  average  inductance  as  seen  at  high  cur- 
rent in  a  circuit,  but  rather  the  inductance  reading  you  would 
obtain  from  a  low  current  inductance  bridge.  This  value  can  differ 
from  in-circuit  inductance  by  a  factor  of  2  or  more!  The  in-circuit 
inductance  for  this  motor  is  5.0  mH. 

We  begin  by  calculating  the  electrical  time  constant  of  one 


phase  winding  using  the  resistance  value  given  above  and  the 
actual  motor  inductance: 


lma« 
Rm 


1.25  Amps 

3.0  Ohms 
8.4  mH 


.  L„  =  5.0  mH 
'  R„     3.0  Ohms 


1.67  msec 


(1) 


If  one  were  using  a  standard  voltage  drive  then  it  would  take 
approximately  t„  or  1.67  msec  to  reach  the  current  level  required 
for  proper  operation.  This  places  a  severe  restriction  on  motor 
speed.  Increasing  the  drive  voltage  will  allow  the  motor  to  run  fas- 
ter but  will  cause  it  to  draw  too  much  current  and  overheat.  Max- 
imum motor  speed  may  be  increased  by  decreasing  the  time 
constant.  Since  Lm  is  fixed,  the  only  parameter  we  can  change  i 
the  effective  value  of  Rm  by  placing  a' resistor  in  series  with  it.  If  we 
place  a  resistor  4  times  Rm  in  series  such  that  total  R  is  5  times  Rm 
and  increase  the  drive  voltage  by  a  factor  of  5  then  we  will  have 
reduced  the  time  constant  by  a  factor  of  5  to  330  ^sec  and  also 
increased  both  the  maximum  motor  speed  and  maximum  power 
output  by  a  factor  of  5  each.  Unfortunately,  we  will  have  increased 
wasted  power  by  a  factor  of  5  also. 


The  Chopper  Drive 


Using  a  chopper  drive  enables  one  to  run  at  a  higher  voltage 
and  thus  reach  proper  operating  current  faster  while  still  protect- 
ing the  motor  from  excessive  current  that  would  otherwise  flow 
due  to  the  higher  voltage.  The  high  voltage  is  first  applied  across 
the  motor  winding  and  then,  when  lma,  is  reached,  it  is  switched  off. 
(If  it  were  not  switched  off  then  the  maximum  current  rating  of  the 
motor  would  be  quickly  exceeded.)  The  current  is  then  allowed  to 
circulate  in  a  loop  within  the  driver  and  motor  for  a  fixed  time  per- 
iod (toll)  after  which  the  voltage  is  re-applied  to  the  motor.  The 
operating  frequency,  which  is  determined  by  both  the  motor 
inductance  and  toB  should  be  high  enough  that  the  resulting  cur- 
rent ripple  is  small  compared  to  the  average  DC  current.  Power 
efficiency  is  relatively  high  because  there  is  no  external  resistor 
used. 

Nothing  is  free  in  the  world  of  physics,  however,  and  the  price 
one  pays  for  the  extra  power  output  capability  is  an  increase  in 
wasted  heat  due  to  hysteresis  and  eddy  current  losses  within  the 
motor  instead  of  in  an  external  resistor.  Being  within  the  motor,  it 
can  now  cause  overheating  as  well  as  reliability  problems.  Since 
the  excess  heat  increases  rapidly  with  the  overdrive  ratio,  this 
means  that  at  low  overdrive  ratios  (less  than  5-to-1)  there  will  be 
almost  negligible  heating,  but  at  higher  overdrive  ratios  (more 
than  10-to-1)  the  induced  motor  losses  can  beome  as  great  as,  or 
actually  exceed,  the  l2R  losses!  By  placing  a  low-pass  L-C  filter  in 
the  circuit  these  induced  losses  can  once  again  become  negligi- 
ble. The  L  and  C  components  selected  should  be  capable  of 
operating  at  frequencies  of  25  kHz  or  higher  without  heating 
effects  in  the  inductor  core  or  inductive  effects  in  the  capacitor. 
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Designing  with  the  UC3717  

Using  a  supply  voltage  (vs)  of  40  volts  (approximately  a  10/1 
overdrive),  the  turn-on  rise-time  becomes: 

U  =  -t„  x  Ln  (1  -  Vm/VJ  =  -1.67  x  103  x  Ln  (1  -  3.75  /  40) 

=  164  usee  (2) 

or  an  improvement  of  approximately  10-to-1  in  speed  capability. 

Using  an  off-time  (t0„)  of  30  usee  as  suggested  on  the  UC3717 
data  sheet  and  limiting  current  (IJ  to  850  mA  establishes  a  voltage 
across  the  resistive  component  of  the  winding  (V«.on)  . during  the 
"on"  time  of: 

Vw.„„  =  l„  x  Rw  =  .85  x  3.0  =  2.55  Volts  •  (3) 

and  during  the  "off  time  (due  to  a  2.6  volt  drop  across  the  upper 
transistor,  as  shown  in  the  data  sheet,  and  a  0.4  volt  drop  across 
the  Schottky  "catch"  diode)  of: 

Vw.0«  =  V1rsn„sl0,  +  MM  =  2.6  +  0.4  =  3.0  Volts  (4) 


Since  the  voltage  and  current  changes  are  small,  we  can  substi- 
tute a  resistance  (RJequivalent  toV„.0„/lwin  series  with R„ to  adjust 
the  time  constant  and  allow  us  to  calculate  the  approximate  cur- 
rent ripple  (AIJ  during  t0„: 


AL 


11  -  exp 


r-  uR» 

L  u 


/  ["-  30x1O6  x  (3.0  +  3.5)1  \ 

1 1  -  exp    L  5x10  3  J  j 


.85  x  11  -  exp 

=  33  mA  p-p 

Knowing  Alw,  we  can  now  calculate  the  on-time  (t„„): 
Al.  x  Lm         33x1Q3  x  5x103 


V  -  V 


40  -  2.55 


4.4  jisec 


(5) 


(6) 


and  can  also  find  our  operating  frequency  (f)  by: 

f  =  1  /  (ton  +  U  =  1  /  (4.4  +  30)  x  106  =  29.1  kHz  (7) 


VERT  =  10  mA  / 
DIV 

HORIZ  =  5  ysec  / 
DIV 


Figure  1.  A-C  component  of  motor  current  for  standard 
chopper  configuration. 


Since  this  frequency  is  well  above  audible  ranges,  it  will  not  cause 
any  objectionable  sound,  but  there  are  still  the  problems  of  EMI 
and  excess  motor  heating  to  deal  with.  It  is  possible  to  generate 
EMI  due  to  the  current  switching  that  occurs  in  the  motor  leads 
because  they  carry  not  only  the  primary  frequency,  but  also  many 
higher  harmonics  as  well,  so  they  require  careful  routing,  shield- 
ing, or  both.  We  can  put  in  a  low  pass  L-C  filter  to  remove  these 


high  frequencies  and  still  pass  normal  commutation  currents 
without  any  significant  loss  of  motor  performance. 


Design  of  the  L-C  Filter 


Figure  2  is  a  block  diagram  of  a  motor  connected  to  2  UC3717s 
with  the  low-pass  L-C  filters  in  place. 

Again  we  will  use  a  current  of  850  mA  in  each  winding,  an  off- 
time  of  30  usee,  and  an  on-time  of  4.4  ^isec  but  now  we  will  use  an 
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Figure  2.  Low-pass  L-C  filters  on  outputs. 


external  inductance  (L)  to  control  the  chopping.  V0r00  is  the  sum  of 
the  source  (VJ  and  sink  (VJ  voltage  drops  at  850  mA: 

V0,w  =  V„  +  Va  +  VU,  =  (2.6  +  1.9  +  0.36) 

=  4.9  volts  (8) 

In  order  to  minimize  the  effects  of  L  on  the  motor  current  risetime 
we  will  make  it  10  times  smaller  than  Lmor500^H.  In  order  to  keep 
the  peak  current  in  the  UC3717  below  1  amp  we  will  use  a  0.42 
ohm  sense  resistor  and  also  limit  JL  to  300  mA.  Using  a  variation  of 
equation  (6)  we  can  check  that: 


L  = 


(V,-Vw)x  U  _  (40  -4.9)  x  4.4X106 


300x10"" 


515  MH 


(9) 


is  in  keeping  with  the  constraints  outlined  above. 

Similarly,  we  would  like  to  find  a  value  for  the  capacitor  (C)  such 
that  it  will  have  less  than  1/10  the  impedance  of  L  at  29.1  kHz: 


C  = 


10 


10 


(2  x  7i  x  f)  x  L  (2  x  3.14  x  29100)2  x  500x10* 
=  0.6 


(10) 


The  test  motor  and  driver,  operated  unloaded  (nothing  con- 
nected to  the  output  shaft)  and  in  the  configuration  of  Figure  2, 
used  values  of  500  ^H  for  the  inductor  and  0.47  uF  for  the  capaci- 
tor. Figure  1  and  Figures  3  through  6  are  waveforms  obtained 
from  that  motor. 

The  lower  trace  of  Figure  3  (Figure  3b)  shows  the  330  mA  cur- 
rent sawtooth  in  the  inductor,  while  the  upper  trace  (Figure  3a) 
shows  an  8  mA  p-p  current  ripple  in  the  motor  winding.  While  this 
may  seem  to  indicate  only  a  12  dB  reduction  in  EMI  over  Figure  1, 
comparing  the  sinusoidal  waveform  of  Figure  3a  to  the  "noisy" 
sawtooth  waveform  of  Figure  1  will  quickly  point  out  sources  of 
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EMI.  In  Figure  1 ,  the  oscillations  immediately  following  each 
switch  of  the  driver  are  due  to  the  motor's  distributed  capacitance 
resonating  with  its  inductance  and  are  a  possible  source  of  EM  I.  In 
addition,  sharp  current  spikes  are  allowed  to  pass  along  the  motor 
leads  and  through  the  motor's  distributed  capacitance  unhin- 
dered, thus  creating  high  frequency  EMI.  EMI  spikes  were  vir- 
tually eliminated  from  Figure  3a  by  using  a  low  ESR  capacitor  and 
connecting  the  motor  leads  close  to  the  body  of  the  capacitor. 

Figure  4  shows  motor  current  superimposed  over  the  inductor 
current.  Just  to  the  left  of  the  center  graticle  line  a  ringing  occurs  in 
the  inductor  current  that  also  appears  in  the  motor  current, 
although  attenuated.  This  ringing  occurs  at  a  frequency  of: 


a)  VERT  =  2 
mA  I  DIV  A  C 
component  of 
Motor  Cur- 
rent with  L-C 
filter. 

0}  VERT  =  100 
mA  /  DIV  AC 
component  of 
inductor  cur- 
rent with  L-C 
filter. 

HORIZ  =  SjiS/ 
DIV 


Figure  3.  Motor  and  inductor  current  waveforms. 


HORIZ  =  200mS; 
DIV 


Figure  4.  Filter  current  waveform  superimposed  over  motor 
current  waveform. 


the  step  motor  are  operated  in  quadrature  and  thus  will  generate 
4  distinct  states  in  the  2  phases  which  correspond  to  4  mechanical 
steps  for  each  electrical  cycle. 

FSPS  =  4  x  frequency  (for  a  2  or  "4"  phase  step  motor)  (12) 

It  is  important  to  note  at  this  time  that  10.4  kHz  is  the  highest  fre- 
quency that  can  be  passed  to  this  motor  without  attenuation  using 
the  selected  components,  but  that  this  corresponds  to  a  step  rate 
of  41,600  FSPS!  The  test  motor  was  able  to  run  at  17,000  full  steps 
per  second  with  the  L-C  filter  in  place,  which  is  high  enough  for 
most  situations. 

Figures  5  and  6  are  current  waveforms  for  the  motor  running  at 
1600  FSPS  and  16,000  FSPS  respectively.  The  motor  was  opera- 
ted with  the  L-C  filter  on  only  the  lower  trace  winding  so  that  the 
waveforms  could  be  compared  easily.  Looking  at  Figure  5,  one 
can  see  that  the  leading  edges  of  both  waveforms  have  the  same 


VERT  =  500mA  / 
DIV 

Motor  current 
without  l_-C  filter. 

VERT  =  600mA  I 
DIV 

Motor  current  with 
L-C  filter 

HORIZ  =  SOOfiS  / 
DIV 


Figure  5.  Motor  currents  at  1600  FSPS. 


=  1/2  WLxC  =  1  /  6.28  x  v1  500x10°  x  0.47x10' 
=  10.4  kHz  (11) 

which  is  the  resonant  frequency  of  the  L-C  filter.  This  frequency 
can  be  lowered  by  increasing  the  value  of  either  L  or  C,  although 
at  a  cost  of  reducing  the  high  speed  performance  of  the  motor. 

The  high  frequency  sawtooth  waveforms  at  the  upper,  flat  por- 
tion of  the  motor  current  waveform  are  the  29.1  kHz  chopping  cur- 
rents in  the  inductor.  They  cause  a  small  corresponding  ripple  in 
the  motor  current  but,  because  the  chopping  frequency  is  more 
than  twice  the  break  frequency  of  the  2-pole  L-C  filter,  we  would 
expect,  and  can  see,  an  attenuation  greater  than  12  dB. 

In  a  2  phase  step  motor  (sometimes  referred  to  as  a  4  phase 
step  motor  because  of  the  4  windings  used  in  the  unipolar  version) 
the  STEP  RATE,  in  full  steps  per  second  (FSPS),  is  4  times  the  pri- 
mary frequency  of  the  motor  current  waveform.  The  two  phases  of 


risetimes,  although  the  filtered  one  has  more  suscepibility  toward 
ringing.  From  Figure  6,  one  can  see  that  torque  is  down  only  3  dB 
at  16,000  FSPS  and  that  there  are  "glitches"  in  the  unfiltered 
waveform  that  do  not  appear  in  the  filtered  waveforms. 


VERT  =  500mA  / 
DIV 

Motor  current 
without  L-C  filter. 

VERT  =  500  mA  / 
DIV 

Motor  current  with 
L-C  filter 

HORIZ  =  100mS/ 
DIV 


Figure  6.  Motor  currents  at  16,000  FSPS. 


Conclusions 


The  use  of  a  low-pass  filter  can  be  an  effective  heat  and  EMI 
reduction  mechanism  when  used  with  a  step  motor  chopper 
driver  such  as  the  UC3717.  The  price  one  pays  for  a  "clean"  EMI 
environment  is  a  small  loss  in  very  high  speed  performance.  The 
technique  may  be  applied  equally  well  to  non-IC  chopper  drivers 
but  the  peak  currents  must  be  accounted  for  and  the  minimum 
value  of  L  adjusted  accordingly.  500  nH  is  the  smallest  practical  L 
that  should  be  used  with  the  UC3717  since  we  do  not  want  the 
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peak  of  the  ripple  to  exceed  1 .0  amps.  This  limits  the  usefulness  of 
the  technique  to  motors  with  inductances  of  2  mH  or  more.  At 
average  currents  less  than  300  mA,  the  value  of  L  may  have  to  be 


larger  in  order  to  maintain  continuous  current  in  the  inductor,  but 
the  physical  size  may  be  decreased.  If  an  average  current  in 
excess  of  850  mA  is  required,  then  a  power  amplifier  may  be 
added  as  shown  in  Figure  7.  This  will  extend  the  peak  current 
capabilities  of  the  chopper  drive  to  higher  current  and  will  also 
allow  the  value  of  L  to  be  decreased. 
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Figure  7.  UC3717  chopper  drive  with  PIC900B  Power  Amplifier  on  one  phase  of  step  motor. 
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INTRODUCTION 

The  fundamental  challenge  of  power  supply  design  is  to 
simultaneously  realize  two  conflicting  objectives:  good 
electrical  performance  and  low  cost.  The  UC3842/3/4/5 
is  an  integrated  pulse  width  modulator  (PWM)  designed 
with  both  these  objectives  in  mind.  This  IC  provides  de- 
signers an  inexpensive  controller  with  which  they  can  ob- 
tain all  the  performance  advantages  of  current  mode  op- 
eration. In  addition,  the  UC3842  series  is  optimized  for  ef- 
ficient power  sequencing  of  off-line  converters,  DC  to  DC 
regulators  and  for  driving  power  MOSFETs  or  transistors. 

This  application  note  provides  a  functional  description  of 
the  UC3842  family  and  highlights  the  features  of  each  in- 
dividual member,  the  UC3842,  UC3843,  UC3844  and 
UC3845.  Throughout  the  text,  the  UC3842  part  number 
will  be  referenced,  however  the  generalized  circuits  and 
performance  characteristics  apply  to  each  member  of  the 
UC3842  series  unless  otherwise  noted.  A  review  of  cur- 
rent mode  control  and  its  benefits  is  included  and  meth- 
ods of  avoiding  common  pitfalls  are  mentioned.  The  final 
section  presents  designs  of  power  supplies  utilizing 
UC3842  control. 


CURRENT-MODE  CONTROL 

Figure  1  shows  the  two-loop  current-mode  control  system 
in  a  typical  buck  regulator  application.  A  clock  signal  initi- 
ates power  pulses  at  a  fixed  frequency.  The  termination  of 
each  pulse  occurs  when  an  analog  of  the  inductor  current 
reaches  a  threshold  established  by  the  error  signal.  In  this 
way  the  error  signal  actually  controls  peak  inductor  cur- 
rent. This  contrasts  with  conventional  schemes  in  which 
the  error  signal  directly  controls  pulse  width  without  regard 
to  inductor  current. 

Several  performance  advantages  result  from  the  use  of 
current-mode  control.  First,  an  input  voltage  feed-forward 
characteristic  is  achieved;  i.e.,  the  control  circuit  instanta- 
neously corrects  for  input  voltage  variations  without  using 
up  any  of  the  error  amplifier's  dynamic  range.  Therefore, 
line  regulation  is  excellent  and  the  error  amplifier  can  be 
dedicated  to  correcting  for  load  variations  exclusively. 

For  converters  in  which  inductor  current  is  continuous, 
controlling  peak  current  is  nearly  equivalent  to  controlling 
average  current.  Therefore,  when  such  converters  employ 
current-mode  control,  the  inductor  can  be  treated  as  an 
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Figure  t.  Two-Loop  Current-Mode  Control  System 
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error-voltage-controlled-current-source  for  the  purposes  of 
small-signal  analysis.  This  is  illustrated  by  Figure  2.  The 
two-pole  control-to-output  frequency  response  of  these 
converters  is  reduced  to  a  single-pole  (filter  capacitor  in 
parallel  with  load)  response.  One  result  is  that  the  error 
amplifier  compensation  can  be  designed  to  yield  a  stable 
closed-loop  converter  response  with  greater  gainband- 
width  than  would  be  possible  with  pulse-width  control,  giv- 
ing the  supply  improved  small-signal  dynamic  response  to 
changing  loads.  A  second  result  is  that  the  error  amplifier 
compensation  circuit  becomes  simpler,  as  illustated  in  Fig- 
ure 3.  Capacitor  Q  and  resistor  RjZ  in  Figure  3a  add  a  low 
frequency  zero  which  cancels  one  of  the  two  control-to- 
output  poles  of  non-current-mode  converters.  For  large- 
signal  load  changes,  in  which  converter  response  is  limit- 
ed by  inductor  slew  rate,  the  error  amplifier  will  saturate 
while  the  inductor  is  catching  up  with  the  load.  During  this 
time,  Cj  will  charge  to  an  abnormal  level.  When  the  induc- 
tor current  reaches  its  required  level,  the  voltage  on  Q 


causes  a  corresponding  error  in  supply  output  voltage. 
The  recovery  time  is  RjZCj,  which  may  be  quite  long.  How- 
ever, the  compensation  network  of  Figure  3b  can  be  used 
where  current-mode  control  has  eliminated  the  inductor 
pole.  Large-signal  dynamic  response  is  then  greatly  im- 
proved due  to  the  absence  of  Cj. 

Current  limiting  is  greatly  simplified  with  current-mode  con- 
trol. Pulse-by-pulse  limiting  is,  of  course,  inherent  in  the 
control  scheme.  Furthermore,  an  upper  limit  on  the  peak 
current  can  be  established  by  simply  clamping  the  error 
voltage.  Accurate  current  limiting  allows  optimization  of 
magnetic  and  power  semiconductor  elements  while  ensur- 
ing reliable  supply  operation. 

Finally,  current-mode  controlled  power  stages  can  be  op- 
erated in  parallel  with  equal  current  sharing.  This  opens 
the  possibility  of  a  modular  approach  to  power  supply  de- 
sign. 


O  VOUT 


Figure  2.  Inductor  Looks  Like  a  Current  Source  to  Small  Signals 


A)  Direct  Duty  Cycle  Control  B)  Current  Mode  Control 

Figure  3.  Required  Error  Amplifier  Compensation  for  Continuous  Inductor  Current  Designs 
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THE  UC3842/3/4/5  SERIES  OF  CURRENT-MODE  PWM  ICS 


DESCRIPTION 

The  UC1 842/3/4/5  family  of  control  ICs  provides  the  nec- 
essary features  to  implement  off-line  or  DC  to  DC  fixed 
frequency  current  mode  control  schemes  with  a  minimal 
external  parts  count.  Internally  implemented  circuits  in- 
clude under-voltage  lockout  featuring  start  up  current  less 
than  1  mA,  a  precision  reference  trimmed  for  accuracy  at 
the  error  amp  input,  logic  to  insure  latched  operation,  a 
PWM  comparator  which  also  provides  current  limit  control, 
and  a  totem  pole  output  stage  designed  to  source  or  sink 
high  peak  current.  The  output  stage,  suitable  for  driving  ei- 
ther N  Channel  MOSFETs  or  bipolar  transistor  switches,  is 
low  in  the  off  state. 

Differences  between  members  of  this  family  are  the  un- 
der-voltage lockout  thresholds  and  maximum  duty  cycle 
ranges.  The  UC1842  and  UC1844  have  UVLO  thresholds 
of  16V  (on)  and  10V  (off),  ideally  suited  to  off-line  applica- 
tions. The  corresponding  thresholds  for  the  UC1843  and 
UC1845  are  8.5V  and  7.9V.  The  UC1842  and  UC1843  can 
operate  to  duty  cycles  approaching  100%.  A  range  of 
zero  to  <50%  is  obtained  by  the  UC1844  and  UC1845  by 
the  addition  of  an  internal  toggle  flip  flip  which  blanks  the 
output  off  every  other  clock  cycle. 

IC  SELECTION  GUIDE 


FEATURES 

•  Optimized  for  Off-Line  and  DC  to  DC  Converters 

•  Low  Start  Up  Current  (<1  mA) 

•  Automatic  Feed  Forward  Compensation 

•  Pulse-By-Pulse  Current  Limiting 

•  Enhanced  Load  Response  Characteristics 

•  Under-Voltage  Lockout  with  Hysteresis 

•  Double  Pulse  Suppression 

•  High  Current  Totem  Pole  Output 

•  Internally  Trimmed  Bandgap  Reference 

•  500  kHz  Operation 

•  Low  Ro  Error  Amp 


RECOMMENDED  USAGE 


UVLO 
START 

MAXIMUM  DUTY  CYCLE 

<50% 
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Note:  1.  IA/BI  A=  DIL-8  Pin  Number.  B  =  SO-16  Pin  Number. 
2.  Toggle  flip  flop  used  only  in  1844A  and  1845A. 

Figure  4 
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UNDER-VOLTAGE  LOCKOUT 

The  UVLO  circuit  insures  that  Vcc  is  adequate  to  make 
the  UC3842/3/4/5  fully  operational  before  enabling  the 
output  stage.  Figure  5  shows  that  the  UVLO  turn-on  and 
turn-off  thresholds  are  fixed  internally  at  16V  and  10V  re- 
spectively. The  6V  hysteresis  prevents  Vcc  oscillations 
during  power  sequencing.  Figure  6  shows  supply  current 
requirements.  Start-up  current  is  less  than  1  mA  for  effi- 
cient bootstrapping  from  the  rectified  input  of  an  off-line 
converter,  as  illustrated  by  Figure  6.  During  normal  circuit 
operation,  Vcc 's  developed  from  auxiliary  winding  W^ux 
with  D-|  and  C|n-  At  start-up,  however,  Qn  must  be 
charged  to  16V  through  R|n.  With  a  start-up  current  of  1 
mA,  R|n  can  be  as  large  as  100  kn  and  still  charge  C|n 
when  Vac  =  90V  RMS  (!°w  line)-  Power  dissipation  in 
Rin  would  then  be  less  than  350  mW  even  under  high  line 
(VAC  =  130V  RMS)  conditions. 

During  UVLO;  the  output  driver  is  in  a  low  state.  While  it 
doesn't  exhibit  the  same  saturation  characteristics  as  nor- 
mal operation,  it  can  easily  sink  1  milliamp,  enough  to  in- 
sure the  MOSFET  is  held  off. 
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Figure  6.  During  Under-Voltage  Lockout,  the  output 
driver  is  biased  to  sink  minor  amounts  of 
current. 

OSCILLATOR 

The  UC3842  oscillator  is  programmed  as  shown  in  Figure 
8.  Timing  capacitor  Cj  is  charged  from  Vref  (5V)  through 
the  timing  resistor  Rj,  and  discharged  by  an  internal  cur- 
rent source. 

The  first  step  in  selecting  the  oscillator  components  is  to 
determine  the  required  circuit  deadtime.  Once  obtained, 
Figure  9  is  used  to  pinpoint  the  nearest  standard  value  of 
Or  for  a  given  deadtime.  Next,  the  appropriate  Rj  value  is 
interpolated  using  the  parameters  for  Cj  and  oscillator 
frequency.  Figure  10  illustrates  the  Rj/Cj  combinations 
versus  oscillator  frequency.  The  timing  resistor  can  be  cal- 
culated from  the  following  formula. 

Fosc  (kHz)  =  1.72  /  (RT  (k)  x  CT  (jxf)) 

The  UC3844  and  UC3845  have  an  internal  divide-by-two 
flip-flop  driven  by  the  oscillator  for  a  50%  maximum  duty 
cycle.  Therefore,  their  oscillators  must  be  set  to  run  at 
twice  the  desired  power  supply  switching  frequency.  The 
UC3842  and  UC3843  oscillator  runs  AT  the  switching  fre- 
quency. Each  oscillator  of  the  UC3842/3/4/5  family  can 
be  used  to  a  maximum  of  500  kHz. 
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Figure  7.  Providing  Power  to  the  UC3842/3/4/5 
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MAXIMUM  DUTY  CYCLE 

The  UC3842  and  UC3843  have  a  maximum  duty  cycle  of 
approximately  100%,  whereas  the  UC3844  and  UC3845 
are  clamped  to  50%  maximum  by  an  internal  toggle  flip 
flop.  This  duty  cycle  clamp  is  advantageous  in  most  fly- 
back and  forward  converters.  For  optimum  IC  perform- 
ance the  deadtime  should  not  exceed  15%  of  the  oscilla- 
tor clock  period. 

During  the  discharge,  or  "dead"  time,  the  internal  clock 
signal  blanks  the  output  to  the  low  state.  This  limits  the 
maximum  duty  cycle  Dmax  to: 

DMAX  =  1  -  (tDEAD  /  tpERIOD)  UC3842/3 

Dmax  =  1  -  (Idead  /  2  x  tPER|oD)  UC3844/5 
where  Tperiod  =  1  /  F  oscillator 
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Figure  8 
Deadtime  vs  CT  (RT  >  5k) 
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Timing  Resistance  vs  Frequency 
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CURRENT  SENSING  AND  LIMITING 

The  UC3842  current  sense  input  is  configured  as  shown 
in  Figure  12.  Current-to-voltage  conversion  is  done  exter- 
nally with  ground-referenced  resistor  Rs-  Under  normal 
operation  the  peak  voltage  across  Rs  is  controlled  by  the 
E/A  according  to  the  following  relation: 


Ip  = 


Vc  ~  1-4V 
3RS 


where  Vc  =  control  voltage  =  E/A  output  voltage. 

Rs  can  be  connected  to  the  power  circuit  directly  or 
through  a  current  transformer,  as  Figure  11  illustrates. 
While  a  direct  connection  is  simpler,  a  transformer  can  re- 
duce power  dissipation  in  Rs,  reduce  errors  caused  by  the 
base  current,  and  provide  level  shifting  to  eliminate  the  re- 
straint of  ground-referenced  sensing.  The  relation  be- 
tween Vc  and  peak  current  in  the  power  stage  is  given  by: 


.      _     /yRsfPkA  _  N 


(vc  -  1.4v) 


where:  N  =  current  sense  transformer  turns  ratio 
=  1  when  transformer  not  used. 

For  purposes  of  small-signal  analysis,  the  control-to- 
sensed-current  gain  is: 

'(pk)=  N 
VC  3RS 

When  sensing  current  in  series  with  the  power  transistor, 
as  shown  in  Figure  11,  the  current  waveform  will  often 
have  a  large  spike  at  its  leading  edge.  This  is  due  to  recti- 
fier recovery  and/or  inter-winding  capacitance  in  the  pow- 
er transformer.  If  unattenuated,  this  transient  can  prema- 
turely terminate  the  output  pulse.  As  shown,  a  simple  RC 
filter  is  usually  adequate  to  suppress  this  spike.  The  RC 
time  constant  should  be  approximately  equal  to  the  cur- 
rent spike  duration  (usually  a  few  hundred  nanoseconds). 

The  inverting  input  to  the  UC3842  current-sense  compara- 
tor is  internally  clamped  to  1V  (Figure  12).  Current  limiting 
occurs  if  the  voltage  at  pin  3  reaches  this  threshold  value, 
i.e.,  the  current  limit  is  defined  by: 
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Figure  11.  Transformer-Coupled 
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Figure  12.  Current  Sensing 


The  error  amplifier  (E/A)  configuration  is  shown  in  Figure 
13.  The  non-inverting  input  is  not  brought  out  to  a  pin,  but 
is  internally  biased  to  2.5V  +  2%.  The  E/A  output  is 
available  at  pin  1  for  external  compensation,  allowing  the 
user  to  control  the  converter's  closed-loop  frequency  re- 


Figure  14  shows  an  E/A  compensation  circuit  suitable  for 
stabilizing  any  current-mode  controlled  topology  except  for 
flyback  and  boost  converters  operating  with  inductor  cur- 
rent. The  feedback  components  add  a  pole  to  the  loop 
transfer  function  at  fp  =  1/27r  Rp.Cp.  Rp  and  Cp  are  cho- 
sen so  that  this  pole  cancels  the  zero  of  the  output  filter 
capacitor  ESR  in  the  power  circuit.  R|  and  Rp  fix  the  low- 
frequency  gain.  They  are  chosen  to  provide  as  much  gain 
as  possible  while  still  allowing  the  pole  formed  by  the  out- 
put filter  capacitor  and  load  to  roll  off  the  loop  gain  to  uni- 
ty (0  dB)  at  f  ~  fswn~CHlNG/4-  Tnis  technique  insures 
converter  stability  while  providing  good  dynamic  response. 


2.50V 


Figure  14.  Compensation 


The  E/A  output  will  source  0.5  mA  amd  sink  2  mA.  A  low- 
er limit  for  Rp  is  given  by: 
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Figure  13.  E/A  Configuration 
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E/A  input  bias  curret  (2  jaA  max)  flows  through  R|,  result- 
ing in  a  DC  error  in  output  voltage  (Vo)  given  by: 

AVo(MAX)  =  (2  j*A)  R|, 

It  is  therefore  desirable  to  keep  the  value  of  R|,  as  low  as 


Figure  1 5  shows  the  open-loop  frequency  response  of  the 
UC3842  E/A.  The  gain  represents  an  upper  limit  on  the 
gain  of  the  compensated  E/A.  Phase  lag  increases  rapidly 
as  frequency  exceeds  1  MHz  due  to  second-order  poles 
at  ~  10  MHz  and  above. 

Continuous-inductor-current  boost  and  flyback  converters 
each  have  a  right-half-plane  zero  in  their  transfer  function. 
An  additional  compensation  pole  is  needed  to  roll  off  loop 
gain  at  a  frequency  less  than  that  of  the  RHP  zero.  Rp 
and  Cp  in  the  circuit  of  Figure  1 6  provide  this  pole. 

TOTEM-POLE  OUTPUT 

The  UC3842  PWM  has  a  single  totem-pole  output  which 
can  be  operated  to  ±1  amp  peak  for  driving  MOSFET 
gates,  and  a  ±  200  mA  average  current  for  bipolar  power 


transistors.  Cross  conduction  between  the  output  transis- 
tors is  minimal,  the  average  added  power  with  V|n  =  30V 
is  only  80  mW  at  200  kHz. 

Limiting  the  peak  current  through  the  IC  is  accomplished 
by  placing  a  resistor  between  the  totem-pole  output  and 
the  gate  of  the  MOSFET.  The  value  is  determined  by  di- 
viding the  totem-pole  collector  voltage  Vc  by  the  peak 
current  rating  of  the  IC's  totem-pole.  Without  this  resistor, 
the  peak  current  is  limited  only  by  the  dV/dT  rate  of  the 
totem-pole  switching  and  the  FET  gate  capacitance. 

The  use  of  a  Schottky  diode  from  the  PWM  output  to 
ground  will  prevent  the  output  voltage  from  going  exces- 
sively below  ground,  causing  instabilities  within  the  IC.  To 
be  effective,  the  diode  selected  should  have  a  toward 
drop  of  less  than  0.3V  at  200  mA.  Most  1-  to  3-amp 
Schottky  diodes  exhibit  these  traits  above  room  tempera- 
ture. Placing  the  diode  as  physically  close  to  the  PWM  as 
possible  will  enhance  circuit  performance.  Implementation 
of  the  complete  drive  scheme  is  shown  in  the  following  di- 
agrams. Transformer  driven  circuits  also  require  the  use  of 
the  Schottky  diodes  to  prevent  a  similar  set  of  circum- 
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Figure  15.  Error  Amplifier  Open-Loop  Frequency  Response 
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Figure  16.  E/A  Compensation  Circuit  for  Continuous  Boost  and  Flyback  Topologies 
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stances  from  occurring  on  the  PWM  output.  The  ringing 
below  ground  is  greatly  enhanced  by  the  transformer  leak- 
age inductance  and  parasitic  capacitance,  in  addition  to 
the  magnetizing  inductance  and  FET  gate  capacitance. 
Circuit  implementation  is  similar  to  the  previous  example. 

Figures  18,  19  and  20  show  suggested  circuits  for  driving 
MOSFETs  and  bipolar  transistors  with  the  UC3842  output. 
The  simple  circuit  of  Figure  18  can  be  used  when  the 
control  IC  is  not  electrically  isolated  from  the  MOSFET 
turn-on  and  turn-off  to  + 1  amp.  It  also  provides  damping 
for  a  parasitic  tank  circuit  formed  by  the  FET  input  capaci- 
tance and  series  wiring  inductance.  Schottky  diode  D1 
prevents  the  output  of  the  IC  from  going  far  below  ground 
during  turn-off. 


I 
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Figure  17.  Output  Saturation  Characteristics 
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Figure  19  shows  an  isolated  MOSFET  drive  circuit  which 
is  appropriate  when  the  drive  signal  must  be  level  shifted 
or  transmitted  across  an  isolation  boundary.  Bipolar  tran- 
sistors can  be  driven  efficiently  with  the  circuit  of  Figure 
20.  Resistors  and  R2  fix  the  on-state  base  current 
while  capacitor  C1  provides  a  negative  base  current  pulse 
to  remove  stored  charge  at  turn-off. 

Since  the  UC3842  series  has  only  a  single  output,  an  in- 
terface circuit  is  needed  to  control  push-pull  half  or  full 
bridge  topologies.  The  UC3706  dual  output  driver  with  in- 
ternal toggle  flip-flop  performs  this  function.  A  circuit  ex- 
ample at  the  end  of  this  paper  illustrates  a  typical  applica- 
tion for  these  two  ICs.  Increased  drive  capability  for  driv- 
ing numerous  FETs  in  parallel,  or  other  loads  can  be  ac- 
complished using  one  of  the  UC3705/6/7  driver  ICs. 
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Figure  18.  Direct  MOSFET  Drive 
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Figure  19.  Isloated  MOSFET  Drive 
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Figure  20.  Bipolar  Drive  with  Negative  Turn-Off  Bias 
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NOISE 

As  mentioned  earlier,  noise  on  the  current  sense  or  con- 
trol signals  can  cause  significant  pulse-width  jitter,  particu- 
larly with  continuous-inductor-current  designs.  While  slope 
compensation  helps  alleviate  this  problem,  a  better  solu- 
tion is  to  minimize  the  amount  of  noise.  In  general,  noise 
immunity  improves  as  impedances  decrease  at  critical 
points  in  a  circuit. 

One  such  point  for  a  switching  supply  is  the  ground  line. 
Small  wiring  inductances  between  various  ground  points 
on  a  PC  board  can  support  common-mode  noise  with  suf- 
ficient amplitude  to  interfere  with  correct  operation  of  the 
modulating  IC.  A  copper  ground  plane  and  separate  return 
lines  for  high-current  paths  greatly  reduce  common-mode 
noise.  Note  that  the  UC3842  has  a  single  ground  pin. 
High  sink  currents  in  the  output  therefore  cannot  be  re- 
turned separately. 

Ceramic  monolythic  bypass  capacitors  (0.1  (nF)  from  Vqc 
and  Vref  to  ground  will  provide  low-impedance  paths  for 
high  frequency  transients  at  those  points.  The  input  to  the 
error  amplifier,  however,  is  a  high-impedance  point  which 
cannot  be  bypassed  without  affecting  the  dynamic  re- 
sponse of  the  power  supply.  Therefore,  care  should  be 
taken  to  lay  out  the  board  in  such  a  way  that  the  feed- 
back path  is  far  removed  from  noise  generating  compo- 
nents such  as  the  power  transistor(s). 

Figure  21  illustrates  another  common  noise-induced  prob- 
lem. When  the  power  transistor  turns  off,  a  noise  spike  is 
coupled  to  the  oscillator  Bj/Cj  terminal.  At  high  duty  cy- 
cles the  voltage  at  Bj/Cj  is  approaching  its  threshold  lev- 
el (-2.7V,  established  by  the  internal  oscillator  circuit) 
when  this  spike  occurs.  A  spike  of  sufficient  amplitude  will 
prematurely  trip  the  oscillator  as  shown  by  the  dashed 
lines.  In  order  to  minimize  the  noise  spike,  choose  Or  as 
large  as  possible,  remembering  that  deadtime  increases 
with  Cj.  It  is  recommended  that  Cj  never  be  less  than 
—  1000  pF.  Often  the  noise  which  causes  this  problem  is 
caused  by  the  output  (pin  6)  being  pulled  below  ground  at 
turn-off  by  external  parasitics.  This  is  particularly  true 


when  driving  MOSFETs.  A  Schottky  diode  clamp  from 
ground  to  pin  6  will  prevent  such  output  noise  from  feed- 
ing to  the  oscillator.  If  these  measures  fail  to  correct  the 
probelm,  the  oscillator  frequency  can  always  be  stabilized 
with  an  external  clock.  Using  the  circuit  of  Figure  31  re- 
sults in  an  Bj/Cj  waveform  like  that  of  Figure  21 B.  Here 
the  oscillator  is  much  more  immune  to  noise  because  the 
ramp  voltage  never  closely  approaches  the  internal 
threshold. 

SYNCHRONIZATION 

The  simplest  method  to  force  synchronization  utilizes  the 
timing  capacitor  (Or)  in  near  standard  configuration.  Rath- 
er than  bring  Cj  to  ground  directly,  a  small  resistor  is 
placed  in  series  with  Cj  to  ground.  This  resistor  serves  as 
the  input  for  the  sync  pulse  which  raises  the  Of  voltage 
above  the  oscillator's  internal  upper  threshold.  The  PWM 
is  allowed  to  run  at  the  frequency  set  by  Rt  and  Or  until 
the  sync  pulse  appears.  This  scheme  offers  several  ad- 
vantages including  having  the  local  ramp  available  for 
slope    compensation.    The    UC3842/3/4/5  oscillator 
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Figure  22.  Sync  Circuit  Implementation 
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must  be  set  to  a  lower  frequency  than  the  sync  pulse 
stream,  typically  20  percent  with  a  0.5V  pulse  applied 
across  the  resistor.  Further  information  on  synchronization 
can  be  found  in  "Practical  Considerations  in  Current  Mode 
Power  Supplies"  listed  in  the  reference  appendix. 

The  UC3842  can  also  be  synchronized  to  an  external 
clock  source  through  the  Rj/Cj  terminal  (Pin  4)  as  shown 
in  Figure  23. 

In  normal  operation,  the  timing  capacitor  Cj  is  charged 
between  two  thresholds,  the  upper  and  lower  comparator 
limits.  As  Cj  begins  its  charge  cycle,  the  output  of  the 
PWM  is  initiated  and  turns  on.  The  timing  capacitor  contin- 
ues to  charge  until  it  reaches  the  upper  threshold  of  the 
internal  comparator.  Once  intersected,  the  discharge  cir- 
cuitry activates  and  discharges  Cj  until  the  lower  thresh- 
old is  reached.  During  this  discharge  time  the  PWM  output 
is  disabled,  thus  insuring  a  "dead"  or  off  time  for  the  out- 
put. 

A  digital  representation  of  the  oscillator  charge/discharge 
status  can  be  utilized  as  an  input  to  the  Rj/Cj  terminal. 
In  instances  like  this,  where  no  synchronization  port  is 
easily  available,  the  timing  circuitry  can  be  driven  from  a 


digital  logic  input  rather  than  the  conventional  analog 
mode.  The  primary  considerations  of  on-time,  dead-time, 
duty  cycle  and  frequency  can  be  encompassed  in  the  digi- 
tal pulse  train  input. 

A  LOW  logic  level  input  determines  the  PWM  maximum 
ON  time.  Conversely,  a  HIGH  input  governs  the  OFF,  or 
dead  time.  Critical  constraints  of  frequency,  duty  cycle  or 
dead  time  can  be  acurately  controlled  by  anything  from  a 
555  timer  to  an  elaborate  microprocessor  controlled  soft- 
ware routine. 
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Synchronization  to  an  External  Clock 
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SYNC  PULSE  GENERATOR 

The  UC3842/3/4/5  oscillator  can  be  used  to  generate 
sync  pulses  with  a  minimum  of  external  components.  This 
simple  circuit  shown  in  Figure  25  triggers  on  the  falling 
edge  of  the  Cj  waveform,  and  generates  the  sync  pulse 
required  for  the  previously  mentioned  synchronization 


scheme.  Triggered  by  the  master's  deadtime,  this  circuit  is 
useable  to  several  hundred  kilohertz  with  a  minimum  of 
delays  between  the  master  and  slave(s).  The  photos 
shown  in  Figures  26  and  27  depict  the  circuit  < 
of  interest. 
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Figure  25.  Sync  Pulse  Generator  Circuit 
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Top  Trace: 
Slave  Cj 

Bottom  Trace: 
Master  Cj 

Vertical:  0.5V/CM  Both 
Horizontal:  0.5hS/CM 
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Figure  26.  Operating  Waveforms  at  500  kHz 
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Figure  27.  Master/Slave  Sync  Waveforms  at  I 
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CHARGE  PUMP  CIRCUITS 
LOW  POWER  DC/DC  CONVERSION 

Step  Up  Inverting 
V0  =  2  x  V,N  V0  =  -V,N 
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Figure  28  Figure  29 


Low  Power  Buck  Regulator— Voltage  Mode 


The  basic  buck  regulator  is  described 
in  the  UNITRODE  Applications  Hand- 
book. 


•Consult  UNITRODE  Power  Supply 
Design  Seminar  Book  for  compensa- 
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CIRCUIT  EXAMPLES 
1.  Off -Line  Flyback 

Figure  31  shows  a  25W  multiple-output  off-line  flyback 
regulator  controlled  with  the  UC3844.  This  regulator  is  low 
in  cost  because  it  uses  only  two  magnetic  elements,  a  pri- 
mary-side voltage  sensing  technique,  and  an  inexpensive 
control  circuit.  Specifications  are  listed  below. 


Also  consult  UNITRODE  application  note  U-96  in  the  ap- 


plications handbook. 


L,  (NOTE  2) 


Figure  31 


Power  Supply  Specifications 

1.  Input  Voltage: 

2.  Line  Isolation: 

3.  Switching  Frequency: 

4.  Efficiency  @  Full  Load: 

5.  Output  Voltage: 

A.  +5V,  +5%:  1A  to  4A  load 
Ripple  voltage:  50  mV  P-P  Max. 

B.  +12V,  ±3%  0.1A  to  0.3A  load 
Ripple  voltage:  100  mV  P-P  Max. 

C.  -12V  ±3%,  0.1A  to  0.3A  load 
Ripple  voltage:  100  mV  P-P  Max. 


95  VAC  to  130  VAC  (50  Hz/60  Hz) 
3750V 
40  kHz 
70% 
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2.  DC-to-DC  Push-Pull  Converter 

Figure  45  is  a  500W  push-pull  DC-to-DC  converter 
utilizing  the  UC3842,  UC3706,  and  UC3901  ICs.  It 
operates  from  a  standard  telecommunications  bus 
to  produce  5V  at  up  to  100A.  Operation  of  this  cir- 
cuit is  detailed  in  Reference  8. 
SPECIFICATIONS: 


Input  Voltage: 
Output  Voltage: 
Output  Cunent: 
Oscillator  Frequency: 
Line  Regulation: 
_  Load  Regulation: 
-  Efficiency  @  V|N  =  48V 
l0  =  25A: 
l0  =  50A: 
Output  Ripple  Voltage: 


-48V  ±8V 
+  5V 
25A  to  100A 
200  kHz 

0.1% 
1% 

75% 
80% 
200  mV  P-P 


o 
> 


3 
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Also  consult  application  note  U-101  in  the  Unitrode 
-l  Handbook. 
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UC1 637/2637/3637 
SWITCHED  MODE  CONTROLLER 
FOR  DC  MOTOR  DRIVE 


INTRODUCTION 

There  is  an  increasing  demand  today  for  motor  control 
circuits,  as  a  result  of  the  incredible  proliferation  of  auto- 
mated position  control  equipment,  which  is  itself  made 
possible  by  recent  developments  in  the  field  of  digital 
computation. 

The  UC1637  Switched  Mode  Controller  for  DC  motors  is 
one  of  several  integrated  circuits  offered  by  Unitrode  for 
motor  controls.  This  Application  Note  presents  the  general 
principles  of  its  operation  and  the  circuit  details  that  optim- 
ize its  use.  As  an  illustration  we  will  carry  out  an  actual 
n,  which  will  involve  not  only  the  UC1637,  but  also  a 


power  H-bridge  using  MOSFET  transistors,  and  a  modern 
DC  motor  tachometer.  Using  the  tach  output  and 
UC1 637's  error  amplifier,  we  will  close  the  velocity  control 
loop  after  a  brief  analysis  of  the  factors  that  affect  the 
feedback  loop  stability. 

To  achieve  high  efficiency  power  amplification,  the 
UC1 637  uses  pulse  width  modulation,  or  PWM.  This  tech- 
nique is  employed  today  in  many  different  circuits  where 
power  losses  must  be  minimized,  and  is  most  suitable  in 
applications  involving  inductive  loads  such  as  motors, 
voice  coils,  etc. 
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FIGURE  1.  BLOCK  DIAGRAM  OF  UC1637. 
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PULSE  WIDTH  MODULATION  (PWM) 

The  function  of  a  power  amplifier  is  to  regulate  the  flow  of 
energy  from  a  power  supply  to  a  load,  under  the  control  of  an 
input  signal.  A  linear  amplifier  does  this  by  interposing  a 
controlled  voltage  drop  in  series  with  the  load,  while  carrying 
the  full  load  current.  The  product  of  this  voltage  and  current 
represents  the  amount  of  power  that  must  be  dissipated  by 
the  amplifier  itself,  and  it  is  easy  to  see  that  the  method  is  not 
very  efficient.  In  fact,  its  usefulness  diminishes  rapidly  as  the 
amount  of  power  to  be  controlled  increases  and,  at  some 
point,  a  more  efficient  method  becomes  imperative. 
PWM  is  a  switching  technique  in  which  the  supply  voltage  is 
fully  applied  (switched)  to  the  load  and  then  removed,  the 
"on"  and  "off"  times  being  precisely  controlled.  The  effect  on 
the  load  is  the  same  as  if  some  lower  voltage  were  continu- 
ously applied  whose  value  depended  on  the  duty-cycle,  that 
is,  the  ratio  of  "on"  time  to  the  full  switching  period.  Since 
supply  current  only  flows  during  the  "on"  times,  it  is  apparent 
that  the  efficiency  should  be  much  higher  than  in  the  linear 
amplifier,  as  in  fact  it  is.  Still,  switching  transistors  have  small 
but  finite  "on"  voltages  and  transition  times,  all  of  which 
introduce  losses,  which  limit  practical  PWM  efficiencies  to 
something  between  75%  and  90%. 

THE  UC1637 

The  diagram  of  Figure  1  shows  in  block  form  the  internal 
organization  of  the  device.  The  main  functions  are: 

A)  Triangular  wave  generator;  CP,  CN,  S1 ,  SR1 

B)  PWM  comparators;  CA,  CB 

C)  Output  control  gates;  NA,  NB 

D)  Current  limit;  CL,  SRA,  SRB 

E)  Error  amplifier;  EA 

F)  Shutdown  comparator;  CS 

G)  Undervoltage  lockout;  UVL 


The  two  output  lines,  Aout  and  Bout,  are  meant  to  drive  the 
two  legs  of  an  H-bridge  power  amplifier,  with  the  load  driven 
in  bipolar  fashion.  The  Aout  and  Bout  outputs  themselves  are 
rated  at  500mA  peak  and  1 00mA  continuous,  which  makes 
it  easy  to  interface  the  device  with  most  amplifiers. 
In  order  to  generate  two  PWM  output  signals,  we  first  pro- 
duce a  triangular  waveform,  or  linear  ramp.  This  is  done  by 
charging  a  capacitor  Or  (pin  2)  with  constant  current  ls  until 
the  comparator  CP,  with  a  fixed  threshold  voltage  of  +V™, 
delivers  a  pulse  to  "set"  the  SR1  latch  circuit.  This  forces  Q 
high,  which  closes  the  switch  S1  and  adds  a  negative  cur- 
rent, 2x|s,  to  the  node  of  pin  2.  As  a  result,  a  net  current  equal 
to  Is  now  flows  out  of  CT,  discharging  it  linearly  until  the 
comparator  CN  resets  SR1 ,  and  the  cycle  restarts.  Thus,  the 
voltage  at  pin  2  ramps  continuously  between  -Vth  and  +Vth 
at  a  frequency  that  depends  on  these  two  threshold  voltages, 
on  Cr,  and  on  Is. 

The  current  Is  is  programmed  by  means  of  a  resistor  con- 
nected to  pin  1 8.  The  voltage  at  this  pin  is  equal  to  +  V™  and 
an  internal  current  mirror  forces  the  charging  current  ls  to  be 
equal  to  the  current  flowing  out  of  pin  1 8.  If  a  resistor  Rs  is 
connected  from  pin  1 8  to  -Vs  (pin  5)  instead  of  toground.the 
ramp  frequency  becomes  independent  of  power  supply  vol- 
tage variations,  since  Is  will  then  change  together  with  Vth. 
As  Figure  2  shows,  a  triangular  waveform  can  be  compared 
with  a  reference  voltage  to  generate  a  PWM  signal.  The 
UC1 637  uses  two  separate  comparators  to  generate  the  two 
output  signals  Aout  and  Bout.  The  way  the  signals  are 
handled,  and  the  results,  are  shown  in  Figure  3  where  it  can 
be  seen  that  the  difference  between  VA  and  VB  is  the  cause 
of  the  time  intervals  during  which  both  outputs  are  low. 


FIGURE  3,  TWO  PWM  SIGNALS  ARE  GENERATED  IN  THE  UC1637. 
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The  two  nand  gates,  NA  and  NB,  will  be  enabled  if  the 
following  two  conditions  are  met: 

A)  supply  voltage  +VS  is  greater  than  +4.1 5  volts  (typ) 

B)  the  shut-down  input  line  (pin  1 4)  is  at  least  2.5 
volts  (typ)  negative  with  respect  to  +VS. 

If  these  are  satisfied,  the  Aout  output  line  will  be  high  if  the  CA 
output  and  Q  of  SRA  are  both  high.  Since  SRA  is  set  at  each 
positive  peak  of  the  oscillator  ramp,  the  output  Aout  can  be 
controlled  by  CA  singly  —  as  long  as  a  current-limit  pulse 
from  CL  does  not  occur.  The  operation  of  the  NB  gate  is 
similar. 

The  timing  diagrams  of  Fig.  4  show  the  sequence  of  events 
before  and  after  a  current  limit  pulse  occurs.  Before  time  ti 
the  PWM  action  is  smoothly  controlled  by  the  ramp  compari- 
sons with  Va  and  VB.  The  pulse  from  CL  at  time  ti  resets  both 
SRA  and  SRB;  the  output  lines  are  now  disabled  until  SRA  is 
set  (at  time  t2)  and  SRB  is  set  (at  time  t3). 


The  current  limit  comparator  CL  provides  a  means  to  protect 
both  driver  and  motor  from  the  consequences  of  very  high 
currents.  If  the  current  delivered  by  the  driver  to  the  motor  is 
made  to  flow  through  a  low  value  resistor  (for  example,  see 
Rs  in  Figure  7)  the  voltage  drop  across  this  resistor  will  be  a 
measure  of  motor  current.  This  voltage  is  applied  between 
pins  1 2  and  1 3  of  the  UC1 637,  with  pin  1 2  positive.  A  200mV 
threshold  is  provided  internally  (see  Figure  1 )  so  that  when 
the  Rs  voltage  is  equal  to  200mV,  the  output  of  CA  goes  high, 
resetting  both  SRA  and  SRB  and,  consequently,  terminating 
any  active  output  pulse.  This  pulse-by-pulse  method  of  cur- 
rent limiting  is  very  fast  and  provides  effective  protection,  not 
only  for  the  driver  components,  but  also  for  the  motor,  where 
the  possibility  of  demagnetization  due  to  excessive  current  is 
a  matter  of  serious  concern. 

Finally,  the  UC1637  contains  also  an  operational  amplifier, 
EA,  that  can  be  used  to  provide  gain  and  phase  compensa- 
tion, as  will  be  seen  later. 


FIGURE  4.  TIMING  DIAGRAM  SHOWING  THE  GENERATION  OF  PWM  PULSES  AT  Aout  AND  Bout. 

BEFORE  TIME  ti,  THE  Q  OUTPUTS  OF  SRA  AND  SRB  ARE  BOTH  HIGH  AND  THE  OUTPUT  PULSES  ARE  CONTROLLED  BY  THE  RAMP 
INTERSECTIONS  WITH  V«  AND  V„.  AT  TIME  t,,  THE  CURRENT  LIMIT  COMPARATOR  HAS  SENSED  EXCESS  CURRENT  AND  THE  CL 
OUTPUT  HAS  GONE  HIGH.  RESETTING  BOTH  SRA  AND  SRB.  THIS  TERMINATES  THE  Aout  PULSE  THAT  WAS  ACTIVE  AT  THE  TIME. 
Aout  CAN  RESUME  ONLY  AFTER  SRA  IS  SET  AT  ti  Bout  CAN  RESUME  ONLY  AFTER  SRB  IS  SET  AT  t3. 
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Figure  5  shows  the  connections  needed  to  get  the  ramp 
generator  and  the  two  comparators  ready  to  go.  There  is  no 
great  difficulty  in  calculating  values  for  the  various  resistors, 
which  are  no  more  than  two  simple  voltage  dividers.  Still, 
certain  things  should  be  considered  before  proceeding. 
The  input  impedance  RiN,  seen  by  the  control  voltage  Vc  will 
be 


RlN  - 


R3+R4 


(1) 


and  this  value  may  be  specified  or  determined  in  advance. 
Also,  it  would  be  economical  to  have  a  minimum  number  of 
different  values  of  resistors.  If  we  make 


R1  -  R3 


(2) 


we  will  have  four  resistors  of  equal  value  in  the  final  circuit. 
There  is  also  the  question  of  deciding  on  the  separation  Vg 
between  the  reference  voltages  +VR  and  -VR.  The  voltage 
gain  of  the  PWM  amplifier  will  have  one  of  the  four  char- 
acteristics depicted  in  Figure  6,  depending  on  your  choice 
of  reference  voltage  separation.  You  can  get  a  linear 
response  by  making  Vg  =  0,  as  in  Curve  #1 ,  or  by  mak- 
ing VB  -  VA  =  2Vth,  as  in  Curve  #3.  In  Curve  #2,  there  is  a 
change  in  slope  due  to  the  contribution,  near  zero,  of  both 
VA  and  VB  to  the  output  changes,  which  in  some  systems 
may  be  undesirable,  but  which  may  be  of  interest  due  to  the 
fact  that  it  results  in  zero  losses  at  null. 


Vc 

(Control  Voltage)  " 


-Bin 
♦Bin 


-Ain 
♦Ain 


NOTE:  Max.  Vo  is  less  than  Vs  due  to 
device  saturation  voltages,  Vsat- 


FIGURE  6.  PWM  VOLTAGE  GAIN  CHARACTERISTICS  OBTAINABLE  WITH 
VARIOUS  VALUES  OF  REFERENCE  VOLTAGE  SEPARATION, 
OR  GAP  VOLTAGE  2  Vr. 

1.  LINEAR  GAIN  WITH  Vr  =  0  (a  =  0). 

2.  NON-LINEAR  GAIN  WITH  Vr  GREATER  THAN  ZERO  BUT  LESS 
THAN  VTH(0<a<1). 

3.  LINEAR  GAIN  WITH  Vr  =  Vth  (a  =  1). 

4.  NON-LINEAR  GAIN  WITH  Vr  GREATER  THAN  Vth  (a  >  1). 
NOTE:  THE  SLOPE  OF  LINE  1  IS  TWICE  THAT  OF  LINE  3. 


At  this  point,  this  choice  of  PWM  gain  characteristic 
amounts  only  to  the  choice  of  the  ratio  between  VR  and  Vth: 


(3) 


The  values  of  Vth  and  VR,  as  well  as  R3  and  R4,  depend  on 
the  following: 

±VS:  power  supply  voltages 
Rin:  desired  control  input  resistance 
Vcmax:  peak  value  or  input  voltage  Vc.  This  is  the 
input  voltage  at  which  the  output  reaches 
1 00%  duty  cycle 
a:  ratio  of  VR  to  Vth 

These  values  being  known,  the  designer  can  proceed  to 
calculate  the  following  circuit  values: 


2  Rin 


R3- 


(4) 


Vcmax  +  Vs 


FIGURE  5.  SETTING  UP  THE  A  AND  B  COMPARATOR  INPUTS. 


R4  =  2  Rin  -  R3 


(5) 
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VTH  = 


2  R„ 


VR 


R2  -  2  R3 


Vth 


Vs  -  Vth 


(6) 


(7) 


(8) 


and,  from  Eq.  (2),  R1  =  R3. 

Having  chosen  a  frequency  h  for  the  PWM  timing  circuit, 
you  can  now  calculate  Or  and  Rt.  A  suitable  starting  value 
for  the  charging  current  ls  is  0.5mA  which  gives 


Rt  = 


Ct  = 


Vs  +  Vth 
.0005 


.0005 


(9) 


(10) 


4fT  Vn 


You  will  probably  need  to  make  an  adjustment  here,  so  as 
to  get  a  standard  value  for  capacitor  CT,  and  it  is  best  to 
keep  ls  in  the  range  from  0.3mA  to  0.5mA  when  you  do  this. 
It  may  be  desirable,  or  even  necessary  in  some  conditions, 


'15K 
>15K  i 


INPUT 
i  10V, 
Rin  =  10K 
O  


(1nF 

'5K 


to  bypass  the  +Vth  and  -Vth  inputs  to  ground,  and  for  this, 
ceramic  capacitors  of  0.1  (A  should  be  adequate. 
Remember  also  that  terminal  1 4,  the  shut-down  line,  must 
be  held  "low"  (at  least  2.5V  below  the  positive  rail)  in  order 
to  enable  the  drive.  With  an  external  switch  to  ground,  or  to 
-Vs,  and  a  pull-up  resistor  to  +VS,  this  line  can  be  used  to 
enable  (low),  and  disable  (high),  the  output.  Both  Aout  and 
Bout  will  be  low  when  the  shut-down  line  is  high. 
The  next  step  is  to  connect  the  UC1 637  to  a  suitable  power 
amplifier,  and  the  amplifier  to  the  motor.  The  UC1637  has 
provisions  for  current  limiting,  as  discussed  earlier,  and  you 
must  make  arrangements  to  develop  a  voltage  proportional 
to  motor  current  at  the  driver  side.  This  can  be  done  by 
adding  to  an  H-bridge  a  low  value  resistor  in  series  with  rail 
connections.  The  current  limit  comparator  has  a  common 
mode  range  that  reaches  all  the  way  down  to  the  negative 
rail  (on  the  positive  side  the  limit  is  3V  below  the  positive 
rail).  A  resistor  Rs  is  then  added  at  the  bottom  of  the  bridge, 
and  its  value  is  selected  so  as  to  give  a  voltage  drop  to 
200mV  when  the  desired  limit  current  flows. 


Rs  = 


(ohms) 


where  IMax  is  the  maximum  desired  motor  current  in 
amperes.  In  a  breadboard,  a  twisted  pair  of  wires  should  be 
used  to  make  the  connection  from  this  resistor  to  pins  1 2 
and  1 3,  and  an  RC  filter  should  be  added,  as  shown  in 
Figure  7. 

On  a  PC  board,  it  is  a  good  idea  to  keep  Rs  close  to  the 
UC1 637  to  minimize  the  length  of  the  connecting  traces. 
The  RC  filter  should  still  be  used. 
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FIGURE  7.  CIRCUIT  DIAGRAM  OF  PWM  VOLTAGE  AMPLIFIER  WITH  GAIN  OF  3. 
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AN  EXAMPLE 

We  are  ready  now  to  design  a  current  limited,  PWM  voltage 
amplifier  to  drive  a  small  DC  servomotor.  Here  are  the 
requirements: 

Supply  voltages:  ±1 5V 
Input:  ±1 OV  max.;  1 0K  input  res, 
PWM  frequency:  30KHz 
Motor  current  limited  at  8A 
Minimum  power  losses  at  idle 

We  have: 
Vs  =  15V 
Vcmax  =  10V 
Rin  =  1 04  ohm 
fT  =  3xl04  Hz 
and  Imax  =  8A 

and  also,  from  the  last  requirement,  a  =  1 . 
FROM  EQUATIONS 


(4) 


R3  = 


2  x  10"  x  15  x  2 


15K 


10  +  15  x  2 

(5)  R4  =  2  x  10"  -  15  x  103  =  5K 

(6)  v-^VTo^^3-75V 

(7)  Vth  =  3.75V 
R2  =  (2  x  15  x  103)  x 


(8) 
O) 


3.75 


15  -  3.75 


10K 


Rt  =  15„+J75  = 


.0005 

and  of  course,  Rt  =  R3  =  1 5K. 


(10) 


.0005 


4x30 


x103x3.75 


=1.11  xio_9fd 


If  we  settle  for  RT  =  39K,  Is  becomes  slightly  less  than 
0.5mA  and  if  we  then  pick  CT  =  1 0OOpf,  the  nominal  fre- 
quency becomes  32KHz. 

To  limit  the  motor  current  at  8A,  we  need,  from  Eq.  11, 


Rs: 


2_ 
8 


;  0.025  ohm 


The  peak  power  in  the  resistor  will  be 


Ps  =  8zx  .025  =  1.6 


Incidentally,  the  voltage  gain  of  the  amplifier  can  be  deter- 
mined from  the  fact  that  a  1 0V  change  at  the  input  results  in 
a  30V  change  at  the  output;  therefore,  the  gain  from  input  to 
motor  terminals  is  3.  The  above  circuit  is  shown  in  Figure  7. 

THE  POWER  AMPLIFIER 

Where  space  is  tight  and  motor  current  is  less  than  five 
amperes,  the  Unitrode  PIC900  offers  a  perfect  solution  to 
your  power  bridge  design.  This  device  comes  in  a  DIL-18 
package,  requires  only  5mA  of  input  drive  current,  and  is 
rated  at  5A  absolute  maximum  output  current.  It  contains 
all  you  need  for  the  output  H-bridge  —  including  the  circu- 
lating diodes  —  and  with  only  a  few  added  parts,  you  are 
ready  to  go.  A  circuit  diagram  showing  a  velocity  feedback 
loop  using  one  UC1637  and  one  PIC900  appears  in  the 
UC1637  data  sheet. 

For  higher  currents,  you  will  have  to  design  your  own 
amplifier,  and  for  the  purposes  of  this  application  note,  a 
sample  design  is  shown  in  Figure  8.  Referring  to  that  circuit, 
note  that  with  +Vs  and  -Vs  applied,  if  the  inputs  are  left 
open,  the  power  MOSFETs  are  all  "off".  If  Drive  A,  for 
example,  is  driven  to  within  3.6V  of  either  power  rail,  then 
the  corresponding  output  is  switched  to  that  rail.  Note  that 
since  the  PNP  and  NPN  junction  transistors  are  by  nature 
faster  switching  "on"  than  "off",  while  the  MOSFETs  are 
much  faster  than  the  junction  transistors  driving  them,  this 
connection  provides  a  simple  guarantee  against  cross- 
conduction.  Also  working  toward  this  goal  is  the  fact  that 
the  junction  transistor  can  discharge  the  MOSFETs  input 
capacitance  faster  than  the  1 K,  1 W  resistor  can  charge  it. 
The  arrangement  shown  in  Figure  8  results  in  a  transition 
time  of  about  1 .5/uS  during  which  both  MOSFETs  in  a  given 
leg  are  off.  This  amount  of  time  is  a  very  small  portion  of  the 
33/jS  period  toward  which  we  are  designing  our  example. 
The  power  MOSFET  transistors,  in  TO-220  package,  are 
rated  at  60V  and  1 2A.  The  channel  "on"  resistance  is  quite 
low,  0.25  ohms  at  8A,  for  the  UFN533,  resulting  in  low 
thermal  losses.  You  can  easily  find  other  devices  with  even 
lower  Ros  values,  if  needed,  but  as  always,  the  price  you 
pay  is  that  you  must  pay  the  price. 
Finally,  a  word  about  circulating  diodes  —  conspicuous  in 
Figure  8  by  their  absence.  All  power  MOSFETs  have  an 
intrinsic  rectifier,  or  body  diode,  a  junction  rectifier  whose 
current  rating  is  the  same  as  that  of  the  transistor.  With  the 
drive  format  provided  by  the  UC1637,  the  two  bottom 
MOSFETs  (N-channel)  are  "on"  during  the  time  when 
motor  current  circulates,  and  as  a  result,  the  reversed 
diode  carries  only  a  small  portion  of  the  current;  most  of  it 
flows  from  source  to  drain  through  the  channel.  In  fact,  the 
diode  fully  conducts  only  during  the  1 .5/jS  when  both  devi- 
ces in  one  bridge  leg  are  off.  You  can  add  fast  recovery 
diodes  in  shunt  with  the  MOSFETs  if  you  find  that  they  are 
essential.  The  intrinsic  MOSFET  diode  is  not  particularly 
fast,  and  as  your  output  current  requirements  increase,  the 
need  for  fast  external  diodes  will  become  more  and  more 
apparent. 
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FIGURE  8.  THIS  8A  POWER  AMPLIFIER  IS  SUITABLE  FOR  30KHZ  OPERATION. 


THE  SERVOMOTOR 

It  is  convenient  to  represent  the  DC  servomotor  by  a  simple 
equivalent  circuit,  and  one  such  circuit  is  shown  in  Figure  9. 
Note  that  by  expressing  the  moment  of  inertia  J  and  the 
motor  constant  K  in  metric  units  (Nm  sec2  and  Nm/A 
respectively),  we  avoid  the  need  to  include  a  multiplying 
constant  in  the  expressions  for  CM  and  e0.  Also,  the  motor 
constant  K,  in  metric  units,  defines  both  the  voltage  con- 


Ra 


j 

K2 


eo  =  Kw 


stant  in  volt-sec/rad,  and  the  torque  constant  in  Nm/A,  as 
one  and  the  same  number. 

The  ratio  J/K2  has  the  dimensions  of  capacitance,  with  a 
value  runnng  to  several  thousand  microfarads.  The  voltage 
across  this  capacitor  is  equal  to  Kcj  where  <u>  is  the  angular 
velocity  of  the  rotor  in  rad/sec.  Consequently,  this  voltage 
is  the  analog  of  shaft  velocity. 

Our  equivalent  circuit,  then,  is  a  simple  series  connection  of 
RA,  the  armature  resistance;  LA,  the  armature  inductance; 
and  Cm,  the  equivalent  capacitance,  equal  to  J/K2.  It 
should  come  as  no  surprise  that  such  a  circuit  will  have  a 
natural  resonant  frequency  o>N,  and  a  resonant  Q  as  well. 


FIGURE  9.  EQUIVALENT  CIRCUIT  OF  MOTOR.  WHERE  J  IS  THE 
TOTAL  MOMENT  OF  INERTIA  OF  ROTOR  PLUS  LOAD. 

Ra  =  armature  resistance;  ohms. 

La  =  armature  inductance;  henrys. 

Cm  =  equivalent  capacitance;  farads. 

J  -  total  moment  of  inertia;  Nm  sec2. 

K  =  motor  constant;  volt  sec/rad,  or  Nm/A. 

<o  =  rotor  angular  velocity;  rad/sec. 
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We  can  now  use  these  sample  results  in  our  sample 
design.  Here  are  some  of  the  data  given  by  a  motor 
manufacturer: 

EG  &  G  TORQUE  SYSTEMS 
MODEL  NO.  MT-2605-102CE 
(motor  -  tach  assembly) 

MOTOR:  KT  =  4.7  oz  in/amp 
Kv  =  3.5V/KRPM 
RA  =  0.7  ohms 
Jm  =  0.001 8  oz  in  sec2 
TM  =  8.6  ms  (mech.  time  const.) 
Te  =  1  6  ms  (el.  time  const.) 
TACH:  JT  =  0.001  oz  in  sec2 
Kv  =  3V/KRPM 
The  several  motors  in  this  series  and  size  have  the  same 
electrical  time  constant  Te,  and  since  we  know  Ra, 
LA  =  TE  Ra  =  0.01 6  x  0.7 
La  =  1 .1 2  mH 

The  total  moment  of  inertia  is 

J  =  JM  +  Jt  =  0.001 8  +  0.001 
J  =  0.0028  oz  in  sec2 

In  metric  units, 

0.0028 


141.612 


(Nm 


Putting  Kt  in  metric  units, 
4.7 


K  : 


■  (Nm/amp) 


141 .612 
The  equivalent  capacitance  is 


r  -  J  -  141.612  x  0.0Q28  ,„nnnjjf 
Cm"  W  ~   (47?  "18W 


For  the  equivalent  circuit,  then,  the  values  are 

RA  =  0.7  ohms 
U=  1.12  mH 
Cm  =  18,000// 

The  angular  velocity  will  be  proportional  to  the  voltage 
eQ  across  CM; 


eo 


R»  =  0.7C) 

— Wv — 


La  =  1.12mh 


eo  = 


CM  =  18,000^ 


j    tach  voltage  const. 
motor  voltage  const. 

FIGURE  10.  THE  TACH  VOLTAGE  e,  IS  PROPORTIONAL  TO  a. 


If  the  motor  has  a  tachometer  attached,  we  can  include  it  in 
the  equivalent  circuit  by  deriving  an  equivalent  tach  voltage 
proportional  to  eQ.  This  is  illustrated  in  Figure  1 0,  where 


Tach.  voltage  constant 
Motor  voltage  constant 


T 


3V/KRPM 
3.5V/ KRPM 


.857 


From  Eq.  13,         cjn  =  222.7  rad/ sec 
From  Eq.  14,         Q  =  0.356 

(Note:  Since  £  =  — ,  the  damping  factor  here  is  1 .4) 

From  Eq.  1 2  and  the  above  data,  we  can  write  the  ratio 
of  tach  voltage  to  input  as 


er(s) 
e,(s) 


.857 


(15) 


\  222.7/ 


79.3 


THE  VELOCITY  LOOP 

Our  objective  is  to  put  together  a  feedback  loop  using  our 
UC1 637,  H-bridge,  and  motor:  the  controlled  variable  is  u, 
the  motor  shaft's  angular  velocity.  For  high  accuracy,  we 
need  a  high  loop  gain,  so  that  small  velocity  errors  are 
magnified  and  corrected.  The  UC1637  internal  ERROR 
amplifier  is  appropriate  for  this  purpose,  and  will  be  used  as  a 
summing  amplifier.  But  before  proceeding,  let  us  take  a  look 
at  Figure  1 1 ,  where  a  plot  of  the  motor-tach  transfer  function 
(Eq.  1 7)  is  shown.  The  plot  shows  that  as  the  frequency 
increases,  the  tach  output  decreases  and  the  phase  lag 
increases  towards  a  maximum  of  180°.  This  means  that 
although  we  can  introduce  plenty  of  gain  at  very  lowfrequen- 
cies,  where  the  phase  lag  is  low,  the  added  gain  must  be 
reduced  at  the  higher  frequencies,  where  the  1 80°  phase 
lag  tends  to  make  our  loop  a  regenerative  one.  If  we  want  the 
closed  loop  response  to  be  "snappy",  that  is,  if  we  want  a 
bandwidth  of  several  tens  of  hertz,  then  the  loop  gain  must  be 
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FIGURE  11.  PLOT  OF  MAGNITUDE  AND  ANGLE  OF  EQ.  15,  WHICH 
DESCRIBES  PERFORMANCE  OF  OUR  TEST  MOTOR. 

fairly  high  at  all  frequencies  in  the  band;  yet,  for  flat  response 
and  fast  step  response  with  no  overshoot  we  must  make 
certain  that  the  overall  phase  shift  is  less  than  1 80°  at  any 
frequency  at  which  the  gain  is  greater  than  unity. 


A(s) 
B(s)  " 


(1  *  sRbCb)  fl  -  s(Ri  *  R«)  CaI 
sR,Cb  (1  *  sRaCa) 


FIGURE  12.  ERROR  AMPLIFIER  WITH  ITS  FREQUENCY 
COMPENSATION  NETWORK. 

THE  MAGNITUDE  AND  ARGUMENT  OF  THE  TRANSFER 
FUNCTION  CAN  BE  EASILY  PLOTTED  WITH  THE  AID  OF  A 
PROGRAMMABLE  CALCULATOR. 

The  high  gain  ERROR  amplifier  of  the  UC1 637,  together  with 
a  few  external  components,  is  shown  in  Figure  1 2.  Without 
RA  and  Ca,  the  phase  response  of  the  circuit  would  go  from 
-90°  at  low  frequencies  to  0°  at  high  frequencies.  This 
amount  of  phase  correction  is  inadequate  if  we  want  a  tight 
loop  with  good  transient  response.  With  RA  and  CA  shunting 
Ri,  it  becomes  possible  to  have  a  leading  phase  angle 
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FIGURE  13.  MAGNITUDE  AND  ANGLE  OF  COMPENSATION 
AMPLIFIER  OF  FIGURE  12. 


somewhere  at  midrange,  even  though  the  high  frequency 
asymptote  is  still  at  zero  degrees  (Ra  and  CA  introduce  both  a 
zero  and  a  pole).  The  transfer  function  of  the  circuit  shown  in 
Figure  1 2  is  plotted  in  Figure  1 3  for  the  following  component 
values: 

R,  =  9.1  K 
Ra=  1K 
Ca  =  .22//f 
Rb  =  470K 
CB  =  .0047/Uf 
The  break  frequencies  are: 


1 


1 


RbCb 


RiCb 


RaCa 


(R,  +  Ra)  Ca 


■■  23,400  rad/sec 


:  4,500  rad/sec 


:  450  rad/sec 


The  plot  shown  in  Figure  1 4  shows  the  result  of  cascading 
the  compensation  amplifier,  PWM  amplifier,  and  motor- 
tach.  All  gain  contributions  have  been  simply  added 
together,  and  all  phase  contributions  have  also  been 
added.  The  result,  shown  in  Figure  1 4,  shows  the  open  loop 
frequency  response  of  the  complete  velocity  control 
system. 


FIGURE  14.  OVERALL  OPEN-LOOP  RESPONSE.  INCLUDING  +8dB  DUE 
TO  PWM  AMPLIFIER  GAIN  AND  MOTOR-TACH  DC  GAIN. 

The  inclusion  of  the  ERROR  amplifier  with  its  compensa- 
tion components  has  had  the  effect  of  introducing  a  large 
amount  of  gain  at  the  lower  frequencies,  and  also  of  reduc- 
ing the  phase  lag  at  the  higher  frequencies.  The  loop  gain  is 
OdB  at  about  7KHz,  and  the  phase  margin  is  about  40°. 
Moreover,  since  the  phase  never  exceeds  180°,  we  have 
the  needed  indication  of  relative  stability,  and  can  proceed 
to  close  the  loop  as  shown  in  Figure  1 5  and  make  measure- 
ments. Note  that  a  noise  filter  has  neen  added  at  the  output 
of  the  tachometer.  Such  a  filter  is  usually  necessary,  espe- 
cially in  PWM  control  loops  of  relatively  wide  bandwidth, 
because  of  the  inevitable  AC  coupling  between  the  motor 
signal  and  the  tach  output.  In  our  filter,  the  3dB  cut-off  point 
is  at  21  KHz,  which  is  high  enough  not  to  affect  the  loop 
behavior. 


APPLICATION  NOTE 


U-102 


IK 

 ^AA^-j|— 


VELOCITY  „ 
COMMAND 


R 


PWM 

G  =  3 


470 
AAAr 


-  NOISE  FILTER 
L  


0.7O.  1.12mh 


i8,oorj//f : 


eo  =  Kw 


FIGURE  15.  THE  COMPLETE  VELOCITY  LOOP. 


The  oscilloscope  trace  shown  in  Figure  1 6  reveals  that  the 
step  response  of  our  loop  is  very  well  behaved.  The  motor 
shaft  reaches  full  speed  in  less  than  1 0mS,  and  there  is  no 
noticeable  overshoot.  The  net  velocity  change  in  Figure  1 6 
amounts  to  1 33  RPM,  and  the  current  trace  shows  that  the 
current  does  not  quite  reach  the  chosen  limit  of  8A.  With 
larger  input  steps,  the  motor  accelerates  at  constant  8A 
current,  and  the  acceleration  rate  is  approximately 
1 00RPM  per  millisecond.  The  3dB  bandwidth  of  the  loop 
measured  about  80Hz. 

CONCLUSIONS 

We  have  discussed  in  some  detail  the  characteristics  of 
Unitrode's  UC1 637  and  have  presented  in  detail  a  design 
approach  which  illustrates  those  points.  The  sample  design 
was  built  and  tested,  with  the  measured  results  as  presented 
above.  These  results  show  that  excellent  performance  can 
be  obtained  with  few  components,  and  that  the  design  tech- 
nique is  quite  simple.  Our  velocity  loop  would  perform  well  as 
an  inner  loop  in  a  position  control  system,  for  example, 
although  a  different  response  might  perhaps  be  desirable. 
However  that  may  be,  using  the  UC1 637  a  sizable  portion  to 
the  job  is  completed  beforehand. 


Top  trace:  5A/cm 
Bottom  trace:  lOOmV/cm 
Horizontal:  5  msec/cm 


FIGURE  16.  STEP  RESPONSE  OF  THE  VELOCITY  CONTROL  LOOP  OF 
FIGURE  15.  THE  UPPER  TRACE  SHOWS  THE  MOTOR 
CURRENT;  THE  LOWER  TRACE  SHOWS  THE  TACH 
OUTPUT  VOLTAGE,  I.E.,  MOTOR  VELOCITY. 

See  Figure  1 7. 
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FIGURE  17.  COMPLETE  VELOCITY  CONTROL  LOOP  OF  SAMPLE  DESIGN. 
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IMPROVED  CHARGING  METHODS  FOR 
LEAD-ACID  BATTERIES  USING  THE  UC3906 


ABSTRACT 

This  paper  describes  the  operation  and  application  of  the 
UC3906  Sealed  Lead-Acid  Battery  Charger.  This  IC  pro- 
vides reductions  in  the  cost  and  design  effort  of  implement- 
ing optimal  charge  and  hold  cycles  for  lead-acid  batteries. 
Described  are  the  design  and  operation  of  several  charg- 
ing circuits  using  this  IC.  The  charger  designs  use  current 
and  voltage  sensing  combined  with  sequenced  current 
and  voltage  control  to  maximize  battery  capacity  and  life 
for  various  applications.  The  presented  material  provides 
insight  into  expected  improvements  in  battery  perfor- 
mance with  respect  to  these  specific  charging  methods. 
Also  presented  are  uses  of  the  many  auxiliary  functions 
included  on  this  part.  The  unique  combination  of  features 
on  this  control  IC  has  made  it  practical  to  create  charge 
and  hold  cycles  that  truly  get  the  most  out  of  a  battery. 


AN  IC  FOR  CHARGING 
LEAD-ACID  BATTERIES 

Battery  technology  has  come  a  long  way  in  recent  years. 
Driven  by  the  reduction  of  size  and  power  requirements  of 
processing  functions,  batteries  now  are  used  to  provide 
portability  and  failsafe  protection  to  a  new  generation  of 


electronic  systems.  Although  a  number  of  battery  technol- 
ogies have  evolved,  the  lead-acid  cell  remains  the  work- 
horse of  the  industry  due  to  its  combination  of  prolonged 
standby  and  cycle  life  with  a  high  energy  storage  capacity. 
The  makers  of  uninterruptible  power  supplies,  portable 
equipment,  and  any  system  that  requires  failsafe  protec- 
tion are  taking  advantage  of  the  improvements  in  this  tech- 
nology to  provide  secondary  power  sources  to  their  prod- 
ucts, for  example,  the  sealed  cell,  using  a  trapped  or  gelled 
electrolyte,  has  eliminated  the  positional  sensitivity  and 
greatly  reduced  the  dehydration  problem. 

The  charging  methods  used  to  replenish  or  maintain  the 
charge  on  a  lead-acid  battery  have  a  significant  effect  on 
the  performance  of  the  cells.  Building  an  optimum  charger, 
one  that  gets  the  most  out  of  a  battery,  is  not  a  trivial  task. 
Making  sure  that  a  battery  undergoes  the  proper  charge 
and  hold  cycle  requires  precision  sensing  and  control  of 
both  voltage  and  current,  logic  to  sequence  the  charger 
through  its  cycle,  and  temperature  corrections  —  added  to 
the  charger's  control  and  sensing  circuits  —  to  allow 
proper  charging  at  any  temperature.  In  the  past  this  has 
required  a  significant  number  of  components,  and  a  sub- 
stantial design  effort  as  well.  The  UC3906  Sealed  Lead- 
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FIGURE  1.  The  UC3906  Sealed  Lead-Acid  Battery  Charger  combines  precision  voltage  and  current  sensing  with  vol- 
tage and  current  control  to  realize  optimum  battery  charge  cycles.  Internal  charge  state  logic  sequences  the  device 
through  charging  cycles.  Voltage  control  and  sensing  is  referenced  to  an  internal  voltage  that  specially  tracks  the 
temperature  characteristics  of  lead-acid  cells. 
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Acid  Battery  Charger  has  all  the  control  and  sensing  func- 
tions necessary  to  optimize  cell  capacity  and  life  in  a  wide 
range  of  battery  applications. 

The  block  diagram  for  the  UC3906  is  shown  in  figure  1. 
Separate  voltage  loop  and  current  limit  amplifiers  regulate 
the  output  voltage  and  current  levels  in  the  charger  by  con- 
trolling the  onboard  driver.  The  driver  will  supply  25mA  of 
base  drive  to  an  external  pass  element.  Voltage  and  cur- 
rent sense  comparators  are  used  to  sense  the  battery  con- 
dition and  respond  with  logic  inputs  to  the  charge  state 
logic.  The  charge  enable  comparator  on  this  IC  can  be 
used  to  remotely  disable  the  charger.  The  comparator's 
25mA  trickle  bias  output  is  active  high  when  the  driver  is 
disabled.  These  features  can  be  combined  to  implement 
a  low  current  turn-on  mode  in  a  charger,  preventing  high 
current  charging  during  abnormal  conditions  such  as  a 
shorted  or  reversed  battery. 

A  very  important  feature  of  the  UC3906  is  its  precision 
reference.  The  reference  voltage  is  specially  temperature 
compensated  to  track  the  temperature  characteristics  of 
lead-acid  cells.  The  IC  operates  with  very  low  supply  cur- 
rent, only  1.7mA,  minimizing  on-chip  dissipation  and  per- 
mitting the  accurate  sensing  of  the  operating  environmen- 
tal temperature.  In  addition,  the  IC  includes  a  supply 
under-voltage  sensing  circuit,  used  to  initialize  charging 
cycles  at  power  on.  This  circuit  also  drives  a  logic  output  to 
indicate  when  input  power  is  present.  The  UC3906  is  spec- 
ified for  operation  over  the  commercial  temperature  range 
of  0°C  to  70°C.  For  operation  over  extended  temperatures, 
-40°C  to  70°C  the  UC2906  is  available. 

WHAT  IS  IMPORTANT  IN  A  CHARGER? 

Capacity  and  life  are  critical  battery  parameters  that  are 
strongly  affected  by  charging  methods.  Capacity,  C,  refers 
to  the  number  of  ampere-hours  that  a  charged  battery  is 
rated  to  supply  at  a  given  discharge  rate.  A  battery's  rated 
capacity  is  generally  used  as  the  unit  for  expressing 
charge  and  discharge  current  rates,  i.e.,  a  2.5  amp-hour 
battery  charging  at  500mA  is  said  to  be  charging  at  a  C/5 
rate.  Battery  life  performance  is  measured  in  one  of  two 
ways;  cycle  life  or  stand-by  life.  Cycle  life  refers  to  the  num- 
ber of  charge  and  discharge  cycles  that  a  battery  can  go 
through  before  its  capacity  is  reduced  to  some  threshold 
level.  Standby  life,  or  float  life,  is  simply  a  measure  of  how 
long  the  battery  can  be  maintained  in  a  fully  charged  state 
and  be  able  to  provide  proper  service  when  called  upon. 
The  measure  which  actually  indicates  useful  life  expec- 
tancy in  a  given  application  will  depend  on  the  particulars 
of  the  application.  In  general,  both  aspects  of  battery  life 
will  be  important. 


During  the  charge  cycle  of  atypical  lead-acid  cell,  lead  sul- 
fate, PbS04,  is  converted  to  lead  on  the  battery's  negative 
plate  and  lead  dioxide  on  the  battery's  positive  plate.  Once 
the  majority  of  the  lead  sulfate  has  been  converted,  over- 
charge reactions  begin.  The  typical  result  of  over-charge  is 
the  generation  of  hydrogen  and  oxygen  gas.  In  unsealed 
batteries  this  results  in  the  immediate  loss  of  water.  In 
sealed  cells,  at  moderate  charge  rates,  the  majority  of  the 
hydrogen  and  oxygen  recombine  before  dehydration 
occurs.  Ineither  type  of  cell,  prolonged  charging  rates  sig- 
nificantly above  C/500,  will  result  in  dehydration,  accel- 
erated grid  corrosion,  and  reduced  service  life. 

The  onset  of  the  over-charge  reaction  will  depend  on  the 
rate  of  charge.  At  charge  rates  of  >C/5,  less  than  80%  of 
the  cell's  previously  discharged  capacity  will  be  returned 
as  the  over-charge  reaction  begins.  For  over-charge  to 
coincide  with  100%  return  of  capacity,  charge  rates  must 
typically  be  reduced  to  less  than  C/100.  Also,  to  accept 
higher  rates  the  battery  voltage  must  be  allowed  to 
increase  as  over-charge  is  approached.  Figure  2  illustrates 
this  phenomenon,  showing  cell  voltage  vs.  percent  return 
of  previously  discharged  capacity  for  a  variety  of  charge 
rates.  The  over-charge  reaction  begins  at  the  point  where 
the  cell  voltage  rises  sharply,  and  becomes  excessive 
when  the  curves  level  out  and  start  down  again. 
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FIGURE  2.  Depending  on  the  charge  rate,  over-charge  reactions  begin,  (indi- 
cated by  the  sharp  rise  in  battery  voltage),  well  below  100°/o  return  of  capacity. 
(Reprinted  with  the  permission  of  Gates  Energy  Products,  Inc.) 
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Once  a  battery  is  fully  charged,  the  best  way  to  maintain 
the  charge  is  to  apply  a  constant  voltage  to  the  battery.  This 
burdens  the  charging  circuit  with  supplying  the  correct 
float  charge  level;  large  enough  to  compensate  for  self-dis- 
charge, and  not  too  large  to  result  in  battery  degradation 
from  excessive  overcharging.  With  the  proper  float  charge, 
sealed  lead-acid  batteries  are  expected  to  give  standby 
service  for  6  to  10  years.  Errors  of  just  five  percent  in  a  float 
charger's  characteristics  can  halve  this  expected  life. 

To  compound  the  above  concerns,  the  voltage  character- 
istics of  a  lead-acid  cell  have  a  pronounced  negative 
temperature  dependence,  approximately  -4.0mV/°C  per 
2V  cell.  In  other  words,  a  charger  that  works  perfectly  at 
25°C  may  not  maintain  or  provide  a  full  charge  at  0°C  and 
conversely  may  drastically  over-charge  a  battery  at 
+50°C.  To  function  properly  at  temperature  extremes  a 
charger  must  have  some  form  of  compensation  to  track  the 
battery  temperature  coefficient. 

To  provide  reasonable  re-charge  times  with  a  full  100% 
return  of  capacity,  a  charge  cycle  must  adapt  to  the  state 
of  charge  and  the  temperature  of  the  battery.  In  sealed,  or 
recombinate,  cells,  following  a  high  current  charge  to 
return  the  bulk  of  the  expended  capacity,  a  controlled  over- 
charge should  take  place.  For  unsealed  cells  the  over- 
charge reaction  must  be  minimized.  After  the  over-charge, 
or  at  the  onset  of  over-charge,  the  charger  should  convert 
to  a  precise  float  condition. 

A  DUAL  LEVEL  FLOAT  CHARGER 

A  state  diagram  for  a  sealed  lead-acid  battery  charger  that 
would  meet  the  above  requirements  is  shown  in  figure  3. 
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FIGURE  3.  The  dual  level  float  charger  has  three  charge  states  A  constant 
current  bulk  charge  returns  70-90%  of  capacity  to  the  battery  with  the  remaining 
capacity  returned  during  an  elevated  (constant)  voltage  over-charge.  The  float 
charge  state  maintains  a  precision  voltage  across  the  battery  to  optimize 
stand-by  life. 


This  charger,  called  a  dual  level  float  charger,  has  three 
states,  a  high  current  bulk  charge  state,  an  over-charge 
state,  and  a  float  state.  A  charge  cycle  begins  with  the 
charger  in  the  bulk  charge  state.  In  this  state  the  charger 
acts  like  a  current  source  providing  a  constant  charge  rate 
at  Imax.  The  charger  monitors  the  battery  voltage  and  as  it 
reaches  a  transition  threshold,  V12,  the  charger  begins  its 
over-charge  cycle.  During  the  over-charge,  the  charger 
regulates  the  battery  at  an  elevated  voltage,  Voc,  until  the 
charge  rate  drops  to  a  specified  transition  current,  Ioct. 
When  the  current  tapers  to  Ioct,  with  the  battery  at  the  ele- 
vated level,  the  capacity  of  the  cell  should  be  at  nearly 
100%.  At  this  point  the  charger  turns  into  a  voltage  regu- 
lator with  a  precisely  defined  output  voltage,  Vf.  The  out- 
put voltage  of  the  charger  in  this  third  state  sets  the  float 
level  for  the  battery. 

With  the  UC3906,  this  charge  and  hold  cycle  can  be  imple- 
mented with  a  minimum  of  external  parts  and  design  effort. 
A  complete  charger  is  shown  in  figure  4.  Also  shown  are 
the  design  equations  to  be  used  to  calculate  the  element 
values  for  a  specific  application.  All  of  the  programming  of 
the  voltage  and  current  levels  of  the  charger  are  deter- 
mined by  the  appropriate  selection  the  external  resistors 
Rs,  Ra,  Rb,  Rc 

Operation  of  this  charger  is  best  understood  by  tracing  a 
charge  cycle.  The  bulk  charge  state,  the  beginning,  is  initi- 
ated by  either  of  two  conditions.  One  is  the  cycli  ng  on  of  the 
input  supply  to  the  charger;  the  other  is  a  low  voltage  con- 
dition on  the  battery  that  occurs  while  the  charger  is  in  the 
float  state.  The  under-voltage  sensing  circuit  on  the 
UC3906  measures  the  input  supply  to  the  IC.  When  the 
input  supply  drops  below  about  4.5V  the  sensing  circuit 
forces  the  two  state  logic  latches  (see  figure  1)  into  the  bulk 
charge  condition  (L1  reset  and  L2  set).  This  circuit  also  dis- 
ables the  driver  output  during  the  under-voltage  condition. 
To  enter  the  bulk  charge  state  while  power  is  on,  the 
charger  must  first  be  in  the  float  state  (both  latches  set).  The 
input  to  the  charge  state  logic  coming  from  the  voltage 
sense  comparator  reports  on  the  battery  voltage.  If  the  bat- 
tery voltage  goes  low  this  input  will  reset  L1  and  the  bulk 
charge  state  will  be  initiated. 

With  L1  reset,  the  state  level  output  is  always  active  low. 
While  this  pin  is  low  the  divider  resistor,  Rb  is  shunted  by 
resistor  Rc,  raising  the  regulating  level  of  the  voltage  loop. 
If  we  assume  that  the  battery  is  in  need  of  charge,  the  vol- 
tage amplifier  will  be  in  its  stops  trying  to  turn  on  the  driver 
to  force  the  battery  voltage  up.  In  this  condition  the  voltage 
amplifier  output  will  be  over-ridden  by  the  current  limit 
amplifier.  The  current  limit  amplifier  will  control  the  driver, 
regulating  the  output  currentto  aconstant  level.  During  this 
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time  the  voltage  at  the  internal,  non-inverting,  input  to  the 
voltage  sense  comparator  is  equal  to  0.95  times  the  internal 
reference  voltage.  As  the  battery  is  charged  its  voltage  will 
rise;  when  the  scaled  battery  voltage  at  PIN  13,  the  invert- 
ing input  to  the  sense  comparator,  reaches  0.95Vref  the 
sense  comparator  output  will  go  low.  This  will  reset  the  sec- 
ond latch  and  the  over-charge  state  will  be  entered.  At  this 
time  the  over-charge  indicator  output  will  go  low.  Other 
than  this  there  is  no  externally  observable  change  in  the 
charger.  Internally,  the  starting  of  the  over-charge  state 
arms  the  set  input  of  the  first  latch  —  assuming  no  reset  sig- 
nal is  present  —  so  that  when  the  over-charge  terminate 
input  goes  high,  the  charger  can  enter  the  float  state. 

In  the  over-charge  state,  the  charger  will  continue  to  supply 
the  maximum  current.  As  the  battery  voltage  reaches  the 
elevated  regulating  level,  Voc,  the  voltage  amplifier  will 
take  command  of  the  driver,  regulating  the  output  voltage 
at  a  constant  level.  The  voltage  at  PIN  13  will  now  be  equal 
to  the  internal  reference  voltage.  The  battery  is  completing 
its  charge  cycle  and  the  charge  acceptance  will  start  to 
taper  off. 

As  configured  in  figure  4,  the  current  sense  comparator 
continuously  monitors  the  charge  rate  by  sensing  the  vol- 
tage across  Rs.  The  output  of  the  comparator  is  con- 
nected to  the  over-charge  terminate  input.  Whenever  the 
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charge  current  is  less  than  Ioct,  (25mV/Rs),  the  open  col- 
lector output  of  the  comparator  will  be  off.  When  this  transi- 
tion current  is  reached,  as  the  charge  rate  tapers  in  the 
over-charge  state,  the  off  condition  of  the  comparator  out- 
put will  allow  an  internal  10jiA  pull-up  current  at  PIN  8  to  pull 
that  point  high.  A  capacitor  can  be  added  from  ground  to 
this  point  to  provide  a  delay  to  the  over-charge-terminate 
function,  preventing  the  charger  from  prematurely  enter- 
ing the  float  state  if  the  charging  current  temporarily  drops 
due  to  system  noise  or  whatever.  When  the  voltage  at  PIN 
8  reaches  its  1V  threshold,  latch  L1  will  be  set,  setting  L2  as 
well,  and  the  charger  will  be  in  the  float  state.  At  this  point 
the  state  level  output  will  be  off,  effectively  eliminating  Rc 
from  the  divider  and  lowering  the  regulating  level  of  the  vol- 
tage loop  to  Vp. 

In  the  float  state  the  charger  will  maintain  Vf  across  the 
battery,  supplying  currents  of  zero  to  Imax  as  required.  In 
addition,  the  setting  of  L1  switches  the  voltage  sense  com- 
parator's reference  level  from  0.95  to  0.90  times  the  internal 
reference.  If  the  battery  is  now  discharged  to  a  voltage  level 
10%  belowthefloat  level,  the  sense  comparator  output  will 
reset  L1  and  the  charge  cycle  will  begin  anew. 

The  float  voltage  Vf,  as  well  as  Voc  and  the  transition  vol- 
tages, are  proportional  to  the  internal  reference  on  the 
UC3906.  This  reference  has  a  temperature  coefficient  of 
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FIGURE  4.  Using  a  few  external  parts  and  following  simple  design  equations  the  UC3906  can  be  configured  as  a  dual  level  float  charger. 
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-3.9mV/°C.  This  temperature  dependence  matches  the 
recommended  compensation  of  most  battery  manufac- 
turers. The  importance  of  the  control  of  the  charger's  vol- 
tage levels  is  reflected  in  the  tight  specification  of  the  toler- 
ance of  the  UC3906's  reference  and  its  change  with  temp- 
erature, as  shown  in  figure  5. 

INTERNAL  REFERENCE  TEMPERATURE 
CHARACTERISTIC  AND  TOLERANCE 
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FIGURE  5.  The  specially  temperature  compensated  reference  on  the  UC3906 
is  tightly  specified  over  0  to  70°G  (-40  to  70°C  for  the  UC2906),  to  allow  proper 
charge  and  hold  characteristics  at  all  temperatures. 


Imax,  Ioct,  Voc,  and  Vf  can  all  be  set  independently.  Imax, 
the  bulk  charge  rate  can  usually  be  set  as  high  as  the  avail- 
able power  source  will  allow,  or  the  pass  device  can  han- 
dle. Battery  manufacturers  recommend  charge  rates  in  the 
C/20  to  C/3  range,  although  some  claim  rates  up  to  and 
beyond  2C  are  OK  if  protection  against  excessive  over- 
charging is  included.  Ioct,  the  over-charge  terminate 
threshold,  should  be  chosen  to  correspond,  as  close  as 
possible,  to  100%  recharge.  The  proper  value  will  depend 
on  the  over-charge  voltage  (Voc)  used  and  on  the  cell's 
charge  current  tapering  characteristics  at  Voc. 

Imax  and  Ioct  are  determined  by  the  offset  voltages  built 
into  the  current  limit  amplifier  and  current  sense  compara- 
tor respectively,  and  the  resistor(s)  used  to  sense  current. 
The  offsets  have  a  fixed  ratio  of  250mV/25mV.  If  ratios  other 
than  ten  are  necessary  separate  current  sensing  resistors 
or  a  current  sense  network,  must  be  used.  The  penalty  one 
pays  in  doing  this  is  increased  input-to-output  differential 
requirements  on  the  charger  during  high  current  charg- 
ing. Examples  of  this  are  shown  in  figure  6. 


An  alternative  method  for  controlling  the  over-charge  state 
is  to  use  the  over-charge  indicate  output,  PIN  9,  to  initiate 
an  external  timer.  At  the  onset  of  the  over-charge  cycle  the 
over-charge  indicate  pin  will  go  low.  A  timer  triggered  by 
this  signal  cogld  then  activate  the  over-charge  terminate 
input,  PIN  8,  after  a  timed  over-charge  has  taken  place. 
This  method  is  particularly  attractive  in  systems  with  a  cen- 
tralized system  controller  where  the  controller  can  provide 
the  timing  function  and  automatically  be  aware  of  the  state 
of  charge  of  the  battery. 

The  float,  Vf,  and  over-charge,  Voc,  voltages  are  set  by 
the  internal  reference  and  the  external  resistor  network, 
Ra,  Rb,  and  Rc  as  shown  in  figure  4.  For  the  dual  level  float 
charger  the  ranges  at  25°C  for  Vf  and  Voc  are  typically 
2.3V-2.40V  and  2.4V-2.7V,  respectively.  The  float  charge 
level  will  normally  be  specified  very  precisely  by  the  battery 
manufacturer,  little  variation  exists  among  most  battery 
suppliers.  The  over-charge  level,  Voc,  is  not  as  critical  and 
will  vary  as  afunction  of  the  charge  rate  used.  The  absolute 
value  of  the  divider  resistors  can  be  made  large,  a  divider 
current  of  50//A  will  sacrifice  less  than  0.5%  in  accuracy 
due  to  input  bias  current  offsets. 

AUXILIARY  CAPABILITIES 
OF  THE  CHARGER  IC 

Besides  simply  charging  batteries,  the  UC3906  can  be 
used  to  add  many  related  auxiliary  functions  to  the  charger 
that  would  otherwise  have  to  be  added  discretely.  The 
enable  comparator  and  its  trickle  bias  output  can  be  used 
in  a  number  of  different  ways.  The  modification  of  the  state 
diagram  in  figure  2  to  establish  a  low  current  turn-on  mode 
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FIGURE  6.  Although  the  ratio  of  input  offset  voltages  on  the  current  limit  and 
current  sense  stages  is  fixed  at  10,  other  ratios  tor  Imax/Ioct  are  easily  obtained. 
Note  that  a  penalty  for  ratios  greater  than  10  is  increased  voltage  drop  across 
the  sensing  network  at  Imax- 
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of  the  charger  (see  figure  7)  is  easily  done.  By  reducing  the 
output  current  of  the  charger  when  the  battery  voltage  is 
below  a  programmable  threshold,  the  charging  system 
protects  against:  One,  high  current  charging  of  a  string 
with  a  shorted  cell  that  could  result  in  excessive  outgassing 
from  the  remaining  cells  in  the  string.  Two,  dumping  charge 
into  a  battery  that  has  been  hooked  up  backwards.  Three, 
excessive  power  dissipation  in  the  charger's  pass  element. 
As  shown  in  figure  7,  the  enable  comparator  input  taps  off 
the  battery  sensing  divider.  When  the  battery  voltage  is 
below  the  resulting  threshold,  Vt,  the  driver  on  the 
UC3906  is  disabled  and  the  trickle  bias  output  goes  high. 
A  resistor,  Rt,  connected  to  the  battery  from  this  output 
can  then  be  used  to  set  a  trickle  current,  (<25mA)  to  the 
battery  to  help  the  charger  discriminate  between  severely 
discharged  cells  and  damaged,  or  improperly  connected, 
cells. 

In  applications  where  the  charger  is  integral  to  the  system, 
i.e.  always  connected  to  the  battery,  and  the  load  currents 
on  the  battery  are  very  small,  it  may  be  necessary  to  abso- 
lutely minimize  the  load  on  the  battery  presented  by  the 
charger  when  input  power  is  removed.  There  are  two  sim- 
ple precautions  that,  when  taken,  will  remove  essentially  all 
reverse  current  into  the  charging  circuit.  In  figure  8  the 
diode  in  series  with  the  pass  element  will  prevent  any 
reverse  current  through  this  path.  The  sense  divider 
should  still  be  referenced  directly  to  the  battery  to  maintain 
accurate  control  of  voltage.  To  eliminate  this  discharge 
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path,  the  divider  in  thefigure  is  referenced  to  the  open  col- 
lector power  indicate  output,  PIN  7,  instead  of  ground. 
Connected  in  this  mannerthe  divider  string  will  be  in  series 
with  essentially  an  open  when  input  power  is  removed. 
When  power  is  present,  the  open  collector  device  will  be 
on,  holding  the  divider  string  end  at  nearly  ground.  The 
saturation  voltage  of  the  open  collector  output  is  specified 
to  be  less  than  50mV  with  a  load  current  of  50/iA. 

Figure  9  illustrates  the  use  of  the  enable  comparator  and 
its  output  to  build  over-discharge  protection  intoacharger. 
Over-discharging  a  lead-acid  cell,  like  over-charging,  can 
severely  shorten  the  service  life  of  the  cell.  The  circuit  moni- 
tors the  discharging  of  the  battery  and  disconnects  all  load 
from  the  battery  when  its  voltage  reaches  a  specified  cutoff 
point.  The  load  will  remain  disconnected  from  the  battery 
until  input  power  is  returned  and  the  battery  recharged. 

This  scheme  uses  a  relay  between  the  battery  and  its  load 
that  is  controlled  by  Q1  and  the  presence  of  voltage  across 
the  load.  When  primary  power  is  available  Q1  is  on  via  D5. 
The  battery  is  charging,  or  charged,  and  the  trickle  bias 
output  at  PIN  11  is  off.  When  input  power  is  removed,  C2 
provides  enough  hold-up  time  at  the  load  to  let  Q1  turn  off, 
and  the  relay  to  close  as  current  flows  through  R1 .  The  bat- 
tery is  now  providing  power  to  the  load  and,  through  D1, 
power  to  the  charger.  The  charger  current  draw  will  typi- 
cally be  less  than  2mA.  As  the  battery  discharges,  the 
UC3906  will  continue  to  monitor  its  voltage.  When  the  vol- 


■  Vi„  -  V,  -  2  OV 


K  IS  A  CONSTANTS  1 

WHERE:  V|N  IS  THE  INPUT  SUPPLY 

2.0V  IS  THE  DROP  FROM  +V,N 
TO  PIN  11 


FIGURE  7.  The  charge  enable  comparator,  with  its  trickle  bias  output,  can  be  used  to  build  protection  into  the  charger.  The  current  foldback  at  low  battery  voltages 
prevents  high  current  charging  ot  batteries  with  shorted  cells,  or  improperly  connected  batteries,  and  also  protects  the  pass  element  from  excessive  power  dissipation. 
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s  reaches  the  cut-off  level,  set  by  the  divider  network, 
R5-R8,  the  trickle  bias  output,  PIN  11,  will  go  high.  Q1  will 
turn  back  on  and  the  relay  current  will  collapse  opening  its 
contacts.  As  the  load  voltage  drops,  capacitor  C1  supplies 
power  to  the  UC3906  to  keep  Q1  on.  Once  the  input  to  the 
charger  has  collapsed  the  power  indicate  pin,  as  shown  in 
figure  8,  will  open  the  divider  string.  The  battery  will  remain 
open-circuited  until  input  power  is  returned.  At  that  time  the 
battery  will  begin  to  recharge 


EQUIVALENT    L  VOLTAGE 
INPUT  CIRCUIT  ^il  SENSE 
TO  VOLTAGE 
AMP  AND  SENSE  . 
COMPARATOR  f 


FIGURE  8.  By  using  a  diode  in  series  with  the  pass  element,  and  referencing 
the  divider  string  to  the  power  indicate  pin,  pin  7,  reverse  current  into  the 
charger,  (when  the  charger  is  tied  to  the  battery  with  no  input  power),  can 
be  eliminated. 


CHARGING  LARGE  SERIES 
STRINGS  OF  LEAD-ACID  CELLS 

When  large  series  strings  of  batteries  are  to  be  charged,  a 
dual  step  current  charger  has  certain  advantages  over  the 
float  charger  of  figures  3  and  4.  A  state  diagram  and  circuit 
implementation  of  this  type  of  charger  is  shown  in  figure  10. 
The  voltage  across  a  large  series  string  is  not  as  predict- 
able as  a  common  3  or  6  cell  string.  In  standby  service 
varying  self  discharge  rates  can  significantly  alter  the  state 
of  charge  of  individual  cells  in  the  string  if  a  constant  float 
voltage  is  used.  The  elevated  voltage,  low  current  holding 
state  of  the  dual  step  current  charger  maintains  full  and 
equal  charge  on  the  cells.  The  holding,  or  trickle  current, 
Ih,  will  typically  be  on  the  order  of  0.005C  to  0.0005C. 

To  give  adequate  and  accurate  recharge  this  charger  has 
a  bulk  charge  state  with  temperature  compensated  transi- 
tion thresholds,  V12,  and  V21.  Instead  of  entering  an  ele- 
vated voltage  over-charge,  upon  reaching  V12  the  charger 
switches  to  a  constant  current  holding  state.  The  holding 
current  will  maintain  the  battery  voltage  at  a  slightly  ele- 
vated level  but  not  high  enough  to  cause  significant  over- 
charging. If  the  battery  current  increases,  the  charger  will 
attempt  to  hold  the  battery  at  the  Vf  level  as  shown  in  the 
state  diagram.  This  may  happen  if  the  battery  temperature 
increases  significantly,  increasing  the  self-discharge  rate 
beyond  the  holding  current.  Also,  immediately  following 
the  transition  from  the  bulk  to  float  states,  the  battery  will 
only  be  80%  to  90%  charged  and  the  battery  voltage  will 
drop  to  the  Vf  level  for  some  period  of  time  until  full  charg- 
ing is  achieved. 

I  n  this  charger  the  cu  rrent  sense  com  parator  is  used  to  reg- 
ulate the  holding  current.  The  level  of  holding  current  is 
determined  by  the  sensing  resistor,  Rsh-  The  other  series 
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FIGURE  9.  Using  the  enable  comparator  to  monitor  the  battery  voltage  a  precise  discharge  cut-off  voltage  can  be  set. 

peaches  the  cut-off  threshold  the  trickle  bial  output  switches  off  the  load  switch  relay  and  the  battery  is 
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resistor,  Re,  is  necessary  for  the  current  sense  comparator 
to  regulate  the  holding  current.  Its  value  is  selected  by 
dividing  the  value  of  Ih  into  the  minimum  input  to  output 
differential  that  is  expected  between  the  battery  and  the 
input  supply.  If  the  supply  variation  is  very  large,  or  the 
holding  current  large,  ( >  25mA),  then  an  external  buffering 
element  may  be  required  at  the  output  of  the  current  sense 
comparator. 

The  operating  supply  voltage  into  the  UC3906  should  be 
kept  less  than  45V.  However,  the  IC  can  be  adapted  to 
charge  a  battery  string  of  greater  than  45V.  To  charge  a 
large  series  string  of  cells  with  the  dual  step  current 
charger  the  ground  pin  on  the  UC3906  can  be  referenced 
to  a  tap  point  on  the  battery  string  as  shown  in  figure  11. 
Since  the  charger  is  regulating  current  into  the  batteries, 
the  cells  will  all  receive  equal  charge.  The  only  offset  results 
from  the  bias  current  of  the  UC3906  and  the  divider  string 
current  adding  to  the  current  charging  the  battery  cells 
below  the  tap  point.  Rb  can  be  added  to  subtract  the  bulk 
of  this  current  improving  the  ability  of  the  charger  to  control 
the  low  level  currents.  The  voltage  trip  points  using  this 
technique  will  be  based  on  the  sum  of  the  cell  voltages  on 
the  high  side  of  the  tap. 


PICKING  A  PASS  ELEMENT  AND 
COMPENSATING  THE  CHARGER 

There  are  four  factors  to  consider  when  choosing  a  pass 
device.  These  are: 

1 .  The  pass  device  must  have  sufficient  current  and  power 
handling  capability  to  accommodate  the  desired  maxi- 
mum charging  rate  at  the  maximum  input  to  output 
differential. 

2.  The  device  must  have  a  high  enough  current  gain  at  the 
maximum  charge  rate  to  keep  the  drive  current  required 
to  less  than  25mA. 

3.  The  type  of  device  used,  (PNR  NPN,  or  FET),  and  its 
configuration,  may  be  dictated  by  the  minimum  input  to 
output  differential  at  which  the  charger  must  operate. 

4.  The  open  loop  gain  of  both  the  voltage  and  the  current 
control  loops  are  dependent  on  the  pass  element  and  its 
configuration. 

Figure  12  contains  a  number  of  possible  driver  configura- 
tions with  some  rough  break  points  on  applicable  current 
ranges  as  well  as  the  resulting  minimum  input  to  output  dif-  . 
ferentials.  Also  included  in  this  figure  are  equations  for  the 
dissipation  that  results  on  the  UC3906  die,  equations  for  a 
resistor,  Rd,  that  can  be  added  to  minimize  this  dissipa- 
tion, and  expressions  for  the  open  loop  gains  of  both  the 
voltage  and  current  loops. 
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FIGURE  10.  A  dual  step  current  charger  has  some  advantages  when  large  series  strings  must  be  charged.  This  type  of  charger  maintains  constant  current  during 
normal  charging  that  results  in  equal  charge  distribution  among  battery  cells. 


2 
< 


APPLICATION  NOTE 


U-104 


As  reflected  in  the  gain  expressions  in  figure  12,  the  open 
loop  voltage  gains  of  both  the  voltage  and  current  control 
loops  are  dependent  on  the  impedance,  Zc  at  the  com- 
pensation pin.  Both  loops  can  be  stabilized  by  adjusting 
the  value  of  this  impedance.  Using  the  expressions  given, 
one  can  go  through  a  detailed  analysis  of  the  loops  to  pre- 
dict respective  gain  and  phase  margins.  In  doing  so  one 
must  not  forget  to  account  for  all  the  poles  in  the  open  loop 
expressions.  In  the  common  emitter  driver  examples,  1 
and  3,  the  equivalent  load  impedance  at  the  output  of  the 
charger  directly  affects  loop  characteristics.  In  addition,  a 
pole,  or  poles,  will  be  added  to  the  loop  response  due  to 
the  roll-off  of  the  pass  device's  current  gain,  Beta.  This 
effect  will  occur  at  approximately  the  rated  unity  gain  fre- 
quency of  the  device  divided  by  its  low  frequency  current 
gain.  The  transconductance  terms  for  the  voltage  and  cur- 
rent limit  amplifiers,  (1/1 ,3K  and  1/300  respectively),  will 
start  to  roll  off  at  about  500KHZ.  As  a  rule  of  thumb,  it  is  wise 
to  kill  the  loop  gain  well  below  the  point  that  any  of  these, 
not-so-predictable  poles,  enter  the  picture. 

If  you  prefer  not  to  go  through  a  BODE  analysis  of  the  loops 
to  pick  a  compensation  value,  and  you  recognize  the  fact 
that  battery  chargers  do  not  require  anything  close  to  opti- 
mum dynamic  response,  then  loop  stability  can  be  as- 
sured by  simply  oversizing  the  value  of  the  capacitor  used 
at  the  compensation  pin.  In  some  cases  it  may  be  neces- 
sary to  add  a  resistor  in  series  with  the  compensation 
capacitor  to  put  a  zero  in  the  response.  Typical  values  for 
the  compensation  capacitor  will  range  from  1000pF  to 
0.22/tF  depending  on  the  pass  device  and  its  configura- 
tion. With  composite  common  emitter  configurations,  such 
as  example  3  in  figure  12,  compensation  values  closer  to 


FIGURE  11.  A  dual  step  current  charger  can  be  configured  to  operate  with 
input  supplies  of  greater  than  45V  by  using  a  tap  on  the  battery  to  reference 
the  UC3906.  The  charger  uses  the  voltage  across  the  upper  portion  of  the 
battery  to  sense  charging  transition  points.  To  minimize  charging  current 
offsets,  RB  can  be  added  to  cancel  the  UC3906  bias  and  divider  currents. 


the  0.22/iF  value  will  be  required  to  roll  off  the  large  open 
loop  gain  that  results  from  the  Beta  squared  term  in  the 
gain  expression.  Series  resistance  should  be  less  than  1K, 
and  may  range  as  low  as  100  ohms  and  still  be  effective. 

The  power  dissipated  by  the  UC3906  requires  attention 
since  the  thermal  resistance,  (100°C/Watt)  of  the  DIP 
package  can  result  in  significant  differences  in  tempera- 
ture between  the  UC3906  die  and  the  surrounding  air, 
(battery),  temperature.  Different  driver/pass  element  con- 
figurations result  in  varying  amounts  of  dissipation  at  the 
UC3906.  The  dissipation  can  be  reduced  by  adding  exter- 
nal dropping  resistors  in  series  with  the  UC3906  driver, 
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FIGURE  12.  There  are  a  large  number  of  possible  driver/pass  element  configurations,  a  few  are  summarized  here.  The  trade-offs  are  between  current  gain,  input  to  output 
differential,  and  in  some  cases,  power  dissipation  on  the  UC3906.  When  dissipation  is  a  problem  it  can  be  reduced  by  adding  a  resistor  in  series  with  the  UC3906  driver. 
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(see  figure  12).  These  resistors  will  then  share  the  power 
with  the  die.  The  charger  parameters  most  affected  by  in- 
creased driver  dissipation  are  the  transition  thresholds, 
(V12  and  V2i),  since  the  charger  is,  by  design,  supplying  its 
maximum  current  at  these  points.  The  current  levels  will  not 
be  affected  since  the  input  offset  voltages  on  the  current 
amplifier  and  sense  comparator  have  very  little  tempera- 
ture dependence.  Also,  the  stand-by  float  level  on  the 
charger  will  still  track  ambient  temperature  accurately 
since,  normally,  very  little  current  is  required  of  the  charger 
during  this  condition. 

To  estimate  the  effects  of  dissipation  on  the  charger's  vol- 
tage levels,  calculate  the  power  dissipated  by  the  IC  at  any 
given  point,  multiply  this  value  by  the  thermal  resistance  of 
the  package,  and  then  multiply  this  product  by  -3.9mV/°C 
and  the  proper  external  divider  ratio.  In  most  cases,  the 
effect  can  be  ignored,  while  in  others  the  charger  design 
must  be  tweaked  to  account  for  die  dissipation  by  adjust- 
ing charger  parameters  at  critical  points  of  the  charge 
cycle. 

SOME  RESULTS  WITH  THE 
DUAL  LEVEL  FLOAT  CHARGER 

In  figure  13  the  schematic  is  shown  for  a  dual  level,  float 
charger  designed  for  use  with  a  6V,  2.5amp-hour,  sealed 
lead-acid  battery.  The  specifications,  at  25°C,  for  this 
charger  are  listed  below. 


Input  supply  voltage  9.0V  to  13V 

Operating  temperature  range  0°C  to  70°C 

Start-up  trickle  current  (lT)  10mA  (Vin  =  10V) 

Start-up  voltage  (VT)  5.1V 

Bulk  charge  rate  (Imax)  500mA  (C/5) 

Bulk  to  OC  transition  voltage  (V12)  .  .  7.125V 

OC  voltage  (Voc)  7.5V 

OC  terminate  current  (Ioct)  50mA  (C/50) 

Float  voltage  (VF)  7.0V 

Float  to  Bulk  transition 

voltage  (V3i)  6.3V 

Temperature  coefficient  on 

voltage  levels  -12mV/°C 

Reverse  current  at  charger  output 

with  the  input  supply  at  0.0V  ....  <5/iA 

In  order  to  achieve  the  low  input  to  output  differential, 
(1.5V),  the  charger  was  designed  with  a  PNP  pass  device 
that  can  operate  in  its  saturation  region  under  low  input 
supply  conditions.  The  series  diode,  required  to  meet  the 
reverse  current  specification,  accounts  for  1 .0V  of  the  1 .5V 
minimum  differential.  Keeping  the  reverse  current  under 
5/iA  also  requires  the  divider  string  to  be  disconnected 
when  input  power  is  removed.  This  is  accomplished,  as 
discussed  earlier,  by  using  the  input  power  indicate  pin  to 
reference  the  divider  string. 


O  BATTERY + 
(6V) 
BATTERY  - 


FIGURE  13.  This  dual  level  float  charger  was  designed  for  a  6V  (three  2V  cells)  2.5AH  battery.  A  separate  "fully 
charged"  indicator  was  added  for  visual  indication  of  charge  completion. 
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HOURS  ON  CHARGE  — 


FIGURE  14.  The  nearly  ideal  characteristics  of  the  dual  level  float  charger  are 
illustrated  in  these  curves.  The  over-charge  state  is  entered  at  about  80%  return 
of  capacity  and  float  charging  begins  at  just  over  100%  return. 


1        23456766  10 
HOURS  ON  CHARGE  — 

FIGURE  15.  At  elevated  temperatures  the  maximum  capacity  of  lead-acid 
cells  is  increased  allowing  greater  charge  acceptance.  To  prevent  excessive 
over-charging  though,  the  charging  voltage  levels  are  reduced. 
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HOURS  ON  CHARGE 

FIGURE  16.  At  lower  temperatures  the  capacity  of  lead-acid  cells  is  reduced  as 
reflected  by  the  less-than-100%  return  of  capacity  in  this  0°C  charge  cycle,  illus- 
trating the  need  for  elevated  charging  voltages  to  maximize  returned  capacity. 


The  driver  on  the  UC3906  shunts  the  drive  current  from  the 
pass  device  to  ground.  The  470ohm  resistor  added 
between  PIN  15  and  ground  keeps  the  die  dissipation  to 
less  than  100mW  under  worst  case  conditions,  assuming 
a  minimum  forward  current  gain  in  the  pass  element  of  35 
at  500mA. 

The  charger  in  figure  13  includes  a  circuit  to  detect  full 
charge  and  gives  a  visual  indication  of  charge  completion 
with  an  LED.  This  circuit  turns  on  the  LED  when  the  battery 
enters  the  float  state.  Entering  of  the  float  state  is  detected 
by  sensing  when  the  state  level  output  turns-off. 

Figures  14-16  are  plots  of  charge  cycles  of  the  circuit  at 
three  temperatures,  25°C,  50°C  and  0°C.  The  plots  show 
battery  voltage,  charge  rate,  and  percent  return  of  pre- 
viously discharged  capacity.  This  last  parameter  is  the  inte- 
gral of  the  charge  current  over  the  time  of  the  charge  cycle, 
divided  by  the  total  charge  volume  removed  since  the  last 
full  charge.  For  all  of  these  curves  the  previous  discharge 
was  an  80%  discharge,  (2amp-hours),  at  a  C/10,  (250mA), 
rate.  The  discharges  were  preceded  by  an  over-night 
charge  at  25°C. 

The  less  than  100%  return  of  capacity  evident  in  the 
charge  cycle  at  0°C  is  the  result  of  the  battery's  reduced 
capacity  at  this  temperature.  The  tapering  of  the  charge 
current  in  the  over-charge  state  still  indicates  that  the  cells 
are  being  returned  to  a  full  state  of  charge. 
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BRUSHLESS  DC  MOTORS  GET  A  CONTROLLER  IC 
THAT  REPLACES  COMPLEX  CIRCUITS 

A  COMMUTATOR  AND  DRIVER  CHIP,  COMPLETE  WITH 
THERMAL  AND  UNDER-VOLTAGE  PROTECTION  AND 


TRANS 


ENT  SUPPRESSION,  RADICALLY  SIMPLIFIES 


THE  CONTROL  OF  BRUSHLESS  DC  MOTORS 


INTRODUCTION 

The  popularity  of  the  three-phase,  brushless  DC  motor  is 
on  the  rise  for  a  number  of  good  reasons:  There  are  no 
brushes  to  wear  out  or  to  arc  over,  heat  dissipation  is  better 
because  the  windings  are  on  the  stator,  and  good  torque 
control  is  both  possible  and  relatively  easy  to  achieve  with 
the  availability  of  electronic  circuits.  The  motor's  main 
drawback  has  been  the  need  to  design  and  assemble  a 
complex  circuit  consisting  of  six  output  power  transistors 
with  transient  suppression  diodes,  a  switching  current  con- 
trol circuit,  and  a  Hall  logic  decoder,  plus  loop  control  and 
protection  circuitry. 

The  advent  of  the  UC3620  controller  chip  greatly  simplifies 
the  designer's  problem,  for  it  integrates  all  these  elements. 
This  chip  easily  and  safely  controls  motors  requiring  up  to 
2A  of  continuous  current,  and  has  a  peak  rating  of  3A.  The 
device  has  a  maximum  VCc  rating  of  40V  and  is  available  in 
a  1 5-pin  package  rated  at  25W.  Only  a  half  dozen  external 
components  are  needed  to  get  a  motor  running. 

A  three-phase  brushless  DC  motor  has  two,  four,  or  more 
permanent  magnet  poles  mounted  on  its  rotor.  The 
required  rotating  field  is  produced  by  the  stator's  stationary 
windings,  whose  three  phases  must  be  commutated  in  the 
proper  sequence.  This  sequence  is  governed  by  the  rotor's 
angular  position,  and  consequently,  some  means  must  be 
provided  both  to  sense  this  position  and  to  use  that  informa- 
tion to  control  the  commutation  sequence. 

The  sensing  is  accomplished  by  three  Hall-effect  devices 
mounted  on  the  stator  close  to  the  rotor  magnets,  at  the 
correct  rotational  angles.  An  electronic  circuit  decodes  the 
Hall  device  signals  and  controls  the  direction  of  the 
currents  applied  to  the  three  motor  phases.  This  power 
switching  is  done  by  power  transistors. 

Another  function  must  be  added  to  the  driving  electronics, 
namely,  that  of  controlling  the  motor  current  and 
maintaining  it  at  the  correct  value.  At  high  speed,  the 
electric  motor's  back  emf  limits  the  phase  currents.  But  at 
low  speeds,  the  back  emf  is  low  (it  is  zero  at  stall),  and 
therefore  if  the  current  is  to  be  kept  constant,  the  applied 


voltage  must  be  reduced.  This  is  done  by  sensing  the 
motor  current  and  using  its  value  to  regulate  the  duty  cycle 
of  the  applied  voltage,  thereby  controlling  the  average 
motor  voltage.  In  this  way,  a  constant-current  source  of 
motor  power  is  obtained. 

HOW  IT  WORKS 

In  the  controller  chip,  each  of  the  three  output  stages  is  a 
totem-pole  pair  (Figure  1 )  capable  of  sourcing  and  sinking 
the  motor's  full  rated  current.  Inductive  transients  from  the 
load  are  clamped  to  Vcc  by  Schottky  diodes  and  to  ground 
by  the  intrinsic  substrate  diodes,  thus  obviating  the  need  for 
external  clamping  devices. 

The  power  output  stages  have  two  functions.  The  first  is  to 
commutate  the  three  motor  phases  in  the  proper  se- 
quence, producing  unidirectional  torque  in  the  rotor.  The 
second  is  to  switch  the  applied  motor  voltage  in  the  manner 
selected  and  programmed  by  the  user,  maintaining  the 
output  current  at  the  desired  level.  This  switching  control  of 
current  is  accomplished  in  a  fixed-off-time,  two-quadrant 
mode,  providing  the  automatic  peak  current  limiting  and 
low  ripple  current  essential  to  high  electrical  efficiency  at 
the  motor  windings. 

The  emitters  of  the  three,  bottom  transistors  of  the  totem- 
pole  output  stages  are  connected  to  Pin  1 ,  through  which 
all  the  motor  current  flows.  If  a  low-value  resistor  is  placed 
between  this  pin  and  ground,  a  usable  voltage  proportional 
to  motor  current  is  derived  without  appreciable  l2R  losses. 

This  current-sensing  voltage  serves  as  a  feedback  signal 
for  the  switching  current  control  loop.  It  is  applied  to  the 
Isense  input  through  an  RC  filter,  which  prevents  false  trig- 
gering due  to  noise  spikes  in  the  current  waveform. 

An  internal  voltage  comparator  determines  whether  the 
voltage  Vi  SENSe  is  equal  to  VW,  a  positive  variable  refer- 
ence voltage  dependent  on  the  output  of  the  chip's  error 
amplifier.  If  Q  of  the  monostable  multivibrator  (that  follows 
the  comparator)  is  high,  the  chip's  output  stages  are 
enabled,  the  output  current  increases,  and  Vi  sense  also 
increases  until  it  becomes  positive  with  respect  to  Vref. 
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FIGURE  1.  THE  UC3620  CHIP  PROVIDES  FULL  CONTROL  OF  MOTOR  CURRENTS  UP  TO  2A,  WITH  ROTATION  IN  BOTH  DIRECTIONS.  HALL-EFFECT 
DEVICES  INTERNAL  TO  THE  MOTOR  PROVIDE  POSITION  INFORMATION  THROUGH  A  DECODER  TO  THREE  TOTEM-POLE  DRIVERS.  COMPARING 
THE  CHANGING  VOLTAGE  ACROSS  RS  WITH  THE  ERROR  AMPLIFIER  OUTPUT  HELPS  KEEP  THE  CURRENT  CONSTANT. 
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At  this  point  the  comparator  resets  the  monostable,  forcing 
Q  low  and  disabling  the  output  stages.  The  motor  current 
now  circulates  through  one  of  the  Schottky  diodes  and  the 
conducting  upper  transistor  because  of  the  stored  induc- 
tive energy,  until  the  monostable  off-time  has  elapsed  (Fig- 
ure 2).  Q  then  returns  to  the  high  state  and  the  cycle  is 


The  switching  off-time  is  fixed,  since  it  is  determined  by  the 
user's  choice  of  timing  components  Rt  and  Ct.  At  the  start 
of  the  off-time,  capacitor  Ct  is  charged  to  +5V,  and  the 
monostable  outputs  are  held  in  the  off  state  until  this  volt- 
age decays  exponentially  to  a  level  of  2V.  Since  resistor  RT 
supplies  the  only  path  for  the  discharging  current,  it  is 
possible  to  calculate  the  time  required,  toFF.  in  seconds: 

or: 


RtCt 
toFF  =  0.91  6RtCt 

When  the  2  volt  level  is  reached, 
again,  and  the  cycle  repeats. 

The  reference  voltage,  Vref,  then,  is  the  controlling  voltage 
of  what  is  in  effect  a  transconductance  amplifier  of  which 
the  controlled  output  is  the  motor  current  through  resistor 
Rs.  To  repeat,  the  circuit  controls  the  peak  value  of  the 
current.  If  the  switching  frequency  is  high  (low  current 
ripple),  the  assumption  may  be  made  that  the  average 
value  of  motor  current,  Im,  is  approximately  equal  to  the 
peak,  and  so: 

Vref  =  ImRs 

Gt  =  t^-  =  4^  Siemens 

Vref  Rs 


FIGURE  2.  WHEN  Qbs  IS  ON,  CURRENT  FLOWS  THROUGH  Qai  AND  TWO  MOTOR  WINOINGS  TO  GROUND  (DOTTED  ARROWS).  DURING  THE  TIME 
THAT  Qb2  IS  OFF.  THE  STORED  ENERGY  IN  THE  WINDING  INDUCTANCE  FLOWS  THROUGH  SCHOTTKY  DIODE  SDB.  TRANSISTOR  Qai.  AND  BACK 
THROUGH  THE  WINDINGS  (DASHED  ARROWS). 
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The  maximum  value  of  VREf  is  limited  to  0.5V  by  a  zener 
diode  (Figure  1  again).  This  value  sets  a  limit  to  the  maxi- 
mum motor  current  as  well,  since: 

0.5 

Imax  =  — —  amperes 

ns 

Consequently,  the  proper  selection  of  Rs  protects  both  the 
motor  and  the  chip  from  excess  current. 

The  motor  is  connected  to  the  chip's  three  outputs  Aout, 
Bout,  and  Cout.  The  motor  windings  are  Y-connected,  and 
the  driver  energizes  two  phases  at  a  time,  the  third  one 
being  off.  Thus  each  driver  output  will  be  in  one  of  three 
states:  high  (VCc),  off  (high  impedance),  or  low(OV),  gener- 
ating six  possible  combinations  (Table  1 ). 


Table  1.  Terminal  Conditions  for 
Different  Driver  Output  States 

OUTPUT 
STATE 

TERMINAL 
A 

TERMINAL 
B 

TERMINAL 

C 

ABZ 

High 

Low 

HighZ 

AZC 

High 

HighZ 

Low 

ZBC 

High  Z 

High 

Low 

ABZ 

Low 

High 

High  Z 

AZC 

Low 

HighZ 

High 

ZBC 

High  Z 

Low 

High 

SIX  STATES 

In  each  of  the  six  possible  states,  one  of  the  upper  transis- 
tors is  on,  together  with  one  of  the  bottom  transistors.  In  any 
of  the  states,  it  is  the  bottom  transistor  that  controls  switch- 
ing, while  the  upper  device  remains  conducting.  For  exam- 
ple, in  state  ABZ,  current  flows  continually  through  upper 
transistor  Qai,  but  switches  between  lower  transistor  QB2 
and  Schottky  diode  SDB  (Figure  2  again).  This  switching 
action  results  in  low  current  ripple  through  the  motor  and  is 
known  as  two-quadrant  operation,  in  which  the  power 
supply  current  flows  only  in  one  direction,  namely,  into  the 
driver  (Figure  3).  One  advantage  of  this  unidirectionality  is 
that  a  shunt  regulator  is  not  necessary  to  prevent  an  over- 
voltage  at  the  Vcc  bus  during  motor  deceleration. 

A  more  significant  advantage  is  that  it  results  in  the  least 
current  ripple  for  a  given  switching  rate.  More  precisely,  the 
current  waveform's  form  factor  (the  ratio  of  its  rms  to  its 
average  value)  is  closer  to  unity.  Since  the  amount  of  l2R 
heating  depends  on  the  rms  value  of  I,  whereas  torque 
depends  on  the  average  value,  a  form  factor  approaching 
unity  results  in  greater  motor  efficiency. 

The  current  reference  voltage  VREf  at  the  inverting  input  of 
the  chip's  comparator  depends  on  the  output  voltage,  Vout, 
of  the  error  amplifier.  The  relationship  between  the  two  is: 


VREF  = 

The  offset  of  1 V  between  Vout  and  the  5:1  voltage  divider 
ensures  that  the  error  amplifier  can  always  achieve  zero 
current  at  the  motor.  The  amplifier  itself  has  a  high  gain  of 
80dB  minimum,  an  ft  of  0.8MHz;  and  is  internally  compen- 
sated for  stable  operation. 

In  a  feedback  speed  control  application,  even  with  a  reduc- 
tion in  gain  of  14dB  due  to  the  5:1  resistive  attenuator 
between  the  amplifier  and  the  comparator,  there  is  still  a 
minimum  DC  gain  of  66dB,  which  is  more  than  adequate 
for  most  requirements.  The  same  consideration  applies  to 
the  1 V  offset,  which  is  overshadowed  by  the  high-gain  loop 
as  well. 


VOLTAGE 
AT  SENSE 
PIN 


FIGURE  3.  THE  CHIP'S  SWITCHING  CIRCUIT  CONTROLS  MOTOR  CUR- 
RENT ON  A  PULSE-BY-PULSE  BASIS.  WHEN  THE  BOTTOM  TRANSISTOR 
OF  AN  OUTPUT  STAGE  IS  ON.  THE  CURRENT  AT  FIRST  RISES  RAPIDLY 
AND  THEN  DECAYS  SLOWLY  AS  IT  CIRCULATES  THROUGH  THE  TRAN- 
SISTOR'S ASSOCIATED  DIODE.  THE  FORM  FACTOR  OF  THE  WAVEFORM 
IS  THEREFORE  CLOSE  TO  UNITY.  SO  THAT  HEATING  OF  THE  COILS  IS 
REDUCED. 


The  chip  also  includes  two  protection  circuits  to  help  make 
it  more  reliable.  The  under-voltage  lockout  prevents  the 
output  stages  from  being  energized  unless  the  supply  volt- 
age can  provide  sufficient  base  current  to  the  drive  transis- 
tors. The  maximum  Vcc  start-up  threshold  is  set  at  8V  and 
has  a  built-in  hysteresis  of  0.5V. 

A  thermal  shutdown  circuit  affords  protection  against 
excessive  junction  temperatures.  This  circuit  disables  the 
drive  transistors  when  the  chip's  temperature  is  between 
1 50°C  and  1 80°C  When  the  temperature  returns  to  a  safe 
value,  normal  operation  is  automatically  restored. 

When  the  power  source  for  a  motor  is  DC,  a  commutator  is 
needed  to,  in  a  sense,  alternate  the  power  applied  to  the 
windings.  A  brushless  DC  motor  uses  an  external  power 
commutator.  As  a  rule,  however,  the  motor  has  an  elec- 
tronic device  internal  to  it  that  generates  information  rela- 
tive to  angular  position  for  use  in  controlling  the 
commutator. 
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CONTROLLING  BRUSHLESS  MOTORS 
TO  2A 

The  control  chip  was  designed  to  drive  any  three-phase 
brushless  DC  motor  of  up  to  2A  and  is  particularly  suited  for 
motors  with  integral  Hall-effect  devices.  Ha,  Hb,  and  Hc 
(Figure  1  again)  are  TTL-compatible  inputs  that,  together 
with  the  Forward-Reverse  input  (FWD/REV),  determine  the 
output  states  (Table  2). 

The  commutation  logic  built  into  the  UC3620  is  intended 
for  use  with  motors  with  1 20  electrical  degree  Hall  codes. 
Motors  that  use  the  alternative  60  electrical  degree 
code  can  be  easily  accomodated  with  the  addition  of 
an  inverter  to  reverse  polarity  of  one  of  the  Hall  signals. 

When  used  as  described,  the  device  operates  in  a  current 
feedback  mode  and  acts  as  a  current  controller,  or  rather 
as  a  transconductance  amplifier.  This  closed-loop  circuit 
can  be  made  part  of  another  feedback  loop  to  control  the 
motor  speed.  Controlled  speed  loops  are  of  interest  in 
many  applications,  some  of  which  require  a  very  high 
degree  of  control  accuracy.  For  example,  a  crystal- 
referenced  phase-locked  loop  is  needed  to  control  the 
spindle  speed  of  magnetic  disk  drives. 


Table  2.  Hall  Device  Logic  Coding 

HALL  DEVICE 
INPUTS 

FORWARD/ 
REVERSE 
LINE 

DRIVER 
OUTPUT 

Ha 

HB 

Hc 

1 

0 

1 

1 

ABZ 

1 

0 

0 

1 

AZC 

1 

1 

0 

1 

ZBC" 

0 

1 

0 

1 

ABZ 

0 

1 

1 

1 

AZC 

0 

0 

1 

1 

ZBC 

< 


Note:  A  change  of  state  in  the  Forward/Reverse  line  inverts  the  output  states, 
thus  reversing  the  direction. 
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1.5  MHZ  CURRENT  MODE  IC  CONTROLLED 
50  WATT  POWER  SUPPLY 


Abstract 

This  application  note  highlights  the  development 
of  a  1.5  megahertz  current  mode  IC  controlled, 
50  watt  power  supply.  Push-pull  topology  is 
utilized  for  this  DC  to  DC  converter  application  of 
+48  volts  input  to  +5  volts  at  10  amps  output. 
The  beneficial  increase  in  switching  speed  and 
dynamic  performance  is  made  possible  by  a  new 
pulse  width  modulator,  the  Unitrode  UC3825. 
Reductions  in  magnetic  component  sizes  are 
realized  and  the  selections  of  core  geometry,  fer- 
rite  material  and  flux  density  are  discussed.  The 
effects  of  power  losses  throughout  the  circuit  on 
overall  efficiency  are  also  analyzed. 


Introduction 

The  switching  frequencies  of  power  supplies 
have  been  steadily  increasing  since  the  advent  of 
cost  effective  MOSFETS,  used  to  replace  the  con- 
ventional bipolar  devices.  While  thetransition  time 
in  going  from  twenty  to  hundreds  of  kilohertz  has 
been  brief,  few  designers  have  ventured  into,  or 
beyond,  the  one  megahertz  benchmark.  Until 
recently,  those  who  have,  had  utilized  discrete 
pulse  width  modulation  designs  due  to  the 
absence  of  an  integrated  circuit  truely  built  for 
high  speed.  The  1.5  MHZ  power  supply  shown 
schematically  in  figure  1  was  designed  to  exem- 
plify high  frequency  power  conversion  under  the 
supervision  of  such  an  IC  controller,  the  UC3825:1 


Figure  1.  Schematic  Diagram 
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II.  POWER  SUPPLY  SPECIFICATIONS 

Input  Voltage  Range:  42to56VDC 
Switching  Frequency: 
Output  Power: 


Output  Voltage: 
Output  Current: 
Line  Regulation: 
Load  Regulation: 
Output  Ripple: 
Efficiency: 


1.5  MHz 
51  Watts  Max. 
5.1  VDC  Nom. 
2-10  ADC 
5MV 
15  MV 
100  MVTyp. 
75%  Typ. 


III.  OPERATING  PRINCIPLES 

Power  can  efficiently  be  converted  using  any  of 
several  standard  topologies.  Design  tradeoffs  of 
cost,  size  and  performance  will  generally  narrow 
the  field  to  one  that  is  most  appropriate.  For  this 
demonstration  application,  the  center-tapped 
push-pull  configuration  has  been  selected. 

Current  mode  control  provides  numerous  advan- 
tages over  conventional  duty  cycle  control,  and 
has  been  implemented  as  the  regulation  method. 
In  review,  the  error  amplifier  output  (outer  control 
loop)  defines  the  level  at  which  the  primary  current 


+ 
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V 
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MODE 

CONTROL 
PWM 


SENSE 


Figure  2.  Basic  Diagram  —  Push-Puli  Converter  Using 
Current  Mode  Control 

(inner  loop)  will  regulate  the  pulse  width,  and  out- 
put voltage.  Pulse-by-pulse  symmetry  correction 
(flux  balancing)  is  inherent  to  current  mode  con- 
trollers, and  essential  for  the  push-pull  topology 


A  basic  current  mode  controlled,  mosfet  switched 
push-pull  converter  is  shown  in  figure  2.  Transistor 
Q1  is  turned  on  by  a  drive  pulse  from  the  PWM, 
causing  primary  current  lp  to  flow  through  the 
transformer  primary,  mosfet  Q1  and  sense  resistor 
Rs.  Simultaneously,  diode  D1  conducts  current  lp 
x  Np/Ns  in  the  secondary,  storing  energy  in  in- 
ductor L1  and  delivering  powertothe  output  load. 
WhenQI  receives  a  turn-off  pulse  from  the  PWM, 
it  halts  the  current  flow  in  the  primary.  Secondary 
current  continues  due  to  the  filter  inductor  L1. 
Diodes  D1  and  D2  each  conduct  one-half  the  DC 
output  current  during  these  converter  "off"  times. 
This  entire  process  is  repeated  on  alternate 
cycles,  as  Q2  next  is  toggled  on  and  off.  The  basic 
i  in  figure  3  for  reference. 


Vgs  (Q1)  0 
lG  (01)  0  f\  y 


Vgs  TO  0 
Ig  (Q2)  0 


2>Voc  — . 

Vds(Q1)  vs„  V 


Vds(Q2) 


2-Vcc 

Vcc 

VsAT 


Figure  3.  Basic  Push-Pull  Waveforms 
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IV.  DESIGN  CONSIDERATIONS 

Auxiliary  Supply  Voltage 

The  9.2  volt  minimum  requirement  of  the  UC3825 
and  20  volt  gate-source  maximum  of  the  mosfets 
imply  an  approximate  10  thru  18  volt  range  of 
inputs.  The  10  volt  value  was  selected  to  supply 
both  Vcc  and  Vc  (totem  pole  outputs)  while  keep- 
ing power  dissipation  in  the  IC  low.  The  circuit 
used  is  a  simple  resistor-zener  dissipative  network 
with  ample  bypassing  capacitors  located  near  the 
IC  to  reduce  noise. 

Oscillator  Frequency 

The  oscillator  frequency  selected  is  1.5  MHz, 
resulting  in  a  670  nanosecond  period.  From  the 
UC3825  data  sheet,  oscillator  frequency  versus 
Rt,  Ct,  and  deadtime  curves: 

F0  =  1.5  mHz;  T  period  =  670  ns 
Ci  =  470  pF 
R,  =  1.5  K 

Therefore;  T  (on)  =  570  ns  (max) 
T  (off)  =  100  ns  (min) 


DUTY  CYCLE,  d  max 


T  (on)  max  _  570  ns 
T  (period)      670  ns 


=  85% 


NOTE:  These  times  will  determine  the  mosfet  device 
selection  and  transformer  turns  ratio. 

Preliminary  Considerations 

Prior  to  designing  the  main  transformer,  several 
parameters  need  to  be  defined  and  determined. 
Standard  design  procedures  are  used  for  this 
"first  cut"  approximation. 


Input 

Input  power,  P  (in)  = 


Output  power,  P  (out) 


Efficiency,  n 

Let  n  =  75%  for  a  5  v,  single  output  power  supply. 
5.1  v  •  10  a     51  watts 


P(in) 


0.75 


0.75 


68  watts 


Primary  Current 

The  primary  current  can  be  approximated  using 
the  low-line  constraints  of  42  volts  DC  input: 

Primary  Current  (dc)  =  lnpUt  p0wer  P  (in)  =  5™  =  1 .62  A 
Input  voltage  V  (in)     42  volts 

The  primary  current  during  the  transistor  on  time  is: 

l(dc) 


l(P) 


1  62  A 

=  1.9  amps,  or  approx.  2A 


d  (max)  0.85 
The  RMS  primary  current  is: 

Ip  (rms)  =  Ip  Vduty  =  1 .24A  (rms) 


Sense  Resistor  R  (s) 

Primary  current  is  sensed  and  controlled  in  a  cur- 
rent mode  controller  by  first  developing  a  voltage 
proportional  to  the  primary  current,  used  as  an 
input  to  UC3825.  This  is  accomplished  by  sense 
resistor  R  (s)  with  a  calculated  value  of  the  I  limit 
threshold  value  divided  by  the  primary  current  at 
the  desired  current  limit  point,  typically  120% 
I  (max). 

R  (S)  ,    Vth(P'n9>    =       1V0lt       =  0.42  ohm 
120°/o  - 1  (pri)      1.2.  2  amps 

Mosfet  DC  Losses 

A  high  quality  mosfet  is  used  to  keep  both  DC  and 
switching  losses  low,  with  an  R  (ds)  on  max  of  0.8 
ohms.  Calculation  of  the  voltage  drops  across  the 
device  are  required  for  the  transformer  design. 

V  ds  (on)  =  Rds  (max)  •  I  (p)  =  0.8  •  2  =  1.6  v 

During  an  overload;  V  ds  (max)  =  0.8  •  2  •  1.20  =  1.92  v  (2  v) 

P  dc  =  I  dc2  Rds  max  •  duty 

=  22  •  0.8  .  0.85/2  =  1.35  watts 

Selection  of  Core  Material 

Few  manufacturers  provide  core  loss  curves  for 
frequencies  above  500  khz.  To  minimize  power 
dissipation  in  the  core,  the  flux  density  must  be 
drastically  reduced  in  comparison  to  the  20  -150 
khz  versions.  Typical  operation  is  at  a  total  flux 
density  swing,  delta  B,  of  0.030  Tesla  (300  Gauss) 
while  approaching  the  1  megahertz  region.  TDK's 
H7C4  material  was  selected  for  it's  low  loss,  high 
frequency  characteristics. 

Main  Transformer  Design 

The  first  step  in  transformer  design  is  to  determine 
the  preliminary  turns  ratio.  Once  obtained,  the 
minimum  cross-sectional  area  core  (Ae)  can  be 
calculated,  and  core  selection  made  possible. 

Calculation  of  Transformer 
Voltages  and  Turns  Ratio 

V  pri  (min)  =  V  in  (min)  -  V  xtor  (max)  -  V  (Rs)  max 

V  p  (min)  =  42  v  -  2.0  v  -  1  v 

=  39.0  v 

V  sec  (min)  =  V  out  (max)  +  V  diode  (max) 

+  V  choke  (dc)  +  V  (losses) 

V  sec  (min)  =  5.1  +  0.65  +  0.1  +  0.05  (est)  =  5.9  v 


Turns  ratio  N  =  V  pri  (min)  Duty  (max>  =  390 '  085 


V  sec  (min) 


5.9 


=  5.6:1 
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The  secondary  is  designed  for  excellent  coupling 
using  copper  foil,  and  the  primary  has  been 
rounded  to  the  nearest  lower  turns. 

Turns  ratio:  N  =  N  pri  /  N  sec  =  5:1 

The  actual  number  of  both  primary  and  secon- 
dary turns  will  be  determined  by  the  ferrite  core 
characteristics  as  a  function  of  operating  fre- 
quency and  Gauss  level. 

Minimum  Core  Size 

The  minimum  cross-sectional  area  core  that  can 
be  used  is  calculated  with  the  following  equation 
for  core  loss  limited  applications. 


Ac  (min) 


V  (pri)  min  •  Duty  (max)  •  10" 
2  •  Freq.  •  N  (p)  •  AB  (Tesla) 


(cm*) 


At  first  it  would  seem  that  the  core  area  required 
for  this  1.5  MHZ  switcher  would  be  ten  times 
smaller  than  that  of  a  150  KHZ  version.  This  would 
be  true  if  the  flux  density,  number  of  turns  and 
core  losses  remained  constant.  However,  losses 
are  a  function  of  both  frequency  and  frequency 
squared2  and  as  it  increases,  the  flux  density 
swing  (AB)  must  be  drastically  reduced  to  provide 
a  similar  core  loss,  hence  temperature  rise.  In  this 
example,  an  acceptable  figure  was  selected  of 
one  percent  of  the  total  output  power,  or  one-half 
watt.  Empirically,  this  translates  to  a  temperature 
rise  of  25°C,  at  325  Gauss  (0.0325  Tesla)  for  cores 
with  a  cross-sectional  area  of  0.70  sq.  cm,  a  ball- 
park estimate  of  the  true  core  size. 

This  formula  can  be  rewritten  as: 

,     ..      V  pri  •  D  max  •  104 

Ac  •  Np  =  — t-  

2  •  F  •  AB 

This  is  a  more  convenient  formula  because  the 
right  hand  side  of  the  equation  contains  all  con- 
stants. Input  voltage,  frequency  of  operation  and 
flux  density  have  already  been  determined.  The 
selection  of  core  size  (cross-sectional  area)  is 
inversely  proportional  to  the  number  of  primary 
turns,  and  vice-versa.  Based  on  the  five-to-one 
turns  ratio,  an  original  assumption  of  five  turns  for 
the  primary  would  result  in  a  large  core  size  for  this 
50  watt  application.  Alternatively,  a  ten  turn  pri- 
mary is  used  to  minimize  core  size. 

Substituting  previous  values  for  high  line  opera- 
tion at  0.0325  Tesla  (325  Gauss)  and  a  magnetic 
operating  frequency  of  750  kHz: 


Ac  (min)  = 


39.0.85.  10" 


2-750,000.  10.0.0325 


=  0.68  cms 


Core  Loss  Limited  Conditions 

As  the  switching  frequencies  are  increased,  gen- 
erally a  reduction  of  core  size  or  minimum  number 
of  turns  is  realized.  This  is  true,  however,  but  only 
to  the  point  at  which  the  increasing  core  losses 
prevent  a  further  reduction  of  either  size  or  mini- 
mum turns.  This  crossover  point  occurs  at  differ- 
ent frequencies  for  each  individual  ferrite  material 
based  upon  their  losses  and  acceptable  circuit 
s,  or  temperature  rise? 


Core  Geometry  Selection 

A  variety  of  standard  core  shapes  are  available  in 
the  cross-sectional  area  range  of  0.62  to  0.84  cm2. 
Considerations  of  safety  agency  spacing  require- 
ments, physical  dimensions,  window  area  and  rel- 
ative cost  of  assembly  must  be  evaluated. 


Core  Style 

Description 

AC 
(cm*) 

Weight 
(9) 

PQ 

PQ  20/20 

0.62 

15 

POT  CORE 

P  22/1 3 

0.63 

13 

LP 

LP  22/13 

0.68 

21 

TOROID 

T  28/1 3 

0.76 

26 

EE 

EE  35/28 

0.78 

28 

The  LP  22/13  style  was  selected  to  easily  termi- 
nate (breakout)  the  high  current  output  windings. 
For  a  given  cross-sectional  area,  it  occupies  less 
PC  board  space,  and  has  good  shielding  charac- 
teristics. 

Wire  Size  Selection 

The  single,  most  difficult  task  in  high  frequency 
magnetic  design  is  to  minimize  the  eddy  current 
losses,  or  skin  effects  while  optimizing  wire  sizes. 
Penetration  depth  refers  to  the  thickness  (or 
depth)  into  a  copper  conductor  in  which  a  wave 
will  penetrate  for  a  specific  frequency.  For  copper 
at  100°C: 
d  pen  =  7.5  /  (frequency05)  (cm) 

At  750  kHz,  this  corresponds  to  8.66  •  103  cm,  or 
about  the  thickness  of  an  AWG  #39  wire.  Larger 
size  wire  can  be  used,  however  the  AC  current 
flows  only  in  the  depth  penetrated  at  the  switching 
frequency.  Consult  the  UNITRODE  DESIGN 
SEMINAR  SEM-400  book,  appendix  M2  for 
additional  information  on  this  subject. 


2 
-i 

a 
a 
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For  low  current  windings,  several  strands  of  thin 
wire  can  be  paralleled,  ortwistedtogetherforming 
a  "bundle."  Seven  wires  twisted  around  each  other 
closely  approximate  a  round  conductor  with  a  net 
diameter  of  three  times  the  individual  wire  diam- 
eter. This  twisting  is  commonly  done  at  10-12turns 
per  foot,  and  significantly  reduces  parasitics 
between  wires  at  high  frequencies. 

Medium  to  high  current  windings  require  the  use 
of  Litz  wire,  a  similar  bundle  of  numerous  conduc- 
tors. Copper  foil  is  also  an  excellent  choice. 

Industry  practice  is  to  operate  at  450  amps  (RMS) 
per  centimeter  squared,  or  2.22  •  10-3  cm2/A. 
This  applies  to  windings  operating  at  an  accept- 
able temperature  rise. 

Area  required  =  I  rms/450A/cm2 

Primary  area  (Axp)  =  1.24A/450A/cm2  =  2.75  •  10-3cm2 

Calculate  Secondary  RMS  Current. 


I  rms  (sec) 


I  sec2  (duty  on)  +  I  sec2  (2  •  duty  off) 


I  rms  (sec)  = 


102  (  425)  +  5f  (2.. 075) 


I  rms  (sec)  =  4.81  A 

Secondary  Area  (Axs)  =  4.81A/450A/cm2 
=  1.07  •  10"2cm2 

7  STRANDS 


3  LAYERS 
Figure  4. 

For  a  given  bundle  of  7  conductors,  the  cross-sec 
tional  area  of  each  conductor  equals: 

Required  area  _  Axp  _  2.75  •  10": 
7 


3.93  •  10~4  cm2 


#  conductors  7  7 
The  cross-sectional  area  of  an  AWG  #36  wire  is 
1 .32  •  10~4,  therefore,  three  bundles  of  seven  con- 
ductors each  should  be  used.  Two  bundles  were 
utilized  as  a  compromise  between  practical  wind- 
ing considerations  and  acceptable  eddy  current 
losses. 


Copper  foil  is  used  for  the  secondary,  with  a 
required  width  slightly  less  than  the  bobbin  width, 
and  thickness  determined  by: 


Secondary  area  (Axs)  _  1.07  •  10"2cm 


Bobbin  width 


1.40  cm 


7.64. 10"3  cm 


This  corresponds  to  0.003"  thick  foil,  a  standard 
value.  In  practice,  slightly  thicker  foil  (0.004"  to 
0.005")  may  be  required  to  minimize  power  losses 
in  the  transformer. 

Transformer  Assembly 

Standard  practice  to  increase  coupling  between 
primary  and  secondary  is  position  both  as  closely 
as  possible  to  each  other  inside  the  transformer.  In 
this  design,  the  first  layer  wound  is  one  primary, 
and  the  next  layer  is  the  corresponding  secon- 
dary. Thisisagainfollowed  by  theother  secondary 
and  primary.  It  is  important  to  keep  the  secon- 
daries in  close  proximity  since  both  will  be  con- 
ducting simultaneously  twice  per  period.  The 
primaries  do  not  conduct  in  this  manner,  so 
coupling  from  primary  A  to  primary  B  is  not  critical, 
only  primary  A  to  secondary  C,  and  primary  B  to 
secondary  D. 

Referring  to  the  transformer  schematic,  primary  A 
is  wound  closest  to  the  bobbin.  After  insulation, 
secondaries  C  and  D  are  wound  bifilar  and 
insulated.  Primary  B  is  wound  last,  then  termi- 
nated so  that  primaries  A  and  B  are  wired  in  series, 
likewise  for  secondaries  C  and  D. 


#7  &  #8  • 


2  BUNDLES  .S 


10T 


#3  &  #4  ■ 
#5  &  #6  ■ 


B 


2  BUNDLES 


10T 


#1  &  #2  ■ 


2T 


2T 


D1 
D2 
C1 
C2 


PRIMARY  SECONDARY 
Figure  5.  Transformer  Schematic 
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Figure  6.  Transformer  —  Exploded  View 


Calculation  of  Winding 
Resistances  and  Losses 

The  mean  length  of  turn  for  the  bobbin  can  be 
determined  from  the  specifications  of  QD.  and 
I.D.,  and  for  the  BLP  22/13  a  figure  of  4.51  cm  or 
1.77  in.  was  obtained.  AWG  #36  wire  has  a  resis- 
tance of  1.82  •  10"2  ohms/cm  at  100°C  for  the 
following: 

Primary  resistance  can  be  calculated: 
Rpri  = 

R  wire  •  M.L.T.  •  #turns     0.0182  •  4.51  . 10 


#  wires 


14 


0.0586  ohm 


Voltage  drop  and  power  loss  in  each  half  winding  can  be  also 
calculated: 


V(R  pri)  =  Ipri  •  Rpri  = 

P  (Rpri)  =  R  pri  •  I  pri2 
=  0.0996  watts 


2.0  •  0.58  «  0.116  volt  (negligible) 
i  duty  =  0.0586  .  4  •  0.425 


The  resistance  of  the  secondary  can  be  approxi- 
mated by  using  the  wire  tables,  and  substituting 
the  foil  for  wire  of  similar  cross-sectional  area.  In 
this  example,  AWG  #16  wire  is  used  to  obtain  Rsec 
=  1.58  •  10"4  ohms/cm. 

Rsec  =  R foil  •M.L.T.  •# turns  =  1.58  •  10"4  -4.5-2 
=  0.00143  ohm 

V(Rsec)  =  1.43  - 103. 10  =  0.0143  volt  (negligible) 

P  (Rsec)  =  R  sec  ( (Idc2  •  D  on)  +  ( (ldc/2)2  •  2  •  D  off) ) 

P(Rsec)  =  0.00143  ((10^.0.425)  + 


„     -0.15)  : 


Transformer  Power  Losses 

The  total  copper  losses  for  two  windings  are  then: 

P  cu  =  P  (Rpri)  +  P  (Rsec)  =  2  .  (0.066  +  0.0996) 
=  0.332  watts 

Estimated  eddy  current  losses  are  approximately  50%  of 
the  copper  losses.  Pcu  »  0.50  watts. 

Given  the  core  material  type,  geometry,  frequency 
and  operating  Gauss  level,  the  ferrite  losses  can 
be  calculated.  From  the  manufacturers  informa- 
tion, the  typical  loss  coefficient  for  H7C4  material 
operating  at  a  flux  density  swing  of  0.035  Tesla 
(350  Gauss)  at  750  kHz  is  0.15  watts  per  cubic 
centimeter  of  core  volume,  which  is  3.327  cm3  per 
LP  22/1 3  core  set.  Therefore: 

P  core  =  3.327  •  0.15  =  0.50  watt 

The  total  power  lost  is  a  summation  of  the  copper 
and  ferrite  losses: 

P  xfmr  =  P  cu  +  P  core  =  0.50  +  0.50  =  1.00  watts 

OUTPUT  SECTION 

Output  Choke  Calculations 

Typically,  the  RMS  output  ripple  current  is  less  than 
15%  I  dc,  or  1 .5  amps  in  this  case.  Delta  I,  the  peak 
to  peak  ripple  therefore  is  twice  the  RMS,  or  3 
amps. 

.,     Ldi  .  ,       Vdt     5.9  v  (350)  10~9s 

V  =  —  .  L  =  —  =  i— i  =  690  nanohenries 

dt  di  3.0  A 
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Due  to  the  small  value  of  inductance  required,  the 
conventional  approach  will  not  be  used.  Instead, 
a  simple  RF  type  wound  coil  will  be  designed 
using  the  solenoid  equation  found  in  most  refer- 
ence texts.  A  thick  pencil  will  be  utilized  as  the  coil 
form  with  a  diameter  of  0.425  inches,  however  any 
similar  item  will  suffice. 

The  form  factor,  F,  is  a  function  of  the  form  diam- 
eter divided  by  the  length  of  the  wound  coil,  or 
D/L.  A  few  gyrations  will  take  place  before  the 
exact  values  are  obtained,  however  this  goes 
quickly.  The  form  factor  is  listed  below  for  various 
practical  values  of  D/L. 


Coil  Dia./Length 

0.1 

0.25 

0.50 

1.0 

2.0 

5.0 


Form  Factor  "F" 

0.0025 

0.0054 

0.010 

0.0173 

0.026 

0.040 


L  (jiH)  =  F  •  N2  •  D  (in),  N  =  (UF  •  D)1/2  (turns) 
For  D  =  0.425,  D/L  =  1  (approx);  F  =  0.0173 
N  =  (0.690/0.0173  .  0.425)"2  =  9.76  turns 

Rounding  off  to  the  nearest  next  number  of  turns,  the  actual 
inductance  for  10  turns  can  be  calculated: 

L  (jih)  =  0.0173  •  102  •  0.425  =  744  nanohenries 

In  an  air  core  inductor  the  permeability  "u"  equals 
unity,  therefore  the  flux  density  B  equals  the 
driving  function  H. 


Output  Capacitor 

I  p-p  .  T  period  .  I 


Q  = 


-  ,  Delta  Q  =  I  p-p  /  8  •  F 

2 


C  =  Q  /  dV  where  dV  (output  ripple)  equals  0.100  volts. 
C  =  I  p-p  /  8  •  F  •  dV  =  3  /  8  •  1.5  •  106  •  0.10  =  2.5  ,iF 

Three  1  ^  caps  are  used  in  parallel.  With  a  typical 
ripple  voltage  of  <50  mv  due  to  ESR,  the  ESR 
each  (at  1.5  mHz)  must  be  approximately  150 
milliohms.  The  Unitrode  ceramic  monolithic 
capacitor  series  was  selected  for  their  excellent 
high  frequency  characteristics. 

Resonance,  and  its  effect  at  these  frequencies 
must  be  taken  into  account.  In  this  case,  the 
capacitor  reaches  resonance  at  1.5  mHz,  and  the 
effective  impedance  is  resistive. 


Output  Diodes 

Schottky  diodes  were  selected  for  their  short 
reverse  recovery  times  to  minimize  switching 
losses,  and  low  forward  drop  for  high  DC  effi- 
ciency. The  Unitrode  USD  640C  is  a  center-tap- 
ped TO-220  type,  with  ample  margin  to  safely 
accommodate  40  volt  reverse  transients  and  10 
amp  DC  output  currents.  Also  featured  is  a  0.65 
volt  maximum  drop  across  each  diode  and  1  volt 
per  nanosecond  switching  rate. 

UC3825  PWM  CONTROL  SECTION 
Current  Limit  /  Shutdown 

Pulse-by-pulse  current  limiting  is  performed  by 
the  UC3825  by  an  input  of  the  primary  current 
waveform  to  the  IC  at  pin  9.  The  small  RC  network 
of  R3  and  C8  are  used  to  suppress  the  leading 
edge  glitch  caused  by  turn-on  of  the  mosfet  and 
transformer  parasitics.  The  input  must  be  below 
the  1  volt  threshold  or  current  limiting  will  occur. 
Once  reached,  an  input  above  the  threshold  will 
narrow  the  pulse  width  accordingly.  When  this 
reaches  a  1.4  volts  amplitude,  shutdown  of  the 
outputs  will  occur,  and  the  UC3825  will  initiate  a 
soft  start  routine. 

Ramp 

The  UC3825  offers  the  flexibility  of  both  Current 
Mode  Control  or  conventional  duty  cycle  control 
via  the  RAMP  input  pin.  When  connected  to  the 
timing  capacitor,  the  UC3825  operates  as  a  duty 
cycle  control  IC.  Connecting  the  RAMP  input  to 
the  current  waveform  changes  the  control  meth- 
od to  Current  Mode.  In  this  application,  the  ramp 
waveform  is  tied  through  a  small  RC  filter  network 
to  the  primary  current  waveform.  This  network  is 
defined  in  the  next  section  —  slope  compensa- 
tion. The  dynamic  range  of  this  input  is  1-3  volts, 
and  is  generally  used  for  introducing  slope  com- 
pensation to  the  PWM. 

Slope  Compensation 

Slope  compensation  is  required  to  compensate 
for  the  peak  to  average  differences  in  primary 
current  as  a  function  of  pulse  width.  Adding  a 
minimum  of  50%  of  the  reflected  downslope  of 
the  output  current  waveform  to  the  primary  cur- 
rent is  required.  See  UNITRODE  APPLICATION 
NOTE  U-93  and  U-97  for  further  information. 
Empirically,  60-75%  should  be  used  to  accom- 
modate circuit  tolerances  and  increase  stability? 
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Resistors  R2  and  R4  in  this  circuit  form  a  voltage 
divider  from  the  oscillator  output  to  the  RAMP 
input,  superimposing  the  slope  compensation  on 
the  primary  current  waveform.  Capacitor  C6  is  an 
AC  coupling  capacitor,  and  allows  the  1.8  volt 
swing  of  the  oscillator  to  be  used  without  adding 
offset  circuitry.  Capacitor  C7  has  a  two-fold  pur- 
pose. During  turn  on  it  filters  the  leading  edge 
noise  of  the  current  waveform,  and  provides  a 
negative  going  pulse  across  R4  to  the  ramp  input 
at  the  end  of  each  cycle.  This  overrides  any  para- 
sitic capacitance  at  the  ramp  input,  (pin  7),  that 
would  tend  to  hold  it  above  zero  volts.  This  insures 
the  proper  voltage  input  at  the  beginning  of  the 
next  cycle. 


STEP  1.  Calculate  Inductor  Downslope 

S  (L)  =  di/dt  =  V  sec  /  L  =  5.9  V  /  .740      =  8.0  A/fis  (1) 

STEP  2.  Calculate  Reflected  Downslope  to  Primary 

S(L)'  =  S(L)  /  N  (turns  ratio)  =  8.0/5  =  1.6  A//jS  (2) 

STEP  3.  Calculate  Equivalent  Ramp  Downslope  Voltage 

V  S(L)'  =  S(L)'  •  Rsense  =  1.6  •  0.375  =  0.600  VI ps  (3) 

STEP  4.  Calculate  Oscillator  Slope 

V  S  (osc)  =  d  (V  osc)  /  T  on  =  1.8  V  /  570  ns  =  3.15  V//is(4) 

STEP  5.  Generate  the  Ramp  Equations 

Using  superposition,  the  circuit  can  be  configured  as: 


Sosc. 


R4 


R2  C4 



Figure  7. 

For  the  purposes  of  determining  the  resistor 
values,  capacitors  C4  (timing),  C6  (ac  coupling) 
and  C7  (filtering)  can  be  removed  from  the  circuit 
schematic.  The  simplified  model  represented  in 
figure  8  is  used  for  the  calculations.  These  calcula- 
tions can  be  applied  to  all  Current  Mode  circuits 
using  a  similar  scheme. 


Figure  9. 

_  V  S  (osc)  •  R4 


R2 

SUBSTITUTING, 

V  (ramp)  =  V  S  (L)"  +  V  S  (comp) 
WHERE 

V  S  (osc)  •  R4  .   V  S  (L)"  =  V  S  (L)'  •  R2 


R2  +  R4 


(5) 

(6) 


V  S  (comp) 


R2  +  R4 


R2  +  R4 


R2 


r 

AVosc 


STEP  6.  Calculate  Slope  Compensation 

V  S  (comp)  =  m  •  S(L)" 

Where  m  equals  the  amount  of  inductor  downslope  to  be 
introduced.  In  this  example,  let  m  =  75%,  or  0.75. 

V  S  (osc)  •  R4  :  m  •  V  S(L)'  •  R2 
R2  +  R4  R2  +  R4 

SOLVING  FOR  R2: 

V  S  (osc) 


R2  =  R4 • - 


=  R4  • 


(7) 


3.15 


0.600  •  0.75 


RAMP 


Figure  8. 


V  S  (L)'  •  m 

USING  CIRCUIT  VALUES, 
R2  =  7.05  •  R4 


For  simplicity,  let  R4  equal  1  K  ohms  and  R2  there- 
fore equals  7.05  K.  Using  the  nearest  standard 
value  resistor  of  6.8  K,  the  exact  amount  of  down- 
slope  is  minimally  affected.  Important,  however,  is 
that  the  series  combination  of  R2  and  R4  is  high 
enough  in  resistance  not  to  load  down  the  oscilla- 
tor and  cause  frequency  shifting. 


< 
u 
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CLOSING  THE  FEEDBACK  LOOP 
Error  Amplifier 

Compensation  of  the  high  gain  error  amplifier  in 
the  UC3825  is  straight  forward.  There  is  a  sin- 
gle-pole at  approximately  5  hertz.  A  zero  will  be 
introduced  in  the  compensation  network  to  pro- 
vide gain  once  the  zero  db  threshold  is  crossed. 
Using  Current  Mode  control  greatly  simplifies  the 
compensation  task  as  the  output  choke  is  con- 
trolled by  the  inner  current  loop,  thus  making  the 
output  section  appear  as  a  single  pole  response 
with  a  zero  at  the  ESR  frequency:' 

Control  to  Output  Gain 

The  control  to  output  gain  will  vary  with  output 
loading,  and  as  the  load  is  increased  the  gain  de- 
creases. Output  capacitor  ESR  will  determine  the 
frequency  at  which  the  zero  occurs,  thus  chang- 
ing the  gain  as  afunction  of  ESR.  To  insure  stability 
through  all  combinations  of  load  and  ESR,  the 
amplifier  will  be  compensated  to  cross  zero  db  at 
approximately  one-fifth  of  the  switching  frequency 
with  ample  phase  margin. 

The  output  filter  pole  and  zero  occur  at 
Fp  =  1/2  7r  R  (load)  C  (output) 
F2  =  1/2  x  R  (esr)  C  (output) 

CIRCUIT  PARAMETERS: 

C  (output)  =  3  iiF;  ESR  (each)  =  0.050  min  -  0.300  max 

For  three  capacitors  in  parallel,  ESR  =  0.016  -  0.100  ohms 

R  (output)  =  2.5  ohms  at  2  A,  0.5  ohms  at  10  A 

Using  the  above  equations; 

Fp  (2A)  =  1  /  (2  •  3.14  •  2.5  •  3.10"6)  =  21.2  kHz 

Fp  (10A)  =  1  /  (2  •  3.14  •  0.5  •  3.10"6)  =  106.1  kHz 

Fz  (high)  =  1  /  (2  ■  3.14  .  0.016  .  3.10"6)  =  3.315  mHz 

F2  (low)  =  1  /  (2  . 3.14  •  0.100  .  3.10"6)  -  530.5  kHz 


GAIN 
V  (output) 


=  K  •  R0,  where  K 


Ipri  •  Np/Ns 


.45-11.78 
0.85 


V  (control)  V  (control) 

Therefore,  at  2  amps  and  10  amps, 
V0/Vc  =  K.ro  =  11.76  •  2.5  =  29.4  db  (2A) 
V0/Vc  =  K.ro  +  11.76.0.5  =  15.4db(10A) 

Error  Amplifier  Compensation 

The  control  to  output  gain  can  be  plotted  along 
with  the  desired  zero  db  crossing  point  and  an 
estimate  of  the  error  amplifier  required  compen- 
sation network  can  be  made.  The  amp  compen- 
sation should  have  a  zero  at  approximately  100 
kHz,  and  a  gain  of -16  db  at  this  frequency.  Resis- 
tor R9  has  been  selected  to  be  3.3  k  ohms  based 
on  the  output  drive  capability  of  the  UC3825  amp. 
Complete  specifications  are  contained  in  the 
UC3825  data  sheet. 

F  zero  (amp)  =  1  /  (2  •  r  •  R9  •  C12) 

therefore,  C12  =  1  /  (2  •  x  •  R9  •  F  zero) 

C12  =  1  /  (2  •  3.14  •  3300  . 100.000)  =  480  pF  (use  560  pF) 

R10  /  R9  =  approx  -16  db  (0.16), 

R10  =  R9  /  gain  =  3.3  K  /  0.16  =  20.4  K  (use  20  K) 

This  compensated  response  can  now  be  plotted, 
along  with  the  control  to  output  gain  and  the  over- 
all power  supply  response  is  a  summation  of  the 
two  curves,  as  seen  in  figures  11  and  12.  Low  fre- 
quency gains  of  100  db  at  full  load,  and  115dbat 
light  load  are  obtained,  with  a  zero  db  crossing  at 
approx.  100  kHzfor  both.  Phase  margin  is  gener- 
ous with  approx.  90  degrees  for  both  light  and  45 
degrees  at  full  load. 


GAIN  AND  PHASE  RESPONSE 
UC3825  DEMO  KIT 


GAIN  -  LIGHT  LOAD 


Figure  11. 
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LIST  OF  MATERIALS 

REFERENCE  DESCRIPTION 


Capacitors 

C1 ,  2  4.7  iiF,  63  VDC  Electrolytic 

C3,  5  0.1  iJF,  50  VDC  Monolithic 

C4  470  pF,  VDC  Monolithic 

C6  0.01  )iF,  50  VDC  Monolithic 

C7  120  pR  50  VDC  Monolithic 

C8  15  pF,  50  VDC  Monolithic 

C9-11,  17-19  1  pF,  50  VDC  Monolithic 

C12  560  pF,  50  VDC  Monolithic 

C13,  14  150  pF,  150  VDC  Ceramic 

C15,  16  5000  pF,  50  VDC  Ceramic 

Diodes 

CR1  1N4465  10  V,  1.5  Watt  Zener 

CR2,  3  USD1140  40  V,  1  Amp  Schottky 

CR4,  5  UES1105  150  V,  2.5  Amp  Ultrafast 

CR6,  7  USD640C  40  V,  12  Amp  Schottky 

Integrated  Circuits 

U1  UC3825  Unitrode  High  Speed  PWM 
Transistors 

Q1,2  UFN633     150  V,  8A  Mostet 
Resistors 

R1  1.5  K,  1/2  W,  1% 

R2  6.8  K,  1/2  W,  5% 

R3,  4,  14,  15  1  K,  1/2  W,  5% 

R5-8  1.5  R,  1  W,  5% 

R9  3.3  K,  1/2  W,  5% 

R10  20  K,  1/2  W,  5% 

R11.12  6.2  R,  1/2  W,  5% 

R13  500  R,  5W,  10% 

R16-19  200  R,  1/2  W,  5% 

R20-23  24  R,  1/2  W,  5% 

R24  51  R,  1  W,  5% 

Magnetics 

L1  740  nH  Wound  Coil 

T1  AIE  Magnetics  Custom  Transformer, 

5:1  Turns  Ratio 

Miscellaneous 

H1  Heatsink— Mosfets  (AAALL  #5786B) 

H2  Heatsink-Diodes  (AAALL  #5299B) 

Efficiency  Measurements 

V(ln)  I  (In)  P(ln)  P(Loss)  Efficiency 

42  1.707  71.7         20.2  71.8% 

48  1.483  71.2  19.7  72.4% 

56  1.331  73.2         21.7  70.4% 


V(ln) 

Vout 

Vout 

Vout 

Load  Reg. 

V 

(2A) 

(5A) 

(10A) 

MV 

42 

5.110 

5.102 

5.093 

17 

48 

5.108 

5.101 

5.092 

16 

56 

5.108 

5.102 

5.089 

19 

Line 

2  mv 

1  mv 

4  mv 

Dynamic  Performance 

The  power  supply  was  pulse  loaded  from  5  amps 
to  10  amps  at  a  frequency  of  100  kilohertz. 
Recovery  to  within  50  mv  was  less  than  2  micro- 
seconds with  a  total  excursion  of  less  than  200 
millivolts.  High  speed  FETS  were  used  to  switch 
the  load  current  with  typical  rise/fall  times  of  50 
nanoseconds. 

Short  Circuit 

The  short  circuit  input  current  is  approximately 
0.75  amps,  or  an  input  power  of  36  watts. 

Circuit  Power  Losses 

The  total  circuit  losses  are  approximated  using 
both  the  calculated  and  measured  losses 
throughout  the  power  supply. 


Power  Losses 

Current  Sense  Circuit  1.2  W 

Output  Diodes  9.8  W 

Switching  Transistors  3.2  W 

Dropping  Resistor  3.0  W 

Snubber  Networks  LOW 

Transformer  Losses  LOW 

Auxiliary  Supply  0.8  W 

Miscellaneous  0.2  W 

TOTAL  LOSSES  20.2  W 


If  a  bootstrapped  technique  is  utilized  in  the 
auxiliary  supply  to  the  IC  and  drive  circuitry,  the 
dropping  resistor  losses  of  three  watts  can  be 
reduced  to  0.1  watts  in  the  bootstrap  circuitry.  In 
addition,  the  lossy  resistive  current  sensing  net- 
work can  be  replaced  by  a  small  current  trans- 
former, lowering  the  losses  by  a  half-watt.  Overall 
efficiency  would  then  increase  to  75%,  fairly  high 
for  a  five  volt  output  application.  Noteworthy  is 
that  the  switching  losses  at  this  high  of  frequency 
can  be  minimized,  and  have  little  overall  effect 
on  circuit  efficiency. 
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Summary 

The  demands  of  higher  power  densities  will 
undoubtedly  throttle  many  switch-mode  power 
supply  designs  into  and  beyond  the  megahertz 
region  in  the  near  future.  Designers  will  be  facing 
the  challenges  of  selecting  switching  devices, 
magnetic  materials  and  IC  controllers  built  exclu- 
sively for  high  efficiency  at  these  frequencies.  The 
thrust  from  contemporary  hundreds  of  kilohertz 
designs  to  megahertz  versions  is  rapidly  making 
progress.  This  1 .5  MHZ  current  mode  push-pull  is 
an  example  of  what  can  successfully  be  accom- 
plished with  existing  high  speed  components  and 
technology. 
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PRACTICAL  CONSIDERATIONS  IN 
CURRENT  MODE  POWER  SUPPLIES 


Introduction 

This  detailed  section  contains  an  in-depth  explanation  of 
the  numerous  PWM  functions,  and  how  to  maximize  their 
usefulness.  It  covers  a  multitude  of  practical  circuit  design 
considerations,  such  as  slope  compensation,  gate  drive 
circuitry,  external  control  functions,  synchronization,  and 
paralleling  current  mode  controlled  modules.  Circuit  dia- 
grams and  simplified  equations  for  the  above  items  of  inter- 
est are  included.  Familiarity  with  these  topics  will  simplify 
the  design  and  debugging  process,  and  will  save  a  great 
deal  of  time  for  the  power  supply  design  engineer. 

I.  SLOPE  COMPENSATION 

Current  mode  control  regulates  the  PEAK  inductor  current 
via  the  'inner'  or  current  control  loop.  In  a  continuous  mode 
(buck)  converter,  however,  the  output  current  is  the  AVER- 
AGE inductor  current,  composed  of  both  an  AC  and  DC 
component. 

While  in  regulation,  the  power  supply  output  voltage  and 
inductance  are  constant.  Therefore,  Vout  /  Lsec  and 
dl/dT,  the  secondary  ripple  current,  is  also  constant.  In  a 
constant  volt-second  system,  dT  varies  as  a  function  of 
Vin,  the  basis  of  pulse  width  modulation.  The  AC  ripple 
current  component,  dl,  varies  also  as  a  function  of  dT  in 
accordance  with  the  constant  Vout  Lsec- 

Average  Current 

At  high  values  of  Vin,  the  AC  current  in  both  the  primary 
and  the  secondary  is  at  its  maximum.  This  is  represented 
graphically  by  duty  cycle  D1,  the  corresponding  average 
current  11,  and  the  ripple  current  d(H).  As  Vin  decreases  to 
its  minimum  at  duty  cycle,  the  ripple  current  also  is  at  its 
minimum  amplitude.  This  occurs  at  duty  cycle  D2  of  aver- 
age current  12  and  ripple  current  d(l2).  Regulating  the 
peak  primary  current  (current  mode  control)  will  produce 
different  AVERAGE  output  currents  11,  and  12  for  duty 
cycles  D1  and  D2.  The  average  current  INCREASES  with 
duty  cycle  when  the  peak  current  is  compared  to  a  fixed 
error  voltage. 


Constant  Output  Current 

To  maintain  a  constant  AVERAGE  current,  independent  of 
duty  cycle,  a  compensating  ramp  is  required.  Lowering  the 
error  voltage  precisely  as  a  function  of  Ton  will  terminate 
the  pulse  width  sooner.  This  narrows  the  duty  cycle  cre- 
ating a  CONSTANT  output  current  independent  of  Ton,  or 
Vin.  This  ramp  simply  compensates  for  the  peak  to  aver- 
age current  differences  as  a  function  of  duty  cycle.  Output 
currents  11  and  12  are  now  identical  for  duty  cycles  D1  and 
D2. 


Figure  2.  Constant  Average  Current 

Determining  the  Ramp  Slope 

Mathematically,  the  slope  of  this  compensating  ramp  must 
be  equal  to  one-half  (50%)  the  downslope  of  the  output 
inductor  as  seen  from  the  control  side  of  the  circuit.  This  is 
proven  in  detail  in  "Modelling,  Analysis  and  Compensating 
of  the  Current  Mode  Controller,"  (Unitrode  publication  U-97 
and  its  references).  Empirically,  slightly  higher  values  of 
slope  compensation  (75%)  can  be  used  where  the  AC 
component  is  small  in  comparison  to  the  DC  pedestal,  typi- 
cal of  a  continuous  converter. 

Circuit  Implementation 

In  a  current  mode  control  PWM  IC,  the  error  voltage  is  gen- 
erated at  the  output  of  the  error  amplifier  and  compared  to 
the  primary  current  at  the  PWM  comparator.  At  this  node, 
subtracting  the  compensating  rampfrom  the  error  voltage, 
or  adding  it  to  the  primary  current  sense  input  will  have  the 
same  effect:  to  decrease  the  pulse  width  as  a  function  of 
duty  cycle  (time).  It  is  more  convenient  to  add  the  slope 
compensating  ramp  to  the  current  input.  A  portion  of  the 
oscillator  waveform  available  at  the  timing  capacitor  (Or) 
will  be  resistively  summed  with  the  primary  current.  This  is 
entered  to  the  PWM  comparator  at  the  current  sense  input. 


Figure  1.  Average  Current  Error 
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Slope  Compensation  Calculations 

Slope  compensation  can  be  calculated  after  specific 
parameters  of  the  circuit  are  defined  and  calculated. 

SECTION  PARAMETER 
Control  T  on  (Max)  Oscillator 

AV  Oscillator  (PK-PK  Ramp  Amplitude) 

I  Sense  Threshold  (Max) 

Output  V  Secondary  (Min) 

L  Output 
I  AC  Secondary 
(Secondary  Ripple  Current) 

General  R  Sense  (Current  Sensing  Resistor) 

M  (Amount  of  Slope  Compensation) 
N  Turns  Ratio  (NP  /  Ns) 

Once  obtained,  the  calculations  for  slope  compensation 
are  straightforward,  using  the  following  equations  and 
diagrams. 


U-lll 


Figure  3.  General  Circuit 

Resistors  R1  and  R2  form  a  voltage  divider  from  the  oscilla- 
tor output  to  the  current  limit  input,  superimposing  the 
slope  compensation  on  the  primary  current  waveform. 
Capacitor  C1  is  an  AC  coupling  capacitor,  and  allows  the 
AC  voltage  swing  of  the  oscillator  to  be  used  without  add- 
ing offset  circuitry.  Capacitor  C2  forms  an  R-C  filter  with  R1 
to  suppress  the  leading  edge  glitch  of  the  primary  current 
wave.  The  ratio  of  resistor  R2  to  R1  will  determine  the  exact 
amount  of  slope  compensation  added. 

For  purposes  of  determining  the  resistor  values,  capacitors 
Or  (timing),  C1  (coupling),  and  C2  (filtering)  can  be 
removed  from  the  circuit  schematic.  The  oscillator  voltage 
(Vosc)  is  the  peak-to-peak  amplitude  of  the  sawtooth 
waveform.  The  simplified  model  is  represented  sche- 
matically in  the  following  circuit. 

These  calculations  can  be  applied  to  all  current  mode  con- 
verters using  a  similar  slope  compensating  scheme. 


Rs 


-WW 

Ri 


R2 


AVOSC 


f~1  'LIMIT 


Step  1. 
S(L) 

Step  2. 


Figure  4.  Simplified  Circuit 

Calculate  the  Inductor  Downslope 
di/dt  =  Vsec/Lsec  (Amps/Second) 
Calculate  the  Reflected  Downslope 
to  the  Primary 

S(L)'  =  S(L)/N  (Amps/Second) 

Step  3.  Calculate  Equivalent  Downslope  Ramp 

V  S(L)'  =  S(L)'  •  R  sense  (Volts/Second) 

Step  4.  Calculate  the  Oscillator  Charge  Slope 

V  S(osc)  =  d  (Vosc)  /  T  on  (Volts/Second) 
Step  5.  Generate  the  Ramp  Equations 

Using  superposition,  the  circuit  can  be  illustrated  as: 


Sosc. 


-VW- 


_WV- 


I AVqSC 


Vramp 


Figure  5.  Superposition 


V(ramp)  =  VS(L)'*R2  +  VS(QSC)'R1  simplifying, 
R1  +  R2  R1  +  R2 


<a 
u 
-i 
a 
a 


V(RAMP)  =  V  S(L)"  +  V  S(COMP) 


where 


V  S(COMP)  =  VS(°SC>'R1  ,  and  V  S(L)"  =  V  S(L)'  »  R2 

R1  +  R2  R1  +  R2 

Step  6.  Calculate  Slope  Compensation 

V  S(COMP)  =  M  •  S(L)"  where  M  is  the  amount  of 
inductor  downslope  to  be  introduced. 

Equating  VS(OSC)*R1  =  M  •  V  S(L)'  «  R2 

R1  +  R2  R1  +  R2 

,  solving  for  R2 

R2  =  R1  •  VS(QSC) 
V  S(L)'  •  M 
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Equating  R1  to  1K  ohm  simplifies  the  above  calculation 
and  selection  of  capacitor  C2  for  filtering  the  leading  edge 
glitch.  Using  the  closest  standard  value  to  the  calculated 
value  of  R2  will  minimally  effect  the  exact  amount  of  down- 
slope  introduced.  It  is  important  that  R2  be  high  enough  in 
resistance  not  to  load  down  the  I.C.  oscillator,  thus  causing 
a  frequency  shift  due  to  the  slope  compensation  ramp 
toR2. 
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Figure  6.  Emitter  Follower  Circuit 


Design  Example  —  Slope  Compensation  Calculations 
Circuit  Description  and  Parameter  Listing: 

Topology:  Half-Bridge  Converter 

Input  Voltage:  85-132  VAC  "Doubler  Configuration" 

Output:  5  VDC/45  ADC 

Frequency:  200  KHz,  T  Period  =  5.0  nS 

T  Deadtime:  500  ns,  T  on  Max  =  4.5  /iS 

Turns  Ratio:  15/1,  (Np/Ns) 

V  Primary:  90  VDC  Min,  186  Max 

V  Sec  Min:  6  VDC 
R  Sense:  0.25  Ohm 

I  Sec  Ac:  3.0  Amps  (<10%  I  DC) 
L  Output:  5.16  ph 

1.  Calculate  the  Inductor  Downslope  on  the 
Secondary  Side 

S  (L)  =  di/dt  =  Vsec/Lsec  =  6  v/5.16  ph  =  1.16  A/^s 

2.  Calculate  the  Transformed  Inductor  Slope  to  the 
Primary  Side 

S  (L)'  =  S  (L)  •  Ns/Np  =  1.16  •  1/15  =  0.0775  A/^S 

3.  Calculate  the  Transformed  Slope  Voltage  at 
Sense  Resistor 

V  S(L)'  =  S  (L)'  •  Rsense  =  7.72  •  10"2  •  0.250  = 
1.94.10-^/^ 


4.  Calculate  the  Oscillator  Slope  at  the  Timing  Capacitor 
S(OSC)  =  d  V  osc/T  on  max  =  1.8/4.5  =  0.400  V//*S 

5.  Let  Amount  of  Slope  Compensation  (M)  =  0.75  and 
R1  =  1K 

V  S(osc)      •  R2  =    1K  »  0.400 


R2  =  R1  •  - 

V  S(L)'  •  M 
=  27.4  K  ohms 


0.0192  •  0.75 


II.  GATE  DRIVE  CIRCUITRY 

The  high  current  totem-pole  outputs  of  most  PWM  ICs  have 
greatly  enhanced  and  simplified  MOSFET  gate  drive 
circuits.  Fast  switching  times  of  the  high  power  FETs  can 
be  attained  with  nearly  a  "direct"  drive  from  the  PWM. 
Frequently  overlooked,  only  two  external  components  —  a 
resistor  and  Schottky  diode  are  required  to  insure  proper 
operation  of  the  PWM  while  delivering  the  high  current 
drive  pulses. 

MOSFET  Input  Impedance 

Typical  gate-to-source  input  characteristics  of  most  FETs 
reveal  approximately  1500  picofarads  of  capacitance  in 
series  with  15  nanohenries  of  source  inductance.  For  this 
example,  the  series  gate  current  limiting  resistor  will  not  be 
used  to  exemplify  its  necessity.  Also,  the  totem  pole  tran- 
sistors are  replaced  with  ideal  (lossless)  switches.  A  dV/dT 
rate  of  0.5  volts  per  nanosecond  is  typical  for  most  high 
speed  PWMs  and  will  be  incorporated. 
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Figure  7.  Ideal  Circuit  Gate  Drive 

Assuming  no  external  circuit  parasitics  of  R,  L  or  C,  the 
PWM  is  therefore  driving  an  L-C  resonant  tank  with  no 
attenuation.  The  driving  function  is  a  15  volt  pulse  derived 
from  the  auxiliary  supply  voltage.  The  resulting  current 
waveform  is  shown  in  figure  8,  having  a  peak  current  of 
approximately  seven  amps  at  a  frequency  of  thirty-three 
megahertz. 
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Figure  8.  Voltage  &  Current  Waveforms  at  Gate 


In  a  practical  application,  the  transistors  and  other  circuit 
parameters,  fortunately,  are  less  than  ideal.  The  results 
above  are  unlikely  to  happen  in  most  designs,  however 
they  will  occur  at  a  reduced  magnitude  if  not  prevented. 
Limiting  the  peak  current  through  the  IC  is  accomplished 
by  placing  a  resistor  between  the  totem-pole  output  and 
the  gate  of  the  MOSFET.  The  value  is  determined  by  divid- 
ing the  totem-pole  collector  voltage  (Vc)  by  the  peak 
current  rating  of  the  IC's  totem-pole.  Without  this  resistor, 
the  peak  current  is  limited  only  by  the  dV/dT  rate  of  the 
totem-pole  and  the  FET  gate  capacitance. 

For  this  example,  a  collector  supply  voltage  of  10  volts  is 
used,  with  an  estimated  totem-pole  saturation  voltage  of 
approximately  2  volts.  Limiting  the  peak  gate  current  to  1 .5 
amps  max  requires  a  resistor  of  six  ohms,  and  the  nearest 
standard  value  of  6.2  ohms  was  used.  Locating  the  resistor 
in  series  with  the  collector  to  the  auxiliary  voltage  source 
will  only  limit  the  turn-on  current.  Therefore  it  must  be 
placed  between  the  PWM  and  gate  to  limit  both  turn-on 
and  turn-off  currents. 

Actual  circuit  parasitics  also  play  a  key  role  in  the  drive 
behavior.  The  inductance  of  the  FET  source  lead  (15  nano- 
henries typical)  is  generally  small  in  comparison  to  the  lay- 
out inductance.  To  model  this  network,  an  approximation  of 
30  nanohenries  per  inch  of  PC  trace  can  be  used.  In  addi- 
tion, the  inductance  between  the  pins  of  the  IC  and  the  die 
can  be  rounded  off  to  10  nanohenries  per  pin.  It  now 
becomes  apparent  that  circuit  inductances  can  quickly 
add  up  to  100  nanohenries,  even  with  the  best  of  PC  lay- 
outs. For  this  example,  an  estimate  of  60  nh  was  used  to 
simulate  the  demonstration  PC  board.  The  equivalent  cir- 
cuit is  shown  in  figure  10.  A  10  volt  pulse  is  applied  to  the 
network  using  6.2  ohms  as  the  current  limiting  resistance. 
Displayed  is  the  resulting  voltage  and  current  waveform  at 
the  totem-pole  output. 


Figure  9.  Circuit  I 


Figure  10.  Circuit  Response 


The  shaded  areas  of  each  graph  are  of  particular  interest. 
During  this  time,  the  lower  totem-pole  transistor  is  satu- 
rated. The  voltage  at  its  collector  is  negative  with  respect  to 
it's  emitter  (ground).  In  addition,  a  positive  output  current  is 
being  supplied  to  the  RLC  network  thru  this  saturated  NPN 
transistor's  collector.  The  IC  specifications  indicate  that 
neither  of  these  two  conditions  are  tolerable  individually, 
nevermind  simultaneously.  One  approach  is  to  increase 
the  limiting  resistance  to  change  the  response  from  under- 
damped  to  slightly  overdamped.  This  will  occur  when: 

R  (gate)  >  2  •  Vuc 

Unfortunately,  this  also  reduces  the  peak  drive  current, 
thus  increasing  the  switching  times  of  the  FETS  —  highly 
undesirable.  The  alternate  solution  is  to  limit  the  peak 
current,  and  alter  the  circuit  to  accept  the  underdamped 
nstwork. 
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The  use  of  a  Schottky  diode  from  the  PWM  output  to 
ground  will  correct  both  situations.  Connected  with  the 
anode  to  ground  and  cathode  to  the  output,  it  will  prevent 
the  output  voltage  from  going  excessively  below  ground, 
and  will  also  provide  a  current  path.  To  be  effective,  the 
diode  selected  should  have  a  forward  voltage  drop  of  less 
than  0.3  volts  at  200  milliamps.  Most  1-to-3  amp  diodes 
exhibit  these  traits  above  room  temperature.  The  diode  will 
conduct  during  the  shaded  part  of  the  curve  shown  in 
figure  10  when  the  voltage  goes  negative  and  the  current 
is  positive.  The  current  is  allowed  to  circulate  without 
adversely  effecting  the  IC  performance.  Placing  the  diode 
as  physically  close  to  the  PWM  as  possible  will  enhance  cir- 
cuit performance.  Circuit  implementation  of  the  complete 
drive  scheme  is  shown  in  the  schematic. 


Circuit 


D1.D2:  UC361 1  Schottky  Diodes 


Figure  11. 


Transformer  driven  circuits  also  require  the  use  of  the 
Schottky  diodes  to  prevent  a  similar  set  of  circumstances 
from  occurring  on  the  PWM  outputs.  The  ringing  below 
ground  is  greatly  enhanced  by  the  transformer  leakage 

Transformer  Coupled  MOSFET  Drive  Circuit 


TO 
LOAD 


D1.D2:  UC361 1  Schottky  Diode  Array 


Figure  12. 


inductance  and  parasitic  capacitance,  in  addition  to  the 
magnetizing  inductance  and  FET  gate  capacitance.  Cir- 
cuit implementation  is  similar  to  the  previous  example. 

Transformer  Coupled  Push-Pull  MOSFET  Drive  Circuit 


UC361 1  Quad  Schottky 
Diode  Array 


Figure  13. 

Peak  Gate  Current  and  Rise  Time  Calculations 

Several  changes  occur  at  the  MOSFET  gate  during  the 
turn-on  period.  As  the  gate  threshold  voltage  is  reached, 
the  effective  gate  input  capacitance  goes  up  by  about 
fifteen  percent,  and  as  the  drain  current  flows,  the  capaci- 
tance will  double.  The  gate-to-source  voltage  remains  fairly 
constant  while  the  drain  voltage  is  decreasing.  The  peak 
gate  current  required  to  switch  the  MOSFET  during  a  spec- 
ified turn-on  time  can  be  approximated  with  the  following 
equation. 


Ipk  =  ^ 


2  [  Ciss  [  (2.5  •  Vgth)  jHd]  +  [Crss  (VDD  -Vgth)  ] ) 


Ton 


gm 


Several  generalizations  can  be  applied  to  simplify  this 
equation.  First,  let  Vgth,  the  gate  turn-on  threshold,  equal 
3  volts.  Also,  assume  gm  equals  the  drain  current  Id 
divided  by  thechange  in  gate  threshold  voltage,  dVgth.  For 
most  applications,  dVgth  is  approximately  2.5  volts  for  utili- 
zation of  the  FET  at  75%  of  its  maximum  current  rating.  In 
most  off-line  power  supplies,  the  gate  threshold  voltage  is 
a  small  percentage  of  the  drain  voltage  and  can  be  elimi- 
nated from  the  last  part  of  the  equation.  The  formulas  to 
determine  peak  drive  current  and  turn-on  time  using  the 
FET  parameters  now  simplify  to: 

I  pk  =  _?_•(  (10  •  Ciss)  +  (Crss  •  V  drain) ) 
Ton 

Ton  =       •  ( (10  •  Ciss)  +  (Crss  •  Vdrain) ) 
I  pk 

Switching  times  in  the  order  of  50  nanoseconds  are  attain- 
able with  a  peak  gate  current  of  approximately  1 .0  amps  in 
many  practical  designs.  Higher  drive  currents  are  obtain- 
able using  most  Unitrode  current  mode  PWMs  which  can 
source  and  sink  up  to  1 .5  amps  peak  (UC1825).  Driver  ICs 
with  similar  output  totem  poles  (UC1707)  are  recom- 
mended for  paralleled  MOSFET,  high  speed  applications. 
SEE  APPLICATION  NOTE  U-1 1 8 
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III.  SYNCHRONIZATION 

Power  supplies  have  historically  been  thought  of  as  "black 
boxes,"  an  off-the-shelf  commodity  by  most  end  users. 
Their  primary  function  is  to  generate  a  precise  voltage, 
independent  of  load  current  or  input  voltage  variations,  at 
the  lowest  possible  cost.  In  addition,  end  users  allocate  a 
minimal  amount  of  system  real  estate  in  which  it  must  fit. 
The  major  task  facing  design  engineers  is  to  overcome 
these  constraints  while  exceeding  the  customers'  expec- 
tations, attaining  high  power  densities  and  avoiding 
thermal  management  problems.  It  is  imperative,  too,  that 
the  power  supply  harmonize  and  integrate  with  the  system 
rather  than  cause  catastrophic  noise  problems  and  last 
minute  headaches.  Products  that  had  performed  to  satis- 
faction on  the  lab  workbench  powered  by  well  filtered 
linear  supplies  may  not  fare  as  well  when  driven  by  a  noisy 
switcher  enclosed  in  a  small  cabinet. 

Basic  power  supply  design  criteria  such  as  the  switching 
frequency  may  be  designated  by  the  system  clock  or  CPU 
and  thus  may  not  be  up  to  the  power  supply  designer's  dis- 
cretion. This  immediately  impacts  the  physical  size  of  the 
magnetic  components,  hence  overall  supply  size,  and  may 
result  in  less-than-optimum  power  density.  However,  for  the 
system  to  function  properly,  the  power  supply  must  be 
synchronized  to  the  system  clock. 

There  are  numerous  other  reasons  for  synchronizing  the 
power  supply  to  the  system.  Most  switching  power  noise 
has  a  high  peak-to-average  ratio  of  short  duration, 
generally  referred  to  as  a  spike.  Common  mode  noise  gen- 
erated by  these  pulsating  currents  through  stray  capaci- 
tance may  be  difficult  (if  not  impossible)  to  completely  elimi- 
nate after  the  system  design  is  complete.  Ground  loop 
noise  may  also  be  amplified  due  to  the  interaction  of 
changing  currents  through  parasitic  inductances,  resultng 
in  crosstalk  through  the  system.  EMI  filtering  to  the  main 
input  line  is  much  simpler  and  more  repeatable  when 
power  is  processed  at  a  fixed  frequency. 

In  addition,  multiple  power  stages  require  synchronization 
to  reduce  the  differential  noise  generated  between  mod- 
ules at  turn-on.  In  unison,  the  converters  begin  their  cycles 
at  the  same  time,  each  contributing  to  common  mode 
noise  simultaneously,  rather  than  randomly.  This  also  sim- 
plifies peak  power  considerations  and  will  result  in  predict- 
able power  distribution  and  losses.  Compensation  made 
for  voltage  drops  along  the  bus  bars,  produced  by  both  the 
AC  and  DC  power  current  components,  can  be  accom- 
plished. Balancing  of  the  loads  and  power  bus  losses  also 
contributes  to  diminishing  the  differential  noise  and  should 
be  administered  for  optimum  results. 


Operation  of  the  PWM  Oscillator 

In  normal  operation,  the  timing  capacitor  (Ct)  is  linearly 
charged  and  discharged  between  two  thresholds,  the 
upper  and  lower  comparator  thresholds.  The  charging 
current  is  determined  by  means  of  a  fixed  voltage  across 
a  user  selected  timing  resistance  (Rt).  The  resulting  current 
is  then  mirrored  internally  to  the  timing  capacitor  Ct  at  the 
IC's  Ct  output.  The  discharge  current  is  internally  set  in 
most  PWM  designs. 

As  Ct  begins  its  charge  cycle,  the  outputs  of  the  PWM  are 
initiated  and  turn  on.  The  timing  capacitor  charges,  and 
when  its  amplitude  equals  that  of  the  error  amplifier  output, 
the  PWM  output  is  terminated  and  the  outputs  turn  off.  Ct 
continues  to  charge  until  it  reaches  the  upper  threshold  of 
the  timing  comparator.  Once  intersected,  the  discharge 
circuitry  activates  and  discharges  Ct  until  the  timing 
comparator  lower  threshold  is  reached.  During  this  dis- 
charge time,  the  PWM  outputs  are  disabled,  thus  insuring 
a  "dead"  time  when  each  output  is  off. 
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Figure  T4.  Voltage  Mode  Control  - 
Normal  Operation 


UPPER 
-THRESHOLD 
-  LOWER 

THRESHOLD 

OUTPUT  A 


Figure  15. 

The  SYNC  terminal  provides  a  "digital"  representation  of 
the  oscillator  charge/discharge  status  and  can  be  utilized 
as  both  an  input  or  an  output  on  most  PWM's.  In  instances 
where  no  synchronization  port  is  easily  available,  the  timing 
circuitry  (Ct)  can  be  driven  from  a  digital  (OV,  5V)  logic  input 
rather  than  in  the  analog  mode.  The  primary  considera- 
tions of  on-time,  off-time,  duty  cycle  and  frequency  can  be 
encompassed  in  the  digital  pulse  train.  A  LOW  logic  level 
input  determines  the  PWM  ON  time.  Conversely,  a  HIGH 
input  governs  the  OFF  time,  or  dead  time.  Critical  con- 
straints of  frequency,  duty  cycle  or  dead  time  can  be 
accurately  controlled  by  a  digital  signal  to  the  PWM  timing 
cap  (Ct)  input.  The  command  can  be  executed  by  anything 
from  a  simple  555  timer,  to  an  elaborate  microprocessor 
software  controlled  routine. 
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Not  all  PWM  IC's  have  a  direct  synchronization  input/out- 
put connection  available  to  the  internal  oscillator.  In  these 
applications,  the  slave  oscillator  must  be  disabled  and 
driven  in  a  different  fashion.  This  approach  may  also  be 
required  when  using  different  PWMs  amongst  the  slave 
modules  with  different  sync  characteristics,  or  anti-phase 
signals. 

Unfortunately,  there  are  several  drawbacks  to  this  method, 
depending  on  the  implementation.  First,  the  PWM  error 
amplifier  has  no  control  over  the  pulse  width  in  voltage 
mode  control.  The  error  amplifier  output  is  compared  to  a 
digital  signal  instead  of  a  sawtooth  ramp,  rendering  its 
attempts  fruitless.  The  conventional  soft  start  technique  of 
clamping  the  error  amp  output,  thereby  clamping  the  duty 
cycle  will  not  function.  With  no  local  timing  ramp  available, 
the  supply  is  completely  under  the  direction  of  the  sync 
pulse  source.  Should  the  pulse  become  latched  or 
removed,  the  PWM  outputs  will  either  stay  fully  on,  or  fully 
off,  depending  on  the  sync  level  input  (voltage  mode).  Also, 
without  the  local  Ct  ramp,  the  supply  will  not  self-start, 
remaining  off  until  the  sync  stream  appears.  Slope  com- 
pensation for  current  mode  controlled  units  requires  addi- 
tional components  to  generate  the  compensating  ramp. 
Every  supply  must  be  produced  as  a  dedicated  master,  or 
slave,  and  must  be  non-interchangeable  with  one  another, 
barring  modification.  This  is  only  a  brief  list  of  the  numerous 
design  drawbacks  to  this  "open-ended"  sync  operation.  To 
circumvent  these  shortcomings,  a  universal  sync  circuit 
has  been  developed  with  the  following  performance  fea- 
tures and  benefits: 

—  Sync  any  PWM  to/from  any  other  PWM 

—  Sync  any  PWM  to/from  any  number  of  other  PWMs 

—  Sync  from  digital  levels  for  simple  system  integration 

—  Bidirectional  sync  signal 

—  Any  PWM  can  be  master  or  slave  with  no  modifications 

—  Each  control  circuit  will  start  and  run  independently 
of  sync  if  sync  signal  is  not  present 

—  Localized  ramp  at  Ct  for  slope  compensation 

—  No  critical  frequency  settings  on  each  module 

—  High  speed  —  minimum  delays 

—  High  noise  immunity 

—  Low  power  requirements 

—  Remote  off  capability 

—  Minimal  effect  on  frequency,  duty  cycle,  and  dead  time 

—  Low  cost  and  component  count 

—  Small  size 

Sync  Circuit  Operating  Principles 

These  optimal  objectives  can  be  obtained  using  a  combi- 
nation of  both  analog  and  digital  signal  inputs.  The  timing 
capacitor  Ct  input  will  be  used  as  a  summing  junction  for 
the  analog  sawtooth  and  digital  sync  input.  The  PWM  is 
allowed  to  run  independently  using  its  own  Rt  and  Ct 
components  in  standard  configuration.  When  synchroni- 
zation is  required,  a  digital  sync  pulse  will  be  super- 
imposed on  the  Ct  waveform. 


When  applied,  the  sync  pulse  quickly  raises  the  voltage  at 
Ct  above  the  PWM  comparator  upper  threshold.  This 
forces  a  change  in  the  oscillator  charge/discharge  status 
and  operation.  The  oscillator  then  begins  its  normal  dis- 
charge cycle  synchronized  to  the  sync  signal.  This  digital 
sync  pulse  simply  adds  to  the  analog  Ct  waveform,  forcing 
the  Ct  input  voltage  above  the  comparator  upper 
threshold. 

VCT  „ 
(ANALOG)  _  UPPER 

_k  ^[THRESHOLD, 

-V  \  VCT 

^  LOWER 
(DIGITAL)    COMBINED  THRESHOLD 


Figure  16. 

In  practice,  this  approach  is  best  implemented  by  bringing 
Ct  to  ground  through  a  small  resistance,  about  24  ohms. 
This  low  value  was  selected  to  have  minimal  offset  and 
effects  on  the  initial  oscillatorfrequency.  The  sync  pulse  will 
be  applied  across  the  24  ohm  resistor.  Since  all  PWMs 
utilize  the  timing  capacitor  in  their  oscillator  section,  it  is 
both  a  convenient  and  universal  node  to  work  with. 
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Figure  17.  Sync  Circuit  Implementation 

Oscillator  Timing  Equations 

The  oscillator  timing  components  must  be  first  selected  to 
guarantee  synchronization  to  the  sync  pulse.  The  sawtooth 
amplitude  must  be  lower  than  the  upper  threshold  voltage 
at  the  desired  sync  frequency.  If  not,  the  oscillator  will  run 
in  its  normal  mode  and  cross  the  upper  threshold  first, 
before  the  sync  pulse.  This  requirement  dictates  that  the 
PWM  oscillator  frequency  must  be  lower  than  the  sync 
pulse  frequency  to  trigger  reliably.  Typically,  a  ten  percent 
reduction  in  free  running  frequency  can  be  accommo- 
dated throughout  the  power  supply.  Adding  the  sync  cir- 
cuit will  have  minor  effects  on  the  PWM  duty  cycle,  dead- 
time  and  ramp  amplitude.  (These  will  be  examined  in 
detail.) 
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As  mentioned,  the  timing  ramp  amplitude  needs  to  be 
approximately  ten  percent  lower  in  frequency  than  normal. 
Therefore,  the  MINIMUM  sync  pulse  amplitude  must  fill  the 
remaining  ten  percent  of  the  peak-to-peak  ramp  amplitude 
to  reach  the  upper  threshold.  Synchronization  can  be 
insured  over  a  wide  range  of  frequency  inputs  and  compo- 
nent tolerances  by  supplying  a  slightly  higher  amplitude 
sync  pulse. 

Lowering  the  peak-to-peak  charging  amplitude  also  lowers 
the  peak-to-peak  discharge  amplitude.  This  shortens  the 
time  required  to  discharge  Ct  since  it  begins  at  a  lower 
potential.  Consequently,  this  reduces  the  deadtime 
accordingly.  However,  the  sync  pulse  width  adds  to  the  IC 
generated  deadtime  and  increases  the  effective  off,  or 
deadtime  due  to  discharge.  This  sync  pulse  width  need 
only  be  wide  enough  to  be  sensed  by  the  IC  comparator, 
which  is  fairly  fast.  Additional  sync  pulse  width  increases 
deadtime  which  can  be  used  to  compensate  for  the  10% 
lower  ramp,  hence  deadtime. 
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Figure  18.  Oscillator  Ramp  Relationships 
Oscillator  Ramp  Equations 

The  timing  components  required  in  the  oscillator  section 
are  generally  determined  graphically  from  the  manufac- 
turers' data  sheets  for  frequency  and  deadtime  versus  Rt 
and  Ct.  Whilefine  for  most  applications,  a  careful  examina- 
tion of  the  equations  is  necessary  to  analyze  the  impacts  of 
the  additional  sync  circuit  components  on  the  timing 
relationships. 

Oscillator  Charging  Ramp  Equations 

AVosc  =  l  flchgdT=  LEtsl  1  T 
Ct  J 


Ct  J  Ct  J  0 

T  chg  =  (  AV  osc  •  Ct )  /  Ichg   where  Ichg  =  Vchg  /  Rt 

AV  osc  =  Vth  upper  -  Vth  lower 

AV  osc'  =  AV  osc  (tchg')  -  V  (24  ohm) 
t  chg(o) 

V  (24  ohm)  =  I  chg  •  24  =  [Vchg  /  Rt]  •  24 
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These  equations  can  be  reduced  if  an  approximation  is 
made  that  the  deadtime  is  very  small  in  comparison  to  the 
total  period.  In  this  case,  the  entire  effect  of  changing  the 
ramp  voltage  is  upon  the  charging  time  of  the  oscillator. 
Synchronizing  to  a  higher  frequency  simply  reduces  the 
charging  time  of  Ct,  (Tchg).  The  new  charging  time  (Tchg') 
is  the  original  charge  time  multiplied  by  the  change  in  fre- 
quency between  F  original  and  F  sync.  This  relative 
change  will  be  used  in  several  equations;  it  is  labelled  P  for 
percentage  of  change. 

_TchQi  m  Tsync  =  _F_ong  =  p  „re|ative  F  change„ 
T  chg(o)     T  orig      F  sync 

For  small  values  of  charging  current,  or  large  values  of  Rt, 
the  voltage  drop  across  the  24  ohm  resistor  is  negligible.  A 
current  of  2  milliamps  will  result  in  a  2.5%  timing  error  with 
a  2  volt  peak  to  peak  oscillator  ramp  at  Ct.  It  is  also  prefer- 
rable  to  free-run  the  IC  oscillator  at  about  a  15%  lower  fre- 
quency than  the  synchronization  frequency,  where  "P"  = 
0.85. 

AVosc'  (sync)  =  AVosc(o)  •  P  =  0.85  •  A[Vosc]  orig. 

T  chg'  =  T  chg(o)  •  P  =  0.85  T  chg(o) 

V  sync  (minimum)  amplitude  =  A  [Vosc]  •  (1-P) 
=  0.15  •  A  fVosc(o)] 

With  an  approximate  2  volt  peak  to  peak  oscillator  ampli 
tude,  the  minimum  sync  pulse  amplitude  is  0.30  volts  for 
synchronization  to  occur  with  a  15%  latitude  in 
frequencies. 

Oscillator  Discharge  Ramp  Equations 

Proper  deadtime  control  in  the  switching  power  stage  is 
required  to  safeguard  against  catastrophic  failures.  Add- 
ing the  sync  circuit  to  the  oscillator  reduces  the  discharge 
time  of  the  timing  capacitor  Ct,  hence  reducing  the  dead- 
time  of  the  PWM.  There  are  two  contributing  factors.  First, 
the  peak  amplitude  at  the  timing  capacitor  is  lowered  by  AV 
osc(o)  -  AVosc',  and  the  capacitor  begins  its  discharge 
from  a  lower  potential.  Second,  the  24  ohm  resistor  adds 
an  offset  voltage,  dependent  on  its  current.  Typical  IC  dis- 
charge currents  range  from  approximately  6  to  12  milli- 
amps. This  offset  due  to  charging  current  (1-2  ma)  is  low  in 
comparison  to  that  of  the  discharge  current  (6  to  12  ma). 
While  negligible  during  the  charge  cycle,  its  tenfold  effects 
must  be  taken  into  account  during  the  discharge,  or 
deadtime. 

The  discharge  time  (T  dchg)  can  be  calculated  knowing 
the  discharge  current  of  the  particular  IC.  More  convenient 
is  to  use  the  manufacturers'  published  deadtime  listing  for 
a  known  value  of  Ct,  and  to  calculate  the  effects  of  the  sync 
circuit.  The  discharge  current  has  been  averaged  to  8  milli- 
amps for  brevity. 


AV  dschg' 


-  V  (24  ohm) 
-  0.2  volts 


m 

o 
3 

Q. 

a 
< 


[AVdchg(o)  •  P] 
=  [0.85  •  AVosc(o)] 

T  dchg'  =  T  dchg(o)  -  T  loss  (24  ohms) 

where  T  dchg(o)  =  initial  deadtime  from  curve 
=  T  dchg(o)  •  [AV  dchg'  /  AVosc(o)] 
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The  actual  deadtime  is  a  summation  of  both  the  discharge 
time  of  Ct  and  the  width  of  the  sync  pulse.  While  being 
applied,  the  sync  pulse  disables  the  PWM  outputs  and 
must  be  added  to  the  discharge  time.  The  sync  pulse  width 
can  be  used  to  compensate  for  the  "lost"  deadtime,  or  as 
a  deadtime  extension. 

T  dead'  =  T  dchg'  +  T  sync  pulse  width 


Top  Trace: 
Master  :Ct 

Center  Trace: 
Clock  Output 


SYNC 


Qi 

2N2222A 
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FROM  iMpiix  R, 
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Figure  19.  Sync  Circuit  Schematic 
Operating  Principles 

A  positive  going  signal  is  input  to  the  base  of  transistor  Q1 
which  operates  as  an  emitter  follower.  The  leading  edge  of 
the  sync  signal  is  coupled  into  the  base  of  Q2  through 
capacitor  C1 ,  developing  a  voltage  across  R4  in  phase  with 
the  sync  input.  This  signal  is  driven  through  C2  to  the  slave 
timing  capacitor  and  24  ohm  resistor  network,  forcing 
synchronization  of  the  slave  to  the  master.  This  high  speed 
pulse  amplifier  circuit  adds  a  minimum  of  delay  (=50  ns) 
between  the  master  to  slave  timing  relationship. 


Bottom  Trace: 
V  Sync  Output 

F  OSC  =  1  MHz 

Figure  21.  Circuit  Timing  Waveforms 


Top  Trace: 
Master  Clock  Output 


Bottom  Trace: 
Slave  Clock  Output 

Both:  1  V/CM,  20  ns/CM 


Top  Trace: 
Clock  Input 

Center  Trace: 
Base-to-Ground 
Voltage  at  Q2 

Bottom  Trace: 
Output  Voltage 
into  8  ohms 


Vertical:  1  Volt/CM 


Horizontal: 
F  OSC  =  1  MHz 


Figure  22.  Sync  Circuit  Delay;  Input  to  Output 


Trace  1:  Master 


Trace  2:  Slave  1 


Trace  3:  Slave  2 


Figure  20.  Sync  Circuit  Waveforms 


This  photo  displays  the  waveforms  of  the  sync  circuit  in 
operation  at  a  clock  frequency  of  1  megahertz.  The  top 
trace  is  the  circuit  input,  a  2.5  volt  peak-to-peak  clock  out- 
put signal  from  the  UC3825  PWM.  Any  of  several  other 
PWMs  can  be  used  as  the  source  with  similar  results  at 
lower  frequencies.  The  center  trace  depicts  the  base  to 
ground  voltage  waveform  at  transistor  Q2,  biased  at  3  volts. 
The  lower  trace  displays  the  output  voltage  across  R4  while 
driving  three  slave  modules,  or  about  8  ohms  from  the  5 
volt  reference. 


Trace  4:  Slave  3 


Vertical:  1  V/CM  All 


Figure  23.  Oscillator  Waveforms: 
Master  and  Slaves 
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Trace  1:  Master 
Trace  2:  Slave  1 
Trace  3:  Slave  2 
Trace  4:  Slave  3 


Vertical:  1  V/CM  All 


Horizontal:  20  ns/CM 


Figure  24.  Typical  Sync  Delay  at  Ct: 
Master  to  Slaves 


trace.  The  amplitude  should  be  made  as  large  as  possible 
to  enhance  circuit  performance. 


Top  Trace:  Slave  1 
dVRamp  =  1.25V 
F  OSC  <  F  Sync 

Center  Trace:  Slave  2 
dV  Ramp  =  1.75V  ^ 
F  OSC  =  F  SYNC 


Bottom  Trace:  Sync 


Synchronization  ranges  for  the  slaves  were  discussed  in 
the  previous  text.  The  1  volt  sync  pulse  will  accommodate 
most  ranges  in  frequency  due  to  manufacturers'  toler- 
ances. The  following  photo  is  included  to  display  the  out- 
come of  trying  to  use  the  sync  circuit  on  slaves  with  oscilla- 
tor frequencies  set  beyond  the  sync  circuit  range.  The 
upper  trace  is  the  master  Ct  waveform.  The  center  trace  is 
Ct  of  a  slave  free-running  at  approximately  one  half  that  of 
the  master.  The  sync  pulse  alters  the  waveform,  however 
does  not  bring  it  above  the  comparator's  upper  threshold 
to  force  synch  ronization.  The  lower  trace  shows  a  slave  free 
running  at  approximately  twice  that  of  the  master's  oscilla- 
tor. In  this  instance,  the  sync  pulse  forces  synchronization 
at  alternate  cycles  to  the  master. 


Top  Trace:  Master  Ct 
F  OSC  =  1.0  MHz 


Center  Trace:  Slave  1 
F  OSC  =  500  KHz 


Bottom  Trace:  Slave  2 
F  OSC  =  1.7  MHz 


Vertical:  1  V/CM  All 


Horizontal:  250  ns/CM 


Figure  25.  Nonsynchronous  Operation 


For  voltage  mode  control,  the  free-running  frequencies  of 
the  oscillator  should  be  set  as  close  to  the  master  as  toler- 
ances will  allow.  One  of  the  consequences  of  not  doing  so 
is  the  reduced  amplitude  of  the  Ct  waveform,  resulting  in  a 
lower  dynamic  range  to  compare  against  the  error  ampli- 
fier output.  The  top  trace  in  the  following  photo  shows  that 
slave  1  has  a  much  smaller  ramp  than  slave  2,  the  lower 


Figure  26.  Ct  Ramp  Amplitude  Waveforms 


Sync  Pulse  Generation  from 
the  Oscillator  Ct  Waveform 

Not  every  PWM  IC  is  equipped  with  a  sync  output  terminal 
from  the  oscillator.  This  is  certainly  the  case  with  most  low 
cost,  mini-dip  PWMs  with  a  limited  number  of  pin,  like  the 
UC1842/3/4/5.  These  ICs  can  provide  a  sync  output  with  a 
minimum  of  external  components. 
Common  to  all  PWMs  of  interest  is  the  timing  capacitor,  Ct, 
used  in  the  oscillator  frequency  generation.  The  universal 
sync  circuit  previously  described  triggers  from  the  master 
deadtime,  or  Ct  discharge  time.  A  simple  circuit  will  be 
described  to  detect  this  falling  edge  of  the  Ct  waveform 
and  generate  the  sync  pulse  required  to  the  slave  PWM(s). 


Figure  27.  Sync  Pulse  Generator  Circuit 
Operating  Principles 

Transistor  Q1  is  an  emitter  follower  to  buffer  the  master 
oscillator  circuit,  and  capacitively  couples  the  falling  edge 
of  the  timing  waveform  to  the  base  of  Q2.  Since  the  rising 
edge  of  the  waveform  is  typically  ten  or  more  times  slower, 
it  does  not  pass  through  to  Q2,  only  the  falling  edge,  or 
deadtime  pulse  is  coupled.  Transistor  Q2  inverts  this  sync 
signal  at  its  collector,  which  drives  Q3,  the  power  stage  of 
this  circuit.  Similar  to  the  universal  sync  circuit,  the  slave 
oscillator  sections  are  driven  from  Q3's  emitter.  This  circuit 
is  useable  to  several  hundred  kilohertz  with  a  minimum  of 
delays  between  the  master  and  slave  synchronization 
relationship. 


3-115 


APPLICATION  NOTE 


U-lll 


Top  Trace: 
Circuit  Input 


Bottom  Trace: 
Circuit  Output 
Across  24  Ohms 


Vertical:  0.5  V/CM  Both 


Horizontal:  0.5  ^S/CM 


Figure  28. 


ms  at  500  KHz 


Top  Trace: 
Slave  Ct 

Bottom  Trace: 
Master  Ct 

Vertical:  0.5  V/CM  Both  Horizontal:  0.5  pS/CM 

Figure  29.  Master/Slave  Sync  Waveforms  at  Ct 


IV.  EXTERNALLY  CONTROLLING  THE  PWM 

Many  of  today's  sophisticated  control  schemes  require 
external  control  of  the  power  supply  for  various  reasons. 
While  most  of  these  requirements  can  be  incorporated 
quite  easily  with  a  full  functioned  control  chip,  (typical  of  a 
16  pin  device),  implementation  may  be  more  complex  with 
a  low  cost,  8  pin  PWM.  Circuits  to  provide  these  functions 
with  a  minimum  of  external  parts  will  be  highlighted. 


Shutdown 

One  of  the  most  common  requirements  is  to  provide  a 
complete  shutdown  of  the  power  supply  for  certain  situa- 
tions like  remote  on/off,  or  sequencing.  Typically,  a  TTL 
level  input  is  used  to  disable  the  PWM  outputs.  Both  vol- 
tage and  current  mode  control  ICs  can  perform  this  task  by 


simply  pulling  the  error  amplifier  output  below  the  lower 
threshold  of  the  PWM  comparator  of  approximately  0.5 
volts.  This  can  be  easily  im  plemented  via  an  N  PN  transistor 
placed  between  the  E/A  output  and  ground,  used  to  short 
circuit  the  E/A  output  to  zero  volts.  In  most  cases,  this  node 
is  internally  current  limited  to  prevent  failures. 
Another  scheme  is  to  pull  the  current  limit  or  current  sense 
input  above  its  upper  threshold.  A  small  transistor  from  this 
input  to  the  reference  voltage  will  fulfill  this  requirement. 
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Figure  30.  PWM  Shutdown  Circuits 

ACTIVE  HIGH 
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B.  NONLATCHING 
Figure  31. 

Latching  Shutdown 

For  those  applications  which  require  a  latching  shutdown 
mechanism,  an  SCR  can  be  used  in  conjunction  with  the 
above  circuits,  or  in  lieu  of  them.  The  SCR  can  also  be 
placed  from  the  PWM  E/A  output  to  ground,  provided  the 
PWM  E/A  minimum  short  circuit  current  is  greater  than  the 
maximum  holding  current  of  the  SCR,  and  the  voltage 
drop  at  ((hold)  is  less  than  the  lower  PWM  threshold. 
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C.  LATCHING 
Figure  32. 

Soft  Start 

Upon  power-up,  it  is  desirable  to  gradually  widen  the  PWM 
pulse  width  starting  at  zero  duty  cycle.  On  PWMs  without 
an  internal  soft  start  control,  this  can  be  implemented  exter- 
nally with  three  components.  An  R/C  network  is  used  to 
provide  the  time  constant  to  control  the  I  limit  input  or  error 
amplifier  output.  A  transistor  is  also  used  to  isolate  the  com- 
ponents from  the  normal  operation  of  either  node.  It  also 
minimizes  the  loading  effects  on  the  R/C  time  constant  by 
amplification  through  the  transistors  gain. 
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Variable  Frequency  Operation 

Certain  topologies  and  control  schemes  require  the  use  of 
a  variable  frequency  oscillator  in  the  controlling  element. 
However,  most  PWMs  are  designed  to  operate  in  a  fixed 
frequency  mode  of  operation.  A  simple  circuit  is  presented 
to  disable  the  ICs  internal  oscillator  between  pulses,  thus 
allowing  variable  frequency  operation. 

Internal  at  the  ICs  timing  resistor  (Rt)  terminal  is  a  current 
mirror.  The  current  flowing  through  Rt  is  duplicated  at  the 
Ct  terminal  during  the  charge  cycle,  or  "on"  time.  When  the 
Rt  terminal  is  raised  to  V  ref  (5  volts),  the  current  mirror  is 
turned  off,  and  the  oscillator  is  disabled.  This  is  easily 
switched  by  a  transistor  and  external  logic  as  the  control 
element,  for  example,  a  pulse  generator.  The  PWM'stiming 
resistor  and  capacitor  should  be  selected  for  the  maximum 
"ON"  time  and  minimum  "DEAD"  time  of  the  PWM 
output(s).  The  rate  at  which  the  PWM  oscillator  is  disabled 
determines  the  frequency  of  the  output(s). 

The  frequency  can  be  varied  in  two  distinct  fashions 
depending  on  the  desired  control  mode  and  trigger 
source.  The  "off"  time  of  both  outputs  will  occur  on  a  pulse- 
by-pulse  basis  when  the  PWM  outputs  are  OR'd  to  the  trig- 
ger source.  In  this  configuration  either  output  initiates  the 
"off"  time,  triggered  by  its  falling  edge.  The  PWM  output  A 
is  activated,  then  both  outputs  A  and  B  are  low  during  the  ' 
"off"  time  of  the  pulse  generator.  This  is  followed  by  output 
B  being  activated,  then  both  outputs  A  and  B  low  again 
during  the  next  "off"  time.  This  cycle  repeats  itself  at  a  fre- 
quency determined  by  the  pulse  generator  circuitry. 

Another  method  is  to  introduce  the  "off"  time  after  two 
(alternate  A,  then  B)  output  pulses.  Output  A  is  activated, 
followed  immediately  by  output  B,  then  the  desired  "off" 
time.  The  pulse  generator  circuitry  is  triggered  by  the 
PWM's  falling  edge  of  output  B.  The  specific  control 
scheme  utilized  will  depend  on  the  power  supply  topology 
and  control  requirements. 
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Figure  34.  Oscillator  Disable  Circuit 

Variable  Frequency  Operation 
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VOLTAGE  CONTROLLED  OSCILLATOR 
GENERAL  CONFIGURATION 

VARIABLE  FREQUENCY  OPERATION 
FIXED  50%  DUTY  CYCLE 
OSCILLATORS  WITH  SINGLE  PIN  PROGRAMMING 


VOUT  LO=F  MIN 
VOUT  HI=F  MAX 


RT/CT 


SHUTDOWN  INPUT 


SOFT  START 
CIRCUIT 


UC3851  /  UC3844A  /  UC3845A 
'GROUND  RAMP  OR  CURRENT  SENSE  INPUT 

OSCILLATORS  WITH  SEPARATE  RT  &  CT  PINS 


E/A  INV 
INPUT 


RIN 

_VOUT  LO=F  MIN 
"VOUT  HI=F  MAX 


CURRENT  LIMIT/ 
SHUTDOWN  INPUT 


SOFT 


UC3823  /  UC3825  /  UC3846  /  UC3847 
•GROUND  RAMP  OR  CURRENT  SENSE  INPUT 


Fixed  "Off-Time"  Applications 

Obtaining  a  fixed  "off-time"  and  a  variable  "on-time"  can 
easily  be  accomplished  with  most  current-mode  PWM  IC's. 
In  these  applications,  the  Rt/Ct  timing  components  are  used 
to  generate  the  "off-time"  rather  than  the  traditional  "on- 
time."  Implementation  is  shown  schematically  in  Figure  3 
along  with  the  pertinent  waveforms. 


At  the  beginning  of  an  oscillator  cycle,  Ct  begins  charging 
and  the  PWM  output  is  turned  on.  Transistor  Q1  is  driven 
from  the  output  and  also  turns  on  with  the  PWM  output,  thus 
discharging  Ct  and  pulling  this  node  to  ground.  As  this 
occurs,  the  oscillator  is  "frozen"  with  the  PWM  output  fully 
ON.  On-time  can  be  controlled  in  the  conventional  manner 
by  comparing  the  error  amplifier  output  voltage  with  the 
current  sense  input  voltage.  This  results  in  a  current  con- 
trolled "on-time"  and  fixed  "off-time"  mode  of  operation. 
Other  variations  are  possible  with  different  inputs  to  the 
current  sense  input. 

When  the  PWM  output  goes  low  (off),  transistor  Q1  also  turns 
off  and  Ct  begins  charging  to  its  upper  threshold.  The  off-time 
generated  by  this  approach  will  be  longer  for  a  given  Rt/Ct 
combination  than  first  anticipated  using  the  oscillator"charg- 
ing"  equations  or  curves.  Timing  capacitor  Ct  now  begins 
charging  from  Vsat  of  Q1  (approx.  0V)  instead  of  the  internal 
oscillator  lower  threshold  of  approximately  1  volt. 
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Current  Mode  ICs  Used  in  Voltage  Mode 

Most  of  today's  current  mode  control  ICs  are  second  and 
third  generation  PWMs.  Theirfeatures  include  high  current 
output  driver  stages,  reduced  internal  delays  through  their 
protection  circuitry,  and  vast  improvements  in  the  refer- 
ence voltage,  oscillator  and  amplifier  sections.  In  compari- 
son to  the  first  generation  ICs  (1524),  numerous  advan- 
tages can  be  obtained  by  incorporating  a  second  or  third 
generation  IC  (18XX)  into  an  existing  voltage  mode  design. 

In  duty  cycle  control  (voltage  mode),  pulse  width  modula- 
tion is  attained  by  comparing  the  error  amplifier  output  to 
an  artificial  ramp.  The  oscillator  timing  capacitor  Ct  is  used 
to  generate  a  sawtooth  waveform  on  both  current  or  vol- 
tage mode  ICs.  To  utilize  a  current  mode  chip  in  the  voltage 
mode,  this  sawtooth  waveform  will  be  input  to  the  current 
sense  i  nput  for  comparison  to  the  error  voltage  at  the  PWM 
comparator.  This  sawtooth  will  be  used  to  determine  pulse 
width  instead  of  the  actual  primary  current  in  this  method. 


Figure  36.  Current  Mode  PWM  Used  as  a 
Voltage  Mode  PWM 

Compensation  of  the  loop  is  similar  to  that  of  voltage  mode, 
however,  subtle  differences  exist.  Most  of  the  earlier  PWMs 
(15xx)  incorporate  a  transconductance  (current)  type 
amplifier,  and  compensation  is  made  from  the  E/A  output 
to  ground.  Current  mode  PWMs  use  a  low  output  resis- 
tance (voltage)  amplifier  and  are  compensated  accord- 
ingly. For  further  reference  on  topologies  and  compensa- 
tion, consult  "Closing  the  Feedback  Loop"  listed  in  this 
appendix. 


VI.  FULL  DUTY  CYCLE  (100%)  APPLICATIONS 

Many  of  the  higher  power  (>500  watt)  power  supplies 
incorporate  the  use  of  afan  to  provide  cooling  for  the  mag- 
netic components  and  semiconductors.  Other  users  lo- 
cate fans  throughout  a  computer  mainframe,  or  other 
equipment  to  circulate  the  air  and  keep  temperatures  from 
skyrocketing.  In  either  case,  the  power  supply  designer  is 
usually  responsible  for  providing  the  power  and  control. 

The  popularity  of  low  voltage  DC  fans  has  increased 
throughout  the  industry  due  to  the  stringent  agency  safety 
requirements  for  high  voltage  sections  of  the  overall  circuit. 
In  addition,  it's  much  easier  to  satisfy  dual  AC  inputs  and 
frequency  stipulations  with  a  low  cost  DC  fan,  powered  by 
a  semi-regulated  secondary  output. 
The  most  efficient  way  to  regulate  the  fan  motor  speed 
(hence  temperature)  is  with  pulse  width  modulation.  An 
error  signal  proportional  to  temperature  can  be  used  as  the 
control  voltage  to  the  PWM  error  amplifier.  While  nearly  full 
duty  cycle  can  be  easily  attained,  the  circumstances  may 
warrant  full,  or  true  100%  duty  cycle. 

This  condition  is  highly  undesirable  in  a  switch-mode 
power  supply,  therefore  most  PWM  IC  designs  have  gone 
to  great  extent  to  prevent  100%  duty  cycle  from  occurring. 
There  are  simple  ways  to  over-ride  these  safeguards,  how- 
ever. One  method,  presented  below,  "freezes"  the  oscilla- 
tor and  holds  the  PWM  output  in  the  ON,  or  high  state 
when  the  circuit  is  activated.  Feedback  from  the  output  is 
required  to  guarantee  that  the  oscillator  is  stopped  while 
the  output  is  high.  Without  feedback,  the  oscillator  can  be 
nulled  with  the  output  in  either  state. 
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Figure  37.  Full  Duty  Cycle  Implementation 
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VII.  HIGH  EFFICIENCY  START-UP  CIRCUITS 
FOR  BOOTSTRAPPED  POWER  SUPPLIES 

Many  pulse  width  modulator  I.C.s  have  been  optimized  for 
offline  use  by  incorporating  an  under-voltage  lockout  cir- 
cuit. Demanding  only  a  milliamp  or  two  until  start-up,  the 
auxiliary  supply  voltage  (V  aux)  can  be  generated  by  a  sim- 
ple resistor/capacitor  network  from  the  high  voltage  dc  rail 
(+V  dc).  Once  start-up  is  reached,  the  auxiliary  power  is 
supplied  by  means  of  a  "boostrap"  winding  on  the  main 
transformer. 

While  the  start-up  requirements  are  quite  low,  losses  in  the 
resistor  to  the  high  voltage  DC  can  be  significant  in  steady 
state  operation.  This  is  especially  true  for  low  power  ( <  35 
watt)  applications  and  circuits  with  high  voltage  rails  (400 
volts  DC,  for  example).  Once  the  main  converter  is  running, 
switching  the  start-up  resistor  out  of  circuit  would  increase 
efficiency  substantially.  Circuits  have  been  developed  to 
use  either  bipolar  or  MOSFET  transistors  as  the  switch  to 
lower  the  start-up  circuit  power  consumption,  depending 
on  the  application.  Selection  can  be  based  on  optimizing 
circuit  efficiency  (MOSFET)  or  lowest  component  cost 
(bipolar).  The  overall  improvement  in  power  supply  effi- 
ciency suggests  this  circuitry  is  a  practical  enhancement. 

The  high  efficiency  start-up  circuit  shown  in  figure  1  utilizes 
two  NPN  bipolartransistorsto  switch  the  start-up  resistor  in 
and  out  of  circuit.  It  can  be  used  in  a  variety  of  applications 
with  minor  modifications,  and  requires  a  minimum  of  com- 
ponents. Figure  2  displays  a  similar  circuit  utilizing  N 
channel  MOSFET  devices  to  perform  the  switching. 
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Figure  38.  NPN  Switches 
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Theory  of  Operation 

Prior  to  applying  the  high  voltage  DC,  capacitor  C1  is  dis- 
charged; switches  Q1,  Q2  and  the  main  converter  are  off. 
As  the  input  supply  voltage  (Vdc)  rises,  resistors  R1  and  R2 
form  a  low  current  voltage  divider.  The  voltage  developed 
across  R2  rises  accordingly  with  +V  dc  until  switch  Q1 
turns  on,  thus  charging  C1  thru  R  start-up  from  +V  dc.  This 
continues  as  the  UV  lockout  threshold  of  the  I. C.  is  reached 
and  the  main  converter  begins  operation.  Energy  is  deli- 
vered to  C1  from  the  bootstrap  winding  in  addition  to  that 
supplied  through  R  start-up. 

After  several  cycles,  the  auxiliary  voltage  rises  with  the  main 
converters  increasing  pulse  width,  typical  of  a  soft-start  rou- 
tine. Current  flows  through  zener  diode  D1  and  develops  a 
voltage  across  the  Q2's  biasing  resistor,  R3.  Transistor  Q2 
turns  on  when  the  auxiliary  voltage  reaches  V  zener  plus 
Q2's  turn  on  threshold.  As  this  occurs,  transistor  Q1  is 
turned  off,  thus  eliminating  the  start-up  resistor  from  the  cir- 
cuit power  losses.  In  most  applications,  the  auxiliary  vol- 
tage is  optimized  between  12  and  15  volts  for  driving  the 
main  power  MOSFETs,  while  keeping  power  dissipation  in 
the  PWM  IC  low. 

If  the  main  converter  is  shut  down  for  some  reason,  V  aux 
will  decay  until  Q2  turns  off.  Transistor  Q1  then  turns  back 
on,  and  C1  is  charged  through  R  start-up  from  the  high  vol- 
tage DC,  as  during  start-up. 

NOTE:  SEE  DESIGN  NOTE  DN-26  FOR  ADDITIONAL 
CIRCUITS. 

VIII.  CURRENT  MODE 

HALF  BRIDGE  APPLICATIONS 

As  previously  described  (1),  current  mode  control  can 
cause  a  "runaway"  condition  when  used  with  a  "soft"  cen- 
tered primary  power  source.  The  best  example  of  this  is  the 
half  bridge  converter  using  two  storage  capacitors  in  series 
from  the  rectified  line  voltage.  For  110  VAC  operation,  the 
input  is  configured  as  a  voltage  doubler,  and  one  of  the  AC 
inputs  is  tied  directly  to  the  storage  capacitor's  centerpoint. 
This  isconsidered  a  "stiff "  source,  since  the  centerpoint  will 
remain  at  one-half  of  the  developed  voltage  between  the 
upper  and  lower  rail.  However,  during  220  VAC  inputs,  a 
bridge  configuration  is  used  for  the  input  rectifiers,  and  the 
capacitors  are  placed  in  series  with  each  other,  across  the 
bridge.  Their  centerpoint  potential  will  vary  when  different 
amounts  of  charge  are  removed  from  the  capacitors.  This 
is  generally  caused  by  uneven  storage  times  in  the  switch- 
ing transistors  Q1  and  Q2. 
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Figure  41. 

The  centerpoint  voltage  can  be  maintained  at  one-half 
+Vdc  by  the  use  of  a  balancing  technique.  In  normal 
operation,  transistor  Q1  turns  on,  and  the  transformer  pri- 
mary is  placed  across  one  of  the  high  voltage  capacitors, 
C1  for  example.  On  alternate  cycles  the  transformer  pri- 
mary is  across  the  other  cap,  C2.  An  additional  balancing 
winding,  equal  in  number  in  turns  to  the  primary,  is  wound 
on  the  transformer.  It  is  connected  also  to  the  capacitor 
centerpoint  at  one  end  and  thru  diodes  to  each  supply  rail 
at  the  other  end.  The  phasing  is  such  that  it  is  in  series  with 
the  primary  winding  through  the  ON  time  of  either 
transistor  Q1  or  Q2. 
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Figure  42.  Schematic  -  Balancing  Winding 

In  this  configuration,  the  center  point  of  the  high  voltage 
caps  is  forced  to  one-half  of  the  input  DC  voltage  by  nature 
of  the  two  series  windings  of  identical  turns.  Should  the 
midpoint  begin  to  drift,  current  flows  thru  the  balancing 
winding  to  compensate. 
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Figure  44.  Transistor  Q2  On 

In  most  high  frequency  MOSFET  designs,  the  FET  mis- 
matches are  small,  and  the  average  current  in  the  balanc- 
ing winding  is  less  than  50  milliamps.  A  small  diameter  wire 
can  be  wound  next  to  the  larger  sized  primary  for  the 
balancing  winding  with  good  results. 

IX.  PARALLELING  CURRENT  MODE  MODULES 

One  of  the  numerous  advantages  of  current  mode  control 
is  the  ability  to  easily  parallel  several  power  supplies  for  in- 
creased output  power  This  discussion  is  intended  as  a 
primer  course  to  explore  the  basic  implementation 
scheme  and  design  considerations  of  paralleling  the 
power  modules.  Redundant  operation,  failure  modes  and 
their  considerations  are  not  included  in  this  text. 
The  prerequisites  for  parallel  operation  are  few  in  number, 
but  important  to  insure  proper  operation.  First,  each  power 
supply  module  must  be  current  mode  controlled,  and 
capable  of  supplying  its  share  of  the  total  output  power.  All 
modules  must  be  synchronized  together,  and  one  unit  can 
be  designated  as  the  master  for  the  sake  of  simplicity.  All 
remaining  units  will  be  configured  as  slaves. 
The  master  will  perform  one  function  in  addition  to  gen- 
erating the  operating  frequency.  It  provides  a  common 
error  voltage  (Ve)  to  all  modules  as  the  input  to  the  PWM 
comparator.  This  voltage  is  compared  to  the  individual 
module's  primary  current  at  its  PWM  comparator.  The 
slaves  are  utilized  with  their  error  amplifier  configured  in 
unity  gain.  Assume  there  are  identical  primary  current 
sense  resistors  in  each  module,  and  no  internal  offsets  in 
the  ICs  amplifiers  or  other  circuit  components.  In  this  case, 
the  output  voltages  and  currents  of  each  module  would  be 
identical,  and  the  load  would  be  shared  equally  among  the 
modules. 
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Figure  45.  PWM  Diagram 
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Figure  43.  Transistor  Q1  On 
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In  reality,  small  offets  of  ±  10  millivolts  exist  in  each  PWM 
amplifier  and  comparator.  As  the  common  error  voltage, 
(Ve)  traverses  through  the  IC's  circuitry,  its  accuracy  de- 
creases by  the  number  and  quality  of  gates  in  its  path.  The 
maximum  error  occurs  at  the  lowest  common  mode  ampli- 
fier voltage,  approximately  1  volt.  The  ±20  millivolt  offset 
represents  a  ±  2%  error  at  the  PWM  comparator.  At  higher 
common  mode  voltages,  typical  of  full  load  conditions,  the 
error  voltage  (Ve)  is  closer  to  its  maximum  of  4  volts.  Here 
the  same  ±20  millivolts  introduces  only  ±0.5%  error  to  the 
signal. 

The  other  input  to  the  PWM  comparator,  Vr,  is  the  voltage 
developed  by  the  primary  current  flowing  through  the  cur- 
rent sense  resistor(s).  In  many  applications,  a5% tolerance 
resistor  is  utilized  resulting  in  a  ±5%  error  at  the  PWM 
comparator's  "current  sense"  or  ramp  input. 

Pulse  width  is  determined  by  comparing  the  error  voltage 
(Ve)  with  the  current  sense  voltage,  (Vr).  When  equal,  the 
primary  current  is  therefore  the  error  voltage  divided  by  the 
current  sense  resistance;  Ip  =  Ve/Rs.  Output  current  is 
related  to  the  primary  current  by  the  turns  ratio  (N)  of  the 
transformer.  Sharing  of  the  load,  or  total  output  current  is 
directly  proportional  to  the  sharing  of  the  total  primary  cur- 
rent. The  previous  equations  and  values  can  be  used  to 
determine  the  percentage  of  sharing  between  modules. 


Primary  current,  Ip  =  Ve/Rs.  Introducing  the  tolerances, 
Ip'  =  Ve  (±2%) /Rs  (±5%);  therefore  Ip'  =  lp(±7%) 
The  primary  currents  (hence  output  currents)  will  share 
within  ±  seven  percent  (7%)  of  nominal  using  a  five  per- 
cent sense  resistor.  Clearly,  the  major  contribution  is  from 
the  current  sense  circuitry,  and  the  PWM  IC  offsets  are 
minimal.  Balancing  can  be  improved  by  switching  to  a 
tighter  tolerance  resistor  in  the  current  sense  circuitry. 

The  control-to-output  gain  (K)  decreases  with  increasing 
load.  At  high  loads,  when  primary  currents  are  high,  so  is 
the  error  amplifier  output  voltage,  (Ve).  With  a  typical  value 
of  four  volts,  the  effects  of  the  offset  voltages  are  minimized. 
This  helps  to  promote  equal  sharing  of  the  load  at  full 
power,  which  is  the  intent  behind  paralleling  several 
modules. 

For  demonstration  purposes,  four  current  mode  push-pull 
power  supplies  were  run  in  parallel  at  full  power.  The  pri- 
mary current  of  each  was  measured  (lower  traces)  and 
compared  to  a  precision  1  volt  reference  (uppertrace).  The 
voltage  differential  between  traces  is  displayed  in  the 
upper  right  hand  corner  of  the  photos.  Using  closely 
matched  sense  resistors,  the  peak  primary  currents  varied 
from  a  low  of  2.230A  to  2.299  amps.  Calculating  a  mean 
value  of  2.270  amps,  the  individual  primary  currents 
shared  within  two  percent,  indicative  of  the  sense  resistor 
tolerances. 
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Figure  46.  Primary  Currents  -  Parallel  Operation 
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Other  factors  contributing  to  mismatch  of  output  power  are 
the  individual  power  supply  diode  voltage  drops.  The  out- 
put choke  inductance  reflects  back  to  the  primary  current 
sense,  and  any  tolerances  associated  with  it  will  alter  the 
primary  current  slope,  hence  current.  In  the  control  sec- 
tion, the  peak-to-peak  voltage  swing  at  the  timing  capacitor 
Ct  effects  the  amount  of  slope  compensation  introduced, 
along  with  the  tolerance  of  the  summing  resistor.  These 
must  all  be  accounted  for  to  calculate  the  actual  worst  case 
current  sharing  capability  of  the  circuit. 


Top  Trace: 
Ve:  Error  Voltage 
with  Noise 


Lower  Trace: 
Vr:  Primary 
Current 


Cables  should  be  of  equal  length,  originating  at  the 
master  and  routed  away  from  any  noise  sources,  like  the 
high  voltage  switching  section.  All  input  and  output  power 
leads  should  be  exactly  the  same  length  and  wire  gauge, 
connected  together  at  ONE  single  point.  Leads  should  be 
treated  as  resistors  in  series  with  the  load,  and  deviations 
in  length  will  result  in  different  currents  delivered  from  each 
module. 
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Figure  48. 


Figure  47.  Noise  Modulating  Ve 


Proper  layout  of  all  interconnecting  wires  is  required  to 
insure  optimum  performance.  Shielded  coax  cable  is 
recommended  for  distributing  the  error  voltage  among  the 
modules.  Any  noise  on  this  line  will  demonstrate  its  impact 
at  the  PWM  comparator,  resulting  in  poor  load  sharing,  or 
jitter. 
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A  HIGH  PRECISION  PWM  TRANSCONDUCTANCE  AMPLIFIER 
FOR  MICROSTEPPING  USING  UNITRODE'S  UC3637 

INTRODUCTION 


If  you  ask  a  designer  why  he  has  chosen  a  stepping  mo- 
tor for  a  given  application,  chances  are  that  his  answer 
will  include  something  about  "open  loop  positioning." 
Stepping  motors  can  provide  accurate  positioning  without 
expensive  position  sensors  and  feedback  loops,  and  this 
fact  alone  results  in  large  savings. 

But  there  is  more:  steppers  are  tough  and  durable,  easy 
to  use,  and  high  in  power  rate.  And  if  you  want  to  close  a 
feedback  loop  around  them,  you  can  do  that,  too. 

Still,  there  are  certain  problems.  Steppers  are  incremental 
motion  machines,  and  as  such  they  tend  to  be  noisy  and 


are  prone  to  behave  erratically  under  certain  conditions; 
for  example,  when  the  stepping  rate  is  such  as  to  excite  a 
mechnical  or  electro-mechanical  resonant  mode.  Further- 
more, although  the  angular  increments  may  be  small — es- 
pecially when  half-stepping  is  used— the  positioning  reso- 
lution is  restricted  to  a  finite  number  of  discrete  points. 

Therefore,  this  question  arises:  "Is  there  a  method  of  driv- 
ing stepping  motors  such  that  the  resulting  movement  is 
smooth  and  quiet— that  is,  essentially  continuous,  as  op- 
posed to  incremental?  And  would  this  result  in  improved 
positioning  resolution?"  We  will  try  to  answer  these  ques- 
tions here. 


.  HOLDING  TORQUE  AND  DETENT  TORQUE 
.  TORQUE  DUE  TO  THE  CURRENT 


SINUDOIDAL  HOLDING  TORQUE 


MODEL  P750 


Figure  1.  Static  Torque  Curves  of  Two  Hybird  Steppers 
STATIC  TORQUE  CURVES 


The  curves  in  Figure  1  illustrate  how  a  stepping  motor 
torque  behaves  as  a  function  of  rotor  angle.  The  detent 
torque  component  is  a  consequence  of  the  magnetic  field 
produced  by  the  rotor  magnet  (or  magnets),  and  is  pres- 
ent with  or  without  phase  currents  applied.  It  can  be  seen 
that  this  component  contributes  a  fourth  harmonic  distor- 
tion to  the  static  torque  curves.  The  energized  torque 
curves,  in  general,  have  additional  harmonic  components, 
mostly  the  third  and  fifth.  Note  that  the  two  motors  depict- 


ed in  Figure  1  have  very  different  characteristics  in  this  re- 
spect. The  distortion  observed  in  the  static  torque  charac- 
teristic is  of  no  great  consequence  in  the  more  usual  ap- 
plications of  stepping  motors,  using  either  full  step  or  half 
step  sequences.  It  is  when  we  start  thinking  about  in- 
creasing the  positioning  resolution  of  these  motors  by 
some  method  of  apportioning  currents  between  the  two 
phases,  that  we  begin  to  be  concerned  about  the  effects 
of  harmonic  distortion.  Even  small  amounts  of  added  har- 
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monies  can  have  a  very  noticeable  effect  on  the  wave- 
shape, as  shown  in  Figure  2. 
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Figure  2.  Effect  of  10%  and  20%  Harmonic  Content 

Figure  3  shows  the  relationship  between  sine  and  cosine 
waveforms,  and  what  it  tells  us  is  that  if  we  can  get  a  mo- 
tor with  a  sinusoidal  static  torque  characteristic — i.e.,  with 
no  harmonic  components — and  drive  phase  A  with  a  sine 
current  function  and  phase  B  with  a  cosine  current  func- 
tion, we  would  have  smooth  shaft  rotation  and  accurate 
positioning  at  any  angle. 


Stepping  motors  having  static  torque  curves  with  very  low 
harmonic  distortion  are  commercially  available  today.  But 
most  low-priced,  mass  produced  hybrid  steppers  exhibit 
torque  curves  with  enough  harmonic  components  to  re- 
quire careful  consideration  in  any  attempt  to  improve  reso- 
lution by  what  is  known  as  microstepping.  (The  name  mi- 
crostepping  originates  from  the  fact  that  the  required  cur- 
rent waveforms  are  generated  by  a  digital  process  that 
aproximates  those  waveforms  incrementally.  With  thirty- 
two  or  sixty-four  increments  for  an  electical  angle  of  ir/2 
radians,  the  resulting  waveforms  are  hardly  distinguishable 
from  true  sine  or  cosine  signals.) 

If  the  nonsinusoidal  static  characteristic  of  a  given  motor 
is  known,  it  is  possible  to  generate  appropriate  wave- 
shapes for  the  phase  currents  so  that  the  resulting  torque 
curve  becomes  free  of  distortion,  as  required.  Note  that 
this  involves  no  additional  complexities,  since  it  is  just  as 
easy — or  difficult — to  synthesize  one  waveform  as  anoth- 
er. Consequently,  one  can,  in  principle,  linearize  any  mo- 
tor for  increased  resolution  and  smoothness  through  mi- 
crostepping. 

Still,  it  should  be  noted  that  the  best  efficiency  is  obtained 
when  the  phase  current  waveshapes  are  undistorted,  be- 
cause of  all  suitable  waveforms,  the  sine  wave  has  the 
lowest  form-factor. 
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Figure  3.  The  sum  of  sine  and  cosine  waveforms  is  a  smoothly  rotating  vector. 
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The  form-factor  of  a  waveform  is  the  ratio  if  its  rms  to  av- 
erage values.  For  a  sine  wave,  this  ratio  is: 

0.707 

(1)f,S  =  b^7  =  1-111 

Some  manufacturers  have  used  triangular  waveforms — 
largely  because  they  can  be  implemented  with  great  sim- 
plicity— and  it  is  interesting  to  note  that  for  such  a  wave- 
form, the  average  value  is  0.5  Vp«,  while  the  rms  is  0.577 
Vpi<.  Thus  the  form  factor  is: 


(2)  ffT 


0.577 
0.5 


=  1.155 


As  a  consequence,  for  the  same  peak  power  applied  to 
the  motor,  the  rms  power  of  a  triangular  waveform  is  18% 
less  than  that  of  a  sine  wave,  whereas  the  average  cur- 
rent is  21  %  less.  It  follows  that  microstepping  with  a  trian- 
gular waveform  does  not  use  the  full  capabilities  of  the 
motor. 

The  same  result  is  obtained  with  other-waveforms,  as  long 
as  the  peak  power  is  limited,  as  it  must  be. 

But  regardless  of  all  this,  the  fact  remains  that  whether 
our  motor  has  a  sinusoidal  torque  curve  or  a  very  distort- 
ed one,  the  thing  that  will  be  inevitably  required  will  be 
two  amplifiers  capable  of  converting  the  synthesized 
waveform  into  phase  currents  at  the  required  power  lev- 
els. In  the  next  section,  we  will  describe  the  design  of  one 
such  amplifier,  having  a  transconductance  linearity  of  bet- 
ter than  1  %  and  capable  of  delivering  phase  currents  of 
up  to  +  6A. 

UNITRODE'S  UC3637  PWM  CONTROLLER 

Pulse  width  modulation  (PWM)  is  a  method  of  power  con- 
trol whose  most  attractive  feature  is  the  high  level  of  effi- 
ciency that  can  be  obtained.  With  careful  design,  and  us- 
ing power  MOSFETs  as  output  switches,  one  can  easily 
achieve  efficiencies  higher  than  80%. 

The  Unitrode  UC3637  PWM  controller,  housed  in  an  eigh- 
teen-pin  DIL  package,  was  originally  intended  to  serve  as 
a  PWM  amplifier  for  brush-type  PM  servomotors.  But,  be- 
cause of  its  ingenious  design,  the  device  has  found  its 
way  into  various  other  uses  as  well,  such  as  temperature 
control,  uninterruptible  power  supplies,  and  even  high  fi- 
delity sound  reproduction.  As  we  shall  see,  it  can  also  be 
used  in  a  high  performance  PWM  transconductance  am- 
plifier. 


BLOCK  DIAGRAM  AND  LOOP  EQUATIONS 

A  block  diagram  of  the  current  feedback  loop  under  con- 
sideration is  shown  in  Figure  4,  where  the  UC3637  is  seen 
to  contain  the  high-gain  error  amplifier  and  the  main  ingre- 


dients of  the  PWM  amplifier.  Since  we  are  looking  for  an 
output  of  6A,  an  H-bridge  power  stage  must  be  added. 
The  motor  current  Im  is  sensed  by  means  of  a  low  value 
resistor  Rs,  and  the  derived  voltage  Vq  is  used  to  com- 
plete the  feedback  loop.  Not  shown  in  the  block  diagram 
is  the  back-EMF  voltage,  the  product  of  motor  shaft 
speed  and  Ky,  the  motor  speed  constant.  Since  this  term 
does  not  contribute  to  the  dynamics  of  the  current  feed- 
back loop,  it  has  purposely  been  left  out. 
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Figure  4.  Block  Diagram  of  the  Complete  Current- 
Control  Loop 

The  transfer  functions  of  the  error  amplifier  and  motor  are 
as  follows: 

Vo  =  _  1  +  sRC 
jj  '  Vc  sRiC 

(4)M  =   1  

VB     RM(1  +  sTm) 

where  Tm  =  Lm/Rm,  the  motor's  electrical  time-constant 
(Rs  is  assumed  to  be  low  compared  with  Rm).  The  for- 
ward transfer  function  is,  then: 


(5)  G  (s)  = 


-KAKB(1  +  sRC) 


sR^On  +sTm) 
For  the  feedback  transfer  functions,  we  have  simply: 

(6)  H  (s)  =  ^  =  KC 

Thus,  for  the  closed  loop, 

m  JM  =  KA  KB  (1  +  sRC)  

V!N     KAKBKC(1  +sRC)  +  sRiRMC(1  +  sTm) 
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If  we  make  the  time-constant  RC  equal  to  the  motor's 
time-constant  T^,  this  becomes: 


where, 
(10)  T,  ■ 


KAKB 


KAKBKC  +  sFHRmC 
1 


KC(1  +  ST,) 


RjRMC  _  R^m 
KAKBKC  KAKBKCR 


By  making  RC  =  T^,  we  have  eliminated  one  of  the 
transfer  function  poles.  The  resulting  closed-loop  re- 
sponse, described  by  (7)  has  a  gain  of  1/Kc  from  a>  =  0 
to  o)  =  1/T|,  and  drops  at  -6  bd/octave  thereafter. 

DESIGNING  THE  HARDWARE 

In  designing  circuits  intended  to  handle  power,  it  is  cus- 
tomary to  start  with  the  output  stage.  This  is  surely  due  to 
the  fact  that  the  power  stage  is  more  demanding  of  the 
designer's  attention  and  care,  whereas  the  low  level  cir- 
cuits are  far  more  adaptable  to  the  requirements  of  the 
chosen  output  configuration. 

In  the  present  case,  power  MOSFETs  were  chosen  for 
the  H-bridge  because  of  their  low  losses,  and  because  of 
their  compatibility  with  the  UC3637  outputs.  Each  totem- 
pole  leg  of  the  bridge  is  made  up  of  one  N-channel  and 
one  P-channel  device.  Such  a  pair  can  be  driven  in  many 
different  ways,  of  which  several  were  considered  for  this 
particular  design.  The  method  that  was  finally  chosen, 
shown  in  Figure  5,  requires  a  few  comments. 
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Figure  5.  Totem-Pole  Leg  of  Output  H-Bridge 


The  first  thing  to  notice  is  that  the  upper  MOSFET,  tran- 
sistor QP,  has  its  gate  driven  through  a  capacitor,  Ci .  This 
is  not  always  practical  of  course,  but  in  the  case  of  a 
chopper  drive  combined  with  a  stepping  motor,  it  turns  out 
that  a  driving  signal  is  always  present.  At  stand-still  and  at 
low  speeds,  it  is  the  chopping  rate  that  appears;  at  higher 
speeds,  it  is  the  stepping  rate  itself,  or  both.  The  driver  is 
never  required  to  deliver  continuous  DC  (unchopped)  to 
the  motor  winding,  as  it  would  to  the  armature  of  a  brush- 
type  DC  motor  at  full  speed.  Consequently,  QP  never 
needs  to  be  held  in  the  ON  state  for  more  than  a  few  mi- 
croseconds, and  for  this  the  time  constant  of  C1  R4  is  ad- 
equate. Also,  resistor  Ra  in  parallel  with  CR-|,  together 
with  the  gate  capacitance  of  QN,  cause  this  transistor  to 
turn  off  faster  than  it  turns  ON.  Since  the  same  thing  is 
done  for  QP,  the  problem  of  cross-conduction  is  neatly 
taken  care  of.  The  Zener  diode  CR3  serves  as  a  clamp 
for  the  QP  gate  voltage.  Finally,  an  inhibiting  line,  INH,  is 
provided  as  a  protection  for  QP  and  QN  during  the  power 
turn-on  time,  when  the  +Vm  voltage  is  rising  and  C1  must 
be  charged.  An  auxiliary  circuit  senses  a  positive  dV^/dt 
and  holds  the  INH  line  low,  thus  keeping  QN  OFF  during 
this  time. 

An  important  point  in  favor  of  this  arrangement  is  that  the 
gate-drive  circuit  losses  are  independent  of  Vm  and  so 
this  voltage  can  be  set  anywhere  within  the  Vds  rating  of 
the  power  MOSFETs. 

We  can  now  consider  the  H-bridge  with  its  motor  winding  jjj 
load,  as  shown  in  Figure  6.  The  bridge  is  shown  schemati-  |— 
cally  with  its  driving  circuits,  but  the  action  is  still  as  § 
shown  in  Figure  5.  For  example,  when  Vin  is  high,  switch 
S1  is  OFF  and  S3  is  ON,  and  so  forth.  Furthermore,  the  Z 
opposite  side  of  the  bridge  is  driven  by  the  complementa-  — 
ry  signal  Vin.  With  V|n  low,  S1  and  S4  will  be  conducting,  ^ 
and  the  load  current  Im  will  increase  in  the  positive  direc-  U 
tion  (indicated  by  the  +  Im  arrow).  Similarly,  when  Vin  is  -I 
high,  both  S2  and  S3  conduct,  causing      to  increase  in  J 
the  negative  direction.  Remember  that  the  load  is  indue-  < 
tive,  and  that  inductance  is  an  energy  storing  element. 
Therefore,  if  we  have  some  positive  Im,  due  to  S1  and  S4 
being  closed,  and  we  switch  to  S2  and  S3  closed,  the 
previous  value  of  Im  will  continue  to  flow  "uphill,"  so  to 
speak,  while  decreasing.  At  the  time  of  switching,  this  cur- 
rent ceases  to  flow  down  through  sense  resistor  R§4  to 
ground  and  starts  flowing  up  through  Rs3  and  back  to  the 
supply. 

Switches  S1  through  S4  are  able  to  conduct  in  either  di- 
rection when  in  the  ON  state — a  very  neat  feature  of  pow- 
er MOSFETs.  Furthermore,  their  intrinsic  diode  protects 
the  devices  from  reverse  voltage  pulses  during  the  switch- 
ing no-overlap  transition.  Since  we  wish  to  control  this 
current  very  closely  in  both  magnitude  and  direction,  it  is 
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Figure  6.  H-Bridge  Configuration  with  Bidirectional  Current  Sensing 


now  necessary  to  generate  a  voltage  Vc  that  gives  an  ac- 
curate indication  of  the  current  Im  over  the  full  range  from 
maximum  positive  to  maximum  negative.  This  is  done  by 
the  circuit  section  of  Figure  6  which  includes  the  op-amp 
At. 

In  that  circuit,  the  voltage  Vos  is  meant  to  offset  the  out- 
put Vq  of  A1  to  some  chosen  value  that  will  correspond 
to  Im  =  0.  The  value  of  Vc  can  be  written  as: 

(11)VC  =  VCS+  nlMRs 

This  offset  is  necessary  when  the  design  requires  a  single 
polarity  supply,  as  in  our  case.  When  two  supply  polarities 
are  available  for  the  control  circuit,  one  can  simply  make 
Vos  =  °-  F°r  tne  single  supply  case,  the  nR  and  Vos 
combination  is  implemented  by  a  simple  resistor  divider 
from  ±Vcc  to  ground  (a  Thevenin  equivalent)  of  the  re- 
quired impedance  and  open  voltage. 

To  keep  the  circuit  losses  to  a  minimum,  we  should  use 
low  values  for  the  sense  resistors  Rs3  and  Rs4-  Yet,  they 
need  to  be  accurate  and  temperature-stable.  In  our  case, 
having  decided  on  a  Vc  scale  of  0.5V  per  motor  ampere, 
we  have  selected  Rs  =  0.1  n  and  a  current  sense  amplifi- 
er gain  n  =  5.  We  have  also  set  Vos  =  Vcc'2  =  7.5V, 
so  that  we  will  have  Vq  =  7.5  +  0.5  l^.  This  means  that 
as  the  current  l^  varies  from  +6A  to  —  6A,  the  analog 
voltage  Vc  will  vary  from  +  10.5V  to  +4.5V.  At  lM  =  0, 
Vc  will  be  equal  to  7.5V. 


SETTING  UP  THE  PWM  CONTROLLER 

Having  designed  the  power  output  stage  (H-bridge)  and 
the  current-sense  circuit,  we  can  proceed  to  the  PWM 
controller  (UC3637)  and  its  external  components.  The  de- 
vice itself  has  been  described  in  great  detail  in  its  data 
sheet  and  in  an  application  note  (Publication  U-102,  avail- 
able from  Unitrode  Integrated  Circuits  Corporation). 

In  the  present  design,  we  use  the  UC3637  to  generate  the 
two  H-bridge  driving  signals  Vin  and  V|N,  at  the  device's 
output  pins  7  and  4,  respectively. 

Figure  7  shows  in  block  form  the  internal  workings  of  the 
device.  Since  operation  from  a  single  + 1 5V  supply  is  de- 
sired, pin  5  will  be  GROUND  and  pin  6  will  be  +  15V.  We 
selected,  for  the  ramp  oscillator,  a  waveform  as  shown  in 
Figure  8,  which  fits  well  in  the  + 1 5V  headroom  given  by 
our  Vcc  supply.  The  formulas  given  in  Figure  8  show  how 
the  various  components  are  calculated. 

Next,  we  set  up  the  two  PWM  comparators  by  tying  the 
inverting  inputs  (pin  10)  of  the  A  comparator,  and  the  non- 
inverting  input  (pin  8)  of  the  B  comparator  together  and 
apply  the  ramp  (pin  2)  to  this  line.  The  remaining  compar- 
ator inputs  (pins  9  and  11)  are  next  connected  together  to 
become  the  PWM  input  point.  It  can  be  seen  from  the 
block  diagram  of  Figure  7  that  as  the  control  voltage  ap- 
plied to  this  point  varies  from  +5V  to  +10V,  the  duty  cy- 
cle of  the  output  at  pins  4  and  7  also  varies.  V4  and  V7 
are  complementary  signals;  and  the  voltage  swing  of  each 
of  these  signals  is  from  a  low  value  between  0V  and 
+  2V,  and  a  high  value  between  (Vcc  ~  2V)  and  Vcc- 


3-128 


APPLICATION  NOTE 


U-112 


+ain[1  |u] 


IsetLH — ~*  1 

♦vTH|T]-l-[^  0 


cT[D- 


UNDER- 
VOLTAGE 
LOCKOUT 


I— 

-vTH[I] — 

-e/a[sJ- 
+e/a[s]- 


7- 


o 


ERROR 


Q  S 


SHUTDOWN 


e/a  output  [9] 


200  mV 


7.  Block  Diagram  of  the  UC3637.  The  two  outputs  can  drive  power  MOSFETs  directly. 
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Figure  9.  PWM  Transconductance  Amplifier  UC3637 


The  error  amplifier  is  used  as  a  source  for  the  control  sig- 
nal. But  because  its  output  (pin  17)  has  a  voltage  range 
greater  than  the  +  5V  to  + 1 0  V  range  of  the  Vc  ramp  sig- 
nal, and  we  want  to  prevent  the  modulation  range  from 
ever  reaching  0%  or  100%  (because  of  the  capacitively 
coupled  P-channel  MOSFET  devices)  we  add  a  simple  re- 
sistive network  consisting  of  three  equal  resistors  to  serve 
as  an  attenuator.  The  final  result  can  be  seen  in  the  com- 
plete schematic  of  Figure  9. 

CURRENT  LIMIT  AND  CONTROL 

The  current  limit  feature  of  the  UC3637  is  used  to  protect 
the  output  transistors  and  motor  from  excessive  current 
(6A  in  this  case).  As  the  block  diagram  of  Figure  7  shows, 
the  current  limit  comparator  (pins  12  and  13)  of  the 
UC3637  is  internally  biased  to  a  threshold  of  200  mV.  The 
network  that  connects  the  two  sense  resistors  to  pin  12, 
consisting  of  two  1K  and  one  330n  resistors,  causes  a 
voltage  of  200  mV  to  appear  at  pin  12  when  the  voltage 
at  either  sense  resistor  is  about  1V,  corresponding  to  a 


current  of  10A.  Consequently,  the  maximum  output  cur- 
rent will  be  limited  to  10A.  The  current  feedback  loop  is 
closed  by  feeding  the  output  of  the  current  sense  amplifier 
to  pin  16,  the  inverting  input  of  the  error  amplifier  of  the 
UC3637.  An  RC  time  constant  of  3.6  msec  is  used  for  the 
zero  in  this  amplifier's  transfer  function  (equations  8,  9, 
and  1 0)  which  is  close  to  the  effective  electrical  time  con- 
stant of  the  motor.  Also,  a  level-shift  circuit  is  provided  by 
means  of  op  amp  A2  to  permit  the  use  of  a  control  input 
centered  at  zero  volts,  and  a  control  range  from  -6A  to 
+  6A.  The  circuit  allows  this  even  though  the  op  amp  is 
powered  by  a  single  positive  supply. 

TEST  RESULTS 

The  design  circuit,  shown  in  Figure  9,  was  breadboarded 
for  testing  at  Unitrode  and  also  at  Portescap.  The  assem- 
bly includes  two  amplifiers,  one  for  each  motor  phase  and 
a  "power  on"  auxiliary  circuit  for  protection  of  the  power 
MOSFETs.  The  output  devices  are  equipped  with  small 
sheet  metal  heat  sinks. 
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The  circuit  draws  about  65  mA  from  the  +15V  supply. 
The  power  output  section  operates  with  a  supply  ranging 
from  +20V  to  +60V,  with  no  damage  occurring  if  this 
voltage  is  lower  than  +20V. 

The  circuit  performed  very  well,  with  excellent  linearity  and 
phase  matching.  The  various  plots  taken,  showing  output 
current  versus  input  voltage,  are  quite  straight,  and  the 
transconductance  is  accurate  to  within  1%,  Further- 
more, the  PWM  frequency  was  subsequently  increased  to 
slightly  above  100  KHz  (by  reducing  Cj)  and  the  perform- 
ance re-checked.  The  result  was  a  marked  increase  in 
motor  efficiency,  due  to  reduced  current  ripple,  with  all 
other  results  remaining  excellent. 


CONCLUSION 

Microstepping  is  a  technique  of  considerable  interest  in 
the  design  of  many  products,  particularly  those  in  which 
the  lower  cost  of  open-loop  positioning  is  an  essential  pa- 
rameter. A  motor  such  as  Portescap's  Model  P-750,  with 
its  accurately  sinusoidal  torque  curve,  becomes  even 
more  attractive  once  its  microstepping  driver  is  shown  to 
be  fairly  simple  and  inexpensive.  The  end  result  is  not 
only  precise  open  loop  positioning,  but  quiet  operation, 
freedom  from  resonance  problems,  and  excellent  electri- 
cal efficiency.  Incidentally,  the  motor  is  available  with  two 
quadrature  speed  sensing  coils  that  can  be  used  for 
speed  and  position  control,  if  desired. 
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DESIGN  NOTES  ON  PRECISION  PHASE  LOCKED  SPEED 
CONTROL  FOR  DC  MOTORS 


ABSTRACT 

There  are  a  number  of  high  volume  applications  for  DC 
motors  that  require  precision  control  of  the  motor's  speed. 
Phase  locked  loop  techniques  are  well  suited  to  provide 
this  control  by  phase  locking  the  motor  to  a  stable  and 
accurate  reference  frequency.  In  this  paper,  the  small  sig- 
nal characteristics,  and  several  large  signal  effects,  of 
these  loops  are  considered.  Models  are  given  for  the  loop 
with  design  equations  for  determining  loop  bandwidth  and 
stability.  Both  voltage  and  current  motor  drive  schemes 
are  addressed.  The  design  of  a  loop  for  a  three  phase 
brushless  motor  is  presented. 

PHASE  LOCKING  GIVES  PRECISION  SPEED 
CONTROL 

The  precise  control  of  motor  speed  is  a  critical  function  in 
today's  disc  drives.  Other  data  storage  equipment,  includ- 
ing 9  track  tape  drives,  precision  recording  equipment, 
and  optical  disc  systems  also  require  motor  speed  control. 
As  the  storage  density  requirements  increase  for  these 
media,  so  does  the  precision  required  in  controlling  the 
speed  of  the  media  past  the  read/write  mechanism.  One 
of  the  best  methods  for  achieving  speed  control  of  a  mo- 
tor is  to  employ  a  phase  locked  loop. 

With  a  phase  locked  loop,  a  motor's  speed  is  controlled 
by  forcing  it  to  track  a  reference  frequency.  The  reference 
input  to  the  phase  locked  loop  can  be  derived  from  a  pre- 
cision crystal  controlled  source,  or  any  frequency  source 
with  the  required  stability  and  accuracy.  A  block  diagram 
of  the  phase  locked  loop  is  shown  in  Figure  1 . 
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In  Figure  1,  a  precision  crystal  oscillator's  frequency  is 
digitally  divided  down  to  provide  a  fixed  reference  frequen- 
cy. Alternatively,  the  motor  could  be  forced  to  track  a  vari- 
able frequency  source  with  zero  frequency  error.  The  mo- 
tor speed  is  sensed  by  either  a  separate  speed  winding 
or,  particularly  in  the  case  of  the  DC  brushless  motor,  a 
Hall  effect  device.  The  two  signals,  motor  speed  and  ref- 
erence frequency,  are  inputs  to  a  phase  detector.  The  de- 
tector output  is  a  voltage  signal  that  is  a  function  of  the 
phase  error  between  the  two  inputs.  The  transfer  function 
of  the  phase  detector,  K,),,  is  expressed  in  volts/radian.  A 
1  /s  multiplier  accounts  for  the  conversion  of  frequency  to 
phase,  since  phase  is  the  time  integral  of  frequency. 

Following  the  phase  detector  is  the  loop  filter.  This  block 
contains  the  required  gain  and  filtering  to  set  the  loop's 
overall  bandwidth  and  meet  the  necessary  stability  criteria. 
The  output  of  the  loop  filter  is  the  control  input  to  the  mo- 
tor drive.  Depending  on  the  type  of  drive  used,  voltage  or 
current,  the  driver  will  have  respectively,  a  Vout/Vin 
transfer  characteristic,  or  an  Iout/vin  transconductance. 

At  first  glance,  it  seems  that  the  motor  has  simply  re- 
placed the  Vqo  (voltage  controlled  oscillator),  in  the  clas- 
sic phase  locked  loop.  In  fact,  it  is  a  little  more  complicat- 
ed. The  mechanical  and  electrical  time  constants  of  the 
motor  come  into  play,  making  the  transfer  function  of  the 
motor  more  than  just  a  voltage-in,  frequency-out  block.  In 
order  to  analyze  the  loop's  small  and  large  signal  behav- 
ior it  is  essential  to  have  an  equivalent  electrical  model  for 
the  motor. 

A  SIMPLE  ELECTRICAL  MODEL  FOR  A  DC 
MOTOR 

Figure  2  is  an  electrical  representation  of  a  DC  motor.  The 
terms  used  are  defined  here: 

Lm  Motor  winding  inductance  in  henrys 

Rm  Motor  winding  resistance  in  fts 

J     Total  moment  of  inertia  of  the  motor  in  Nm-sec2 

(Note:  1  Nm  =  141.6  oz-in) 
Kj  Motor  torque  constant  in  Nm/Amp 
Kv  Voltage  constant  (back  EMF)  of  motor  in  voltage- 

sec/rad 

(Note:  Kv  =  KT  in  SI  units) 
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MOTOR  SPEED 
(RAD/SEC) 


SPEED  INDICATOR  _ 
OUTPUT (RAD/SEC) 


*N  =  Number  of  speed  sense 

cycles  per  motor  revolution 
Figure  2.  This  simple  electrical  model  is  useful  for  determining  the 

small  and  large  signal  characteristics  of  the  motor. 

Capacitor,  Cm  is  used  to  model  the  mechanical  energy 

storage  of  the  motor. 

In  this  model  the  winding  inductance  and  resistance  ele- 
ments correlate  directly  with  the  corresponding  physical 
parameters  of  the  motor,  with  values  taken  directly  off  the 
manufacturer's  data  sheet.  The  capacitor,  Cm,  models  the 
mechanical  energy  storage  of  the  motor.  Current  into  the 
capacitor  equates,  via  motor  constant  Kj,  to  motor  torque, 
and  the  voltage  across  the  capacitor  is  equal  to  the  motor 
back  EMF.  The  back  EMF  voltage  equates  to  motor  ve- 
locity through  the  inverse  of  Kv.  In  the  model,  the  term  N 
is  simply  a  multiplier  equal  to  the  number  of  feedback  cy- 
cles obtained  per  revolution  of  the  motor.  For  example,  in 
a  4  pole  brushless  DC  motor  the  commutation  Hall  effect 
device  outputs  will  be  at  twice  the  rotational  frequency  of 
the  motor,  making  N  equal  to  2. 

The  equation  for  the  capacitor,  given  in  Figure  2,  has  the 
units  of  Farads  if  J  and  Kj  are  expressed  in  SI  units.  In 
modeling  the  overall  transfer  characteristic,  it  is  important 
that  the  moment  of  inertia  of  the  load  on  the  motor  be 
added  to  the  moment  of  inertia  of  the  motor  itself. 

It  is  worthwhile  to  note  that  the  current  into  the  motor,  mi- 
nus idling  current,  is  proportional  to  acceleration  of  the 
motor.  This  is  easily  seen  from  the  model  by  realizing  that 
the  time  derivative  of  the  capacitor  voltage  relates  directly 
to  acceleration.  The  effects  of  loads  on  the  motor  can  be 
modeled  by  including  a  current  source  across  the  capaci- 
tor for  constant  torque  loads,  or  a  resistor  for  loads  that 
are  linearly  proportional  to  motor  speed. 

TRANSFER  FUNCTIONS  FOR  VOLTAGE  AND 
CURRENT  DRIVEN  MOTORS 

Using  the  electrical  model,  the  small  signal  transfer  func- 
tion of  the  motor  is  easily  derived.  Equations  1a  and  1b 
give  the  small  signal  frequency  response  for  both  the  cur- 
rent and  voltage  driven  cases  re 


1a) 


1b) 


N  x  <oM(s)  =  N_ 
iM(s)  KV 

N  x  wM(s)  _  N 


,  1 
sCM 


vm(s) 


KV     1  +  sCMRM  +  S2  LMCM 


The  transfer  function  given  in  equation  (1a)  describes  the 
small  signal  response  of  motor  speed,  o>m(s),  to  changes 
in  the  drive  current.  Equation  (1b)  relates  the  dependence 
of  motor  speed  to  motor  drive  voltage. 

The  small  signal  response  of  the  motor  for  the  current 
driven  case  has  a  DC  pole  that  results  from  the  relation- 
ship of  motor  torque  to  velocity,  that  is,  motor  velocity  is 
proportional  to  the  integral  of  motor  torque  over  time.  In 
the  current  driven  motor  neither  the  winding  resistance 
nor  inductance  appear  in  the  transfer  function.  This  is  be- 
cause these  elements  are  in  series  with  the  current 
source  output  of  the  driver  stage.  As  long  as  the  output 
impedance  of  the  driver  remains  large  relative  to  the  im- 
pedance of  these  elements,  the  resistance  and  induc- 
tance of  the  motor  will  have  a  negligible  effect  on  the 
small  signal  response. 

The  voltage  driven  response  has  a  second  order  charac- 
teristic that  results  from  the  interaction  of  the  series  RLC. 
In  many  cases  the  transfer  function  of  the  voltage  driven 
case  can  be  simplified.  If  the  quality  factor  of  the  series 
RLC  of  the  motor  model  is  much  less  than  one,  as  de- 
fined in  equation  2,  then  the  response  of  the  motor  can 
be  accurately  approximated  by  equation  3. 


2)  Qm  =  ^Vc^^Vt 


QM  <  1 


3)    For  QM  <  1 
N  X  a)M(s) 


N 

—  X  — 
KV  (1 


1 


vM(s)  KV  (1  +  sCMRM)  (1  +  sLM/RM) 
CONSIDERING  THE  WHOLE  LOOP 


4)  Aolc(s) 


Ka  X  KUf  (S)  X  GPD  X  N 


*N  =  Number  of  feedback  cycles  per  motor  revolution 
Figure  3.  In  this  phase  locked  loop,  with  current  mode  drive  to  the 
motor,  the  motor  winding  resistance  and  inductance  can 
be  ignored  as  long  as  the  current  driver  maintains  a  high 
output  impedance. 


U 


Figure  3  shows  the  complete  speed  control  loop  for  the  g 
current  driven  case.  The  overall  open  loop  response,  q. 
Aqlc.  is  easily  written.  4 


3-133 


APPLICATION  NOTE 


U-113 


For  this  loop,  note  that  there  are  two  poles  in  the  re- 
sponse at  DC,  i.e.,  s  =  0.  One  pole  is  due  to  the  response 
of  the  current  driven  motor,  the  second  pole  is  from  the 
frequency  to  phase  transformation  of  the  phase  detector. 
The  180  degrees  of  phase  shift  this  pair  of  poles  intro- 
duce force  a  phase  lead  configuration  of  the  loop  filter  in 
order  to  obtain  a  loop  phase  margin  greater  than  zero. 

The  complete  voltage  loop  is  shown  in  Figure  4,  and  its 
open  loop  response,  Aqlv(s).  in  equation  5. 


5)   Aolv(s)  = 


K 


X  KF(s)  X  KPD  X  N 
SKV  X  (1  +  sCMRM  +  s2  LMCM) 


"M  =  KPD*UC 
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*N  =  Number  of 

feedback  cycles  per 
motor  revolution 

Figure  4.  With  voltage  mode  drive  to  the  motor  the  electrical  time 
constant  of  the  motor  plays  a  part  in  the  small  signal 
response  of  the  speed  control  loop. 

This  response  has  only  one  pole  at  DC,  although  the  total 
number  of  poles  is  three  versus  two  for  the  current  driven 
case.  For  most  motors,  particularly  those  used  in  constant 
velocity  applications,  this  transfer  function  can  be  simpli- 
fied by  applying  the  results  of  equations  2  and  3.  This  is 
best  illustrated  by  looking  at  an  example.  Consider  the  fol- 
lowing motor,  (typical  3-phase  brushless  for  disc  drive  ap- 
plications): 

KT  1.5  x  10-2  Nm/Amp 

Kv  1.5  x  10-2  V-sec/rad 

J  (including  platters)  1  x  10~3  Nm-sec2 

Rm  2.5n 

Lm  2  mH 


For  this  motor,  the  model  capacitor,  Cm,  is  calculated  us- 
ing the  equation  in  Figure  2  to  be  equal  to  4.4  Farads.  If 
we  calculate  the  quality  factor  of  the  series  RLC,  using 
equation  2,  we  find  it  is  equal  to  42.4  x  10~3.  This  is 
considerably  less  than  one,  and  the  response  closely  ap- 
proximates the  non-complex  response  of  equation  3  with 
poles  at  0.014  Hz  and  199  Hz. 

Typical  loop  bandwidths  will  fall  well  inside  this  range  of 
frequencies.  As  long  as  this  is  true,  the  loop  response 
with  a  voltage  driven  motor  can  be  approximated  by: 

_  Kj,  x  KLF(s)  x  KPD/RM  x  N 
6)  A°LV<s>~^  


If  QM  <  1  and 


27rCMRM 


<  f  < 


2ttLm 


(f 


This  expression  is  the  same  as  the  current  driven  re- 
sponse, equation  4,  with  the  transconductance  of  the  cur- 
rent drive  stage,  Gpp,  replaced  by  the  gain  of  the  voltage 
drive  stage  divided  by  the  motor  winding  resistance, 
KPD/RM. 

CLOSING  THE  LOOP 

When  it  comes  to  closing  the  loop  the  goal  is  to  have  a 
stable  loop  with  the  required  loop  bandwidth.  The  vari- 
ables that  must  be  considered  are: 

1 )  The  motor 

2)  The  power  driver,  type  and  gain 

3)  The  phase  detector  gain 

4)  Loop  bandwidth 

5)  The  loop  filter 

The  first  four  of  the  above  variables  are  usually  dictated 
by  conditions  other  than  the  stabilizing  of  the  loop.  This 
leaves  the  loop  filter  as  the  tool  for  achieving  the  small 
signal  loop  requirements. 

For  many  cases  involving  constant  velocity  loops  for  DC 
motor  speed  control,  the  following  simple  Bode  analysis 
can  be  applied  for  determining  the  design  of  the  loop  fil- 
ter. Assuming  we  know,  or  have  preliminary  guesses  for 
the  first  four  variables  listed  above,  we  can  plot  the  Bode 
asymptotes  for  phase  and  gain  of  the  combined  response 
of  the  motor  and  power  driver.  Figure  5  shows,  for  a  typi- 
cal case,  such  a  plot  on  a  frequency  scale  that  has  been 
normalized  to  the  desired  loop  bandwidth,  or  open  loop 
unity  gain  frequency.  This  figure  illustrates  the  small  signal 
open  loop  response  for  the  current  driven  case,  equation 
4,  minus  the  response  of  the  loop  filter,  Klf-  If  the  previ- 
ously noted  assumptions  hold,  this  plot  will  also  apply  to 
the  voltage  driven  case  i.e.,  equation  6. 
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Figure  5.  A  Bode  plot  of  the  combined  gain  and  phase  response  of 
the  motor,  motor  drive,  and  phase  dectector  is  useful  in 
determining  the  requirements  on  the  loop  filter.  This  plot 
is  normalized  to  the  desired  open  loop  unity  gain 
frequency. 


From  Figure  5  two  restrictions  on  the  loop  filter  are  readily 
apparent.  First,  since  the  remaining  portion  of  the  loop 
has  180°  of  phase  shift  over  the  entire  frequency  range, 
the  loop  filter  must  have  a  phase  lead  at  the  unity  gain 
frequency  and  at  all  frequencies  below  the  unity  gain  fre- 
quency. By  meeting  this  restriction  the  small  signal  loop 
will  be  unconditionally  stable. 

Secondly,  in  order  to  achieve  the  desired  loop  bandwidth, 
the  loop  filter  must  have  a  voltage  gain  at  the  desired  uni- 
ty gain  frequency  of  30  dB.  This  level  is  simply  the  inverse 
of  the  remaining  loop's  voltage  gain  at  the  unity  gain  fre- 
quency. 

A  loop  filter  configuration  that  will  meet  these  restrictions 
is  shown  in  Figure  6.  Also  shown  in  this  figure  is  the  small 
signal  response  equation  for  the  filter.  The  response 
starts  out  from  DC  with  a  flat  inverting  gain  that  breaks 
upward  at  the  zero  frequency,  wz,  and  then  flattens  out 
again  at  the  pole,  cop.  The  pole  in  this  response  is  neces- 
sary to  prevent  excess  feedthrough  of  residual  reference 
frequency  that  is  present  at  the  outputs  of  many  digital 
type  phase  detectors — in  fact,  as  will  be  discussed  in  the 
design  example,  a  separate  reference  filter  is  normally  re- 
quired. 

A  good  choice  for  the  relative  positioning  of  the  pole  and 
zero  of  the  loop  filter  response  is  to  space  them  apart  by 
1  decade  of  frequency,  and  center  them  around  the  unity 
gain  frequency.  Figure  7  shows  the  Bode  plots  of  this  sug- 
gested positioning  applied  to  the  case  illustrated  in  Figure 
5.  As  shown,  a  phase  margin  of  about  45°  is  obtained  with 
this  configuration. 
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Figure  6.  This  loop  filter  configuration  provides  the  required  phase 
lead  and  gain  at  the  loop  crossover  frequency. 
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Figure  7.  Using  the  criteria  set  forth  for  the  design  of  the  loop 

filter,  the  resulting  Bode  plot  indicates  a  phase  margin  of 
45°. 

If  the  above  results  are  acceptable,  then  the  following 
simple  steps  can  be  applied  to  pick  the  loop  amplifier 
component  values.  Referring  to  Figure  6. 
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1)  Pick  R3  to  be  as  high  in  value  as  acceptable  for  the 
Op-Amp  and  board  restrictions. 

2)  R-i  =  (R3  x  3.33)/10X/20,  where  X  is  the  voltage  gain, 
in  dB,  required  at  the  unity  gain  frequency. 

3)  R2  =  R-|/9,  sets  a  10:1  ratio  for  &>p  to  a>z. 

4)  C-i  =  (2ir  x  R2  x  3.33  x  f^~1.  where  fM  is  the  loop 
unity  gain  frequency. 

Using  this  simple  procedure  the  small  signal  loop  is 
closed  for  stable  static  operation. 


A  DESIGN  EXAMPLE 

As  an  example,  let  us  take  a  look  at  the  complete  design 
of  a  constant  velocity  speed  control  loop  for  a  disc  drive 
application.  The  performance  characteristics  for  the  circuit 
can  be  summarized  as: 

Motor  speed   3600  rpm  ±  60  ppm  (0.006%) 

Speed  stability   ±50  ppm 

Start-up  lock  time  10  seconds 

Input  voltage  12  Volts 

Motor  idling  current  0.5  Amps 

The  schematic  for  this  design  is  shown  in  Figure  8.  The 
motor  is  a  4  pole  3-phase  brushless  with  the  electrical 
and  mechanical  specifications  given  in  the  figure.  The  mo- 
tor is  current  mode  driven  with  the  UC3620  3-phase 
Switchmode  Driver.  The  speed  control  function  is  realized 
with  the  UC3633  Phase  Locked  Controller. 
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POWER  DRIVER  STAGE 

In  Figure  9  a  detail  of  the  driver  IC  and  the  associated  cir- 
cuitry is  shown.  The  UC3620  is  a  current-mode,  fixed  off- 
time,  chopper.  Three  2-Amp  totem  pole  output  stages  with 
catch  diodes  drive  the  three  motor  phases.  The  outputs 
are  enabled  by  the  internal  commutation  logic  that  re- 
sponds to  the  three  Hall  logic  signals  from  the  motor.  The 
motor  is  equipped  with  open  collector  Hall  devices  making 
the  three  10k  pull-up  resistors  on  the  UC3620  Hall  inputs 
necessary. 

Current  is  controlled  by  chopping  the  lowside  drive  to  the 
phase  winding  under  the  command  of  the  UC3620's  cur- 
rent sense  comparator.  The  RC  combination  on  the  timing 
pin  of  the  driver  sets  the  off-time  at  22  u,s.  This  results  in 


a  chopping  frequency  of  well  over  20  kHz  under  normal 
operating  conditions. 

The  transconductance  of  the  driver  is  set  by  the  value  of 
current  sense  resistor  used  at  the  emitter  pin  of  the 
UC3620.  With  a  value  of  0.2fl  the  transconductance  from 
the  error  amplifier  output  to  the  driver  outputs  is  1  Amp/ 
Volt.  The  UC3620  error  amplifier  is  configured  here  as  a 
unity  gain  buffer,  thus  the  drive  control  signal  is  applied  at 
the  non-inverting  error  amplifier  input  with  the  same  over- 
all transconductance.  An  internal  0.5V  clamp  diode  at  the 
current  sense  comparator  input  results  in  a  2.5  Amp  maxi- 
mum drive  current.  There  is  a  1V  offset  internal  to  the 
UC3620  that  is  reflected  to  the  drive  control  input  at  zero 
current.  This  offset  combines  with  the  0.5  Amp  idling  cur- 
rent level  of  the  motor  to  set  the  steady  state  DC  voltage 
at  the  driver  control  input  to  be  1 .5V. 
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Figure  9.  The  UC3620  is  a  current  mode  fixed  off-time  driver.  This  device  includes  all  the  drive  and  commutation  circuitry  for  a  three  phase 
brushless  motor.  The  0.2!!  current  sense  resistor  and  the  internal  divide  by  five  sets  the  transconductance  of  this  power  stage  to  1 
Amp/Volt. 
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Figure  10.  Phase  locking  the  motor  to  a  precision  reference  frequency  is  achieved  with  the  UC3633.  The  double  edge  sensing  option  on  this 
device  doubles  the  loop  gain  and  allows  twice  the  reference  frequency  to  be  used  for  a  given  motor  RPM  by  forcing  the  phase 
detector  to  respond  to  both  edges  of  the  Hall  feedback  signal. 


PHASE  LOCKED  CONTROL  CIRCUIT 


A  detail  of  the  phase  locked  control  portion  of  the  design 
is  given  in  Figure  10.  The  UC3633  contains  all  of  the  cir- 
cuitry required  for  this  function  including:  a  crystal  oscilla- 
tor, programmable  reference  dividers,  a  digital  phase  de- 
tector, and  op-amps  for  the  required  filtering.  The  UC3633 
receives  velocity  feedback  from  the  Hall  signal  applied  at 
its  sense  amplifier  input  pin.  The  sense  amplifier  has  a 
small  amount  of  hysteresis  that  provides  fast  rising  and 
falling  input  edges  to  the  following  logic.  A  double  edge 
option  is  available  on  the  UC3633  sense  amplifier.  When 
this  option  is  enabled,  as  it  is  in  this  design,  the  phase  de- 
tector is  supplied  with  a  short  pulse  on  both  the  rising  and 
falling  edges  of  the  feedback  signal,  effectively  doubling 
the  loop  gain  and  reference  frequency. 


The  required  reference  frequency  for  this  loop  is  240  Hz, 
given  by  the  product  of  the  motor  rotation  of  3600  rpm 
(60  Hz),  the  number  of  cycles/revolution  at  the  Hall  out- 
puts (two  for  a  4  pole  motor),  and  a  factor  of  two  as  a 
result  of  the  double  edge  sensing.  The  divider  options  on 
the  UC3633  are  set  up  such  that  standard  microprocessor 
crystals  can  be  used.  In  this  instance,  a  4.91520  MHz 
( ±  50  ppm)  AT  cut  crystal  is  divided  by  20,480  to  realize  a 
240  Hz  reference  frequency  input  to  the  phase  detector. 

The  phase  detector  on  the  UC3633  responds  to  phase 
differences  at  its  two  inputs  with  output  pulses  at  the  ref- 
erence frequency  rate.  The  width  of  the  pulses  is  linearly 
proportional  to  the  magnitude  of  the  phase  error  present. 
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Figure  11.  The  phase  detector  on  the  UC3633  Is  a  digital  circuit  that  responds  to  phase  error  with  a  pulsed  output  at  the  reference  frequency 
rate.  The  width  and  polarity  of  the  pulses  depend  respectively  on  the  phase  error  magnitude  and  polarity.  If  any  static  frequency 
error  is  present,  the  detector  will  respond  with  a  constant  0  Volt  or  5  Volt  signal  depending  on  the  sign  of  the  error  present. 


The  pulses  are  always  2.5V  in  magnitude  and  are  refer- 
enced to  2.5V  at  the  detector  output.  The  polarity  of  the 
output  pulses  tracks  the  polarity  of  the  input  phase  error. 
This  operation  is  illustrated  in  Figure  11.  The  resulting 
phase  gain  of  the  detector  is  2.5V/2tt  radians,  or  about 
0.4V/rad,  with  a  dynamic  range  of  +  2tt  radians. 

The  phase  detector  also  has  the  feature  of  absolute  fre- 
quency steering.  If  any  static  frequency  error  exists  be- 
tween the  two  inputs,  the  output  of  the  detector  will  stay 
in  a  constant  high,  or  low  state;  5V,  if  the  feedback  input 
rate  is  greater  than  the  reference  frequency  and  OV,  if  the 
opposite  frequency  relationship  exists.  The  lock  indicator 
output  on  the  UC3633  provides  a  logic  low  output  when 
any  static  error  exists  between  the  feedback  and  refer- 
ence frequencies. 

A  unity  gain  bandwidth  of  4  Hz  was  chosen  for  this  loop. 
This  unity  gain  frequency  is  well  below  the  effective  sam- 
pling frequency,  the  240  Hz  reference,  and  is  sufficently 
high  to  not  significantly  affect  the  start-up  lock  time  of  the 
drive  system.  The  design  of  the  loop  filter  follows  the 
guidelines  described  earlier.  The  magnitude  of  the  loop 
gain,  minus  the  loop  filter,  at  4  Hz  is  equal  to: 

Kj,  x  GPD  x  N  =  (0.4)(1)(4) 
(2wf)2  X  CM  X  Kv     (2774)2(3. 1  )(0.022) 

=  37.2  E-3  or  -28.6  dB. 


This  dictates  that  the  loop  amplifier  has  a  gain  of  28.6  dB 
at  4  Hz.  A  value  for  the  loop  amplifier  feedback  resistor 
R3,  of  2  MSI  was  chosen.  The  values  for  R-|,  R2  and  C1 
were  calculated  as  follows. 

Rt  =  (2E6  X  3.33)/1 028  6/20  =  248  ktt  (270  k(l  used). 

R2  =  270/9  =  30  k(l 

C-\  =  (2tt  X  30E3  X  3.33  x  4)"1 
=  0.4  u.F  (0.47  u,F  used). 

The  additional  op-amp  on  the  UC3633  is  used  to  realize  a 
second  order  active  filter  to  attenuate  the  reference  com- 
ponent out  of  the  phase  detector.  The  filter  is  a  standard 
quadratic  with  a  natural  frequency  of  17.2  Hz  and  a  Q  of 
about  2.3.  This  circuit  provides  46  dB  of  attenuation  at 
240  Hz  while  adding  only  5°  of  phase  shift  at  the  4  Hz 
loop  crossover  frequency.  In  Figure  12  design  guidelines 
and  response  curves  for  this  filter  are  given. 
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Reference  Filter  Configuration 
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Figure  12.  To  keep  feedthrough  of  the  residual  reference  frequency  at  1 
used.  The  design  of  this  filter  Is  easily  i 


phase  detector  output  to  a  minimum,  a  simple  quadratic  filter  can  be 
equations  and  response  curves. 


As  mentioned  earlier,  a  separate  reference  filter  is  re- 
quired in  this  type  of  phase  locked  loop  to  attenuate  the 
reference  frequency  feedthrough  at  the  output  of  the 
phase  detector.  With  the  active  filter  following  the  phase 
detector,  the  feedthrough  to  the  loop  amplifier  is  kept  to 
less  than  20mVpp  under  the  worst  case  condition  of 
±77(180")  phase  error.  This  is  small  compared  to  the 
1 .25V  DC  signal  out  of  the  detector  at  this  phase  error.  If 
the  reference  ripple  into  the  loop  amplifier  becomes  large 
compared  to  the  averaged  phase  error  term,  large  signal 
instabilities  may  result.  These  are  primarily  the  result  of 
the  unidirectional  nature  of  the  motor  drive. 


The  static  reference  ripple  at  the  motor  drive  input,  during 
phase  locked  conditions,  can  be  minimized  by  forcing  the 
loop  to  lock  at  zero  phase  error — at  zero  phase  error 
there  is  no  reference  frequency  component  at  the  detec- 
tor output.  The  finite  DC  gain  through  the  loop  filter,  dic- 
tated by  the  inherent  second  order  nature  of  the  loop,  re- 
sults in  a  static  phase  error  that  is  a  function  of:  the  DC 
level  required  at  the  motor  drive  input,  the  DC  gain  and 
reference  voltage  of  the  loop  amplifier,  and  the  voltage 
levels  out  the  phase  detector.  The  addition  of  resistor  R4, 
see  Figure  10,  from  the  loop  amplifier's  inverting  input  to 
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the  5V  reference  sets  the  zero  phase  operating  voltage  at 
the  loop  filter  output  to  1.5V.  This  matches  the  nominal 
operating  voltage  required  at  the  UC3620  control  input, 
taking  into  account  the  0.5  Amp  idling  current  of  the  mo- 
tor and  the  1V  offset  of  the  driver.  This  cancellation  is 
subject  to  variations  due  to  shifts  in  DC  operating  levels, 
so,  while  it  does  significantly  reduce  static  reference  feed- 
through,  it  can  not  be  expected  to  reliably  set  exactly  zero 
phase  operation. 

The  oscilliscope  traces  in  Figure  13  show  the  Hall  input  to 
the  UC3633  along  with  the  output  waveform  of  the  digital 
phase  detector  under  static  phase  locked  conditions.  No- 
tice that  the  phase  detector  output  is  alternating  between 
positive  and  negative  output  pulses.  This  is  a  result  of  a 
slight  asymmetry  on  the  Hall  input  signal  in  conjunction 
with  the  use  of  the  double  edge  sensing  being  used.  In 


this  case,  the  asymmetry  is  due  to  differences  in  the  rising 
and  falling  edges  of  the  Hall  signal  that  result  from  the  RC 
filter  at  the  sense  amplifier  input.  This  filter  is  required  to 
keep  high  frequency  noise  from  the  motor  drive  out  of  the 
phase  detector. 

The  startup  response  of  the  motor  is  pictured  in  Figure 
14.  Shown  are  the  voltage  waveforms  at  the  lock  indicator 
output,  the  loop  amplifier  output,  and  the  phase  detector 
output  of  the  UC3633.  At  the  moment  the  lock  indicator 
goes  high  the  motor  has  reached  its  operating  velocity. 
The  absolute  frequency  steering  of  the  phase  detector 
forces  a  slight  overshoot  in  frequency  that  delays  the  set- 
tling of  the  loop  by  about  1  second.  Without  the  frequency 
steering  feature  the  phase  detector  would  command  a 
much  lower  average  drive  signal  during  startup,  extending 
the  start  time  by  over  50%. 


0016-15 

Figure  13.  This  oscilloscope  trace  shows  the  static  waveforms  at  the 
Hall  sensor  input,  and  phase  detector  output  of  the 
UC3633.  The  static  phase  error  has  been  adjusted,  with  R4 
in  Figure  10,  to  be  very  small.  The  alternating  positive  and 
negative  pulses  at  the  output  of  the  phase  detector  Is  due 
to  an  asymmetry  in  the  Hall  signal. 
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Figure  14.  The  startup  lock  time  of  the  motor  Is  minimized  with  the  ** 
absolute  frequency  steering  feature  of  the  phase 
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New  Integrated  Circuit  Produces  Robust,  Noise  Immune  System 
For  Brushless  DC  Motors 

Bob  Neidorff,  Unitrode  Integrated  Circuits  Corp.,  Merrimack,  NH 


Abstract 

A  new  integrated  circuit  for  brushless  DC  motor  control  is  presented 
that  implements  many  new  techniques  to  enhance  reliability  and 
reduce  the  detrimental  effects  of  noise.  In  addition  to  safety  features 
and  noise  rejection  circuitry,  the  new  circuit  contains  a  complete 
pulse-width  modulator  (PWM),  a  practical  tachometer,  a  precision 
voltage  reference,  a  high-speed  current-sense  amplifier,  and 
high-voltage,  high  power,  output  stages. 

BLOCK  DIAGRAM  OF  THE  UC3625 


Various  applications  of  the  IC  are  discussed  in  detail,  including  using 
the  PWM  for  fixed  frequency  and  fixed  off-time  control,  driving  power 
MOSFETs,  driving  bipolar  power  transistors,  and  sensing  winding 
current.  The  IC  is  shown  in  applications  that  allow  braking  and 
direction  reversal  without  damage  to  the  motor  or  the  power 
semiconductors. 





3-143 


APPLICATION  NOTE 


U-115 


The  Problem 

Conventional  brush  motors  have  proven  reliable  and  versatile.  They 
remain  popular  partly  because  the  pressures  to  improve  haven't 
been  high,  and  partly  because  nothing  better  has  been  available 
that  is  practical.  Brushless  DC  motors  (BDCMs)  can  pack  the  same 
horsepower  into  smaller,  lighter  boxes.  They  can  also  accelerate 
faster  due  to  inherently  lighter  rotor  construction.  Without  the  friction 
and  arcing  of  brushes,  they  are  acoustically  quieter.  As  they  have 
permanent  magnet  rotors,  they  are  faster  to  manufacture. 
Permanent  magnet  rotors  also  dissipate  very  little  power,  so  BDCMs 
have  far  less  heat  dissipation  problems. 

One  thing  that  has  held  the  motor  industry  back  has  been  the 
availability  of  economical  control  electronics.  Recent  price  trends  in 
power  MOSFETs  and  monolithic  motor  controllers  have  reduced 
these  limits.  The  final  hurdle  to  broad  acceptance  is  assurance  of 
reliability.  Brush  motors  proved  their  reliability  not  through  design, 
but  instead  through  over  a  hundred  years  of  development  of  rugged 
brushes  and  slip  rings. 

Two  problems  with  BDCMs  today  are  performance  and  reliability  in 
the  presence  of  noise.  Noise  here  can  refer  to  externally  generated 
electromagnetic  noise,  internally  generated  chopping  noise,  or 
inappropriate  commands  from  the  operator  of  the  system. 

The  UC3625  specifically  addresses  the  need  for  an  economical, 
robust  BDCM  controller  by  specifically  addressing  these  failure 
modes  and  also  by  implementing  many  functions  and  features 
desirable  in  high  performance  motor  systems.  The  following  table 
outlines  some  of  the  important  features  of  the  UC3625: 

Push-Pull  Low-Side  Drivers 

Versatile  High-Side  Drivers 

Complete  PWM 

Two  or  Four-Quadrant  Chopping 
Tachometer 
Soft  Start 

Undervoltage  Protection 
Overvoltage  Protection 
Active  Safe  Braking 
Differential  Current  Amp 
Hysteresis  on  all  inputs 
Direction  latch 

Cross  Conduction  prevention 
Unique  Features  For  Noise 

All  logic  inputs  to  the  UC3625  have  hysteresis  and  /or  latches  for 
maximum  noise  rejection.  The  position  sensor  inputs  specifically 
contain  0.8  volts  of  hysteresis,  yet  still  meet  TTL  input  thresholds. 
These  inputs  also  contain  pull-up  resistors  allowing  them  to  directly 
interface  to  open-collector  sensors. 

Position  sensor  inputs  are  latched  immediately  following 
commutation,  and  remain  latched  through  the  on-time  of  the 
tachometer  monostable  (one-shot).  This  prevents  commutation 
noise  from  reaching  the  decoder,  latching  out  the  largest  noise  spike 
in  the  motor  system.  Although  this  sets  a  maximum  motor  speed, 
correct  choice  of  pulse  width  guarantees  operation  up  to  the 
maximum  speed  of  the  motor  while  still  affording  excellent  noise 
rejection. 

The  one-shot  pulse  also  drives  a  low  saturation-voltage  driver 
connected  to  TACH  OUT.  The  average  value  of  the  voltage  on  TACH 
OUT  is  directly  proportional  to  motor  speed,  so  that  the  pulse 
generator  doubles  as  a  simple  tachometer. 
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Tachometer  Doubles  As  Input  Noise  Gate 


Even  with  input  latches,  external  noise  filtering  is  often  valuable. 
Chopping  noise  lends  itself  to  analog  low-pass  filtering  because  of 
its  dominant  high-frequency  components.  As  high-frequency  noise 
energy  can  be  very  strong,  zener  clamping  ahead  of  the  filter  can  be 
very  effective. 
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Cross-Conduction  Prevention 

To  further  assure  noise  immunity,  the  UC3625  contains  latches  and 
a  shift  register  to  guarantee  that  all  power  stages  turn  off  and  remain 
off  for  a  minimum  time  before  changing  states.  In  addition  to 
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Logic  That  Prevents  Cross  Conduction 


used  to  enable  the  PWM  latch  every  cycle,  and  also  to  clock  the 
protection  shift  registers. 

Another  fundamental  part  of  the  PWM  is  the  PWM  latch.  The  output 
of  this  latch  enables  the  power  stages.  The  latch  is  set  once  per  cycle 
by  the  oscillator,  and  cleared  by  either  the  PWM 
comparator,  a  peak  current  signal  generated  in 
current-sense  circuitry,  or  by  a  fault  signal  from  the 
OV/COAST  input.  This  latch  is  reset  dominant,  meaning 
that  a  steady  reset  signal  from  any  of  three  sources 
completely  inhibits  the  power  stages. 

The  other  elements  in  the  PWM  are  the  PWM  comparator 
and  the  error  amplifier.  The  PWM  comparator  is  an 
NPN-inputcomparatordedicatedtocomparingtheoutput 
of  the  error  amplifier  to  some  other  signal  such  as  a 
command  voltage,  ramp,  or  sensed  signal.  The  error 
amplifier  is  a  PNP-input  op-amp  compensated  for 
unity-gain  operation,  who's  inputs  can  operate  linearly 
down  to  ground. 

The  PWM  can  be  configured  into  any  number  of  different 
loops  that  regulate  winding  current  (torque  is  nearly 
proportional  to  winding  current),  regulate  speed,  or 
regulate  some  other  parameter.  The  PWM  is  internally 
configured  for  peak  current  control  as  well,  although  this 
is  not  intended  to  be  the  principle  feedback  loop. 

The  approach  above  compares  winding  current  to  a  DC 
voltage  with  the  PWM  comparator,  and  pulse-by-pulse 


preventing  noise-induced  cross  conduction,  this  prevents 
cross  conduction  due  to  slow  power  stages. 

The  delay  time  is  only  inserted  when  an  output  is  commanded 
from  high  to  low  or  vice  versa.  During  normal  three  phase 
commutation,  outputs  are  turned  off  (opened)  for  a  full  cycle 
before  changing  states,  so  this  delay  will  not  impede  normal 
operation.  The  only  times  that  this  delay  will  be  inserted  are 
during  noise  spikes,  direction  reversal,  and  braking. 

Pulse-Width  Modulation  System 

Motors  perform  better  with  higher  operating  voltages 
because  for  a  given  value  of  inductance,  higher  voltages  can 
change  winding  current  faster.  A  necessary  adjunct  to  higher 
supply  voltages  is  current  control,  either  by  linear  amplifiers 
of  pulse-width  modulation  (PWM).  The  UC3625  uses  fixed 
frequency  PWM  for  chopping. 

At  the  heart  of  the  PWM  is  a  sawtooth  oscillator.  The  oscillator 
is  programmed  up  to  500kHz  with  one  resistor  to  the 
reference  and  one  capacitor  to  the  ground.  This  oscillator  is" 


FROM 
CURRENT 
AMP 


PEAK  CURRENT- 
OVERVOLTAQE — 


OUTPUT 

■  3T*o£ 

ENABLE 


PWM  Configured  For  Average  Current  Feedback 


5V     5V  SV 


OUTPUT 
'  STAGE 
ENABLE 


AMP  COMP 

PEAK  CURRENT  - 
OVERVOLTAQE 


UC3625  PWM  Block  Diagram  Configured  For  Pulse-By-Pulse 
Current  Control 


regulates  winding  current.  This  is  similar  to  "current 
mode"  in  PWM  power-supply  systems,  and  offers  the 
advantage  of  removing  the  pole  caused  by  load 
inductance  from  the  feedback  loop. 

The  PWM  can  also  be  configured  to  use  the  error  amplifier 
to  amplify  the  difference  between  the  winding  current  and 
a  desired  current,  and  to  use  the  PWM  comparator  to 
compare  the  error  amp  output  to  the  oscillator  ramp.  This 
current  loop  operates  on  average,  rather  than  peak 
current. 

If  the  PWM  comparator  is  used  to  compare  the  oscillator 
ramp  to  a  DC  voltage,  then  the  load  duty  cycle  is  directly 
proportional  to  the  applied  DC  voltage,  as  is  the  average 
load  voltage.  This  "voltage  mode"  loop  comes  close  to 
controlling  speed  because  speed  is/iearly  proportional  to 
average  winding  voltage.  If  an  Overall  speed  feedback 
loop  is  required  to  regulate  speed,  this  "voltage  mode" 
topology  can  serve  as  a  local  feedback  loop  to  make  the 
system  transfer  function  more  linear,  and  the  error 
amplifier  can  be  used  as  the  overall  loop  amplifier. 
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Circuit  For  Fixed  Off-Time  PWM  Using  the  UC3625 


The  advantages  of  each  topology  must  be  weighed  considering 
complexity,  overall  stability,  and  sensitivity  to  load.  In  cases  where 
current  feedback  seems  nearly  impossible  to  compensate,  some 
compromise  between  currrent  feedback  and  voltage  feedback  is 
dictated. 

The  PWM  is  also  configurable  to  fixed  off-time  PWM  rather  than  fixed 
frequency  PWM  by  adding  a  few  external  components  that  couple 
the  output  off  signal  back  into  the  oscillator. 


Fixed  off-time  control  is  sometimes  desirable  because  it  uses  one 
of  the  easiest  feedback  loops  to  compensate.  Its  main  drawback  is 
that  the  modulation  frequency  varies  with  load  and  speed.  This 
means  that  for  some  loads  chopping  noise  can  become  audible 
(below  20kHz).  This  also  allows  variation  in  the  dead  time  inserted 
to  prevent  output  stage  cross  conduction. 
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Different  Chopping  Techniques 

Chopping  capitalizes  on  the  inductance  of  the  load  to  maintain  load 
current  when  the  driving  voltage  is  removed.  The  driving  voltage  is 
normally  supplied  through  power  switches,  and  diodes  normally 
conduct  across  the  load  when  the  switches  are  opened. 

Two  different  methods  are  common  for  chopping.  The  more  efficient 
method  chops  one  low-side  power  switch  while  one  high-side  switch 
is  on.  This  is  referred  to  as  a  two-quadrant  PWM. 

Two-quadrant  PWM  normally  operates  with  a  low  duty  cycle,  as 
winding  current  is  charged  principally  by  the  supply  voltage,  yet 
winding  inductance  is  discharged  by  the  voltage  drop  in  the  diode 
circuit  (see  figure  below).  Motor  back  EMF  reduces  the  effective 
supply  voltage  and  increases  the  effective  diode  voltage  drop,  so 
the  duty  cycle  tends  to  increase  with  speed. 

The  main  advantage  of  two-quadrant  chopping  is  efficiency.  Its  main 
drawback  is  that  it  can't  quickly  decrease  winding  current.  This  can 
be  very  troublesome  in  position  feedback  systems. 


Two-Quadrant  vs.  Four-Quadrant  Chopping 


In  contrast,  four-quadrant  PWM  systems  chop  both  switches,  and 
circulate  load  current  through  two  diodes  backwards  into  the  supply. 

Again  ignoring  back  EMF,  four-quadrant  chopping  produces  a  nearly 
symmetrical  current  waveform,  as  current  rises  due  to  the  supply 
voltage  impressed  on  the  load  inductance,  and  decays  due  to 
reverse  supply  and  load  inductance.  With  four-quadrant  chopping, 
a  motor  can  decelerate  as  quickly  as  it  can  accelerate. 

To  program  the  UC3625  for  one  approach  or  the  other,  apply  a  logic 
signal  to  the  QUAD  SEL  input.  QUAD  SEL  can  also  be  changed 
during  operation  to  tailor  performance  to  specific  requirements. 


Power  Drivers 

The  overwhelmingly  dominant  power  output  device  in  new  designs 
is  the  N-Channel  Enhancement-Mode  Power  MOSFET.  Bipolar 
power  transistors  and  power  darlingtons  still  have  advantages  in 
very  high-voltage  systems,  but  these  advantages  are  being 
continuously  eroded  by  developments  in  MOSFET  structures  and 
merged  bipolar  MOSFET  devices.  The  UC3625  is  able  to  drive  both 
power  MOSFETs  and  bipolar  transistors. 

The  low-side  drivers  in  the  UC3625  are  totem-poles  capable  of 
greater  than  250mA  peak  gate  or  base  current,  but  the  package  and 
the  die  are  not  constructed  for  continuous  power  dissipation  greater 
than  1  watt,  which  imposes  an  upper  limit  on  the  available  current 
for  bipolar  device  drive. 
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Driving  Low-Side  MOSFETs  with  the  UC3625 


The  Power  Vcc  pin  is  separated  from  signal  Vcc  so  that  high  gate 
current  peaks  can  be  isolated  from  signal  Vcc,  and  also  so  that 
Power  Vcc  can  be  tailored  to  the  power  device.  For  fastest  switching 
of  power  bipolar  devices,  the  Power  Vcc  pin  can  be  limited  and 
clamped,  as  shown  in  this  example. 
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Driving  Low-Side  Darlingtons  with  the  UC3625 
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Driving  high-side  devices  with  the  UC3625  requires  level  shifting  if 
the  motor  supply  is  greater  than  50V.  The  UC3625  high-side  outputs 
are  open  collector  NPN  transistors  which  pull  low  to  turn  on  high-side 
MOSFETs  or  bipolar  transistors. 


Although  capable  of  50mA  current  sinking,  the  open  collector 
outputs  are  normally  operated  with  lower  currents  to  minimize  the 
power  supplied  by  the  high-voltage  supply. 

As  a  high-side  switch,  P-channel  power  MOSFETs  are  far  easier  to 
drive  than  N-Channel  power  MOSFETs  because  the  gate  of 
P-channel  MOSFETS  need  not  be  pulled  above  the  positive  supply 
to  obtain  low  voltage  drop.  Unfortunately,  P-channel  power 
MOSFETs  are  more  expensive  and  less  available  than  N-channel 
devices,  so  the  added  supply  in  the  N-channel  design  is  often 
justified. 


Current  Sense 

The  UC3625  contains  a  high-speed  gain-of-two  differential  amplifier 
dedicated  to  current  sensing.  This  amplifier  can  be  connected 
directly  across  a  low-value  current-sense  resistor  or  between  two 
different  current-sense  resistors.  Since  the  amplifier  common  mode 
range  allows  operation  one  volt  below  ground,  the  amplifier  has 
excellent  common-mode  noise  rejection. 

The  current-sense  amplifier  also  embodies  an  ideal  diode  that 
performs  absolute  value  and  level  shifting  of  the  input,  giving  a 
transfer  function  of: 

Vo  =  2.5  +  2  ABS  (Vi2  -  Vi,) 

If  the  low-side  power  devices  and  the  lower  catch  diodes  are 
returned  to  the  same  current-sense  resistor,  and  the  UC3625  is 
chopping  in  four-quadrant  mode,  then  the  winding  current  always 
flows  through  the  current-sense  resistor.  The  voltage  on  the 
current-sense  resistor  flips  polarity  every  time  the  PWM  chops,  but 
the  absolute  value  current-sense  amplifier  rectifies  this,  giving  a 
smoother  representation  of  continuous  winding  current,  and 
requiring  less  filtering. 

Some  filtering  of  the  current-sense  signal  is  always  required, 
however,  and  the  output  of  the  current-sense  amplifier  is  the  best 
place  to  filter.  The  amplifier  is  stable  with  all  capacitive  loads,  and 
has  approximately  250  ohms  output  impedance. 

Filtering  at  the  input  of  the  current-sense  amplifier  is  also  valuable 
to  remove  spikes  that  are  faster  than  the  amplifier  can  track. 
However,  to  insure  that  theabsolute  value  circuit  continuously  tracks 
current,  use  only  a  minimal  amount  of  input  filtering. 

The  output  of  the  current  amplifier  drives  two  comparators  through 
thefiltering  resistor:  the  peak  cu rrent comparator  and  theovercurrent 
comparator.  The  peak  current  comparator  resets  the  PWM  latch 
wheneverthe  current-sense  voltage  exceeds  approximately 200mV. 
The  overcurrent  comparator  initiates  soft  start  if  the  current-sense 
voltage  exceeds  approximately  300m  V 

The  peak  current  comparator  can  be  used  to  limit  maximum  peak 
winding  current  while  a  larger  feedback  loop  limits  winding  current 
to  control  some  other  parameter,  such  as  speed  or  position.  The 
overcurrent  comparator  then  functions  as  a  fail-safe  device  that 
commands  SOFT  START  if  the  peak  current  loop  loses  control,  as 
might  happen  if  a  power  device  becomes  shorted. 

Is  it  Brake. ..or  Break? 

The  UC3625  contains  provisions  for  braking  by  way  of  a 
multifunction  pin  called  "RC  /  BRAKE".  This  pin  also  serves  as  the 
timing  pin  for  the  internal  tachometer,  pulsing  between  1 .67V  and 
3.33V  every  time  the  position  sensors  commutate.  To  command 
BRAKE,  pull  RC/BRAKE  low  with  an  open  collector  gate  or  switch. 
The  tachometer  then  stops  pulsing  and  all  three  low-side  drivers  turn 
on. 

Normal  PWM  configurations  do  not  allow  braking  current  to  be 
modulated  because  the  braking  current  does  not  normally  flow 
through  the  sense  resistor.  The  motor  control  circuit  below  includes 
three  added  diodes  that,  during  BRAKE  and  all  other  circumstances 
causes  winding  current  to  flow  through  the  sense  resistor.  Using  this 
circuit,  the  UC3625  stops  a  motor  as  fast  as  the  peak  limit  current 
setting  allows  and  protects  the  output  power  devices  and  the  motor. 
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Driving  High-Side  N-MOSFETs 
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Driving  High-Side  PNP  Darlingtons  with  the  UC3625 
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Circuit  For  Safe  Braking  Series  diodes  guarantee  that  braking 
current  will  flow  in  the  current-sense  resistor 




Direction  Reversal  is  Worse 

As  with  braking,  direction  reversal  can  also  force  excessive  current 
into  power  devices  if  not  checked.  Direction  reversal  forces  two  of 
the  three  driver  channels  to  go  from  high  to  low  or  low  to  high  directly. 
With  the  UC3625,  cross  conduction  is  completely  prevented,  but 
high  winding  current  is  dependent  upon  the  application.  The  higher 
the  speed,  the  higher  back  EMF,  and  the  higher  the  potential  peak 
current. 

The  approach  mentioned  for  braking  also  limits  peak  winding  current 
during  direction  reversal.  In  addition,  the  direction  latch  and  shift 
register  in  the  UC3625  can  be  configured  to  prevent  direction 
reversal  until  motor  speed  drops  to  a  safe  level.  This  latch  also 
commands  COAST  whenever  a  direction  reversal  is  commanded 
and  motor  speed  is  too  high. 

The  easiest  way  to  configure  this  protection  is  using  the  internal 
tachometer  to  drive  "SPEED  IN"  through  a  low-pass  RC  filter.  The 
"SPEED  IN"  threshold  is  set  to  prevent  reversal  whenever  input 
voltage  exceeds  approximately  250mV. 

Other  Protection  Features 

To  prevent  confusion  or  insufficient  drive  to  power  MOSFETs,  the 
UC3625  contains  a  comparator  to  lock  off  all  six  outputs  until  the 
Vcc  input  exceeds  9V,  called  under-voltage  lock-out.  The  UC3625 


also  contains  an  uncommitted  comparator  that  inhibits  the  outputs 
and  clears  the  PWM  latch  whenever  its  input  exceeds  1 ,75V.  This 
can  be  used  with  a  voltage  divider  for  an  over-voltage  inhibit,  or  can 
be  directly  driven  from  TTL  or  CMOS  for  a  logic  controlled  COAST 
input. 

To  prevent  very  high  power  supply  current  spikes  and  to  limit 
average  current  during  faults,  the  UC3625  contains  latched  soft 
start.  The  latch  is  set  by  low  power-supply  voltage  or  overcurrent 
fault,  and  is  only  cleared  when  the  setting  condition  goes  away  and 
the  soft  start  input  discharges  to  below  approximately  200mV. 

Normally,  the  UC3625  is  configured  with  a  capacitor  from  soft  start 
to  ground,  which  is  charged  by  the  soft  start  10uA  current  source. 
The  UC3625  can  also  be  configured  to  latch  soft  start  until  cleared 
by  connecting  a  4.3  volt  zener  and  a  normallly  closed  switch  from 
Vref  to  soft  start.  The  switch  then  functions  as  a  reset  switch. 


Manual  Fault  Reset  Circuit  Uses  Zener  Diode  to  Latch 
Faults 


Voltage  Reference 

Finally,  the  UC3625  contains  a  precision  voltage  reference  trimmed 
to  5V  +/-  2%.  This  reference  powers  most  of  the  internal  circuitry  for 
supply  rejection  and  is  available  on  the  "Vref"  pin  for  driving  other 
circuitry  such  as  Hall-effect  position  sensors  and  bias  circuits. 
Operation  of  the  voltage  reference  is  guaranteed  with  loads  up  to 
30mA,  and  the  reference  is  also  short  circuit  current  limited  to 
approximately  1 00mA. 
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NEW  DRIVER  ICs  OPTIMIZE  HIGH  SPEED  POWER  MOSFET 
SWITCHING  CHARACTERISTICS 

Bill  Andreycak 

UNITRODE  Integrated  Circuits  Corporation,  Merrimack,  N.H. 


ABSTRACT 

Although  touted  as  a  high  impedance,  voltage  controlled  device, 
prospective  users  of  Power  MOSFETs  soon  learn  that  it  takes  high 
drive  currents  to  achieve  high  speed  switching.  This  paper 
describes  the  construction  techniques  which  lead  to  the  parasitic 
effects  which  normally  limit  FET  performance,  and  discusses  several 
approaches  useful  to  improve  switching  speed.  A  series  of  drivers 
ICs,  the  UC3705,  UC3706,  UC3707  and  UC3709  are  featured  and 
their  performance  is  highlighted.  This  publication  supercedes 
Unitrode  Application  Note  U-98,  origionally  written  by  R.  Patel  and 
R.  Mammano  of  Unitrode  Corporation. 

INTRODUCTION 

An  investigation  of  Power  MOSFET  construction  techniques  will 
identify  several  parasitic  elements  which  make  the  highly-touted 
"simple  gate  drive"  of  MOSFET  devices  less  than  obvious.  These 
parasitic  elements,  primarily  capacitive  in  nature,  can  require  high 
peak  drive  currents  with  fast  rise  times  coupled  with  care  that 
excessive  di/dt  does  not  cause  current  overshoot  or  ringing  with 
rectifier  recovery  current  spikes. 

This  paper  develops  a  switching  model  for  Power  MOSFET  devices 
and  relates  the  individual  parameters  to  construction  techniques. 
From  this  model,  ideal  drive  characteristics  are  defined  and  practical 
IC  implementations  are  discussed.  Specific  applications  to 
switch-mode  power  systems  involving  both  direct  and  transformer 
coupled  drive  are  described  and  evaluated. 

POWER  MOSFET  CHARACTERISTICS 

The  advantages  which  power  MOSFETs  have  over  their  bipolar 
competitors  have  given  them  an  ever-increasing  utilization  in  power 


systems  and,  in  the  process,  opened  the  way  to  new  performance 
levels  and  new  topologies. 

A  major  factor  in  this  regard  is  the  potential  for  extemely  fast 
switching.  Not  only  is  there  no  storage  time  inherent  with  MOSFETs, 
but  the  switching  times  can  be  user  controlled  to  suit  the  application. 
This,  or  course,  requires  that  the  designer  have  an  understanding 
of  the  switching  dynamics  inherent  in  these  devices.  Even  though 
power  MOSFETs  are  majority  carrier  devices,  the  speed  at  which 
they  can  switch  is  dependent  upon  many  parameters  and  parasitic 
effects  related  to  the  device's  construction. 

THE  POWER  MOSFET  MODEL 

An  understanding  of  the  parasitic  elements  in  a  power  MOSEFT  can 
be  gained  by  comparing  the  construction  details  of  a  MOSFET  with 
its  electrical  model  as  shown  in  Figure  1 .  This  construction  diagram 
is  a  simplified  sketch  of  a  single  cell  -  a  high  power  device  such  as 
the  IRF  150  would  have  -  20,000  of  these  cells  all  connected  in 
parallel. 

In  operation,  when  the  gate  voltage  is  below  the  gate  threshold, 
Vg(th),  the  drain  voltage  is  supported  by  the  N-drain  region  and  its 
adjacent  implanted  P  region  and  there  is  no  conduction. 

When  the  gate  voltage  rises  above  Vg(th),  however,  the  P  area 
under  the  gate  inverts  to  N  forming  a  conductive  layer  between  the 
N+  source  and  the  N-drain.  This  allows  electrons  to  migrate  from 
source  to  drain  where  the  electric  field  in  the  drain  sweeps  them  to 
the  drain  terminal  at  the  bottom  of  the  structure. 
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FIGURE  1  -  SIMPLIFIED  CROSS  SECTION  OF  A  POWER  MOSFET  CELL  AND  ITS  ELECTRICAL  EQUIVALENT. 
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In  the  equivalent  model,  the  parameters  are  defined  as  follows: 

1 .  Lg  and  Rg  represent  the  inductance  and  resistance  of  the  wire 
bonds  between  the  package  terminal  and  the  actual  gate,  plus  the 
resistance  of  the  polysilicon  gate  runs. 

2.  C1  represents  the  capacitance  from  the  gate  to  both  the  N+  source 
and  the  overlying  source  interconnecting  metal.  Its  value  is  fixed  by 
the  design  of  the  structure. 

3.  C2  +  C4  represents  additional  gate-source  capacitance  into  the 
P  region.  C2  is  dielectric  capacitance  and  is  fixed  while  C4  is  due  to 
the  depletion  region  between  source  and  drain  and  varies  with  the 
gate  voltage.  Its  contribution  causes  total  gate-source  capacitance 
to  increase  1 0-1 5%  as  the  gate  voltage  goes  from  zero  to  Vg(th). 

4.  C3  +  C5  is  also  made  up  of  a  fixed  dielectric  capacitance  plus  a 
value  which  becomes  significant  when  the  drain  to  gate  voltage 
potential  reverses  polarity. 

5.  C6  is  the  drain-source  capacitance  and  while  it  also  varies  with 
drain  voltage,  it  is  not  a  significant  factor  with  respect  to  switching 
times. 

EVALUATING  FET  PARASITIC  ELEMENTS 

Although  it  is  clearly  not  the  best  way  to  drive  a  power  MOSFET, 
using  a  constant  gate  current  to  turn  the  device  on  allows 
visualization  of  the  capacitive  effects  as  they  affect  the  voltage 
waveforms.  Thus  the  demonstration  circuit  of  Figure  2  is  configured 
to  show  the  gate  dynamics  in  a  typical  buck-type  switching  regulator 
circuit.  This  simulates  the  inducitve  switching  of  a  large  class  of 
applications  and  is  implemented  here  with  a  IRF-51 0  FET,  which  is 
a  4  amp,  100V  device  with  the  following  capacitances: 

Ciss  -  C1  +  C4  +  C5  =  135  -  150  pF 

Crss  -  C5  =20-25  pF  Vgs  =  OV 

Coss  -  C5  +  C6       =  80- 1 00  pF 


LOAD 
2.50HMS 


FIGURE  2  -  SWITCHING  TIME  EVALUATION  CIRCUIT. 


In  this  illustration,  the  load  portion  of  the  circuit  is  established  with 
Vin  =  25V.  lo  =  2A.  and  f  =  25Khz.  The  resultant  turn-on  waveforms 


are  shown  in  Figure  3  from  which  the  following  observations  may  be 
made: 


1 .  For  a  fixed  gate  drive  current,  the  drain  current  rise  tiime  is  5  times 
faster  than  the  voltage  fall  time. 

2.  There  is  a  10-15%  increase  in  gate  capacitance  when  the  gate 
voltage  reaches  Vg(th). 

3.  The  gate  voltage  remains  unchanged  during  the  entire  time  the 
drain  voltage  is  falling  because  the  Miller  effect  increases  the 
effective  gate  capacitance. 

4.  The  input  gate  capacitance  is  approximately  twice  as  high  when 
drain  current  is  flowing  as  when  it  is  off. 

5.  The  drain  voltage  fall  time  has  two  slopes  because  the  effective 
drain-gate  capacitance  takes  a  significant  jump  when  the  drain-gate 
potential  reverses  polarity. 

6.  Unless  limited  circuit  inductance,  the  current  rise  time  depends 
upon  the  large  signal  gM  and  the  rate  of  change  of  gate  voltage  as 
Aid  =  gM  AVg 

CHANGES  IN  EFFECTIVE  CAPACITANCE 

The  waveform  drawings  of  Figure  4  illustrate  the  dynamic  effects 
which  take  place  during  turn-on.  As  the  gate  voltage  rises  from  zero 
to  threshold.  C2  is  not  significant  since  C4  is  very  small.  At 
threshold,  the  drain  current  rises  quickly  while  the  drain  voltage  is 
unchanged.  This,  of  course,  is  due  to  the  buck  regulator  circuit 
configuration  which  will  not  let  the  voltage  fall  until  all  the  inductor 
current  is  transfered  from  the  free-wheeling  diode  to  the  FET. 

While  the  drain  current  is  increasing,  there  is  a  slight  increase  in  the 
gate  capacitance  due  to  the  large  current  density  underneath  the 
gate  in  the  N-region  close  to  the  P  areas. 

As  the  drain  voltage  begins  to  fall,  its  slope  depends  upon  gate  to 
drain  capacitance  and  not  that  from  gate  to  source.  During  this  time, 
all  the  gate  current  is  utilized  to  charge  this  gate  to  drain  capacitance 
and  no  change  in  gate  voltage  is  observed.  This  capacitance  initially 
increases  slightly  as  the  voltage  across  it  drops  but  then  there  is  a 
significant  jump  in  value  when  the  drain  falls  lower  than  the  gate. 
When  the  polarity  reverses  from  drain  to  gate,  a  surface  charge 
accumulation  takes  place  and  the  entire  gate  structure  becomes  part 
of  the  gate  to  drain  capacitance.  At  this  point  the  drain  voltage  fall 
time  slows  for  the  duration  of  its  transition. 
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FIGURE  3-FET  TURN-ON  SWITCHING  CHARACTERISTICS 
WHEN  DRIVEN  WITH  A  CONSTANT  GATE  CURRENT 
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FIGURE  4  •  Parasitic  CAPACITANCE  VARIATION  FOR  A 
UFN51 0  MOS  FET  DURING  TURN-ON 


AN  OPTIMUM  GATE  DRIVE 

In  most  switching  power  supplly  applications,  if  a  step  function  in 
gate  current  is  provided,  the  drain  current  rise  time  is  several  times 
faster  than  the  voltage  fall  time.  This  can  result  in  substantial 
switching  power  losses  which  are  most  often  combated  by 
increasing  the  gate  drive  current.  This  creates  a  problem,  however, 
in  that  it  further  reduces  current  rise  time  which  can  cause  overshoot, 
ringing,  EMI  and  power  dissipation  due  to  recovery  time  for  the 
rectifiers  which  are  much  happier  with  a  more  slowly  changing  drain 
current. 

In  an  effort  to  meet  these  conflicting  requirements,  an  idealized  gate 
current  waveform  was  derived  based  upon  the  goal  of  making  the 
voltage  fall  time  equal  to  the  current  rise  time.  This  optimum  gate 
current  waveform  is  shown  in  Figure  5  and  consists  of  the  following 
elements 
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FIGURE  5  -  AN  "IDEAL"  GATE  CURRENT  TURN-ON  DRIVE  TO 
PROVIDE  EQUAL  CURRENT  RISE  AND  VOLTAGE  FALL 
TIMES  WITH  AN  INDUCTIVE  LOAD 


1 .  An  initial  fast  pulse  to  get  the  gate  voltage  up  to  threshold. 

2.  A  lesser  amount  to  slow  the  drain  current  rise  time.  This  value 
however,  will  also  be  a  functiion  of  the  required  drain  current. 

3.  Another  increase  to  get  the  drain  voltage  to  fall  rapidly  with  a  large 
current  pulse  added  when  the  drain  gate  potential  reverses. 

4.  A  continued  amount  to  allow  the  gate  voltage  to  charge  to  its  final 
value. 

Obviously  this  might  be  a  little  difficult  to  implement  in  exact  form, 
however,  it  can  be  approximated  by  a  gate  current  waveform  which, 
instead  of  being  constant,  has  a  rise  time  equal  to  the  desired  sum 
of  the  drain  current  rise  time  and  the  voltage  fall  time,  and  a  peak 
value  high  enough  to  charge  the  large  effective  capacitance  which 
appears  during  the  switching  transition.  The  peak  current 
requirement  can  be  calculated  on  the  basis  of  defining  the  amount 
of  charge  required  by  the  parasitic  capacitance  through  the  switching 
period. 

A  linear  current  ramp  will  deliver  a  charge  equal  to 


2 
-1 

a 
a 
< 


lp  ton 


where  we  define 
ton-td+tn+tfv 


The  total  charge  required  for  switching  is 

O  -  C/ss  [Vg  (fh)  -  J^l-Cres  [Voo-Vg  {th)]-CrssVg  (th) 
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where  Crss'  is  the  gate-drain  capacitance  after  the  polarity  has 
reversed  during  turn-on  and  is  related  to  Ciss  by  the  basic  geometry 
design  of  the  device.  A  reasonable  approximation  is  that  Crss'-1 .5 
Ciss.  With  this  assumption. 

Ip  -  ~[Ciss  (2.5Vg  (th)  1 3*  Crss  ( VDD- Vg  (th) )] 
ton  gu 

As  an  example,  if  one  were  to  implement  a  40  V.  1 0A  buck  regulator 
with  a  UFN150,  it  would  not  be  unreasonable  to  extend  the  total 
switching  time  to  50  nsec  to  accomodate  rectifier  recovery  time.  An 
optimum  drive  current  for  this  application  would  then  take  50  nsec 
to  ramp  from  zero  to  peak  value  calculated  from 

Ciss  -  2000pF         ton  -  50nsec 
Crss  -  350pF  voo  -  40  V 

Vg(th)~3V  /d=10A 

10/4  , 

9m-^t,-4s 


The  total  charge  curve  can  be  examined  in  sections  to  define  the 
ideal  driver's  characteristics.  Using  a  constant  current  of  1  ampere, 
the  total  charge  curve  (Qg=l*T)  in  nanoCoulombs  also  represents 
the  MOSFET  turn-on  delay,  drain  current  rise  and  drain  voltage  fall 
times  in  nanoseconds. 


2.5V 


lip. 


■  [2000x10" 


?  (2.5x34- J^), 


3 1] 


50x10 
.-.  Ip  -  1 .32  amps  peak 

The  above  has  shown  that  while  high  peak  currents  are  necessary 
for  fast  power  MOSFET  switching,  controlling  the  rise  time  of  the 
gate  current  will  yield  a  more  well-behaved  system  with  less  stress 
caused  by  rectifier  recovery  times  and  capacitance.  This  type  of 
switching  requirement  can  be  fulfilled  with  integrated  circuit 
technology  and  several  IC's  have  been  developed  and  applied  as 
MOSFET  drivers. 

TOTAL  GATE  CHARGE  (Qg) 

Another  approach  used  to  quantify  and  understand  MOSFET  gate 
drive  requirements  is  much  simpler  than  that  of  examining  the 
instantaneous  voltages,  currents  and  capacitances.  The  term  "Total 
Gate  Charge",  or  Qg  specifies  the  amount  of  gate  charge  required 
to  drive  the  FET  gate-to-source  voltage  (Vgs)  from  zero  to  ten  volts, 
or  vice-versa.  For  most  high  voltage  devices,  these  thresholds 
correspond  to  the  FET  being  either  completely  on  or  off. 

Charge  (Q)  can  be  expressed  as  the  product  of  either  current 
multiplied  by  time  (l*T),  or  capacitance  multiplied  by  voltage  (C*V) 
in  the  units  of  Coulombs.  Most  contemporary  devices  have  total  gate 
charge  requirements  in  the  tens  to  low  hundreds  of  nano  Coulombs, 
dependent  almost  entirely  on  die's  geometry.  For  example,  an 
I RF71 0  (size  1 )  FET  has  a  total  gate  charge  requirement  of  only  7.7 
nC  whereas  the  IRFP460  (size  6)  demands  120  nC,  and  both  are 
typical  values. 


PARAMETER 

IRFP  440 

IRFP  450 

IRFP  460 

Qgs  (NC) 

6.2 

11 

18 

Qgd  (NC) 

22 

43 

62 

Qg  (NC) 

42 

86 

120 

Ciss  (Nf) 

1.3 

2.7 

4.1 

There  are  two  specified  parameters  contained  within  the  total  gate 
charge  expression;  Qgs,  the  gate-to-source  charge,  and  Qgd  the 
gate-to-drain,  or  "Miller"  charge.  Qgs  is  the  amount  of  charge 
required  to  bring  the  gate  voltage  from  zero  up  to  its  threshold  VGS 
(th),  ofapproximately6volts.  Qgd  defines  the  amount  of  charge  that 
must  be  input  to  overcome  the  "Miller"  effect  as  the  drain  voltage 
falls.  This  occurs  during  the  plateau  of  the  gate-to-source  voltage 
waveform  where  the  voltage  is  "constant".  Excess  charge  is  added 
to  lower  the  effecive  Rds  (on)  until  the  gate  voltage  reaches  1 0  volts, 
wher  Qg  is  specified.  Further  increases  above  this  level  do  NOT 
lower  Rds  (on),  so  a  1 0-1 2  volt  driver  bias  is  ideal. 


Gate-Source  Voltage  vs.  Gate  Charge 
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First  of  all,  and  most  Importantly,  the  average  capacitlve  load 
represented  by  the  FET  to  the  IC  driver  is  NOT  the  specified 
MOSFET  input  capacitance,  Ciss.  The  effecive  input 
capacitance,  Ceff,  is  the  total  charge  divided  by  the  final  gate 
voltage,  Vgs(f); 

Ceff  =  Qg(total)/Vgs(f). 

Using  the  total  gate  charge  curve  show  above,  the  460  FET  with  Vds 
(off)  =  400  volts  has  an  effective  input  capacitance  (Ceff)  of 
approximately  1 20nC/1  Ov,  or  1 2  nF  during  the  interval  of  0  <  Vgs  < 
1 0v.  The  specified  input  capacitance  of  Ciss  =  4. 1  nF  applies  only  at 
Vgs=0,  and  is  often  mistaken  for  the  driver's  actual  load. 

The  Qgs  portion  of  the  curve  is  primarily  governed  by  the  driver's 
ability  to  quickly  turn  ON.  Therefore,  a  sharp,  fast  transition  of  the 
totem-pole  output  from  low  to  high  is  essential  to  minimize  the  delays 
from  0  <  Vgs  <  VGS  (th).  In  most  applications  the  driver  IC  is  not 
peak  current  limited  during  this  interval,  since  its  is  more  likely  to  be 
dV/dT  limited.  The  effective  gate  (load)  capacitance  is  approximately 
Qgs/ VGS(th),  or  Ciss. 

Evident  from  the  charge  specifications,  most  of  the  popular  size 
FETs  used  in  switch-mode  power  supplies  (sizes  4.  5  and  6)  have 
much  larger  Qgd  demands  than  their  gate-to-source  counterpart, 
Qgs.  During  this  Qgd  interval,  the  gate  voltage  remains  "constant" 
while  gate  charge  accumulates  and  the  drain  voltage  collapses.  It  is 
also  during  this  period  that  most  drive  circuits  are  simply  peak 
current  limit,  whether  by  the  driver  IC  or  an  external  resistor.  High 
peak  currents  are  necessary  for  fast  transitions  through  this  interval, 
especially  when  driving  large  geometry  FETs. 

Full  drain  current  is  flowing  at  the  beginning  of  the  Qgd  portion  of  the 
Qg  curve,  and  notice  that  the  drain  voltage  remains  high.  FET  power 
loss  is  at  its  maximum  here,  and  decreases  linearly  with  Vds.  A 
majority  of  the  Qgd  charge  goes  to  combat  the  "Miller"  effects  as  the 
drain  voltage  falls  from  that  of  its  off  condition  to  Vgs,  or 
approximately  Vgs(th).  The  remainder  of  the  charge  is  used  to  bring 
the  drain  voltage  down  below  that  of  the  gate,  decreasing  the 
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effecive  gate  capacitance  over  the  Qgd  interval  since  there  is 
relatively  no  change  in  gate  voltage.  The  important  fact,  however,  is 
that  high  peak  currents  are  needed  to  minimize  the  FET  power  loss 
and  transition  time. 

The  remainder  of  the  gate  charge  brings  the  gate  voltage  from  VGS 
(th)  to  10  volts.  This  "excess"  charge  reduces  the  FET  "ON" 
resistance  to  its  minimum,  and  raising  the  gate  voltage  above  10 
volts  has  no  further  effect  on  reducing  the  Rds  (on).  The  effective 
gate  capacitance,  which  is  high,  can  be  obtained  by  dividing  the 
charge  input  by  the  change  in  gate  voltage  during  this  region. 

Ceff  =  [Qg  -  (Qgd+Qgd)]  /  (10v  -  VGS  (th) )  =  40nC/4v  =  10nF  for 
thelRFP460 

FET  DRIVER  ICS 

In  searching  for  IC's  capable  of  providing  the  fast  transitions  and 
high  peak  currents  required  by  power  MOSFETs,  one  of  the  first 
devices  which  became  popular  was  the  DS0026.  While  this  IC  was 
origionally  designed  to  be  dual  clock  driver  for  MOS  logic,  it  was 
capable  of  supplying  up  to  1 .5  amps  as  either  a  source  or  sink.  In 
addition,  it  was  made  with  a  gold  doped,  all  NPN  process  which 
minimizes  storage  delays,  and  as  a  result,  offers  transition  times  of 


approximately  20  nsec.  Its  disadvantages,  however,  are  high  cross 
conduction  currents,  as  well  as  requiring  excessive  supply  current 
when  the  output  is  in  the  low  (OFF)  state.  This  leads  to  higher  power 
dissipation  and  junction  temperature  than  optimum. 

This  brings  us  to  newer  ICs  designed  specifically  as  power  MOSFET 
drivers  for  switchmode  power  supply  applications.  Several  factors 
were  taken  into  consideration  while  developing  the  new  UC3705  /06 
/07  /09  series  of  high  current  drivers;  the  most  important  of  which, 
was  to  isolate  the  high  power  switching  noise  from  the  low  level 
analog  signals  at  the  PWM.  Seperate  supply  and  return  paths  at  the 
driver  to  its  signal  inputs  and  power  outputs  further  enhances  noise 
immunity.  Additionally,  several  desireable  features  including  an 
analogshutdown  comparator  have  been  incorporated  in  the  UC3706 
and  UC3707  devices,  whereas  the  UC3705  and  UC3709  drivers  are 
optimized  for  low  cost  applications  which  incorporate  this  function 
elsewhere  in  the  design.  Each  driver  features  TTL  compatible  input 
thresholds,  undervoltage  lockout,  thermal  shutdown  and  low 
cross-conduction,  high  speed  output  circuitry.  The  corresponding 
block  diagrams  and  pin  assignments  are  shown  in  figures  6  thru  9, 
and  followed  by  the  feature  selection  index. 
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UC3707  Block  Diagram 
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UC3709  Block  Diagram 
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DRIVER  FEATURES 

1 .5  Amp  Peak  Output  Current  (Per  Output) 
40  Nanosecond  Rise  &  Fall  Times  into  1 NF 
Low  Cross  Conduction  Current  Spike 
5  to  40  Volt  Operation 
High  Speed  Power  MOSFET  Compatable 
Thermal  Shutdown  Protection 
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of  this  circuit  are  the  slowing  of  the  turn-off  of  Q3  and  the  addition  of 
Q4  for  rapid  turn-off  of  Q8.  The  result  is  shown  in  figure  1 1  where  it 
can  be  seen  that  while  maintaining  fast  transition  times,  the  cross 
conduction  current  spike  has  been  reduced  to  zero  when  going  low 
and  only  20  nsec  with  a  high  transition.  This  offers  negligible 
increase  in  internal  circuit  power  dissipation  at  frequencies  in  excess 
of500KHz. 


1.5  AMP  PEAK  TOTEM-POLE  OUTPUTS 

The  schematic  of  the  UC3706  output  drive  circuit  is  shown  in  figure 
10,  which  is  similar  to  the  other  devices  in  this  family.  While  first 
appearing  as  a  fairly  conventional  totem-pole  design,  the  subtleties 


Typical  Output  Schematic 


Figure  10 
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t  =  200  nsec/division 
Vo  @  lOV^div 

Ic  @  200  mA/div 

Figure  1 1 


The  overall  transition  timethrough  the  UC3706  is  shown  in  figure  1 2 
with  the  upper  photograph  recording  the  results  with  a  drive  to  the 
inverting  input  while  the  lower  picture  is  with  the  non-inverting  input 
driven.  Note  that  the  only  difference  in  speed  between  the  two  inputs 
is  an  additional  20  nSec  delay  in  turning  off  when  the  non-inverting 
input  is  used.  Here,  and  in  further  discussions  note  that  ON  and  OFF 
relate  to  the  driven  output  switch,  i.e.,  On  is  with  the  output  HIGH, 
and  vice  versa.  The  shutdown,  inhibit  and  protective  functions  all 
force  the  output  LOW  when  active. 

Note  that  the  typical  rise  and  fall  times  of  the  output  waveform 
average  20  nsec  with  no  load,  25  nsec  with  1  nF,  and  35  nsec  when 
the  capacitive  load  is  2.2  nF  at  room  temperature.  Multilayer  ceramic 


capacitors  are  used  in  this  test  and  located  as  physically  close  to  the 
IC  output  as  possible  to  minimize  lead  and  connection  inductance. 
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Figure  14 
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Figure  15 


The  peak  current  of  each  totem-pole  output,  whether  source  or  sink, 
is  1 .5  amps.  However,  on  dual  output  versions  like  the  UC3706, 
UC3707  and  UC3709,  both  of  the  outputs  can  be  paralled  for  3  amp 
peak  currents.  In  close  proximity  on  the  same  die,  each  output 
virtually  shares  identical  electrical  and  thermal  characteristics. 
Saturation  voltage  is  high  at  this  current  level  but  falls  to  under  2V 
at  500ma  per  output.  Examples  of  typical  switching  characteristics 
are  displayed. 

It  should  be  noted  that  while  optimized  for  driving  power  MOSFET 
device,  the  UC3705  /06  /07  /09  ICs  perform  equally  well  into  bipolar 
NPN  transistors.  In  a  steady-state  off  condition,  the  output  saturation 
voltage  is  less  than  0.4  volts  as  currents  to  50  milliamps. 

DIRECT  COUPLED  MOSFET  DRIVE 

The  circuit  of  figure  17  shows  the  simplest  interface  to  a  power 
mosfet,  direct  coupling.  In  this  example,  an  IRFP460  will  be  used  to 
demonstrate  the  typical  rise  and  fall  times  obtainable  with  a  single 
1.5  amp  peak  totem-pole  driver.  Further  testing  will  include 
paralleling  both  outpus  of  a  dual  driver  for  a  3  amp  peak  capability. 
The  IRFP460  device  was  selected,  being  the  largest  commercially 
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available  FET  die  (a  size  "6")  at  the  time  of  this  writing  whose 
specifications  were  listed  previously. 

The  typical  values  of  each  charge  will  later  be  used  in  conjunction 
with  the  measured  driver  performance  to  estimate  the  actual  peak 
current  delivered  during  each  interval  of  turn-on.  The  tests  shown 


were  conducted  at  room  temperature  with  the  FET  located  directly 
at  the  IC  output  pins  to  nullify  any  effects  of  series  inductance. 
Additional  tests  and  measurements  will  demonstrate  the  effects  of 
circuit  inductance  on  gate  driver  performance. 
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While  directly  connecting  the  FET  gate  to  the  output  of  the  driver  is 
straightforward  for  testing  purposes,  it  does  not  represent  the  "real" 
application  which  may  includeseveral  inches  or  wire  or  printed  circuit 
board  traces.  Here,  wiring  inductance  will  sharply  degrade  the 
transitions  and  cause  substantial  overshoot  by  ringing  with  the  gate 
capacitance.  Extreme  examples  of  this  can  cause  the  gate-to-source 
voltage  to  overshoot  beyond  the  specified  maximum  ratings. 


Add  itionally,negativetransitions(belowground)atthederiver  output 
can  raise  havoc  with  the  internal  circuitry,  leading  to  undesireable 
performance.  While  this  is  more  of  a  concern  with  PWMs,  (which 
use  low  level  analog  input  signals)  it  will  also  detract  from  the  drivers 
peak  performance.  Both  of  these  conditions  can  easily  be  avoided 
by  Schottky  clamping  the  circuit  to  the  auxiliary  supply  rails. 
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ISOLATED  GATE  DRIVE 

In  certain  applications,  the  PWM  is  referenced  to  the  load  or 
secondary  side  of  the  power  supply  and  the  gate  drive  istransformer 
coupled  across  the  isolation  boundary  to  the  power  FETs.  While  this 
technique  may  work  adequately  at  low  switching  frequencies,  any 
series  circuit  inductance,  as  shown,  will  significantly  degrade 
switching  speeds  and  performance  as  the  frequency  is  increased. 
An  improved  version  of  this  circuit  locates  the  drivers  on  the  primary 
side,  as  close  as  possible  to  the  FETs,  and  transformer  couples  only 
the  low  power  input  signals.  Although  somewhat  more  elaborate, 
significant  improvements  in  turn-on  and  turn-off  switching  times  are 
obtained  and  the  FET  switching  losses  are  minimized. 


TRANSFORMER  COUPLED  MOSFET  DRIVE  CIRCUIT 


LOAD 


D1.D2:UC3611  SCHOTTKY  DIODE  ARRAY 
Figure  20 
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Figure  22 
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Primary  current 

0.5A/div 


PUSH-PULL  TRANSFORMER  COUPLING 

The  totem-pole  outputs  of  the  UC3706  can  easily  be  configured  for 
implementing  the  balanced  transformer  drive  as  shown  in  figure24. 
Outputs  A  and  B  are  alternating  now  as  the  internal  flip-flop  is  active 
and  the  output  frequency  is  halved.  Note  that  when  one  UC3706 
output  goes  high ,  the  other  is  held  low  during  the  dead  time  between 
output  pulses.  With  balanced  operation,  no  coupling  capacitor  on 
the  primary  is  necessary  since  there  is  no  net  DC  in  the  primary. 
Schottky  clamp  diodes  on  the  primary  side  and  back-to-back  zeners 
on  the  secondaries  are  necessary  to  minimize  the  overshoot  causes 
by  the  ringing  of  the  gate  capacitance  with  circuit  inductances. 
Waveforms  of  all  significant  points  within  this  circuit  are  shown. 
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SUPPLYING  POWER  TO  THE  DRIVERS 

From  the  block  diagrams  of  figures  6  thru  8,  note  that  the  UC3705, 
UC3706  and  UC3707  have  two  supply  terminals,  Vin  and  Vc.  These 
pins  can  be  driven  from  the  same  or  different  voltages  and  either 
can  range  from  5  to  40  volts.  Vin  drives  both  the  input  logic  and  the 
current  sources  providing  the  pull-up  for  the  outputs.  Therefore,  Vin 
can  also  be  used  to  activate  the  outputs  and  no  current  is  drawn 
from  Vc  when  Vin  is  low.  This  is  useful  in  off-line  applications  where 
its  desireable  for  the  control  circuit  to  have  a  low  start-up  current. 
Several  PWM  controllers,  like  the  UC1 840,  UC1 841  and  the  UC1851 
feature  a  Driver  Bias  output  which  goes  high  once  the  undervoltage 
lockout  threshold  is  crossed,  thus  supplying  bias  to  the  driver. 
Adaptations  of  this  technique  can  be  made  to  work  with  a  variety  of 
other  PWMs  and  control  circuits. 


USING  "SPLIT"  SUPPLIES 

Many  applications  utilize  a  negative  voltage  rail  in  the  drive  circuit  to 
guarantee  complete  turn-off  of  power  MOSFETs,  especially  those 
with  lowgatethreshold  voltages,  typical  of  "logic  level"  input  devices. 
This  is  easy  to  implement  with  any  of  the  UC3705  thru  UC3709 
drivers  by  offsetting  the  input  signals  with  a  zener  diode  equal  in 
voltage  to  the  negative  supply,  Vee.  Although  referenced  at  the 
driver  IC  to  the  Vee  rail,  these  inputs  are  offset  by  an  equal  amount 
to  the  PWM  controller,  simulating  a  ground  referenced  input.  This 
technique  also  offers  moderate  improvements  in  FET  switching 
speeds  at  the  penalty  of  slightly  increased  effective  delay  times  from 
the  driver  inputs.  The  end  results  are  listed  below,  which  may  be 
beneficial  in  applications  where  a  tailored  gate  drive  is  required  to 
alter  the  MOSFET  switching  charcteristics. 


POWER  MOSFET  DRIVE  CIRCUIT 
USING  NEGATIVE  BIAS  VOLTOGE  AND  LEVEL  SHIFTING 
TO  GROUND  REFERENCED  PWMS 
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SUMMARY 

This  paper  has  presented  an  understanding  of  the  dynamics  of  high 
speed  power  MOSFET  switching  in  an  attempt  to  define  the 
optimum  gate  drive  requirements  to  meet  specific  applications.  The 
need  for  high  peak  gate  currents  with  controlled  rise  times  has  led 
to  the  development  of  several  integrated  circuits  aimed  towards 
achieving  these  goals.  The  UC3705,  UC3706,  UC3707  and 
UC3709  drivers  provide  high  speed  response,  1 .5  amps  of  peak 
current  per  output  and  ease  the  implementing  of  either  direct  or 
transformer  coupled  drive  to  a  broad  range  of  power  MOSFETs. 
With  these  new  devices,  one  more  specialized  function  has  been 
developed  to  further  aid  the  power  supply  designer  simplify  his  tasks 
and  enhance  power  MOSFET  switching  characteristics. 
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A  SIMPLIFIED  APPROACH  TO  DC  MOTOR  MODELING  FOR 
DYNAMIC  STABILITY  ANALYSIS. 


a) 

(2) 


VA  lA  =  TM  uM  (watts) 


Ia 


=  KT 


"where  VA  is  the  internally  generated  armature  voltage,  or 
back  emf,  and  lA  is  the  armature  current.  (See  Fig.  1  tor 
definition  of  motor  terms.) 


By 

Claudio  de  Sa  e  Silva 
Applications  Engineer 
Unitrode  Corporation 
When  we  say  that  an  electric  motor  is  a  device  that 
transforms  electric  power  into  mechanical  power,  we  say 
two  things.  First,  that  the  motor  is  —  and  behaves  as  — 
a  transformer.  Second,  that  it  stands  at  the  dividing  line 
between  electrical  and  mechanical  phenomena.  In  the 
case  of  permanent  magnet  (PM)  motors  we  know  that  this 
power  transformation  works  in  both  directions  so  that  the 
electrical  impedance  depends  on  the  mechanical  load, 
while  the  mechanical  behavior  of  the  motor  depends  on 
the  conditions  at  the  electrical  end. 

This  being  the  case,  it  should  be  possible  to  represent  a 
motor's  mechanical  load,  on  the  electrical  side,  by  a  set 
of  familiar  electrical  components  such  as  capacitors  or 
resistors. 

CHOOSING  A  UNIT  SYSTEM 

Before  we  get  started,  let  us  consider  for  a  moment  the 
system  of  measurement  units  that  we  have  chosen. 

The  metric  system  of  units  has  undergone  a  number  of 
changes  in  its  history,  of  which  the  latest  is  the  SI  (Systeme 
International  d'Unites).  This  system  has  become  popular 
In  most  of  the  industrialized  world,  largely  because  it  is 
a  coherent  system,  in  which  the  product  or  quotient  of  two 
or  more  units  is  the  unit  of  the  resulting  quantity.  It  will  be 
seen  here  that  certain  simplifications  result  from  using  this 
form  of  the  metric  system. 

In  the  SI  system,  force  is  measured  in  Newtons  (N)  and 
distance  in  meters  (m).  Consequently,  the  units  of  torque 
are  Nm  (see  Conversion  Table).  If  a  motor  shaft  rotates  at 
an  angular  velocity  of  wM  radians  per  second,  with  torque 
TM,  the  mechanical  power  output  will  be  equal  to  the 
product  TM  and  cuM  and  the  units  will  be  watts  if  TM  is  in 
Nm. 

Motor  manufacturers  usually  specify  a  torque  constant 
(KT)  and  a  voltage  constant  (Kv)  for  their  motors.  These 
constants  have  different  values  when  the  torque  and  speed 
are  measured  in  English  units,  but  they  have  the  same 
numerical  value  when  SI  units  are  used.  This  becomes 
obvious  when  you  consider  that  the  electrical  input  power 
must  be  equal  to  the  mechanical  output  power: 


TABLE  1  UNITS  CONVERSION 


THESE        f  X  —  =  1  SI 
UNITS        \  =  —  -  J  UNITS 

DIM. 

oz 

2.78    x  1CT1 

N 

MLT"2 

lb 

4.448 

N 

MLT-2 

in 

2.54    x  10"2 

m 

L 

ft 

3.048  x  10"' 

m 

_ 

gf 

9.807  x  10"3 

N 

MLT"2 

g  cm2 

10"7 

Nm  sec2 

ML2 

ft  lb  sec2 

1.356 

Nm  sec2 

ML2 

oz  in  sec2 

7  063  x  10"3 

Nm  sec2 

ML2 

ft  lb 

1.356 

Nm 

ML2T"2 

oz  in 

7  063  x  10-3 

Nm 

ML2T-2 

NOTE  The  dimensions  are  M  (mass).  L  (length),  ana  T  (time)  The  gram  ig) 
is  a  unit  ol  mass,  and  the  gram-force  (gt)  is  a  unit  of  force  The  pound  (lb) 
and  the  ounce  (oz)  are  included  as  units  of  force  only 


in  Nm/A  or  Vseo'rad 


FIGURE  1.  THIS  SERIES  RLC  CIRCUIT  IS  AN  EXCELLENT 
MODEL  OF  A  DC  MOTOR  LOADED  WITH  AN  ESSENTIALLY 
INERTIAL  LOAD.  HERE,  J  IS  THE  TOTAL  MOMENT  OF 
INERTIA,  INCLUDING  THE  ROTOR'S  JM. 

If  we  do  the  same  thing  with  the  familiar  electrical  trans- 
former, we  get  the  turns  ratio: 


(3) 
(4) 


V,  I, 
V2 


V2  l2  (watts) 

'j  N, 
I,  N2 


Thus,  the  non-dimensional  turns  ratio  N,/N2  is  analogous 
to  the  dimensional  torque  (or  voltage)  constant  K-rv.  Fur- 
thermore, equations  (2)  and  (4)  give  us  a  clear  hint  that 
the  angular  velocity  (<oM)  is  analogous  to  voltage,  while 
the  torque  (TM)  is  analogous  to  current. 


The  units  of  Ktv  may  be  either  Nm/A,  or  V  sec/rad.  Thus, 
specifying  both  KT  and  Kv  for  a  motor  is  like  measuring 
and  specifying  both  the  voltage  ratio  and  the  current  ratio 
of  a  transformer,  and  can  only  make  sense  where  redun- 
dancy is  required. 

THE  MOTOR  AS  A  TRANSFORMER 

We  have  established  an  analogy  between  Kn  and  a 
transformer's  turns  ratio;  between  angular  velocity  and 
voltage;  and  between  torque  and  current.  If  the  motor 
behaves  as  a  transformer,  then  we  would  expect  to  find 
the  square  of  K™  involved  in  something  analogous  to 
impedance  transformation. 

Suppose  we  apply  a  constant  current  lA  to  the  armature 
of  a  motor  whose  load  is  its  own  moment  of  inertia  JM 
(Nm  sec2).  We  know  that  according  to  Newton's  law  for 
rotating  objects, 

(5)  TM  =  JM  *m 

where  aM  is  the  angular  acceleration  dcuM/dt. 
Since  TM  =  lA  K™  (Eq.  2) 

(6)  lA  Ktv  =  JM  JS* 

dt 

Furthermore,  also  from  Eq.  2, 

(7)  *M=  A. 

so  that 

Jm  .  dVA 
Kfv  dt 

Equation  6  has  a  familiar  form,  and  we  recognize  at  once 
the  quantity  Jm/Ktv  as  a  capacitor.  It  follows  that  the 
motor  "reflects"  a  moment  of  inertia  JM  back  to  the  elec- 
trical primary  as  a  capacitor  of  Jm/Ktv  farads. 

A  neat  way  to  check  this  result  is  to  equate  the  energy 
stored  kinetically  in  JM  with  the  electrical  energy  stored 
in  a  capacitor  CM: 

(9)  Vi  CMVA  =  VS  JM  o>m 

2 

(10)  CM  =  Jw  ' 


(8)  Ia 


Since  . 


(11)  C„ 


=  1 
Ktv 

Kfv 


(farads) 


Similarly,  a  torsional  spring  with  spring  constant  Ks 
(Nm/rad)  is  reflected  as  an  inductance  of  KfVKs  henries. 
And  a  viscous  damping  component  B  (Nm  sec/rad)  ap- 
pears as  a  resistor  of  Kfv/B  ohms. 


A  MOTOR  MODEL 

Once  we  can  represent  the  mechanical  load  by  means 
of  electric  elements,  we  can  draw  an  equivalent  circuit  of 
the  motor  and  its  mechanical  load.  The  armature  has  a 
finite  resistance  RA  and  an  inductance  LA,  through  which 
the  torque-generating  current  lA  must  flow.  These  com- 
ponents are  not  negligible,  and  must  be  included.  An  in- 
ertially  loaded  motor  can  be  represented  as  in  Fig.  1, 
where  the  moment  of  inertia  J  is  the  sum  of  the  load's  JL 
and  the  rotor's  JM. 

It  turns  out  that  in  practice,  the  moment  of  inertia  that  the 
motor  must  work  against  —  or  with,  depending  on  how 
you  look  at  it  —  is  by  far  the  most  important  component 
of  the  mechanical  load.  A  fnctional  component  also  ex- 
ists, to  be  sure,  but  because  it  is  largely  independent  of 
speed,  it  would  be  represented  electrically  as  a  constant 
current  source,  which  could  not  affect  the  dynamic 
behavior  of  the  motor.  And  since  a  torsional  spring  — 
which  would  affect  it  —  is  rarely  found  in  practice,  we  will 
concentrate  on  the  inertial  problem  only. 

MEASURING  THE  COMPONENTS 

The  measurement  of  RA  and  LA  is  not  difficult.  A  good 
ohmmeter  will  get  you  RA,  and  you  can  measure  the 
electrical  time  constant  te  to  calculate  LA: 

(12)   LA  =  te  RA 

Just  make  sure  that  the  rotor  remains  stationary  during 
these  measurements. 

In  order  to  determine  the  value  of  the  capacitor,  CM,  we 
will  need  to  measure  the  shaft  speed.  If  the  motor  being 
measured  is  a  brushless  DC  motor,  we  can  use  the  signal 
from  one  of  the  Hall  effect  devices  as  a  tachometer.  If  the 
Hall  frequency  is  fH,  and  the  number  of  rotor  poles  is  R 
the  angular  velocity  wM  is 
.    4n  fH 


(13)  "m 


(rad/sec) 
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With  other  motors  you  will  need  a  strobe-light  or  some 
other  means  to  measure  speed. 

A  good  way  to  measure  CM  is  through  a  measurement 
of  the  mechanical  time  constant  TM.  We  do  this  by  driv- 
ing the  motor  with  a  constant  voltage  driver  and  measur- 
ing the  time  it  takes  to  accelerate  from  zero  speed  to  63% 
of  the  highest  speed  achievable  at  the  voltage  used.  To 
set  a  safe  limit  to  the  starting  current  we  can  reduce  the 
supply  voltage  or  add  a  series  resistor  with  the  motor,  or 
both.  The  set-up  is  shown  in  Fig.  2.  Note  that  the  armature 
resistance  RA  is  already  known,  and  we  add  resistors  RB, 
if  needed,  to  limit  the  armature  current  lA  to  a  value  that 
is  safe  for  both  driver  and  motor. 

The  first  thing  to  do  is  let  the  motor  run  freely  and  measure 
o>max  and  lMAX.  and  use  these  values  to  calculate  the  ar- 
mature voltage  VMAX: 

(14)    VMAX  =  Vcc  -  Vsat  -  lMAX  (Ra  +  RB) 


4 
U 
_J 

a 
a. 
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TOTAL  MOMENT  OF  INERTIA 


FIGURE  2.  SET-UP  FOR  MEASUREMENT  OF  Cm  »  J/Ktv 
OF  A  3-PHASE  BRUSHLESS  DC  MOTOR  WITH 
INERTIAL  LOAD  J1.  THE  MOTOR  VOLTAGE  VM  =  VCC  ■  Vsat. 
WHERE  Vsat  IS  THE  OUTPUT  SATURATION  VOLTAGE. 


Here  Vcc  is  the  supply  voltage,  Vg^  is  the  saturation 
voltage  of  the  driving  circuit,  and  lMAX  is  the  current 
drawn  by  the  unloaded  motor  at  maximum  speed. 

Thus  we  can  calculate 


(15)  Ktv 


VMAX 
'"MAX 


(Vsec/rad) 


Next,  set  the  oscilloscope  time  scale  to  that  you  can  easily 
read  a  Hall  frequency  equal  to  63%  of  coMAX,  so  that: 

(16)   coM  =  0.63  coMAX 


By  holding  and  releasing  the  motor  shaft,  take  several 
readings  of  the  time  TM  required  to  accelerate  from  zero 
to  coM.  Remember  that  these  readings  are  taken  "on  the 
fly,"  since  the  motor  continues  to  accelerate  towards  the 
maximum  speed  coMAX.  Having  obtained  a  good  value  of 
TM  you  can  now  calculate 

TM 

(farads) 


(17)   C„  = 


(RA+  RB) 

This  completes  the  RLC  equivalent  circuit.  If  the  value  of 
JM  is  also  required,  it  too  can  be  calculated: 

(18)  JM  =  CM  Ktv 

THE  MOTOR'S  TRANSFER-FUNCTION 

In  the  circuit  of  Fig.  1,  V,  is  the  voltage  applied  to  the 
motor  leads,  and  VA  is  the  actual  armature  voltage,  or 
back  EMF.  This  latter  voltage  is  equal  to  comKtv,  as  we 
have  seen,  so  that  if  we  want  to  derive  an  expression 
relating  the  speed  to  the  applied  voltage,  we  can  write: 

(19)  ~ir=i-v-  <rad/vsec> 

v1  K-TV  V, 

If  V,  is  a  constant  voltage,  the  speed  coM  will  also  be  con- 
stant. This  is  clear  from  the  circuit  of  Fig.  1  as  well  as  from 
our  experience  with  motors.  If,  however,  V,  varies 


smusadaly  at  some  frequency  f,  the  speed  coM  will  vary 
similarly,  but  the  amplitude  and  phase  will  in  general  be 
different  from  those  of  the  driving  function.  This  fact  is  very 
important  if  we  are  to  include  the  motor  in  a  feedback  loop, 
because  the  motor's  contribution  to  the  overall  loop  gain 
and  phase  shift  is  an  important  factor  in  determining  stabil- 
ity. The  motor's  transfer  function  —  i.e.  Eq.  19  expressed 
as  a  function  of  frequency  —  gives  us  a  precise  descrip- 
tion of  how  the  amplitude  and  phase  behave  at  different 
frequencies.  To  do  this,  we  use  the  variable  jco,  where 
=  \/^r  and  to  =  2nf. 


I 

(20)  VA(,co) 


V,  (|co) 


jco2  LACM  +  jco  RACM  +1 


(jco)2  LACM  +  ico  RACM+  1 


(21)  VA  ()C0) 
V,(jco) 

(22)  LACM  ■ 


where  con  is  the  natural  frequency  of  the  circuit. 
raCmLa        Ra  1 


(23)  RACM  = 

La 

since  the  circuit  Q  is 
Q  =  M"LA 
Ra 

Therefore. 


co2U  Qcon 


(24) 


Va  (jco) 
V,  (jco) 


/j»_Y+j«_-  1 


Furthermore,  using  Eq.  19, 


(25) 


COM  (jto) 

V,  (jco) 


Since  we  know  the  values  of  Ktv,  <"n  and  Q,  we  can 
calculate  the  magnitude  and  phase  angle  of  Eq.  25  for 
various  values  of  jco.  For  a  given  co  =  co,,  Eq.  25  can  be 
evaluated  into  a  complex  number  A,  +  jB,,  whose  angle 


(26)   e,  =  tan" 


A, 
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and  whose  magnitude  can  be  expressed  in  decibels  as 
follows: 

(27)   M,  =  20  log10  >/A?  +  B? 

A  plot  of  these  quantities,  using  a  logarithmic  frequency 
scale,  is  called  a  Bode  plot,  and  can  be  a  handy  tool  in 
understanding  how  the  device  will  affect  the  final  loop 
performance. 
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A  DISC  -  DRIVE  EXAMPLE 

A  small  three  phase  brushless  DC  motor,  measured  as 
above,  has  the  following  characteristics: 

K-ry  =  0.015  Nm/A,  or  Vsec/rad. 

RA    =  2.5  ohm 

LA    =  0.002  Hy 

J      =  0.001  Nm  sec2 

The  J  value  was  measured  with  three  magnetic  discs 
mounted,  and  represents  the  actual  value  required  for  the 

application.  Using  Eq.  11, 

(28,    CM  J 


TABLE  2.  CALCULATED  VALUES  OF  EQUATION  31. 


KTV 


4.44  fd 


(0.015)2 

This  may  seem  like  an  unusually  large  value  for  a  capacitor, 
but  it  simply  reflects  the  large  amounts  of  kinetic  energy 
that  can  be  stored  in  the  included  inertia. 

From  Eq.  22 
(29)  a 


La  CM 


w 


0.002  x  4.44 


=  10.61  rad/sec 
From  Eq.  23 

(30)    Q  =  =  - 


10.61  x  0.002 
2.5 


0.0085 


(The  quality  factor  Q  has  no  units).  The  motor  transfer  func- 
tion, given  in  Eq.  25,  is 
«m  (jco) 


(31) 


(|co) 
66.67 


(rad/Vsec) 


+  1 


A  calculator  that  is  pre-programed  to  operate  with  com- 
plex numbers  (HP  28C,  for  example,  or  15C)  makes  the 
evaluation,  of  this  equation  an  easy  task.  With  the  28C  you 
can  set  up  a  USER  routine  called  BODE,  as  follows: 

«DEG  DUP  ABS  LOG  20  X  SWAP  ARG» 
This  will  convert  a  complex  number  x  +  jy  into  20  log 
\/  xZ+y2  at  level  2,  and  arc  tan  (y/x)  at  level  1.  Table  2 
shows  a  list  of  several  such  computations  of  Eq.  31: 
At  co  =  0,  the  gain  is  simply  66.67  radAfeec.  As  co  increases 
from  zero  up,  the  gam  decreases  as  shown  in  the  GAIN 
column  of  Table  2.  For  our  Bode  plot,  we  want  to  show 
the  gain  relative  to  the  initial,  or  DC,  gain.  Therefore,  we 
subtract  66.67db  from  each  gain  value  in  Table  2  and  plot 
the  result.  This  is  the  same  as  plotting  only  the  function 

(32)    GGssj  =   '  

+  1 

which  should  be  compared  with  Eq.  31.  The  results  are 
shown  in  Fig.  3. 
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003 
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36.0 
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33.0 
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1 
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< 


FREQUENCY  -  (rad/sec) 
FIGURE  3.  BODE  PLOT  OF  MOTOR  DATA  IN  EXAMPLE. 

Note  that  up  to  about  100  rad/sec  (15.9  Hz)  the  phase  lag 
barely  exceeds  90  degrees.  The  first  pole  occurs  at 
co  =  0.09  rad/sec,  at  which  point  the  phase  lag  is  45 
degrees.  The  second  pole,  widely  separated  from  the  first 
in  this  case,  occurs  at  a  frequency  in  excess  of  1000 
rad/sec,  as  we  can  see  from  the  further  bend  in  the  phase 
curve.  The  gain,  which  was  drooping  at  a  rate  of  -20db 
per  decade  below  100  rad/sec,  now  begins  to  bend 
towards  a  steeper  droop  of  40db/dec  after  the  second  pole 
is  reached.  At  very  high  frequencies,  the  phase  lag  will 
reach  180  degrees. 

Used  in  a  speed  control  feedback  loop,  this  motor  will  per- 
form well  provided  that  the  user  takes  this  gain  and  phase 
behavior  into  account.  This  is  done  by  incorporating  the 
motor  transfer  function  into  the  overall  loop  equation,  which 
will  include  other  components.  One's  understanding  of  the 
motor's  behavior  improves  with  this  type  of  analysis,  which 
makes  comparisons  between  different  motors  more  clear 
and  articulate. 
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ABSTRACT 

A  new  family  of  integrated  circuits  is  introduced.  Devices  from 
this  family  implement  the  necessary  architecture  to  control  a  broad 
range  of  resonant  mode  converters.  Key  features  in  the  areas  of 
switch  liming,  fault  management,  and  soft-start  technique  are 
unique  to  this  family.  Individual  devices  are  customized  to  handle 
off-line  or  DC  to  DC,  single-ended  or  dual-switch,  zcro-voltage-or- 
current-switched  configurations.  Specific  application  to  three 
different  resonant  mode  converters  is  mentioned. 


SURVEY  OF  EXISTING  CONTROL 
INTEGRATED  CIRCUITS 

Since  1986,  interest  in  resonant  mode  power  conversion  has 
exploded  in  the  technical  conferences.  IC  makers  have  been  quick 
to  respond  with  offerings  of  control  ICs.  Table  1  is  a  list  of  chips 
available  at  the  present  time.  To  simplify  thinking,  the  first  three 
parts  listed  are  essentially  the  same  design  as  arc  the  last  two.  There 


are  significant  differences  in  features  and  performance  levels 
between  the  three  groups.  However,  a  common  operational 
philosophy  is  shared  by  all:  fixed-pulse-width  variable-frequency. 
This  approach  has  been  applied  to  zero-cun-ent-switched  (ZCS), 
quasi-resonant  mode  converters  with  reported  success. 

Table  1 .  List  of  Resonant  Mode  Control  ICs 


LD405 
GP605 
CS3805 

UC3860 

MC34066 
CS360 


Fault 


Nl 
INV 


Rmin 
Cvco 

Zero 
RC 


Soft-Ref  □> 


E/A  Out  □ 


Range       |  \- 

LZr- 


Fault 
Logic 
and 

Precision 
Reference 


vco 

One 

Shot 

Bias  & 
5V  Gen 


UVLO 


5V 


FET 

Drivers 

— ■> 

Grid 


-I    I  Vcc 


Out  A 


-O  OutB 


-I    I  PwrGnd 


Figure  1 .  Controller  Block  Diagram 


APPLICATION  NOTE 


U-122 


NEW  FAMILY  OF  RESONANT  MODE 
CONTROL  INTEGRATED  CIRCUITS 

As  the  discipline  is  maturing,  the  advantage  of  some  feature 
changes  has  become  apparent.  Versatility  to  control  both  ZCS  and 
zero-voltage-switched  (ZVS)  converters  is  needed.  The  ability  to 
control  proper  switch  times  (on  or  off)  with  changing  line,  load,  or 
component  values  is  needed.  To  address  these  needs,  a  family  of 
controllers  based  on  a  common  silicon  die  has  been  developed. 
Three  members  of  the  family,  the  UC1861,  UC1864,  and  UC1865 
will  be  covered  in  detail. 

The  common  block  diagram  of  the  family  is  illustrated  in  figure 
1 .  These  parts  feature  an  error  amplifier  (E/A),  voltage  controlled 
oscillator  (VCO),  one  shot  timing  generator  with  a  zero  wave- 
crossing  detection  comparator,  steering  logic  to  two  output  drivers, 
a  5V  bias  generator,  and  under  voltage  lockout  (UVLO).  A  latched 
fault  management  scheme  provides  soft  start,  restart  delay,  and  a 
precision  reference. 

Die  options  can  be  produced  that  give  different  UVLO  levels,  as 
well  as  different  output  properties.  There  are  two  UVLO  options. 
The  first,  suited  for  off-lin»  operation  has  thresholds  of  1 6  and  1 0  V. 
While  UVLO  is  active,  Ice  is  less  than  0.3mA.  The  other  option  is 
8  and  7V,  to  accommodate  lower  input  voltage  DC/DC  converters. 

The  flavor  of  the  outputs  required  by  different  resonant  mode 
topologies  requires  the  steering  logic  to  be  configured  specially  for 
each  application.  The  basic  options  that  can  be  built  allow  for  single 
or  dual  switch  drive,  and  controlled  on  or  off  times.  Zero-current- 
switching  applications  require  controlled  switch  on  times  while 
zero-voltage-switching  applications  require  controlled  switch  off 
times.  Figure  2  shows  these  options. 

One  Shot 


Single  ZCS 


Single  ZVS 
(UC1864) 


Dual  ZCS 
(UC1865) 


Dual  ZVS 
(UC1861) 


A 
B 

A 
B 


J~T 


J  L 


Figure  2.  Output  Drive  For  Different  Converters 

Table  2  details  the  options  implemented  in  the  1861,  '64,  and  '65. 
Other  options  can  be  built  from  the  same  die. 

Table  2.  Implemented  Options  in  the  1861,  '64,  '65. 


Device 

UVLO  Vth 

Outputs 

Zcro-(?)-Switchin(! 

UC1861 

16/10V 

Dual 

Voltage 

UC1864 

Single 

Voltage 

UC1865 

16/10V 

Dual 

Current 

PRIMARY  CONTROL  BLOCKS 

The  fundamental  control  blocks  essential  for  a  majority  of 
resonant  mode  converters  are  an  error  amplifier,  VCO,  one  shot 
timing  generator,  and  output  stage  to  drive  power  mosfcts. 

ERROR  AMP  &  VOLTAGE 
CONTROLLED  OSCILLATOR 

Figure  3  details  the  E/A  and  VCO.  The  E/A  output  directly 
controls  the  VCO  via  the  Irange  generator.  The  VCO  has  inputs  for 
two  resistors,  R      and  R  .  ,  and  one  capacitor,  C  . 

ange  mm  r  vco 

Cyco  determine  minimum  frequency. 


R  .  and 

nun 


3.6 


(R  .  *  C  ) 

x   min  vco' 


(i) 


■5V 


Clock 


Figure  3.  Error  Amplifier  and  Voltage  Controlled 


When  the  output  of  the  E/A  is  less  than  or  equal  to  one  diode  drop 
above  ground,  the  VCO  operates  at  minimum  frequency.  The  E/A 
output  can  go  as  high  as  one  diode  drop  below  5V.  When  at  this 
potential,  the  VCO  frequency  is  at  its  maximum. 


p  = 


3.6 


(2) 


Usable  maximum  frequency  tops  out  around  1.5MHz.  The 
Frequency  range  is  the  difference  in  equations  2  and  1 . 


AF  = 


3.6 


R  *C 

ange  vco 


(3) 
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Since  the  nominal  E/A  output  swing  is  approximately  3.6V  for 
full  variation  in  VCO  frequency,  the  gain  of  the  VCO  block  is 


dF/dV  = 


Range  *  Cvco 


(4) 


In  ZCS  power  supplies,  an  increase  in  frequency  will  correspond 
to  an  increase  in  the  converter's  output  voltage.  For  these 
applications  the  E/A  non-inverting  input  is  connected  to  a  reference 
voltage  while  the  output  voltage  sense  is  fed  back  to  Uic  inverting 
input.  For  ZVS  power  supplies,  a  decrease  in  frequency 
corresponds  to  an  increase  in  output  voltage.  For  these  systems,  the 
inputs  to  the  E/A  are  exchanged. 

The  common  mode  range  of  the  E/A  is  from  zero  to  6V.  This 
feature  allows  zero  volts  to  be  a  valid  reference  voltage  applied  to 
the  E/A.  Soft  start,  covered  later,  lakes  advantage  of  this  feature. 

ONE  SHOT  TIMING  REQUIREMENTS 

The  basic  premise  in  resonant  mode  conversion  is  packets  of 
energy  delivered  at  varying  repetition  rates.  Each  energy  packet 
dictates  a  basic  switch  on  or  off  time,  hence  the  one  shot  timer.  In 
ZCS  systems  the  switch  is  on.  InZVSsystems  the  switch  is  off.  The 
timer,  then,  should  force  the  switch  to  conform  to  the  resonant 
timing  of  the  tank  circuit.  It  is  this  conformance  that  achieves  zero 
stress  switching. 


Line 
100 
to 

150V 


L  =  16.4  uH 

H>L_fYY^ 

D1 


Load  0  to  1 A 


D2 


5 


C  =  3.16nF 


Figure  4.  ZCS  Resonant  Tank  Example 

For  purposes  of  convenience,  a  simplified  ZCS  resonant  tank  is 
presented  to  illustrate  the  timing  requirements  of  resonant 
converters  in  general.  This  is  an  example,  not  a  rigorous  theoretical 
presentation.  It  does,  however,  demonstrate  the  problems  to 
overcome  in  properly  controlling  a  resonant  mode  converter.  The 
circuit  of  figure  4  is  designed  to  operate  from  line  inputs  of  100  to 
1 50V  and  0  to  1 A  load  current.  The  tank  frequency  is  arbitrarily 
selected  to  be  700kHz.  A  reasonable  first  guess  for  tank  impedance 
is  determined  by 


lowlinc 


(5) 


I  *  1.386 
max 

=    72  ohms. 


From  the  equations  governing  resonant  tank  natural  frequency 
and  impedance,  L  and  C  can  be  calculated. 


F  =   h—  =  700kHz 

°      2rcV  LC 


_L_ 


■■  72  ohms 


(6) 


(7) 


L=  =16.4|J.H 


2k  Z  F 

o  o 


=  3.16nF 


(9) 


Figure  5  shows  the  pertinent  current  and  voltage  waveforms  for 
the  case  of  125  V  input  and  0.8  A  output.  When  the  switch  closes  at 
zero  lime,  the  current  starts  to  build  linearly.  Once  the  current 
reaches  0.8A,  then  load  current  is  completely  supplied  through  the 
inductor  and  D2  carries  no  current.  At  this  point  in  time  the  L  and 
C  resonate  together  until  inductor  current  returns  to  zero.  At  this 
time  the  switch  is  allowed  to  rum  off,  but  it  doesn't  necessarily  have 
to.  Dl  prevents  reverse  current  in  the  switch.  It  isn't  necessary  to 
open  the  switch  until  the  capacitor  voltage  decays  to  line  voltage.  It 
is  acceptable  to  open  the  switch  any  time  during  this  "switch 
window".  If  it  is  opened  too  soon,  the  circuit  will  suffer  severe 
switching  losses.  If  it  is  not  opened,  the  tank  will  resume  resonating, 
as  shown  by  the  dashed  curves.  If  the  switch  is  opened  later  than  the 
switch  window,  not  only  will  the  circuit  suffer  switching  losses,  but 
the  transfer  function  becomes  overly  complex. 


2.5  r- 


Inductor 
Current 


Line  =  125V 
Load  =  0.8A 
L  =  16.4  uH 
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Linear 
Discharge 


Figure  5.  Typical  Resonant  Tank  Waveforms 

The  graph  in  figure  6  plots  the  switch  window  as  a  function  of 
load  current  for  both  high  and  low  line  voltage.  For  example,  at  a 
load  current  of  0.5  A  and  high  line,  the  switch  must  be  closed  for  at 
least  0.80us  and  need  not  be  opened  until  1.61us.  Examination 
reveals  the  most  stringent  switch  window,  1.03  to  1 .21  us,  occurs  at 
low  line  and  full  load.  Furthermore,  this  window  is  a  subset  of  all 
other  windows.  This  might  lead  to  choosing  a  fixed  on-time  of 
1 . 12us  under  the  assumption  that  it  is  relatively  easy  to  build  a  fixed 
time  one-shot  circuit  with  total  variation";  less  than  +/-8%. 
However,  further  consideration  will  lead  to  a  different  conclusion. 

In  order  to  insure  that  the  example  in  question  can  be  produced, 
the  variations  of  the  resonant  components  and  the  possibility  of 
output  overload  must  also  be  examined.  This  example  continues  by 
assuming  total  variations  for  the  capacitor  are  under  10%  while 
under  20%  for  the  inductor.  A  20%  overload  is  also  allowed. 
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Figure  6.  Minimum/Maximum  Switch  Time  vs  Load 
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Figure  7  shows  ihe  valid  switch  windows  at  1.2A  and  100V  for 
nominal  component  values  as  well  as  the  four  tolerance  comers. 
Several  observations  can  be  made.  Firstly,  the  window  for  the  case 
of  +20%  inductor  and  -10%  capacitor  variations  has  zero  tolerance. 
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Figure  7.  Switch  Window  vs  Component  Value 
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Figure  8.  One  Shot  Timer. 
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The  swilch  must  turn  off  at  1.30us.  This  is  because  the  tank 
impedance  is  exactly  the  ratio  of  low  line  voltage  to  overload 
current  for  these  component  values.  This  is  the  source  of  the  1 .386 
factor  in  equation  5.  Secondly,  and  the  point  of  the  illustration,  there 
is  no  possible  value  of  fixed  switch  time  that  accommodates 
component  variation. 


ONE  SHOT  TIMING  GENERATOR 


In  figure  8,  details  of  the  one  shot  timer  are  seen.  The  clock  signal 
from  the  VCO  sets  the  latch,  blanks  the  output,  and  causes  the  RC 
timing  pin  to  be  discharged.  The  liming  pin  determines  the 
minimum  and  maximum  times  the  one  shot  output  will  be  high. 

(10) 

0.3  *T  (11) 


T     =  R" 

max 


Between  these  two  limits,  the  zero  detect  comparator  will 
terminate  the  one  shot  pulse  whenever  the  Zero  pin  goes  below 
0.5V.  By  sensing  the  zero  crossing  of  the  resonant  waveform,  the 
one  shot  adapts  to  different  resonant  component  values  and  varying 
line/load  conditions.  The  switch  time  will  properly  track  the 
resonant  tank  assuring  zero  stress  switching. 

STEERING  LOGIC  &  OUTPUT  STAGE 

Figures  9, 1 0,  and  1 1 ,  are  block  diagrams  of  the  steering  logic  and 
output  stages.  Each  output  stage  is  a  totem  pole  driver  optimized  for 
driving  power  mosfet  gates.  Gate  currents  of  1A  can  be  obtained 
from  each  driver.  Note  the  1864  single  driver  is  actually  both 
drivers  on  the  chip  paralleled.  Sample  waveforms  for  the  llirec 
configurations  were  shown  in  figure  2. 

Fault  and  UVLOresponseof  the  three  configurations  is  identical. 
These  indications  always  force  both  drivers  to  the  low  state.  During 
UVLO,  the  outputs  can  easily  sink  20mA  irrespective  of  Vcc. 
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Figure  10.  VC1864  Steering  Logic  |Gnd 
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Figure  11.  UC1865  Steering  Logic 


SECONDARY  BLOCKS 

The  secondary  blocks  on  board  are  UVLO,  a  5 V  bias  generator, 
and  fault  management  with  a  precision  reference.  The  purpose  of 
the  5  V  generator  is  to  provide  a  stable  bias  environment  for  internal 
circuits  and  up  to  10mA  of  current  for  external  loads.  The  one  shot 
timing  resistor  connects  to  5V. 

UVLO  senses  both  Vcc  and  5  V.  It  doesn't  allow  operation  of  the 
chip  until  both  arc  above  preset  values.  When  Vcc  is  below  the 
UVLO  threshold,  the  5V  generator  is  off,  the  outputs  are  actively 
pulled  low,  the  fault  latch  is  set,  and  supply  current  is  less  than 
300uA. 

SOFT  START,  RESTART  DELAY, 
PRECISION  REFERENCE 

A  novel  combination  fault  management  and  precision  reference 
is  shown  in  figure  12.  One  pin  is  dedicated  to  a  fault  sense 
comparator  with  a  3V  tlircshold.  A  second  pin  does  triple  duty 
providing  soft  start,  restart  delay,  and  precision  system  reference. 
UVLO  initializes  the  latches,  forcing  the  chip  output(s)  to  be  low 
and  the  Soft-Ref  pin  to  be  discharged.  After  UVLO,  Soft-Ref  is 
charged  by  an  internal  0.5mA  current  source  until  is  it  clamped  at 
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Output(s) 


Soft-Ref 


Figure  12.  Fault  Comparator,  Soft  Start,  Restart  Delay  And  Precision  Reference 


0.2V 


5V.  The  soft  start  time  is  approximately  given  by: 
=  C    *  lOkohms. 


(12) 


sofuurt 

The  recognition  of  a  fault  causes  the  outputs  to  be  driven  low  and 
the  Soft-Ref  pin  to  be  discharged  with  a  20uA  current  source.  This 
is  the  restart  delay  period.  When  Soft-Ref  reaches  0.2V,  the  outputs 
are  enabled  and  the  pin  is  recharged  by  the  0.5mA  current.  If  a  fault 
should  occur  before  completion  of  the  charge  cycle,  the  outputs  are 
immediately  driven  low,  but  the  Soft-Ref  pin  is  charged  to  4  Volts 
before  the  20uA  restart  delay  current  discharges  the  pin.  The  restart 
delay  time  during  continuous  fault  operation  is: 

Tr«,«  =  C„  *  LOkohms.  (13) 
The  ratio  of  restart  delay  to  soft  start  is  19:1.  If  shorter  restart 
delay  times  are  desired,  a  resistor  of  20k  or  larger  can  be  added  from 
Soft-Ref  to  ground.  The  timing  equations  then  become: 

((0.48mA  *Rsr)- 0.2  \  (14) 
(0.48mA  *  Rsr)  -  5  J 
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Figure  13.  Soft  Start  And  Restart  Delay  Times 
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T  =  R  *  C 
result        sr  si 


In 


/  (20uA*Rsr)+4  \ 
\(20uA*Rsr)+0.2  ) 


(15) 


J20uA*Rsr)- 
Soft  and  restart  times  are  plotted  in  figure  13  for  Cjr  =  luF. 

The  restart  feature  can  be  defeated  by  the  addition  of  a  100k 
resistor  from  Soft-Ref  to  5V.  In  this  configuration,  a  fault  detection 
will  permanently  shut  down  the  converter  until  either  Vcc  is 
recycled  and  UVLO  resets  the  fault  circuit,  the  100k  resistor  is 
opened,  or  Soft-Ref  is  externally  pulled  to  ground.  The  soft  start 
omes: 


C    *  9.2kohm. 


(16) 


The  Soft-Ref  pin  is  the  system  reference  pin.  By  ramping  the 
reference  from  zero  during  soft  start,  the  converter  output  will 
follow  the  ramp  up  under  closed  loop  control.  This  technique 
allows  controlled  starts  for  both  ZCS  and  ZVS  systems  with  no 
significant  overshoot. 

The  reference  characteristic  of  the  Soft-Ref  pin  is  due  to  a 
trimmed  5V  zener-type  clamp  circuit.  Fifteen  ohms  resistance 
separates  the  Soft-Ref  pin  from  the  clamp  to  eliminate  zencr 
oscillations  for  any  external  capacitance  value.  The  clamp  zener  is 
designed  to  tolerate  loading  of  +/-  200uA  without  degradation  of 
reference  accuracy.  Loading,  however,  will  alter  the  soft  start  and 
restart  delay  times,  and  could  even  preclude  restart  delay  action 
unless  care  is  taken  in  the  design. 


DC/DC  ZVS  SINGLE  ENDED  FORWARD 
CONVERTER  APPLICATION 

A  ZVS  multi-resonant  forward  converter  based  on  previously 
reported  (rcf.  4)  work  is  shown  in  figure  14.  An  1864  is  used  to 
control  the  converter.  A  22k  resistor  from  the  input  line  is  used  to 
start  the  circuit,  which  boot-straps  power  from  the  output  to  the  chip 
after  start-up.  Before  start-up,  the  chip  draws  less  than  300uA  and 
starts  operating  when  Vcc  reaches  8V.  After  start-up,  the  22k 
resistor  dissipates  70mW. 

The  switch  voltage,  Vs  is  sampled  with  a  100k/5.1k  divider 
network.  The  chip  anticipates  zerocrossing  when  V^  =  10V.  In  this 
power  converter,  switch  voltages  of 200  to  300V  are  to  be  expected. 
A  pnp  is  used  to  clamp  the  zero  voltage,  Vz  to  prevenldamage  to  the 
chip.  The  100k  resistor  represents  an  insignificant  load  to  the 
resonant  circuit. 

The  paralleled  outputs  are  connected,  as  good  practice  dictates, 
to  the  mosfct  gate  with  a  small-valued  resistor.  A  schottky  diode 
parallels  the  output  pins  to  protect  the  chip  from  negative  voltage 
spikes  that  might  result  from  parasitic  ringing  in  the  gate  circuit. 

This  power  stage  was  demonstrated  to  have  excellent  short 
circuit  tolerance  when  the  minimum  switching  frequency  is  well 
controlled.  For  this  reason,  the  fault  input  is  not  used. 

Sensed  output  voltage  is  scaled  &  presented  to  the  non-inverting 
pin  of  the  E/A.  The  inverting  input  is  DC  referenced  to  the  Soft-Ref 


Figure  14.  TVS-MR  Forward  Converter  Controlled  By  UC1864. 
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Figure  15.  ZCS  Off-Line  Half-Bridge  Converter  With  UC1865 


pin,  5  V.  The  compensation  network  shown  represents  zero  DC  load 
to  the  Soft-Ref  pin.  As  long  as  Cjr  is  much  larger  than  the  feedback 
capacitor,  then  soft  start  behavior  will  be  essentially  as  described  in 
equation  12. 

OFF-LINE  ZCS  HALF-BRIDGE 
CONVERTER  APPLICATION 

A  ZCS  off-line  half-bridge  converter  (ref.  1)  with  an  1865  control 
IC  is  shown  in  figure  15.  Irrelevant  details  in  the  converter  have 
been  simplified.  The  wide  U  VLO  hysteresis  and  low  start  current 
of  the  chip  have  been  used  in  start-up.  A  single  resistor  from  the 
high  voltage  bus  is  used  to  start  the  circuit  which  then  sustains  itself 
from  output  voltage. 

This  circuit  samples  resonant  current  with  transformer  Tl. 
Rectified  secondary  current,  converted  to  an  analog  voltage,  is 
applied  to  the  fault  and  zero  inputs  of  the  1865.  Excessive  current 
in  the  resonant  tank  willeffect  a  shutdown  and  restart.  The  resistor 
between  current  sense  transformer  and  the  zero  pin  is  to  limit 
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current  when  the  signal  is  at  a  high  value.  The  allowable  voltage 
range  at  the  zero  pin  is  zero  to  9V,  and  resistive  current  limiting  to 
less  than  1mA  is  sufficient. 

The  half  bridge  power  mosfets  arc  transformer  driven  from  the 
differentially  connected  output  drivers  of  the  1865.  A  UC3611 
schotlky  diode  array  has  been  used  to  prevent  the  outputs  from 
being  forced  too  far  above  Vcc  or  below  ground. 

The  E/A  non-inverung  input  is  directly  connected  to  the  Soft-Rcf 
pin  to  take  advantage  of  all  three  features  of  the  pin.  This 
emphasizes  the  simplicity  of  application  of  the  1865  to  this 
converter. 

OFF-LINE  ZVS  HALF-BRIDGE 
CONVERTER  APPLICATION 

An  off-line  ZVS  half-bridge  converter  (ref.  3)  is  shown  in  figure 
16.  An  1 86 1  controls  this  converter  in  much  the  same  manner  as 
the  two  previous  examples  and  is  not  shown  here.  The  error  amp 
configuration  matches  the  ZVS  example  while  the  output  stage  is 
configured  like  the  ZCS  example. 

This  application  does,  however,  present  a  difficulty  in  sensing 
zero  voltage  to  control  the  one  shot.  In  the  first  ZVS  example,  the 
voltage  waveform  was  ground  referenced  and  unipolar.  The  ZCS 


example  had  bipolar  current,  but  a  transformer  and  diode  bridge 
conditioned  the  signal  for  the  chip.  In  this  example,  zero  switch 
voltage  needs  to  be  sensed  for  both  Ql  and  Q2.  This  poses  no  real 
problem  for  Q2.  Ql  is  another  story.  Some  form  of  external 
circuitry  must  bo  employed  to  sense  Ql  and  translate  tho 
information  to  the  ground  referenced  chip. 

An  easily  implemented  high  voltage  comparator  circuit  is  shown 
in  figure  17.  The  pnp  and  diode  are  the  only  high  voltage 
components  used.  The  circuit  dissipates  only  300mW.  The  output 
of  this  circuit  is  applied  directly  to  the  zero  input  of  the  1861. 

CONCLUSION 

A  new  family  of  integrated  circuits  to  control  resonant  mode 
converters  has  been  introduced  that  provides  several  improved 
features  over  those  previously  available.  This  family  has  parts  that 
arc  suited  not  only  to  zero -current-switching,  but  also  to  zero- 
vollage-switching  converters.  The  1861, 1864,  and  1865  are  suited 
to  off-line  ZVS,  DC/DC  single  ended  ZVS,  and  off-line  ZCS 
systems.  Controllers  for  oilier  specific  converters  can  be  built  from 
this  family.  Adaptive  control  for  resonant  tank  component 
variations  as  well  as  varying  line  and  load  conditions  is  inherent  in 
die  chip  due  to  its  zero  crossing  detect  circuitry.  A  unique  one  pin 
approach  to  soft  start,  restart  delay,  and  system  reference  provides 
adjustable  restart  delay  to  soft  start  time  ratios  as  well  as  closed  loop 
control  during  soft  starts.  Relative  ease  of  application  to  three 
previously  reported  converters  was  discussed. 
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Abstract 

High  voltage,  high  current  N-channel  MOSFETs,  now  widely  accepted  in  the  industry,  have  found  their 
way  into  numerous  high  power  designs.  As  their  cost  to  performance  ratio  continually  improves,  gate  drive 
circuitry  becomes  a  more  significant  factor  in  overall  switch  cost.  This  is  most  notable  in  "high-side"  switching 
applications  where  an  isolated  gate  drive  is  required.  A  new  integrated  circuit  pair,  the  UC3724/UC3725, 
will  be  presented  which  implements  a  simple,  isolated  MOSFET  gate  drive  circuit.  To  achieve  a  cost 
effective  high  side  switch  drive,  UNITRODE  has  developed  a  unique  modulation  technique  which  transmits 
both  signal  and  power  across  a  small  pulse  transformer.  This  publication  supercedes  Unitrode  Application 
Note  U-124,  originally  written  by  C.S.Silva. 


INTRODUCTION 


Designers  of  power  drives  for  PWM  motor 
controls  and  switching  power  supplies  often  face 
the  problem  of  driving  the  high-side  MOSFET 
transistor  in  a  high  voltage  power  stage.  In  many 
applications,  forexample,  bridge  and  three  phase 
configurations,  there  are  several  of  these  switch 
drives  to  implement,  and  the  level  of  complexity 
can  be  discouraging.  From  a  cost  standpoint,  it  is 
advantageous  to  utilize  N-  channel  MOSFET  de- 
vices in  comparison  to  their  more  expensive  -  yet 
easierto  drive  P-  channel  counterparts.  However, 
these  high-side  switch  gate  drive  circuits  can 
quickly  become  extravagant,  and  frequently  re- 
sult in  complicated  or  unreliable  schemes. 

Probably  the  most  common  technique  used  in 
high-side  drive  circuits  is  to  generate  an  isolated, 
or  "floating"  auxiliary  supply  voltage.  Referenced 
to  the  high-side  MOSFET's  source,  this  supply 
powers  a  conventional  gate  drive  circuit.  The 
average  auxiliary  power  consumed  is  generally 
well  below  one  watt,  and  varies  with  switching 
frequency,  FET  size  and  number  of  paralleled 
FETs  used  to  configure  "one"  switch.  A  typical 
circuit  using  this  method  is  shown  in  figure  1. 


With  the  realization  that  average  MOSFET 
gate  drive  power  is  quite  small,  charge  pump 
circuits  are  frequently  used  to  implement  the 
floating  supply.  In  these  designs,  the  storage 
capacitor  can  become  large  in  an  attempt  to 
minimize  the  supply's  ripple  voltage  and  may 
impair  the  useable  range  of  frequencies  and  duty 
cycles.  Due  to  this  constraint,  the  switch  on-time 
must  be  limited  by  the  control  circuit,  and  prefer- 
ably, undervoltage  lockout  incorporated  in  the 
driver  circuit  to  assure  reliable  operation. 

A  simple  alternative  to  this  discrete  approach 
can  be  obtained  by  using  a  high  voltage  IC  - 
provided  that  the  maximum  switch  voltage  and 
on-time  are  within  it's  capability.  There  is,  how- 
ever, a  cost  penalty  for  this  single  chip  solution. 
While  the  basic  gate  drive  and  protection  circuitry 
have  a  low  voltage  requirement,  the  level  shifting 
transistors  necessitate  a  high  voltage  IC  process 
-  an  option  which  is  inherently  expensive.  Addi- 
tionally, many  motor  drive  circuits  cannot  tolerate 
an  on-time  limitation,  and  require  an  auxiliary 
power  supply  for  continuous  (DC)  operation. 


APPLICATION  NOTE 

Typically,  an  opto-coupler  is  used  to  translate 
the  switch  activation  command  from  the  ground 
referenced,  or  "low-side"  control  circuitry  up  to  the 
high-side  driver.  Unfortunately,  this  technique 
comes  with  its  own  set  of  reliability  issues  which 
includes  low  common  mode  transient  immunity, 
and  performance  degradation  overtime  and  tem- 
perature. High  voltage  MOSFET  circuit  slew  rates 
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can  easily  exceed  20  kV/us  causing  opto-coupler 
self  tum-on  or  turn-off.  The  opto-coupler's  AC 
common  mode  rejection  must  be  carefully  evalu- 
ated, as  this  specification  is  usually  influenced  by 
common  mode  voltage  as  well  as  oV/dt.  Power  up 
and  power  down  sequences  also  present  poten- 
tial failure  without  undervoltage  lockout  circuitry. 


TYPICAL  HIGH  SIDE  DRIVER  APPLICATION 
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UC3724  /  UC3725  DRIVER  PAIR  -  BASIC  CIRCUIT 
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UC3724/UC3725  DRIVER  PAIR 

The  Unitrode  UC3724/UC3725  IC  pair  offers 
a  compact,  and  comparatively  inexpensive  de- 
sign solution  to  the  problem  of  supplying  both 
isolated  power  and  command  signals.  Figure  2 
shows  the  basic  circuit  implementation.  The  two 
ICs,  a  pulse  transformer,  and  a  few  passive  com- 
ponents form  acomplete  isolated  MOSFET  driver. 
A  unique  modulation  technique  simultaneously 
transmits  powerand  command  information  across 
the  transformer. 

Provided  the  operational  voltage  is  low,  inte- 
grated circuit  technology  allows  sophisticated  cir- 
cuits to  be  implemented  at  low  cost.  Transformers 
can  easily  provide  several  thousand  volts  of  isola- 
tion, while  supplying  both  power  and  signal.  By 
exploiting  each  device's  strengths,  a  low  cost, 
high  performance  solution  is  achieved. 

The  UC3724  transmitter  IC  generates  the 
carriersignal,  with  one  of  two  possible  duty  cycles 
as  commanded  by  the  TTL  level  input.  A  unique 
carrier  oscillator  design  not  only  sets  the  operat- 
ing frequency,  but  also  prevents  the  transformer 


from  saturating,  by  assuring  that  the  transformer 
magnetizing  current  is  zero  before  initiating  a 
subsequent  oscillator  cycle.  Average  transformer 
voltage  is  always  zero,  even  under  the  transient 
conditions  caused  by  input  command  changes. 
Saturation  of  the  transformer  core  is  virtually 
impossible  using  this  technique. 

To  minimize  transformer  size  and  cost,  a  high 
frequency  carrier  is  used.  Although  the  carrier 
frequency  limits  the  maximum  transmitted  switch- 
ing frequency,  it  has  no  effect  on  input  to  output 
delay,  which  is  solely  determined  by  circuit  propa- 
gation time. 

The  UC3725driverlC  rectifies  the  transformer 
isolated  carrier  to  power  the  driver  circuitry.  Addi- 
tionally, comparatorcircuitry  determines  the  input 
command  by  sensing  which  duty  cycle  is  transmit- 
ted, driving  the  MOSFET  gate  accordingly  with 
the  high  current  output  stage.  A  comparator  with 
programmable  off  time  circuitry  implements 
local  over-current  protection,  while  an  enable 
input  provides  additional  control  and  protection 
flexibility. 


UC3724  ISOLATED  DRIVE  TRANSMITTER  -  BLOCK  DIAGRAM 
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UC3724  DRIVE  TRANSMITTER 

The  UC3724  block  diagram  is  shown  in  figure 
3.  The  circuit  consists  of  a  bias  voltage  generator 
with  under  voltage  lockout,  control  logic,  a 
retriggerable  one-shot,  a  TTL  compatible  input  with 
hysteresis,  two  tri-level  output  drivers,  and  two 


zero  current  sense  comparators. 

The  under  voltage  lockout  inhibits  the  output 
drivers  when  the  input  supply  voltage  is  below  9 
volts.  Once  adequate  supply  voltage  is  present, 
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the  bias  generator  supplies  the  appropriate  inter- 
nal voltages  and  currents,  allowing  the  outputs  to 
be  enabled.  This  assures  correct  operation  at 
power-up  and  power-down. 

The  carrier  oscillator  uses  both  a  one-shot 
pulse  width  and  the  transformer  core  reset  time  to 
set  the  overall  period.  The  one  shot  pulse  width 
(Tpw)  equals  one-third  of  the  nominal  carrier  pe- 
riod, and  is  set  by  timing  resistor  (F^)  and  ca- 
pacitor (CT). 


=0.51  •flr«CT+1 50ns 


(sec) 


"Full"  supply  voltage  is  applied  to  the  trans- 
former primary  during  this  time  by  driving  one 
output  high  and  the  other  low.  Transformer  mag- 
netizing current  rises  linearly  at  a  rate  determined 
by  the  primary  inductance  and  applied  voltage. 


2)  di/dt= 


V  -V 

A  B 


Lpri 


(amps  I  sec) 


When  the  one-shot  pulse  ends,  the  low  output 
switches  high,  and  the  high  output  switches  to 


approximately  one-half  of  the  supply  voltage.  This 
applies  "half  supply  voltage  to  the  primary,  effec- 
tively in  a  reverse  polarity  to  that  of  it's  previous 
state.  Internal  offset  circuitry  compensates  for 
output  conduction  voltage  drops  and  maintains 
the  full/half  voltage  ratio  over  temperature  and 
supply  voltage  variations. 

Power  is  transferred  to  the  secondary  circuit 
only  while  full  voltage  is  applied  to  the  primary. 
During  this  period  the  primary  current  is  a  com- 
posite of  load  and  magnetizing  current.  The  load 
current  is  interrupted  when  the  half  voltage  is 
applied,  so  the  residual  primary  current  flowing  is 
the  magnetizing  current. 

With  half  voltage  applied,  the  magnetizing 
current  falls  at  one-half  of  the  rate  at  which  it  had 
increased.  An  interval  twice  the  programmed  one- 
shot  period  is  therefore  necessary  to  reset  the 
cores  magnetizing  current  to  zero  and  prevent 
any  possibility  of  core  saturation.  The  UC3724 
incorporates  a  zero  current  detection  circuit  which 
guarantees  that  the  magnetizing  current  has 
reached  zero  before  initiating  another  oscillator 
cycle. 


UC3724  OPERATIONAL  WAVEFORMS  (STEADY  STATE) 


Figure  4. 
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APPLICATION  NOTE 

Steady-state  (continuous  logic  low  input  com- 
mand) waveforms  are  shown  in  figure  4.  The  first 
trace  shows  timing  capacitor  (CT)  voltage,  which  is 
charged  by  a  current  set  by  the  timing  resistor 
(RT).  At  time  t0,  the  one-shot  is  triggered,  dis- 
charging the  timing  capacitor.  OutputA  (trace  3) 
switches  high,  and  outputB(trace  4)  switches  low, 
with  the  resulting  differential  voltage  VprlA.B  (trace 
2)  applied  across  the  transformer  primary.  The 
transformer  magnetizing  current  (trace  5)  in- 
creases linearly  at  a  rate  described  by  equation  2. 

At  timet,,  thetimingcapacitorvoltage  reaches 
the  2.5  volt  threshold,  ending  the  one-shot  period. 
OutputA  is  switched  to  (Vcc/2)  +  Voffsel,  and  outputB 
is  switched  high,  allowing  it's  catch  diode  to  con- 
duct. The  primary  voltage  ( VpriA.B),  is  inverted,  and 
reduced  in  half,  causing  the  magnetizing  current 
to  fall  at  half  the  rate  at  which  it  had  increased. 
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Output's  current  sense  comparator  senses 
that  the  magnetizing  current  has  reached  zero  at 
t2,  triggering  the  one-shot,  thus  initiating  another 
oscillatorcycle.  If  a  continuous  high  is  commanded, 
the  waveforms  for  outputA  and  outputgare  inter- 
changed, and  the  magnetizing  current  is  inverted. 

At  an  input  command  transition,  the  existing 
oscillatorcycle  is  terminated,  the  A  and  B  outputs 
are  reversed,  and  a  new  oscillator  cycle  is  initi- 
ated. This  applies  full  voltage  of  the  appropriate 
polarity  across  the  transformer  primary  for  detec- 
tion by  the  UC3725.  Although  the  oscillator  cycle 
has  been  terminated  without  allowing  the  core  to 
reset,  there  is  no  danger  of  saturation.  By  revers- 
ing the  outputs,  the  magnetizing  current  must  first 
cross  through  zero  before  rising  in  the  opposite 
polarity.  The  peak  magnetizing  current  is  actually 
less  than  a  normal  cycle,  reducing  the  fall  time, 
and  hence  the  oscillator  period. 


UC3725  ISOLATED  SIDE  MOSFET  DRIVER  BLOCK  DIAGRAM 
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APPLICATION  NOTE 

UC3725  ISOLATED  MOSFET  DRIVER 

The  block  diagram  forthe  UC3725  is  shown  in 
figure  5.  The  circuit  consists  of  a  Schottky  bridge 
rectifier,  an  internal  reference  with  under  voltage 
lock  out,  a  differential  hysteresis  comparator,  a 
high  current  totem-pole  driver,  a  current  sense 
comparator  with  programmable  off  time  one-shot, 
and  an  enable  input. 

The  Schottky  bridge  rectifies  the  isolated 
secondary  voltage,  providing  power  for  the  IC.  A 
small  capacitor,  typically  a  1  uf  ceramic,  provides 
filtering  and  bulk  storage  to  supply  the  high  peak 
currents  required  to  rapidly  charge  the  MOSFET 
gate. 

The  undervoltage  lockout  inhibits  the  output 
driver  when  the  supply  voltage  is  below  12  volts. 
This  assures  that  sufficient  voltage  is  available  to 
drive  the  MOSFET  gate,  preventing  possible  de- 
structive linear  operation. 

The  output  driver  is  capable  of  delivering 
nearly  two  amps  peak,  which  is  more  than  ad- 
equate for  most  applications.  The  UC3725  fea- 
tures a  self  biasing  drive  arrangement  which  ac- 
tively sinks  gate  current  during  under  voltage 
lockout,  preventing  MOSFET  self  turn  on.  No 
additional  gate  to  source  resistor  is  required.  The 
output  voltage  is  clamped  to  1 5  volts,  which  along 
with  undervoltage  lockout,  virtually  eliminates  the 
possibility  of  incorrect  gate  drive  voltages 

Over-current  protection  is  provided  by  moni- 
toring the  voltage  across  a  source  resistor.  The 
current  sense  comparator  triggers  a  one-shot, 
which  turns  off  the  MOSFET,  when  the  voltage 
exceeds  0.5  volts.  At  power-up,  C0„  is  charged  to 
7  volts.  When  an  over-current  is  detected,  the 
output  is  latched  off,  and  the  7  volt  source  is 
disabled  allowing  R0„  to  discharge  Cof) .  When 
Cofl  discharges  to  2  volts,  the  output  is  enabled  and 
Col(  is  charged  back  to  7  volts.  Off  time  is  typically 
selected  to  maintain  safe  MOSFET  junction 
temperature  with  a  continuous  fault  load,  and  is 
programmed  by  timing  resistor  (R0<1)  and  capacitor 
(C0(f )  with  the  following  equation. 

3)  ToV  =1 .28-fl0„  O0„  (seconds) 

An  enable  input  allows  direct  output  control  for 
specialized  applications.  It  can  be  used  with  level 
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shifting  transistors,  optocouplers,  or  other  source 
referenced  circuitry  such  as  a  UC3730  thermal 
monitor  circuit  for  MOSFET  over-temperature 
protection. 

The  input  command,  transmitted  by  the 
UC3724,  is  demodulated  using  a  differential 
hysteresis  comparator.  The  comparator  senses 
whether  the  "full  voltage"  applied  to  the  trans- 
former is  positive  or  negative,  corresponding  to  an 
"off"  or  "on"  input  command.  The  bridge  rectifier 
causes  the  peak  secondary  voltage  to  always  be 
two  diode  drops  above  VoC  while  the  comparator 
hysteresis  is  internally  set  to  twice  Vcc  .  The 
MOSFET  is  turned  on  when  the  secondary  volt- 
age is  more  negative  than  -(Vcc),  and  turned  off 
when  more  positive  than  Vcc.  Note  that  there  is  a 
logic  inversion  between  the  hysteresis  compara- 
tor and  the  gate  driver. 

Referring  to  steady-state  waveforms  (figure 
4),  the  secondary  current  (trace  6)  charges  the 
supply  capacitor  during  the  full  voltage  output 
segment  of  the  oscillator  cycle  (time  t0  thru  U  )■ 
During  the  half  voltage  output  segment  (time  t, 
thru  t2 ),  no  secondary  current  flows,  thus  only 
magnetizing  current  is  present  in  the  primary 
current  (trace  7),  allowing  proper  oscillator  opera- 
tion. 

For  this  example,  a  30%  duty  cycle  input 
command  was  arbitrarily  selected,  and  the  asso- 
ciated waveforms  are  shown  in  figure  6.  At  time 
t0 ,  the  input  command  (trace  1)  transitions  from 
low  to  high,  immediately  switching  outputA  low, 
outputB  high,  and  retriggering  the  one-shot.  The 
differential  hysteresis  comparator  switches  low, 
driving  the  output  (trace  4)  high,  when  the  trans- 
formersecondary  voltage  (V^  a.b,  trace  3),  is  more 
negative  than  -(\{.c).  The  primary  current  (trace  2) 
is  inverted  from  the  outpu^and  outputB  reversal, 
but  power  delivery  to  the  IC  is  unaffected  due  to 
the  bridge  rectifier  input. 

The  input  command  transitions  low  at  time  t,, 
switching  outputA  high,  outputB  low,  and  retrigg- 
ering the  one-shot.  The  hysteresis  comparator 
switches  high,  driving  the  output  low,  when  the 
secondary  voltage  exceeds  Vcc.  Note  the  reduced 
magnetizing  current  fall  time,  and  associated  os- 
cillator period  reduction,  after  input  command 
transitions. 
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OPERATIONAL  WAVEFORMS  AT  30%  DUTY  CYCLE 
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Figure  6. 

PRACTICAL  CONSIDERATIONS 


The  selection  of  carrier  frequency  (or  more 
appropriately  one-shot  period  since  carrier  fre- 
quency varies  at  switching  transitions),  is  influ- 
enced more  by  transformer  design  than  perfor- 
mance objectives.  The  minimum  switching  com- 
mand period  should  be  limited  to  four  times  the 
one-shot  pulse  width,  to  assure  that  adequate 
time  is  available  to  reset  the  core.  Note  that  this 
limits  the  maximum  switching  frequency  -  but  not 
the  duty  cycle  range  which  is  always  0  to  1 00%. 
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Waveforms  for  a  command  period  approxi- 
mately four  times  the  one  shot  pulse  width  are 
shown  in  figure  7.  The  carrier  oscillator  has  suffi- 
cient time  to  reset  the  transformer  core  and  pre- 
vent saturation. 

The  one-shot  period  has  no  effect  on  input  to 
output  propagation  delay,  since  the  leading  edge 
provides  the  output  command  information.  Turn- 
on  and  turn-off  propagation  delay  waveforms  are 
shown  in  figure  8. 
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Figure  7. 


Figure  8. 
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The  maximum  carrier  frequency  is  limited  to 
600  Khz.  Most  circuits  will  operate  between  200 
and  600  Khz.,  allowing  switching  frequencies  up 
to  450  Khz.,  and  a  simple  low  cost  transformer 
design.  Nominal  carrier  frequency  is  calculated 
using  equation  4. 

1 

4)FC  =   (Hz) 

3«TPW 

where  TPW  =  one-shot  pulse  width 
from  equation  1 . 

Power  supply  voltage  directly  affects  dissipa- 
tion in  the  transmitter  IC.  Typical  supply  current 
verses  voltage  for  the  UC3724  is  shown  in  figure 
9.  In  most  applications,  bias  power  loss  is  about 
half  of  the  total  power  dissipation. 
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Figure  9. 


The  UC3725  driver  IC  provides  sufficient  gate 
voltage  with  a  1 5  volt  supply.  Any  further  increase, 
although  safe  since  the  output  is  clamped  to  15 
volts,  causes  additional  bias  power  dissipation. 
By  adjusting  the  transformer  tu  ms  ratio,  a  1 5  to  1 8 
volt  secondary  supply  can  be  generated  with  any 
primary  voltage,  allowing  maximum  efficiency  . 

Magnetizing  current  also  contributes  towards 
increasing  dissipation  with  supply  voltage.  Al- 
though the  UC3724  outputs  can  handle  several 
hundred  milliamps  of  load  current  with  the  output 
transistors  in  saturation,  nearly  one-half  Vccis 
across  the  upper  transistors  during  the  magnetiz- 
ing current  fall  time.  Dissipation  during  this  period 
usually  limits  the  peak  magnetizing  current,  al- 
though catch  diode  current  (which  only  conducts 
falling  magnetizing  current)  is  limited  to  50  mA 
peak.  When  the  peak  magnetizing  current  falls 
below  10  ma,  the  required  primary  inductance 
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becomes  excessive,  resulting  in  a  large  number 
of  turns  or  larger  core  size.  Therefore,  the  optimal 
range  of  peak  magnetizing  current  is  between  1 0 
and  40  mA. 

I  n  many  applications,  the  average  gate  charge 
current  delivered  by  the  driver  is  insignificant  in 
relation  to  the  UC3725  bias  current.  When  larger 
MOSFETs,  particularly  large  parallel  assemblies, 
are  driven  at  higherfrequencies,  the  average  gate 
charge  current  will  have  a  considerable  effect  on 
the  total  transformer  load.  Average  gate  charge 
current  is  the  product  of  gate  charge  (Qg),  which 
is  specified  by  the  MOSFET  manufacturer,  and 
the  switching  frequency. 

5) /g(avg.)=Qg«Fs  (amps) 

where    Qg  =  gate  charge 

Fs  =  switching  frequency 

All  of  the  charge  delivered  to  the  gate  at  turn- 
on  must  be  removed  at  turn-off.  The  resultant 
average  power  dissipated  by  the  driver  and  gate 
resistor  is  described  by  equation  6. 


where  Vg  =  fully  charged  gate 
voltage 

The  over-current  input  on  the  UC3725  has  a 
typical  delay  time  of  150  ns.  Most  applications 
require  a  small  RC  filter  to  attenuate  leading  edge 
current  spikes  caused  by  parasitic  capacitance 
and  catch  rectifier  reverse  recovery.  Careful  at- 
tention to  layout  and  component  selection  is  nec- 
essary to  prevent  false  triggering.  The  current 
sense  resistor  should  be  non-inductive  to  mini- 
mize spiking  and  ringing.  The  filter  capacitorshould 
be  located  as  close  to  the  IC  as  possible,  with 
direct  connections  to  the  comparator  input  and 
common.  The  connection  between  the  UC3725 
common,  and  the  MOSFET  source  resistor,  must 
have  relatively  low  impedance  to  prevent  gate 
drive  current  from  affecting  current  sense  accu- 
racy. In  addition  this  should  be  a  "Kelvin"  con- 
nection, such  that  no  load  current  flows  through  it. 
If  the  current  sense  feature  is  not  required,  the 
comparator  input  is  simply  connected  to  common, 
and  the  timing  input  is  allowed  to  float. 
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DESIGN  PROCEDURE 

Typically,  the  application  dictates  the 
MOSFET(s),  switching  frequency,  and  switch  iso- 
lation voltage.  For  cost  considerations,  a  supply 
voltage  common  with  other  circuitry,  is  usually 
chosen  to  power  the  UC3724.  The  designer  is 
then  left  with  the  carrier  frequency  and  peak  mag- 
netizing currentto  select.  A  high  carrier  frequency 
is  normally  used  to  minimize  transformer  size  and 
cost.  Magnetizing  current  is  initially  set  to  a  nomi- 
nal value,  such  as  20  ma,  and  then  adjusted  if 
necessary  to  optimize  the  transformer  design. 

The  one-shot  pulse  width  is  set  to  1/3  the 
carrier  frequency  using  equation  1.  By  rearrang- 
ing equation  2,  and  allowing  2  volts  for  saturation, 

lated. 

(V.-2)  'Tp* 

7)  Lprl  =   (Henries) 

I 

where  Vco  =  supply  voltage 

TPW  =  one-shot  pulse  width 
lmag=  peak  transformer 
magnetizing  current 

Transformer  core  selection  is  an  iterative  pro- 
cess based  on  the  following  two  equations. 


8)AB= 


9)  Nu 


Wr»,10t 


(Tesla) 


N„,rnc  *A„ 

turns  c 


N  A, 


(turns) 


A  toroid  is  usually  the  most  cost  effective  core 
geometry  for  this  application.  The  core  material 
should  be  chosen  for  low  losses  and  high  perme- 
ability at  the  design  frequency  to  minimize  trans- 
former size  and  number  of  turns.  Thermal  resis- 
tance and  loss  factors  provided  by  the  manufac- 
turer are  used  to  select  the  optimum  core  size.  A 
flux  density  of  .05  Tesla  (500  Gauss)  will  cause 
approximately  a  20  degree  C  rise  at  500  KHz  with 
common  power  materials  such  as  Ferroxcube 
3C8. 
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Typically  most  toroids  used  for  this  application 
have  an  AL  between  1000  and  3000  mH/1000 
turns.  An  estimated  number  of  turns  is  calculated 
using  an  average  AL value  of  2000  mH/1 000  turns 
in  equation  8.  By  rearranging  equation  7,  an 
approximate  core  are  is  calculated  using  a  flux 
density  of  .05  Tesla,  and  the  estimated  number  of 
turns.  This  leads  to  a  first  core  selection,  and  an 
actual  AL  value,  which  is  used  in  equation  8  to 
calculate  Ntums.  The  flux  density  is  then  checked 
using  equation  7,  and  a  larger  or  smaller  core  is 
selected  if  necessary. 

The  turns  ratio  is  calculated  using  the  following 
equation,  which  allows  2  volts  for  UC3724  output 
saturation,  and  3  volts  for  UC3725  rectifier  drop 
and  output  saturation. 


10)  Turns  ratio= 


Vcc-2 


V+3 


The  power  supplied  by  the  transformer  is  the 
sum  of  the  UC3725  bias  loss  and  the  average  gate 
charge  power.  For  minimum  wire  size,  the  result- 
ing RMS  winding  currents  can  be  calculated, 
although  typically  there  sufficient  space  to  use  24 
to  28  AWG  wire  for  ease  of  handling. 

High  voltage  isolation  is  implemented  by 
sleaving  the  primary  winding  with  an  insulation 
suitable  for  the  required  breakdown  voltage.  For 
low  leakage  inductance,  bifilar  windings  are  used, 
with  additional  turns  added  to  the  primary  or 
secondary  for  non  1 :1  turns  ratios. 

DESIGN  EXAMPLE 

The  following  design  example  is  a  general 
purpose  isolated  MOSFET  gate  driver.  Up  to  200 
milliwatts  is  available  for  gate  drive,  which  is 
suitable  for  most  applications.  A  15  volt  power 
supply  provides  sufficient  secondary  voltage  by 
using  a  step-up  transformer. 

Driver  specifications : 

*  200  milliwatts  average  gate  drive  power 

*  100  KHz.  switching  rate 

*  15  V  supply  voltage 

*  1 KV  minimum  isolation  voltage 

A  600KHz.  carrier  frequency  is  selected  to 
minimize  transformer  size  and  cost.  The  one-shot 
pulse  width  is  calculated  by  rearranging 
equation  4. 
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1 

3*600  KHz 
=  556ns 

Since  the  carrier  frequency  is  near  maximum, 
2K  will  be  used  for  RT  .  CT  is  calculated  with 
equation  1 . 


(556-150)  ns 


0.51  »2K 


=  398pf  (use390pf) 

30mA  is  selected  for  the  peak  magnetizing 
current.  The  corresponding  primary  inductance  is 
calculated  with  equation  7. 


(15-2)  V»556ns 


Lpn  =  





30  mA 
=  241nH 

The  estimated  number  of  turns  are  calculated 
using  equation  9  with  an  average  value  of  2000 
mH/1000  turns  for  AL. 


241  «109 


2000 
=  11  turns 


The  approximate  core  area  is  calculated 
with  equation  8,  using  a  flux  density  of  0.05 
Tesla. 


13V«556ns«104 


Ac  = 


1 1  turns»0.05  Tesla 


:  0.131  cm2 


A  one-half  inch  diameter  toroid,  Ferroxcube 
part  number204T250-3C8,  is  selected  which  has 
the  following  specifications. 

Ac  =  0.148  cm2 

AL  =  1620  mH/1000  turns 

Nturns  is  calculated  using  the  actual  AL  value 
in  equation  9. 


241 -109 


1620 


=  12.2  turns  (use  12  turns) 

The  flux  density  is  checked  using  equation  8. 

(15-2)  V'SSens'lO4 

A  B=   

12turns«0.148  cm2 

=  0.041  Tesla 

The  turns  ratio  is  calculated  using  equation  1 0  for 
!  of  12  to  14  volts. 

(15-2)  V 


Turns  ratio  =- 


(12+3)  V 

=  0.867 

Therefore  NS6C=  14  turns 

The  transformer  is  wound  with  26AWG  magnet 
wire foreaseof  handling.  Ateflon  insulation  sleeve 
is  slipped  over  the  primary  winding  to  improve  the 
primary  to  secondary  breakdown  voltage.  The 
primary  and  secondary  are  wound  bifilar,  to  mini- 
mize leakage  inductance,  then  the  two  remaining 
secondary  turns  are  wound. 

To  verify  operation,  the  test  circuit  shown  in 
figure  1 0  was  built.  The  overcurrent,  gate  and  bulk 
storage  components  are  selected  per  MOSFET 
and  load  requirements.  Figure  11  and  12  show 
tum-on  and  turn-off  waveforms  respectively. 

The  lower  MOSFET  in  figure  1 0  was  configured 
to  test  self  tum-on  of  the  upper  driver  during  high 
transformer  dv/dt.  With  300  volts  slewing  at  a  rate 
in  excess  of  25  kv/us,  no  evidence  of  driver  self 
tum-on  was  observed. 

APPLICATIONS 

Although  the  lower  MOSFET  driver  is  config- 
ured for  faster  switching  than  would  normally  be 
required,  figure  1 0  is  typical  of  half  bridge  outputs, 
where  two  or  three  of  these  circuits  could  imple- 
ment a  full  or  three  phase  bridge  respectively.  Full 
isolation  for  UL  or  VDE  requirements  can  be  met 
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by  using  isolated  drivers  for  both  upper  and  lower 
MOSFETs.  This  configuration  can  also  greatly 
reduce  noise  in  high  current  applications,  by  com- 


pletely isolating  the  control  circuitry  from  output 
devices. 


TYPICAL  HIGH  SIDE  DRIVE  APPLICATION  CIRCUIT  SCHEMATIC 


Figure  10 
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Figure  12 


FULL  BRIDGE  OUTPUT 

Some  circuits  have  multiple  MOSFETs  driven 
from  the  same  command,  which  are  isolated  from 
each  other.  A  most  notable  example  is  the  full 
bridge,  which  is  commonly  used  in  brush  and 
stepper  motor  drives.  Multiple  secondaries  can 
drive  additional  isolated  UC3725  circuits,  from  a 
single  UC3724,  further  reducing  cost  and  com- 
plexity. 

Figure  1 3  shows  a  fully  isolated  bridge  circuit. 
By  isolating  all  of  the  MOSFETs  and  the  current 
sense  signal,  complete  control  to  output  isolation 
is  achieved.  Dual  secondaries  on  each  trans- 
formereliminatestherequirementfortwoadditional 
transformers  and  UC3724s.  For  feedback  and 
protection,  a  hall  effect  current  sensor  monitors 
load  current  directly,  while  providing  high  voltage 
isolation.  The  local  over-current  circuit  in  the  up- 
per FET  drivers  protects  during  load  to  ground 
shorts. 
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FULL  BRIDGE  OUTPUT  CIRCUIT 
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Figure  13 
HALF  BRIDGE  OUTPUT  CIRCUIT 


UC3725 


UC3724 


VCC 


INPUT 


OUTA 
VCC 

OUTB 
SGND 
PGND 
RT 
CT 
PHI 


INA 

INB  OUT 
IS 


TIM 
i— (ENA 


COM 


5817  1 

|Lf-^1 

1  Wv— i- 


-K— II' 


IMF 


-Wr- 
.  RF 

CF 


UC3725 


Hon  \ 


r 


VCC 

INA 

INB 

OUT 
IS 

TIM 

ENA 

COM 

IMF 


IRF740 
Ql 


RSI 


RL 


VDD 
I 


1 


Figure  14 
3-190 


APPLICATION  NOTE 


U-127 


HALF  BRIDGE  OUTPUT 

By  reversing  the  polarity  of  one  of  the  secondary 
windings  on  a  dual  secondary  transformer,  two 
FETs  are  switched  out  of  phase  from  each  other. 
A  typical  application  for  this  arrangement  is  the 
half  bridge,  and  is  shown  in  figure  14.  Dead-time 
between  turn-off  and  turn-on  is  difficult  to  imple- 
ment using  this  technique.  To  turn  off  both  FETs, 
the  UC3724  supply  voltage  must  be  removed,  or 
the  UC3725  enable  inputs  driven  high.  While 
shutting  down  the  supply  voltage  is  suitable  for 
power-up/power-down  protection,  it  is  to  slow  to 
control  dead-time.  Isolating  or  level  shifting  the 
enable  inputs  adds  complexity  and  negates  the 
advantage  of  using  a  dual  secondary  transformer. 
Cross  conduction  is  easily  minimized  however,  by 
the  gate  resistor  arrangement  which  provides 
rapid  turn-off  and  slow  turn-on.  This  technique  is 
also  typically  used  to  minimize  cross  conduction 
caused  by  stored  charge  in  the  MOSFET  body 


LEVEL  SHIFT  DRIVER 

The  UC3725  makes  an  excellent  level  shifted 
driverforlowervoltage,  non-isolated  applications. 
All  of  the  necessary  protection  features  which  are 
often  omitted  in  discrete  designs  are  incorporated 
in  the  UC3725,  assuring  reliable  operation  under 
all  conditions.  Figure  1 5  shows  a  typical  level  shift 
circuit  with  a  "boot-strap"  supply.  The  MPS-U10 
level  shift  transistor  has  a  maximum  Vceo  of  300 
volts,  although  it's  dissipation  without  a  heatsink 
limits  the  maximum  supply  to  approximately  200 
volts.  Figure  1 6  shows  input  to  output  propagation 
delay  while  switching  150  volts  and  3  amps.  A  20 
mA  current  source  with  a  voltage  compliance  15 
volts  above  the  supply  rail  can  be  used  in  place  of 
the  boot-strap  circuit,  for  applications  which  can- 
not tolerate  an  on-time  limitation.  The  cost  effec- 
tiveness of  this  approach  will  depend  on  supply 
voltage  and  number  of  high-side  MOSFETs. 
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LATCHED  OVER-CURRENT  FAULT 

Current  limiting  is  provided  by  the  control 
circuit  in  many  applications.  Local  protection  from 
the  UC3725  is  therefore  only  required  for  fault 
conditions  which  result  in  high  di/dt  such  as  output 
shorts.  It  may  be  desirable  to  latch  the  output  off 
under  such  a  fault,  rather  than  enable  after  a  fixed 
off-time.  Figure  1 7  shows  a  simple  circuit  used  in 
place  of  the  timing  resistor  and  capacitor  which 
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will  latch  the  output  off  after  the  over-current 
comparator  is  triggered.  The  1 0uf  capacitor  re- 
sets the  circuit  at  power-up  by  holding  the  timing 
input  below  the  2  volt  one-shot  threshold.  When 
an  over-current  is  sensed,  the  timing  input  voltage 
falls,  and  is  clamped  at  5.1  volts.  The  one-shot 
period  normally  ends  when  C0()  is  discharged 
below  2  volts,  but  by  clamping  the  voltage,  the 
time  constant  effectively  appears  infinite. 


TIMING  VCC 


10K 


5.1V 
1N 
4733A 


V 

COMMON 


10K 
10uF 


Figure  17 


FAST  AC  SWITCH 
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SUMMARY 


Fully  isolated  gate  drive  lends  itself  to  unique 
power  switching  circuits  which  are  otherwise  ex- 
tremely difficult  to  implement.  Figure  18  is  a  fast 
AC  switch  with  over-current  and  over-tempera- 
ture protection.  The  MOSFETs  are  selected  to 
withstand  the  peak  AC  voltage,  with  each  FET 
blocking  in  the  opposite  polarity.  Figure  1 9  shows 
a  1 00  ohm  load  switched  across  1 1 5  VAC,  60  Hz. 
The  diode  network  allows  current  sensing  in  both 
directions,  with  the  4.7K  resistors  functioning  as 
current  sources.  Protection  against  excessive 
MOSFET  junction  temperature  is  accomplished 
by  mounting  both  FETs  and  the  UC3730T  on  the 
same  heatsink.  MOSFET  thermal  resistance 
(junction  to  heatsink),  and  maximum  FET  dissi- 
pation must  be  considered  when  selecting  the 
shut-down  temperature  set  by  R1  and  R2.  Refer 
to  UC3730  data  sheet  for  additional  information .  A 
1000pf/20  ohm  snubber  is  connected  across  the 
switch  to  reduce  turn-off  voltage  spiking.  The 
actual  snubber  values  required  are  determined  by 
load  conditions. 
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Figure  19. 


A  unique  integrated  circuit  pair,  the  UC3724/ 
UC3725  has  been  presented  that  provides  a 
simple,  low  cost,  isolated  MOSFET  gate  drive 
solution.  Protection  features  prevent  abnormal 
gate  drive  voltage,  and  provide  over-current  limit- 
ing. Duty  cycle  or  on  time  limitations  typical  of 
other  techniques  are  avoided,  and  by  utilizing  a 
transformer  for  isolation,  there  are  no  inherent 
isolation  voltage  limitations.  The  circuit  is  suitable 
for  fully  isolated  systems  which  must  meet  UL  or 
VDE  requirements,  as  well  as  typical  high-side 
switch  applications. 
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APPLICATION  NOTE 

THE  UC3823A,B  AND  UC3825A,B  ENHANCED 

GENERATION  OF  PWM  CONTROLLERS 

BILL  ANDREYCAK 
ABSTRACT 

This  application  note  will  highlight  the  enhancements  incorporated  in  four  new  PWM  control  ICs,  the  UC3823A,  UC3823B, 
UC3825A  and  UC3825B  devices.  Based  upon  the  industry  standard  UC3823 and  UC3825 controllers,  this  advanced  gen- 
eration  features  several key  improvements  in  protection  and  performance  over their predecessors.  Newly  developed  tech- 
niques such  as  leading  edge  blanking  of  the  current  sense  input  and  full  cycle  soft  start  protection  following  a  fault  have 
been  incorporated  into  the  design.  Numerous  enhancements  to  existing  standard  functions  and  features  have  also  been 
made. 

INTRODUCTION 

Higher  degrees  of  integrated  functions  within  PWM  IC  controllers  are  necessary  to  remain  in  pace  with  todays  advanc- 
ing power  supply  technology.  Many  external  features,  used  almost  universally  by  designers,  have  been  built  into  this  new 
generation  of  UC3823A,  Band  UC3825A,  B  PWM  controllers.  These  control  enhancements  can  be  classified  as  either  a 
performance  or  protection  improvement,  and  an  itemized  description  of  each  will  be  presented.  The  new  features  are: 


PERFORMANCE  IMPROVEMENTS 

Lower  startup  current 
Accurate  oscillator  frequency 
Leading  Edge  Blanking 
Higher  current  totempole  outputs 
Higher  G.B.W.  Error  Amplifier 


PROTECTION  ENHANCEMENTS 

-  Active  Low  outputs  during  UVLO 

-  Advanced  undervoltage  lockout 

-  Latched  fault  logic 

-  Full-cycle  soft  start 

-  Restart  delay  after  fault 


CloctfLEB  m. 


"Oil  VREF 


Note:  3823A.B  varsion  togotes  Q  and  5  are  arrays  low 

Figure  1  -  UC3823A.B  and  UC3825A.B  Block  Diagram 
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UC3823A.B  AND  UC3825A.B  FEATURES  PREVIEW 
AND  APPLICATIONS  GUIDE 

In  most  applications,  the  UC3823A  and  UC3825A  devices 
are  enhanced  drop-in  replacements  for  the  UC3823  and 
UC3825  high  speed  PWMs.  The  "A"  suffix  versions 
(UC3823A  and  UC3825A)  feature  similar  undervoltage 
lockout  (UVLO)  thresholds  to  the  preceding  generation 
which  turn  on  at  9.2  volts  and  turn  off  at  8.4  volts.  Off-line 
power  supplies  can  benefit  from  the  wider  UVLO  hystere- 
sis of  the  "B"  version  devices  (UC3823B  and  UC3825B) 
which  turn  on  at  16  volts  and  off  at  10  volts.  This,  in  con- 
junction with  the  lower  startup  current  of  1 00  microamps  can 
streamline  the  IC's  power  supply  and  minimize  startup  cir- 
cuitry power  loss. 

One  significant  difference  will  be  found  on  the  UC3823A  and 
UC3823B  controllers.  Formerly,  the  UC3823  (non  A  or  B  ver- 
sion) provided  access  to  the  current  limit  comparator's 
threshold  at  pin  11 .  This  could  be  accurately  set  by  the 
user  within  the  range  of  1 .0  to  1 .25  volts  with  an  external  ref- 
erence voltage.  The  UC3823A  and  UC3823B  devices  use 
pin  11  as  a  high  current  totempole  output,  identical  to  that 
found  on  pin  14.  These  outputs  can  be  paralleled  -  effectively 
doubling  the  peak  output  current  capability  to  4  amps.  No 
access  to  the  previous  current  limit  reference  (I  LIM  REF) 
comparator  is  provided  as  this  threshold  is  internally  set  to 
1 .0  vote  with  a  +/-  5%  accuracy  over  all  operating  conditions. 
Existing  applications  can  incorporate  the  UC3823A  or 
UC3823B  devices  by  simply  removing  any  of  the  former 
external  biasing  components  to  pin  11 . 

One  other  major  difference  to  the  prior  generation  of  PWMs 
is  the  reduced  maximum  operating  supply  (Vcc)  and  col- 
lector supply  (Vc)  voltages  of  22  volts  versus  30  volts.  This 
characteristic  is  a  principal  consideration  when  determining 
the  IC  power  supply,  as  nearly  all  applications  utilize  a 
supply  voltage  between  10  and  15  volts.  Typical  supply 
current  is  higher;  28  mA  versus  the  former  22  mA,  however 
the  maximum  Ice  is  unchanged  at  33  mA. 

Since  many  of  the  enhancements  in  this  new  family  of 
PWMs  are  executed  using  internal  circuitry,  most  applica- 
tions require  no  additional  components  externally  to  realize 
a  performance  or  protection  advantage.  The  list  of  improve- 
ments which  includes  latched  fault  protection  and  full  cycle 
soft  start  should  not  require  any  PC  board  changes.  The 
leading  edge  blanking  feature,  however,  will  require  one 
capacitor  from  the  CLOCK/LEB  (pin4)  to  ground  to  facilitate 
programming. 

The  improved  oscillator  section  can  be  optimally  pro- 
grammed for  the  correct  frequency  and  maximum  duty 
cycle  combination.  No  changes  to  the  timing  component 
values  of  Rt  and  Ct  are  necessary.  Additionally,  high  fre- 
quency current  mode  applications  can  benefit  from  the 


high  gain  bandwidth  error  amplifier  (12  MHz).  Unity  gain 
bandwidth  is  also  up  from  5.5  MHz  to  9  MHz.  This  should 
not  require  changes  to  the  PC  board  layout  unless  the 
compensation  circuit  design  relied  upon  the  older  5.5  MHz 
UGBW  for  high  frequency  roll-off. 

STARTUP  FEATURES 

Since  a  majority  of  PWM  applications  are  off-line  convert- 
ers, a  low  startup  current  is  desirable.  This  attribute  mini- 
mizes the  complexity  and  power  loss  of  the  startup  power 
supply  once  normal  operation  is  attained.  Every  milliamp  of 
additional  startup  current  drawn  by  the  controller  results  in 
a  power  loss  of  approximately  385  milliwatts  in  a  power 
factor  corrected  application.  Heat,  PC  board  real  estate 
and  additional  cost  are  unnecessary  extras  which  can  be 
eliminated  with  a  lower  startup  current  controller. 


a 


Figure  2  -  Startup/Bootstrap  Circuit 

This  new  generation  of  UC3823A.B  and  UC3825A.B  con- 
trol ICs  minimizes  the  startup  current  to  100uA  typically. 
Once  the  IC  crosses  its  undervoltage  lockout  threshold, 
the  current  drawn  will  increase  to  the  typical  running  current 

In  an  off-line  converter,  two  things  are  necessary  to  get  the 
main  converter  up  and  running  when  the  control  IC  turns  on. 
First,  the  IC  should  contain  wide  undervoltage  lockout  hys- 
teresis. Second,  the  bootstrap  supply  should  come  up  and 
into  regulation  very  quickly  before  the  auxiliary  capacitor  volt- 
age drops  below  the  ICs  lower  (turn-off)  undervoltage  lock- 
out threshold. 

Undervoltage  lockout  thresholds  are  primarily  determined 
by  the  allowable  MOSFET  gate  voltage  range.  Operation 
with  gate-to-source  voltages  above  sixteen  volts  can  cause 
overstress  to  the  device,  and  voltages  lower  than  about 
nine  volts  can  cause  linear  FET  operation.  The  "B"  suffix  des- 
ignator (UC3823B  and  UC3825B)  is  used  to  define  devices 
which  exhibit  typical  undervoltage  lockout  thresholds  of 
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16V  (tum-on)  and  10V  (turn-off)  for  off-line  applications. 
The  "A"  suffix  parts  (UC3823A  and  UC3825A)  incorporate 
9.2V  (tum-on)  and  8.4V  (turn-off)  thresholds  for  DC  to  DC 
converter  applications,  and  are  compatible  with  existing 
UC3823  and  UC3825  (non  A,B)  UVLO  thresholds. 
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Figure  3  -  9.2/8.4V UVLO  Thresholds-DC/DC  Converters 
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Figure  4  -  16/10VUVLO  Thresholds-Off  Line  Power  Supplies 

SELF  BIASING,  ACTIVE  LOW  OUTPUTS 
DURING  UV  LOCKOUT 

Another  enhancement  to  the  new  UC3823A,B  and 
UC3825A.B  controllers  is  found  in  the  output  stages.  During 
undervoltage  lockout  almost  all  internal  functions  of  the 
control  IC  are  disabled,  primarily  to  obtain  a  low  startup 
current.  Generally,  this  would  result  in  little  or  no  available 
bias  to  actively  keep  the  outputs  low  during  this  power-up 
condition,  when  it's  needed  the  most.  Outputs  are  in  a  high 
impedance  state  which  is  typically  about  1  megohm.  As 
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the  DC  (bulk)  high  voltage  rises,  a  capacitive  divider  is 
formed  at  the  MOSFET  switch  between  the  drain-to-  gate 
and  the  gate-to-source  capacitances.  A  quickly  rising  bulk 
supply  can  couple  a  problematic  gate  drive  command  to  any 
FET  driven  without  a  gate  pull  down  circuit.  Since  the  con- 
trol IC  is  below  its  turn  on  threshold,  the  unbiased  output 
drivers  of  older  PWMs  cannot  prevent  the  switch  from  turn- 
ing on  under  these  circumstances. 

One  solution  to  prevent  this  parasitic  tum-on  during  under- 
voltage lockout  is  to  incorporate  an  active  low,  self  biasing 
totem-pole  design  in  the  driver  output.  As  shown  in  figure  5, 
a  PNP  drive  transistor  (02)  is  connected  between  the  output 
pin  of  the  IC  and  the  lower  NPN  output  transistor  (Q3).  As 
the  output  voltage  rises,  transistor  Q1  is  biased  on  through 
the  50K  ohm  resistance.  This  causes  the  base  of  Q2  to  go 
low,  turning  02  on.  The  output  pin  supplies  drive  bias  to 
the  main  totem-pole  transistor,  Q3,  directly  through  the  sat- 
urated PNP.  Increasing  voltage  on  the  output  pin  provides 
more  drive  to  transistors  Q1 ,  Q2  and  03.  The  saturation  volt- 
age of  this  circuit  at  moderate  currents  (1  OmA)  is  well  below 
the  turn  on  thresholds  of  the  power  switching  MOSFETs.  This 
circuit  is  removed  from  operation  once  the  undervoltage 
lockout  requirements  have  been  satisfied.  Transistor  04 
is  turned  on  with  a  valid  UVLO  which  voids  the  possibility  of 
transistor  Q1  from  ever  turning  on  during  normal  opera- 
tion. Additionally,  a  250  microamp  current  source  from  Vcc 
keeps  the  PNP  predriver  (Q2)  off  after  UVLO. 


UVLO 


Figure  5  -  UVLO  Self  Biasing  Outputs 

Another  benefit  of  this  technique  is  obtained  during  power 
down.  As  the  IC  crosses  below  its  lower  UVLO  threshold, 
the  self  biasing  circuitry  is  enabled.  Any  residual  voltage  on 
the  output  will  similarly  turn  the  totempole  stage  on  which 
actively  pulls  the  output  low.  This  feature  insures  correct  gate 
drive  operation  regardless  of  the  turn  off  sequence. 
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Figure  6  -  Output  Vand  I  During  UVLO 

OSCILLATOR  ACCURACY 

Fundamental  to  the  design  of  any  switchmode  converter  is 
maintaining  an  accurate  switching  frequency.  The 
UC3823A/B  and  UC3825A/B  ICs  utilize  two  pins  for  the 
sawtooth  oscillator;  one  each  for  the  timing  resistor  (Rt) 
and  timing  capacitor  (Ct).  The  resistor  programs  the  charg- 
ing current  to  the  timing  capacitor  via  an  internal  current 
mirror  with  high  accuracy.  Maximum  switch  on-time  is  deter- 
mined by  the  rising  capacitor  voltage  whereas  deadtime,  the 
programmed  switch  off  time  is  determined  by  the  timing 
capacitors  discharge. 

Considerable  improvement  has  been  made  to  the  accuracy 
of  the  oscillator  discharge  current.  The  previous  generation 
of  UC3823/25  devices  endured  variations  of  plus  or  minus 
forty  percent  (+/-  40%)  over  the  full  military  temperature 
range  and  production  tolerances.  This  new  generation  of 
UC3823A/B  and  UC3825A/B  PWM  controllers  features  a 
well  controlled  oscillator  discharge  current  which  is  "trimmed" 
at  wafer  probe  testing  to  +/- 1  milliamp.  Oscillator  initial 
accuracy  (400  KHz  nominal)  has  been  tightened  to  375 
KHz  minimum  and  425  KHz  maximum.  Total  variation  over 
all  line  and  temperature  ranges  is  limited  to  350  and  450 
KHz.  A  new  specification  for  1  MHz  accuracy  has  been 
added,  demonstrating  a  plus  or  minus  fifteen  percent  total 
frequency  variation  at  high  frequency. 

CLOCK  OUTPUT 

The  UC3823A,B  and  UC3825A,B  controllers  also  feature  a 
TTL/CMOS  compatible  CLOCK  output  pin.  Specified  ampli- 
tudes are  3.7  volts  in  the  high  (off)  state  and  0.2  volts  during 
its  low  state.  Additionally,  this  pin  is  also  used  for  program- 
ming of  the  leading  edge  blanking  function.  Notice  that  unlike 
their  non  A,B  predecessors,  these  enhanced  versions  cannot 
be  externally  synchronized  by  an  input  to  the  clock  pin. 
Synchronization  is  obtained  by  forcing  a  SYNC  pulse  across 
a  resistor  in  series  with  the  timing  capacitor. 
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Figure  7  -  Frequency  and  Deadtime  Variations  vs.  Discharge 
Current  Tolerances 
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Figure  8  -  Controlled  Discharge  Current 

LEADING  EDGE  NOISE  IN  THE 
CURRENT  SENSING  CIRCUIT 

One  of  the  most  difficult  tasks  with  peak  current  mode  con- 
trol is  sensing  the  inductor  current.  Instead,  switch  current 
is  generally  sensed  by  means  of  either  a  series  resistor  or 
current  sense  transformer.  There  is  some  difficulty  with 
using  this  technique  accurately,  especially  at  light  current 
levels.  As  the  switch  turns  on,  circuit  parasitics  in  the  power 
stage,  output  rectifier  reverse  recovery  characteristics  and 
high  current  gate  drive  pulses  can  create  significant  noise 
pulses  on  the  leading  edge  of  the  current  sense  signal. 
Traditionally,  this  problem  has  been  overcome  by  adding  a 
small  R-C  noise  filter  between  the  current  sense  resistor  and 
the  PWM  controllers  current  sense  input.  At  low  operating 
frequencies  and  high  output  current  levels  this  R/C  filtering 
technique  will  generally  deliver  satisfactory  results.  However, 
at  higher  switching  frequencies,  and  almost  always  at  lighter 
load  currents  the  leading  edge  spike  amplitude  can  greatly 
exceed  the  peak  current  sense  signal. 
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Figure  9  -  Synchronization 

The  leading  edge  current  sense  noise  shown  in  figure  10 
will  cause  a  premature,  false  triggering  of  the  pulse  width 
modulator.  Additionally,  this  will  lead  to  instability  of  the  con- 
verter by  causing  the  voltage  loop  to  oscillate  at  light  loads. 
When  the  PWM  is  triggered  by  the  noise  spike  instead  of 
the  true  current  signal  -  a  smaller  (minimum)  pulse  width  is 
delivered  to  the  main  switch.  The  power  supply's  output 
voltage  subsequently  falls  which  causes  the  voltage  ampli- 
fier to  command  for  a  higher  inductor  (switch)  current. 
Eventually  this  continues  until  the  amplitude  is  sufficient  to 
rise  above  the  leading  edge  noise  spike. 


Figure  10  -  Current  Sensing  Technique 


Pulse  widths  too  wide  for  proper  operation  are  now  deliv- 
ered and  the  output  voltage  climbs  until  the  voltage  ampli- 
fier commands  less  current.  This  oscillatory  process 
continues  at  a  rate  determined  by  several  factors. 
Noteworthy  is  that  this  has  nothing  at  all  to  do  with  the  insta- 
bility caused  by  inadequate  slope  compensation,  or  peak- 
to-average  current  error.  The  cause  is  leading  edge  noise, 
and  even  optimal  loop  compensation  cannot  protect  against 
this  problem. 

LEADING  EDGE  BLANKING 

The  RC  filter  shown  in  figure  1 0  can  be  tailored  to  work 
well  over  a  limited  range  of  applications  and  power  levels. 
Another  technique,  known  as  Leading  Edge  Hanking  (LEB) 
essentially  blindfolds  (blanks)  the  PWM  comparator  for  a 
specific  amount  of  time  during  the  beginning  of  the  cycle. 
The  blanking  duration  is  user  programmable  and  should  cor- 
respond to  the  width  of  the  leading  edge  noise  spike.  This 
eliminates  the  need  for  filtering  of  the  current  sense  signal 
in  peak  current  mode  controlled  circuits. 
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Figure  1 1  -  Instability  Caused  By  Leading  Edge  Noise  Triggering 
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Figure  12  -  Leading  Edge  Blanking  Operational  Waveforms 
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LEB  IMPLEMENTATION 

The  focal  point  of  any  fixed  frequency  PWM  controller  is  its 
clock.  Used  to  accurately  program  the  switching  frequency 
and  maximum  duty  cycle,  the  clock  serves  as  the  trigger 
source  for  the  leading  edge  blanking  circuitry,  A  digital  rep- 
resentation of  the  timing  capacitor  charge/discharge  status 
is  developed  by  internal  logic.  This  is  made  available  at 
the  PWMs  CLOCK  pin  for  external  purposes.  The 
UC3823A.B  and  UC3825A.B  all  use  a  high  output  to  indi- 
cate the  OFF  period  of  the  switching  cycle,  and  a  low  to  indi- 
cate the  maximum  ON  time.  These  levels  will  be 
incorporated  into  the  design  of  the  leading  edge  blanking 
circuitry. 

The  clock  output  of  the  UC3823A,B  and  UC3825A,B  is 
pulled  high  during  the  oscillator  deadtime  to  approximately 
4  volts.  A  capacitor  added  to  the  CLOCK  output  pin  pro- 
grams the  leading  edge  blanking  duration.  An  internal  com- 
parator with  an  accurate  threshold  set  at  60%  of  the  peak 
clock  amplitude  has  been  added.  The  LEB  programming 
capacitor  is  discharged  by  an  internal  1 0K  ohm  resistance 
to  ground.  The  LEB  interval  is  defined  by  the  time  required 
for  the  capacitance  to  discharge  from  4  volts  to  the  60% 
threshold.  Once  the  LEB  capacitor  discharges  below  this 
threshold,  the  PWM  operates  normally  without  any  blank- 
ing. Programming  should  accommodate  the  worst  case  of 
leading  edge  noise.  With  no  programming  capacitor  added, 
the  ICs  function  similarly  to  their  predecessors  and  pro- 
vide no  blanking. 
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Figure  13  -  LEB  Circuitry 
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Because  of  the  leading  edge  blanking,  the  PWM  outputs  will 
exhibit  a  minimum  ON  time  in  normal  operation.  The  dura- 
tion corresponds  directly  to  that  of  the  LEB  programming, 
so  a  minimum  duty  cycle  has  also  been  established. 
Resolution  between  zero  duty  cycle  and  this  minimum  duty 
cycle  cannot  be  obtained  -  which  should  also  be  taken  into 
account  when  programming  the  LEB  circuitry. 

Zero  duty  cycle  is  a  valid  operating  condition  which  can  be 
achieved  by  one  of  two  methods.  The  most  obvious  tech- 
nique is  to  bias  the  error  amplifier  such  that  its  output  is 
driven  below  the  PWM  zero  duty  cycle  threshold  of  1 .1 V.  The 
ICs  error  amplifier  can  easily  accomplish  this  while  sinking 
current  up  to  1  mA,  worst  case.  The  second  technique  uti- 
lizes the  current  limiting  feature  (ILIM)  at  pin  9.  An  ILIM 
input  held  above  the  1 .2 V  (typ)  FAULT  threshold  will  force 
the  PWM's  on-time  and  duty  cycle  to  zero.  More  details  of 
the  interface  between  the  PWM  and  fault  circuitry  will  be 
found  in  the  following  fault  protection  section. 
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Figure  14  -  Blanking  Waveforms 

LATCHED  FAULT  PROTECTION 

While  the  previous  generation  of  control  ICs  offered  fault  pro- 
tection circuitry,  they  did  not  feature  a  fully  latched  shut- 
down after  detecting  a  fault.  The  unlatched  technique  only 
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discharges  the  soft  start  capacitor  during  the  duration  of 
the  fault  -  a  duration  which  can  be  very  brief  with  a  high 
speed  controller.  As  a  result,  the  duty  cycle  is  not  significantly 
reduced,  and  the  IC  continues  delivering  output  pulses  at 
the  the  switching  frequency.  Typically,  the  switching  com- 
ponents can  easily  be  dangerously  overstressed  while  also 
dissipating  a  significant  amount  of  power. 

The  new  UC3823A.B  and  UC3825A.B  controllers  feature 
a  latched  fault  protection  circuit  as  shown  in  figure  1 5.  Two 
comparators  are  used  to  offer  two  stage  protection  -  depend- 
ing on  the  amplitude  of  the  fault.  The  first  comparator  has 
a  one  volt  threshold  for  cycle-by-cycle  current  limiting.  In 
normal  operation  this  terminates  the  immediate  switch  drive 
pulse  but  does  not  trigger  the  latching  fault  logic.  One  volt 
has  been  selected  as  the  peak  amplitude  of  the  current 
sense  signal  for  normal  operation  and  slight  overloads  to 
accommodate  transients. 

The  second  comparator  has  a  slightly  higher  threshold  of 
1 .20  volts,  indicative  of  a  twenty  percent  overload  or  fault. 
When  this  comparator  is  tripped,  the  fault  latch  is  turned  on 
and  the  soft  start  capacitor  begins  discharging.  The  present 
output  pulse  had  already  been  terminated  by  the  one  volt 
comparator  circuity  while  the  signal  was  rising  to  cross  the 
1 .20  volt  level.  The  over-  current  latch  insures  that  the  PWM 
latch  is  held  off  for  an  extended  period  of  time,  approxi- 
mately equal  to  the  soft  start  time  constant. 

Once  this  overcurrent  latch  is  set,  a  second  "restart"  latch 
is  triggered  which  insures  the  proper  restart  of  the  control 
logic.  First,  a  current  sink  (typically  200  uA)  is  turned  on  by 
the  restart  latch  output  which  overpowers  the  9  uA  charg- 
ing current  source  and  begins  discharging  the  soft  start 
capacitor.  The  capacitor  voltage  is  monitored  by  a  restart 
comparator,  looking  for  a  decay  to  the  threshold  level  of 
0.2  volts.  Once  this  occurs,  the  restart  comparator  resets  the 
overcurrent  comparator  which  sequentially  resets  the  restart 
latch. 

The  restart  latch  can  only  be  set  with  the  right  set  of  con- 
ditions as  shown  in  the  block  diagram.  First,  undervoltage 
lockout  must  be  satisfied  to  insure  proper  operation  during 
initial  power-up.  Secondly,  the  overcurrent  (1 .2  V)  com- 
parator must  be  triggered,  indicative  of  a  valid  fault.  Last,  and 
most  important,  is  that  a  full  soft  start  cycle  must  be  com- 
pleted before  the  restart  latch  can  be  retriggered.  A  fourth 
comparator  insures  that  the  soft  start  capacitor  voltage  has 
charged  to  a  5  volt  threshold.  This  indicates  that  a  complete 
discharge  followed  by  a  complete  charge  has  occurred. 
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Figure  15  -  Latched  Fault  And  Full  Cycle  Soft  Start  Protection 
Circuitry 

FULL  CYCLE  /  CONTINUOUS  FAULTS 

During  a  fault,  many  designers  prefer  to  reduce  the  repe- 
tition rate  at  which  the  switch  is  driven  rather  than  to  con- 
tinue at  the  normal  switching  frequency.  Often  called 
"hiccup",  this  delayed  restart  will  significantly  reduce  the 
overstress  and  power  dissipated  during  abnormal  conditions. 
Implementation  of  the  latched  fault  technology  results  in 
significantty  lower  power  dissipation  during  a  continuous  fault 
or  shorted  output  stage.  Instead  of  delivering  minimum 
duty  cycle  pulses  at  the  oscillator  frequency,  the  retry 
sequence  occurs  at  a  repetition  rate  approximately  equal 
to  the  soft  start  period  with  a  continuous  fault. 

In  the  worst  case,  two  PWM  outputs  can  occur  in  a  time  less 
than  the  soft  start  time  constant,  but  this  happens  only  once 
with  a  "true"  fault  input  (>1 .2  V).  Forexample,  assume  that 
the  converter  is  in  normal  operation  when  a  fault  is  detected. 
The  first  valid  fault  immediately  turns  off  the  output  and 
triggers  the  latching  overcurrent  circuitry.  Since  the  soft 
start  capacitor  was  fully  charged  ( above  5  volts),  the  "full 
soft  start  complete"  comparator  allows  the  overcurrent  latch 
to  set  the  restart  latch.  Discharge  begins  and  continues 
until  the  restart  complete  comparator  is  tripped  at  a  soft 
start  capacitor  voltage  of  0.2  volts.  The  restart  latch  is  reset, 
and  the  soft  start  capacitor  begins  charging. 


Note  that  a  well  defined  time  is  required  between  this  instant 
and  the  time  when  the  first  output  pulse  can  next  occur. 
The  capacitor  begins  at  0.2  volts  and  the  error  amplifier 
output  is  internally  clamped  to  the  soft  start  capacitor  volt- 
age. Back  at  the  PWM  comparator,  however,  there  is  a 
1 .25  volt  offset  on  the  ramp  pin  to  facilitate  zero  duty  cycle. 
Therefore,  the  soft  start  capacitor  must  charge  from  0.2 
volts  to  1 .25  volts  before  the  PWM  comparator  is  active. 
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This  provides  a  slight  interval  between  the  worst  case  of  suc- 
cessive output  pulses  into  a  shorted  load.  From  this  point 
on,  the  soft  start  capacitor  must  fully  charge  up  to  the  five 
volt  threshold  of  the  "full  soft  start  complete"  comparator. 
Once  in  this  mode,  only  one  PWM  output  per  soft  start 
period  can  be  obtained  into  a  fault  as  shown  in  figure  1 6. 

LEB  AND  FAULT  DETECTION 

The  leading  edge  blanking  circuitry  is  interfaced  to  also 
blank  some  of  the  fault  detection  circuitry.  While  numer- 
ous arrangements  are  possible,  only  one  configuration 
offers  a  reasonable  compromise  between  quick  response 
and  noise  immunity.  As  demonstrated  in  figure  1 2,  leading 
edge  blanking  does  inhibit  the  one  volt,  cycle-by-cycle  cur- 
rent limit  comparator  during  the  programmed  interval. 
However,  the  blanking  does  not  disable  the  1 .2  volt  over- 
current  comparator  and  fault  logic.  This  adaptation  will 
accommodate  a  moderate  amount  of  leading  edge  noise 
without  having  to  significantly  filter  the  current  sense,  and 
fault  signals.  Even  if  a  moderate  amount  of  filtering  is 
required,  the  latched  full  cycle  shutdown  protection  mini- 
mizes the  power  dissipation. 
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Figure  16  -  Full  Cycle  Soft  Start  -  Operational  Waveforms 
TIGHTER  FAULT  THRESHOLDS 

This  latest  generation  of  IC  controllers  utilizes  a  thin  film 
resistor  process  which  provides  improved  control  of  the 
tolerance.  These  resistors  are  used  to  generate  accurate 
voltage  thresholds  by  dividing  down  the  IC's  reference 
voltage  internally.  Both  of  the  current  limiting  comparator 
thresholds  have  been  tightened  in  the  "A"  and  "B"  versions 
of  controllers.  The  cycle-by-cycle  current  limit  threshold 
range  has  been  tightened  to  +/-  5%  from  its  previous  +/- 
10%  specification.  The  new  limits  are  0.95V  minimum, 
1 .05V  maximum  with  the  center  remaining  at  the  previ- 
ous 1.0  volts. 


The  overcurrent  (fault)  threshold,  however,  has  been  cen- 
tered at  1 .2  volts  instead  of  the  1 .4  volt  midpoint  of  the  non 
A,B  versions.  The  new  specifications  are  1 .1 4  volts  minimum 
to  1 .26  volts  maximum.  Applications  converting  to  the  newer 
controllers  may  need  to  adjust  the  current  sense  resistor 
value  accordingly.  Typical  propagation  delay  is  unchanged 
at  50  ns  typical,  and  80  ns  maximum. 


HIGHER  GAIN-BANDWIDTH  ERROR  AMPLIFIER 

Many  of  the  critical  UC3823/25  error  amplifier  specifica- 
tions have  been  improved.  The  characteristics  which  sig- 
nificantly differ  are:  input  offset  voltage  -  reduced  from  1 0  to 
7  mV,  unity  gain  bandwidth  -  increased  from  5.5  MHz  to  9 
MHz,  typical  slew  rate  -  reduced  from  1 2  to  9  V/us.  Notice 
that  the  minimum  slew  rate  is  unchanged  at  6  V/us. 

HIGH  POWER  OUTPUTS 

The  industry  need  for  higher  switching  frequencies  and 
improved  efficiency  has  directly  effected  the  design  of  the 
totem-pole  output  drivers.  Many  of  the  capacitive  loads 
(MOSFETS)  placed  directly  on  the  PWM  outputs  require 
high  peak  currents  to  obtain  adequate  switching  transi- 
tions. The  high  speed  UC3823A,B  and  UC3825A,B  con- 
trollers feature  peak  current  ratings  of  2  amps,  and  are 
capable  of  slewing  1 5  volts  in  35  nanoseconds  into  1 0OOpF. 
Separate  collector  supply  (Vc)  and  power  ground  connec- 
tions (PGND)  help  decouple  the  analog  circuitry  from  the 
high  power  gate  drive  noise. 


TYPICAL  APPLICATION 

The  1 .5  MHz,  50  Watt  push-pull  converter  detailed  in 
Application  Note  U-110  was  redesigned  to  accept  the 
UC3825"B"  device.  The  basic  power  stage  remained  sim- 
ilar while  an  emphasis  was  placed  on  control  circuit  improve- 
ments. These  enhancements  included  Leading  Edge 
Blanking  of  the  current  sense  signal  and  Restart  Delay  fol- 
lowing a  fault.  Also,  a  current  sense  transformer  was 
installed  which  not  only  reduced  losses  but  allowed  ampli- 
fication of  the  current  sense  signal  to  approximately  2.5 
volts,  thus  enhancing  noise  immunity. 

Improvements  to  the  power  section  of  the  converter  include 
the  use  of  larger  MOSFETS  (IFtF640's)  and  the  addition 
of  a  bootstrap  winding  for  the  auxiliary  bias  supply.  The 
startup  resistor  from  the  input  supply  was  increased  since 
the  UC3825"B"  device  features  a  wide  UVLO  hysterisis  of 
six  volts. 
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Figure  1 7  UC3825B  Controlled  1.5  MHz  Push  Pull  Converter 
CONVERTER  PERFORMANCE 

The  redesigned  converter  exhibited  similar  line,  load  and 
transient  response  to  the  original  converter,  which  was 
excellent  due  to  the  high  conversion  frequency.  A  significant 
improvement  was  made  in  the  short  circuit  performance  by 
comparison.  While  operating  into  a  continuous  short  cir- 
cuited output,  the  UC3825"B"  controlled  version  reduced 
the  converter  input  power  (and  dissipation)  to  approxi- 
mately one-hundredth  of  the  original  design.  Featuring  the 
programmable  Restart  Delay  circuitry,  the  redesigned  50 
Watt  converter  draws  only  one-quarter  of  a  Watt  (1  /4  W)  of 
input  power  with  a  shorted  circuited  output. 


SUMMARY 


This  new  generation  of  UC3823A.B  and  UC3825A,B  PWM 
controllers  features  a  multitude  of  performance  advan- 
tages over  its  predecessors.  Higher  precision,  increased  pro- 
tection and  programmable  new  functions  are  just  a  few  of 
the  benefits  obtainable  with  these  enhanced  versions  of 
PWMs.  And  as  the  level  of  sophistication  in  todays  power 
supplies  increases,  so  too  must  that  of  its  components  - 
especially  control  ICs.  Containing  an  expanded  list  of  inte- 
grated features,  this  new  era  of  enhanced  UC3823A,B 
and  UC3825A.B  controllers  overcomes  the  challenges  of 
the  power  supply  industry  for  higher  levels  of  power,  pro- 
tection and  performance. 

ADDITIONAL  INFORMATION  AND  REFERENCES 


1.  New  Pulse  Width  Modulator  Chip  Controls  1  MHz 
Switchers;  UNITRODE  Application  Note*  U- 107 

2.  1 .5  MegaHertz  Current  Mode  IC  Controlled  50  Watt 
Power  Supply;  UNITRODE  IC  Databook,  Application 
Note#U-110 

3.  "Practical  Considerations  in  Current  Mode  Power 
Supplies";  UNITRODE  IC  Databook,  Application  Note 
#U-111 
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7  LOAD  SHARE  IC  SIMPLIFIES  PARALLEL 
POWER  SUPPLY  DESIGN 


MARK JORDAN 
SENIOR  DESIGN  ENGINEER 


INTRODUCTION 

Many  power  supply  manufacturers  have  found  it  economically  feasible  to  make  standard  modular  power  supplies  which 
are  easily  paralleled  for  higher  current  applications.  If  special  provisions  are  not  made  to  equally  distribute  the  load  cur- 
rent among  the  paralleled  supplies,  then  one  or  more  units  will  hog  the  load  current  leaving  the  other  units  essentially  idle. 
This  results  in  greater  thermal  stresses  on  specific  units  and  a  reduction  in  the  system  reliability.  For  example,  reliability 
predictions  will  indicate  that  a  component  operating  at  50  degrees  above  ambient  will  have  one-sixth  the  lifetime  of  the 
same  component  operating  at  25  degrees  above  ambient  [1]. 

This  paper  will  examine  methods  for  load  sharing  presently  being  implemented  discretely  and  then  cover  Unitrode's 
single  chip  solution,  the  UC3907  Load  Share  Controller,  in  several  parallel  power  applications. 


LOAD  SHARING  TECHNIQUES 

There  are  a  number  of  schemes  to  achieve  load  sharing. 
Five  approaches  are  discussed  here,  with  an  attempt  made 
to  investigate  their  application,  highlighting  features  and 
concerns. 

THE  DROOP  METHOD 

The  simplest  method  to  load  sharing  is  referred  to  as  the 
droop  method.  It  is  an  open  loop  technique  which  programs 
the  output  impedance  of  the  power  supplies  to  obtain  load 
sharing.  This  method  exhibits  very  poor  current  sharing  at 
low  currents  and  improves  at  higher  currents,  but  can  still 
have  large  current  imbalances  between  supplies.  An  exam- 
ple of  this  method  is  shown  in  Fig  1  where  as  the  individual 
supply  current  increases,  the  feedback  voltage  will  decrease. 
This  will  allow  other  supplies  to  distribute  more  current. 
The  programmed  output  impedance  is  given  by: 

Rout  =  0.01  Rs  N 

The  disadvantages  to  the  droop  method  are:  degradation 
of  load  regulation,  each  module  must  be  individually 
tweaked  to  achieve  good  current  sharing,  and  difficulty  in 
current  sharing  between  parallel  modules  with  different 
power  ratings. 


REQUIREMENTS 

The  basic  requirements  of  a  power  supply  system  con- 
sisting of  a  number  of  sources  paralleled  to  increase  the  total 
load  current  are: 

•  Maintain  a  regulated  output  voltage  undervariations  in 
line  or  load. 

•  Control  the  output  current  of  each  supply  so  they  share 
the  total  load  current  equally. 

To  maximize  reliability  of  the  system,  there  are  the  follow- 
ing features: 

•  Achieve  redundancy,  so  that  a  failure  of  any  one  supply 
can  be  tolerated  as  long  as  there  is  sufficient  current 
capacity  available  from  the  remaining  power  units. 

•  Implement  a  load  sharing  method  without  any  external 

control  system. 

In  addition,  these  are  the  following  desirable  features: 

•  To  have  a  common,  low  bandwidth  share  bus  inter- 
connecting all  power  units. 

•  Achieve  good  load  sharing  transient  response. 

•  The  ability  to  margin  the  system  output  voltage  with  one 
control. 

In  other  words,  the  combination  of  power  supplies  behave 
like  one  large  supply  with  equal  stress  on  each  of  the  units. 
Also,  reliability  can  be  optimized  by  taking  advantage  of 
load  sharing  to  incorporate  modular  redundancy. 
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5.00V  (Vref) 
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Fig  1  -  The  Droop  method  programs  the  output  impedance  of  the 
power  supplies  to  achieve  load  sharing.  It  is  a  simple  open  loop 
method,  but  is  not  accurate. 

DEDICATED  MASTER 

Current  mode  supplies  can  accommodate  several  config- 
urations to  achieve  a  form  of  load  sharing.  One  approach 
is  to  select  a  master  module  to  perform  the  voltage  control 
and  force  the  remaining  modules  (slaves)  to  act  as  cur- 
rent sources,  as  shown  in  Fig.  2.  This  technique  is  facilitated 
with  current  mode  control,  since  the  error  voltage  is  pro- 
portional to  load  current.  If  the  units  were  similar  in  design 
then  a  given  error  voltage  on  the  output  of  the  voltage,  or 
error  amplifier  will  force  all  units  to  source  the  same  load  cur- 
rent. This  technique  achieves  load  sharing  but  does  not 
achieve  redundancy,  since  if  the  master  fails,  the  entire 
system  becomes  disabled.  Another  concern  with  this  tech- 
nique is  that  the  high  bandwidth  voltage  loop  is  being  bussed 
around  the  system  and  is  prone  to  noise  pick-up. 

Error  Votage 


Fig2-A  dedicated  Master  approach  with  current  mode  supplies 
will  facilitate  current  sharing  but  does  not  achieve  redundancy. 

EXTERNAL  CONTROLLER 

Another  method  is  to  use  an  external  controller  to  perform 
the  load  sharing.  This  is  achieved  by  comparing  all  load 
sharing  signals  from  the  individual  power  units  and  adjust 
the  corresponding  feedback  signal  to  balance  the  load  cur- 
rents. This  system  does  perform  well  but  requires  an  addi- 
tional controller  and  multiple  connections  between  the 
controller  and  each  supply. 
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AUTOMATIC  CURRENT  SHARING  -  AVERAGE 
CURRENT  METHOD 

For  Automatic  current  sharing  no  external  controller  is 
required  and  a  single  share  bus  interconnects  all  the  sup- 
plies. This  requires  an  adjustment  amplifier  that  compares 
a  current  signal  from  the  share  bus  to  the  individual  units  cur- 
rent, and  adjusts  the  reference  of  the  voltage  amp  until 
equal  load  current  distribution  is  achieved. 

The  average  Current  method  is  a  patented  technique  where 
each  power  module's  current  monitor  drives  a  common 
share  bus  via  a  resistor,  as  shown  in  Fig  3.  The  adjust 
amplifier  will  sense  if  there  is  a  differential  across  the  resis- 
tor, equating  to  a  load  current  imbalance,  and  adjusts  the 
reference  accordingly.  The  node  where  all  resistors  connect 
is  a  representation  of  the  average  load  current  contribu- 
tion. While  this  scheme  performs  accurate  current  shar- 
ing, it  can  result  in  specific  application  problems.  An  example 
is  when  a  supply  runs  into  current  limit,  causing  the  share 
bus  to  be  loaded  down  and  the  output  voltage  to  regulate 
to  the  lower  adjust  limit.  A  similar  failu  re  mode  will  exist  if  the 
share  bus  is  shorted  or  if  any  unit  on  the  share  bus  is  inop- 
erative. 


Voltage 
Feedback 


Fig.  3  -  The  average  current  method  compares  the  individual 
load  currents  to  the  average  load  current 

AUTOMATIC  CURRENT  SHARING  -  HIGHEST 
CURRENT  METHOD 

This  technique  for  automatic  current  sharing  shown  in  Fig 
4  compares  the  highest  current  module  to  each  individual 
current,  and  adjusts  the  reference  voltage  accordingly  to  cor- 
rect the  imbalance  of  load  current.  This  technique  is  simi- 
lar to  the  average  current  method  except  that  the  resistor 
is  replaced  with  a  diode,  allowing  only  one  unit  to  commu- 
nicate on  the  share  bus.  This  method  provides  for  excellent 
sharing  among  the  slaves  with  an  error  in  the  master's  load 
current  contribution  because  of  the  diode. 

The  UC3907  Load  Share  Regulator  has  improved  on  this 
method  by  replacing  the  diode  with  a  unidirectional  buffer 
to  reduce  the  master's  error.  An  inoperative  or  insufficient 
capacity  supply  will  not  effect  the  sharing  of  the  operational 
units.  A  shorted  share  bus  will  disable  the  reference  adjust- 
ment section  used  for  load  sharing,  making  the  units  oper- 
ate as  stand  alone. 
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Fig.  4  -  The  highest  current  method  compares  the  individual 
load  currents  to  that  of  the  highest.  This  method  has  several 
advantages  over  the  average  current  method  of load  sharing.  The 
UC3907has  implemented  and  improved  version  of  this  technique. 
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USING  THE  UC3907  -  LOAD  SHARE  REGULATOR  IC 

A  review  of  the  current  sharing  technique  used  on  the 
UC3907  and  operating  principles  will  help  the  reader  to 
understand  the  application  examples  that  follow  and  to  use 
the  IC  in  other  examples. 

A  generic  load  share  system  with  the  basic  bus  connections 
required  to  perform  accurate  output  voltage  control  and 
load  sharing  is  shown  in  Fig  5.  The  output  voltage  is  sensed 
with  a  fully  differential,  high-impedance  voltage  amplifier. 
Each  individual  power  supply  current  is  sensed  with  a  dif- 
ferential current  amplifier,  and  is  used  for  the  load  share  por- 
tion of  the  circuit.  The  share  bus  signal  interconnecting  all 
the  paralleled  modules  is  a  low-impedance,  noise  insensi- 
tive line.  The  connection  diagram  is  shown  in  FIG  6.  The  fol- 
lowing discussion  of  the  voltage  and  cu  rrent  sharing  loops 
should  help  the  reader  understand  the  operation  and  fea- 
tures of  the  IC. 


Currant  Share  Bus 


Fig.  5  ■  System  connections  for  modules  with  independent  load  sharing. 
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Fig.  6  -  The  UC3907  will  control  output  voltage  and  equally  distribute  load  current  among  the  power  modules. 
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THE  VOLTAGE  LOOP 

THE  VOLTAGE  AMP 

This  Amplifier  is  the  feedback  control  gain  stage  for  the 
power  modules  output  voltage  regulation,  and  the  overall 
voltage  loop  compensation  will  normally  be  applied  around 
this  amplifier.  The  output  swing  is  limited  to  2  Volts  to  improve 
the  large  signal  response  of  the  system.  The  voltage  ampli- 
fier accomplishes  the  high  impedance  positive  sensing, 
and  the  ground  amp,  the  high  impedance  negative  sensing. 

THE  GROUND  AMP 

This  amplifier  is  a  unity  gain  buffer  with  a  0.250V  offset. 
The  offset  allows  the  amplifier  negative  headroom  to  return 
all  control  bias  and  operating  currents  while  maintaining  a 
high  impedance  negative  sense  input  (pin  4),  where  this 
input  is  referred  to  as  "true"  ground.  The  output  of  this  ampli- 
fier is  referred  to  as  Artificial  Ground.  The  0.250V  offset  is 
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added  to  the  1 750V  bandgap  reference  to  obtain  the  2.00V 
reference ,  as  seen  by  the  voltage  amp,  and  is  trimmed  to 
+/-1.25%. 

The  ground  return  (pin  5)  should  be  the  most  negative  volt- 
age available  and  can  range  from  zero  to  5V  below  the 
negative  sense  input.  All  the  IC's  current  will  return  through 
the  ground  return  pin. 

THE  DRIVE  AMP 

This  amplifier  is  an  inverting  amplifier  with  a  gain  of  -2.5, 
which  couples  the  feedback  signal  to  the  power  controller. 
The  Current  setting  resistor  Rset  helps  to  establish  the  for- 
ward transfer  function  of  the  control  loop  and  the  maxi- 
mum drive  current.  The  polarity  of  the  drive  amp  stage  is 
such  that  an  increasing  voltage  at  the  plus  sense  input  (pin 
11 ),  will  increase  the  opto-couplers  current,  thereby  reduc- 
ing the  primary  side  PWM's  duty  cycle.  This  will  insure 
proper  startup  since  there  is  no  energy  on  the  secondary 
side  during  initialization  of  the  power  system. 


Fig.  7-  The  UC3907  Voltage  Loop  achieves  high  impedance  differential  sensing  along  with  optical  coupler  driving  capability. 


THE  CURRENT  LOOP 

THE  CURRENT  AMP  AND  BUFFER  AMP 

The  current  sharing  portion  of  the  IC  utilizes  the  current 
amp,  the  buffer  amp,  and  the  adjust  amp  as  shown  in  Fig. 
8.  The  Output  of  the  current  amp  is  an  analog  representa- 
tion of  individual  load  current,  where  the  output  voltage  is 
given  by:  Vca=20*Rs*lout.  The  current  amp  output  feeds 
an  input  of  a  unidirectional  buffer  which  drives  the  current 
share  bus.  Since  the  buffer  amp  only  sources  current,  it 
insures  that  the  module  with  the  highest  load  current  will  be 
the  master,  or  communicator  to  all  other  modules,  and 
drives  the  bus  through  a  low-impedance.  All  other  buffer 


amplifiers  will  be  inactive  with  each  exhibiting  a  1 0K  ohm 
load  impedance  to  ground. 

THE  ADJUST  AMP 

The  adjust  amplifier  will  compare  its  own  load  current  with 
that  of  the  highest  current  module,  and  force  a  command 
to  adjust  the  individual  modules  reference  voltage,  (as  seen 
by  the  voltage  amp)  to  maintain  equal  current  sharing.  It  is 
a  transconductance  type  amplifier  in  order  that  its  bandwidth 
may  be  limited,  and  noise  kept  out  of  the  reference  adjust 
circuitry,  with  a  simple  capacitor  to  artificial  ground.  The 
ground  referenced  compensation  will  act  similar  to  that  of 
integral  compensation,  but  without  the  non-inverting  signal 
feedthrough  problems,  thereby  filtering  both  inputs  from 
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unwanted  noise.  The  adjust  amplifier  has  a  built  in  50  mil- 
livolt offset  on  its  inverting  input,  which  forces  the  unit  acting 
as  a  master  to  have  a  low  output  resulting  in  a  zero  adjust 
command.  While  the  50mv  offset  represents  an  error  in 
current  sharing,  the  gain  of  the  current  amplifier  reduces  it 
to  2.5  millivolts  across  the  sense  resistor.  This  results  in  all 
slave  modules  sharing  equally  and  the  master  module  run- 
ning a  few  percent  higher.  The  offset  also  provides  some 
immunity  from  cycling,  or  fighting  for  master  position  due  to 
low  frequency  noise. 
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STATUS  INDICATE 


The  status  indicate  pin  is  designed  to  indicate  which  unit  is 
acting  as  the  master.  Its  open  collector  output  is  activated 
when  the  adjust  amp  output  is  in  the  low  state.  In  a  case  of 
an  overcurrent  fault  with  one  of  the  many  paralleled  units, 
this  pin  will  indicate  the  unit  with  the  highest  current  which 
will  help  diagnose  the  faulted  module.  A  zero  current  or 
low  current  fault  is  transparent  to  the  other  supplies'  and  has 


no  effect  on  \ 


land  current  sharing. 


Fig.  8  -  Current  sharing  is  achieved  with  the  UC3907  by  comparing  the  individual  module's  current  to  that  of  the  highest  current 
module.  The  necessary  adjust  command  increases  the  voltage  amp  reference  to  accomplish  equal  load  sharing. 


START-UP  FOR  A  PARALLEL  POWER  SYSTEM 

Start-up  conditions  need  to  be  considered  in  a  parallel 
power  supply  architecture.  A  start-up  timing  example  of 
four  5V  power  modules  in  parallel  is  shown  in  Fig.  9.  Once 
the  primary  power  is  applied,  the  power  stage  will  be  request- 
ing maximum  duty  cycle  until  the  individual  units  feed  back 
a  signal  to  regulate  the  output  voltage.  At  time  t1 ,  supply  #1 
has  become  the  master  due  to  its  higher  reference  volt- 
age. This  forces  the  output  voltage  to  regulate  above  the 
other  units.  The  other  units  will  feedback  a  zero  duty  cycle 
signal  to  the  power  stage  and  remain  idle.  At  this  point  the 
master  unit  is  supplying  all  the  supply  current,  and  out- 
putting  the  corresponding  current  signal  on  the  share  bus. 
The  other  units'  adjust  amplifiers  sense  the  difference 
between  their  individual  load  currents  and  the  master's, 
and  start  to  slew  up  the  adjust  amp  output  to  increase  their 
references.  At  the  same  time  the  master's  adjust  amplifier 
output  remains  clamped  below  the  adjust  threshold  having 
no  effect  on  its  original  reference.  At  time  t2  the  otherthree 
adjust  amps  have  exceeded  the  adjust  threshold  and  have 
started  to  effect  the  reference  as  seen  by  the  voltage  amp. 


At  time  t3  the  unit  with  the  closest  reference  to  the  master, 
supply  #2,  has  reached  the  point  where  its  references  is 
essentially  equal  to  the  master's  and  the  load  current 
becomes  equally  distributed  between  the  two.  The  other  two 
modules,  #3  and  #4,  are  still  adjusting  their  references  and 
are  not  yet  contributing  to  the  load  current.  At  time  t4  the  3rd 
unit  has  reached  the  desired  reference  and  the  load  current 
has  been  equally  split  between  the  three,  and  at  time  t5 
the  final  unit  has  completed  its  reference  adjustment,  thereby 
completing  the  load  sharing.  If  it  is  necessary  to  have  the 
units  come  up  sharing,  then  a  soft-start  scheme  will  need 
to  be  implemented  on  the  primary  side  modulator  which 
needs  to  be  much  slower  than  the  adjust  time.  The  total 
adjust  time  from  t1  to  t5  for  this  example  is  given  by: 


t  = 


CIVa 


where  CI  =  adjust  amp  compensation 

Va  =  adjust  amp  swing 

I  =  Adjust  amp  max  current  -  220ua 
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CI  is  chosen  from  the  desired  bandwidth 
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2tcF 

where  typ  gm  =  3mS  and  F  =  Adjust  amp  bandwidth. 

If  the  required  adjust  amp  bandwidth  were  500  Hz,  then  CI 
will  be  1  uF.  The  adjust  amp  output  for  the  lowest  reference 
will  adjust  to  a  voltage  calculated  as  follows: 

Vadj  =  (VREFmax-VREFmin)  17.5+1 
=  (30mv  17.5)  + 1  =1.53 

The  adjust  amp  must  slew  from  approximately  0.7V  to 
1 .53V  at  a  slew  rate  of 220mV/ms  which  equates  to  a  com- 
plete sharing  delay  time  of  3.8  ms. 


T1  12      73      T4  T5 


Fig.  9  -  Start-up  timing  of  a  four  module  power  system  using  the 
UC3907  (without  soft-start). 


THE  VOLTAGE  AND  SHARE  LOOP  DESIGN 

A  load  sharing  system  is  composed  of  two  loops,  the  volt- 
age loop  and  the  current  share  loop.  As  in  conventional 
designs,  the  voltage  loop  regulates  the  output  voltage  and 
is  the  faster  responding  loop.  The  current  sharing  loop  is  a 
lower  bandwidth  loop  to  eliminate  noise  pick-up  on  the 
share  line,  and  should  be  low  enough  in  bandwidth  to  elim- 
inate interactions  with  the  voltage  loop. 


A  complete  loop  diagram  is  shown  in  Fig.  1 0.  The  voltage 
amp  transfer  function  is  designed  to  optimize  the  voltage  loop 
response,  which  is  determined  by  the  modulator  topology, 
filters,  and  other  gain  functions  in  the  loop.  We  will  work 
through  each  gain  block  for  a  flyback  converter  example 
using  the  UC3907,  and  from  this  the  user  should  be  able  to 
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Compensated  as  shown,  the  voltage  amp  response  is 
given  by: 


UGF  = 


1 


2jcR-|(C-|  +  C2) 


Pole  =  Origin 


UGF  =  Unity  Gain  Frequency. 


Pole  2  = 


2jiR1C3 


Zerol  = 


2tcR2C-| 


Pole  3  = 


Zero  2  = 


2^R1  +R3)C3 
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The  CTR  spread  can  vary  from  0.4  to  2  on  a  given  device 
type,  but  many  manufacturers  can  sort  them  out  to  a  +/-  30% 
tolerance.  The  CTR  is  also  a  function  of  the  driving  cur- 
rent and  therefore  introduces  a  non-linearity  in  the  feed- 
back gain. 

The  control  to  output  gain  of  the  modulator  for  various 
topologies  is  referenced  in  the  Unitrode  power  supply  design 
seminar  book.  For  example,  the  control  to  output  gain  for 
the  discontinuous  flyback  with  current  mode  control  is: 


vc  V 


1  + 


RoLF 


wz 


1  + 


The  drive  amp  will  convert  the  output  of  the  voltage  amp  to 
an  error  current  to  be  applied  to  the  opto  coupler.  The  cur- 
rent is  given  by: 


^pto- 


(1.25 -Ve)2.5  + 1.25 
Rset 


where  Ve  =  output  of  the  voltage  amp  -  error  voltage 
and  the  small  signal  gain  is: 


^pto 


-2.5 
Rset 


The  control  voltage  for  the  UC3844  pulse  width  modulator 
is  given  by: 


Vc  =  (2.5-^pt0CTRR6)l — 


R8_\ 


+  2.5 


where  CTR  is  the  current  transfer  ratio  of  the  opto  coupler, 
and  the  small  signal  gain  is  given  by: 


^pto 


=  -CTR  Rg 


18_ 


R6  +  R7  J 


therefore  the  UC3907  error  voltage  to  PWM  control  voltage 
gain  is  given  by: 


—  =CTRR6 
v0 


!(r6+%)( 


2.5 


1set 


Where  wz 


RcC 


wp  = 


RoC 


Rc  =  esr  of  C's  in  parallel 
Ro=  Load  resistance 
C=  Total  output  Capacitance 
L=  Primary  inductance 
F=  Switching  frequency 

The  total  voltage  loop  gain  is  given  by: 


G(S)  =  A(s) 


where  A(s)  is  the  voltage  amp  transfer  function 

To  bandwidth  limit  the  share  loop,  the  adjust  amplifier  is 
compensated  where  the  unity  gain  frequency  of  the  adjust 
amp  is  given  by : 


F  = 


gm 
2jtC| 


where  typical  gm  =  3mS. 

AN  OFF-LINE  LOAD  SHARE  APPLICATION 

An  off-line  power  supply  application  utilizing  the  UC3907 
Load  Share  Controller  is  shown  in  Fig.  11  for  a  flyback  reg- 
ulator. The  UC3844  is  the  modulator  and  its  switching  fre- 
quency is  determined  by  Fs  =  1 .72/(Rt  Ct).  The  resistor 
R5  will  sense  the  primary  inductor  current,  where  the  max- 
imum peak  current  for  the  UC3844  is  given  by  ISmax= 
1 .0V/R5.  Startup  is  achieved  with  R1  and  C5  until  boot- 
strap winding  W2  can  feedback  to  power  the  UC3844.  The 
snubber  network  D3,  C4,  and  R2  prevents  turn-off  voltage 
spikes  from  exceeding  the  FET  breakdown  voltage.  The  pri- 
mary soft-start  circuit  is  comprised  of  Q1 ,  R9  and  C1 0. 
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Note  that  fie  resistor  Rset  and  adjust  compensation  is  con- 
nected to  artificial  ground  (pin  6).  Artificial  ground  is  a  replica 
of  the  "true"  ground  voltage  on  pin  4,  negative  sense,  plus 
a  0.250V  level  shift.  This  allows  a  low  impedance  point  for 
ground  referenced  elements  to  connect. 


A  master  indicator  lamp  is  included  in  the  design  so  that  the 
unit  supplying  the  most  load  current  and  determining  the 
output  regulating  voltage  can  be  detected.  There  are  many 
useful  applications  for  this  pin  as  in  supply  voltage  margin- 
ing or  determination  of  a  faulted  supply  which  is  supplying 
an  excess  voltage/current. 


Fig.  11  -  The  UC3907 in  an  off-line  isolated  application. 





NON-ISOLATED  CONVERTER  APPLICATIONS 

There  are  applications  were  non-isolated  DC  to  DC  con- 
verters are  paralleled  to  make  a  power  system.  Fig.  12 
shows  a  step  down,  or  buck,  regulator  utilizing  the  UC3524A 
voltage  mode  PWM  and  the  UC3907  Load  share  IC.  For 
non-isolated  parallel  power  supply  applications  the  current 
sensing  must  be  done  on  the  high  side.  The  reason  for  this 
is  that  if  the  sensing  was  performed  on  the  low  side  where 
the  power  supply  inputs  and  outputs  are  common,  then  all 
the  current  sense  resistors  will  end  up  in  parallel,  defeating 
the  individual  sensing  and  load  sharing.  The  only  limita- 
tion to  high  side  current  sensing  in  a  non-isolated  applica- 
tion is  that  the  current  amplifier  of  the  UC3907  has  a 
common  mode  range  of  0V  to  Vin  -2V,  therefore  a  form  of 
level  shifting  or  average  current  sensing  would  be  required. 


Since  the  opto-coupler  is  not  required,  an  inversion  has 
been  eliminated  which  the  driving  scheme  must  accom- 
modate for.  The  Iset  voltage  is  a  gained  up  inverted  error  volt- 
age from  the  UC3907  voltage  amp.  The  UC3524A  error 
amp  is  set  up  as  an  inverter  and  cancels  out  the  drive  amp 
inversion  leaving  the  error  voltage  of  the  UC3907  to  be 
transposed  to  the  UC3524A  in  proper  phase.  The  iset  volt- 
age will  swing  from  Ov  to  3.8V  min.  Current  limiting  is 
achieved  by  taking  the  current  amp  output  signal  from  the 
UC3907  and  feeding  it  in  to  the  UC3524A  current  limit 
amplifier,  where  the  current  limit  is  given  by: 
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Fig.  12  -  The  UC3907 in  a  non-isolated  DC  to  DC  converter  application. 


LINEAR  REGULATOR  EXAMPLE 

A  simple  linear  regulator  with  load  sharing  using  the  UC3907 
IC  and  a  few  external  components  is  shown  in  Fig.  1 3.  The 
phasing  of  the  opto  drive  pin  facilitates  darlington  drive, 
and  supply  current  limiting  is  achieved  by  Q3,  C1 ,  R11 , 
and  R12  with  the  current  limit  given  by: 
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Fig.  13-  With  a  few  external  components  the  UC3907can  make  a  simple  linear  regulator  with  load  sharing. 
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EXTERNAL  LOAD  SHARING 

The  UC3907  can  be  easily  incorporated  outside  the  power 
module  to  achieve  load  sharing,  as  shown  in  Fig  14.  The 
load  sharing  loop  is  similar  to  previous  examples,  but  instead 
of  adjusting  the  internal  reference  of  the  UC3907,  this  tech- 
nique adjusts  the  (+)  sense  line  of  the  power  module  to 


force  equal  current  sharing.  The  maximum  adjust  voltage 
is  given  by: 


LOAD  SHARING  CAN  BE  EXTERNALLY  ADDED  TO  EXISTING  POWER  MODULES 


Fig.  14  -  The  power  supplies  remote  sense  inputs  are  used  to  facilitate  load  sharing. 
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DEDICATED  ICS  SIMPLIFY  BRUSHLESS  DC  SERVO  AMPLIFIER  DESIGN 

John  A.  O'Connor 


INTRODUCTION 

Brushless  DC  motors  have  gained  considerable  commercial  success  in  high  end  four  quadrant  servo  systems,  as 
well  as  in  less  demanding,  one  and  two  quadrant  requirements.  Cost  sensitive  four  quadrant  applications  thus  far 
have  not  fared  as  well.  Designs  which  meet  cost  goals  often  suffer  from  poor  linearity,  and  cumbersome  protection 
circuits  to  assure  reliable  operation  in  all  four  quadrants.  Better  performance  entails  more  complex  circuitry  and  the 
resulting  additional  components  quickly  increase  size  and  cost.  Part  of  the  design  challenge  results  from  the  lack  of 
control  ICs  tailored  to  four  quadrant  applications.  The  other  major  obstacle  has  been  implementing  a  reliable  and  cost 
effective  high-side  switch  drive.  With  recently  introduced  integrated  circuits  in  both  areas,  it  is  now  possible  to  design 
a  rugged,  low  cost,  four  quadrant  brushless  DC  servo  amplifier  with  relatively  low  component  count  and  cost. 


SERVO  AMPLIFIER  REQUIREMENTS 

First,  let's  quickly  review  general  servo  amplifier  require- 
ments. Figure  1  displays  motor  speed  versus  torque, 
depicting  four  possible  modes  of  operation.  While  a 
system  may  be  considered  four  quadrant  by  simply 
having  the  ability  to  operate  reliably  in  all  four  modes,  a 
servo  system  generally  requires  controlled  operation  in 
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Figure  1  -  Four  Quadrants  of  Operation 

all  four  modes.  In  addition,  a  smooth,  linear  transition 
between  quadrants  is  essential  for  high  accuracy  posi- 
tion and  velocity  control.  The  major  performance  differ- 
ences between  brushless  DC 


related  to  accuracy,  bandwidth,  and  quadrant  transition 
linearity. 

Most  simple  brushless  DC  amplifiers  provide  two  quad- 
rant control,  since  even  the  simplest  output  stages 
(typically  3  phase  bridge)  allow  rotation  reversal.  Note 
that  this  is  operation  in  quadrants  one  and  three  where 
torque  and  rotation  are  in  the  same  direction.  This  differs 
from  brush  motor  terminology  where  two  quadrant  con- 
trol normally  implies  unidirectional  rotation  with  torque 
control  in  either  direction.  Although  limited  to  a  single 
rotation  direction,  bidirectional  torque  allows  servo  ve- 
locity control,  with  rapid,  controlled  acceleration  and 
deceleration.  These  characteristics  are  well  suited  to 
numerous  applications  such  as  spindle  and  conveyer 
drives.  With  the  two  quadrant  brushless  DC  amplifier, 
there  are  no  provisions  other  than  friction  to  decelerate 
the  load,  limiting  the  system  to  less  demanding  applica- 
tions. Attempting  to  operate  in  quadrants  two  and  four  will 
result  in  extremely  nonlinear  behavior,  and  under  many 
circumstances,  severe  damage  to  the  output  stage  will 
follow.  This  occurs  because  the  two  quadrant  brushless 
DC  amplifier  is  unable  to  completely  control  current 
during  torque  reversal. 

TWO  QUADRANT  VERSUS  FOUR  QUADRANT 
CONTROL 

Figure  2  shows  a  three  phase  bridge  output  stage  for 
driving  a  brushless  DC  motor.  Current  flow  is  shown  for 
two  quadrant  control  when  operation  is  in  quadrants  one 
or  three.  The  switches  commutate  based  on  the  motor's 
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Figure  2  -  Two  Quadrant  Chopping 


Figure  4  -  Four  Quadrant  Reversal 
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rotor  position,  typically  using  Hall  effect  sensors  for 
position  feedback.  Current  is  controlled  by  pulse  width 
modulating  (PWM)  the  lower  switches.  Figure  3  shows 
current  flow  if  the  direction  of  torque  were  reversed.  The 
upper  switch  essentially  shorts  the  motor's  back  EMF 
(BEMF),  causing  current  to  quickly  decay  and  reverse 
direction.  The  current  then  rises  to  a  value  limited  only  by 
the  motor  and  drive  impedance,  yet  is  undetected  by 
supply  or  ground  sense  resistors.  As  the  motor  speed 
rises,  its  BEMF  proportionally  increases,  quickly  escalat- 
ing the  potential  circulating  current.  Even  if  the  output 
stage  is  built  rugged  enough  to  withstand  this  abuse,  the 
high  uncontrolled  current  causeshigh  uncontrolled  torque, 
making  this  technique  unsuitable  for  most  servo  control 
applications. 

By  pulse  width  modulating  the  upper  switches  along  with 
the  lower  switches,  uncontrolled  circulating  currents  are 
avoided.  With  both  upper  and  lower  switches  off  during 
during  the  PWM  off  time,  motor  current  will  always  decay 
as  shown  in  figure  4.  Additionally,  motor  current  always 
flows  through  the  ground  sense  resistor,  allowing  easy 
detection  for  feedback.  The  remainder  of  this  article  will 
feature  this  mode  of  control,  as  it  is  well  suited  for  a 
variety  of  demanding  requirements.  It  should  be  noted 
however,  that  a  penalty  in  the  form  of  reduced  efficiency 
must  be  paid  for  the  improvement  in  control  characteris- 
tics. With  two  switches  operating  at  the  PWM  frequency, 
as  opposed  to  one  with  two  quadrant  control,  switching 
losses  are  nearly  doubled.  Ripple  current  is  also  in- 
creased which  results  in  greater  motor  core  loss.  Al- 
though this  is  a  small  price  to  pay  under  most  circum- 
stances, extremely  demanding  applications  may  require 
switching  between  two  and  four  quadrant  operation  for 
optimum  efficiency  and  control. 

FOUR  QUADRANT  CONTROLLER 
REQUIREMENTS 

In  addition  to  switching  both  upper  and  lower  transistors, 
a  few  supplementary  functions  are  required  from  the 
control  circuit  for  reliable  four  quadrant  operation.  With 
two  quadrant  switching,  there  is  inherent  dead  time 
between  conduction  of  opposing  upper  and  lower 
switches,  making  cross  conduction  virtually  impossible. 
Four  quadrant  control  immediately  reverses  the  state  of 
opposing  switches  at  torque  reversal,  thus  requiring  a 
delay  between  turning  the  conducting  device  off  and  the 
opposing  device  on  to  avoid  simultaneous  conduction 
and  possible  output  stage  damage. 

When  torque  is  reversed,  energy  stored  in  the  rotating 
load  is  transferred  back  to  the  power  supply,  quickly 
charging  the  bus  storage  capacitor.  A  clamp  circuit  is 
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typically  used  to  dissipate  the  energy  and  limit  the 
maximum  bus  voltage.  As  a  second  line  of  defense,  an 
over-voltage  comparator  is  often  employed  to  disable 
the  output  if  the  bus  voltage  exceeds  the  clamp  voltage 
by  more  than  a  few  volts. 
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CURRENT  LOOP  CONTROL  TECHNIQUE 

A  transconductance  amplifier  is  normally  used  for 
brushless  DC  servo  applications,  providing  direct  control 
of  motor  torque.  Average  current  feedback  is  usually 
employed  rather  than  the  more  familiar  peak  current 
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Figure  5  -  UC3625  Block  Diagram 
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control  for  several  reasons.  Peak  current  control  is 
subject  to  subharmonic  oscillation  at  the  switching  fre- 
quency for  duty  cycles  above  50%.  This  condition  is 
easily  circumvented  in  power  supply  applications  by 
summing  an  appropriately  scaled  ramp  signal  derived 
from  the  PWM  oscillator  with  the  current  sense  signal. 
This  technique  is  commonly  refered  to  as  slope  compen- 
sation. It  can  also  be  shown  [3]  that  for  a  given  inductor 
current  decay  rate,  which  is  esentially  fixed  in  a  power 
supply  application,  there  is  an  optimal  compensation 
level  which  will  produce  an  output  current  independant  of 
duty  cycle.  Unfortunately,  the  inductor  current  decay  rate 
in  a  four  quadrant  motor  control  system  varies  with  both 
speed  and  supply  voltage,  making  an  optimal  slope 
compensation  circuit  fairly  complex.  Simpler  circuits 
which  provide  over  compensation  assure  stability  but  will 
degrade  accuracy.  Furthermore,  severe  gain  degrada- 
tion occurs  when  inductor  current  becomes  discontinu- 
ous regardless  of  slope  compensation,  causing  large 
nonlinearity  at  light  load.  This  effect  can  be  particularly 
troublesome  for  a  position  control  servo.  Average  cur- 
rent feedback  avoids  these  problems,  and  is  therefore 
the  prefered  current  control  technique  for  servo 
applications. 

UC3625  BRUSHLESS  DC  CONTROLLER 

Figure  5  shows  the  UC3625  block  diagram.  Designed 
specifically  for  four  quadrant  operation,  it  minimizes  the 
external  circuitry  required  to  implement  a  brushless  DC 
servo  amplifier.  Flexible  architecture  and  supplementary 
features  make  the  UC3625  well  suited  to  less  demand- 
ing applications  as  well.  The  UC3625  is  described  in 
detail  in  references  [4]  and  [7],  however  a  few  features 
critical  for  reliable  four  quadrant  operation  should  be 
noted. 

Cross  conduction  protection  latches  eliminate  the  possi- 
bility of  simultaneous  conduction  of  upper  and  lower 
switches  due  to  driver  and  switch  turn-off  delays.  Addi- 
tional analog  delay  circuits  normally  associated  with  this 
function  are  eliminated  allowing  direct  switch  interface 
and  reduced  component  count.  An  absolute  value  buffer 
following  the  current  sense  amplifier  provides  an  aver- 
age winding  current  signal  suitable  for  feedback  as  well 
as  protection.  An  over-voltage  comparator  disables  the 
outputs  if  the  bus  voltage  becomes  excessive. 

Although  not  absolutely  necessary  for  four  quadrant 
systems,  a  few  additional  features  enhance  two  quad- 
rant operation  and  simplify  implementation  of  switched 
two  /  four  quadrant  control  for  optimized  systems.  A 
direction  latch  with  analog  speed  input  prevents  reversal 
until  an  acceptably  low  speed  is  reached,  preventing 
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output  stage  damage.  Two  or  four  quadrant  switching 
can  be  selected  during  operation  with  the  Quad  Select 
input.  A  brake  input  provides  current  limited  dynamic 
braking,  suitable  for  applications  which  require  rapid 
deceleration,  but  do  not  need  tight  servo  control. 

A  SIMPLE  BRUSHLESS  DC  SERVO  AMPLIFIER 

To  demonstrate  the  relative  simplicity  with  which  a 
brushless  DC  servo  amplifier  can  be  implemented,  a  6 
amp,  off-line  115  VAC  amplifier  was  designed  and 
constructed.  Note  that  current  and  voltage  rather  than 
horsepower  are  specified.  Although  theoretically  ca- 
pable of  in  excess  of  one  horsepower,  simultaneous  high 
speed  and  torque  are  typically  not  required  in  servo 
applications,  reducing  the  actual  output  power,  and  the 
corresponding  power  supply  requirement.  Average  cur- 
rent feedback  is  employed,  providing  good  bandwidth 
and  power  supply  rejection,  thus  making  the  amplifier 
suitable  for  many  demanding  requirements.  A  complete 
amplifier  schematic  is  shown  in  figure  6. 

A  high  performance  brushless  servo  motor  from  MFM 
Technology,  Inc.  was  used  to  evaluate  the  amplifier. 
While  most  of  the  design  is  independent  of  motor  param- 
eters, several  functions  should  be  optimized  for  a  par- 
ticular motor  and  operating  conditions.  The  motor  used 
has  the  following  electrical  specifications: 

Model  M  -  178 

K,.  79  oz.in./Amp 

RM  1 .3  ohms 

LM  5.5  mH 

Poles  18 


OUTPUT  STAGE  DESIGN 

Having  selected  a  four  quadrant  control  strategy,  we 
proceed  to  the  output  stage  design,  and  work  back  to  the 
controller.  High  voltage  MOSFETs  are  well  suited  to  this 
power  level,  however  IGBTs  may  also  be  incorporated. 
MOSFETs  were  selected  to  minimize  size  and  complex- 
ity, since  the  body  diodes  can  be  used  for  the  flyback 
rectifiers.  Unfortunately,  this  places  greater  demands  on 
the  MOSFET,  and  increases  the  device  dissipation.  The 
MOSFETs  body  diode  is  typically  slower  and  stores 
more  charge  than  a  discrete  high  speed  rectifier,  which 
necessitates  a  slower  turn-on  and  a  corresponding  in- 
crease in  switching  losses.  These  losses  are  partially 
offset  by  choosing  a  MOSFET  with  sufficiently  low  con- 
duction losses  which  offers  the  secondary  benefits  of 
greater  peak  current  capability  and  reduced  thermal 
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Figure  7  -  UC3724/UC3725  Isolated  MOSFEJ  Driver 


resistance.  APT4030BN  MOSFETs  were  selected  for 
the  output  stage  to  handle  the  6  amp  load  currents  while 
providing  good  supply  voltage  transient  immunity.  Rated 
at  400  volts  and  0.30  ohms,  they  allow  high  efficiency 
operation  and  have  sufficient  breakdown  voltage  for 
reliable  off-line  operation. 

While  the  lower  three  FETs  require  simple  ground  refer- 
enced drive,  and  are  easily  driven  directly  from  the 
UC3625,  the  design  of  the  drive  circuit  for  the  upperthree 
FETs  has  traditionally  been  challenging.  Discrete  imple- 
mentation of  the  required  power  supply  and  signal  trans- 
mission is  often  bulky  and  expensive.  In  an  effort  to 
reduce  size  and  cost,  critical  functions  are  often  omitted, 
opening  the  door  to  potential  reliability  problems.  Specifi- 
cally designed  for  high-side  MOSFET  drive  in  motor 
control  systems,  the  UC3724  /  UC3725 IC  pair  shown  in 
figure  7,  offers  a  compact,  low  cost  solution.  A  high 
frequency  carriertransmits  both  power  and  signal  across 
a  single  pulse  transformer,  eliminating  separate  DC/DC 
converters,  charge  pump  circuits,  and  opto-couplers. 
Signal  and  power  transmission  function  down  to  DC, 
imposing  no  duty  cycle  or  on-time  limitations  typical  of 
commonly  used  charge  pump  techniques.  Under-volt- 
age  lockout,  gate  voltage  clamp,  and  over  current  protec- 
tion assure  reliable  operation. 

Design  of  the  upper  driver  is  a  straight  forward  proce- 
dure, and  is  described  in  detail  in  reference  [5]. 
For  this  application,  the  driver  is  designed  with  the 
following  specifications: 


500  V  minimum  isolation 
300  kHz  carrier  frequency 
10  Amp  over-current  fault 
10  ms  over-current  off  time 

The  pulse  transformer  uses  a  1/2  inch  O.D.  toroid  core 
(Philips  204T250-3E2A)  with  a  15  turn  primary  and  17 
turn  secondary.  For  high  voltage  isolation,  Teflon  insu- 
lated wire  is  used  for  both  primary  and  secondary. 

To  provide  rapid  turn-off  for  minimal  switching  losses, 
with  slower  turn-on  for  di/dt  control,  a  resistor/resistor- 
diode  network  is  used  in  place  of  a  single  gate  resistor. 
Although  present  generation  MOSFETs  can  reliably 
commutate  current  from  an  opposing  FETs  body  diode 
at  high  di/dt,  the  resulting  high  peak  current  and  diode 
snap  limit  practical  circuits  to  a  more  moderate  rate.  This 
increases  dissipation,  but  significantly  eases  RFI  filtering 
and  shielding,  as  well  as  relaxing  layout  constraints. 
Additionally,  a  low  impedance  is  maintained  in  the  off 
state  while  turn-on  dv/dt  is  decreased,  dramatically  re- 
ducing the  tendency  for  dv/dt  induced  turn  on.  The  same 
gate  networkis  used  for  both  upper  and  lower  MOSFETs. 

A  sense  resistor  in  series  with  the  bridge  ground  return 
provides  a  current  signal  for  both  feedback  and  current 
limiting.  This  resistor,  as  well  as  the  upper  driver  current 
sense  resistors  should  be  non-inductive  to  minimize 
ringing  from  high  di/dt.  Any  inductance  in  the  power 
circuit  represents  potential  problems  in  the  form  of  addi- 
tional voltage  stress  and  ringing,  as  well  as  increasing 
switching  times.  While  impossible  to  eliminate,  careful 
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layout  and  bypassing  will  minimize  these  effects.  The 
output  stage  should  be  as  compact  as  heat  sinking  will 
allow,  with  wide,  short  traces  carrying  all  pulsed  currents. 
Each  half-bridge  should  be  separately  bypassed  with  a 
low  ESR/ESL  capacitor,  decoupling  it  from  the  rest  of  the 
circuit.  Some  layouts  will  allow  the  input  filter  capacitorto 
be  split  into  three  smaller  values,  and  serve  double  duty 
as  the  half-bridge  bypass  capacitors. 


CONTROLLER  SETUP 
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DIFFERENTIAL  DIVIDER 


SENSE  2 


The  UC3625  switching  frequency  is  programmed  with  a 
timing  resistor  and  capacitor.  Unless  the  motor's  induc- 
tance is  particularly  low,  20  kHz  will  provide  acceptable 
ripple  current  and  switching  losses  while  minimizing 
audible  noise. 


(1) 


F  -  2  /  RoscCosc 


The  relatively  small  oscillator  signal  amplitude  requires 
careful  timing  capacitor  interconnect  for  maximum  fre- 
quency stability.  Circuit  board  traces  should  to  be  as 
short  as  possible,  directly  connecting  the  capacitor  be- 
tween pins  25  and  15,  with  no  other  circuits  sharing  the 
board  trace  to  pin  1 5  (ground). 

When  tight  oscillator  stability  is  required,  or  multiple 
systems  must  be  synchronized  to  a  master  clock,  the 
circuit  shown  in  figure  8  can  be  used.  As  shown,  the 
circuit  buffers,  and  then  differentiates  the  falling  edge  of 
the  master  oscillator.  The  last  stage  provides  the  neces- 
sary current  gain  to  drive  the  47  ohm  resistor  in  series 
with  the  timing  capacitor.  If  the  master  clock  is  from  a 
digital  source,  the  first  two  stages  are  omitted,  and  the 
clocksignal  is  interfaced  directly  to  the  final  stage  through 
a  restive  divider  as  shown.  The  slaves  are  programmed 
to  oscillate  at  a  lower  frequency  than  the  master.  The 
pulse  injected  across  the  47  ohm  resistor  causes  the 
oscillator  to  terminate  its  cycle  prematurely,  and  thus 
synchronize  to  the  master  clock. 
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Figure  9  -  Balance  Impedance  Current  Sense  Input  Circuits  CO 


The  RC-Brake  pin  serves  two  functions:  Brake  com- 
mand input  (not  used  in  this  design),  and  tachometer/ 
digital  commutation  filter  one-shot  programming.  When- 
ever the  commutation  state  changes,  the  one-shot  is 
triggered,  outputting  a  tach  pulse  and  inhibiting  another 
commutation  state  change  until  the  one-shot  terminates. 
The  one-shot  pulse  width  is  programmed  for  approxi- 
mately 1/2  the  shortest  commutation  period. 


(2) 


Tpw  =  0.70 


Figure  8  -  External  Synchronization  Circuit 


where  the  shortest  commutation 
period  =  20  /(RPMUAXNpaa) 

CURRENT  SENSING  AND  FEEDBACK 

For  optimum  current  sense  amplifier  performance,  the 
input  impedance  must  be  balanced.  Low  value  resistors 
(100  to  500  ohm)  are  used  to  minimize  bias  current  errors 
and  noise  sensitivity.  Additionally,  if  the  sense  voltage 
mustbetrimmed.alowvalueinputdivideroradifferential 
divider  should  be  used  to  maintain  impedance  matching, 
as  shown  in  figure  9. 

An  average  current  feedback  loop  is  implemented  by  the 
circuit  shown  in  figure  1 0.  With  four  quadrant  chopping, 
motor  current  always  flows  through  the  sense  resistor. 
When  PWM  is  off  however,  the  flyback  diodes  conduct, 
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Figure  10  -  Average  Current  Feedback  Circuit  Configuration 

causing  the  current  to  reverse  polarity  through  the  sense 
resistor.  The  absolute  value  amplifier  cancels  the  current 
polarity  reversal  by  inverting  the  negative  current  sense 
signal  during  the  flyback  period.  The  output  of  the 
absolute  value  amplifier  therefore  is  a  reconstructed 
analog  of  the  motor  current,  suitable  for  protection  as  well 
as  feedback  loop  closure. 

When  the  current  sense  output  is  used  to  drive  a  sum- 
ming resistor  as  in  this  application  example,  the  current 
sense  output  impedance  adds  to  the  summing  resistor 
value.  The  internal  output  resistor  and  the  amplifier 
output  impedance  can  both  significantly  effect  current 
sense  accuracy  if  the  external  resistance  is  too  low. 
Although  not  specified,  the  total  output  impedance  is 
typically  430  ohms  at  25  degrees  C.  Over  the  military 
temperature  range  of -55  to  +125  degrees  C,  the  imped- 
ance ranges  from  approximately  350  to  600  ohms.  An 
external  2  k  resistor  will  result  in  an  actual  2.43  k  sum- 
ming resistance  with  reasonable  tolerance.  A  higher 
value  external  resistor  and  trim  pot  will  be  required  if  high 
closed  current  loop  accuracy  is  required. 

The  current  sense  output  offset  voltage  is  derived  from 
the  +5  V  reference  voltage.  By  developing  the  command 
offset  from  the  +5  V  reference,  current  sense  drift  over 
temperature  is  minimized.  The  offset  divider  must  be 
trimmed  initially  to  accommodate  the  current  sense 
amplifier  offset  tolerance. 

POWER  SUPPLY  AND  BUS  CLAMP 

Input  power  is  filtered  to  reduce  conducted  EMI,  and 
transient  protected  using  MOVs.  Power-up  currentsurge 
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is  suppressed  using  a  NTC  thermistor,  while  a  bridge 
rectifier  and  capacitive  filter  complete  the  high  voltage 
supply.  A  small  60  Hz.  transformer  supplies  1 5  Volts 
through  a  three  pin  regulator  to  power  the  control  and 
drive  circuits. 

A  bus  clamp  is  easily  designed  around  a  UC3725 
MOSFET  driver,  as  shown  in  figure  1 1 .  As  in  the  high- 
side  switch  drive,  the  UC3725  assures  reliable  opera- 
tion, particularly  during  power-up  and  power-down.  The 
divider  current  is  set  to  1  mA  at  the  threshold,  which  is 
a  reasonable  compromise  between  input  bias  current 
error  and  dissipation.  An  additional  tap  programs  the 
over-voltage  coast  a  few  volts  above  the  bus  clamp, 
saving  a  resistor  and  some  dissipation  while  reducing 
the  tolerance  between  the  bus  clamp  and  the  over- 
voltage  coast.  Setting  the  bus  clamp  discharge  current 
equivalent  to  the  maximum  motor  current  will  assure 
effective  clamping  under  all  conditions.  The  load  resistor 
value  is  therefore: 


(3) 


□  ^CLAMP 
RL=  -j  

'max 


The  load  resistor  dissipation  is  dependant  on  the  energy 
removed  from  the  load  inertia,  and  the  frequency  with 
which  the  energy  is  removed. 

(4)      PLOAD  =  V2fJ  (co  *-<»*) 

where  J  =  inertia  in  Nm  sec2 

0,,  =  initial  velocity  in  rad/sec 
co2  =  final  velocity  in  rad/sec 

Note  that  if  the  deceleration  time  approaches  the  load 
resistor's  thermal  time  constant,  a  higher  power  resistor 
will  be  required  to  maintain  reliability. 

CURRENT  LOOP  OPTIMIZATION 

The  block  diagram  of  the  current  control  loop  is  shown 
in  figure  12.  The  current  sense  input  filter  has  minimal 
affect  on  the  loop  and  can  be  ignored,  since  the  filter  pole 
must  be  much  higher  than  the  system  bandwidth  to 
maintain  waveform  integrity  for  over-current  protection. 
The  current  sense  resistor  Rs,  is  chosen  to  establish  the 
peak  current  limit  threshold,  which  is  typically  set  20% 
higher  than  the  maximum  current  command  level  to 
provide  over-current  protection  during  abnormal  condi- 
tions. Under  normal  circumstances  with  a  properly 
compensated  current  loop,  peak  current  limit  will  not  be 
exercised.  The  input  divider  network  provides  both 
offset  adjustment  and  attenuation,  with  RIN  selected  to 
accomodate  the  current  command  signal  range. 
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Figure  1 1  -  Power  Supply  and  Bus  Clamp 

All  PWM  circuits  are  prone  to  subharmonic  oscillation  if 
the  modulation  comparator's  two  input  waveform  slopes 
are  inappropriately  related.  This  behavior  is  most  com- 
mon in  peak  current  feedback  schemes,  where  slope 
compensation  is  typically  required  to  achieve  stability. 
Average  current  feedback  systems  will  exhibit  similar 
behavior  if  the  current  amplifier  gain  is  excessively  high 
at  the  switching  frequency.  As  described  by  Dixon  [2]  to 
avoid  subharmonic  oscillation  for  a  single  pole  system: 
The  amplified  inductor  current  downslope  at  one  input  of 
the  PWM  comparator  must  not  exceed  the  oscillator 
ramp  slope  at  the  other  comparator  input.  This  criterion 
sets  the  maximum  current  amplifiergain  at  the  switching 
frequency,  and  indirectly  establishes  the  maximum  cur- 
rent loop  gain  crossover  frequency. 

A  voltage  proportional  to  motor  current,  which  is  the 
inductor  current,  is  generated  by  the  current  sense 
resistor  and  the  current  sense  amplifier  circuitry  internal 
to  the  UC3625.  This  waveform  is  amplified  and  inverted 
by  the  current  amplifier  and  applied  to  the  PWM  com- 
parator input.  Due  to  the  signal  inversion,  the  motor 
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Figure  12  -  Current  Loop  Block  Diagram 
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Figure  13  -  Open  Loop  Gain  and  Phase  Versus  Frequency 


current  downslope  appears  as  an  upslope  as  shown  in 
figure  12.  To  avoid  subharmonic  oscillation,  the  current 
amplifier  output  slope  must  not  exceed  the  oscillator 
ramp  slope.  A  motor  control  system  typically  operates 
over  a  wide  range  of  output  voltages,  and  is  usually 
powered  from  an  unregulated  supply.  The  operating 
conditions  which  cause  the  greatest  motor  current 
downslope  must  be  determined  in  order  to  determine  the 
maximum  current  amplifier  gain  which  will  maintain 
stability.  When  four  quadrant  chopping  is  used,  the 
inductor  discharge  rate  is  described  by: 


V   +  V 

Motor  Current  Downslope  =  —  - 


The  greatest  discharge  slope  therefore  occurs  when  the 
supply  and  BEMF  voltages  are  maximum. 
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Where:  Vs  is  the  oscillator  ramp  peak  to  peak  voltage 
(1.2  V  for  the  UC3625) 
Ts  is  the  switching  period 
fs  is  the  switching  frequency 

The  maximum  current  amplifier  gain  at  the  switching 
frequency  is  determined  by  setting  the  amplified  inductor 
current  downslope  equal  to  the  oscillator  ramp  slope. 


— i          ^S^CA  =  ^sf s 


(5)     *•  max  GCA  = 


AVCA  _  Vs/s^ 
AVRS     Rs(Vps  +  VJ 


The  maximum  BEMF  and  supply  voltage  for  the  design 
example  are  87  and  1 75  Volts  respectively,  which  trans- 
lates to  a  motor  speed  of  1500  RPM,  and  a  high-line 
supply  voltage  of  1 25  Volts  AC.  Using  equation  (5)  with 
an  oscillator  voltage  of  1.2  volts  peak  to  peak  at  a 
frequency  of  20  kHz,  the  maximum  value  for  GCA  is  20.2, 
or  26  dB.  The  current  sense  amplifier's  gain  of  two  is  also 
part  of  GCA.  With  R,  equal  to  2.43  k,  20  k  is  selected  for  RF 
to  allow  for  tolerances,  resulting  in  an  actual  GCA  of  1 6.5, 
or  24  dB. 

The  small-signal  control  to  output  gain  of  the  current  loop 
power  section  is  described  by: 


(6) 


Rs2VpS 
VssLM 


Note  that  the  factor  of  two  in  the  numerator  is  a  result  of 
four  quadrant  chopping  which  only  utilizes  one-half  of 
the  modulator's  input  range  for  a  given  quadrant  of 
operation. 

The  overall  open  loop  gain  of  the  current  loop  is  the 
product  of  the  actual  current  amplifier  gain  and  the 
control  to  output  gain  of  the  power  circuit.  The  result  is  set 
equal  to  one  to  solve  for  the  loop  gain  crossover 
frequency,  fc: 


The  oscillator  ramp  slope  is  simply: 


Oscillator  Ramp  Slope  =  — 5-  =  Vs  fs 


(7) 
(8) 


R  2V 
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At  high  line,  where  the  supply  is  1 75  Volts  DC,  fc  is  3.5 
kHz.  The  crossover  frequency  drops  to  2.8  kHz  at  low 
line,  where  the  supply  is  approximately  140  Volts  DC.  If 
greater  bandwidth  is  required,  the  current  amplifier  gain 
must  be  increased,  requiring  a  corresponding  increase 
in  switching  frequency  to  satisfy  equation  (5). 

Up  to  this  point  the  motor's  resistance  (RJ  has  been 
ignored.  This  is  valid  since  predominates  at  the 
switching  frequency.  The  motor's  electrical  time  con- 
stant LJRM,  creates  a  pole,  which  is  compensated  for  by 
placing  zero  RpC^  at  the  same  frequency.  Additionally, 
pole  RpCppC^  /(CFP+CFZ)  is  placed  at  fs  to  reduce  sensi- 
tivity to  noise  spikes  generated  during  switching  transi- 
tions. The  filter  pole  at  fs  also  reduces  the  amplitude  and 
slope  of  the  amplified  inductor  current  waveform,  possi- 
bly suggesting  that  the  current  amplifier  gain  could  be 
increased  beyond  the  maximum  value  from  equation  (5). 
Experimentally  increasing  GCA  may  incur  subharmonic 
oscillation  however,  since  equation  (5)  is  only  valid  for  a 
system  with  a  single  pole  response  at  fs.  For  the  design 
example,  standard  values  are  chosen  for  C^  and  CFP  of 
0.22  \iF  and  390  pF  respectively,  placing  the  zero  at  36 
Hz,  and  the  pole  at  20  kHz.  Figure  1 3  shows  open  loop 
gain  and  phase  verses  frequency. 

At  very  light  loads,  the  motor  current  will  become  discon- 
tinuous -  motor  current  reaches  zero  before  the  switching 
period  ends.  At  this  mode  boundary,  the  power  stage 
gain  suddenly  decreases,  and  the  single  pole  character- 
istic of  continuous  mode  operation  with  its  90  degree 
phase  lag  disappears.  The  current  loop  becomes  more 
stable,  but  much  less  responsive.  Fortunately,  the  high 
gain  of  current  amplifier  is  sufficient  to  maintain  accept- 
able closed  current  loop  gain  and  phase  characteristics 
at  typical  outer  velocity  and/or  position  loop  crossover 
frequencies. 

When  the  current  loop  is  closed,  the  output  voltage  of  the 
current  sense  amplifier  (2VRS)  is  equal  to  the  current 
programming  voltage  (Vcp)  at  frequencies  below  the 
crossover  frequency.  The  closed  current  loop 
transconductance  is  simply: 


O) 
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At  the  open  loop  crossover  frequency,  the 
transconductance  rolls  off  and  assumes  a  single  pole 
characteristic.  The  input  divider  network  attenuates  the 
current  command  signal  to  provide  compatibility  with 
typical  servo  controller  output  voltages,  and  decreases 
the  closed  loop  transconductance  by  the  ratio  of 
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req  /(Req+RJ-  For  tne  design  example,  the  overall 
amplifier  transconductance  is  1 .25  amps/volt,  allowing 
full  scale  current  (6  amps)  with  a  5  volt  input  command. 

BIPOLAR  TO  SIGN/MAGNITUDE  CONVERSION 

The  servo  amplifier  as  shown  in  figure  6  requires  a 
separate  sign  and  magnitude  input  command.  This  is 
convenient  for  many  microcontroller  based  systems 
which  solely  utilize  digital  signal  processing  for  servo 
loop  compensation.  Analog  compensation  circuits  how- 
ever, usually  output  a  bipolar  signal  and  require  conver- 
sion to  sign/magnitude  format  to  work  with  this  amplifier. 
The  circuit  shown  in  figure  14  employs  a  differential 
amplifier  for  level  shifting  and  ground  noise  rejection,  and 
an  absolute  value  circuit  with  polarity  detection  for  con- 
version to  sign/magnitude  format.  The  current  command 
signal  is  slightly  attenuated  and  level  shifted  up  5  volts  to 
allow  single  supply  operation.  The  input  divider  circuit 
has  been  slightly  modified  from  figure  9  to  restore  gain 
and  provide  a  suitable  offset  adjustment  range.  Preci- 
sion resistors  (1  %)  should  be  used  for  both  the  differen- 
tial amplifier  and  the  absolute  value  circuit  to  minimize 
DC  offset  errors.  Figure  1 5  shows  approximately  2  Amp 
peak  motor  current  with  a  500  Hz  sinwave  command. 
Motor  current  follows  the  input  command  with  minimal 
phaselag,  howeversomecrossoverdistortion  is  present. 
This  is  not  crossover  distortion  in  the  traditional  sense, 
rather  it  is  simply  a  fixed  off-time  caused  by  the  cross 
conduction  protection  circuitry.  Since  this  distortion  is 
current  amplitude  independent,  and  decreases  with  fre- 
quency, its  effect  on  overall  servo  loop  performance  is 
minimal. 
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Figure  14  -  Bipolar  to  Sign/Magnitude 


3-223 


APPLICATION  NOTE 


Figure  15  -  500Hz  Sine  Wave  Command  and  Output  Currents 

DIRECT  DUTY  CYCLE  CONTROL 

There  are  many  less  demanding  brushless  DC  servo 
applications  which  do  not  need  a  transconductance 
amplifier  function  yet  require  controlled  operation  in  all 
four  quadrants.  For  these  systems,  direct  duty  cycle 
control,  also  known  as  voltage  mode  control  is  often 
employed.  Note  that  this  is  not  voltage  feedback,  which 
requires  additional  demodulation  circuitry  to  develop  a 
feedback  signal.  With  direct  duty  cycle  control  the  ampli- 
fier simply  provides  open  loop  voltage  gain.  This  tech- 
nique is  particularly  advantageouswhen  a  microcontroller 
is  used  for  servo  loop  compensation.  By  outputting  a 
PWM  signal  directly,  a  digital  to  analog  conversion  is 
eliminated  along  with  the  analog  pulse  width  modulator. 
While  the  simplicity  of  this  technique  is  appealing,  there 
are  two  major  problems  which  must  be  addressed.  The 
first  and  less  severe  problem  is  the  complete  lack  of 
power  supply  rejection.  Good  supply  filtering  will  often 
reduce  transients  to  acceptable  levels,  while  the  servo 
loop  compensates  for  slow  disturbances.  The  second 
and  more  troublesome  predicament  is  the  output 
nonlinearity  which  occurs  when  transitioning  between 
quadrants.  This  is  best  illustrated  by  examining  the  DC 
equations  for  the  two  possible  cases. 

When  operating  in  either  quadrant  one  or  three,  rotation 
and  torque  are  in  the  same  direction.  Assuming  opera- 
tion is  above  the  continuous/discontinuous  current  mode 
boundary,  the  output  voltage  is  described  by: 


(10)     VM  =  2VPSD-VPS 
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When  the  direction  command  is  reversed  while  the  motor 
is  rotating,  operation  switches  to  quadrant  two  or  four, 
shifting  the  modulator's  maximum  output  voltage  point 
from  full  duty  cycle  to  zero  duty  cycle. 

(11)     VM  =  2VPS(1-D)-VPS 

Note  that  the  gain  does  not  change,  only  the  reference 
point  has  shifted.  This  occurs  because  the  modulator 
only  has  a  single  quadrant  control  range  -  four  quadrant 
operation  results  from  the  output  control  logic  which  is 
after  the  modulator.  With  the  transconductance  amplifier 
previously  described,  the  error  amplifier  quickly  slews 
during  quadranttransitions,  providing  fourquadrant  con- 
trol with  minimal  disturbance.  When  direct  duty  cycle 
control  is  used  however,  the  servo  loop  filter  must  slew 
to  maintain  control.  Unfortunately,  this  causes  an  imme- 
diate loop  disturbance,  with  the  greatest  severity  at  the 
duty  cycle  extremes.  This  behavior  can  greatly  effect  the 
performance  of  an  analog  compensated  servo,  and 
therefore  limits  such  systems  to  lower  performance 
requirements. 

With  a  microcontroller  providing  the  servo  loop  compen- 
sation, nonlinear  duty  cycle  changes  can  be  accommo- 
dated, restoring  linearity  when  transitioning  between 
quadrants.  Although  nonlinear  behaviorstill  occurs  when 
motor  current  becomes  discontinuous,  the  effect  on 
overall  system  performance  is  usually  minimal.  By  cor- 
recting for  quadrant  transition  nonlinearities,  the  advan- 
tages of  an  all  digital  interface  can  be  exploited  without 
severely  degrading  system  performance.  The  control 
system  is  fully  digital  right  up  to  the  output  stage,  where 
the  motor's  inductance  finally  makes  the  conversion  to 
analog  by  integrating  the  output  switching  waveform. 

The  circuit  shown  in  figure  16  uses  a  PWM  input  from  a 
microcontroller  to  set  the  output  duty  cycle  and  synchro- 
nize the  oscillator,  while  another  input  controls  direction. 


SET  Rjfcj  PERIOD 
=1.3  •  PWM  PERIOD 


where   D  =  PWM  duty  cycle 


Figure  16  -  Digital  PWM  Interface 
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Complete  line  isolation  can  easily  be  achieved  by  using 
opto-couplers.  Although  the  performance  of  this  tech- 
nique falls  short  of  the  transconductance  amplifier,  the 
circuitry's  simplicity  while  maintaining  all  of  the  protection 
features  of  the  UC3625  make  it  well  suited  to  many  cost 
sensitive  applications. 

SUMMARY 

The  application  example  demonstrates  the  relative  sim- 
plicity in  implementing  a  brushless  DC  transconductance 
servo  amplifier  using  the  latest  generation  controller  and 
driver  ICs.  For  less  demanding  applications,  direct  duty 
cycle  control  using  a  dedicated  controller  provides  size 
and  cost  reduction,  without  sacrificing  protection  fea- 
tures. While  more  and  more  control  functions  are  imple- 
mented in  microcontrollers  today,  the  task  of  interfacing 
to  output  devices,  and  providing  reliable  protection  under 
all  conditions  will  remain  a  hardware  function.  Dedicated 
integrated  circuits  offer  considerable  improvement  over 
the  discrete  solutions  used  in  the  past,  reducing  both  size 
and  cost,  while  enhancing  reliability. 
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Abstract 

Lead-acid  batteries  are  finding  considerable  use  as  both  primary  and  backup  power  sources.  For  complete 
battery  utilization,  the  charger  circuit  must  charge  the  battery  to  full  capacity,  while  minimizing  over-charging 
for  extended  battery  life.  Since  battery  capacity  varies  with  temperature,  the  charger  must  vary  the  amount 
of  charge  with  temperature  to  realize  maximum  capacity  and  life.  Simple,  low  cost  circuits  are  currently 
available  for  small,  low  power  requirements,  while  more  complex  solutions  are  affordable  only  on  larger  more 
expensive  systems.  Often  the  greatest  challenge  is  in  designing  mid-size,  mid-price  systems,  where  obtaining 
optimum  performance  at  moderate  cost  and  complexity  may  be  nearly  impossible  without  dedicated  integrated 
circuits.  This  paper  describes  a  compact  lead-acid  battery  charger,  which  achieves  high  efficiency  at  low  cost 
by  utilizing  switchmode  power  circuitry,  and  provides  high  charging  accuracy  by  employing  a  dedicated  control 
IC.  The  circuit  described  can  be  easily  adapted  to  lower  or  higher  power  applications. 


Lead-Acid  Basics 

Lead-acid  battery  chargers  typically  have  two  tasks 
to  accomplish.  The  first  is  to  restore  capacity,  often 
as  quickly  as  practical.  The  second  is  to  maintain 
capacity  by  compensating  for  self  discharge.  In  both 
instances  optimum  operation  requires  accurate 
sensing  of  battery  voltage  and  temperature. 

When  a  typical  lead-acid  cell  is  charged,  lead  sulfate 
is  converted  to  lead  on  the  battery's  negative  plate 
and  lead  dioxide  on  the  positive  plate.  Over-charge 
reactions  begin  when  the  majority  of  lead  sulfate  has 
been  converted,  typically  resulting  in  the  generation 
of  hydrogen  and  oxygen  gas.  At  moderate  charge 
rates  most  of  the  hydrogen  and  oxygen  will 
recombine  in  sealed  batteries.  In  unsealed  batteries 
however,  dehydration  will  occur. 

The  onset  of  over-charge  can  be  detected  by 
monitoring  battery  voltage.  Figure  1  shows  battery 
voltage  verses  percent  of  previous  discharge 
capacity  returned  at  various  charge  rates.  Over 
charge  reactions  are  indicated  by  the  sharp  rise  in 
cell  voltage.  The  point  at  which  over-charge 
reactions  begin  is  dependent  on  charge  rate,  and  as 
charge  rate  is  increased,  the  percentage  of  returned 
capacity  at  the  onset  of  over-charge  diminishes.  For 
over-charge  to  coincide  with  100%  return  of 
capacity,  the  charge  rate  must  typically  be  less  than 
C/1 00  (1/1 00  amps  of  its  amp-hour  capacity).  At  high 
charge  rates,  controlled  over-charging  is  typically 
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Figure  1 .  Over-charge  reactions  begin  earlier  (indicated  by 
the  sharp  rise  in  cell  voltage)  when  charge  rate  is  increased. 
(Reprinted  with  the  permission  of  Gates  Energy  Products, 
Inc.,) 
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employed  with  sealed  batteries  to  return  full  capacity 
as  quickly  as  possible. 

To  maintain  capacity  on  a  fully  charged  battery,  a 
constant  voltage  is  applied.  The  voltage  must  be 
high  enough  to  compensate  for  self  discharge,  yet 
not  too  high  as  to  cause  excessive  over-charging. 
While  simply  maintaining  a  fixed  output  voltage  is  a 
relatively  simple  function,  the  battery's  temperature 
coefficient  of  -3.9mV/degree  C  per  cell  adds 
complication.  If  battery  temperature  is  not 
compensated  for,  loss  of  capacity  will  occur  below 
the  nominal  design  temperature,  and  over-charging 
with  degradation  in  life  will  occur  at  elevated 
temperature. 

Charging  Algorithm 

To  satisfy  the  aforementioned  requirements  and 
thus  provide  maximum  battery  capacity  and  life,  a 
charging  algorithm  which  breaks  the  charging  cycle 
down  into  four  states  is  employed.  The  charging 
algorithm  is  illustrated  by  the  charger  state  diagram 
shown  in  figure  2.  Assuming  a  fully  discharged 
battery,  the  charger  sequences  through  the  states 
as  follows: 

1 .  Trickle-charge  If  the  battery  voltage  is  below  a 
predetermined  threshold,  indicative  of  a  very 
deep  discharge  or  one  or  more  shorted  cells,  a 
small  trickle  current  is  applied  to  bring  the 
battery  voltage  up  to  a  level  corresponding  to 
near  zero  capacity  (typically  1 .7V/cell  @  25 
degrees  C).  Trickle  charging  at  low  battery 
voltages  prevents  the  charger  from  delivering 
high  currents  into  a  short  as  well  as  reducing 
excessive  out-gassing  when  a  shorted  cell  is 
present.  Note  that  as  battery  voltage  increases, 
detection  of  a  shorted  cell  becomes  more 
difficult. 

2.  Bulk-charge  Once  the  trickle-charge  threshold 
is  exceeded  the  charger  transitions  into  the 
bulk-charge  state.  During  this  time  full  current  is 
delivered  to  the  battery  and  the  majority  of  its 
capacity  is  restored. 

3.  Over-charge  Controlled  over  charging  follows 
bulk-charging  to  restore  full  capacity  in  a 
minimum  amount  of  time.  The  over-charge 
voltage  is  dependent  on  the  bulk-charge  rate  as 
illustrated  by  figure  1 .  Note  that  on  unsealed 
batteries  minimal  over-charging  should  be 
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Figure  2.  The  charging  algorithm  is  broken  down  into  four 


employed  to  minimize  out-gassing  and 
subsequent  dehydration.  Initially  overcharge 
current  is  the  same  as  bulk-charge  current.  As 
the  over-charge  voltage  is  approached,  the 
charge  current  diminishes.  Over-charge  is 
terminated  when  the  current  reduces  to  a  low 
value,  typically  one-tenth  the  bulk  charge  rate. 

4.  Float-Charge  To  maintain  full  capacity  a  fixed 
voltage  is  applied  to  the  battery.  The  charger 
will  deliver  whatever  current  is  necessary  to 
sustain  the  float  voltage  and  compensate  for 
leakage  current.  When  a  load  is  applied  to  the 
battery,  the  charger  will  supply  the  majority  of 
the  current  up  to  the  bulk-charge  current  level. 
It  will  remain  in  the  float  state  until  the  battery 
voltage  drops  to  90%  of  the  float  voltage,  at 
which  point  operation  will  revert  to  the  bulk 
charge  state. 

Charger  Circuit  Design 

There  are  many  possible  circuit  configurations  which 
will  provide  the  necessary  control  and  output 
charging  current.  For  efficient  operation,  particularly 
at  higher  output  currents,  switching  power  circuitry 
is  preferred.  To  minimize  cost  as  well  as  complexity 
each  IC  used  must  provide  as  much  functionality  as 
possible.  A  circuit  topology  was  chosen  which 
utilizes  two  special  purpose  ICs  and  a  general 
purpose  op-amp  to  provide  all  of  the  control 
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functions,  while  a  discrete  MOSFET  output  stage 
handles  the  power.  The  circuit  design  is  modular  to 
simplify  modification  for  different  application 
requirements. 

The  charger  circuit  can  be  divided  into  three  basic 
blocks.  The  first  is  the  voltage  loop  control  and  state 
control  logic  which  executes  the  control  algorithm 
while  providing  temperature  compensation.  The 
second  is  the  switchmode  controller  which  regulates 
the  current  to  the  battery  as  commanded  by  the 
voltage  loop  control  and  state  control  logic.  The  third 
is  the  output  power  stage  which  is  sized  to  efficiently 
deliver  the  charging  current. 


Voltage  Loop  Control  and  State  Control  Logic 

Initially  designed  for  charging  small  lead-acid 
batteries  using  a  linear  pass  transistor  for  current 
control,  the  UC3906  directly  implements  the  voltage 
loop  control  and  state  control  logic  while  providing 
the  appropriate  temperature  compensation.  The 
block  diagram  of  the  UC3906  is  shown  in  figure  3. 

Battery  voltage  is  monitored  with  a  resistor  divider 
string.  This  network  establishes  the  float  voltage,  the 
over-charge  voltage,  and  the  trickle-charge 
threshold  voltage  by  comparing  to  the  precision 
temperature  compensated  reference.  Since 
temperature  is  monitored  on  chip  it  is  critical  that  the 
battery  and  the  UC3906  are  in  close  proximity,  and 
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Figure  3.  UC3906  Lead-Acid  Battery  Charger  block  diagram 
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that  self-heating  or  heating  from  other  components 
is  minimized. 

The  differential  current  sense  comparator  is  used  to 
terminate  over-charging  and  transition  to  the  float 
state.  The  voltage  amplifier  provides  gain  and 
compensation  for  the  voltage  loop.  The  UC3906  is 
covered  in  detail  in  reference  [3]. 

Switchmode  Current  Source 

The  charging  algorithm  places  great  demands  on 
the  current  loop,  during  bulk  charge  full  current  must 
be  supplied,  yet  during  the  float  state  the  current 
draw  may  be  only  a  few  milliamps.  This  equates  to 
a  dynamic  range  in  excess  of  60  dB  which  can  be 
very  difficult  to  achieve  with  common  peak  current 
mode  techniques.  The  wide  dynamic  range  also 
requires  operation  with  both  continuous  and 
discontinuous  inductor  current,  potentially  adding 
complication  to  voltage  loop  stabilization.  Although 
load  resistors  can  be  employed  to  reduce  the 
required  dynamic  range,  their  use  can  significantly 
degrade  efficiency,  particularly  while  in  the  float 
state.  Note  that  a  high  value  load  resistor  (10  k)  is 
employed  to  assure  operation  down  to  zero  output 
current  and  to  provide  a  discharge  path  for  the  output 
capacitor.  Additionally,  to  provide  precise  bulk  and 
trickle-charge  current  levels  the  closed  current  loop 
transconductance  must  be  accurate.  Average 
current  feedback  will  circumvent  these  potential 
problems,  and  is  the  key  to  a  successful 
implementation  of  the  switching  current  source  for 
this  application. 

Figure  4  shows  the  basic  implementation  of  average 
current  feedback.  While  slightly  more  complicated 
than  typical  peak  current  mode  control  schemes, 
average  current  feedback  offers  several  critical 
performance  enhancements.  The  high  gain  of  the 
error  amplifier  at  lower  frequencies  provides  high 
closed  current  loop  accuracy  and  accommodates 
the  large  output  stage  nonlinearity  which  occurs 
when  the  inductor  current  becomes  discontinuous. 
Good  switching  spike  noise  immunity  is  inherent  with 
this  technique  permitting  stable  operation  at  narrow 
duty  cycles. 

A  UC3823  PWM  controller  shown  in  figure  5  was 
chosen  for  the  current  loop  control  circuit  for  several 
reasons.  First  and  most  importantly  it  is  capable  of 
operating  linearly  from  very  small  duty  cycles  to  near 
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Figure  4.  Average  Current  Feedback  Loop 

100%  duty  cycle.  Secondly  the  error  amplifier 
bandwidth  and  configuration  are  well  suited  to  the 
average  current  loop's  requirements.  Additionally, 
the  output  driver  affords  a  simple  interface  to  most 
discrete  output  power  stages. 

A  separate  op-amp  configured  as  a  differential 
amplifier  senses  the  output  current  and  level  shifts 
the  signal  to  the  appropriate  voltage.  The  offset  and 
common  mode  rejection  of  this  amplifier  are  the 
major  source  of  current  loop  error. 

Output  Power  Stage 

To  simplify  development  a  simple  buck  regulator 
output  stage  was  used.  For  further  simplicity  the 
high-side  switch  is  implemented  using  a  direct 
coupled  P-channel  MOSFET.  A  switched  current 
sink  provides  gate  charge,  turning  the  MOSFET  on 
while  a  zener  diode  limits  the  gate  to  source  voltage 
to  12  volts.  A  second  emitter  switched  current  sink 
drives  a  PNP  which  removes  gate  charge,  turning 
the  MOSFET  off.  Undoubtedly  this  output  stage  is 
suitable  for  many  applications,  although  higher 
power  capability  and  efficiency  can  be  achieved 
using  N-channel  devices.  A  relatively  low  value 
output  inductor  was  chosen  to  minimize  size  and 
cost  since  operation  in  the  discontinuous  current 
mode  is  of  no  concern  with  average  current 
feedback.  Output  ripple  voltage  is  also  not  critical  so 
the  output  capacitor  was  selected  for  ripple  current 
capability.  High  frequency  ringing  caused  by  circuit 
parasitics  is  damped  with  a  small  RC  snubber  across 
the  catch  rectifier.  A  rectifier  in  series  with  the  output 
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Figure  5.  UC3823  High  speed  PWM  Controller  Block  Diagram 

prevents  the  battery  from  back  driving  the  charger 
when  input  power  is  disconnected. 

Complete  Charger  Circuit 

A  complete  schematic  for  the  switch-mode  charger 
is  shown  in  figure  6.  Control  circuit  power  is  supplied 
from  an  emitter  follower  off  a  zener  shunt  regulator. 
The  PWM  frequency  is  set  to  100  kHz  as  a 
reasonable  compromise  between  output  filter 
component  size  and  switching  loss.  Output  current 
is  sensed  in  the  battery  return  lead  to  minimize 
common  mode  voltage  errors.  This  arrangement 
also  allows  direct  current  sensing  for  pulse  by  pulse 
current  limiting  adding  further  protection  during 
abnormal  conditions.  The  differential  amplifier  is  set 
to  a  gain  of  5  with  the  output  signal  referenced  to  the 
UC3823s  5.1V  reference. 

The  current  feedback  signal  is  summed  with  the 
current  command  signal  at  the  error  amplifier's 
inverting  input.  To  accommodate  worst  case  offset 


in  both  the  error  amplifier  and  the  differential 
amplifier  and  allow  zero  output  current,  the 
non-inverting  input  of  the  error  amplifier  is  biased 
130  mV  below  the  5.1  V  reference.  Trickle  bias  is 
accomplished  by  injecting  a  small  current  into  the 
differential  amplifier's  negative  op-amp  input,  thus 
causing  a  proportional  output  current  to  balance  the 
loop.  Additionally,  a  100  pF  capacitor  across  the 
PWM  comparator  inputs  enhances  noise  immunity, 
particularly  at  low  duty  cycles. 

For  maximum  control  and  float  voltage  accuracy,  the 
UC3906s  ground  is  connected  to  the  battery's 
negative  terminal,  thereby  rejecting  the  current 
sense  resistors  voltage  drop.  The  internal  emitter 
follower  output  transistor  interfaces  to  the  current 
source  as  illustrated  in  figure  7.  The  voltage  amplifier 
drives  the  output  current  command  signal.  The 
current  command  signal  is  limited  by  clamping  the 
voltage  amplifier  output  through  a  diode  to  4.2  V.  The 
clamp  also  prevents  the  emitter  follower  from 
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Figure  7.  The  UC3906's  output  transistor  provides  the 
interface  to  the  switchmode  current  source. 

saturating  which  would  cause  a  large  difference 
between  collector  and  emitter  currents  due  to 
excessive  base  drive. 

Battery  voltage  is  sensed  by  the  resistor  divider 
string,  with  the  values  shown  for  a  typical  24  V  (12 
cell)  application.  Other  battery  voltages  are  easily 
accommodated  by  simply  changing  the  divider 
values  using  the  procedure  presented  in  the 
UC3906  data  sheet,  although  changes  in  input 
voltage  may  require  modification  of  the  output  circuit 
and  the  control  circuit  power  supply.  The  resistor 
divider  establishes  all  of  the  state  transitions  with  the 
exception  of  over-charge  terminate,  which  is 
determined  by  detecting  when  the  output  current 
has  tapered  off  to  approximately  one-tenth  the  bulk 
charge  level.  This  is  accomplished  by  the  UC3906s 
current  sense  comparator  which  senses  the 
appropriately  scaled  signal  from  the  differential 
amplifier  output. 

Current  and  Voltage  Loop  Compensation 

The  charger  circuit  implements  a  two  loop  control 
system  with  the  current  loop  operating  inside  the 
voltage  loop.  During  trickle-charge,  bulk-charge  and 
the  beginning  of  over-charge  the  voltage  loop  is 
saturated  and  the  current  loop  is  essentially  driven 
from  a  fixed  reference. 

With  continuous  inductor  current  the  control  to 
output  gain  of  the  current  loop  shown  in  figure  4 
exhibits  a  single  pole  response  from  the  output 
inductor.  The  error  amplifier  gain  at  the  switching 


frequency  is  set  such  that  the  amplified  inductor 
current  down-slope  is  less  than  the  oscillator-ramp 
up-slope  as  seen  by  the  PWM  comparator.  By 
setting  the  two  slopes  equal  under  worst  case 
conditions  (at  maximum  output  voltage)  maximum 
closed  loop  bandwidth  is  achieved  without 
subharmonic  oscillation. 

Placing  a  zero  below  the  minimum  loop  crossover 
frequency  significantly  boosts  low  frequency  gain 
while  a  pole  placed  above  the  maximum  crossover 
frequency  enhances  noise  immunity.  Note  that  since 
loop  response  is  not  particularly  critical  for  battery 
charging,  conservative  compensation  with  plenty  of 
phase  margin  is  normally  employed. 

When  inductor  current  becomes  discontinuous,  the 
power  circuit  gain  suddenly  drops,  requiring  large 
duty  cycle  changes  to  significantly  effect  output 
current.  The  single  pole  characteristic  of  continuous 
inductor  current  with  its  90  degree  phase  lag 
disappears.  The  current  loop  becomes  more  stable, 
but  less  responsive.  Fortunately  the  high  gain  of  the 
error  amplifier  easily  provides  the  large  duty  cycle 
changes  necessary  to  accommodate  changes  in 
output  current,  thereby  maintaining  good  average 
current  regulation. 

The  block  diagram  of  the  voltage  loop  is  shown  in 
figure  8.  With  an  inner  transconductance  loop  the 
control  to  output  gain  of  the  voltage  loop  exhibits  a 
single  pole  response  from  the  output  capacitor  and 
equivalent  load  resistance.  While  it  may  initially 
appear  that  a  simple  fixed  gain  on  the  voltage 
amplifier  would  provide  suitable  loop  compensation, 
further  examination  shows  a  severe  drop  in  voltage 
gain  at  high  loads,  which  would  drastically  reduce 
DC  accuracy.  A  zero  is  placed  in  the  voltage 
amplifier's  transfer  function  to  boost  low  frequency 
gain  and  therefore  restore  DC  accuracy. 

The  current  loop's  single  pole  response  above  its 
crossover  frequency  cancels  the  output  stage  zero 
resulting  from  the  output  capacitor's  capacitance 
and  ESR.  Note  again  that  since  wide  bandwidth  is 
not  required  for  battery  charging,  the  voltage  loop 
crossover  frequency  is  well  below  both  the  current 
loop's  pole  and  the  output  capacitor's  zero.  Low 
leakage  capacitors  must  be  used  for  the 
compensation  network  to  maintain  high  DC  gain 
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since  the  voltage  amplifier  is  a  transconductance 
type.  Loop  stabilization  is  covered  extensively  in 
references  [1]  and  [2]. 

Charger  Performance  Summary 

The  charger  circuit  properly  executes  the  charging 
algorithm,  exhibiting  stable  operation  regardless  of 
battery  conditions  including  an  open  circuit  load.  The 
circuit  was  tested  with  6,12  and  24  V  batteries  by 
modifying  only  the  battery  voltage  sense  divider.  As 
would  be  expected,  circuit  efficiency  was  best  at  high 
battery  voltage,  approaching  85%  while 
bulk-charging  a  24  V  battery  with  a  40  V  input  supply 
voltage. 

An  analysis  of  circuit  losses  indicates  several  areas 
where  efficiency  could  be  improved.  Any  accuracy 
and  offset  improvement  in  the  differential  amplifier 
will  allow  a  corresponding  decrease  in  current  sense 
resistor  value  and  hence  dissipation,  while 
maintaining  the  same  overall  current  loop  accuracy. 
Replacing  the  output  blocking  rectifier  with  a 
Schottky  would  save  a  few  watts  if  the  Schottky's 
leakage  could  be  tolerated.  Further  improvement 
could  be  made  in  that  area  by  using  a  relay  to 
disconnect  the  charger  when  input  power  is 
removed.  A  more  conservative  inductor  design  with 
less  resistance  would  save  a  little  over  one  watt.  As 
expected,  the  greatest  losses  occur  in  the  output 
switch.  A  lower  on  resistance  FET  and  a  higher  peak 
current  gate  drive  to  reduce  switching  losses  could 
save  more  than  5  watts.  Incorporating  a  few  of  these 
improvements  will  easily  increase  circuit  efficiency 
to  greater  than  90%. 

Alternate  Circuit  Configurations 

While  the  charger  circuit  as  designed  may  be 
suitable  for  many  applications,  a  few  modifications 
should  satisfy  the  majority  of  additional 
requirements.  Higher  voltage  batteries  can  be 
charged  by  designing  a  higher  voltage  output  stage. 
N-channel  MOSFETs  are  preferable  for  cost  and 
efficiency  reasons,  but  are  more  difficult  to  drive  than 
P-channels.  Fortunately,  the  remainder  of  the  circuit 
will  require  minimal  modification. 

Some  applications  may  require  both  the  battery  and 
charger  to  share  a  common  ground  and  thus  prohibit 
current  sensing  in  the  batteries  negative  return.  The 
differential  amplifier  can  sense  current  at  the 
inductor  output  if  tighter  tolerance  resistors  to 
improve  CMRR  are  used.  While  this  simple 


modification  renders  a  suitable  signal  for  closing  the 
current  loop,  another  current  sense  signal 
referenced  to  ground  must  be  developed  for  pulse 
by  pulse  current  limiting.  This  signal  is  most  easily 
derived  by  using  a  PNP  level  shift  transistor, 
connecting  the  base  to  the  5.1  V  reference  and  the 
emitter  through  a  resistor  to  the  differential  amplifier 
output. 

At  higher  battery  voltages  it  may  be  desirable  to  float 
with  a  current  rather  than  a  voltage.  Varying 
self-discharge  rates  of  individual  cells  in  high  voltage 
batteries  causes  inevitable  differences  in  cell  charge 
levels.  By  employing  a  float  current  and  applying  a 
small  continuous  overcharge,  variation  of  charge 
between  cells  is  minimized.  Precise  output  at  float 
current  levels  places  great  demands  on  current  loop 
accuracy,  and  will  add  unnecessary  expense  to  the 
current  sensing  circuitry.  A  more  cost  effective 
alternative  is  to  use  a  fixed  linear  current  source 
which  should  be  small  and  inexpensive  considering 
the  very  low  output  current. 

Thus  far  the  input  supply  has  not  been  addressed 
and  is  assumed  to  be  from  a  voltage  required 
elsewhere  in  the  system  or  from  a  typical  line 
frequency  transformer,  rectify  bridge  and  filter 
capacitor.  This  may  represent  more  than  half  the 
cost  of  the  charger,  and  is  certainly  the  majority  of 
its  size  and  weight.  An  obvious  alternative  is  to 
replace  the  buck  output  section  with  a  transformer 
coupled  output,  taking  advantage  of  the  switching 
control  circuit  already  present.  Buck  derived  circuits 
such  as  forward,  half-bridge  and  full-bridge  easily 
interface  with  the  existing  design,  however  resonant 
and  flyback  circuits  are  also  applicable.  A  small  (0.75 
W)  auxiliary  supply  will  be  required  to  power  the 
control  circuitry  since  the  modulator  will  output  zero 
at  times,  prohibiting  the  use  of  a  bootstrap  winding 
commonly  used  on  switching  power  supplies.  This 


Figure  8.  Voltage  Control  Loop  block  diagram 


APPLICATION  NOTE 


approach  is  particularly  cost  effective  for 
stand-alone  applications,  allowing  the  design  of  a 
compact,  light  weight,  high  performance  charger. 

Summary 

A  practical  switchmode  lead  acid  battery  charger 
circuit  has  been  presented  which  incorporates  all  of 
the  features  necessary  to  assure  long  battery  life 
with  rapid  charging  capability.  By  utilizing  special 
function  ICs,  component  count  is  minimized, 
reducing  system  cost  and  complexity.  With  the 
circuit  as  presented,  or  with  its  many  possible 
variations,  designers  need  no  longer  compromise 
charging  performance  and  battery  life  to  achieve  a 
cost  effective  system. 
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INTRODUCTION 

The  controlled  on-time,  zero  current  switching  technique  provides  a  simple  and  efficient  so- 
lution to  obtaining  high  power  factor  correction.  This  discontinuous  inductor  current  approach 
essentially  programs  a  constant  switch  on-time  during  one  line  half-cycle.  It  does  not  require  any 
"complex"  analog  square,  multiply  and  divide  functions  to  control  the  instantaneous  switch  cur- 
rent as  with  other  PFC  techniques.  Additionally,  zero  current  switching  limits  the  peak  current  to 
exactly  twice  that  of  the  average  inductor  current  over  all  line  and  load  combinations.  High  effi- 
ciency operation  is  also  achieved  with  no  boost  rectifier  recovery  concerns  and  power  loss.  In  a 
typical  80  Watt  application  the  UC3852  PFC  technique  delivers  a  power  factor  of  0.998  with 
5.8%  Total  Harmonic  Distortion  at  nearly  94%  efficiency. 

CIRCUIT  SCHEMATIC 
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Figure  1. 
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UC3852  FEATURES 

The  UC3852  PFC  controller  contains  several  fea- 
tures which  minimize  external  parts  count  while 
providing  excellent  performance  and  protection. 
Optimized  for  this  off-line  PFC  application,  the 
UC3852  delivers  high  power  factor  (0.997  typical) 
and  a  low  cost  overall  solution. 

OFF-LINE  PROTECTION 

•  undervoltage  lockout  with  hysteresis  1 6V  tum- 
on,  11  V  turn-off  [1] 

•  clamped  1 2V  gate  drive  output  [2] 

•  active  low,  self  biasing  output  [3] 

•  overcurrent  protection  [4] 


CONTROL  CIRCUIT  ATTRIBUTES 

•  programmable  maximum  frequency  [3  ,  5] 

•  programmable  maximum  on-time  [3  ,  5] 

•  overcurrent  indication  output  [7] 

OPERATIONAL  CHARACTERISTICS 

•  low  operating  current  [8] 

•  low  start-up  current  (0.4  mA)  [1] 

•  few  external  required  components 

•  30  V  maximum  supply  input  [7] 

CONTROL  TECHNIQUE 

•  Zero  Current  Switching  [9] 

•  controlled  on-time  [6] 

•  high  noise  immunity  [6] 


Figure  2. 
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UC3852  POWER  FACTOR  CORRECTION  CONTROL  IC  BLOCK  DIAGRAM 


PFC  TECHNIQUE  OVERVIEW 

Most  power  factor  correction  techniques  incorpo- 
rate the  boost  topology  which  can  be  operated  in 
either  the  continuous  or  discontinuous  inductor  cur- 
rent modes  and  switched  at  a  fixed  or  variable  fre- 
quency. Generally,  the  fixed  frequency,  continuous 
inductor  current  variety  is  preferred  for  higher 
power  applications  to  minimize  the  peak  current. 
Below  about  500  Watts,  the  discontinuous  inductor 
current  version  operated  in  a  variable  frequency 
mode  offers  several  advantages.  Benefits  include 
reduced  inductor  size,  minimal  parts  count  and  low 
cost  of  implementation.  This  paper  will  highlight  the 
controlled  on-time,  zero  current  switched  variety  of 
discontinuous  inductor  current  PFC  operation. 

FUNDAMENTALS 

CONTROLLED  ON-TIME 

On-time  of  the  PFC  switch  is  controlled  by  the  volt- 
age error  amplifier  of  the  UC3852  which  is  com- 
pared to  a  sawtooth  waveform  generated  at  the 
ICs  RAMP  function  at  pin  4.  The  PFC  switch  on- 
time  varies  with  line  and  load  conditions  but  should 
be  considered  constant  for  one  line  half-cycle.  A 
low  frequency  bandwidth  is  necessary  in  the  volt- 
age error  amplifier  loop  compensation  which  is 
typically  rolled  off  to  cross  zero  dB  below  the  line 
frequency. 

ZERO  CURRENT  SWITCHING 

Zero  current  switching  facilitates  three  important 
advantages  in  this  application.  First,  the  inductor 
current  must  be  zero  before  the  next  switching  cy- 
cle is  initiated  inferring  high  efficiency  and  elimina- 
tion of  the  boost  rectifier  recovery  loss.  Secondly, 
the  change  in  inductor  current  (delta  IL)  is  equal  to 
the  peak  inductor  current  (IL(pk))  since  current 
starts  and  returns  to  zero  each  cycle.  The  discon- 
tinuous boost  converter  current  waveform  has  a  tri- 
angular shape  with  an  area  (charge)  equal  to 
one-half  of  the  product  of  its  height  (peak  current) 
multiplied  by  its  base  (time).  Since  the  timebase 
can  be  considered  as  a  series  of  consecutive  trian- 
gles, the  peak  current  is  therefore  limited  to  exactly 
twice  that  of  the  average  current.  This  is  valid  for 
both  the  steady  state  and  instantaneous  switching 
cycle  relationships.  The  converter  operates  right  on 
the  border  between  continuous  and  discontinuous 
current  modes  which  results  in  variable  frequency 
operation. 


The  "fixed"  on-time  in  conjunction  with  zero  current 
switching  provide  automatic  power  factor  correc- 
tion of  the  input  current.  This  can  be  demonstrated 


by  analyzing  the  basic  inductor  waveform  using 
specific  attributes  of  this  PFC  technique  for  either 
charging  and  discharging  of  the  inductor  current. 
Since  the  inductor  charging  condition  is  being  con- 
trolled by  the  UC3852  circuitry  it  will  be  used  for 
the  analysis. 

INDUCTOR  WAVEFORM 


jn u~u~i  nn 

Figure  3. 


For  the  PFC  boost  converter  operation,  V  can  be 
replaced  by  Vin(t),  the  instantaneous  voltage 
across  the  inductor.  Also,  it  is  assumed  that  the  in- 
ductance and  the  switch  on-time  is  constant  for  the 
duration  of  one  line-half  cycle.  The  change  in  in- 
ductor current,  delta  I  is  actually  the  peak  value  of 
current  (lpk(t))  since  the  inductor  always  begins 
charging  at  zero  current,  as  forced  by  zero  current 
switching.  Substituting  these  relationships  into  the 
inductor  wave  from  equation  will  demonstrate  the 
simplicity  of  this  specific  technique  when  used  for 
power  factor  correction. 

V  =  Vin(t) 
L  =  constant 
dl  =  lpk(t) 
dt  =  constant 
2.  Ipk(t)  ~  Vin(t) 

This  relationship  demonstrates  that  the  instantane- 
ous line  current  will  exactly  track  that  of  the  instan- 
taneous line  voltage.  Since  the  input  voltage 
waveform  is  sinusoidal  (Vin  sin(wt)),  then  so  is  the 
input  current  (Ipk  sin  (wt)).  This  controlled  on-time, 
zero  current  switched  technique  provides  automat- 
ic power  factor  correction  with  very  simple  control 
circuitry. 
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PFC  POWER  STAGE  DESIGN 

It  is  advantageous  to  begin  the  power  relationships 
from  the  AC  line  input  of  the  preregulator  and  work 
towards  the  DC  output  section.  The  instantaneous 
primary  voltage  (Vp(t))  is  related  to  the  steady 
state  peak  input  (VP)  by  the  following  relationship: 

3.  VP(t)  =  VPsin(wt) 

where  VP  =  -i2~x  Vp  ( rms ) 

The  amplitude  of  Vp(t)  varies  between  zero  and 
VP  as  sin(wt)  goes  from  zero  to  one  for  one  line 
half-cycle.  Note  that  Vp(t)  and  VP  are  always  posi- 
tive with  respect  to  the  PFC  circuit  common  due  to 
the  bridge  rectification  of  the  AC  input  waveform. 
The  input  current  can  similarly  be  expressed  as  : 

4.  IP(t)  =  IPsin(wt) 

where  IP  =  V2~x  Ip  ( rms )} 

Input  power  to  the  PFC  converter  is  the  Root 
Means  Squared  (RMS)  component  of  the  line  volt- 
age (Vp(RMS))  multiplied  by  the  line  current 
(Ip(RMS)).  This  can  also  be  expressed  using  the 
peak  terms  of  each  waveform  which  is  simpler  for 
this  application. 

VP  IP 


Pin 


( VPxIP) 


The  average  DC  output  current  (lo)  is  determined 
by  dividing  the  output  power  (Po)  by  the  output 
voltage  (Vo). 

6. 

Vo 

Converter  efficiency  (n)  can  also  be  factored  into 
the  design  equations  although  it  may  typically  be  in 
the  neighborhood  of  94%  at  full  load. 

7.Pin=  Po 


n 


or  Po  =  Pin  x  n 

(VPxIP) 


where  Pin  = 


7A.  Po 


( VP  x  IP  x  n) 


Equation  7A.  can  expressed  with  regard  to  primary 
current. 

lP  =  (2xPo) 
(VPxn) 

It  has  been  already  established  that  the  peak  in- 
ductor current  is  exactly  twice  that  of  the  average 
inductor  current  due  to  zero  current  switching. 

8.  IL(pk)  =  2xlL(avg) 


The  average  input  current  must  be  equal  to  the  av- 
erage inductor  current  since  they  are  in  series. 

9.  Ipri  (  avg  )  =  IL  ( avg  ) 

Combining  equations  yields  the  peak  inductor  cur- 
rent to  the  input  current. 

( 4  x  Po  ) 
( VP  x  n  ) 

The  inductor  current  can  now  be  analyzed  in  its 
time  variant  form  and  over  all  line  and  load  condi- 
tions. 

( 4  x  Po  x  sin  (  wt ) ) 
(VPxn) 

TIMING  RELATIONSHIPS 

Steady  state  conditions  will  be  used  to  analyze  the 
timing  relationships  of  this  controlled  on-time  PFC 
technique.  The  peak  primary  voltage  (VP)  will  be 
used  as  the  starting  point  for  the  calculations,  so 
the  input  line  must  be  specified. 

The  inductor  relationship  of  equation  1.  will  be 
solved  for  the  specific  on-time  required  to  charge 
the  inductor  to  the  correct  peak  current.  This  equa- 
tion can  be  restated  for  a  given  set  of  operating 
conditions  as: 


10.  Ipri(pk)  = 


11.  IL(t)=J 


12.t(on)  =  IL(pk)x^ 


Substituting  equation  10.  for  IL(pk)  into  equation  12 
results  in: 

12A.t(on)  =  (4xP2°xL) 
(  VP  2  x  n  ) 

The  instantaneous  switch  off-time  varies  not  only 
with  the  line  and  load  conditions,  but  also  with  the 
instantaneous  line  voltage.  Off-time  is  analyzed  by 
solving  equation  1.  for  the  inductor  discharging 
where  the  voltage  across  the  inductor  is  Vout  mi- 
nus Vin.  This  should  be  solved  for  the  time  re- 
quired to  discharge  the  current  from  its 
instantaneous  peak  to  zero,  which  can  be  ex- 


13  Uofh  (Mpk)xL) 

13t(off)-(Vo-VP(sin(wt)) 

Substituting  equation  11.  for  IL(pk)  above  will  ex- 
pand the  off-time  equation  to: 

(4  x  Po  x  L  x  sin  (wt) ) 
"  VP  x  (Vo  -  (VP  x  sin  (wt) 

Due  to  the  high  efficiency  during  the  boost  inductor 
discharge  and  lack  of  rectifier  recovery  losses,  the 
efficiency  term  (n)  is  essentially  one.  Loss  can  be 
ignored  during  the  off-time  since  the  boost  diode 
forward  voltage  drop  is  very  small  in  comparison  to 


13A.t(off)  = 
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sin  (wt) 


VP  x  [Vo  -  VPsin(wt)] 


the  high  voltage  DC  output,  and  resistive  losses  at 
these  lower  powers  and  currents  are  minimal. 

CONVERSION  PERIOD 

The  total  time  for  one  switching  cycle  is  obtained 
by  adding  the  on-time  with  the  instantaneous  off- 
time.  Switching  frequency  is  the  reciprocal  of  the 
cyclical  switching  period  which  varies  with  line, 
load  and  instantaneous  line  voltage. 

14.  t(per)=t(on)+t(off) 
t(per)  =  4  x  Po  x  L  x  (  — L  - 

SWITCHING  FREQUENCY 

15.  f(conv)  =  1  /t(per) 

Switching  frequency  varies  with  the  steady  state 
line  and  load  operating  conditions  along  with  the 
instantaneous  input  line  voltage.  Generally,  the 
PFC  converter  is  designed  to  operate  above  the 
audible  range  after  accommodating  all  circuit  and 
component  tolerances.  Many  applications  can  use 
thirty  kiloHertz  (30  kHz)  as  a  good  first  approxima- 
tion. Higher  frequency  operation  should  also  be 
evaluated  as  this  can  significantly  reduce  the  in- 
ductor size  without  negatively  impacting  efficiency 
or  cost.  In  most  applications,  the  minimum  switch- 
ing frequency  will  coincide  with  full  load  operation 
during  the  peak  of  the  input  voltage  waveform  at 
low  line.  In  contrast,  the  highest  frequency  conver- 
sion occurs  at  light  load  and  high  line  conditions, 
just  as  the  input  voltage  waveform  nears  the  zero 
crossing  point.  A  plot  of  t(on),  t(off),  t(per)  and 
switching  frequency  versus  instantaneous  line  volt- 
age is  shown  in  figure  4  and  for  the  specific  appli- 
cation circuit  of  figure  1 .  Figure  5  demonstrates  the 
typical  changes  incurred  in  conversion  frequency 
from  low  to  high  line  inputs. 

SELECTING  THE  OUTPUT  VOLTAGE 

The  boost  converter  output  voltage  should  be  de- 
signed to  be  at  least  thirty  volts  higher  than  the 
peak  of  the  input  voltage  at  high  line.  This  will  pre- 
vent long  conversion  cycles  due  to  the  small  volt- 
age across  the  discharging  boost  inductor.  When 
this  thirty  volt  margin  is  ignored,  the  minimum 
switching  frequency  will  occur  at  the  peak  of  high 
line  operation  and  not  at  low  line,  but  also  at  full 
load.  This  will  require  recalculation  of  the  timing  in- 
tervals. 

INDUCTOR  CONSIDERATIONS 

The  exact  inductor  value  can  determined  by  solv- 
ing equation  14  for  the  required  inductance  at  the 
selected  minimum  operating  frequency.  Maximum 
on-time  needs  to  be  programmed  into  the  UC3852 


timing  circuit.  Both  t(on)max  and  t(off)max  will  be 
individually  calculated  and  added  together  to  ob- 
tain the  maximum  conversion  period,  t(per)max. 
This  is  required  to  obtain  the  inductor  value.  Equa- 
tions 12A  and  13A  will  be  solved  for  their  respec- 
tive maximums. 


12B.  t(on)max  = 


13B.  t  (off)  max  = 


4  x  L  x  Po  (max) 
VP  (min) 2 

4  x  L  x  Po  (max) 
[VP  (min)x(Vo-VP  (min)] 
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Conversion  Frequency  vs  Instantaneous  Line 
Fig.  5. 

14A.  t(per)max  =  t(on)max  +  t(off)max 

The  minimum  conversion  frequency  (F(conv)min) 
corresponds  to  the  reciprocal  of  the  maximum  con- 
version period,  t(per)max. 

15A.  F(conv)min  =  1  /t(per)max 
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INDUCTOR  VALUE 

The  inductance  value  necessary  for  an  application 
can  be  obtained  by  substituting  equations  12B  and 
13B  into  15A.  using  the  relationship  of  14A. 


16A.  L  = 


VP  (min) 2  x  [Vo  -  VP  (min)] 
4 x Po  (max)  xVoxF (conv)  min 


This  equation  provides  insight  as  to  the  possible 
ways  to  reduce  the  inductor  value  (size  and  cost) 
for  a  given  set  of  design  specifications.  The  most 
obvious  approach  is  to  increase  the  minimum  con- 
version frequency  above  thirty  kiloHertz  if  none  of 
the  other  parameters  (Vo,  Po)  can  be  varied. 

INDUCTOR  DESIGN  SUMMARY 

Generally,  the  size  and  cost  of  an  inductor  vary 
with  its  energy  storage  capacity,  W(L).  Although 
most  of  the  energy  is  stored  in  the  air  gap  (with  a 
gapped  ferrite  design),  the  core  set  must  support 
the  necessary  flux  density  (B)without  saturating  or 
exhibiting  high  core  loss.  The  required  energy  stor- 
age of  the  boost  inductor  is: 

17.  W(L)  =  0.5*L*IL(pk)A2 

The  number  of  turns  required  for  a  selected  core 
size  and  material  is: 

18.  N  =  L*IL(pk)*10*4  /  (Bmax'Ae) 

where  Bmax  is  in  Tesias  and  Ae  is  in  square  centi- 
meters (cmA2) 

The  center  leg  gap  to  achieve  the  correct 
inductance  and  storage  is  expressed  by: 

19.  l(gap)={Uo*Ur*NA2*Ae*10*-2}/L  (cm) 

where  Uo=4*Pi*10A-7  (permitivity  of  free  space), 
and  Ur=1  (relative  permeability  of  air) 

OUTPUT  CAPACITOR 

The  value  of  output  capacitance  is  a  generally  de- 
termined by  the  required  hold-up  time  or  the  ac- 
ceptable output  ripple  voltage  for  a  given 
application.  It  may  also  be  governed  by  the  speci- 
fied ripple  current  rating  or  capacitor  temperature 
rise.  Typically,  an  approximation  of  one  microFarad 
per  Watt  (1  uF/W)  is  a  good  starting  point.  The  ex- 
act value  can  later  be  changed  depending  on  con- 
version frequency  and  other  factors  previously 
mentioned. 

Electrolytic  capacitors  are  typically  used  near  80% 
of  their  working  voltage.  This  will  necessitate  a  500 
VDC  rating  for  use  in  a  264  VAC  PFC  application 
which  may  not  be  practical  from  a  cost  perspec- 
tive. One  option  is  to  connect  two  lower  voltage  ca- 
pacitors in  series,  each  having  the  same  value  and 
a  250VDC  rating. 


SEMICONDUCTOR  SELECTION 

Peak  currents  and  voltages  must  first  be  known 
over  all  operating  conditions  to  select  the  proper 
MOSFET  switch  and  boost  rectifier.  Standard  de- 
sign practice  is  to  derate  all  semiconductors  to 
about  75%  of  their  maximum  ratings,  indicating  the 
use  of  500+  volt  devices. 

Low  cost  bipolar  transistors  are  an  acceptable  al- 
ternative to  MOSFETs  if  the  conversion  frequency 
is  maintained  fairly  low.  Inexpensive  high  voltage 
diodes  with  recovery  times  of  200  nanoseconds,  or 
less  should  be  used  for  the  boost  rectifier.  Two 
popular  devices  are  the  1N4937  and  MUR160. 
Speed  is  not  an  issue  with  the  input  bridge  rectifi- 
ers where  1N4004  to  1N4006  types  are  accept- 
able. High  frequency  switching  noise  in  the  PFC 
converter  should  be  well  filtered  before  reaching 
the  input  bridge  diodes  due  to  their  low  speed 
characteristics.  This  is  best  accomplished  by  add- 
ing an  L/C  fitter  between  the  bridge  rectifier  DC 
output  and  the  boost  converter. 

CONTROL  CIRCUIT  DESIGN  : 

PROGRAMMING  THE  UC3852 

STARTUP  CIRCUITRY 

The  UC3852  design  incorporates  a  low  startup  cur- 
rent feature  and  draws  less  than  one  miiiiamp  ( 
mA  )  from  the  Vcc  bias  supply.  This  minimizes  the 
power  loss  due  to  with  the  startup  resistor  after  the 
converter  begins  operation  when  a  bootstrap  wind- 
ing supplies  the  full  DC  supply  current.  The 
UC3852  IC  turns  on  when  Vcc  reaches  approxi- 
mately 16  volts,  and  IC  supply  current  will  increase 
to  its  operational  level.  Undervoltage  lockout  pro- 
tection will  turn  the  UC3852  device  off  when  the 
supply  voltage  falls  below  the  lower  UVLO  thresh- 
old of  approximately  1 0  volts. 

The  startup  circuitry  for  this  off-line  consists  of  a 
startup  resistor  from  Vcc  to  the  input  supply  volt- 
age and  a  storage  capacitor  from  Vcc  to  ground. 
Typically,  select  Rstart  to  supply  around  1.5  mil- 
liamps  (rms)  of  charging  current  (l(charge)  at  low 
line.  The  exact  value  can  be  obtained  from  the  fol- 
lowing approximations. 


R(start)  = 


VP(min)  -  V(turn-on) 
1 .41  x  l(charge) 


The  Vcc  bias  supply  filter  capacitor  value  is  deter- 
mined by  several  factors,  but  primarily  by  the 
UC3852  undervoltage  lockout  hysteresis.  Imple- 
mentation and  phasing  of  this  boost  inductor  wind- 
ing in  addition  to  soft  start  circuitry  will  also  effect 
the  capacitance. 
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C(Vcc) 


(ICC  -  l(charge)  x  t(boot) 
UVLO  hysteresis 


For  many  applications,  the  following  approxima- 
tionscanbeused: 

ICC  =  10  mA 

I  (charge)  =  1.5  mA 

t(boot)  =  1 0  ms  ( one-half  cycle  at  50  Hz) 
UVLO  hysteresis  =  5  volts 
V(turn-on)  =  15V 

A  standard  15  uF  electrolytic  with  an  adequate 
voltage  rating  (35V  once  derated)  is  used. 

PROGRAMMING  THE  ON-TIME 

The  maximum  switch  on-time  must  be  calculated 
to  program  the  UC3852  oscillator.  This  maximum 
occurs  when  the  line  voltage,  VP  is  at  its  minimum 
and  the  output  power  is  at  its  maximum.  This  is 
more  commonly  known  as  the  low  line,  full  load 
condition. 

t(on)max  =  4*Pout(max)*L  /  Vp(min)A2 

The  UC3852  on-time  is  programmed  by  R/C  com- 
ponents and  uses  two  of  the  IC  pins.  A  resistor 
from  the  ISET  pin  to  ground  programs  the  charging 
current  into  the  RAMP  pin.  The  Iset  pin  has  an  out- 
put voltage  of  approximately  5  volts,  so  the  ISET  is 
5  volts  divided  by  Rset.  Typical  charging  current 
should  range  between  100  and  600  microamps. 

The  RAMP  pin  is  used  as  one  input  to  the  Pulse 
Width  Modulator  of  the  UC3852.  Internally,  the 
RAMP  voltage  is  compared  to  the  error  amplifier 
output  (COMP)  voltage  to  determine  the  exact  on- 
time.  The  RAMP  pin  has  a  maximum  amplitude  of 
approximately  9  volts,  and  begins  charging  from 
approximately  0.2  volts,  or  an  8.8  volt  swing. 

The  RAMP  capacitor  value  is  selected  to  program 
the  maximum  switch  on-time  as  it  charges  from  0.2 
to  9  volts  by  Iset.  It  can  be  calculated  from  the  ca- 
pacitor charge  equation,  shown  below. 

C  =  ( I  *  dt )  /  dV 

C(RAMP)  =  [  Iset  *  t(on)max  ]  /  8.8  V 

The  RAMP  capacitor  should  be  selected  first  from 
a  list  of  standard  values  within  the  100pF  to  1nF 
range.  The  resulting  ISET  programming  resistor 
selection  is  much  easier  as  standard  values  with 
an  initial  tolerance  of  one  percent  (1  %)  are  readily 
available. 

R       =  5  x  t(on)max 
8.8  x  C(RAMP) 

or 

RSET  =  0.568  *  t(on)max/  C(RAMP) 


t(on)max  =  [  RSETC(RAMP)  ]  /  0.568 
UC3852  ON-TIME  vs.  RSET  &  C(RAMP) 

ERROR  AMPLIFIER  COMPENSATION 

Power  Factor  Correction  using  the  ZCS  controlled 
on-time  technique  requires  a  very  low  bandwidth 
voltage  loop  to  deliver  high  power  factor  ().  This  is 
necessary  to  keep  the  switch  on-time  constant  dur- 
ing any  one  line  cycle.  Other  advantages  to  this 
approach  are  high  noise  immunity,  and  simplicity, 
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since  no  squarer,  multiply  or  divide  circuitry  is 
needed. 

Configuration  of  the  compensation  circuitry  is 
shown  in  the  UC3852  PFC  application  schematic. 
First,  the  PFC  preregulator  output  voltage  (Vout)  is 
accurately  divided  down  to  5.0  volts  to  interface 
with  the  error  amplifier.  Three  standard  one-half 
watt  resistors  are  used  to  avoid  needing  more  ex- 
pensive, high  voltage  rated  resistors  for  this  appli- 
cation. This  signal  goes  through  a  20K  ohm  input 
resistor  to  the  error  amplifier  inverting  input.  Feed- 
back components  are  a  1  meg  ohm  resistor  and  a 
0.1  uF  capacitor  in  parallel  from  the  E/A  output  to 
the  inverting  input. 

This  recommended  amplifier  compensation  deliv- 
ers one  low  frequency  pole  in  the  loop  response  at 
1 .6  Hz,  as  programmed  by  1  meg  ohm  and  0.1  uF 
components.  Low  frequency  gain  is  determined  by 
the  20  K  ohm  input  resistor,  the  output  voltage  di- 
vider resistance  and  the  5.0  reference  voltage 
seen  at  the  amplifiers  (internal)  noninverting  input. 
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Many  other  compensation  arrangements  are  possi- 
ble. 

Using  this  compensation  network,  a  low  frequency 
gain  of  approximately  34  dB  is  achieved.  This  rolls 
off  with  a  single  pole  (-20  dB/decade)  response 
centering  at  1.6  Hz.  The  gain  curve  will  intersect 
zero  dB  at  about  120  Hz  and  result  in  excellent 
power  factor  correction.  Better  dynamic  response 
and  less  overshoot  of  the  output  voltage  can  be 
obtained  by  adjusting  the  20  K  ohm  input  resistor 
to  increase  low  frequency  gain  and  move  the  zero 
dB  crossing  out  to  a  higher  frequency.  Some  slight 
degradation  of  the  power  factor  is  to  be  expected 
by  increasing  the  loop  response. 

SOFT  START 

Soft  starting  of  the  output  is  optional,  but  recom- 
mended to  minimize  the  output  voltage  overshoot 
upon  power-up.  This  does  not  occur  in  applications 
which  will  always  have  some  load  on  the  output. 
However,  most  electronic  ballast  have  either  no 
load,  or  a  very  light  load  on  the  output  at  power-up 
and  will  see  the  overshoot.  Soft  start  implementa- 
tion requires  only  a  diode  and  capacitor  from  the 
compensation  pin  to  ground.  Another  diode  from 
the  capacitor  to  VCC  discharges  the  soft  start  ca- 
pacitor to  the  falling  Vcc  voltage  when  the  AC  line 
power  is  removed.  This  will  guarantee  that  the  cir- 
cuit will  always  start  up  in  soft  start  if  the  line  is  AC 
plug  is  removed  for  a  few  seconds.  Again,  this  is 
an  optional  feature  which  depends  on  the  applica- 
tion. 

One  "trick"  to  significantly  reduce  the  size  of  the 
soft  start  capacitor  is  to  replace  the  diode  with  a 
cheap  PNP  transistor.  A  capacitance  multiplier  can 
be  obtained  by  connecting  the  PNP  emitter  to  the 
error  amplifier  output  and  soft  start  capacitor  from 
the  base  to  ground.  The  collector  of  the  transistor 
is  connected  to  ground.  This  adaptation  will  scale 
the  capacitance  value  up  by  beta  of  the  transistor 
at  the  amplifier  output.  A  2N2907  or  equivalent  is  a 
popular  choice  and  will  reduce  the  capacitance 
value  by  a  factor  of  approximately  50. 

A  1N914  or  1N4148  signal  diode  should  be  used 
from  the  base  to  emitter  to  prevent  negative  base- 
emitter  voltages  from  damaging  the  transistor.  Ad- 
ditionally, this  transistor  can  easily  be  interfaced 
with  any  optional  fault  protection  schemes  to  soft 
start  the  controller  following  a  fault. 

SOFT  START  IMPLEMENTATION 

CURRENT SENSE 

Current  in  the  PFC  design  is  sensed  in  the  return 
line  of  the  preregulator  circuitry  at  the  AC  input 
bridge  rectifiers.  One  side  of  the  current  sense  re- 
sistor is  referenced  to  the  UC3852  "ground"  con- 


nection. The  other  end  of  the  resistor  develops  the 
current  sense  voltage  which  is  equivalent  to  minus 
IL(t)  *  Rsense.  The  UC3852  zero  current  detection 
circuitry  incorporates  two  comparators,  one  for 
zero  current  detection  and  another  for  over  current 
protection. 

ZERO  CURRENT  DETECTION 

The  zero  current  detection  circuitry  uses  a  negative 
10  millivolt  (-10mV)  threshold  as  its  reference.  This 
negative  threshold  guarantees  that  there  are  no 
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Figure  7. 

startup  problems  since  this  input  must  be  pulled 
below  ground  for  normal  operation.  Whenever  the 
zero  detect  input  is  raised  above  the  minus  ten  mil- 
livolt threshold,  the  comparator  is  triggered  and  the 
next  switching  cycle  begins. 

Inductor  current  can  be  sensed  by  a  current  sense 
resistor  which  develops  minus  400mV  maximum 
during  an  overcurrent  condition.  This  should  only 
occur  at  a  twenty  percent  overload,  or  1 .2  *  IL(pk). 

R(shunt)  =  0.4V/(1.2*IL(pk)) 

Power  dissipated  in  the  shunt  can  be  calculated  by 
using  the  RMS  component  of  the  line  current.  The 
peak  input  current  (IP)  is  one  half  of  the  peak  in- 
ductor current  (IL(max).  The  RMS  component  of 
the  line  current  (IP(rms))  is  obtained  by  dividing  the 
peak  line  current  (  IP  )  by  the  square  root  of  two 
(1.41). 

IP(rms)  =  [IL(pk)/(2*1.414)] 

P  (R(sense))  =  IPfrms)^  *  R(sense) 

Standard  value,  low  resistance  (1  ohm  or  less) 
one-eighth  to  one-quarter  watt  resistors  can  used 
alone  or  paralleled  to  obtain  the  exact  value.  Carb- 
on composition  or  film  resistors  exhibit  low  series 
inductance  and  will  work  best. 

A  small  R/C  filter  can  be  added  in  the  current 
sense  circuitry  to  filter  out  switching  noise  caused 
by  circuit  parasitics.  This  delay  will  minimally  effect 
the  precise  two-to-one  ratio  of  the  peak  to  average 
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duce  the  amount  of  EMI/RFI  filtering  required  by 
minimizing  the  rectifier  recovery  noise.  For  best  re- 
sults, the  filter  delay  time  should  match  the  rectifi- 
ers recovery  time.  A  ten  ohm  resistor  and  a  one 
nanoFarad  (1  nF)  capacitor  are  good  starting  val- 
ues. 

OVERCURRENT  FAULT  PROTECTION 

The  UC3852  contains  and  overcurrent  comparator 
(-400mV)  which  quickly  terminates  the  PWM  out- 
put. This  comparator  also  drives  circuitry  con- 
nected to  the  ISET  pin  which  raises  its  normal  5 
volt  amplitude  to  9  volts  during  the  overcurrent 
condition.  In  addition  to  programming  the  ramp  ca- 
pacitor charging  current,  the  ISET  pin  can  be  used 
to  drive  external  fault  protection  circuits.  A  resistor 
in  series  with  a  5.6  volt  zener  diode  to  the  ISET  pin 
will  develop  approximately  3.4  volts  across  the  re- 
sistor when  an  overcurrent  fault  is  detected.  This 
signal  can  be  used  to  trigger  external  shutdown  or 
hiccup  circuitry. 
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inductor  current  and  have  an  insignificant  impact 
on  power  factor.  However,  this  modification  can  re 

ADVANCED  PROTECTION  CIRCUITRY 

Certain  applications  of  the  UC3852  control  IC  may 
require  sophisticated  protection  features.  Some  ex- 
amples of  these  options  are  overvoltage  protection 
and  restart  delay,  soft  start  or  latch-off  following  a 
fault.  Each  of  these  features  can  be  added  to  the 
control  circuit  with  a  minimal  amount  of  external 
parts,  and  often  combined  using  shared  compo- 
nents. 


TO    I  SET ( P I N3 ) 


TO  VCC  (PIN7) 


TO  COMP   ( P I N8 ) 

Rl  I 


3 


=  9 


'VOUT 


R  t  2 

-  VOUT 


GATE  DRIVE 


Figures. 


The  UC3852  PWM  output  section  is  MOSFET 
compatible  and  rated  for  a  one  amp  peak  current. 
This  totem  pole  design  also  features  a  twelve  volt 
(12V)  clamped  output  voltage  to  prevent  excessive 
gate  voltage  when  used  with  unregulated  (Vcc) 
supply  voltages.  A  twelve  ohm  resistor  between 
the  UC3852  and  the  MOSFET  switch  gate  will  limit 
the  peak  output  current  to  its  one  amp  maximum 
during  normal  operation. 

Additionally,  the  UC3852  self  biasing  active  low  to- 
tem-pole design  holds  the  MOSFET  gate  low  dur- 
ing undervoltage  lockout,  preventing  catastrophic 
problems  at  power-up  and  removal  of  the  AC  input. 


Figure  9. 

LIST  OF  COMPONENTS 

C6  =  1  uF,  35V 
D5,6  =  IN4148 
D7  =  6.2  V  ZENER 
D8  =  40  V  ZENER 
Q2,4  =  2N2907 
Q3  =  2N2222 
R9,10  =  10K 
R11  =1  MEG 
R12  =  24K 

R13  =  Calculate  for  OVP 
R14  =  1  K 
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Figure  10. 

Soft  start  is  programmed  by  R11 ,  C6  and  the  beta 
of  Q2.  Overcurrent  protection  starts  at  the  UC3852 
ISET  pin  which  outputs  a  9  V  signal  during  a  fault. 
This  drives  Q3  on  through  D7  and  discharges  C6 
causing  a  soft  start.  Q4  also  turns  on  with  this  ar- 
rangement which  discharges  Vcc  causing  a  "hic- 
cup". This  is  optional,  and  replacing  Q3  with  an 
SCR  would  latch  the  circuit  off  until  power  is  reset. 
Overvoltage  protection  is  attained  via  R11,  R12, 
R13  and  zener  diode  D8.  When  enough  current 
flows  through  the  zener  (D8),  R11  biases  transistor 
Q3.  Protection  is  similar  to  the  overcurrent  condi- 
tion. 
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Figure  11. 

CURRENT  SENSE  TRANSFORMERS 

A  transformer  can  be  used  to  sense  current  in 
most  of  the  UC3852  applications  for  higher  effi- 
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ciency.  Two  primary  windings  are  needed  to  sense 
each  component  of  the  switched  current.  These 
may  also  be  unequal  in  number  of  turns,  depend- 
ing on  the  input  and  output  currents  (or  voltages). 
A  single  secondary  winding  and  bridge  rectification 
recreates  the  total  inductor  current.  A  small  R/C  fil- 
ter network  may  be  required  to  smoothen  out 
spikes  caused  by  the  leakage  inductance. 


Universal  AC  Input  Feedforward  Circuit 


Figure  13. 

REGULATED  BOOTSTRAP  SUPPLY 

A  regulated  auxiliary  supply  is  obtainable  with  a 
slight  modification  to  the  bootstrap  interface  and 
two  inexpensive  components.  This  circuit  is  advan- 
tageous in  applications  which  incorporate  other 
control  ICs  for  the  main  converter  or  ballast  drive 
sections.  A  regulated  auxiliary  voltage  is  NOT 
needed  for  the  UC3852  which  features  a  clamped 
twelve  volt  (typical)  gate  drive  output  voltage.  This 
insures  proper  drive  amplitude  for  power  MOS- 
FETs  with  an  unregulated  IC  supply  voltage  to  30 
volts. 
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Dual  AC  Input  Range  (110/220  VAC) 
Feedforward  Circuit 
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Figure  14. 

OTHER  PFC  APPLICATIONS 

The  basic  PFC  schematic  of  Figure  1  can  be  used 
as  a  template  for  other  PFC  applications  with  dif- 
ferent input  voltage  ranges  and  output  power  lev- 
els. A  majority  of  the  changes  will  be  to 
accommodate  higher  (  or  lower )  voltages  and  cur- 
rents. Once  familiar  with  the  complete  design  pro- 
cedure as  outlined  in  this  application  note, 
designers  are  encouraged  to  recalculate  the  val- 
ues for  their  applications  using  the  same  guide- 
lines. 

UNIVERSAL  AC  INPUT  RANGE 

The  UC3852  controlled-on  time,  zero  current 
switched  PFC  technique  can  be  used  to  accom- 
modate wide  AC  input  voltages  with  the  addition  of 
a  simple  feedforward  circuit.  This  external  circuitry 
is  required  to  cancel  out  the  line  dependent 
changes  in  the  switch  on-time  over  the  three-to- 
one  input  range  from  85  to  264  volts.  Otherwise, 
the  approximate  nine-to-one  control  range  of  the 
UC3852  on-time  would  be  fully  used  for  line  regu- 
lation allowing  no  accommodation  for  load 
changes. 

CIRCUIT  OPERATION 

The  rectified  input  voltage  is  applied  across  the 
network  consisting  of  R10  through  R12,  D10  and 
C1 0.  Capacitor  C10  charges  to  the  peak  of  the  di- 
vided input  voltage  and  is  large  enough  to  maintain 
this  level  over  one  line  cycle.  Diode  D1 1  serves  as 
an  offset  to  bypass  the  range  extender  circuitry  un- 
til a  sufficient  minimum  line  voltage  has  been  es- 


tablished, typically  80  VAC.  Capacitor  C11 ,  a  small 
filter  capacitor  and  the  base  of  transistor  Q10 
reach  a  voltage  of  V(C  1 0)  minus  the  Zener  forward 
voltage  drop  of  diode  D1 1 .  As  this  voltage  rises, 
the  emitter  of  Q10  and  voltage  across  resistor  R13 
follows,  offset  by  the  base-emitter  diode  drop  of 
Q1 0.  This  increasing  bias  pulls  more  current  from 
the  UC3852  ISET  pin  which  sits  at  a  fixed  voltage. 
The  current  in  both  resistor  R13  and  resistor  FtSET 
is  pulled  from  the  UC3852  ISET  output.  Within  the 
UC3852,  the  ISET  current  is  mirrored  to  the  RAMP 
capacitor  (Cramp)  which  is  compared  to  the  error 
amplifier  output  to  determine  the  ON-time.  As  the 
input  voltage  increases  bias  to  Q10,  more  current 
is  pulled  from  ISET  thus  increasing  the  RAMP 
charging  current.  For  a  fixed  output  load,  this  cir- 
cuit performs  the  function  of  voltage  feedforward 
and  can  keep  the  error  amplifier  output  voltage 
fixed  regardless  of  AC  input  voltage.  This  allows 
the  full  use  of  the  ICs  ON-time  control  range  to  ac- 
commodate load  variations. 

FEEDFORWARD  CIRCUIT  DESIGN 

LOW  LINE: 
ISET=  5V/RSET 
t(on)max=8.8*Cramp  /  ISET 

HIGH  LINE: 

ISET=  5V/(RSET  II  R13  ) 
GENERAL: 

V(C1 0)=1 .41  *VIN*R1 2/(R1 0+R1 1 +R1 2) 
NOTE:V(C10)MAX=5V+Vzener 
ISET(MIN)=5V/RSET 
ISET(MAX)=ISET(MIN)+5V/R13 
FEEDFORWARD  BEGINS  WHEN  : 
V(C10)-Vzener-Vbe(Q10)  0V 

COMPONENTS: 
C10=22uF/16V  Q10=2N2222 
C11=1nF/16V  R10.11=100K 
D10=1N4148  R12,13=5.1K 
D11=1N5221(2.4V)  RSET=51K 
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CONTINUOUS  CURRENT  PFC  BOOST  CONVERTER 


Figure  15. 


CONTINUOUS  PFC  CURRENT  IMPLEMENTATION 


Figure  16.  Figure  17. 
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UC3852  CONTROLLED  PFC  FLYBACK  CONVERTER 


C1  ^  k  R1 


C2  ?r 


UC3852 
7j  VCC     OUT  |6 


GO  ISNS  COMP  [8 
3]  ISET  VFB  M 
4]  RAMP  GND  [5 


Figure  18. 


UC3852  AS  A  CAPACITIVE  DISCHARGE  DRIVER 


C1  i; 


D1 


C2 


•RA 


RB 


Figure  19. 
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AUTORANGE  (110/220)  VOLTAGE 

FEEDFORWARD  CIRCUIT 

Input  line  voltage  feedforward  can  also  be  obtained 
with  a  simple  circuit  for  dual  AC  input  ranges  with 
less  demanding  load  variations.  Shown  below  is  a 
single  step  autorange  circuit  for  use  with  the 
UC3852  timing  circuitry.  Basically,  the  TL431  is 
used  as  a  comparator  to  switch  in  a  second  timing 
resistor  (RSET')  when  the  input  voltage  exceeds  a 
preset  threshold. 

The  AC  input  voltage  is  rectified  by  diode  D20  and 
divided  down  by  resistors  R20  and  R21 .  Capacitor 
C20  peak  charges  and  filters  this  waveform  to  de- 
velop a  DC  voltage  proportional  to  the  input  line. 
RSET  is  programming  the  initial  charging  current 
to  the  timing  capacitor  CRAMP.  When  the  voltage 
across  C20  exceeds  the  2.5  V  threshold  of  the 
TL431  comparator,  its  output  goes  low.  This  places 


Figure  20. 


a  second  timing  resistor,  RSET',  in  parallel  with  the 
original  one  thus  increasing  the  current  to  CRAMP 
and  performing  line  feedforward.  Resistor  values 
should  be  selected  to  switch  in  the  feedforward 
compensation  at  approximately  155  VAC  which  is 
mid-range  between  high  line  of  a  110  VAC  input 
(130  VAC)  and  low  line  for  a  220  VAC  input  (180 
VAC).  The  value  of  RSET  must  be  selected  to  ac- 
count for  the  TL431  output  saturation  voltage. 

CONTINUOUS  CURRENT 
PFC  BOOST  CONVERTER 

The  zero  current  switched  PFC  technique  can  also 
be  modified  to  operate  in  the  continuous  inductor 
current  mode.  A  positive  amplitude,  small  offset 
signal  is  derived  from  the  input  voltage  waveform. 
It  gets  added  to  the  normal  current  sense  signal 
which  is  negative  with  respect  to  ground.  Summing 
these  two  signals  to  the  ZEROinput  biases  the  ac- 


tual inductor  current  sense  more  positive.  There- 
fore, the  zero  current  detection  threshold  is 
crossed  before  the  inductor  current  is  actually  zero, 
and  the  PFC  preregulator  operates  with  continuous 
current.  The  exact  amplitude  of  both  parts  of  the 
inductor  current  can  be  determined  by  adjusting 
the  inductance,  on-time,  and  current  sense  resis- 
tor. 

OTHER  PFC  TOPOLOGIES 

The  UC3852  can  also  perform  power  factor  correc- 
tion using  the  Flyback  topology  with  a  slight  degra- 
dation to  Power  Factor.  A  Flyback  topology  is 
commonly  used  to  generate  a  lower  (or  much 
higher)  voltage  output  than  the  Boost  converter.  A 
nonisolated  version  of  this  is  shown  in  Figure  18. 
for  simplicity. 

A  resistor  in  series  with  the  power  return  lead 
senses  the  inductor  charging  current  while  the 
switch  is  on,  similar  to  that  of  the  boost  converter. 
However,  the  discharging  current  information  is 
lost  when  the  switch  is  off  while  the  stored  induc- 
tive energy  is  delivered  to  the  output.  A  second 
current  sense  resistor  is  added  in  series  with  the 
secondary  winding  as  shown  to  recover  this  infor- 
mation. A  small  amount  of  filtering  may  be  neces- 
sary to  smoothen  out  switching  noise  spikes  while 
summing  the  current  sense  signals. 

Good  regulation  of  the  output  voltage  will  be  ob- 
tained with  this  technique  although  some  120  Hz 
(2  x  line  frequency)  ripple  is  to  be  expected.  The 
flyback  circuitry  cannot  fully  transfer  power  when 
the  input  line  voltage  goes  down  near  zero  each 
cycle.  This  approach  has  numerous  applications 
where  a  small  amount  of  power  supply  ripple  is  ac- 
ceptable. Post  regulator  circuits  can  be  added  to 
improve  regulation  if  necessary. 

CAPACITIVE  DISCHARGE  CIRCUITS 

The  UC3852  can  also  be  used  in  capacitive  dis- 
charge circuits,  typical  of  photoflash  and  strobe  ap- 
plications. In  fact,  the  circuit  shown  below  will 
provide  the  minimum  recharge  time  for  a  given 
peak  input  current.  Zero  current  switching  insures 
that  the  next  switching  cycle  is  initiated  as  soon  as 
the  inductor  current  discharges  to  zero.  There  is 
no  deadtime  between  conversion  cycles  and  the 
output  is  charged  as  quickly  as  possible  for  the 
programmed  maximum  inductor  current. 

Regulation  is  achieved  by  using  a  burst  mode  of 
operation  where  the  UC3852  stops  delivering  out- 
put pulses  when  the  output  voltage  setpoint  is 
reached.  Operation  will  begin  again  when  the  out- 
put voltage  drops  below  the  lower  programmed 
threshold.  Both  of  these  thresholds  are  pro- 
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Rb  and  Rc  according  to  the  fol- 


grammed  by  Ra 
lowing  formulas. 

Vout(max)  =  (5*(Ra+Rx))/Rx 

Vout(min)  =  (5*(Ra+Rb))/Rb 

where  Rx=(Rb*Rc)/(Rb+Rc) 

NON  PFC  APPLICATIONS  USING 
VARIABLE  FREQUENCY  OPERATION 

Conventional  PWM  (non  PFC)  applications  using  a 
variable  frequency  control  techniques  can  also  be 
implemented  with  the  UC3852.  This  applies  to  both 
current  mode  and  variable  ON-Time  control  meth- 
ods. Typical  examples  of  these  are  discontinuous 
current  boost  and  flyback  converters.  Variable  fre- 
quency operation  is  popular  in  numerous  applica- 
tions as  it  can  minimize  the  peak  current  in 
comparison  to  fixed  frequency  designs.  The  zero 
current  detection  and  switching  technique  of  the 
UC3852  should  be  used  in  its  standard  configura- 
tion with  current  sensed  below  ground,  although  a 
current  transformer  can  be  introduced. 

IMPLEMENTING  CURRENT  MODE 

The  ICs  RAMP  input  will  be  used  as  the  current 
sense  input  to  be  compared  to  the  error  amplifier 


output  for  current  mode  control.  A  current  trans- 
former is  recommended  to  fully  utilize  the  9  volt 
compliance  of  this  pin.  This  implementation  allows 
for  a  wide  load  swing  with  maximum  noise  immu- 
nity. The  RAMP  pin  gets  discharged  by  internal  IC 
logic  to  0.2  V  at  the  end  of  each  ON-time.  There- 
fore, some  series  impedance  to  the  current  sense 
resistor  is  recommended  to  keep  load  current  out- 
side of  the  IC.  Any  filter  capacitor  to  suppress  the 
switch  leading  edge  noise  spike  will  also  get  dis- 
charged. The  ramp  pin  does  not  need  a  program- 
ming resistor,  but  one  could  be  used  to  introduce 
optional  slope  compensation  via  the  filter  capacitor. 

VARIABLE  ON-TIME  CONTROL 

The  switch  ON-Time  can  also  be  controlled  by 
comparing  a  sawtooth  ramp  to  the  error  amplifier 
output.  Configuration  of  this  is  basically  identical  to 
the  standard  PFC  application  using  a  RAMP  ca- 
pacitor and  resistor  to  program  the  maximum  ON- 
Time.  Error  amplifier  compensation  is  likely  to  be 
much  different  and  utilize  a  much  higher  loop 
crossover  frequency  than  its  PFC  counterpart.  The 
ICs  error  amplifier  is  similar  to  a  741  type  general 
purpose  OP-AMP  and  is  programmed  accordingly. 

REFERENCES  and  ADDITIONAL 
INFORMATION: 

1.  ANDREYCAK,  W.  :  "Controlled  ON-Time,  Zero 
Current  Switched  Power  Factor  Correction  Tech- 
nique"; UNITRODE  Power  SUpply  Design  Manual 
SEM-800. 

2.  AHMED,  SAEED,  :  "Controlled  On-time  Power 
FActor  Correction  Circuit  with  Input  Filter";  Thesis, 
Virginia  Polytechnic  Institute. 

3.  MAMMANO.BOB  and  DIXON, LLOYD:  "Design- 
ing High  Power  Factor  Systems  -  Choosing  the 
Optimum  Circuit  Topology",  PCIM  Magazine, 
March  1991. 
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PERFORMANCE  EVALUATION 

The  UC3852  controlled  PFC  circuit  shown  in  Fig- 
ure 1  was  constructed  using  the  list  of  materials 
provided  for  this  application.  Power  Factor  and  To- 
tal Harmonic  Distortion  to  the  50th  harmonic  were 
measured  using  a  VOLTEC  PM-  3000  AC  power 
analyzer.  Test  results  indicated  a  power  factor  of 
0.998  and  T.H.D.  below  6%  at  nominal  line  and  full 
load.  Very  similar  readings  were  obtained  over  the 
complete  input  voltage  range  and  a  moderate  load 
change.  Zero  Current  Switching  (ZCS)  facilitates 
high  overall  efficiency  with  this  PFC  technique. 

UC3852  PFC  TEST  CIRCUIT 

SPECIFICATIONS: 
VIN=85T0135VAC 
VOUT  =  350  VDC 
POUT  =  86  W 

MEASURED  PERFORMANCE : 

P.F.  =  0.998 
T.H.D.  =  5.81  % 

TEST  CONDITIONS: 
(nominal  line) 
VIN  =  115.7  VAC 
UN  =  0.799  AAC 
PIN  =  92.13  W 
VAIN  =  91 .84 
INRUSH  lpk  =  17.7A 
VOUT  =  355.6  VDC 
IOUT  =  0.242  ADC 
POUT  =  86.1  W 
EFFICIENCY  =  93.45  % 

CURRENT  WAVEFORM  ■ 

HARMONIC  CONTENT 

1st :  0.775  Amp 

3rd :  3.91  % 

5th :  0.82  % 

7th  :  0.38  % 

9th  :  0.35  % 


U-132 

11th:  1.30% 
13th  :  0.21  % 

LIST  OF  MATERIALS 

CAPACITORS 
C2  =  0.47  uF /200  V 
C3  =  82uF/400V 
C4  =  22uF/35V 
C5  =  0.1  UF/35V 
C6  =  1  nF/16V 
C7  =  0.1  UF/16V 

DIODES 

D1-4=  1N4004,  1  A /400V 
D5  =  1N4937, 1  A /600V 
trr  =  200ns 

D6  =  1N4148,  0.2  A/50  V 

INDUCTORS 
L2  =  1  mH  Boost  inductor 
L3  =  Several  turns  on  L2  to 
provide  20  VDC  supply  voltage 

RESISTORS 

R1  =  100  k  ohms  1  Watt 

R2  =  0.1  ohm  1  W  non-inductive 

R3  =  18.2  kohms1%  1/2  W 

R4  =  1  meg  ohm  1/4  W 

R5  =  330kohms1%1/2W 

R6  =  390kohms1%1/2W 

R7  =  10kohms1%1/4W 

R8  =  20  k  ohms  1/4  W 

R9  =  10  ohms  1/2  W  non-inductive 

TRANSISTOR 

Q1  =IRF830  500V/4A 

INTEGRATED  CIRCUIT 
U-f  =  UC  3852 


UNITROOE  CORPORATION 

7  CONTINENTAL  BLVD.  .  MERRIMACK,  NH  03054 
TEL.  (603)  424-2410  .  FAX  (603)  424-3460 
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UCC  3800/1/2/3/4/5  BiCMOS 
CURRENT  MODE  CONTROL  ICs 


BILL  ANDREYCAK 

INTRODUCTION 

Power  supply  design  has  become  increasingly  more  challenging  as  engineers  confront  the  difficulties  of 
obtaining  higher  power  density,  improved  performance  and  lower  cost.  The  control  for  many  of  these 
switchmode  supplies  was  revolutionized  with  two  significant  introductions;  an  advance  technique  known  as 
current  mode  control,  and  a  novel  PWM  solution,  the  UC3842  controller.  This  IC  contained  several  innova- 
tive features  for  general  purpose  current  mode  controlled  applications.  Included  were  high  speed  circuitry, 
undervoltage  lockout,  an  op-amp  type  error  amplifier,  fast  overcurrrent  protection,  a  precision  reference 
and  a  high  current  totem-pole  output. 

The  popular  UC3842  control  circuit  architecture  has  been  recently  improved  upon  to  deliver  even  higher 
levels  of  protection  and  performance.  Advanced  circuitry  such  as  leading  edge  blanking  of  the  current 
sense  signal,  soft-start  and  full  cycle  restart  have  been  built-in  to  minimize  external  parts  count.  Addition- 
ally, these  integrated  circuits  have  been  developed  on  a  BiCMOS  wafer  fabrication  process  geared  to  virtu- 
ally eliminate  supply  power  and  propagation  delays  in  comparison  to  the  bipolar  UC3842  devices.  These 
sophisticated  new  BiCMOS  controllers,  the  UCC3800  through  UCC3805  pulse  width  modulators  address 
the  challenges  presented  by  the  upcoming  generations  of  power  supply  designs.  This  application  note  will 
highlight  the  features  incoporated  into  this  new  generation  of  PWM  controllers  in  addition  to  realizeable  en-  g 
hancements  in  typical  applications.  The  specific  differences  between  members  of  the  UCC3800/1/2/3/4/5  o 
family  are  reflective  of  their  maximum  duty  cycle,  undervoltage  lockout  thresholds  and  reference  voltage  i- 
which  are  summarized  in  the  following  table. 

□ 

a. 
a 
< 


Unitrode 
Part* 

Max  Duty 
Cycle 

VRef 
(V) 

UVLO 
Turn-On 

UVLO 
Turn-Off 

UCC3800 

100% 

5.0 

7.2 

6.9 

UCC3801 

50% 

5.0 

9.4 

7.4 

UCC3802 

100% 

5.0 

12.5 

8.4 

UCC3803 

100% 

4.0 

4.1 

3.6 

UCC3804 

50% 

5.0 

12.5 

8.4 

UCC3805 

50% 

4.0 

4.1 

3.6 
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UCC3800/1/2/3/4/5  PWM  FEATURES 

A.  Low  start-up  current 

B.  Undervoltage  lockout 

C.  Low  operating  current 

D.  Internal  soft  start 

E.  Self  biasing  output  during  UVLO 

F.  Leading  Edge  Blanking 

G.  Self  regulating  Vcc  supply 

H.  Full  cycle  restart  after  fault 

I.  Clamped  gate  drive  amplitude 
J.  Reduced  propagation  delays 

K.  5  Volt  operation  (UCC3803  &  05) 

IN-CIRCUIT  ADVANTAGES  vs.  UC3842 

•  Greatly  reduced  power  requirements 

•  Eliminates  bootstrap  supply 

•  Fewer  external  components 

•  Lower  junction  temperature 

•  Reduced  stress  during  faults 

•  No  current  sense  R/C  filter  network 

•  Faster  response  to  fault 

•  Higher  frequency  operation 

•  Higher  maximum  duty  cycles 


U-133A 

UCC3800/1/2/3/4/5  DEVICE  OVERVIEW 

The  BiCMOS  UCC3800/1/2/3/4/5  devices  have 
similar  standard  features  and  pinouts  to  the  bipolar 
UC3842/3/4/5  PWMs  and  are  enhanced  replace- 
ments in  many  applications.  There  are  a  few  impor- 
tant differences  however  which  may  require  minor 
modifications  to  existing  applications. 

APPLICATION  DIFFERENCES 

1  .Maximum  supply  voltage  from  a  low  impedance 
source:  1 2 V  versus  30V 

2.  Undervoltage  lockout  thresholds 

3,Start-up  current 

4. Operating  current 

5.  Oscillator  timing  component  values 

6.  Reference  voltage  (UCC3803  and  05) 

7.  Vcc  supply  self  clamping  zener  voltage 

8.  Internal  soft  start 

9.  Internal  full  cycle  restart 

10.  CIamped  gate  drive  voltage 

11.  Current  loop  gain 

12.  E/A  reference  voltage  ('03  &  '05) 


UCC3800/1/2/3/4/5  BLOCK  DIAGRAM 


FB  COMP 

m  □ 


©m  ©  ® 


Figure  1. 
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SUPPLYING  POWER 


An  internal  Vcc  shunt  regulator  is  incorporated  in 
each  member  of  the  UCC3800/1/2/3/4/5  PWMs  to 
regulate  the  supply  voltage  at  approximately  13.5 
volts.  A  series  resistor  from  Vcc  to  the  input  supply 
source  is  required  with  inputs  above  12  volts  to 
limit  the  shunt  regulator  current  as  shown  in  figure 
2.  A  maximum  of  10  milliamps  can  be  shunted  to 
ground  by  the  internal  regulator. 

The  internal  regulator  in  conjunction  with  the  de- 
vice's low  startup  and  operating  current  can  greatly 
simplify  powering  the  device  and  may  eliminate  the 
need  for  a  regulated  bootstrap  auxiliary  supply  and 
winding  in  many  applications.  The  supply  voltage  is 
MOSFET  gate  level  compatible  and  needs  no  ex- 
ternal zener  diode  or  regulator  protection  with  a 
current  limited  input  supply.  The  UVLO  start-up 
threshold  is  1.0  volts  below  the  shunt  regulator 
level  on  the  '02  and  '04  devices  to  guarantee  start- 
up. 

It  is  important  to  bypass  the  ICs  supply  (Vcc)  and 
reference  voltage  (Vref)  pins  with  a  0.1  uF  to  1uF 
ceramic  capacitor  to  ground.  The  capacitors  should 
be  located  as  close  to  the  actual  pin  connections 
as  possible  for  optimal  noise  filtering.  A  second, 
larger  filter  capacitor  may  also  be  required  in  off- 
line applications  to  hold  the  supply  voltage  (Vcc) 
above  the  UVLO  turn-off  threshold  during  start-up. 


+400VDC 


TO 
OUTPUT 


Figure  2.  Powering  the  UCC3802. 

UNDERVOLTAGE  LOCKOUT 

The  UCC3800/1/2/3/4/5  devices  feature  undervol- 
tage  lockout  protection  circuits  for  controlled  opera- 
tion during  power-up  and  power-down  sequences. 
Both  the  supply  voltage  (Vcc)  and  the  reference 
voltage  (Vref)  are  monitored  by  the  UVLO  circuitry. 
An  active  low,  self  biasing  totem  pole  output  during 
UVLO  design  is  also  incorporated  for  enhanced 
power  switch  protection. 


Undervoltage  lockout  thresholds  for  the  UCC 
3802/3/4/5  devices  are  different  from  the  previous 
generation  of  UC3842/3/4/5  PWMs.  Basically,  the 
thresholds  are  optimized  for  two  groups  of  applica- 
tions; off-line  power  supplies  and  DC-DC  convert- 
ers. The  UCC3802  and  UCC3804  feature  typical 
UVLO  thresholds  of  12.5V  for  turn-on  and  8.3V  for 
turn-off,  providing  4.3V  of  hysteresis.  For  low  volt- 
age inputs  which  include  battery  and  5V  applica- 
tions, the  UCC3803  and  UCC3805  turn  on  at  4.1V 
and  turn  off  at  3.6V  with  0.5V  of  hysteresis.  The 
UCC3800  and  UCC3801  have  UVLO  thresholds 
optimized  for  automotive  and  battery  applications. 

During  UVLO  the  IC  draws  approximately  100  mi- 
croamps  of  supply  current.  Once  crossing  the  turn- 
on  threshold  the  IC  supply  current  increases 
typically  to  about  500  microamps,  over  an  order  of 
magnitude  lower  than  bipolar  counterparts. 


0.5 


SUPPLY 
CURRENT 
(mA) 

0.1 


TURN  ,  ,  1  k  TURN 
OFF 


VTURN  OFF  ON 

SUPPLY  VOLTAGE  (V) 
Figure  3.  During  Undervoltage  Lockout 


Device 

Vton 

Vtoff 

UCC3800 

7.2 

6.9 

UCC3801 

9.4 

7.4 

UCC3802,  4 

12.5 

8.3 

UCC3803,  5 

4.1 

3.6 

SELF  BIASING,  ACTIVE  LOW  OUTPUT 

The  self  biasing,  active  low  clamp  circuit  shown 
eliminates  the  potential  for  problematic  MOSFET 
turn  on.  As  the  PWM  output  voltage  rises  while  in 
UVLO,  the  P  device  drives  the  larger  N  type  switch 
ON  which  clamps  the  output  voltage  low.  Power  to 
this  circuit  is  supplied  by  the  externally  rising  gate 
voltage,  so  full  protection  is  available  regardless  of 
the  ICs  supply  voltage  during  undervoltage  lockout. 
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vcc 


OUT 


Figure  4:  Internal  circuit  which  holds  output  low 
during  UVLO. 


OPEN 


Figure  5:  Output  voltage  vs.  output  current 
during  UVLO. 

REFERENCE  VOLTAGE 

The  traditional  5.0V  amplitude  bandgap  reference 
voltage  of  the  UC3842  family  can  be  also  found  on 
the  UCC3800.1 ,2  and  UCC3804  devices.  However, 
the  reference  voltage  of  the  UCC3803  and 
UCC3805  device  is  4.0  volts.  This  change  was  nec- 
essary to  facilitate  operation  with  input  supply  volt- 
ages below  five  volts.  Many  of  the  reference 
voltage  specifications  are  similar  to  the  UC3842 
devices  although  the  test  conditions  have  been 
changed,  indicative  of  lower  current  PWM  applica- 
tions. Similar  to  their  bipolar  counterparts,  the 
BiCMOS  devices  internally  pull  the  reference  volt- 
age low  during  UVLO  which  can  be  used  as  a 
UVLO  status  indication. 

REFERENCE  DIFFERENCES 

Note  that  the  4V  reference  voltage  on  the 
UCC3803  and  UCC3805  is  derived  from  the  supply 
voltage  (Vcc)  and  requires  about  0.5V  of  headroom 
to  maintain  regulation.  Whenever  Vcc  is  below  ap- 
proximately 4.5V,  the  reference  voltage  also  will 
drop  outside  of  its  specified  range  for  normal  op- 
eration. The  relationship  between  Vcc  and  Vref  dur- 
ing this  excursion  is  shown  in  Figure  7. 
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BYPASS 


Figure  6:  Required  reference  bypass. 

The  noninverting  input  to  the  error  amplifier  is  tied 
to  one-half  of  the  PWMs  reference  voltage,  Vref. 
Note  that  this  input  is  2.0V  on  the  UCC3803  and 
UCC3805  and  2.5V  on  the  higher  reference  volt- 
age parts,  the  UCC3800,  UCC3801 ,  UCC3802  and 
UCC3804. 


4.0V 


3.9V 
3.8V 
3.7V 
3.6V 
3.5V 
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Figure  7:  UCC3803  VREF  output  vs.  VCC. 

OSCILLATOR  SECTION 

The  oscillator  section  of  the  UCC3800  through 
UCC3805  BiCMOS  devices  has  few  similarities  to 
the  UC3842  type  —  other  than  single  pin  program- 
ming. It  does  still  utilize  a  resistor  to  the  reference 
voltage  and  capacitor  to  ground  to  program  the  os- 
cillator frequency  up  to  1  MHz.  Timing  component 
values  will  need  to  be  changed  since  a  much  lower 
charging  current  is  desirable  for  low  power  opera- 
tion. 

Several  characteristics  of  the  oscillator  have  been 
optimized  for  high  speed,  noise  immune  operation. 
The  oscillator  peak  to  peak  amplitude  has  been  in- 
creased to  2.45V  typical  versus  1.7V  on  the  UC 
3842  family.  The  lower  oscillator  threshold  has 
been  dropped  to  approximately  0.2  volts  while  the 
upper  threshold  remains  fairly  close  to  the  original 
2.8  volts  at  approximately  2.65V. 
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Figure  8:  Oscillator  equivalent  circuit. 

Discharge  current  of  the  timing  capacitor  has  been 
increased  to  nearly  20  milliamps  peak  as  opposed 
to  roughly  8mA.  As  shown,  this  can  be  represented 
by  approximately  130  ohms  in  series  with  the  dis- 
charge switch  to  ground.  A  higher  current  was  nec- 
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Figure  9:  OSC  Waveform 
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Figure  10:  Oscillator  frequency  vs.  RT  for  several  CT. 
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essary  to  achieve  brief  deadtimes  and  high  duty 
cycles  with  high  frequency  operation.  Practical  ap- 
plications can  utilize  these  new  ICs  to  a  1  MHz 
switching  frequency. 

SYNCHRONIZATION 

Synchronization  of  these  PWM  controllers  is  best 
obtained  by  the  universal  technique  shown  in  figure 
12.  The  ICs  oscillator  is  programmed  to  free  run  at 
a  frequency  about  20%  lower  than  that  of  the  syn- 
chronizing frequency.  A  brief  positive  pulse  is  ap- 
plied across  the  50n  resistor  to  force 
synchronization.  Typically,  a  one  volt  amplitude 
pulse  of  100  nanoseconds  width  is  sufficient  for 
most  applications. 

The  ICs  can  also  be  synchronized  to  a  pulse  train 
input  directly  to  the  oscillator  Rt/Ct  pin.  Note  that 
the  IC  will  internally  pull  low  at  this  node  once  the 
upper  oscillator  threshold  is  crossed.  This  130  ohm 
impedance  to  ground  remains  active  until  the  pin  is 
lowered  to  approximately  0.2  V.  External  synchroni- 
zation circuits  should  accommodate  these  condi- 
tions. 
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Figure  11:  Minimum  dead  time  vs.  CT. 

PWM  SECTION  : 
MAXIMUM  DUTY  CYCLE 

Maximum  duty  cycle  is  higher  for  these  devices 
than  for  their  UC3842/3/4/5  predecessors.  This  is 
primarily  due  to  the  higher  ratio  of  timing  capacitor 
discharge  to  charge  current  which  can  exceed  one- 
hundred  to  one  in  a  typical  BiCMOS  application. 
Attempts  to  program  the  oscillator  maximum 
duty  cycle  much  below  the  specified  range  by 
adjusting  the  timing  component  values  of  Rt 
and  Ct  should  be  avoided.  There  are  two  reasons 
to  refrain  from  this  design  practice.  First,  the  ICs 
high  discharge  current  would  necessitate  higher 
charging  currents  than  necessary  for  programming, 
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Figure  12:  Synchronizing  the  oscillator. 

defeating  the  purpose  of  low  power  operation.  Sec- 
ondly, a  low  value  timing  resistor  will  prevent  the  ca- 
pacitor from  discharging  to  the  lower  threshold  and 
initiating  the  next  switching  cycle. 
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Figure  13:  Circuit  to  produce  controlled  maximum 
duty  cycle. 

DEADTIME  CONTROL 

Deadtime  is  the  term  used  to  describe  the  guaran- 
teed OFF  time  of  the  PWM  output  during  each  oscil- 
lator cycle.  It  is  used  to  insure  that  even  at  maximum 
duty  cycle,  there  is  enough  time  to  reset  the  magnetic 
circuit  elements,  and  prevent  saturation. 

The  deadtime  of  the  UCC380x  PWM  family  is  de- 
termined by  the  internal  130  Ohm  discharge  im- 
pedance and  the  timing  capacitor  value.  Larger 
capacitance  values  extend  the  deadtime  whereas 
smaller  values  will  result  in  higher  maximum  duty 
cycles  for  the  same  operating  frequency.  A  curve 
for  deadtime  versus  timing  capacitor  values  is  pro- 
vided in  figure  1 1 . 

Increasing  the  deadtime  is  possible  by  adding  a  re- 
sistor between  the  Rt/Ct  pin  of  the  IC  and  the  tim- 
ing components.  The  deadtime  increases  with  the 
discharge  resistor  value  to  about  470  Ohms  as  in- 
dicated from  the  curve.  Higher  resistances  should 
be  avoided  as  they  can  decrease  the  deadtime  and 
reduce  the  oscillator  peak-to-peak  amplitude.  Sink- 
ing too  much  current  (1  mA)  by  reducing  Rt  will 


"freeze"  the  oscillator  OFF  by  preventing  discharge 
to  the  lower  comparator  threshold  voltage  of  0.2  V. 

Reducing  the  maximum  duty  cycle  can  be  accom- 
plished by  adding  a  discharge  resistor  (below  470 
Ohms)  between  the  ICs  Rt/Ct  pin  and  the  actual 
Rt/Ct  components.  Adding  this  discharge  control 
resistor  has  several  impacts  on  the  oscillator  pro- 
gramming. First,  it  introduces  a  DC  offset  to  the  ca- 
pacitor during  the  discharge  -  but  not  the  charging 
portion  of  the  timing  cycle,  thus  lowering  the  usable 
peak-to-peak  timing  capacitor  amplitude. 

Because  of  the  reduced  peak-to-peak  amplitude, 
the  exact  value  of  Ct  may  need  to  be  adjusted  from 
UC3842  type  designs  to  obtain  the  correct  initial 
oscillator  frequency.  One  alternative  is  keep  the 
same  value  timing  capacitor  and  adjust  both  the 
timing  and  discharge  resistor  values  since  these 
are  readily  available  in  finer  numerical  increments. 
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Figure  14:  Maximum  duty  cycle  vs.  RD  for  RT  =  20k. 

LEADING  EDGE  BLANKING 

A  1 00  nanosecond  leading  edge  blanking  interval 
is  applied  to  the  current  sense  input  circuitry  of  the 
UCC3800/1/2/3/4/5  devices.  This  internal  feature 
has  been  incorporated  to  eliminate  the  need  for  an 
external  resistor-capacitor  filter  network  to  sup- 
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Figure  15:  Current  sense  filter  required  with 
older  PWM  ICs. 
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press  the  switching  spike  associated  with  turn-on 
of  the  power  MOSFET.  This  1 00  nanosecond  pe- 
riod should  be  adequate  for  most  switchmode  de- 
signs but  can  be  lengthened  by  adding  an  external 
R/C  filter. 

Note  that  the  1 00  ns  leading  edge  blanking  is  also 
applied  to  the  cycle-by-cycle  current  limiting  func- 
tion in  addition  to  the  overcurrent  fault  comparator. 
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Figure  16:  Current  sense  waveforms  with  leading 
edge  blanking. 

MINIMUM  PULSE  WIDTH 

The  leading  edge  blanking  circuitry  can  lead  to  a 
minimum  pulse  width  equal  to  the  blanking  interval 
under  certain  conditions.  This  will  occur  when  the 
error  amplifier  output  voltage  (minus  a  diode  drop 
and  divided  by  1.65)  is  lower  than  the  current 
sense  input.  However,  the  amplifier  output  voltage 
must  also  be  higher  than  a  diode  forward  voltage 
drop  of  about  0.5V.  It  is  only  during  these  condi- 
tions that  a  minimum  output  pulse  width  equal  to 
the  blanking  duration  can  be  obtained. 

Note  that  the  PWM  comparator  has  two  inputs;  one 
is  from  the  current  sense  input.  The  other  PWM  in- 
put is  the  error  amplifier  output  which  has  a  diode 
and  two  resistors  in  series  to  ground.  The  diode  in 

ZERO  DUTY  CYCLE 
OFFSET 


Figure  17. 


Zero  duty  cycle  is  achievable  by  forcing  the  er- 
ror amplifier  output  below  the  zero  duty  cycle 
threshold  of  one  diode  voltage  drop. 


this  network  is  used  to  guarantee  that  zero  duty  cy- 
cle can  be  reached.  Whenever  the  E/A  output  falls 
below  a  diode  forward  voltage  drop,  no  current 
flows  in  the  resistor  divider  and  the  PWM  input 
goes  to  zero,  along  with  pulse  width. 

PROTECTION  CIRCUITRY: 
CURRENT  LIMITING 

A  1.0  volt  (typical)  cycle-by-cycle  current  limit 
threshold  is  incorporated  into  the  UCC3800  family. 
Note  that  the  100  nanosecond  leading  edge  blank- 
ing pulse  is  applied  to  this  current  limiting  circuitry. 
The  blanking  overrides  the  current  limit  comparator 
output  to  prevent  the  leading  edge  switch  noise 
from  triggering  a  current  limit  function. 

Propagation  delay  from  the  current  limit  compara- 
tor to  the  output  is  typically  70  nanoseconds.  This 
high  speed  path  minimizes  power  semiconductor 
dissipation  during  an  overload  by  abbreviating  the 
on  time. 

CURRENT  SENSE  OFFSET  CIRCUITRY 

For  increased  efficiency  in  the  current  sense  cir- 
cuitry, the  circuit  shown  in  figure  1 8  can  be  used. 
Resistors  RA  and  RB  bias  the  actual  current  sense 
resistor  voltage  up,  allowing  a  small  current  sense 
amplitude  to  be  used.  This  circuitry  provides  cur- 
rent limiting  protection  with  lower  power  loss  cur- 
rent sensing. 
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Figure  18:  Biasing  Isense  for  lower  current 
sense  voltage. 

The  example  shown  uses  a  200  millivolt  full  scale 
signal  at  the  current  sense  resistor.  Resistor  Rb  bi- 
ases this  up  by  approximately  700  mV  to  mate  with 
the  0.9V  minimum  specification  of  the  current  limit 
comparator  of  the  IC.  The  value  of  resistor  Ra 
changes  with  the  specific  IC  used,  due  to  the  differ- 
ent reference  voltages.  The  resistor  values  should 
be  selected  for  minimal  power  loss.  For  example,  a 
50  uA  bias  sets  Rb  =  13k  ohms,  Ra=75  k  ohms 
(UCC3800,1,2,4)  or  Ra=56k  ohms  with  the 
UCC3803  and  UCC3805  devices. 
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Figure  19. 

OVERCURRENT  PROTECTION 
AND  FULL  CYCLE  RESTART 

A  separate  overcurrent  comparator  within  the  UCC 
3800/1/2/3/4/5  devices  handles  operation  into  a 
short  circuited  or  severely  overloaded  power  sup- 
ply output.  This  overcurrent  comparator  has  a  1 .5 
volt  threshold  and  is  also  gated  by  the  leading 
edge  blanking  signal  to  prevent  false  triggering. 
Once  triggered,  the  overcurrent  comparator  uses 
the  internal  soft  start  capacitor  to  generate  a  delay 
before  retry  is  attempted.  Often  referred  to  as  "hic- 
cup", this  delay  time  is  used  to  significantly  reduce 
the  input  and  dissipated  power  of  the  main  con- 
verter and  switching  components. 

Full  Cycle  Soft  Start  insures  that  there  is  a  predict- 
able delay  of  greater  than  3  milliseconds  between 
successive  attempts  to  operate  during  fault.  The 
circuit  shown  in  figure  20  and  the  timing  diagram  in 
figure  21  show  how  the  IC  responds  to  a  severe 
fault,  such  as  a  saturated  inductor.  When  the  fault 
is  first  detected,  the  internal  soft  start  capacitor  in- 
stantly discharges  and  stays  discharged  until  the 
fault  clears.  At  the  same  time,  the  PWM  output  is 
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turned  off  and  held  off.  When  the  fault  clears,  the 
capacitor  will  slowly  charge  and  will  allow  the  error 
amp  output  (COMP)  to  rise.  When  COMP  gets  high 
enough  to  enable  the  ouput,  another  fault  occurs, 
latching  off  the  PWM  output,  but  the  soft  start  ca- 
pacitor still  continues  to  rise  to  4V  before  being  dis- 
charged and  permitting  start  of  a  new  cycle.  This 
means  that  for  a  severe  fault,  sucessive  retries  will 
be  spaced  by  the  time  required  to  fully  charge  the 
soft  start  capacitor. 

Low  leakage  transformer  designs  are  recom- 
mended in  high  frequency  applications  to  activate 
the  overcurrent  protection  feature.  Otherwise,  the 
switch  current  may  not  ramp  up  sufficiently  to  trig- 
ger the  overcurrent  comparator  within  the  leading 
edge  blanking  duration.  This  condition  would  cause 
continual  cyclical  triggering  of  the  cycle-by-cycle 
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Figure  21. 

current  limit  comparator  but  not  the  overcurrent 
comparator.  This  would  result  in  brief  high  power 
dissipation  durations  in  the  main  converter  at  the 
switching  frequency.  The  intent  of  the  overcurrent 
comparator  is  to  reduce  the  effective  retry  rate  un- 
der these  conditions  to  a  few  milliseconds,  thus 
significantly  lowering  the  short  circuit  power  dissi- 
pation of  the  converter. 


Figure  20. 


Figure  22. 
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SOFT  START 

Internal  soft  starting  of  the  PWM  output  is  accom- 
plished by  gradually  increasing  error  amplifier  (E/A) 
output  voltage.  When  used  in  current  mode  control, 
this  implementation  slowly  raises  the  peak  switch 
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Figure  23. 

current  each  PWM  cycle  in  comparison,  forcing  a 
controlled  start-up.  In  voltage  mode  (duty  cycle) 
control,  this  feature  continually  widens  the  pulse 
width. 

The  soft  start  capacitor  (Css)  is  discharged  follow- 
ing an  undervoltage  lockout  transition  or  if  the  ref- 
erence voltage  is  below  a  minimum  value  for 
normal  operation.  Additionally,  discharge  of  Css  oc- 
curs whenever  the  overcurrent  protection  compara- 
tor is  triggered  by  a  fault. 

Soft  start  is  performed  within  the  UCC3800/- 
1/2/3/4/5  devices  by  clamping  the  E/A  amplifier 
output  to  an  internal  soft  start  capacitor  (Css) 
which  is  charged  by  a  current  source.  The  soft  start 
clamp  circuitry  is  overridden  once  Css  charges 
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above  the  voltage  commanded  by  the  error  ampli- 
fier for  normal  PWM  operation. 
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SWITCH 


Figure  24:  Adding  slope  compensation. 

APPLICATIONS  SECTION: 
CURRENT  MODE  CONTROL 

Peak  current  mode  control  is  obtained  by  feeding 
the  converters  switch  current  waveform  into  the 
current  sense  (Isens)  input  of  a  UCC3800/1/2/3/4/5 
device.  The  sense  resistor  should  be  selected  to 
develop  a  0.9  V  peak  amplitude  at  full  load,  includ- 
ing slope  compensation.  Because  of  the  internal 
100  ns  typical  leading  edge  blanking,  the  traditional 
resistor-capacitor  (Rf/Cf)  filter  to  suppress  the  turn- 
on  noise  spike  may  not  be  needed. 

SLOPE  COMPENSATION 

Slope  compensation  can  be  added  in  all  current 
mode  control  applications  to  cancel  the  peak  to  av- 
erage current  error.  Slope  compensation  is  neces- 
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Figure  27:  Low-power  buck  PWM  example  using  on-chip  power  FETs. 
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Figure  25:  Connecting  UCC3802  for  voltage  mode. 

sary  with  applications  with  duty  cycles  exceeding 
50%,  but  also  improves  performance  in  those  be- 
low 50%. 

Primary  current  is  sensed  using  resistor  Res  in  se- 
ries with  the  converter  switch.  The  timing  resistor 
can  be  broken  up  into  two  series  resistors  to  bias 
up  the  NPN  follower.  This  is  needed  to  provide  am- 
ple compliance  for  slope  compensation  at  the  be- 
ginning of  a  switching  cycle,  especially  with 
continuous  current  converters.  A  NPN  voltage  fol- 
lower drives  the  slope  compensating  programming 
resistor  (Rsc)  to  provide  a  slope  compensating  cur- 
rent into  Cf. 

VOLTAGE  MODE  OPERATION 

Any  current  mode  control  IC  can  be  used  as  a  di- 
rect duty  cycle  control  (voltage  mode)  by  applying 
a  sawtooth  ramp  to  the  current  sense  input.  The 
exponential  charging  of  the  timing  capacitor  (Ct)  is 
used  as  an  approximation  of  a  sawtooth. 
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Figure  26:  a)  Using  the  UCC3805  to  double  VIN. 
b).  Using  the  UCC3805  to  create  Vo  =  -VIN. 

The  oscillator  waveform  is  resistively  divided  down 
by  R1  and  R2  to  a  0.9V  maximum  amplitude  and 
fed  into  the  current  sense  input  for  duty  cycle  con- 
trol. A  small  capacitor  across  R1  might  be  neces- 
sary to  completely  bring  the  current  sense  input  to 
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Figure  28:  A  practical  boost  PWM  example. 
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Figure  20:  A  pr. 


til  : 


I  buck  PWM  that  runs  with  VIM  ; 


zero  volts  at  the  beginning  of  each  RWM  cycle. 
Current  in  the  divider  network  should  be  Kept 
around  SO  mlctoamps,  a  compromise  between  low 
power  consumption  and  good  noise  Immunity.  A 
1  5K  ohm  and  30  K  ohm  are  used  in  the  example. 
This  circuit  can  also  be  used  to  program  the  PWfvl 
maximum  duty  cycle.  Values  should  be  calculated 
to  attain  the  0.9V  current  sense  voltage  at  the  de- 
sired maximum  duty  cycle. 

LOW  POWER  DC/DC  CONVERTERS 
CHARGE  PUMP  CONVERTERS 

Charge  pump  converters  are  popular  for  simple, 
low  power  applications.  The  two  basic  applications 
are  free  running  step-up  and  inverting  switchers 
which  use  few  external  components  as  shown  in 
figure  26. 


LOW  POWER  BUCK  REGULATOR 

For  voltage  step  down  applications,  the  UGG  380x 
totem  pole  output  can  be  used  as  both  the  switch 
and  commulallng  diode  of  the  buck  regulator  (see 
figure  27).  Power  dissipation  and  the  one  amp  peak 
current  rating  of  the  IC's  output  stage  limit  the 
range  of  applications  to  less  than  1  amp  of  output 
current.  High  frequency  operation  permits  the  use 
of  small  and  Inexpensive  surface  mount  compo- 
nents. 

BUCK-BOOST  CONVERTER  for 
VOLTAGE  STEP-UP  and/or  STEP- 
DOWN  APPLICATIONS 

A  two-switch  buck-boost  converter  can  be  control- 
led by  the  UCC380x  family  of  PWMs.  This  specific 
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.  30:  Buck  PWM  using  =  F-MOS  hlgh-sldo  switch. 
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Figure  31.  Simplified  two  switch  buck/boost 
converter  drive  switches  together. 

converter  is  useful  in  applications  where  the  input 
voltage  can  be  both  higher  and  lower  than  the  de- 
sired output  voltage.  Implementation  combines  the 
voltage  step-down  characteristic  of  the  buck  regu- 
lator with  the  voltage  step-up  of  the  boost  con- 
verter. Both  switches  are  driven  simultaneously 
with  this  adaptation  to  simplify  the  control  algo- 
rithm. Note  that  the  PWM  output  of  the  IC  will  be 
used  directly  for  the  high  side  switch  in  a  low  power 
application  thus  requiring  only  one  external  switch. 
Also,  the  body  diode  of  the  lower  side  totem-pole 
output  is  used  as  one  of  the  commutating  rectifiers, 
further  reducing  complexity.  As  shown  in  figure  31, 
this  approach  is  ideal  for  low  voltage,  low  power 
DC  to  DC  applications.  Higher  voltage  and  higher 
power  applications  will  require  the  use  of  discrete 
semiconductors  for  the  high  side  switch  and  lower 
diode. 
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Figure  32.  Buck/boost  PWM  for  low  power  systems. 

Duty  cycle  is  varied  with  input  line  voltage  to  pro- 
vide a  regulated  output.  This  non  isolated  buck- 
boost  converter  can  be  operated  in  either  the 
discontinuous  and  continuous  inductor  current 
modes.  High  frequency  switching  permits  the  use 
of  very  small  and  inexpensive  surface  mount  induc- 
tors for  most  low  power  applications.  The  converter 
can  be  controlled  by  duty  cycle  modulation  (voltage 
mode)  or  current  mode  control,  and  with  or  without 
overcurrent  protection. 


BOOST  CONVERTERS 

The  UCC  3803  and  UCC  3805  devices  are  fully 
operational  from  a  4.5  volt  input  supply  and  are 
ideally  suited  for  5VDC  and  battery  input  PWM 
boost  converter  applications.  MOSFETs  featuring 
"logic  level"  gate  thresholds  are  the  most  likely  can- 
didates for  the  PWM  switch  as  opposed  to  using 
standard  devices  which  typically  require  a  gate 
voltage  near  12  volts  to  be  fully  on.  Currently,  many 
popular  N  channel  MOSFETs  are  available  with 
logic  level  gate  inputs  as  an  option.  Note  that  many 
logic  level  FETs  have  maximum  gate  voltage  rat- 
ings of  +/- 1 0V  as  opposed  to  +/-  20V  for  most  con- 
ventional FETs  which  limits  their  application.  Also 
note  that  the  UCC  380x  devices  will  require  a  cur- 
rent limited  supply  when  used  above  1 2  volts  from 
a  low  impedance  source. 

A  basic  current  mode  controlled  boost  converter 
application  circuit  is  shown  in  figure  28.  Typical 
component  values  for  250  kHz  operation  are  listed 
in  the  following  tables  for  a  1 2V  and  24V  output  ap- 
plications. The  boost  converter  design  equations 
are  summarized  below. 

BOOST  DESIGN  SUMMARY: 

(Discontinuous  inductor  current) 

xf«  +  l' 


lin=  loutx 


t(Off) 

(Kon) 


+  1 


lp- 


t(Off) 

Kperiod 
Kon) 

2  x  tjperiod)  x  loutx  (K°n)  +  Z(off)) 


lp  =  2xlinx  {J 


where  t  (period)  = 


[t(on)  x  t(oft)) 
1 


F  (switching 
Vout  minusVin  (min)  x  Hoff)] 


Cout- 


(Ipx  t(off)  maX) 


ESR (ma^ = 


2  x  dVout 
dVout 


IP 
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VOUT=12VDC 
IOUT  =  0.2,  0.4,  1  ADC 
DISCONTINUOUS  I  MODE 
F(SWITCHING)  =  250kHz 


I  I1MA 


NOTE  1:  Coilcraft  inductor  part  number. 
NOTE  2:  Cout  must  be  low  ESR  and  ESI. 
NOTE  3:  MOSFET  ratings  and  part  number. 
LOGIC  LEVEL  gate  threshold. 

TABLE  2 

VIN=4.5to10VDC 
VOUT  =  24  VDC 
IOUT  =  0.1,0.2,  0.5  ADC 
DISCONTINUOUS  I  MODE 
F(SWITCHING)  =  250kHz 


NOTE  1 :  Coilcraft  inductor  part  number. 
NOTE  2:  Cout  must  be  low  ESR  and  ESI. 
NOTE  3:  MOSFET  ratings  and  part  number. 
LOGIC  LEVEL  gate  threshold. 


IOUT  =  0.1,0.2,  0.5  ADC 
DISCONTINUOUS  I  MODE 
F(SWITCHING)  =  250kHz 


POUT 

3W 

6W 

12W 

D1 

1A/40V 
1N5819 

3A/40V 
1N5822 

6A/45V 
6TQ045 

L 

12uH 

6.8uH 

1.8uH 

PCH- 

27-123 

27-682 

27-182 

Cout 

100uF 

300uF  i 

500uF 

Rcs(ohm) 

0.1 

0.05 

0.033 

or 

2A/50V 
RFL2N05L 

IRLZ14 

IRLZ14 

POUT 

3W 

6W 

12W 

D1 

1A/40V 

1  IN  JO  1  i7 

3A/40V 
1 N5822 

6A/45V 

L 

22uH 

12uH 

3.9uH 

PCH- 

27-223 

27-123 

27-392 

Cout 

100uF 

200uF 

500UF 

Rcs(ohm) 

0.2 

0.1 

0.066 

Q1* 

3A/60V 
IRFF113 

3A/60V 
IRFF113 

IRFF133 

POUT 

3W 

6W 

12W 

D1 

1A/40V 
1N5819 

3A/40V 
1 N5822 

6A/45V 
6TQ045 

L 

12uH 

6.8uH 

3.9uH 

PCH- 

27-123 

27-682 

27-392 

Cout 

100uF 

200uF 

500uF 

Rcs(ohm) 

0.1 

0.05 

0.033 

Q1* 

2A/50V 
RFL2N05L 

8A/50V 
IRLZ14 

IRLZ14 

NOTE  1 :  Coilcraft  inductor  part  number. 
NOTE  2:  Cout  must  be  low  ESR  and  ESI. 
NOTE  3:  MOSFET  ratings  and  part  number. 
LOGIC  LEVEL  gate  threshold. 


BUCK  REGULATOR 

The  buck  regulator  is  a  more  difficult  design  chal- 
lenge than  the  boost  converter  due  to  the  high  side 
switch.  A  transformer  coupled  gate  drive  is  typically 
required  to  deliver  drive  pulses  to  the  switch,  which 
requires  about  ten  volts  above  the  input  voltage  for 
proper  drive.  Current  mode  control  further  compli- 
cates the  design  by  requiring  a  current  transformer 
to  level  shift  the  high  side  current  sense  signal 
down  to  the  ground  based  input  of  the  IC.  In  many 
applications,  direct  duty  cycle  control  (voltage 
mode)  can  be  used  to  simplify  the  design  although 
overcurrent  protection  is  lost  with  common  ground 
applications. 

Several  examples  of  common  buck  regulator  applica- 
tion circuits  are  shown  in  figures  29  and  30.  Direct  duty 
cycle  control  is  used  for  simplicity,  however  current 
mode  control  can  be  easily  adapted  as  shown  in  the 
example.  Tables  listing  component  values  and  typical 
part  numbers  have  been  included. 


o 

a 
a 
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DESIGN  EQUATIONS: 

Vout  =  Vin  *  D  (duty  cycle) 

where  D  =  ^T(~°n\ 
T  (period) 
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L=Voutx 


t(off) 
dlo 


where:  Delta  lo  is  the  inductor  ripple  current  and 
equal  to  one-half  of  the  minimum  output  current. 
Minimum  output  current  has  been  selected  as  10% 
of  the  full  load  current 

lpk=l0  +  ^ 

lin(DC)  =  lout  *  D 

Cout-- 


(8xFxdVout> 


where  F  is  the  switching  frequency  and  A  Vout  is 
the  output  ripple  voltage 


BUCK  REGULATOR  DESIGN  TABLES 
TABLE  4 

VIN  =4.5  to  10  VDC 
VOUT  =  3.3  VDC 
IOUT  =  1 ,  3  and  5  ADC 
CONTINUOUS  I  MODE 
F(SWITCHING)  =  250kHz 
lout(min)  =  lout(max)/10 


IOUT 

1A 

3A 

5A 

D1 

3A/20V 
1N5820 

6A/40V 
6TQ045 

12A/45V 
12TQ045 

L 

39uH 

22uH 

6.8uH 

PCH- 

27-393 

45-223 

45-682 

Cout 

2uF 

4.7uF 

10uF 

Q1* 

8A/60V 
IRLZ14 

8A/60V 
IRLZ14 

IRLZ14 

NOTE  1:  Coilcraft  inductor  part  number. 
NOTE  2:  Cout  must  be  low  ESR  and  ESI. 
NOTE  3:  MOSFET  ratings  and  part  number. 
LOGIC  LEVEL  gate  threshold. 


TABLE  5 

VIN  =  10  to  18  VDC 
VOUT  =  5  VDC 
IOUT  =  1,3  and  5  ADC 
CONTINUOUS  I  MODE 
F(SWITCHING)  =  250kHz 
lout(min)  =  lout(max)/10 


IOUT 

1A 

3A 

5A 

D1 

3A/40V 
1N5822 

6A/40V 
6TQ045 

12A/40V 
12TQ045 

L 

120uH 

39uH 

22uH 

PCH- 

27-1243 

45-393 

45-223 

Cout 

2uF 

5uF 

10uF 

or 

4A/50V 
IRF9Z12 

8A/50V 
IRF9Z22 

12A/50V 
IRF9Z30 

NOTE  1 :  Coilcraft  inductor  part  number. 
NOTE  2:  Cout  must  be  low  ESR  and  ESI. 
NOTE  3:  MOSFET  ratings  and  part  number. 
LOGIC  LEVEL  gate  threshold. 


TABLE  6 

VIN  =  10to18VDC 
VOUT  =  9  VDC 
IOUT  =  1 ,  3,  5  ADC 
CONTINUOUS  I  MODE 
F(SWITCHING)  =  250kHz 
lout(min)  =  lout(max)/10 


IOUT 

1A 

3A 

5A 

D1 

3A/40V 
1N5822 

6A/40V 
6TQ045 

12A/40V 
12TQ045 

L 

39uH 

12uH 

6.9uH 

PCH- 

27-293 

27-123 

27-682 

Cout 

1uF 

3uF 

5uF 

NOTE  1 :  Coilcraft  inductor  part  number. 
NOTE  2:  Cout  must  be  low  ESR  and  ESI. 
NOTE  3:  MOSFET  ratings  and  part  number. 
LOGIC  LEVEL  gate  threshold. 
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OFF-LINE  APPLICATIONS: 
FORWARD  AND  FLYBACK 
CONVERTERS 


Several  benefits  can  be  realized  in  off-line  applica- 
tions by  using  the  Jow  current,  UC380x  BiCMOS 
PWM  controllers.  First,  the  IC  can  be  powered  from 
a  resistor  to  the  rectified  input  voltage  source, 
eliminating  the  bootstrap  winding.  This  applies  to 
most  low  frequency  applications  (50kHz)  where  the 
DC  supply  current  required  for  the  gate  drive  is  low. 
Soft  start  of  the  power  supply  and  delayed  restart 
following  a  fault  requires  no  external  parts.  The  in- 


Figure  33.  Forward  Converter 

ternal  leading  edge  blanking  eliminates  filtering  of 
the  current  sense  signal.  Also,  the  ICs  undervol- 
tage  lockout  thresholds,  internal  Vcc  shunt  regula- 
tor and  active  low  totem  pole  output  eliminate  any 
problematic  gate  drive  operation. 

The  basic  schematic  of  a  forward  converter  is 
shown  in  figure  33,  and  a  flyback  is  shown  in  figure 
34.  In  each,  the  UCC3804  limits  the  maximum  duty 
cycle  to  50%  by  internal  logic,  allowing  time  for  the 
main  transformer  to  reset.  Applications  which  utilize 
higher  maximum  duty  cycles,  for  example  65%, 
should  use  the  UCC  3802  device  without  the  inter- 
nal toggle  flip  flop. 


Figure  34.  Flyback  Converter 


UCC380X  OTHER  APPLICATIONS: 
UNIVERSAL  SYNC  GENERATOR 

The  UCC3803  can  be  used  as  a  synchronization 
(SYNC)  pulse  generator  and  driver  for  a  variety  of 
applications.  Basically,  one  circuit  shown  uses  the 
leading  edge  blanking  duration  as  the  SYNC  out- 
put pulse  width.  The  current  limit  input  is  biased  at 
1.25  volts  to  terminate  the  output  pulse  immedi- 
ately after  the  ICs  internal  blanking  pulse  width. 


+5V 


SLAVE1 


SLAVE2 


Figure  35.  Synchronization  Circuit 

The  oscillator  is  resistively  programmed  to  a  DC 
level  of  1 .25  volts  also,  midway  between  its  upper 
and  lower  thresholds.  When  a  TTL  compatible 
SYNC  pulse  is  injected,  the  amplitude  at  the  oscil- 
lator input  is  raised  above  its  upper  threshold.  This 
turns  on  the  internal  discharge  circuitry  which  pulls 
the  pin  to  about  0.2  volts,  crossing  the  lower  oscil- 
lator threshold.  Once  this  occurs,  the  discharge 
transistor  is  turned  off  and  the  ICs  output  is  turned 
on,  generating  the  SYNC  pulse.  Note  that  the  cur- 
rent sense  input  is  biased  to  turn  the  ICs  output  off 
following  the  leading  edge  blanking  duration,  which 
is  used  to  program  the  SYNC  output  pulse  width. 
This  1 00  nanosecond  duration  is  ideal  for  synchro- 
nizing most  PWMs  used  today  with  the  technique 
shown. 

This  circuit  can  be  adapted  to  generate  other  width 
pulses  with  minor  modifications.  A  capacitor  can  be 
added  across  the  lower  resistor  in  the  divider  net- 
work to  the  current  sense  input  for  extending  the 
pulse  width.  Note  that  the  voltage  must  be  limited 
below  1 .4  volts  or  a  full  cycle  soft  start  will  be  in- 
curred. Also,  this  capacitor  must  be  discharged  be- 
fore the  beginning  of  each  pulse  for  proper  timing 
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T1 


110  VAC 

PRI 
12  VAC 
SEC. 


R1 


B2t 


R3 


R4: 


APPROX  12  VDC 


1  ucc  6 

380X  8 

2 

3  4 
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FOR  1V 
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5V 


,  o 


RT 


1RF  " 
11A2 


RESET 


PROGRAMMABLE  CURRENT  ADJUST 

Figure  36.  Electronic  circuit  breaker  application. 
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T2 


TO  AC 
LOAD 


ISENSE 


to  occur.  One  recommendation  is  to  diode  couple 
the  current  sense  input  to  the  oscillator  Rt/Ct  pin. 
External  circuits  can  also  be  used  tor  more  precise 
programming. 


per  oscillator  threshold  of  approximately  2.7  volts. 
The  VFO  current  source  can  be  generated  by  an 
external  op-amp  for  general  purpose  applications 
as  shown. 


n 


1 


EXTERNAL 
OPAMP 


Figure  38.  Using  UCC380x  as  a  VFO. 


Figure  37.  Synchronization  Circuit  Waveforms 

VFO  APPLICATIONS 

Members  of  the  UCC380X  family  of  devices  are 
adaptable  for  use  in  variable  frequency  applica- 
tions. The  most  direct  means  of  accomplishing  this 
is  to  vary  the  charging  current  to  the  oscillator  tim- 
ing capacitor.  Note  that  the  minimum  compliance 
voltage  of  the  current  source  must  exceed  the  up- 


Some  VFO  applications  can  utilize  the  ICs  internal 
error  amplifier  to  vary  the  frequency  over  a  pro- 
grammed minimum  and  maximum  frequency 
range.  This  is  done  by  programming  the  minimum 
frequency  by  a  resistor  to  Vref.  Another  current 
sink/source  is  formed  by  a  resistor  to  the  E/A  out- 
put. This  arrangement  performs  frequency  modula- 
tion as  the  E/A  output  voltage  is  varied. 
Applications  which  require  a  fixed  50%  duty  cycle 
at  varying  frequencies,  electronic  ballasts,  for  ex- 
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VFO  INPUT 

(0-5V)  p~ 


75K 

>  *V\fv— 


RT 


100K 


VREF 
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380X 
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RT/CT 


^  CT 

Figure  39:  Using  the  error  amplifier  to  make  a 


ample,  should  use  the  UCC3804  or  UCC3805  de- 
vices. Output  frequency  from  these  will  be  one-half 
of  the  ICs  oscillator  due  to  the  internal  divide-by- 
two  gating  circuitry. 

FIXED  OFF-TIME  APPLICATIONS 

Obtaining  a  fixed  off-time,  variable  on-time  control 
technique  is  easily  implemented  with  the  UCC380X 
family.  The  oscillator  Rt/Ct  timing  components  are 
used  to  generate  the  off-time  rather  than  the  oper- 
ating frequency.  Implementation  is  shown  in  the 
corresponding  figure  40. 


OUT 


VREF 


RT/CT 


Figure  40:  Fixed  off-time  control. 
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FULL  DUTY  CYCLE  APPLICATIONS 

Any  of  the  UCC380X  PWM  controllers  can  be  used 
at  full  (100%)  duty  cycle.  This  mode  of  operation 
may  be  required  in  certain  applications,  including 
DC  switch  drivers.  Implementation  requires  'freez- 
ing" the  oscillator  so  that  the  output  stays  high  until 
it  is  time  to  turn  off.  Switch  Q1  insures  that  the 
PWM  output  is  high  when  switch  Q2  is  activated  to 
stop  the  oscillator.  Current  limiting  can  still  be  ac- 
complished by  using  the  current  sense  feature  of 
the  IC,  in  addition  to  modulating  the  peak  current 
via  the  error  amplifier. 


OUT  {6} 


REF  [8 


RT/CT  m 


Figure  41. 100%  Duty  Cycle  Circuit 

HIGH  SPEED,  PROGRAMABLE  ELEC- 
TRONIC CIRCUIT  BREAKER 

A  high  speed,  programmable  electronic  circuit 
breaker  can  be  built  using  the  UCC380X  family  to 
perform  the  control  and  MOSFET  drive  functions. 
Basically,  back-to-back  power  MOSFETS  are  used 
as  the  switching  element  although  an  SCR,  TRIAC 
or  bipolar  switch  can  also  be  used.  The  MOSFETS 
are  connected  with  the  sources  tied  together  to 
simplify  the  gate  drive  while  providing  a  blocking 
path  to  current  in  either  direction.  Current  limiting 
for  an  AC  supply  requires  a  current  transformer, 
also  shown,  which  can  be  simplified  to  a  resistor 
for  use  in  DC  input  applications.  The  current  sense 
input  to  the  IC  can  either  be  biased  up  for  lower 
power  loss  in  the  current  sense  network,  or  pro- 
grammed by  adjusting  the  error  amplifier  output 
voltage  to  yield  a  similar  result. 
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SWITCHING  COMPONENT  NOTES: 
P  CHANNEL  MOSFET  SWITCHES 

Logic  level  P  channel  MOSFETs  are  unavailable 
today  which  limits  the  use  of  P  channel  MOSFETs 
to  those  with  input  voltages  greater  than  about  ten 
volts  for  proper  gate  drive.  The  P  channel  switch 
will  also  require  a  small  N  channel  device  to  invert 
its  gate  drive  command,  due  to  the  active  high  out- 
put of  the  PWM  (figure  30).  High  speed  PNP  tran- 
sistors are  also  a  suitable  choice  for  some 
applications. 

N  CHANNEL  MOSFET  SWITCHES 

Proper  gate  drive  for  N  channel  high  side  switches 
will  require  a  supply  voltage  which  is  several  volts 
above  the  input  voltage.  This  is  not  a  problem  in 
five  volt  input  applications  using  logic  level  FETs  if 
a  nine  volt  (or  higher)  supply  is  also  available.  If 
not,  one  option  is  to  construct  a  very  low  power 
boost  converter  to  generate  the  nine  volt  supply  to 
power  the  IC  and  gate  drive.  The  boost  converter 
switch  can  be  driven  from  the  UCC380X  output 
which  is  switching  the  main  output  (figure  29). 
Small,  inexpensive  surface  mount  inductors, 
switches  and  diodes  are  readily  available.  Another 
possibility  is  to  build  a  charge  pump  circuit  driven 
from  the  PWM  output,  provided  that  only  a  few 
volts  of  headroom  are  required. 

GATE  DRIVE  TRANSFORMER 

Higher  input  voltage  applications  using  high-side 
switches  will  require  a  gate  drive  transformer  due 
to  12  volt  maximum  supply  rating  of  the  UCC  380x 
IC  family.  A  small  ferrite  toroid  with  two  windings 
and  minimal  insulation  is  typically  used.  A  capacitor 
is  placed  in  series  with  the  primary  and  is  needed 
for  proper  reset  of  the  core.  The  DC  offset  intro- 
duced by  the  capacitor  will  effect  the  primary  to 
secondary  turns  ratio  of  the  transformer  which  is 
dependant  on  the  application.  A  PULSE  Engineer- 
ing (phone  61 9-268-2400)  model  PE-64973  can  be 
employed  in  most  Buck  regulator  designs. 

CURRENT  SENSE  TRANSFORMER 

A  current  sense  transformer  is  required  in  the  buck 
regulator  application  for  current  mode  control.  This 
transformer  is  used  to  level  shift  the  current  signal 
from  the  high  side  input  supply  to  the  ground  refer- 
enced PWM  circuitry.  A  high  turns  ratio  should  be 
incorporated  to  reduce  power  dissipation.  Parasitic 
noise  can  be  minimized  by  inserting  the  trans- 


former in  series  with  the  drain  of  the  power  switch 
as  opposed  to  its  source.  A  PULSE  Engineering 
(phone  619-268-2400)  model  PE-64978  current 
transformer  with  a  one  turn  primary  and  50  turn 
secondary  can  be  used  in  most  applications. 

ADDITIONAL  INFORMATION 

1.  UNITRODE  Application  Note  U-100A; 
"  The  UC3842/3/4/5  Series  of  Current 
Mode  PWM  ICs"  : 

.  UC3842/3/4/5  PWMs 

•  Applications  Information 

2.  UNITRODE  Application  Note  U-1 1 1 ; 
"  Practical  Considerations  in  Current 
Mode  Power  Supplies" ; 
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UC3854  Controlled  Power  Factor  Correction  Circuit  Design 

PHILIP  C.  TODD 


ABSTRACT 

This  Application  Note  describes  the  concepts  and  design  of  a  boost  preregulator  for  power  factor  correc- 
tion. This  note  covers  the  important  specifications  for  power  factor  correction,  the  boost  power  circuit  de- 
sign and  the  UC3854  integrated  circuit  which  controls  the  converter.  A  complete  design  procedure  is  given 
which  includes  the  tradeoffs  necessary  in  the  process.  This  design  procedure  is  directly  applicable  to  the 
UC3854A/B  as  well  as  the  UC3854.  The  recommendations  in  Unitrode  Design  Note  DN-39  cover  other  ar- 
eas of  the  circuit  and,  while  not  discussed  here,  must  be  considered  in  any  design.  This  application  note 
supersedes  Application  Note  U-12S  "Power  Factor  Correction  With  the  UC3854." 


INTRODUCTION 

The  objective  of  active  power  factor  correction  is  to 
make  the  input  to  a  power  supply  look  like  a  simple 
resistor.  An  active  power  factor  corrector  does  this 
by  programming  the  input  current  in  response  to 
the  input  voltage.  As  long  as  the  ratio  between  the 
voltage  and  current  is  a  constant  the  input  will  be 
resistive  and  the  power  factor  will  be  1 .0.  When  the 
ratio  deviates  from  a  constant  the  input  will  contain 
phase  displacement,  harmonic  distortion  or  both 
and  either  one  will  degrade  the  power  factor. 

The  most  general  definition  of  power  factor  is  the 
ratio  of  real  power  to  apparent  power. 


PF  = 


(  Vrms  x  Irms  ) 


Where  P  is  the  real  input  power  and  Vrms  and  Irms 
are  the  root  mean  square  (RMS)  voltage  and  cur- 
rent of  the  load,  or  power  factor  corrector  input  in 
this  case.  If  the  load  is  a  pure  resistance  the  real 
power  and  the  product  of  the  RMS  voltage  and  cur- 
rent will  be  the  same  and  the  power  factor  will  be 
1 .0.  If  the  load  is  not  a  pure  resistance  the  power 
factor  will  be  below  1 .0. 

Phase  displacement  is  a  measure  of  the  reactance 
of  the  input  impedance  of  the  active  power  factor 
corrector.  Any  amount  of  reactance,  either  induc- 
tive or  capacitive  will  cause  phase  displacement  of 


the  input  current  waveform  with  respect  to  the  input 
voltage  waveform.  The  phase  displacement  of  the 
voltage  and  current  is  the  classic  definition  of 
power  factor  which  is  the  cosine  of  the  phase  angle 
between  the  voltage  and  current  sinusoids. 

PF  =  Cose 

The  amount  of  displacement  between  the  voltage 
and  current  indicates  the  degree  to  which  the  load 
is  reactive.  If  the  reactance  is  a  small  part  of  the 
impedance  the  phase  displacement  will  be  small. 
An  active  power  factor  corrector  will  generate 
phase  displacement  of  the  input  current  if  there  is 
phase  shift  in  the  feedforward  signals  or  in  the  con- 
trol loops.  Any  filtering  of  the  AC  line  current  will 
also  produce  phase  displacement. 

Harmonic  distortion  is  a  measure  of  the  non-linear- 
ity of  the  input  impedance  of  the  active  power  fac- 
tor corrector.  Any  variation  of  the  input  impedance 
as  a  function  of  the  input  voltage  will  cause  distor- 
tion of  the  input  current  and  this  distortion  is  the 
other  contributor  to  poor  power  factor.  Distortion  in- 
creases the  RMS  value  of  the  current  without  in- 
creasing the  total  power  being  drawn.  A  non-linear 
load  will  therefore  have  a  poor  power  factor  be- 
cause the  RMS  value  of  the  current  is  high  but  the 
total  power  delivered  is  small.  If  the  non-linearity  is 
small  the  harmonic  distortion  will  be  low.  Distortion 
in  an  active  power  factor  corrector  comes  from 
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several  sources:  the  feedforward  signals,  the  feed- 
back loops,  the  output  capacitor,  the  inductor  and 
the  input  rectifiers. 

An  active  power  factor  corrector  can  easily  achieve 
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a  high  input  power  factor,  usually  much  greater 
than  0.9.  But  power  factor  is  not  a  sensitive  meas- 
ure of  the  distortion  or  the  displacement  of  the  cur- 
rent waveform.  It  is  often  more  convenient  to  deal 
with  these  quantities  directly  rather  than  with  the 
power  factor.  For  example,  3%  harmonic  distortion 
alone  has  a  power  factor  of  0.999.  A  current  with 
30%  total  harmonic  distortion  still  has  a  power  fac- 
tor of  0.95.  A  current  with  a  phase  displacement  of 
25  degrees  from  the  voltage  has  a  power  factor  of 
0.90. 

The  trend  among  the  world  standards  organiza- 
tions responsible  for  power  quality  is  to  specify 
maximum  limits  for  the  amount  of  current  allowed 
at  each  of  the  harmonics  of  the  line  frequency.  IEC 
555-2  specifies  each  harmonic  up  through  and  be- 
yond the  15th  and  the  amount  of  current  permissi- 
ble at  each.  Table  1  lists  the  requirements  for  IEC 
555-2  as  of  the  time  of  this  writing.  There  are  two 
parts  to  the  specification,  a  relative  distortion  and 
an  absolute  distortion  maximum.  Both  limits  apply 
to  all  equipment.  This  table  is  included  here  as  an 
example  of  a  line  distortion  specification.  It  is  not 
intended  to  be  used  for  design  purposes.  The  IEC 
has  not  finalized  the  requirements  of  IEC  555  at 
this  time  and  major  changes  are  possible. 

Active  Power  Factor  Correction 

A  boost  regulator  is  an  excellent  choice  for  the 
power  stage  of  an  active  power  factor  corrector  be- 
cause the  input  current  is  continuous  and  this  pro- 
duces the  lowest  level  of  conducted  noise  and  the 
best  input  current  waveform.  The  disadvantage  of 
the  boost  regulator  is  the  high  output  voltage  re- 
quired. The  output  voltage  must  be  greater  than 
the  highest  expected  peak  input  voltage. 

The  boost  regulator  input  current  must  be  forced  or 
programmed  to  be  proportional  to  the  input  voltage 
waveform  for  power  factor  correction.  Feedback  is 
necessary  to  control  the  input  current  and  either 
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Figure  1 


Basic  Configuration  of  High  Power  Factor 
Control  Circuit 


peak  current  mode  control  or  average  current 
mode  control  may  be  used.  Both  techniques  may 
be  implemented  with  the  UC3854.  Peak  current 
mode  control  has  a  low  gain,  wide  bandwidth  cur- 
rent loop  which  generally  makes  it  unsuitable  for  a 
high  performance  power  factor  corrector  since 
there  is  a  significant  error  between  the  program- 
ming signal  and  the  current.  This  will  produce  dis- 
tortion and  a  poor  power  factor. 

Average  current  mode  control  is  based  on  a  simple 


concept.  An  amplifier  is  used  in  the  feedback  loop 
around  the  boost  power  stage  so  that  input  current 
tracks  the  programming  signal  with  very  little  error. 
This  is  the  advantage  of  average  current  mode 
control  and  it  is  what  makes  active  power  factor 
correction  possible.  Average  current  mode  control 
is  relatively  easy  to  implement  and  is  the  method 
described  here. 

A  block  diagram  of  a  boost  power  factor  corrector 
circuit  is  shown  in  Figure  1 .  The  power  circuit  of  a 
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Figure  2.  Preregulator  Waveforms 
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boost  power  factor  corrector  is  the  same  as  that  of 
a  dc  to  dc  boost  converter.  There  is  a  diode  bridge 
ahead  of  the  inductor  to  rectify  the  AC  input  volt- 
age but  the  large  input  capacitor  which  would  nor- 
mally be  associated  with  the  AC  to  DC  conversion 
function  has  been  moved  to  the  output  of  the  boost 
converter.  If  a  capacitor  follows  the  input  diode 
bridge  it  is  a  small  one  used  only  for  noise  control. 

The  output  of  the  boost  regulator  is  a  constant  volt- 
age but  the  input  current  is  programmed  by  the  in- 
put voltage  to  be  a  half  sine  wave.  The  power  flow 


Control  Circuits 

An  active  power  factor  corrector  must  control  both 
the  input  current  and  the  output  voltage.  The  cur- 
rent loop  is  programmed  by  the  rectified  line  volt- 
age so  that  the  input  to  the  converter  will  appear  to 
be  resistive.  The  output  voltage  is  controlled  by 
changing  the  average  amplitude  of  the  current  pro- 
gramming signal.  An  analog  multiplier  creates  the 
current  programming  signal  by  multiplying  the  rec- 
tified line  voltage  with  the  output  of  the  voltage  er- 
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Figure  3.  High  Power  Factor 


into  the  output  capacitor  is  not  constant  but  is  a 
sine  wave  at  twice  the  line  frequency  since  power 
is  the  instantaneous  product  of  voltage  an  current. 
This  is  shown  in  Figure  2.  The  top  waveform 
shows  the  voltage  and  the  current  into  the  power 
factor  corrector  and  the  second  waveform  shows 
the  flow  of  energy  into  and  out  of  the  output  ca- 
pacitor. The  output  capacitor  stores  energy  when 
the  input  voltage  is  high  and  releases  the  energy 
when  the  input  voltage  is  low  to  maintain  the  out- 
put power  flow.  The  third  waveform  in  Figure  2 
shows  the  charging  and  discharging  current.  This 
current  has  a  different  shape  from  the  input  current 
and  is  almost  entirely  at  the  second  harmonic  of 
the  AC  line  voltage.  This  flow  of  energy  into  and 
out  of  the  capacitor  results  in  ripple  voltage  at  the 
second  harmonic  also  and  this  is  shown  in  the 
fourth  waveform  in  Figure  2.  Note  that  the  voltage 
ripple  is  displaced  by  90  degrees  relative  to  the 
current  since  this  is  reactive  energy  storage.  The 
output  capacitor  must  be  rated  to  handle  the  sec- 
ond harmonic  ripple  current  as  well  as  the  high  fre- 
quency ripple  current  from  the  boost  converter 
switch  which  modulates  it. 


ror  amplifier  so  that  the  current  programming  sig- 
nal has  the  shape  of  the  input  voltage  and  an  aver- 
age amplitude  which  controls  the  output  voltage. 
Figure  3  is  a  block  diagram  which  shows  the  basic 
control  circuit  arrangement  necessary  for  an  active 
power  factor  corrector.  The  output  of  the  multiplier 
is  the  current  programming  signal  and  is  called  Imo 
for  multiplier  output  current.  The  multiplier  input 
from  the  rectified  line  voltage  is  shown  as  a  current 
in  Figure  3  rather  than  as  a  voltage  signal  because 
this  is  the  way  it  is  done  in  the  UC3854. 

Figure  3  shows  a  squarer  and  a  divider  as  well  as 
a  multiplier  in  the  voltage  loop.  The  output  of  the 
voltage  error  amplifier  is  divided  by  the  square  of 
the  average  input  voltage  before  it  is  multiplied  by 
the  rectified  input  voltage  signal.  This  extra  cir- 
cuitry keeps  the  gain  of  the  voltage  loop  constant, 
without  it  the  gain  of  the  voltage  loop  would  change 
as  the  square  of  the  average  input  voltage.  The  av- 
erage value  of  the  input  voltage  is  called  the  feed- 
forward voltage  or  Vff  since  it  provides  an  open 
loop  correction  which  is  fed  forward  into  the  volt- 
age loop.  It  is  squared  and  then  divided  into  the 
voltage  error  amplifier  output  voltage  (Vvea). 
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The  current  programming  signal  must  match  the 
rectified  line  voltage  as  closely  as  possible  to  maxi- 
mize the  power  factor.  If  the  voltage  loop  band- 
width were  large  it  would  modulate  the  input 
current  to  keep  the  output  voltage  constant  and 
this  would  distort  the  input  current  horribly.  There- 
fore the  voltage  loop  bandwidth  must  be  less  than 
the  input  line  frequency.  But  the  output  voltage 
transient  response  must  be  fast  so  the  voltage  loop 
bandwidth  must  be  made  as  large  as  possible.  The 
squarer  and  divider  circuits  keep  the  loop  gain  con- 
stant so  the  bandwidth  can  be  as  close  as  possible 
to  the  line  frequency  to  minimize  the  transient  re- 
sponse of  the  output  voltage.  This  is  especially  im- 
portant for  wide  input  voltage  ranges. 

The  circuits  which  keep  the  loop  gain  constant 
make  the  output  of  the  voltage  error  amplifier  a 
power  control.  The  output  of  the  voltage  error  am- 
plifier actually  controls  the  power  delivered  to  the 
load.  This  can  be  seen  easily  from  an  example.  If 
the  output  of  the  voltage  error  amplifier  is  constant 
and  the  input  voltage  is  doubled  the  programming 
signal  will  double  but  it  will  be  divided  by  the 
square  of  the  feedforward  voltage,  or  four  times  the 
input,  which  will  result  in  the  input  current  being  re- 
duced to  half  its  original  value.  Twice  the  input  volt- 
age times  half  the  input  current  results  in  the  same 
input  power  as  before.  The  output  of  the  voltage 
error  amplifier,  then,  controls  the  input  power  level 
of  the  power  factor  corrector.  This  can  be  used  to 
limit  the  maximum  power  which  the  circuit  can 
draw  from  the  power  line.  If  the  output  of  the  volt- 
age error  amplifier  is  clamped  at  some  value  that 
corresponds  to  some  maximum  power  level,  then 
the  active  power  factor  corrector  will  not  draw  more 
than  that  amount  of  power  from  the  line  as  long  as 
the  input  voltage  is  within  its  range. 

Input  Distortion  Sources 

The  control  circuits  introduce  both  distortion  and 
displacement  into  the  input  current  waveform. 
These  errors  come  from  the  input  diode  bridge,  the 
multiplier  circuits  and  ripple  voltage,  both  on  the 
output  and  on  the  feedforward  voltage. 

There  are  two  modulation  processes  in  an  active 
power  factor  corrector.  The  first  is  the  input  diode 
bridge  and  the  second  is  the  multiplier,  divider, 
squarer  circuit.  Each  modulation  process  gener- 
ates cross  products,  harmonics  or  sidebands  be- 
tween the  two  inputs.  The  description  of  these 
mathematically  can  be  quite  complex.  Interestingly 
enough,  however,  the  two  modulators  interact  and 
one  becomes  a  demodulator  for  the  other  so  that 
the  result  is  quite  simple.  As  shown  later,  virtually 
all  of  the  ripple  voltages  in  an  active  power  factor 
corrector  are  at  the  second  harmonic  of  the  line 
frequency.  When  these  voltages  go  through  the 


multiplier  and  get  programmed  into  the  input  cur- 
rent and  then  go  through  the  input  diode  bridge  the 
second  harmonic  voltage  amplitude  results  in  two 
frequency  components.  One  is  at  the  third  har- 
monic of  the  line  frequency  and  the  other  is  at  the 
fundamental.  Both  of  these  components  have  an 
amplitude  which  is  half  of  the  amplitude  of  the 
original  second  harmonic  voltage.  They  also  have 
the  same  phase  as  the  original  second  harmonic.  If 
the  ripple  voltage  is  10%  of  the  line  voltage  ampli- 
tude and  is  phase  shifted  90  degrees  the  input  cur- 
rent will  have  a  third  harmonic  which  is  5%  of  the 
fundamental  and  is  shifted  90  degrees  and  a  fun- 
damental component  which  is  5%  of  the  line  cur- 
rent and  is  displaced  by  90  degrees. 

The  feedforward  voltage  comes  from  the  rectified 
AC  line  which  has  a  second  harmonic  component 
that  is  66%  of  the  amplitude  of  the  average  value. 
The  filter  capacitors  of  the  feedforward  voltage  di- 
vider greatly  attenuate  the  second  harmonic  and 
effectively  remove  all  of  the  higher  harmonics  but 
some  of  the  second  harmonic  is  still  present  at  the 
feedforward  input.  This  ripple  voltage  is  squared  by 
the  control  circuits  as  shown  in  Figure  3.  This  dou- 
bles the  amplitude  of  the  ripple  since  it  is  riding  on 
top  of  a  large  DC  value.  The  divider  process  is 
transparent  to  the  ripple  voltage  so  it  passes  on  to 
the  multiplier  and  eventually  becomes  third  har- 
monic distortion  of  the  input  current  and  a  phase 
displacement.  The  doubling  action  of  the  squarer 
means  that  the  amplitude  of  the  input  current  dis- 
tortion in  percent  is  the  same  as  the  amplitude  of 
the  ripple  voltage,  in  percent,  at  the  feedforward  in- 
put. 

Needless  to  say,  the  feedforward  ripple  voltage 
must  be  kept  small  to  achieve  a  low  distortion  input 
current.  The  ripple  voltage  could  be  made  small 
with  a  single  pole  filter  with  a  very  low  cutoff  fre- 
quency. However,  fast  response  to  changes  of  the 
input  voltage  is  also  desirable  so  the  response 
time  of  the  filter  must  be  fast.  These  two  require- 
ments are,  of  course,  in  conflict  and  a  compromise 
must  be  found.  A  two  pole  filter  on  the  feedforward 
input  has  a  faster  transient  response  than  a  single 
pole  filter  for  the  same  amount  of  ripple  attenu- 
ation. Another  advantage  of  the  two  pole  filter  has 
is  that  the  phase  shift  is  twice  that  of  the  single 
pole  filter.  This  results  in  180  degrees  of  phase 
shift  of  the  second  harmonic  and  brings  both  the 
resulting  third  harmonic  and  the  displacement 
component  of  the  input  current  back  in  phase  with 
the  voltage.  A  second  harmonic  ripple  voltage  of 
3%  at  the  feedforward  input  results  in  a  0.97  power 
factor  just  from  the  displacement  component  if  a 
single  pole  filter  is  used  for  the  feedforward  volt- 
age. With  a  two  pole  filter  there  is  no  displacement 
component  to  the  power  factor  because  it  is  in 
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phase  with  the  input  current.  The  third  harmonic 
component  of  the  input  current  resulting  from  the 
second  harmonic  at  the  feedforward  input  will  have 
the  same  amplitude  as  the  second  harmonic  ripple 
voltage.  If  3%  second  harmonic  is  present  on  the 
feedforward  voltage  the  line  current  waveform  will 
contain  3%  third  harmonic  distortion. 

The  output  voltage  has  ripple  at  the  second  har- 
monic due  to  the  ripple  current  flowing  through  the 
output  capacitor.  This  ripple  voltage  is  fed  back 
through  the  voltage  error  amplifier  to  the  multiplier 
and,  like  the  feedforward  voltage,  programs  the  in- 
put current  and  results  in  second  harmonic  distor- 
tion of  the  input  current.  Since  this  ripple  voltage 
does  not  go  through  the  squarer  the  amplitude  of 
the  distortion  and  displacement  are  each  half  of  the 
amplitude  of  the  ripple  voltage.  The  ripple  voltage 
at  the  output  of  the  voltage  error  amplifier  must  be 
in  phase  with  the  line  voltage  for  the  displacement 
component  to  be  in  phase.  The  voltage  error  am- 
plifier must  shift  the  second  harmonic  by  90  de- 
grees so  that  it  will  be  in  phase  with  the  line 
voltage. 
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Figure  4.  Cusp  Distortion 

The  voltage  loop  of  a  boost  converter  with  average 
current  mode  control  has  a  control  to  output  trans- 
fer function  which  has  a  single  pole  roll  off  charac- 
teristic so  it  could  be  compensated  with  a  flat  gain 
error  amplifier.  This  produces  a  very  stable  loop 
with  90  degrees  of  phase  margin.  However,  it  pro- 
vides less  than  optimum  performance.  The  ripple 
voltage  on  the  output  capacitor  is  out  of  phase  with 
the  input  current  by  90  degrees.  If  the  error  ampli- 
fier has  flat  gain  at  the  second  harmonic  frequency 
the  distortion  and  displacement  generated  in  the 
input  current  will  be  90  degrees  out  of  phase  with 
the  rectified  AC  line.  The  power  factor  can  be  im- 
proved by  introducing  phase  shift  into  the  voltage 
error  amplifier  response.  This  shifts  the  displace- 
ment component  of  the  power  factor  back  into 
alignment  with  the  input  voltage  and  increases  the 
power  factor.  The  amount  of  phase  shift  which  can 
be  added  is  determined  by  the  need  to  keep  the 


voltage  loop  stable.  If  the  phase  margin  is  reduced 
to  45  degrees  the  phase  at  the  second  harmonic 
will  be  very  close  to  90  degrees  and  this  brings  the 
displacement  component  back  in  phase  with  the 
input  voltage. 

The  bandwidth  of  the  voltage  control  loop  is  deter- 
mined by  the  amount  of  input  distortion  to  be  con- 
tributed by  the  output  ripple  voltage.  If  the  output 
capacitor  is  small  and  the  distortion  must  be  low 
then  the  bandwidth  of  the  loop  will  be  low  so  that 
the  ripple  voltage  will  be  sufficiently  attenuated  by 
the  error  amplifier.  Transient  response  is  a  function 
of  the  loop  bandwidth  and  the  lower  the  bandwidth 
the  slower  the  transient  response  and  the  greater 
the  overshoot.  The  output  capacitor  may  need  to 
be  large  to  have  both  fast  output  transient  re- 
sponse and  low  input  current  distortion. 

The  technique  used  to  design  the  loop  compensa- 
tion is  to  find  the  amount  of  attenuation  of  the  out- 
put ripple  voltage  required  in  the  error  amplifier  and 
then  work  back  into  the  unity  gain  frequency.  The 
loop  will  have  the  maximum  bandwidth  when  the 
phase  margin  is  the  smallest.  A  45  degree  phase 
margin  is  a  good  compromise  which  will  give  good 
loop  stability  and  fast  transient  response  and  which 
is  easy  to  design.  The  voltage  error  amplifier  re- 
sponse which  results  will  have  flat  gain  up  to  the 
loop  unity  gain  frequency  and  will  have  a  single 
pole  roll  off  above  that  frequency.  This  gives  the 
maximum  amount  of  attenuation  at  the  second  har- 
monic of  the  line  frequency  from  a  simple  circuit, 
gives  the  greatest  bandwidth  and  provides  a  45  de- 
gree phase  margin. 

Cusp  Distortion 

Cusp  distortion  occurs  just  after  the  AC  line  input 
has  crossed  zero  volts.  At  this  point  the  amount  of 
current  which  is  required  by  the  programming  sig- 
nal exceeds  the  available  current  slew  rate.  When 
the  input  voltage  is  near  zero  there  is  very  little 
voltage  across  the  inductor  when  the  switch  is 
closed  so  the  current  cannot  ramp  up  very  quickly 
so  the  available  slew  rate  is  too  low  and  the  input 
current  will  lag  behind  the  desired  value  for  a  short 
period  of  time.  Once  the  input  current  matches  the 
programmed  value  the  control  loop  is  back  in  op- 
eration and  the  input  current  will  follow  the  pro- 
gramming signal.  The  length  of  time  that  the 
current  does  not  track  the  programmed  value  is  a 
function  of  the  inductor  value.  The  smaller  the  in- 
ductor value  the  better  the  tracking  and  the  lower 
the  distortion  but  the  smaller  inductor  value  will 
have  higher  ripple  current.  The  amount  of  distortion 
generated  by  this  condition  is  generally  small  and 
is  mostly  higher  order  harmonics.  This  problem  is 
minimized  by  a  sufficiently  high  switching  fre- 
quency. 
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UC3854  Block  Diagram 

A  block  diagram  of  the  UC3854  is  shown  in  Figure 
5  and  is  the  same  as  the  one  in  the  device  data 
sheet.  This  integrated  circuit  contains  the  circuits 
necessary  to  control  a  power  factor  corrector.  The 
UC3854  is  designed  to  implement  average  current 
mode  control  but  is  flexible  enough  to  be  used  for  a 
wide  variety  of  power  topologies  and  control  meth- 
ods. 

The  top  left  corner  of  Figure  5  contains  the  under 
voltage  lock  out  comparator  and  the  enable  com- 
parator. The  output  of  both  of  these  comparators 
must  be  true  to  allow  the  device  to  operate.  The  in- 
verting input  to  the  voltage  error  amplifier  is  con- 
nected to  pin  11  and  is  called  Vsens.  The  diodes 
shown  around  the  voltage  error  amplifier  are  in- 
tended to  represent  the  functioning  of  the  internal 
circuits  rather  than  to  show  the  actual  devices.  The 
diodes  shown  in  the  block  diagram  are  ideal  di- 
odes and  indicate  that  the  non-inverting  input  to 
the  error  amplifier  is  connected  to  the  7.5Vdc  refer- 
ence voltage  under  normal  operation  but  is  also 
used  for  the  slow  start  function.  This  configuration 
lets  the  voltage  control  loop  begin  operation  before 
the  output  voltage  has  reached  its  operating  point 
and  eliminates  the  turn-on  overshoot  which 
plagues  many  power  supplies.  The  diode  shown 
between  pin  11  and  the  inverting  input  of  the  error 
amplifier  is  also  an  ideal  diode  and  is  shown  to 
eliminate  confusion  about  whether  there  might  be 
an  extra  diode  drop  added  to  the  reference  or  not. 
In  the  actual  device  we  do  it  with  differential  ampli- 
fiers. An  internal  current  source  is  also  provided  for 
charging  the  slow  start  timing  capacitor. 

The  output  of  the  voltage  error  amplifier,  Vvea,  is 
available  on  pin  7  of  the  UC3854  and  it  is  also  an 


input  to  the  multiplier.  The  other  input  to  the  multi- 
plier is  pin  6,  lac,  and  this  is  the  input  for  the  pro- 
gramming wave  shape  from  the  input  rectifiers. 
This  pin  is  held  at  6.0  volts  and  is  a  current  input. 
The  feedforward  input,  Vff,  is  pin  8  and  its  value  is 
squared  before  being  fed  into  the  divider  input  of 
the  multiplier.  The  Iset  current  from  pin  1 2  is  also 
used  in  the  multiplier  to  limit  the  maximum  output 
current.  The  output  current  of  the  multiplier  is  Imo 
and  it  flows  out  of  pin  5  which  is  also  connected  to 
the  non-inverting  input  of  the  current  error  ampli- 
fier. 

The  inverting  input  of  the  current  amplifier  is  con- 
nected to  pin  4,  the  Isens  pin.  The  output  of  the 
current  error  amplifier  connects  to  the  pulse  width 
modulation  (PWM)  comparator  where  it  is  com- 
pared to  the  oscillator  ramp  on  pin  14.  The  oscilla- 
tor and  the  comparator  drive  the  set-reset  flip-flop 
which,  in  turn,  drives  the  high  current  output  on  pin 
16.  The  output  voltage  is  clamped  internally  to  the 
UC3854  at  15  volts  so  that  power  MOSFETs  will 
not  have  their  gates  over  driven.  An  emergency 
peak  current  limit  is  provided  on  pin  2  and  it  will 
shut  the  output  pulse  off  when  it  is  pulled  slightly 
below  ground.  The  reference  voltage  output  is  con- 
nected to  pin  9  and  the  input  voltage  is  connected 
to  pin  15. 

DESIGN  PROCESS 
Power  Stage  Design 

This  analysis  of  the  power  stage  design  makes  use 
of  a  250W  boost  converter  as  an  example.  The 
control  circuit  for  a  boost  power  factor  corrector 
does  not  change  much  with  the  power  level  of  the 
converter.  A  5000  watt  power  factor  corrector  will 
have  almost  the  same  control  circuits  as  a  50  watt 
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corrector.  The  power  stage  will  be  different  but  the 
design  process  will  remain  the  same  for  all  power 
factor  corrector  circuits.  Since  the  design  process 
is  the  same  and  the  power  stage  is  scalable  a  250 
watt  corrector  serves  well  as  an  example  and  it 
can  be  readily  scaled  to  higher  or  lower  output  lev- 
els. Figure  6  is  the  schematic  diagram  of  the  cir- 
cuit. Please  refer  to  this  schematic  in  the 
discussion  of  the  design  process  which  follows. 

Specifications 

The  design  process  starts  with  the  specifications 
for  the  converter  performance.  The  minimum  and 
maximum  line  voltage,  the  maximum  output  power, 
and  the  input  line  frequency  range  must  be  speci- 
fied. For  the  example  circuit  the  specifications  are: 

Maximum  power  output:  250W 

Input  voltage  range:  80-270Vac 

Line  frequency  range:  47-65Hz 

This  defines  a  power  supply  which  will  operate  al- 
most anywhere  in  the  world.  The  output  voltage  of 
a  boost  regulator  must  be  greater  than  the  peak  of 
the  maximum  input  voltage  and  a  value  5%  to  1 0% 
higher  than  the  maximum  input  voltage  is  recom- 
mended so  the  output  voltage  is  chosen  to  be 
400Vdc. 


Switching  Frequency 

The  choice  of  switching  frequency  is  generally 
somewhat  arbitrary.  The  switching  frequency  must 
be  high  enough  to  make  the  power  circuits  small 
and  minimize  the  distortion  and  must  be  low 
enough  to  keep  the  efficiency  high.  In  most  appli- 
cations a  switching  frequency  in  the  range  of 
20KHz  to  300KHz  proves  to  be  an  acceptable 
compromise.  The  example  converter  uses  a 
switching  frequency  of  "lOOKHz  as  a  compromise 
between  size  and  efficiency.  The  value  of  the  in- 
ductor will  be  reasonably  small  and  cusp  distortion 
will  be  minimized,  the  inductor  will  be  physically 
small  and  the  loss  due  to  the  output  diode  will  not 
be  excessive.  Converters  operating  at  higher 
power  levels  may  find  that  a  lower  switching  fre- 
quency is  desirable  to  minimize  the  power  losses. 
Turn-on  snubbers  for  the  switch  will  reduce  the 
switching  losses  and  can  be  very  effective  in  allow- 
ing a  converter  to  operate  at  high  switching  fre- 
quency with  very  high  efficiency. 

Inductor  Selection 

The  inductor  determines  the  amount  of  high  fre- 
quency ripple  current  in  the  input  and  its  value  is 
chosen  to  give  some  specific  value  of  ripple  cur- 
rent. Inductor  value  selection  begins  with  the  peak 
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current  of  the  input  sinusoid.  The  maximum  peak 
current  occurs  at  the  peak  of  the  minimum  line 
voltage  and  is  given  by: 

if  xP 
I  line  (  pk )  =  ...  ,  x 
K       Vin  (  mm  ) 

For  the  example  converter  the  maximum  peak  line 
current  is  4.42  amps  at  a  Vin  of  80Vac. 

The  maximum  ripple  current  in  a  boost  converter 
occurs  when  the  duty  factor  is  50%  which  is  also 
when  the  boost  ratio  M=Vo/Vin=2.  The  peak  value 
of  inductor  current  generally  does  not  occur  at  this 
point  since  the  peak  value  is  determined  by  the 
peak  value  of  the  programmed  sinusoid.  The  peak 
value  of  inductor  ripple  current  is  important  for  cal- 
culating the  required  attenuation  of  the  input  filter. 
Figure  7  is  a  graph  of  the  peak  to  peak  ripple  cur- 
rent in  the  inductor  versus  input  voltage  for  the  ex- 
ample converter. 

The  peak-to-peak  ripple  current  in  the  inductor  is 
normally  chosen  to  be  about  20%  of  the  maximum 
peak  line  current.  This  is  a  somewhat  arbitrary  de- 
cision since  this  is  usually  not  the  maximum  value 
of  the  high  frequency  ripple  current.  A  larger  value 
of  ripple  current  will  put  the  converter  into  the  dis- 
continuous conduction  mode  for  a  larger  portion  of 
the  rectified  line  current  cycle  and  means  that  the 
input  filter  must  be  larger  to  attenuate  more  high 
frequency  ripple  current.  The  UC3854,  with  aver- 
age current  mode  control,  allows  the  boost  stage  to 
move  between  continuous  and  discontinuous 
modes  of  operation  without  a  performance  change. 

The  value  of  the  inductor  is  selected  from  the  peak 
current  at  the  top  of  the  half  sine  wave  at  low  input 
voltage,  the  duty  factor  D  at  that  input  voltage  and 
the  switching  frequency.  The  two  equations  neces- 
sary are  given  below: 

Vo-Vin 

Vo 
VinxD 

fSXAl 

Where  Al  is  the  peak-to-peak  ripple  current.  In  the 
example  250W  converter  D=0.71,  Al=900ma,  and 
L=0.89mH.  For  convenience  the  value  of  L  is 
rounded  up  to  1.0mH. 

The  high  frequency  ripple  current  is  added  to  the 
line  current  peak  so  the  peak  inductor  current  is 
the  sum  of  peak  line  current  and  half  of  the  peak- 
to-peak  high  frequency  ripple  current.  The  inductor 
must  be  designed  to  handle  this  current  level.  For 
our  example  the  peak  inductor  current  is  5.0  amps. 
The  peak  current  limit  will  be  set  about  10%  higher 
at  5.5  amps. 


Output  Capacitor 

The  factors  involved  in  the  selection  of  the  output 
capacitor  are  the  switching  frequency  ripple  cur- 
rent, the  second  harmonic  ripple  current,  the  DC 
output  voltage,  the  output  ripple  voltage  and  the 
hold-up  time.  The  total  current  through  the  output 
capacitor  is  the  RMS  value  of  the  switching  fre- 
quency ripple  current  and  the  second  harmonic  of 
the  line  current.  The  large  electrolytic  capacitors 
which  are  normally  chosen  for  the  output  capacitor 
have  an  equivalent  series  resistance  which 
changes  with  frequency  and  is  generally  high  at 
low  frequencies.  The  amount  of  current  which  the 
capacitor  can  handle  is  generally  determined  by 
the  temperature  rise.  It  is  usually  not  necessary  to 
calculate  an  exact  value  for  the  temperature  rise.  It 
is  usually  adequate  to  calculate  the  temperature 
rise  due  to  the  high  frequency  ripple  current  and 
the  low  frequency  ripple  current  and  add  them  to- 
gether. The  capacitor  data  sheet  will  provide  the 
necessary  ESR  and  temperature  rise  information. 

The  hold-up  time  of  the  output  often  dominates  any 
other  consideration  in  output  capacitor  selection. 
Hold-up  is  the  length  of  time  that  the  output  voltage 
remains  within  a  specified  range  after  input  power 
has  been  turned  off.  Hold-up  times  of  15  to  50  milli- 
seconds are  typical.  In  off-line  power  supplies  with 
a  400Vdc  output  the  hold-up  requirement  generally 
works  out  to  between  1  and  2|a.F  per  watt  of  output. 
In  our  250W  example  the  output  capacitor  is 
450uF.  If  hold-up  is  not  required  the  capacitor  will 
be  much  smaller,  perhaps  0.2uF  per  watt,  and  then 
ripple  current  and  ripple  voltage  are  the  major  con- 
cern. 

Hold-up  time  is  a  function  of  the  amount  of  energy 
stored  in  the  output  capacitor,  the  load  power,  out- 
put voltage  and  the  minimum  voltage  the  load  will 
operate  at.  This  can  be  expressed  in  an  equation 
to  define  the  capcitance  value  in  terms  of  the  hold- 
up time. 

2  x  Pout  x  At 
Co  =  — 5  j 

Vo  -Vo(min)2 

Where  Co  is  the  output  capacitor,  Pout  is  the  load 
power,  At  is  the  hold-up  time,  Vo  is  the  output  volt- 
age and  Vo(min)  is  the  minimum  voltage  the  load 
will  operate  at.  For  the  example  converter  Pout  is 
250W,  At  is  64msec,  Vo  is  400V  and  Vo(min)  is 
300V  so  Co  is  450uF. 

Switch  and  Diode 

The  switch  and  diode  must  have  ratings  which  are 
sufficient  to  insure  reliable  operation.  The  choice  of 
these  components  is  beyond  the  scope  of  this  Ap- 
plication Note.  The  switch  must  have  a  current  rat- 
ing at  least  equal  to  the  maximum  peak  current  in 
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the  inductor  and  a  voltage  rating  at  least  equal  to 
the  output  voltage.  The  same  is  true  for  the  output 
diode.  The  output  diode  must  also  be  very  fast  to 
reduce  the  switch  turn-on  power  dissipation  and  to 
keep  its  own  losses  low.  The  switch  and  diode 
must  have  some  level  of  derating  and  this  will  vary 
depending  on  the  application. 

For  the  example  circuit  the  diode  is  a  high  speed, 
high  voltage  type  with  35ns  reverse  recovery, 
600Vdc  breakdown,  and  8A  forward  current  rat- 
ings. The  power  MOSFET  in  the  example  circuit 
has  a  500Vdc  breakdown  and  23Adc  current  rat- 
ing. A  major  portion  of  the  losses  in  the  switch  are 
due  to  the  turn-off  current  in  the  diode.  The  peak 
power  dissipation  in  the  switch  is  high  since  it  must 
carry  full  load  current  plus  the  diode  reverse  recov- 
ery current  at  full  output  voltage  from  the  time  it 
turns  on  until  the  diode  turns  off.  The  diode  in  the 
example  circuit  was  chosen  for  its  fast  turn  off  and 
the  switch  was  oversized  to  handle  the  high  peak 
power  dissipation.  A  turn  on  snubberforthe  switch 
would  have  allowed  a  smaller  switch  and  a  slightly 
slower  diode. 

Current  Sensing 

There  are  two  general  methods  for  current  sens- 
ing, a  sense  resistor  in  the  ground  return  of  the 
converter  or  two  current  transformers.  The  sense 
resistor  is  the  least  expensive  method  and  is  most 
appropriate  at  low  power  or  current  levels.  The 
power  dissipation  in  the  resistor  may  become  quite 
large  at  higher  current  levels  and  in  that  case  the 
current  transformers  are  more  appropriate.  Two 
current  transformers  are  required,  one  for  the 
switch  current  and  one  for  the  diode  current,  to 
produce  an  analog  of  the  inductor  current  as  is  re- 
quired for  average  current  mode  control.  The  cur- 
rent transformers  must  operate  over  a  very  wide 
duty  factor  range  and  this  can  be  difficult  to 
achieve  without  saturating  them.  Current  trans- 
former operation  is  outside  the  scope  of  this  paper 
but  Unitrode  has  Design  Note  DN-41  which  dis- 
cusses the  problem  in  some  detail. 

The  current  transformers  may  be  configured  for 
either  a  positive  output  voltage  or  a  negative  output 
voltage.  In  the  negative  output  configuration, 
shown  in  Figure  8,  the  peak  current  limit  on  pin  2 
of  the  UC3854  is  easy  to  implement.  In  the  positive 
output  configuration,  shown  in  Figure  9,  this  fea- 
ture may  be  lost.  It  can  be  added  back  by  putting 
another  resistor  in  series  with  the  ground  leg  of  the 
current  transformer  which  senses  the  switch  cur- 
rent. 

The  configuration  of  the  multiplier  output  and  the 
current  error  amplifier  are  different  depending  on 
whether  a  resistor  is  used  for  current  sensing  or 
whether  current  transformers  with  positive  output 


voltages  are  used  for  current  sensing.  Both  work 
equally  well  and  the  configurations  of  the  current 
error  amplifier  are  shown  in  Figures  8  and  9  re- 
spectively. The  positive  output  current  transformer 
configuration  requires  the  inverting  input  to  the  in- 
tegrator be  connected  to  the  sense  resistor  and  the 
resistor  at  the  output  of  the  multiplier  be  connected 
to  ground,  (see  Figure  9)  The  voltage  at  the  output 
of  the  multiplier  is  not  zero  but  is  the  programming 
voltage  for  the  current  loop  and  it  will  have  the  half 
sine  wave  shape  which  is  necessary  for  the  current 
loop. 

The  resistor  current  sense  configuration  is  used  in 
the  example  converter  (Figure  6)  so  the  inverting 
input  to  the  current  error  amplifier  (pin  4)  is  con- 
nected to  ground  through  Rci.  The  current  error 
amplifier  is  configured  as  an  integrator  at  low  fre- 
quencies for  average  current  mode  control  so  the 
average  voltage  at  the  non-inverting  input  of  the 
current  error  amplifier  (pin  5,  which  it  shares  with 
the  multiplier  output)  must  be  zero.  The  non-invert- 
ing input  to  the  current  error  amplifier  acts  like  a 
summing  junction  for  the  current  control  loop  and 
adds  the  multiplier  output  current  to  the  current 
from  the  sense  resistor  (which  flows  through  the 
programming  resistor  Rmo).  The  difference  con- 
trols the  boost  regulator.  The  voltage  at  the  invert- 
ing input  of  the  current  error  amplifier  (pin  4)  will  be 
small  at  low  frequencies  because  the  gain  at  low 
frequencies  is  large.  The  gain  at  high  frequencies 
is  small  so  relatively  large  voltages  at  the  switching 
frequency  may  be  present.  But,  the  average  volt- 
age on  pin  4  must  be  zero  because  it  is  connected 
through  Rci  to  ground. 

The  voltage  across  Rs,  the  current  sense  resistor 
in  the  example  converter,  goes  negative  with  re- 
spect to  ground  so  it  is  important  to  be  sure  that 
the  pins  of  the  UC3854  do  not  go  below  ground. 
The  voltage  across  the  sense  resistor  should  be 
kept  small  and  pins  2  and  5  should  be  clamped  to 
prevent  their  going  negative.  A  peak  value  of  1  volt 
or  so  across  the  sense  resistor  provides  a  signal 
large  enough  to  have  good  noise  margin  but  which 
is  small  enough  to  have  low  power  dissipation. 
There  is  a  great  deal  of  flexibility  in  choosing  the 
value  of  the  sense  resistor.  A  0.25  ohm  resistor 
was  chosen  for  Rs  in  the  example  converter  and  at 
the  worst  case  peak  current  of  5.6  amps  gives  a 
maximum  voltage  of  1 .40V  peak. 

Peak  Current  Limit 

The  peak  current  limit  on  the  UC3854  turns  the 
switch  off  when  the  instantaneous  current  through 
it  exceeds  the  maximum  value  and  is  activated 
when  pin  2  is  pulled  below  ground.  The  current 
limit  value  is  set  by  a  simple  voltage  divider  from 
the  reference  voltage  to  the  current  sense  resistor. 
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The  equation  for  the  voltage  divider  is  given  below: 


Rpk2  = 


Vrs  x  Rpk1 
Vref 


Where  Rpk1  and  Rpk2  are  the  resistors  of  the  volt- 
age divider,  Vref  is  7.5  volts  on  the  UC3854,  and 
Vrs  is  the  voltage  across  the  sense  resistor  Rs  at 
the  current  limit  point.  The  current  through  Rpk2 
should  be  around  1mA.  The  peak  current  limit  in 
the  example  circuit  is  set  at  5.4  amps  with  an  Rpk1 
of  10K  and  Rpk2  of  1.8K.  A  small  capacitor,  Cpk, 
has  been  added  to  give  extra  noise  immunity  when 
operating  at  low  line  and  this  also  increases  the 
current  limit  slightly. 

Multiplier  Set-up 

The  multiplier/divider  is  the  heart  of  the  power  fac- 
tor corrector.  The  output  of  the  multiplier  programs 
the  current  loop  to  control  the  input  current  to  give 
a  high  power  factor.  The  output  of  the  multiplier  is 
therefore  a  signal  which  represents  the  input  line 
current. 

Unlike  most  design  tasks  where  the  design  begins 
at  the  output  and  proceeds  to  the  input  the  design 
of  the  multiplier  circuits  must  begin  with  the  inputs. 
There  are  three  inputs  to  the  multiplier  circuits:  the 
programming  current  lac  (pin  6),  the  feedforward 
voltage  Vff  from  the  input  (pin  8),  and  the  voltage 
error  amplifier  output  voltage  Vvea  (pin  7).  The 
multiplier  output  current  is  I  mo  (pin  5)  and  it  is  re- 
lated to  the  three  inputs  by  the  following  equation: 

Km  x  lac  x  (  Vvea  - 1  ) 

mo  =  t,  

Vff2 

Where  Km  is  a  constant  in  the  multiplier  and  is 
equal  to  1.0,  lac  is  the  programming  current  from 
the  rectified  input  voltage,  Vvea  is  the  output  of  the 
voltage  error  amplifier  and  Vff  is  the  feedforward 
voltage. 

Feedforward  Voltage 

Vff  is  the  input  to  the  squaring  circuit  and  the 
UC3854  squaring  circuit  generally  operates  with  a 
Vff  range  of  1 .4  to  4.5  volts.  The  UC3854  has  an 
internal  clamp  which  limits  the  effective  value  of  Vff 
to  4.5  volts  even  if  the  input  goes  above  that  value. 
The  voltage  divider  for  the  Vff  input  has  three  resis- 
tors (RfM ,  Rff2  and  Rff3  -  see  Figure  6)  and  two 
capacitors  (CfM  and  Cff2)  and  so  it  filters  as  well 
as  providing  two  outputs.  The  resistors  and  capaci- 
tors of  the  divider  form  a  second  order  low  pass  fil- 
ter so  the  DC  output  is  proportional  to  the  average 
value  of  the  input  half  sine  wave.  The  average 
value  is  90%  of  the  RMS  value  of  a  half  sine  wave. 
If  the  RMS  value  of  the  AC  input  voltage  is  270Vac 


the  average  value  of  a  half  sine  will  be  243Vdc  and 
the  peak  will  be  382V. 

The  Vff  voltage  divider  has  two  DC  conditions  to 
meet.  At  high  input  line  voltage  Vff  should  not  be 
greater  than  4.5  volts.  At  this  voltage  the  Vff  input 
clamps  so  the  feedforward  function  is  lost.  The 
voltage  divider  should  be  set  up  so  that  Vff  is  equal 
to  1 .41 4  volts  when  Vin  is  at  its  low  line  value  and 
the  upper  node  of  the  voltage  divider,  Vffc,  should 
be  about  7.5  volts.  This  allows  Vff  to  be  clamped 
as  described  in  Unitrode  Design  Note  DN-39B. 
There  is  an  internal  current  limit  which  holds  the 
multiplier  output  constant  if  the  Vff  input  goes  be- 
low 1 .414  volts.  The  Vff  input  should  always  be  set 
up  so  that  Vff  is  equal  to  1.414  volts  at  the  mini- 
mum input  voltage.  This  may  cause  Vff  to  clip  on 
the  high  end  of  the  input  voltage  range  if  there  is 
an  extremely  wide  AC  line  voltage  input  range. 
However,  it  is  preferable  to  have  Vff  clip  at  the  high 
end  rather  than  to  have  the  multiplier  output  clip  on 
the  low  end  of  the  range.  If  Vff  clips  the  voltage 
loop  gain  will  change  but  the  effect  on  the  overall 
system  will  be  small  whereas  the  multiplier  clipping 
will  cause  large  amounts  of  distortion  in  the  input 
current  waveform. 

The  example  circuit  uses  the  UC3854  so  the  maxi- 
mum value  of  Vff  is  4.5  volts.  If  Rff1 ,  the  top  resis- 
tor of  the  divider,  is  91  OK  and  Rff2,  the  middle 
resistor,  is  91 K  and  Rff3,  the  bottom  resistor,  is 
20K  the  maximum  value  of  Vff  will  be  4.76  volts 
when  the  input  voltage  is  270Vac  RMS  and  the  DC 
average  value  will  be  243  volts.  When  the  input 
voltage  is  80Vac  RMS  the  average  value  is  72 
volts  and  Vff  is  1.41Vdc.  Also  at  Vin=80Vac  the 
voltage  at  the  upper  node  on  the  voltage  divider, 
Vffc,  will  be  7.83  volts.  Note  that  the  high  end  of 
the  range  goes  above  4.5  volts  so  that  the  low  end 
of  the  range  will  not  go  below  1 .41  volts. 

The  output  of  the  voltage  error  amplifier  is  the  next 
piece  of  the  multiplier  setup.  The  output  of  the  volt- 
age error  amplifier,  Vvea,  is  clamped  inside  the 
UC3854  at  5.6  volts.  The  output  of  the  voltage  er- 
ror amplifier  corresponds  to  the  input  power  of  the 
converter.  The  feedforward  voltage  causes  the 
power  input  to  remain  constant  at  given  Vvea  volt- 
age regardless  of  line  voltage  changes.  If  5.0V  is 
established  as  the  maximum  normal  operating 
level  then  5.6V  gives  an  overload  power  limit  which 
is  12%  higher. 

The  clamp  on  the  output  of  the  voltage  error  ampli- 
fier is  what  sets  the  minimum  value  of  Vff  at  1 .414 
volts.  This  can  be  seen  by  plugging  these  values 
into  the  equation  for  the  multiplier  output  current 
given  above.  When  Vff  is  large  the  inherent  errors 
of  the  multiplier  are  magnified  because  VveaA/ff 
becomes  small.  If  the  application  has  a  wide  input 
voltage  range  and  if  a  very  low  harmonic  distortion 
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is  required  then  Vff  may  be  changed  to  the  range 
of  0.7  to  3.5  volts.  To  do  this  an  external  clamp 
MUST  be  added  to  the  voltage  error  amplifier  to 
hold  its  output  below  2.00  volts.  In  general,  how- 
ever, this  is  not  a  recommended  practice. 

Multiplier  Input  Current 

The  operating  current  for  the  multiplier  comes  from 
the  input  voltage  through  Rvac.  The  multiplier  has 
the  best  linearity  at  relatively  high  currents,  but  the 
recommended  maximum  current  is  0.6mA.  At  high 
line  the  peak  voltage  for  the  example  circuit  is 
382Vdc  and  the  voltage  on  pin  6  of  the  UC3854  is 
6.0Vdc.  A  620K  value  for  Rvac  will  give  an  lac  of 
0.6mA  maximum.  For  proper  operation  near  the 
cusp  of  the  input  waveform  when  Vin=0  a  bias  cur- 
rent is  needed  because  pin  6  is  at  6.0Vdc.  A  resis- 
tor, Rb1 ,  is  connected  from  Vref  to  pin  6  to  provide 
the  small  amount  of  bias  current  needed.  Rb1  is 
equal  to  Rvac/4.  In  the  example  circuit  a  value  of 
1 50K  for  Rb1  will  provide  the  correct  bias. 

The  maximum  output  of  the  multiplier  occurs  at  the 
peak  of  the  input  sine  wave  at  low  line.  The  maxi- 
mum output  current  from  the  multiplier  can  be  cal- 
culated from  the  equation  for  Imo,  given  above,  for 
this  condition.  The  peak  value  of  lac  will  be  1 82  mi- 
croamps  when  Vin  is  at  low  line.  Vvea  will  be  5.0 
volts  and  Vff  will  be  2.0.  Imo  will  then  be  365  mi- 
croamps  maximum.  Imo  may  not  be  greater  than 
twice  lac  so  this  represents  the  maximum  current 
available  at  this  input  voltage  and  the  peak  input 
current  to  the  power  factor  corrector  will  be  limited 
accordingly. 

The  Iset  current  places  another  limitation  on  the 
multiplier  output  current.  Imo  may  not  be  larger 
than  3.75  /  Rset.  For  the  example  circuit  this  gives 
Rset  =  10.27K  maximum  so  a  value  of  10K  is  cho- 
sen. 

The  current  out  of  the  multiplier,  Imo,  must  be 
summed  with  a  current  proportional  to  the  inductor 
current  to  close  the  voltage  feedback  loop.  Rmo,  a 
resistor  from  the  output  of  the  multiplier  to  the  cur- 
rent sense  resistor,  performs  the  function  and  the 
multiplier  output  pin  becomes  the  summing  junc- 
tion. The  average  voltage  on  pin  5  will  be  zero  un- 
der normal  operation  but  there  will  be  switching 
frequency  ripple  voltage  which  is  amplitude  modu- 
lated at  twice  the  line  frequency.  The  peak  current 
in  the  boost  inductor  is  to  be  limited  to  5.6  amps  in 
the  example  circuit  and  the  current  sense  resistor 
is  0.25  ohms  so  the  peak  voltage  across  the  sense 
resistor  is  1 .4  volts.  The  maximum  multiplier  output 
current  is  365  microamps  so  the  summing  resistor, 
Rmo,  must  be  3.84K  and  a  3.9K  resistor  is  chosen. 


Oscillator  Frequency 

The  oscillator  charging  current  is  Iset  and  is  deter- 
mined by  the  value  of  Rset  and  the  oscillator  fre- 
quency is  set  by  the  timing  capacitor  and  the 
charging  current.  The  timing  capacitor  is  deter- 
mined from: 

C,  L2§_ 

Rsetxfs 

Where  Ct  is  the  value  of  the  timing  capacitor  and  fs 
is  the  switching  frequency  in  Hertz.  For  the  exam- 
ple converter  fs  is  1 0OKHz  and  Rset  is  1 0K  so  Ct  is 
0.001 25uF. 

Current  Error  Amplifier  Compensation 

The  current  loop  must  be  compensated  for  stable 
operation.  The  boost  converter  control  to  input  cur- 
rent transfer  function  has  a  single  pole  response  at 
high  frequencies  which  is  due  to  the  impedance  of 
the  boost  inductor  and  the  sense  resistor  (Rs) 
forming  a  low  pass  filter.  The  equation  for  the  con- 
trol to  input  current  transfer  function  is: 

Vrs     Vout  x  Rs 
Vcea~  VsxsL 

Where  Vrs  is  the  voltage  across  the  input  current 
sense  resistor  and  Vcea  is  the  output  of  the  current 
error  amplifier.  Vout  is  the  DC  output  voltage,  Vs  is 
the  peak-to-peak  amplitude  of  the  oscillator  ramp, 
sL  is  the  impedance  of  the  boost  inductor  (also 
jwL),  and  Rs  is  the  sense  resistor  (with  a  current 
transformer  it  will  be  Rs/N).  This  equation  is  only 
valid  for  the  region  of  interest  between  the  reso- 
nant frequency  of  the  filter  (LCo)  and  the  switching 
frequency.  Below  resonance  the  output  capacitor 
dominates  and  the  equation  is  different. 

The  compensation  of  the  current  error  amplifier 
provides  flat  gain  near  the  switching  frequency  and 
uses  the  natural  roll  off  of  the  boost  power  stage  to 
give  the  correct  compensation  for  the  total  loop.  A 
zero  at  low  frequency  in  the  amplifier  response 
gives  the  high  gain  which  makes  average  current 
mode  control  work.  The  gain  of  the  error  amplifier 
near  the  switching  frequency  is  determined  by 
matching  the  down  slope  of  the  inductor  current 
when  the  switch  is  off  with  the  slope  of  the  ramp 
generated  by  the  oscillator.  These  two  signals  are 
the  inputs  of  the  PWM  comparator  in  the  UC3854. 

The  downslope  of  the  inductor  current  has  the 
units  of  amps  per  second  and  has  a  maximum 
value  when  the  input  voltage  is  zero.  In  other 
words,  when  the  voltage  differential  between  the 
input  and  output  of  the  boost  converter  is  greatest. 
At  this  point  (Vin=0)  the  inductor  current  is  given  by 
the  ratio  of  the  converter  output  voltage  and  the  in- 
ductance (Vo/L).  This  current  flows  through  the 
current  sense  resistor  Rs  and  produces  a  voltage 
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with  the  slope  VoRs/L  (with  current  sense  trans- 
formers it  will  be  VoRs/NL).  This  slope,  multiplied 
by  the  gain  of  the  current  error  amplifier  at  the 
switching  frequency,  must  be  equal  to  the  slope  of 
the  oscillator  ramp  (also  in  volts  per  second)  for 
proper  compensation  of  the  current  loop.  If  the  gain 
is  too  high  the  slope  of  the  inductor  current  will  be 
greater  than  the  ramp  and  the  loop  can  go  unsta- 
ble. The  instability  will  occur  near  the  cusp  of  the 
input  waveform  and  will  disappear  as  the  input 
voltage  increases. 

The  loop  crossover  frequency  can  be  found  from 
the  above  equation  if  the  gain  of  the  current  error 
amplifier  is  multiplied  with  it  and  it  is  set  equal  to 
one.  Then  rearrange  the  equation  and  solve  for  the 
crossover  frequency.  The  equation  becomes: 

VbutxRsxte 
Vs  x  2nL  x  Rci 

Where  fci  is  the  current  loop  crossover  frequency 
and  Rcz/Rci  is  the  gain  of  the  current  error  ampli- 
fier. This  procedure  will  give  the  best  possible  re- 
sponse for  the  current  loop. 

In  the  example  converter  the  output  voltage  is 
400Vdc  and  the  inductor  is  1.0mH  so  the  down 
slope  of  inductor  current  is  400mA  per  microsec- 
ond. The  current  sense  resistor  is  0.25  ohms  so 
the  input  to  the  current  error  amplifier  is  100mV  per 
microsecond.  The  oscillator  ramp  of  the  UC3854 
has  a  peak  to  peak  value  of  5.2V  and  the  switching 
frequency  is  1 0OKHz  so  the  ramp  has  a  slope  of 
0.52  volts  per  microsecond.  The  current  error  am- 
plifier must  have  a  gain  of  5.2  at  the  switching  fre- 
quency to  make  the  slopes  equal.  With  an  input 
resistor  (Rci)  value  of  3.9K  the  feedback  resistance 
(Rcz)  is  20K  to  give  the  amplifier  a  gain  of  5.2.  The 
current  loop  crossover  frequency  is  1 5.9KHz. 

The  placement  of  the  zero  in  the  current  error  am- 
plifier response  must  be  at  or  below  the  crossover 
frequency.  If  it  is  at  the  crossover  frequency  the 
phase  margin  will  be  45  degrees.  If  the  zero  is 
lower  in  frequency  the  phase  margin  will  be 
greater.  A  45  degree  phase  margin  is  very  stable, 
has  low  overshoot  and  has  good  tolerance  for 
component  variations.  The  zero  must  be  placed  at 
the  crossover  frequency  so  the  impedance  of  the 
capacitor  at  that  frequency  must  be  equal  to  the 
value  of  Rcz.  The  equation  is:  Ccz  =  1  /  (2k  x  fci  x 
Rcz).  The  example  converter  has  Rcz=20K  and 
fci=15.9KHz  so  Ccz=500pF.  A  value  of  620pF  was 
chosen  to  give  a  little  more  phase  margin. 

A  pole  is  normally  added  to  the  current  error  ampli- 
fier response  near  the  switching  frequency  to  re- 
duce noise  sensitivity.  If  the  pole  is  above  half  the 
switching  frequency  the  pole  will  not  affect  the  fre- 
quency response  of  the  control  loop.  The  example 
converter  uses  a  62pF  capacitor  for  Ccp  which 


gives  a  pole  at  128KHz.  This  is  actually  above  the 
switching  frequency  so  a  larger  value  of  capacitor 
could  have  been  used  but  62pF  is  adequate  in  this 
case. 

Voltage  Error  Amplifier  Compensation 

The  voltage  control  loop  must  be  compensated  for 
stability  but  because  the  bandwidth  of  the  voltage 
loop  is  so  small  compared  to  the  switching  fre- 
quency the  requirements  for  the  voltage  control 
loop  are  really  driven  by  the  need  to  keep  the  input 
distortion  to  a  minimum  rather  than  by  stability.  The 
loop  bandwidth  must  be  low  enough  to  attenuate 
the  second  harmonic  of  the  line  frequency  on  the 
output  capacitor  to  keep  the  modulation  of  the  in- 
put current  small.  The  voltage  error  amplifier  must 
also  have  enough  phase  shift  so  that  what  modula- 
tion remains  will  be  in  phase  with  the  input  line  to 
keep  the  power  factor  high. 

The  basic  low  frequency  model  of  the  output  stage 
is  a  current  source  driving  a  capacitor.  The  power 
stage  and  the  current  feedback  loop  compose  the 
current  source  and  the  capacitor  is  the  output  ca- 
pacitor. This  forms  an  integrator  and  it  has  a  gain 
characteristic  which  rolls  off  at  a  constant  20dB  per 
decade  rate  with  increasing  frequency.  If  the  volt- 
age feedback  loop  is  closed  around  this  it  will  be 
stable  with  constant  gain  in  the  voltage  error  ampli- 
fier. This  is  the  technique  which  is  used  to  stabilize 
the  voltage  loop.  However,  its  performance  at  re- 
ducing distortion  due  to  the  second  harmonic  out- 
put ripple  is  miserable.  A  pole  in  the  amplifier 
response  is  needed  to  reduce  the  amplitude  of  the 
ripple  voltage  and  to  shift  the  phase  by  90  degrees. 
The  distortion  criteria  is  used  to  define  the  gain  of 
the  voltage  error  amplifier  at  the  second  harmonic 
of  the  line  frequency  and  then  the  unity  gain  cross- 
over frequency  is  found  and  is  used  to  determine 
the  pole  location  in  the  voltage  error  amplifier  fre- 
quency response. 

The  first  step  in  designing  the  voltage  error  ampli- 
fier compensation  is  to  determine  the  amount  of 
ripple  voltage  present  on  the  output  capacitor.  The 
peak  value  of  the  second  harmonic  voltage  is 
given  by: 


Where  Vopk  is  the  peak  value  of  the  output  ripple 
voltage  (the  peak  to  peak  value  will  be  twice  this), 
fr  is  the  ripple  frequency  which  is  the  second  har- 
monic of  the  input  line  frequency,  Co  is  the  value  of 
the  output  capacitance  and  Vo  is  the  DC  output 
voltage.  The  example  converter  has  a  peak  ripple 
voltage  of  1 .84Vpk. 

The  amount  of  distortion  which  the  ripple  contrib- 
utes to  the  input  must  be  decided  next.  This  deci- 
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sion  is  based  on  the  specification  for  the  converter. 
The  example  converter  is  specified  for  3%  THD  so 
0.75%  THD  is  allocated  to  this  component.  This 
means  that  the  ripple  voltage  at  the  output  of  the 
voltage  error  amplifier  is  limited  to  1 .5%.  The  volt- 
age error  amplifier  has  an  effective  output  range 
(AVvea)  of  1 .0  to  5.0  volts  so  the  peak  ripple  volt- 
age at  the  output  of  the  voltage  error  amplifier  is 
give  by  Vvea(pk)  =  %Ripple  x  AVvea.  The  example 
converter  has  a  peak  ripple  voltage  at  the  output  of 
the  voltage  error  amplifier  of  60mVpk. 

The  gain  of  the  voltage  error  amplifier,  Gva,  at  the 
second  harmonic  ripple  frequency  is  the  ratio  of  the 
two  values  given  above.  The  peak  ripple  voltage 
allowed  on  the  output  of  the  voltage  error  amplifier 
is  divided  by  the  peak  ripple  voltage  on  the  output 
capacitor.  For  the  example  converter  Gva  is 
0.0326. 

The  criteria  for  the  choice  of  Rvi,  the  next  step  in 
the  design  process,  are  reasonably  vague.  The 
value  must  be  low  enough  so  that  the  opamp  bias 
currents  will  not  have  a  large  effect  on  the  output 
and  it  must  be  high  enough  so  that  the  power  dissi- 
pation is  small.  In  the  example  converter  a  511K 
resistor  was  chosen  for  Rvi  and  it  will  have  power 
dissipation  of  about  300mW. 

Cvf,  the  feedback  capacitor  sets  the  gain  at  the 
second  harmonic  ripple  frequency  and  is  chosen  to 
give  the  voltage  error  amplifier  the  correct  gain  at 
the  second  harmonic  of  the  line  frequency.  The 
equation  is  simply: 

Cvf  = 


2rcfr  x  Rvi  x  Gva 


The  example  converter  has  a  Cvf  value  of  0.08uF. 
If  this  value  is  rounded  down  to  Cvf=0.047u.F  the 
phase  margin  will  be  a  little  better  with  only  a  little 
more  distortion  so  this  value  was  chosen. 

The  output  voltage  is  set  by  the  voltage  divider  Rvi 
and  Rvd.  The  value  of  Rvi  is  already  determined 
so  Rvd  is  found  from  the  desired  output  voltage 
and  the  reference  voltage  which  is  7.50Vdc.  In  the 
example  Rvd=10K  will  give  an  output  voltage  of 
390Vdc.  This  could  be  trimmed  up  to  400VDC  with 
a  414K  resistor  in  parallel  with  Rvd  but  for  this  ap- 
plication 390Vdc  is  acceptable.  Rvd  has  no  effect 
on  the  AC  performance  of  the  active  power  factor 
corrector.  Its  only  effect  is  to  set  the  DC  output  volt- 
age. 

The  frequency  of  the  pole  in  the  voltage  error  am- 
plifier can  be  found  from  setting  the  gain  of  the 
loop  equation  equal  to  one  and  solving  for  the  fre- 
quency. The  voltage  loop  gain  is  the  product  of  the 
error  amplifier  gain  and  the  boost  stage  gain,  which 
can  be  expressed  in  terms  of  the  input  power.  The 
multiplier,  divider  and  squarer  terms  can  all  be 


lumped  into  the  power  stage  gain  and  their  effect  is 
to  transform  the  output  of  the  voltage  error  ampli- 
fier into  a  power  control  signal  as  was  noted  ear- 
lier. This  allows  us  to  express  the  transfer  function 
of  the  boost  stage  simply  in  terms  of  power.  The 
equation  is: 


Gbst  = 


Pin  x  Xco 
AVvea  x  Vo 


Where  Gbst  is  the  gain  of  the  boost  stage  including 
the  multiplier,  divider  and  squarer,  Pin  is  the  aver- 
age input  power,  Xco  is  the  impedance  of  the  out- 
put capacitor,  AVvea  is  the  range  of  the  voltage 
error  amplifier  output  voltage  (4  volts  on  the 
UC3854)  and  Vo  is  the  DC  output  voltage. 

The  gain  of  the  error  amplifier  above  the  pole  in  its 
frequency  response  is  given  by: 

n  Xcf 
Gva  =-5— 
Rvi 

Where  Gva  is  the  gain  of  the  voltage  error  ampli- 
fier, Xcf  is  the  impedance  of  the  feedback  capaci- 
tance and  Rvi  is  the  input  resistance. 

The  gain  of  the  total  voltage  loop  is  the  product  of 
Gbst  and  Gva  and  is  given  by  the  this  equation: 


Gv  = 


Pin  x  Xco  x  Xcf 
AVvea  x  Vo  x  Rvi 


Note  that  there  are  two  terms  which  are  dependent 
on  f,  Xco  and  Xcf.  This  function  has  a  second  or- 
der slope  (-40dB  per  decade)  so  it  must  be  a  func- 
tion of  frequency  squared.  To  solve  for  the  unity 
gain  frequency  set  Gv  equal  to  one  and  rearrange 
the  equation  to  solve  for  fvi.  Xco  is  replaced  with 
1/(2nfCo)  and  Xcf  is  replaced  with  1/(2itfCvf). 

The  equation  becomes: 


fvi' 


Pin 


AVvea  x  Vo  x  Rvi  x  Co  x  Cvf  x  (  2n  )z 


Solving  for  fvi  in  the  example  converter  gives 
fvi=19.14Hz.  The  value  of  Rvf  can  now  be  found  by 
setting  ft  equal  to  the  impedance  of  Cvf  at  fvi.  The 
equation  is:  Rvf=1/(2rtfviCvf). 

In  the  example  converter  a  value  of  177K  is  calcu- 
lated and  174K  is  used. 

Feedforward  Voltage  Divider  Filter  Capacitors 

The  percentage  of  second  harmonic  ripple  voltage 
on  the  feedforward  input  to  the  multiplier  results  in 
the  same  percentage  of  third  harmonic  ripple  cur- 
rent on  the  AC  line.  The  capacitors  in  the  feedfor- 
ward voltage  divider  (Cff1  and  Cff2)  attenuate  the 
ripple  voltage  from  the  rectified  input  voltage.  The 
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second  harmonic  ripple  is  66.2%  of  the  input  AC 
line  voltage.  The  amount  of  attenuation  required,  or 
the  "gain"  of  the  filter,  is  simply  the  amount  of  third 
harmonic  distortion  allocated  to  this  distortion 
source  divided  by  66.2%  which  is  the  input  to  the 
divider.  The  example  circuit  has  an  allocation  of 
1.5%  total  harmonic  distortion  from  this  input  so 
the  required  attenuation  is  Gff  =  1.5  /  66.2  = 
0.0227. 

The  recommended  divider  string  impliments  a  sec- 
ond order  filter  because  this  gives  a  much  faster 
response  to  changes  in  the  RMS  line  voltage.  Typi- 
cally, it  is  about  six  times  faster.  The  two  poles  of 
the  filter  are  placed  at  the  same  frequency  for  the 
widest  bandwidth.  The  total  gain  of  the  filter  is  the 
product  of  the  gain  of  the  two  filter  section  so  the 
gain  of  each  section  is  the  square  root  of  the  total 
gain.  The  two  sections  of  the  filter  do  not  interact 
much  because  the  impedances  are  different  so 
they  can  be  treated  separately.  In  the  example 
converter  the  gain  of  each  filter  section  at  the  sec- 
ond harmonic  frequency  is  0.0227  or  0.15  for  each 
section.  This  same  relationship  holds  for  the  cutoff 
frequency  which  is  needed  to  find  the  capacitor 
values.  These  are  simple  real  poles  so  the  cutoff 
frequency  is  the  section  gain  times  the  ripple  fre- 
quency or: 


fc  =  VGff  xfr 

The  example  converter  has  a  filter  gain  of  0.0227 
and  a  section  gain  of  0.15  and  a  ripple  frequency 
of  120Hz  so  the  cutoff  frequency  is 
fc=0.15x120=18Hz. 

The  cutoff  frequency  is  used  to  calculate  the  val- 
ues for  the  filter  capacitors  since,  in  this  appliva- 
tion,  the  impedance  of  the  capacitor  will  equal  the 
impedance  of  the  load  resistance  at  the  cutoff  fre- 
quency. The  two  equations  given  below  are  used 


Cff1  = 
Cff2  = 


1 


2rt  x  fp  x  Rff2 
1 

2n  x  f  p  x  Rff3 


In  the  example  converter  Rff2  is  91 K  and  Rff3  is 
20K;  so, 

Cff1  =1/2tix1  8x91  K=0.1uF; 
Cff2=1  /2tcx1  8x20K=0.44uF; 
so  choose  Cff2=0.47uF. 

This  completes  the  design  of  the  major  circuits  of 
an  active  power  factor  corrector. 


DESIGN  PROCEDURE  SUMMARY 

This  section  contains  a  brief,  step-by-step  sum- 
mary of  the  design  procedure  for  an  active  power 
factor  corrector.  The  example  circuit  used  above  is 
repeated  here. 

1 .  Specifications:  Determine  the  operating  require- 
ments for  the  active  power  factor  corrector. 

Example: 

Pout  (max):  250W 
Vin  range:  80-270Vac 
Line  frequency  range:  47-65Hz 
Output  voltage:  400Vdc 

2.  Select  switching  frequency: 

Example: 
100KHZ 

3.  Inductor  selection: 

A.  Maximum  peak  line  current.  Pin  k  I 

V2~x  Pin 
~  Vin  (  min  ) 

Example: 

lpk=1 .41x250/80=4.42  amps 

B.  Ripple  current. 
Al=0.2xlpk 
Example: 

Al=0.2x4.42=  0.9  amps  peak  to  peak 

C.  Determine  the  duty  factor  at  Ipk  where 
Vin(peak)  is  the  peak  of  the  rectified  line  volt- 
age at  low  line. 


Vo  -  Vin  ( peak ) 
Vo 


Example: 

D=(400-113)/400=0.71 

D.  Calculate  the  inductance,  fs  is  the  switching 
frequency. 

VinxD 
"  fsxAl 

Example: 

L=(1 1 3x71  )/(1 00,000x0.9)=0.89mH 

Round  up  to  1.0mH. 

4.  Select  output  capacitor.  With  hold-up  time,  use 
the  equation  below.  Typical  values  for  Co  are 
1(xF  to  2uF  per  watt.  If  hold-up  is  not  required 
use  the  second  harmonic  ripple  voltage  and  to- 
tal capacitor  power  dissipation  to  determine 
minimum  size  of  the  capacitor.  At  is  the  hold-up 
time  in  seconds  and  V1  is  the  minimum  output 
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capacitor  voltage. 

2  x  Pout  x  At 
Co  =  - 


Vo2-V1z 
Example: 

Co=(2x250x34msec)/(400-350)=450uF 

5.  Select  current  sensing  resistor.  If  current  trans- 
formers are  used  then  include  the  turns  ratio 
and  decide  whether  the  output  will  be  positive 
or  negative  relative  to  circuit  common.  Keep 
the  peak  voltage  across  the  resistor  low.  1  OV 
is  a  typical  value  for  Vrs. 

A.  Find  tlpk  ( max  )  =  lpk+^ 
Example: 

lpk(max)=4.42+0.45  »  5.0amps  peak 

B.  Calculate  sense  resistor  value. 

Rs  ~  Ipk  (  max ) 
Example: 

Fts=1 .0/5.0=0.20  ohms.  Choose  0.25ohms 

C.  Calculate  the  actual  peak  sense  voltage. 
Vrs  ( pk )  =  Ipk  (  max )  x  Rs 

Example: 

Vrs(pk)=5.0x0.25=1 .25V 

6.  Set  independent  peak  current  limit.  Rpk1  and 

Rpk2  are  the  resistors  in  the  voltage  divider. 
Choose  a  peak  current  overload  value, 
Ipk(ovld).  A  typical  value  for  Rpk1  is  1 0K. 

Vrs  (  ovId )  =  Ipk  ( olvd )  x  Rs 

Example: 

Vrs(ovld)=5.6x0.25=1.4V 

Vrs(ovld)xRpk1 
Rpk2~  Vref 

Example: 

Rpk2=(1 .4x1 0K)/7.5=1 .87K.  Choose  1 ,8K 

7.  Multiplier  setup.  The  operation  of  the  multiplier 
is  given  by  the  following  equation.  Imo  is  the 
multiplier  output  current,  Km=1 ,  lac  is  the  multi- 
plier input  current,  Vff  is  the  feedforward  volt- 
age and  Vvea  is  the  output  of  the  voltage  error 
amplifier. 

Kmx  lac  x  ( Vvea  - 1  ) 


lmo  = 


Vff' 


A.  Feedforward  voltage  divider.  Change  Vin 
from  RMS  voltage  to  average  voltage  of  the 
rectified  input  voltage.  At  Vin(min)  the  voltage 
at  Vff  should  be  1 .41 4  volts  and  the  voltage  at 


Vffc,  the  other  divider  node,  should  be  about 
7.5  volts.  The  average  value  of  Vin  is  given  by 
the  following  equation  where  Vin(min)  is  the 
RMS  value  of  the  AC  input  voltage: 

Vin(av)  =  Vin(min)x0.9 

The  following  two  equations  are  used  to  find 
the  values  for  the  Vff  divider  string.  A  value  of 
1  Megohm  is  usually  chosen  for  the  divider  in- 
put impedance.  The  two  equations  must  be 
solved  together  to  get  the  resistor  values. 

Vin  (  av )  x  Rff3 
;  Rff1  +  Rff2  +  Rff3 


Vff  =  1.414V  = 


Vnode  =  7.5V 


vin  ( av )  x  (  Rff2  +  Rff3) 
Rff1  +  Rff2  +  Rff3 


Example: 

Rff1=910K,  Rff2=91K,  and  Rff3=20K 

B.  Rvac  selection.  Find  the  maximum  peak  line 
voltage. 

Vpk  (  max )  =  V2  x  Vin  (  max  )} 
Example: 

Vpk(max)=1 .414x270=382Vpk 

Divide  by  600  microamps,  the  maximum  mul- 
tiplier input  current. 

Vpk  (  max ) 
600E-6 


Rvac  =  - 


Example: 

Rvac=(382)/6E-4=637K.  Choose  620K 

C.  Rb1  selection.  This  is  the  bias  resistor.  Treat 
this  as  a  voltage  divider  with  Vref  and  Rvac 
and  then  solve  for  Rb1.  The  equation  be- 
comes: 

Rb1  =  0.25  Rvac 
Example: 

Rb1=0.25Rvac=155K.  Choose  150K 

D.  Rset  selection.  Imo  cannot  be  greater  than 
twice  the  current  through  Rset.  Find  the  multi- 
plier input  current,  lac,  with  Vin(min).  Then 
calculate  the  value  for  Rset  based  on  the 
value  of  lac  just  calculated. 

,    ,    .  4   Vin  ( pk ) 
lac  min)=  -Vr 
Rvac 


Example: 

lac(min)=1 1 3/620K=1 82uA 
o   .  3.75 

Rset  =  ;  ;  :  

2  x  lac  (  mm  ) 
Example: 
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Rset=3.75V/(2x1 82uA)=1 0.3Kohms. 

Choose  10Kohms 

E.  Rmo  selection.  The  voltage  across  Rmo 
must  be  equal  to  the  voltage  across  Rs  at  the 
peak  current  limit  at  low  line  input  voltage. 

Rmo  =  Vrs(pk)x1.12 
2  x  lac  (  min  ) 

Example: 

Rmo=(1 .25x1 .1 2)/(2x1 82E-6)=3.84K. 

Choose  3.9Kohms 

Oscillator  frequency.  Calculate  Ct  to  give  the  de- 
sired switching  frequency. 


Ct  = 


1.25 


Rsetxfs 
Example: 

Ct=1 .25/(1  OK  x  1 00K)=1 .25nF. 
9.  Current  error  amplifier  compensation. 

A.  Amplifier  gain  at  the  switching  frequency. 
Calculate  thevoltage  across  the  sense  resistor 
due  to  the  inductor  current  downslope  and 
then  divide  by  the  switching  frequency.  With 
current  transformers  substitute  (Rs/N)  for  Rs. 
The  equation  is: 

VoxRs 

AVrs=-; — jt~ 
Lxfs 

Example: 

AVrs=(400x0.25)/(0.001  x1 00,000)=1  .OVpk 

This  voltage  must  equal  the  peak  to  peak  am- 
plitude of  Vs,  the  voltage  on  the  timing  capaci- 
tor (5.2  volts).  The  gain  of  the  error  amplifier 
is  therefore  given  by: 

t"ca  AVte 
Example: 
Gca=5.2/1 .0=5.2 

B.  Feedback  resistors.  Set  Rci  equal  to  Rmo. 
Rci  =  Rmo 

Rcz  =  Gca  x  Rci 
Example: 

Rcz=5.2x3.9K=20Kohms 

C.  Current  loop  crossover  frequency. 

.    Vout  x  Rs  x  Rcz 
Vsx2nLxRci 

Example: 

fci=(400x0.25x20K)/(5.2x2ro<0.001  x3.9K) 


=15.7KHz 

D.  Ccz  selection.  Choose  a  45  degree  phase 
margin.  Set  the  zero  at  the  loop  crossover  fre- 
quency. 

Ccz  =  ; 


1 


"27ixfcixRcz 
Example: 

Ccz=1/(2tcx1  5.7Kx20K)=507pF. 
Choose  620pF 
E.  Ccp  selection.  The  pole  must  be  above  fs/2. 


Ccp  = 


1 


2nxfsx  Rcz 


Example: 

Ccp=1/(2roc1 00Kx20K)=80pf. 


Choose  62pF 

10.  Harmonic  distortion  budget.  Decide  on  a  maxi- 
mum THD  level.  Allocate  THD  sources  as  nec- 
essary. The  predominant  AC  line  harmonic  is 
third.  Output  voltage  ripple  contributes  Vfe% 
third  harmonic  to  the  input  current  for  each  1% 
ripple  at  the  second  harmonic  on  the  output  of 
the  error  amplifier.  The  feedforward  voltage, 
Vff,  contributes  1%  third  harmonic  to  the  input 
current  for  each  1  %  second  harmonic  at  the  Vff 
input  to  theUC3854. 

Example: 

3%  third  harmonic  AC  input  current  is  chosen 
as  the  specification.  1 .5%  is  allocated  to  the 
Vff  input  and  0.75%  is  allocated  to  the  output 
ripple  voltage  or  1 .5%  to  Vvao.  The  remain- 
ing 0.75%  is  allocated  to  miscellaneous  non- 
linearities. 

11 .  Voltage  error  amplifier  compensation. 

A.  Output  ripple  voltage.  The  output  ripple  is 
given  by  the  following  equation  where  fr  is  the 
second  harmonic  ripple  frequency: 


Vo(pk)  = 


Pin 


2nfr  x  Co  x  Vo 


Example: 

Vo(pk)=250/(2jt1 20x450E-6x400)=1 .84Vac 

B.  Amplifier  output  ripple  voltage  and  gain. 
Vo(pk)  must  be  reduced  to  the  ripple  voltage 
allowed  at  the  output  of  the  voltage  error  am- 
plifier. This  sets  the  gain  of  the  voltage  error 
amplifier  at  the  second  harmonic  frequency. 
The  equation  is: 

AVvao  x  %Ripple 
Qva=  Vo(pk) 


< 

u 

-J 

a 

a. 
< 
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For  the  UC3854  Vvao  is  5-1  =4V 


F.  Find  Rvf. 


Example: 

Gva=(4x0.01 5)/1 .84=0.0326 

C.  Feedback  network  values.  Find  the  compo- 
nent values  to  set  the  gain  of  the  voltage  error 
amplifier.  The  value  of  Rvi  is  reasonably  arbi- 
trary. 

Example: 

Choose  Rvi=511K 


Cvf  = 


"  2rt  x  fr  x  Rvi  xGva 
Example: 

Cvf=1  /(2roc1 20x51 1  Kx0.0326)=0.08uF. 
Choose  0.047uF 

D.  Set  DC  output  voltage. 

„  ,    Rvi  x  Vref 

Rvd  =  77 — \7 — 7 
Vo  -  Vref 

Example: 

Rvd=(511Kx7.5)/(400-7.5)=9.76K. 
Choose  10.  OK 

E.  Find  pole  frequency,  fvi  =  unity  gain  fre- 
quency of  voltage  loop. 

fvi  *  =  Pic  

AVvao  x  Vo  x  Rvi  x  Co  x  Cvf  x  (  2rc ) 
Example: 

fvi  =  >/(250/(4x400xS1 1  Kx450E-6x47E-9x39.5))  = 

19.1  Hz 


Rvf  = 


1 


2k  x  fvi  x  Cvf 


Example: 

Rvf=1/(2ro(19.1x47E-9)=177K.  Choose  174K 

12.  Feedforward  voltage  divider  capacitors.  These 
capacitors  determine  the  contribution  of  Vff  to 
the  third  harmonic  distortion  on  the  AC  input 
current.  Determine  the  amount  of  attenuation 
needed.  The  second  harmonic  content  of  the 
rectified  line  voltage  is  66.2%.  %THD  is  the  al- 
lowed percentage  of  harmonic  distortion  budg- 
eted to  this  input  from  step  1 0  above. 

%THD 


Gff  = 


66.2% 


Example: 

Gff=1. 5/66.2=0.0227 

Use  two  equal  cascaded  poles.  Find  the  pole 
frequencies,  fr  is  the  second  harmonic  ripple 
frequency. 

fp  =  VGTxfr 

Example: 

fp=0.1 5x1 20=1 8Hz 
Select  Cff1  and  Cff2. 

1 


Cff1  : 


Cff2  = 


2k  x  f  p  x  Rff2 

1 


"  2k  x  fp  x  Rff3 
Example: 

Cff1  =1/(2nx1 8x91  K)=0.097uF.  Choose  0.1  OuF 
Cff2=1/(27tx18x20K)=0.44uF.  Choose  0.47uF 
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The  UC3848  Average  Current  Mode  Controller  Squeezes 
Maximum  Performance  from  Single  Switch  Converters 


by  JOHN  A.  O'CONNOR 
ABSTRACT 

This  application  note  describes  the  UC3843  average  current  mode  PWM  controller.  The  unique  features  of 
this  controller  are  discussed,  which  make  primary  side  average  current  mode  control  practical  for  isolated 
converters.  The  UC3848  employs  a  current  waveform  synthesizer  which  monitors  switch  current  and  simu- 
lates the  inductor  current  down  slope,  generating  a  complete  current  waveform  without  actual  secondary 
side  measurement.  Primarily  intended  for  single  ended  converters,  several  additional  features  such  as  ac- 
curate duty-cycle  and  volt-second  limiting  allow  maximum  transformer  and  switch  utilization.  A  three  out- 
put, 200  watt  off-line  design  example  is  presented  which  also  features  planar  magnetics  and  a  coupled 
output  inductor. 

INTRODUCTION 


The  UC3848  represents  a  significant  advance  in 
the  control  of  single  switch  forward  converters. 
Generally  considered  simple  and  reliable,  but  non- 
optimum  in  transformer  and  switch  utilization,  the 
single  switch  forward  has  previously  been  reserved 
for  less  demanding  applications.  Upon  careful  ex- 
amination however,  it  is  apparent  that  many  of  the 
perceived  limitations  actually  result  from  the  con- 
trol circuitry  rather  than  the  converter  topology  it- 
self. 

The  advantages  that  an  inner  current  loop  brings  to 
power  supply  design  and  performance  are  well 
known  [1].  Current  mode  control  is  usually  pre- 
ferred over  direct  duty  cycle  control  because  of  the 
superior  input  supply  rejection  and  simplified  volt- 
age loop  closure.  Average  current  feedback  pro- 
vides additional  advantages  over  the  more 
common  peak  current  feedback.  Major  benefits  in- 
clude inherent  slope  compensation,  better  noise 
rejection,  and  the  ability  to  operate  with  both  con- 
tinuous and  discontinuous  inductor  current.  Addi- 
tionally, average  current  feedback  provides 
significantly  better  closed  current  loop  accuracy. 
This  further  improves  input  supply  rejection  and 
current  limit  accuracy.  Average  current  feedback  is 
detailed  in  the  references  [2,3,4]. 

Maximum  power  component  utilization  requires 
carefully  defined  and  controlled  operating  mode 
boundaries.  While  this  can  be  said  of  many  con- 
verter topologies,  it  is  particularly  critical  with  the 
single  switch  forward  because  of  the  transformer 


reset  mechanism.  Energy  in  the  transformer  leak- 
age and  magnetizing  inductance  must  be  removed 
after  each  energy  transfer  cycle.  Above  all,  the 
control  circuit  must  insure  that  this  condition  is 
achieved.  Total  losses  are  generally  minimized  by 
bringing  the  peak  power  transfer  as  close  to  the 
average  as  possible.  This  indicates  that  improve- 
ments in  efficiency  and  component  utilization  are 
obtainable  by  maximizing  duty-cycle.  Unfortu- 
nately, maximizing  duty-cycle  conflicts  with  assur- 
ing transformer  reset,  traditionally  requiring  an 
overly  conservative  design  to  assure  reliability. 

Previously,  these  characteristics  have  limited  the 
single  switch  converter  to  low-power,  low-end  ap- 
plications. The  UC3848  Average  Current  Mode 
PWM  Controller  allows  operation  beyond  conven- 
tional limitations  by  employing  highly  accurate  cir- 
cuitry to  provide  programmable  operating 
boundaries,  and  by  implementing  an  inner  average 
current  feedback  loop  for  improved  control  charac- 
teristics and  accuracy.  This  control  circuit  advance 
capitalizes  on  unique,  patented  circuitry,  and  the 
precision  achievable  with  Unitrode's  thin-film  resis- 
tor process. 


The  UC3848  Average 
Current  Mode  PWM  Controller 

The  block  diagram  of  the  UC3848  shown  in  figure 
1,  illustrates  a  number  of  unique  functions.  Al- 
though the  IC  can  certainly  be  used  for  flyback, 
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Figure  1 

UC3848  Average  Current  Mode  PWM  Controller 
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Figure  2 

Inductor  Current  Waveform  Synthesizer 
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boost,  as  well  as  other  buck  derived  converters  [4], 
the  UC3848  has  been  optimized  for  forward  con- 
verter use.  The  UC3848s  precision  functions  bring 
switching  power  supply  control  to  a  new  level: 

•  Average  Current  Mode  Control 

•  Average  Current  Sense  Signal  Synthesizer 

•  Programmable  Maximum  Duty-Cycle  and 
Volt-Second  Control 

•  Under  Voltage  Lockout  (UVLO)  monitors 
Vcc,  Vin,  and  Vref 

•  2  Amp  peak  MOSFET  Driver  with  Active 
Low  During  UVLO 

•  8MHz  gain-bandwidth  Current  Error  Amplifier 

•  Latched  PWM  comparator 

•  Practical  Operation  up  to  1  MHz 

•  Low  Start-Up  Current  (500uA) 

•  Precision  Reference  (1  %  @  5V) 

The  sophistication  and  performance  of  the  UC3848 
may  at  first  appear  contradictory  to  simple  forward 
converter  design.  A  truly  simple  implementation 
however,  is  best  achieved  by  maintaining  simple 
power  circuitry,  and  placing  the  complexity  and 
precision  in  the  control  circuitry  where  it  can  be  in- 
tegrated into  a  single  IC. 

Average  Current  Mode  Control 

Average  current  loop  implementation  first  requires 
an  average  current  signal  for  the  control  variable. 
This  immediately  presents  a  problem  with  isolated 
converters  since  this  signal  is  entirely  on  the  sec- 
ondary side.  A  current  sense  transformer  cannot 
be  used  to  directly  sense  output  inductor  current 
with  buck  derived  converters  since  the  inductor 
normally  has  a  continuous  DC  component.  A  po- 
tentially complex  and  expensive  solution  is  avoided 
with  the  realization  that  output  inductor  current  is 
directly  reflected  to  the  primary  during  the  switch 
on  time.  Simply  scaling  the  switch  current  by  the 
transformer  turns  ratio  provides  the  rising  portion  of 
the  inductor  current  waveform.  When  the  switch  is 
off,  the  inductor  current  decays  at  Vout/L.  This  in- 
formation can  be  used  to  synthesize  an  analog  of 
the  actual  output  inductor  current  without  any  sec- 
ondary connections. 

Inductor  current  is  synthesized  by  the  UC3848  with 
a  circuit  that  behaves  similar  to  a  track  and  hold 
amplifier,  as  shown  in  figure  2.  While  the  switch  is 
on,  a  unity  gain  buffer  charges  an  external  capaci- 
tor (Ci),  essentially  following  the  rising  input  current 
waveform.  A  one  volt  offset  is  also  added  to  pro- 
vide sufficient  headroom  for  the  buffer's  output 
stage.  When  the  switch  turns  off,  a  programmable 
current  sink  discharges  the  capacitor,  simulating 
the  actual  inductor  current  decay.  Several  tech- 


niques are  available  for  setting  the  discharge  cur- 
rent, depending  on  the  required  accuracy  of  the 
current  sense  signal.  If  good  short-circuit  accuracy 
is  required,  an  analog  of  the  output  voltage  is  re- 
quired to  control  the  synthesizer  capacitor  dis- 
charge rate.  There  are  two  simple  ways  to  derive 
this  signal  on  the  primary  side. 

The  first  method  uses  a  transformer  bootstrap 
winding  voltage  as  shown  in  figure  2.  The  average 
value  of  the  rectified  output  and  bootstrap  winding 
voltages  are  directly  proportional.  By  adding  a 
separate  rectifier  and  filter  to  this  winding,  the  ca- 
pacitor discharge  current  can  be  programmed  to 
track  Vout.  Typically,  a  bootstrap  winding  is  em- 
ployed with  off-line  converters  to  power  the  control 
circuitry  after  initial  start-up,  so  the  raw  signal  is 
usually  present  at  no  additional  cost.  Note  that  an 
error  is  present  during  transients  since  the  filter 
creates  a  lag  between  the  output  and  the  filtered 
bootstrap  voltages. 

If  the  transient  error  is  unacceptable,  the  technique 
shown  in  figure  3  can  be  used.  A  secondary  wind- 
ing on  the  output  inductor  provides  a  voltage  di- 
rectly proportional  to  the  output  without  filtering. 
While  the  switch  is  off,  Vout  is  across  the  output 
inductor.  Any  other  winding  on  the  inductor  will 
have  a  voltage  proportional  to  Vout  by  the  turns 
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Figure  3 

IOFF  Generation  using 
Second  Inductor  Winding 

ratio  of  the  two  windings.  The  sense  winding  recti- 
fier drop  cancels  the  output  rectifier  drop  when  the 
turns  ratio  is  1 :1 ,  yielding  excellent  signal  accuracy. 
While  this  approach  is  simple  and  accurate,  it  does 
come  at  additional  expense  since  this  winding  is 
not  normally  required.  Additionally,  high  voltage 
agency  approved  isolation  is  required  for  off-line 
converters,  adding  further  cost  and  manufacturing 
complexity  to  the  inductor. 

With  either  of  these  techniques,  an  offset  current 
may  be  added  to  compensate  for  the  synthesizer's 
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Figure  4 

Average  Current  Feedback  Loop 


one  volt  offset.  Connecting  a  resistor  with  a  value 
four  times  the  Ioff  input  resistor  between  the  Vref 
and  Ioff  pins  cancels  the  offset. 

Often,  a  fixed  discharge  current  is  acceptable.  This 
is  programmed  by  connecting  a  resistor  between 
the  Vref  and  Ioff  pins.  The  synthesized  current 
waveform  is  quite  accurate  when  the  output  volt- 
age is  near  the  regulating  value,  however  an  error 
exists  during  start-up  and  output  short-circuit.  Dur- 
ing a  short,  the  current  decays  much  slower  since 
Vout  is  only  the  output  rectifier  and  circuit  resis- 
tance voltage  drops.  The  current  ripple  also  be- 
comes a  small  fraction  of  its  value  at  the  regulating 
voltage.  The  synthesizer  however,  discharges  the 
capacitor  as  if  the  output  were  not  shorted,  and 
therefore  underestimates  the  output  inductor  cur- 
rent. The  short-circuit  current  will  then  exceed  the 
programmed  limit  by  almost  one-half  of  the  normal 
peak-to-peak  ripple  current.  Typically,  the  inductor 
ripple  current  is  20%  to  30%  of  the  maximum  DC 
value,  corresponding  to  a  short  circuit  current  10% 
to  15%  higher  than  the  maximum  output  current 
available  at  normal  output  voltage. 

The  current  error  amplifier  has  sufficient  gain  to 
use  a  current  sense  resistor  directly  in  most  appli- 
cations. A  current  sense  transformer  however,  re- 
sults in  better  performance  by  allowing  a  larger 
amplitude,  lower  noise  signal.  Ideally,  the  current 
sense  signal  is  scaled  to  4  volts  at  the  maximum 
current  level.  The  current  transformer  load  resis- 
tance is  then: 


Rs  =  AVxNx 
where 


Ns 


0) 


N  =  transformer  turns  ratio 
Ns  =  current  transformer  ratio 
II  =  maximum  load  current 
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Figure  5 

Open  Current  Loop  Response 


With  multiple  secondaries,  normalize  all  other 
loads  to  the  main  output  through  the  turns  ratio  di- 
rectly. Note  that  for  these  calculations,  output  in- 
ductors and  their  effect  on  ripple  current  is  not 
considered,  since  the  UC3848  controls  average, 
not  peak  current.  Output  inductances  must  be  nor- 
malized to  the  main  output  through  the  turns  ratio 
squared  however,  when  calculating  peak  current 
and  current  ripple. 

The  recommended  nominal  Ioff  current  is  1 00|i  A, 
leaving  Ci  the  remaining  current  synthesizer  com- 
ponent. 


c  _  ( 100)i4  xNxNsxLnorm) 
(  Rs  x  Vout  (  nom ) ) 


(2) 


where  Lnorm  =  normalized  output 

inductance 


Figure  4  shows  the  average  current  feedback  loop. 
This  inner  loop  is  analogous  to  direct  duty-cycle  or 
voltage-mode  control  except  that  the  control  vari- 
able is  output  inductor  current  rather  than  output 
voltage.  Properly  compensated,  the  open  loop  gain 
is  comparable  to  peak  current-mode's  at  high  fre- 
quency, and  becomes  orders  of  magnitude  higher 
as  frequency  decreases.  The  open  current  loop  re- 
sponse shown  in  figure  5  illustrates  this  behavior. 
This  high  open  loop  gain  translates  into  high 
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Duty-Cycle  Limit  Programming 


closed  loop  accuracy.  In  comparison,  peak  current 
mode  relies  entirely  on  it's  transfer  function  accu- 
racy, and  has  no  means  by  which  to  reduce  errors. 
This  characteristic  difference  from  peak  current- 
mode  is  attributed  to  the  current  error  amplifier's 
compensation,  and  is  key  to  the  resulting  perform- 
ance enhancements. 

The  increased  gain  at  low  frequency  provides  ex- 
cellent closed  current  loop  accuracy,  even  when 
the  inductor  current  becomes  discontinuous.  High 
open  loop  gain  also  allows  greater  filtering  of  the 
current  sense  signal  with  no  degradation  in  closed 
loop  accuracy.  It  is  this  characteristic,  along  with 
the  larger  amplitude  signals  that  provides  signifi- 
cantly reduced  noise  susceptibility  in  comparison 
to  peak  current-mode  control. 


PWM  Oscillator 

Oscillator  programming  is  simplified  by  providing 
internally  set  charge  and  discharge  currents.  Ex- 
cellent initial  accuracy  and  temperature  stability 
are  assured  by  precision  thin-film  resistors.  Since 
only  a  timing  capacitor  (Ct)  is  required  to  set  the 
frequency,  external  component  error  contribution  is 
minimal.  The  precision  high  speed  oscillator  com- 
bined with  short  propagation  delay  through  the 
PWM  circuitry  allows  practical  operation  up  to 
1MHz. 

A  200uA  charge  current  and  a  1 800uA  discharge 
current  generates  a  sawtooth  waveform  with  a  well 
defined  rise/fall  relationship  and  accurate  fre- 
quency. During  discharge,  the  output  driver  is  dis- 
abled, limiting  the  maximum  duty-cycle  to  90%. 
Note  that  this  maximum  can  be  reduced  by  the  ac- 
curate, duty-cycle  limit  and  the  volt-second  product 
limit  circuits,  which  are  explained  in  following  sec- 
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Figure  7 
Volt-Second  Clamp 

tions.  Oscillator  frequency  is  programmed  by: 


1 


( ^0k  x  Ct) 


(3) 


If  greater  frequency  accuracy  is  required,  a  trim  re- 
sistor in  parallel  with  Ct  can  be  added  to  lower  the 
frequency.  The  trim  resistor  should  not  be  less  than 
40kQ,  limiting  the  maximum  trim  range  to  25%  be- 
low nominal.  Frequency  decrease  as  a  function  of 
trim  resistance  is  shown  on  the  UC3848  data 
sheet. 


Duty-Cycle  Limiting  and  Soft  Start 

The  conventional  single  switch  forward  converter 
design  usually  limits  the  maximum  duty-cycle  to 
50%.  This  limit  however,  is  only  required  if  a  one- 
to-one  clamp  winding  is  employed  to  facilitate 
transformer  core  reset.  While  some  designers  still 
use  this  technique,  a  resistor/capacitor/diode 
(RCD)  clamp  has  become  more  prevalent.  The 
RCD  clamp  eliminates  a  transformer  winding  and 
potentially  offers  a  wider  duty-cycle  range.  Cur- 
rently, a  50%  duty-cycle  limit  is  primarily  used  be- 
cause it  can  be  accurately  derived  from  a  toggle 
flip-flop.  To  exploit  a  wider  duty-cycle,  an  accurate, 
programmable  duty-cycle  clamp  is  required. 

The  UC3848  employs  a  unique,  patented  tech- 
nique to  limit  the  maximum  duty-cycle  to  a  value 
programmed  by  a  resistive  divider.  The  circuit  util- 
izes a  capacitor  (Cdc)  for  integration  only,  and 
does  not  rely  on  its  absolute  value  for  maximum 
duty-cycle  accuracy.  The  absolute  value  of  Cdc 
does  set  the  soft-start  time  constant,  although  high 
precision  is  not  normally  required  for  this  function. 

Internally,  the  UC3848  capitalizes  on  the  excellent 
matching  characteristics  achievable  on  an  IC  to  im- 
plement a  charge  balanced  loop.  A  matched  tran- 
sconductance  source  and  sink  form  a  precision 
integrator  circuit,  as  shown  in  figure  6.  The  current 
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source  is  externally  programmed  to  Gm  x  Vdmax 
and  is  on  continually.  The  current  sink  is  internally 
set  at  Gm  x  5V,  and  is  switched  on  and  off.  The  re- 
sulting discharge  current  is  Gm(5V  -  dmax).  The 
current  source  and  sink  charge  and  discharge 
Cdc,  while  its  voltage  is  compared  with  the  oscilla- 
tor voltage. 

The  current  sink  discharges  Cdc  from  the  time  that 
the  switch  is  turned  on  until  the  oscillator  voltage 
becomes  greater  than  Cdc's  voltage.  For  the  re- 
mainder of  the  period,  Cdc  is  charged  by  the  cur- 
rent source.  Note  that  Cdc's  voltage  is  essentially 
a  DC  level  with  a  very  small  ripple  component  un- 
less it  is  a  particularly  small  value.  Cdc  maintains  a 
constant  voltage  only  if  the  average  applied  charge 
is  zero.  The  charge  balanced  loop  therefore  forces 
Idischarge  x  ToN(max)  to  equal  Icharge  X 
TOFF(min).  A  large  offset  voltage  between  Ct  and 
Cdc  may  be  observed  when  measuring  an  actual 
circuit.  This  offset  contributes  negligible  error  since 
high  DC  loop  gain  reduces  its  effect  by  several  or- 
ders of  magnitude. 


While  the  circuit's  operation  may  seem  compli- 
cated, it  couldn't  be  easier  to  apply.  A  voltage  di- 
vider from  Vref  to  Dmax  as  shown  if  figure  6  sets 
the  maximum  duty-cycle.  The  circuit  inherently  pro- 
vides soft-start  at  initial  power-up  as  Cdc  charges 
to  it's  steady  state  value.  Increasing  Cdc  extends 
the  loop  settling  time,  and  hence  the  soft-start  time 
constant,  with  no  effect  on  the  programmed  maxi- 
mum duty-cycle.  Note  that  the  single  pole  loop  re- 
sponse avoids  overshoot,  regardless  of  the 
integrating  capacitor  value.  Soft-start  after  fault  is 
explained  in  the  under-voltage  lockout  section. 
Maximum  duty-cycle  and  soft-start  are  pro- 
grammed by  the  following  relationships: 


Xss  =  20/fxCDc  (5) 


Volt-Second  Product  Limit 

During  transients  it  may  be  desirable  to  limit  the 
duty-cycle  below  the  programmed  maximum  value. 
For  example,  active  transformer  reset  circuits  vary 
the  clamp  voltage  inversely  proportional  to  the  in- 
put supply  voltage  [5].  During  steady  state  opera- 
tion the  peak  MOSFET  voltage  varies  much  less 
than  with  passive  clamp  circuits.  Unless  the  input 
voltage  range  is  large,  the  peak  MOSFET  voltage 
will  be  fairly  constant.  This  occurs  because  the  ap- 
plied volt-second  product  remains  constant  over 
the  entire  operating  duty-cycle  range  during  steady 
state.  Thus  as  the  input  voltage  goes  up  and  the 
duty-cycle  decreases,  the  clamp  voltage  goes 


down  as  the  reset  time  increases. 

If  during  a  transient  the  duty-cycle  is  allowed  to  in- 
crease excessively,  the  MOSFET  will  be  subjected 
to  significantly  higher  voltages.  This  assumes  that 
the  reset  circuit's  clamp  voltage  can  slew  rapidly.  If 
it  cannot,  the  magnetizing  current  will  ratchet  up, 
possibly  saturating  the  transformer.  Both  scenarios 
are  easily  prevented  by  simply  limiting  the  maxi- 
mum applied  volt-second  product. 

The  UC3848  generates  a  voltage  proportional  to 
the  volt-second  product  with  the  circuit  shown  in 
figure  7.  A  current  directly  proportional  to  the  sup- 
ply voltage  (Vin/Rvs)  charges  a  capacitor  (Cvs) 
while  the  MOSFET  is  on.  When  the  MOSFET  is 
turned  off,  the  capacitor  is  discharged.  Volt-second 
limiting  is  accomplished  by  comparing  the  capaci- 
tor's voltage  to  a  4  volt  reference,  and  terminating 
the  pulse  width  for  the  remainder  of  the  switching 
period.  Normally,  the  worst  case  MOSFET  voltage 
occurs  during  maximum  input  voltage  at  the  volt- 
second  limited  duty-cycle.  However,  high  turns  ra- 
tio designs  which  allow  a  very  wide  duty-cycle  may 
actually  generate  the  highest  MOSFET  voltage 
during  low-line  at  the  volt-second  limited  duty-cy- 
cle. 

Since  the  volt-second  product  is  constant  it  can  be 
calculated  at  any  input  voltage.  The  effectiveness 


Figure  8 
Under  Voltage  Lockout 


of  the  volt-second  limit  however,  should  be  ana- 
lyzed at  minimum  and  maximum  input  voltage,  in 
addition  to  a  few  more  typical  voltages.  The  vott- 
second  product  clamp  is  programmed  by: 

Vin  x  Ton  =  4. 0  V  x  R vs  x  Cvs  (6) 

Under  Voltage  Lockout 

Programmable  under  voltage  lockout  (UVLO)  fur- 
ther defines  operating  mode  boundaries.  Vcc,  Vin, 
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and  Vref  are  monitored  to  insure  that  the  chip 
supply,  main  input  supply,  and  reference  are  within 
specification  before  enabling  the  output  stage.  Fig- 
ure 8  shows  the  block  diagram  of  the  UVLO  cir- 
cuitry. 

The  Vcc  comparator  monitors  the  chip  supply  volt- 
age. Hysteretic  thresholds  at  13V  and  10V  insure 
that  sufficient  voltage  is  available  to  power  the  chip 
and  fully  turn  on  the  MOSFET.  The  Vin  comparator 
monitors  the  input  supply  through  a  resistive  di- 
vider. A  small  capacitor  from  UV  to  ground  is  usu- 
ally required  to  filter  noise  from  this  high 
impedance  node.  Both  the  thresholds  and  the  hys- 
teresis are  programmed  by  the  divider  values  with 
the  relationships: 


Rvz  =  Rvz  II  90k 


(7) 


(8) 


(9) 


WW(  OFF) 

where 

VlN(HYS)  =  4.5Vx^L 

When  either  the  Vcc  or  the  Vin  comparator  are 
low,  the  bias  circuitry  to  the  rest  of  the  chip  is  off. 
The  quiescent  current  (Ice)  is  nominally  500u  A  to 
facilitate  off-line  applications.  Once  both  Vcc  and 
Vin  are  within  specification,  the  bias  circuitry  for 
the  rest  of  the  chip  is  activated.  The  output  driver 
and  Cdc  pin  are  still  held  low  until  Vref  exceeds 
the  4.5V  threshold  of  the  Vref  comparator.  When 
the  Vref  comparator  goes  high,  control  of  the  out- 
put driver  transfers  to  the  PWM  circuitry  and  Cdc  is 
allowed  to  charge,  soft-starting  the  supply. 

If  any  of  the  three  monitored  voltages  falls  below 
their  threshold  during  start-up  or  normal  operation, 
the  UVLO  latch  is  set,  the  output  driver  is  held  low, 
and  Cdc  is  discharged.  This  state  is  maintained 
until  Cdc  is  fully  discharged,  at  which  point  opera- 
tion is  as  described  above. 


Output  Driver 

High  current  transistors  enable  the  output  driver  to 
deliver  2  amps  peak  allowing  direct  interface  to 
any  MOSFET  typically  used  in  single  ended  con- 
verters. The  driver  also  incorporates  self-biasing 
circuitry  that  maintains  a  low  impedance  to  ground 
during  UVLO.  This  assures  that  high  dv/dt  at  Vin 
during  power-up  cannot  inadvertently  turn  on  the 
MOSFET  through  its  miller  capacitance. 

The  combination  of  high  peak  current,  stray  circuit 
inductance,  and  capacitive  gate  load  result  in  re- 
flections back  to  the  driver,  which  if  left  undamped, 
will  cause  erratic  chip  behavior.  External  schortky 


diodes  from  the  output  to  Vcc  and  ground  will  di- 
vert the  reflected  current  and  assure  reliable  op- 
eration. A  well  designed  layout  with  typical  circuit 
values  will  normally  require  1A,  20V  schottky 
clamp  diodes.  Looser  layouts,  longer  gate  drive 
traces,  and  lower  gate  resistor  values  all  place 
greater  demand  on  the  output  clamping  circuit,  and 
may  necessitate  higher  current  diodes. 


Voltage  Reference  and  Error  Amplifier 

Since  the  UC3848  is  intended  for  primary  side  con- 
trol, the  voltage  reference  (Vref)  does  not  affect 
output  voltage  stability.  It  does  however,  affect  cur- 
rent limiting  and  the  other  precision  circuits  pre- 
viously mentioned,  and  has  therefore  been 
designed  for  good  initial  accuracy  and  temperature 
drift.  The  reference  should  be  capacitively  by- 
passed to  reduce  high  frequency  output  imped- 
ance and  noise  susceptibility. 

To  facilitate  wide  bandwidth  current  loops,  the  error 
amplifier  has  an  8Mhz  gain  bandwidth  product. 
Even  with  small  current  feedback  signals  such  as 
from  a  current  sense  resistor,  loop  bandwidth  will 
almost  always  be  limited  by  external  circuit  charac- 
teristics rather  than  error  amplifier  limitations.  The 
amplifier's  8  V/s  slew  rate  assures  that  even  during 
large  signal  transients,  external  components  will 
determine  circuit  behavior. 

Design  Example 

A  200  watt  off-line  supply  utilizing  the  UC3848  is 
shown  in  figure  9.  It  delivers  a  regulated  +5V  at 
20A,  and  a  semi-regulated  +/-15V  at  3.3A.  The 
conversion  frequency  is  260kHz,  which  was  deter- 
mined to  be  a  reasonable  compromise  between 
size  and  efficiency.  A  coupled  output  inductor  im- 
proves dynamic  cross  regulation  and  steers  some 
of  the  +5V  ripple  current  to  the  +/-1 5V  filter  capaci- 
tors [9].  This  results  in  minimal  total  output  capaci- 
tor volume.  A  bridge/doubler  input  rectifier  allows 
operation  over  an  input  range  of  85  to  265VAC.  For 
simplicity  and  cost,  an  RCD  clamp  is  employed  to 
facilitate  transformer  reset.  This  common  configu- 
ration is  typical  of  many  commercial  applications. 

The  transformer  turns  ratio  is  selected  to  minimize 
MOSFET  stress.  Ideally,  the  maximum  duty-cycle 
should  be  as  large  as  possible,  allowing  the  high- 
est turns  ratio  and  lowest  reflected  load  current. 
This  must  be  balanced  against  the  peak  MOSFET 
voltage  developed  during  transformer  reset. 

Since  the  UC3848  can  accurately  define  operating 
mode  boundaries,  any  practical  duty-cycle  range 
can  be  used.  This  allows  maximum  utilization  of 
both  current  and  voltage  capability  of  a  particular 
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MOSFET.  The  RCD  clamp  allows  some  trade-off  in 
dissipation  versus  peak  MOSFET  voltage.  Turns 
ratio  and  clamp  optimization  requires  a  good  esti- 
mation of  leakage  inductance,  switch  capacitance, 
and  transformer  interwinding  capacitance,  since 
energy  stored  in  these  parasitica  will  be  transferred 
or  dissipated  each  switching  cycle.  RCD  clamp  op- 
timization is  covered  in  detail  in  reference  [6]. 

The  design  example  transformer  uses  a  16:1  turns 
ratio  (primary  to  5  volt),  allowing  a  wide  input  sup- 
ply range  and  reliable  use  of  an  800V  MOSFET. 
The  MOSFET,  an  APT801 R2BN  from  Advanced 
Power  Technology  [7],  is  rated  at  800V  and  has 
1.2n  maximum  on  resistance  at  25°C.  A  planar 
transformer  and  coupled  output  inductor  from  Sig- 
nal Transformer  Co.  [8]  are  used,  which  offer  sev- 
eral advantages  over  custom  wound  components. 
Planar  construction  provides  tighter  parameter  tol- 
erance. Compact,  low  profile  magnetics  help 
achieve  high  power  density.  Their  standard  design 
provides  agency  approved  insulation  and  known 
performance  characteristics,  greatly  reducing  the 
number  of  iterations  to  produce  a  good  power  sup- 
ply design. 


Figure  9 

200W  3  OUTPUT  FORWARD  CONVERTER 


The  duty-cycle  is  limited  to  0.6,  maintaining  regula- 
tion down  to  approximately  160  VDC  in.  With  the 
switching  frequency  programmed  for  260  kHz,  the 
nominal  volt-second  product  is  345  Vs.  The  volt- 
second  clamp  is  programmed  to  425  Vs  to  allow 
for  tolerances  and  large  signal  transients. 

A  current  transformer  senses  switch  current  result- 
ing in  minimal  loss  and  good  signal  quality.  A 
1000pF  capacitor  shunts  the  high  frequency  turn- 
on  spike  before  feeding  the  current  sense  signal  to 
the  UC3848s  current  waveform  synthesizer.  A 
fixed  Ioff  value  renders  an  acceptable  short  circuit 
current  for  this  application.  Average  short  circuit 
losses  are  kept  low  by  the  hiccup  action  which  oc- 
curs as  the  boot-strap  supply  colapses  and  the 
supply  restarts.  Highly  accurate  short  circuit  cur- 
rent is  most  advantageous  when  a  continuous  sup- 
ply is  available  for  the  control  circuit  such  as  in  low 
voltage  DC  to  DC  converter  applications. 

When  the  MOSFET  is  on,  the  current  synthesizer's 
Ioff  current  is  increased  through  a  resistor  con- 
nected to  the  gate  driver  output  (R13).  This  allows 
Ci's  voltage  to  better  follow  rectifier  reverse  recov- 
ery spikes  present  in  the  current  waveform.  This 
technique  allows  minimal  filtering  of  the  current 
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Figure  10 
Voltage  Feedback  Loop 

sense  signal,  and  thus  preserves  accuracy. 

The  coupled  output  inductor  provides  good  dy- 
namic cross  regulation,  and  steers  some  of  the  5 
volt  ripple  current  to  the  +/-15  volt  outputs  where  it 
is  more  efficiently  filtered.  Although  this  technique 
minimizes  size  and  complexity,  it  does  negate  two 
major  advantages  of  average  current  mode  control. 
The  average  current  loop  maintains  excellent  regu- 
lation down  to  zero  load  for  the  fully  regulated  out- 
put. Unfortunately,  the  semi-regulated  outputs  will 
degrade  quickly  as  the  inductor  current  becomes 
discontinuous,  forcing  minimum  loads  for  reason- 
able output  voltage  tolerance.  Also,  stray  and  leak- 
age inductance  between  the  secondary  circuits 
introduces  parasitic  tank  circuits,  which  if  under- 
damped,  will  cause  output  ringing  and  instability. 
Generally,  electrolytic  output  capacitors,  low  cou- 
pled inductor  leakage  inductance,  and  tight  layout 
will  allow  successful  implementation,  although  loop 
bandwidth  must  usually  be  compromised  to  main- 
tain stability.  Coupled  output  inductor  design  and 
application  is  detailed  in  reference  [9]. 

Without  the  additional  output  circuitry  parasitics,  a 
single  output  supply  with  average  current  feedback 
has  excellent  regulation  and  transient  response 
from  zero  to  full  load.  There  is  also  much  less  re- 
striction on  output  capacitor  type,  allowing  small 
ceramic  or  film  capacitors  in  many  applications.  Al- 
though the  design  example's  closed  loop  band- 
width is  not  as  high  as  would  be  achievable  with  a 
single  output,  the  electrolytic  output  capacitors 
store  enough  energy  to  provide  good  transient  re- 
sponse and  low  output  impedance. 


loop  compensation  is  best  described  in  the  refer- 
ences [2,3],  as  a  number  of  subtleties  must  be 
considered  for  optimal  performance.  The  basic  ap- 
proach is  easily  summarized: 

To  avoid  subharmonic  oscillation  of  a  single  pole 
system,  the  amplified  inductor  current  downslope 
at  one  input  of  the  PWM  comparator  must  not  ex- 
ceed the  oscillator  ramp  slope  at  the  other  compa- 
rator input.  This  puts  an  upper  limit  on  the  current 
amplifier  gain,  and  indirectly  sets  the  loop  gain 
crossover  frequency.  As  derived  in  [2],  the  resulting 
unity  gain  crossover  frequency  will  be: 


(fsVlN)    _  fs 

(2tiVout)  (2kD) 


(10) 


The  crossover  frequency  must  be  reduced  in  a 
practical  system  to  account  for  tolerances  and  ad- 
ditional waveform  slope  injected  by  output  voltage 
ripple  through  the  voltage  error  amplifier.  For  the 
design  example,  fc  is  approximately  50kHz  at  the 
maximum  duty-cycle. 

At  the  switching  frequency,  the  average  current 
loop's  behavior  is  similar  to  peak  current  mode 
control.  Placing  a  zero  at  one-half  the  crossover 
frequency  increases  the  loop  gain  with  decreasing 
frequency,  providing  high  closed  current  loop  accu- 
racy. To  further  reduce  noise  susceptibility,  a  pole 
is  placed  at  the  switching  frequency.  While  such  a 
low  frequency  filter  is  completely  unacceptable 
with  peak  sensing,  the  high  gain  at  low  frequency 
assures  accurate  current  limiting.  It  is  these  funda- 
mental differences  from  peak  current  mode  which 
provide  the  performance  enhancements. 

The  voltage  loop  reference  and  error  amplifier  re- 
side on  the  secondary  side  as  typically  configured 
in  off-line  power  supplies.  A  UC19432  incorporates 
a  high  precision  reference,  voltage  error  amplifier, 
and  programmable  transconductance  amplifier  for 
accurate  opto-coupled  feedback.  Voltage  loop 
compensation  is  normally  the  same  as  with  peak 
current  mode  control  and  is  described  in  detail  in 
the  references  [2,9,10].  As  previously  noted,  an  ad- 
ditional LC  pole  resulting  from  leakage  and  stray 
inductance  requires  additional  compensation.  Ulti- 
mately, this  parasitic  restricts  the  bandwidth  of  this 
coupled  inductor  design  example,  although  tran- 
sient response  is  still  quite  good.  The  same  control 
configuration  with  a  single  output  supply  provides 
optimal  performance  and  allows  simpler  compen- 
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Control  Loops 

A  block  diagram  of  the  voltage  feedback  loop  is 
shown  in  figure  10.  For  clarity,  the  inner  average 
current  feedback  loop  is  shown  as  a  transconduc- 
tance amplifier,  and  is  identical  to  figure  4.  Current 


Summary 

The  UC3848  clearly  demonstrates  the  next  level  of 
switching  power  supply  control  achievable  with  im- 
proved techniques  and  precision  circuitry.  High 
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performance  and  high  power  density  objectives 
coupled  with  the  need  for  simplicity  and  low  cost 
have  called  for  further  refinement  of  single  switch 
conversion.  The  UC3848  answers  that  call  combin- 
ing precision  circuitry,  average  current  mode  con- 
trol and  function  flexibility,  allowing  optimal  power 
component  utilization  and  performance. 
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PARTS  LIST  FOR  200W  CONVERTER 


R1.2 

825k 

1% 

R3.4 

243k 

1% 

RS 

422k 

1% 

R6,  7 

10k 

RS 

10.0k 

1% 

R9 

15.0k 

1% 

R10, 11 

62k 

1w 

R12 

68 

R13 

36k 

R14 

39k 

R15.23 

2k 

R16,  17 

15k 

3w 

R18 

10 

2w 

R19,  20 

33 

1/2W 

R21 

33 

R22 

200 

R24 

18.7k 

1% 

R25 

6.49k 

1% 

R26 

1k 

R27,  28 

20 

R29 

100 

R30,  31 

120k 

1/2W 

R32 

5QNTC 

thermistor 

C1-C4 

390nF 

20% 

2O0V 

C5 

1O0|iF 

20% 

25V 

C6,  20,  31 , 
32,  35,  38 

1uF 

C7,  14 

1nF 

C8 

220pF 

5% 

C9 

47nF 

C10 

390pF 

5% 

C11 

22pF 

C12 

330pF 

C13 

220pF 

C15 

10nF 

C16 

2.2nF 

C17 

4.7nF 

100V 

C18, 19 

470pF 

500V 

C21,  23 

3.3nF 

C24-C30 

1000uF 

20% 

10V 

C32,  33,  36,  37 

330uF 

20% 

25V 

C39,  40 

2.2nF 

20% 

500V 

class  xfy 

C41.42 

100nF 

20% 

100V 

D1 

MB106-ND 

(Diodes,  Inc.) 

D2,  3 

1N5820 

D3 

1N4745A 

D4,  5 

1N4148 

D6 

10DF8 

(International  Recilier) 

D7 

40CPQ060 

(International  Recilier) 

D9,  10 

10CTF20 

(International  Recilier) 

Q1 

APT801R2BN 

(AoVanced  Power  Technology) 

L1,2 

RL-1160-1.0 

(Renco) 

L3 

SHFI-2515 

(Signal  Transformer  Co.) 

TR1 

SHF-2525-16 

(Signal  Transformer  Co.) 

TR2 

PE  64978 

(Pulse  Engineering) 

U1 

UC3848 

U2 

UC19432 

NOTE:  All  resistors  5%,  1/4  watt  unless  noted 
All  capacitors  1 0%,  50V  unless  noted 
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PHASE  SHIFTED,  ZERO  VOLTAGE  TRANSITION 
DESIGN  CONSIDERATIONS  and  the 
UC3875  PWM  CONTROLLER 

BILL  ANDREYCAK 
ABSTRACT 

This  Application  Note  will  highlight  the  design  considerations  incurred  in  a  high  frequency  power  supply  us- 
ing the  Phase  Shifted  Resonant  PWM  control  technique.  An  overview  of  this  switching  technique  including 
comparisons  to  existing  fixed  frequency  non-resonant  and  variable  frequency  Zero  Voltage  Switching  is  in- 
cluded. Numerous  design  equations  and  associated  voltage,  current  and  timing  waveforms  supporting  this 
technique  will  be  highlighted.  A  general  purpose  Phase  Shifted  converter  design  guide  and  procedure  will 
be  introduced  to  assist  in  weighing  the  various  design  tradeoffs.  An  experimental  500  Watt,  48  volt  at  10.5 
amp  power  supply  design  operating  from  a  preregulated  400  volt  DC  input  will  be  presented  as  an  exam- 
ple. Considerations  will  be  given  to  the  details  of  the  magnetic,  power  switching  and  control  circuitry  areas. 
A  summary  of  comparative  advantages,  differences  and  tradeoffs  to  other  conversion  alternatives  is  in- 
cluded. 


UC3875  CONTROL  CIRCUIT  SCHEMATIC 
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APPLICATION  NOTE 

INTRODUCTION 

The  merits  of  lossless  transitions  using  Zero  Volt- 
age Switching  techniques  have  already  been  es- 
tablished in  power  management  applications.  [1-5] 
Effects  of  the  parasitic  circuit  elements  are  used 
advantageously  to  facilitate  the  resonant  transitions 
as  opposed  to  being  dissipatively  snubbed.  This 
resonant  tank  functions  to  position  zero  voltage 
across  the  switching  device  prior  to  turn-on,  elimi- 
nating any  power  loss  due  to  the  simultaneous 
overlap  of  switch  current  and  voltage  at  each  tran- 
sition. High  frequency  converters  operating  from 
high  voltage  input  sources  stand  to  gain  significant 
improvements  in  efficiency  with  this  technique.  The 
full  bridge  topology  as  shown  in  figure  2.  will  be  the 
specific  focus  of  this  presentation,  with  an  empha- 
sis placed  on  the  fixed  frequency,  phase  shifted 
mode  of  operation. 


Full  Bridge  Topology  -  General  Circuit 


Figure  2 

SWITCH  DRIVE  COMMANDS 

The  diagonal  bridge  switches  are  driven  together  in 
a  conventional  full  bridge  converter  which  alter- 
nately places  the  transformer  primary  across  the 
input  supply,  Vin,  for  some  period  of  time,  t(on)  as 
shown  in  figure  3. 

Power  is  only  transferred  to  the  output  section  dur- 
ing the  ON  times  of  the  switches  which  corre- 
sponds to  a  specific  duty  cycle  when  operated  at 
fixed  frequency.  Additionally,  the  complete  range  of 
required  duty  cycles  is  unique  to  the  application, 
and  can  be  estimated  from  the  power  supply  input 
and  output  \ 


U-136A 

Conventional  Full  Bridge  PWM  Waveforms 
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Figure  3 

Rather  than  driving  both  of  the  diagonal  full  bridge 
switches  together,  a  deliberate  delay  will  be  intro- 
duced between  their  turn-on  commands  with  the 
Phase  Shifted  approach.  This  delay  will  be  ad- 
justed by  the  voltage  loop  of  the  control  circuitry, 
and  essentially  results  as  a  phase  shift  between 
the  two  drive  signals.  The  effective  duty  cycle  is 
controlled  by  varying  the  phase  shift  between  the 
switch  drive  commands  as  shown  in  figure  4. 

Unique  to  this  Phase  Shifted  technique,  two  of  the 
switches  in  series  with  the  transformer  can  be  ON, 
yet  the  applied  voltage  to  the  transformer  is  zero. 
These  are  not  diagonal  switches  of  the  full  bridge 
converter,  but  either  the  two  upper  or  two  lower 
switches.  In  this  mode  the  transformer  primary  is 
essentially  short  circuited  and  clamped  to  the  re- 
spective input  rail.  Primary  current  is  maintained  at 
its  previous  state  since  there  is  no  voltage  available 
for  reset  to  take  place.  This  deadband  fills  the  void 
between  the  resonant  transitions  and  power  trans- 
fer portion  of  the  conversion  cycle.  Switches  can  be 
held  in  this  state  for  a  certain  period  of  time  which 
corresponds  to  the  required  off  time  for  that  par- 
ticular switching  cycle. 

When  the  correct  one  of  these  switches  is  later 
turned  off,  the  primary  current  flows  into  the  switch 
output  capacitance  (Coss)  causing  the  switch  drain 
voltage  to  resonate  to  the  opposite  input  rail.  This 
aligns  the  opposite  switch  of  the  particular  bridge 
"leg"  with  zero  voltage  across  it  enabling  Zero  Volt- 
age Switching  upon  its  turn  ON. 
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Phase  Shifted  PWM  Control  Waveforms 


Figure  4 


2VS  FUNDAMENTALS 

An  intentional  dead-time  can  be  introduced  in  the 
power  conversion  cycle  whereby  the  switch  re- 
mains off  and  is  clamped  at  zero  voltage  by  the 
resonant  tank.  Rather  then  turn  the  switch  on  in- 
stantly when  zero  voltage  is  attained,  the  switch  is 
held  off  while  the  primary  current  circulates  into  the 
shorted  primary  through  the  body  diode  and  the 
opposite  leg  switch,  which  is  still  on.  This  off  time  is 
used  to  fill  in  the  voids  between  the  point  where 
zero  voltage  has  been  reached  where  the  switch 
needs  to  turned  on  to  achieve  fixed  frequency  op- 
eration. 

Fixed  frequency  operation  is  obtainable  over  an 
identified  range  of  input  voltages  and  output  cur- 
rents. For  reference  purposes,  the  variable  fre- 
quency ZVS  technique  has  similar  limitations  for 
proper  operation  which  occur  at  minimum  output 
load  and  maximum  input  line  as  shown  in  figure  5. 


Figure  5 
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ZVS  Limitations 


Phase  Shifted  PWM  Switch  Orientation 


SWITCH  POINT 
Figure  6 

PHASE  SHIFTED  FUNDAMENTALS 

Switches  within  the  Phase  Shifted  full  bridge  con- 
verter will  be  utilized  differently  than  those  of  its 
nonresonant  counterpart.  Instrumental  to  this  tech- 
nique is  the  use  of  the  parasitic  elements  of  the 
MOSFET  switch's  constructuin.  The  internal  body 
diode  and  output  capacitance  (Coss)  of  each  de- 
vice (in  conjunction  with  the  primary  current)  be- 
come the  principal  components  used  to  accomplish 
and  commutate  the  resonant  transitions. 

CIRCUIT  SCHEMATIC  AND  DESCRIPTION 

Detailed  operation  of  the  Phase  Shifted  Converter 
operation  will  begin  following  a  description  of  the 
circuit  elements.  The  circuit  schematic  of  this  tech- 
nique is  shown  in  figure  7.  including  voltage  and 
current  designations. 

The  basic  circuit  is  comprised  of  four  switches  la- 
beled QA  through  QD  and  is  divided  up  into  two 
"legs",  the  right  and  left  hand  legs.  Each  switch  is 
shown  shunted  by  its  body  diode  (DA  through  DD) 
and  parasitic  output  capacitance,  (CA  through  CD). 
These  have  been  identified  separately  to  clarify  the 
exact  elements  and  current  paths  during  the  con- 
version interval. 

A  detailed  model  of  the  transformer  primary  section 
is  presented  which  separately  indicates  the  leak- 


Figure  7 

age  and  magnetizing  inductances  and  currents  of 
the  primary.  The  reflected  secondary  contributors 
to  primary  current  are  also  shown  for  complete- 
ness, and  divided  into  two  components.  The  DC 
primary  current  (IP)  is  the  secondary  DC  output 
current  divided  by  the  transformer  turns  ratio  (N). 
The  secondary  AC  current  should  also  accounted 
for  by  multiplying  the  output  inductance  by  the 
turns  ratio  squared  (NA2),  or  dividing  the  secon- 
dary AC  ripple  current  Isec(ac)  by  the  turns  ratio 
(N)  as  shown  in  figure  8. 


Primary  Magnetic  Components 
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Figure  8 
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INITIAL  CONDITIONS  :  t  =  t(0) 

The  description  of  the  Phase  Shifted  operation  will 
begin  with  the  conclusion  of  one  power  transfer  cy- 
cle. This  occurs  when  the  transformer  had  been 
delivering  power  to  the  load  and  two  of  diagonal 
switches  of  the  converter  were  conducting.  The  in- 
itial current  flowing  in  the  primary  can  be  desig- 
nated as  lp(t(0)). 

INITIAL  CONDITIONS: 

time  t<t(0) 
Qa  =  ON,  Qd  =  ON 


effective  leakage  inductance  value,  this  presenta- 
tion will  refer  to  the  lumped  sum  of  these  inductors 
as  the  resonant  inductance.  Lr.  In  a  practical  appli- 
cation it  may  be  difficult  to  accurately  control  the 
transformers  leakage  inductance  within  an  accept- 
able ZVS  range,  necessitating  an  external  "shim" 
inductor  to  control  the  accuracy.  It's  also  possible 
that  the  transformer  leakage  inductance  can  be  too 
low  to  provide  the  desired  transition  times  for  the 
application  so  an  external  inductor  can  be  intro- 
duced to  modify  the  resonant  inductance. 

RIGHT  LEG  TRANSITION 
time  t(0)<t<t(1) 
Qa  =  ON,  Qd  =  ON     Cc  =  \  ,  Cd  =  | 


RIGHT  LEG  RESONANT  TRANSITION  :  INTER- 
VAL: t(0)  <t  <t(1) 

The  primary  current  flowing  at  time  t(0)  is  equal  to 
lp(t(0))  and  was  being  conducted  through  the  di- 
agonal set  of  transistors  QA  in  the  upper  left  hand 
corner  of  the  bridge  and  transistor  QD  in  the  lower 
right.  Instantly,  at  time  t(0)  switch  QD  is  turned  off 
by  the  control  circuitry  which  begins  the  resonant 
transition  of  the  right  hand  leg  of  the  converter. 

The  primary  current  flowing  is  maintained  nearly 
constant  at  lp(t(0))  by  the  resonant  inductance 
(Lp(res))  of  the  primary  circuit,  often  referred  to  as 
the  transformers  leakage  inductance.  Since  an  ex- 
ternal series  inductance  can  be  added  to  alter  the 


Figure  10 

With  switch  QD  turned  off,  the  primary  current  con- 
tinues to  flow  using  the  switch  output  capacitance, 
Coss  to  provide  the  path.  This  charges  the  switch 
capacitance  of  QD  from  essentially  zero  volts  to 
the  upper  voltage  rail,  Vin+.  Simultaneously,  the 
transformer  capacitance  (Cxfmr)  and  the  output 
capacitance  of  switch  QC  is  discharged  as  its 
source  voltage  rises  from  the  lower  to  the  upper 
rail  voltage.  This  resonant  transition  positions 
switch  QC  with  no  drain  to  source  voltage  prior  to 
turn-on  and  facilitates  lossless,  zero  voltage 
switching. 
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The  primary  current  causing  this  right  leg  transition 
can  be  approximated  by  the  full  load  primary  cur- 
rent of  IP(t(0)).  The  small  change  due  to  the  barely 
resonant  circuit  contribution  is  assumed  to  be  neg- 
ligible in  comparison  to  the  magnitude  of  the  full 
load  current. 

During  this  right  leg  transition  the  voltage  across 
the  transformers  primary  has  decreased  fom  Vin  to 
zero.  At  some  point  in  the  transition  the  primary 
voltage  drops  below  the  reflected  secondary  volt- 
age, Vout*N.  When  this  occurs  the  primary  is  no 
longer  supplying  full  power  to  the  secondary  and 
the  output  inductor  voltage  changes  polarity.  Simul- 
taneously, energy  stored  in  the  output  choke  be- 
gins supplementing  the  decaying  primary  power 
until  the  primary  contribution  finally  reaches  zero. 

Once  the  right  leg  transition  has  been  completed 
there  is  no  voltage  across  the  transformer  primary. 
Likewise,  there  is  no  voltage  across  the  transform- 
ers secondary  winding  and  no  power  transferred, 
assuming  ideal  conditions.  Note  that  the  resonant 
transition  not  only  defines  the  rate  of  change  in  pri- 
mary and  secondary  voltages  dV/dt,  but  also  the 
rate  of  change  in  current  in  the  output  filter  net- 
work, dl/dt. 


CLAMPED  FREEWHEELING  INTERVAL 
Timet(1)<t<t(2) 

Once  the  right  leg  transition  is  complete  the  pri- 
mary current  free  wheels  through  transistor  QA 
and  the  body  diode  of  switch  QC.  The  current 
would  remain  constant  until  the  next  transition  oc- 
curs assuming  that  the  components  were  ideal. 
Switch  QC  can  be  turned  on  at  this  time  which 
shunts  the  body  diode  with  the  FET  Rds(on)  switch 
impedance  thus  lowering  conduction  losses.  Al- 
though current  is  flowing  opposite  to  the  normal 
convention  (source  to  drain)  the  channel  of  QC  will 
conduct  and  divide  the  current  between  the  switch 
and  body  diode. 


LEFT  LEG  TRANSITION  : 
Time  t(2)  <t  <t(3) 

At  time  t(2)  a  residual  current  was  flowing  in  the 
primary  of  the  transformer  which  is  slightly  less 
than  IP(t(0))  due  to  losses.  Switch  QC  has  been 


previously  turned  ON  and  switch  QA  will  now  be 
turned  OFF.  The  primary  current  will  continue  to 


CLAMPED  FREEWHEELING  INTERVAL 
time  t(1)<t<t(2) 
Qa  =  ON,  Qc  =  ON,  Dc  =  ON 


Figure  11 

flow  but  the  path  has  changed  to  the  output  capaci- 
tance (Coss)  of  switch  QA  instead  of  its  channel. 
The  direction  of  current  flowing  causes  the  drain  to 
source  voltage  of  switch  QA  to  increase  and  lowers 
its  source  from  the  upper  to  lower  rail  voltage.  Just 
the  opposite  conditions  have  occurred  to  switch  QB 
which  previously  had  the  full  input  across  its  termi- 
nals. The  resonant  transition  now  aligns  switch  QB 
with  zero  voltage  across  it,  enabling  lossless 
switching  to  occur. 

Primary  current  continues  to  flow  and  is  clamped 
by  the  body  diode  of  switch  QB,  which  is  still  OFF. 
This  clamping  into  a  short  circuit  is  a  necessary 
condition  for  fixed  frequency,  zero  voltage  switch- 
ing. Once  switch  QB  is  turned  ON,  the  transformer 
primary  is  placed  across  the  input  supply  rails 
since  switch  QC  is  already  ON  and  will  begin  to 
transfer  power.  Although  zero  voltage  switching  has 
already  been  established,  turning  ON  switch  QB 
the  instant  it  reaches  zero  voltage  will  cause  vari- 
able frequency  operation. 
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LEFT  LEG  TRANSITION 
time  t(2)<t<t(3) 
Qa  =  OFF,  Qc  =  ON,  Dc  =  ON     Cb  =  J  ,  Ca  =  f 


Figure  12 

Note  that  this  left  leg  transition  will  require  more 
time  to  complete  than  the  right  leg  transition.  Con- 
duction losses  in  the  primary  switches,  transformer 
winding  and  interconnections  result  in  a  net  DC 
voltage  drop  due  to  the  flowing  primary  current.  En- 
ergy stored  in  the  series  resonant  inductor  and 
magnetizing  inductance  is  no  longer  ideally 
clamped  to  zero  voltage.  This  loss,  in  addition  to 
the  losses  incurred  during  the  previous  transition, 
reduce  the  primary  current  below  its  initial  (IP(t(0)) 
value,  thus  causing  a  longer  left  leg  transition  time 
than  the  right  leg. 

Unlike  conventional  power  conversion,  one  transis- 
tor in  the  diagonal  pair  of  the  phase  shifted  full 
bridge  converter  is  ON  just  before  power  is  trans- 
ferred which  simplifies  the  gate  drive.  An  additional 
benefit  is  realized  by  designating  these  commutat- 
ing  switches  as  the  high  side  switches  of  the  con- 
verter, usually  far  more  difficult  to  drive  than  their 
lower  side  counterparts. 


POWER  TRANSFER  INTERVAL 
Time  t(3)  <t  <t(4) 

This  interval  of  the  phase  shifted  cycle  is  basically 
identical  to  that  of  conventional  square  wave  power 
convesion.  Two  diagonal  switches  are  ON  which 
applies  the  full  input  voltage  across  the  transformer 
primary.  Current  rises  at  a  rate  determined  by  Vin 
and  the  series  primary  inductance,  however  starts 
at  a  negative  value  as  opposed  to  zero.  The  current 
will  increase  to  a  DC  level  equal  to  the  output  cur- 
rent divided  by  the  turns  ratio,  lout/N.  The  two  time 
variant  contributors  to  primary  current  are  the  mag- 
netizing current  (Imag)  and  the  output  inductor 
magnetizing  contribution  reflected  to  the  primary, 
Lout/NA2.  The  exact  switch  ON  time  is  a  function  of 
Vin,  Vout  and  N  the  transformer  turns  ratio,  just  as 
with  conventional  converters. 


POWER  TRANSFER  INTERVAL 
time  t(3)<t<t(4) 
Qb  =  ON,  Qc  =  ON 
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Figure  13 
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SWITCH  TURN  OFF; 
TIME  t(4) 

One  switching  cycle  is  concluded  at  time  t(4)  when 
QC  the  upper  right  hand  corner  switch  is  turned 
OFF.  Current  stops  flowing  in  QC's  semiconductor 
channel  but  continues  through  the  parasitic  output 
capacitance,  Coss.  This  increases  the  drain-to- 
source  voltage  from  essentially  zero  to  the  full  input 
supply  voltage,  Vin.  The  output  capacitance  of  the 
lower  switch  in  the  left  hand  leg  (QD)  is  simultane- 
ously discharged  via  the  primary  current.  Transistor 
QD  is  then  optimally  positioned  for  zero  voltage 
switching  with  no  drain-to-source  voltage. 

The  current  during  this  interval  is  assumed  to  be 
constant,  simplifying  the  analysis.  In  actuality,  it  is 
slightly  resonant  as  mentioned  in  the  right  leg  tran- 
sition, but  the  amplitude  is  negligible  in  comparison 
to  the  full  load  current.  The  power  conversion  inter- 
val is  concluded  at  this  point  and  an  identical 
analysis  occurs  as  for  the  opposite  diagonal  switch 
set  which  has  thoroughly  been  described  for  the 
switch  set  QA  and  QD. 


OPERATIONAL  WAVE  FORMS 


Figure  14 


RESONANT  TANK  CONSIDERATIONS 

The  design  of  the  resonant  tank  begins  with  the  se- 
lection of  an  acceptable  switching  frequency;  one 
selected  to  meet  the  required  power  density.  Sec- 
ond, the  maximum  transition  time  must  also  be  es- 
tablished based  on  achievable  duty  cycles  under  all 
operating  conditions.  Experience  may  provide  the 
best  insight  for  acceptable  results. 

The  maximum  transition  time  will  occur  during 
the  converters  left  leg  transition  operating  at 
the  minimum  output  load  current. 

RESONANT  CIRCUIT  LIMITATIONS 

Two  conditions  must  be  met  by  the  resonant  circuit 
at  light  load,  and  both  relate  to  the  energy  stored  in 
the  resonant  inductor.  One,  there  must  be  enough 
inductive  energy  stored  to  drive  the  resonant  ca- 
pacitors to  the  opposite  supply  rail.  Two,  this  transi- 
tion must  be  accomplished  within  the  allocated 
transition  time.  Lossy,  non-zero  voltage  switching 
will  result  if  either,  or  both  are  violated.  The  first 
condition  will  always  be  met  when  the  latter  is  used 
as  the  resonant  circuit  limitation. 

Designers  can  argue  that  some  switching  loss  may 
be  of  little  consequence  in  a  practical  application  at 
very  light  loads  -  especially  considering  that  there 
is  a  significant  benefit  at  heavy  loads.  While  this 
may  be  a  pragmatic  approach  in  many  applica- 
tions, and  a  valid  concern,  this  presentation  will 
continue  using  the  fully  lossless  mode  as  the  ulti- 
mate design  goal. 

The  stored  inductive  energy  requirement  and 
specified  maximum  transition  time  have  also  de- 
fined the  resonant  frequency  (Wr)  of  the  tank  cir- 
cuit. Elements  of  this  tank  are  the  the  resonant 
inductor  (Lr)  and  capacitor  (Cr),  formed  by  the  two 
switch  output  capacitors,  also  in  parallel  with  the 
transformer  primary  capacitance  Cxfmr.  The  maxi- 
mum transition  time  cannot  exceed  one-fourth  of 
the  self  resonant  period,  (four  times  the  self  reso- 
nant frequency)  to  satisfy  the  zero  voltage  switch- 
ing condition. 

The  resonant  tank  frequency,  Wr : 

1 


Wr= 


(LrxCr)  ^0.5 


Umax)  transition  = 


2xWr 


Coss,  the  specified  MOSFET  switch  output  capaci- 
tance will  be  multiplied  by  a  4/3  factor  to  accommo- 
date the  increase  caused  by  high  voltage 
operation.  During  each  transition,  two  switch  ca- 
pacitances are  driven  in  parallel,  doubling  the  total 
capacitance  to  8/3  *  Coss.  Transformer  capacitance 
(Cxfmr)  must  also  be  added  as  it  is  NOT  negligible 
in  many  high  frequency  applications. 
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The  capacitive  energy  required  to  complete  the 
transition  ,  W(Cr)  is: 

W(  Cr)  =  ^xCrx  VPri"2. 

This  energy  can  also  be  expressed  as: 

W(  Cr)  =  I  ( \  x  Coss )  +  Cxfmr]  x  VirYV 


STORED  INDUCTIVE  ENERGY 

The  energy  stored  in  the  resonant  inductance  must 
be  greater  than  the  energy  required  to  charge  and 
discharge  the  FET  output  and  transformer  capaci- 
tances of  the  leg  in  transition  within  the  maximum 
transition  time. 

Inside  the  transformer,  all  of  the  energy  is  stored  in 
the  leakage  inductance  since  the  secondary  cur- 
rent has  clamped  the  transformers  primary  voltage 
to  essentially  zero.  This  causes  high  circulating  pri- 
mary current  (as  shown  in  figure  8)  in  the  physical 
winding  but  has  no  effect  on  the  stored  energy 
used  to  perform  the  ZVS  transition.  More  detail 
about  the  tradeoffs  and  design  optimization  is  pre- 
sented in  the  Design  Procedure. 

The  energy  stored  in  the  resonant  inductor,  Lr: 

W(Li)  =\  x Lr x  Ipri "I 


RESONANT  CIRCUIT  SUMMARY 

There  are  several  ways  to  arrive  at  the  solutions  for 
the  resonant  inductor  value  and  minimum  primary 
current  required  for  any  application.  Each  of  these 
is  based  upon  the  following  fundamental  relation- 
ships. 

The  resonant  tank  frequency  must  be  at  least  four 
times  higher  than  the  transition  time  to  fully  reso- 
nate within  the  maximum  transition  time  t(max)  at 
light  load. 

7res  =  4x  f(  max) 


Fres  = 


7"(  res) 


or 


where  Wr=2xnx  Fres 


Wr= 


2xi 
7"(  res) 


Wr 


"l(4xf(max))J 


(2xf(max)) 

The  resonant  radian  frequency  (Wr)  is  related  to 
the  resonant  components  by  the  equation: 

1 


Wr 


(LrxCr)"! 


Both  sides  of  this  can  be  squared  to  simplify  the 
calculations  and  reorganized  to  solve  for  the  exact 
resonant  inductor  value. 


Lr= 


1 


(  Wr"l  x  Cr) 


Previously  outlined  relationships  for  Wr  and  Cr  can 
be  introduced  to  result  in  the  following  specific 
equation. 


Lr= 


1 


"1  x 


( ^  x  Coss)+Cxfmr 


(2  x  t  (  max  ) 

Note  that  this  figure  indicates  the  exact  resonant 
inductor  value  required  to  satisfy  only  the  task  of 
resonant  transitions.  This  resonant  inductor  is  in 
series  with  the  transformer  primary  hence  also  de- 
fines the  maximum  primary  current  slew  rate,  dl/dt 
as  a  function  of  input  voltage. 

dIPri  _  Vin 
dt  Lr 

If  the  resonant  inductor  value  is  too  large  it  may 
take  too  long  to  reach  the  necessary  load  current 
within  the  conversion  cycle.  The  calculated  inductor 
value  satisfies  the  light  load  condition,  however  full 
load  operation  must  also  be  evaluated.  Details  of 
possible  solutions  to  this  are  highlighted  in  the 
Practical  Applications  section  of  this  paper. 


STORED  ENERGY  REQUIREMENTS 

As  detailed,  the  energy  stored  in  the  resonant  in- 
ductor must  be  greater  than  the  capacitive  energy 
required  for  the  transition  to  occur  within  the  allo- 
cated transition  time.  The  governing  equations  are 
summarized  below. 

^x  Lrx  IPri(  min  )  "2  >  ^x  Crx  Vin  (  max  )  /2,  or 

Lrx  IPri(min)  A2  >  Crx  Vin  (  max  )  A2 

Since  Cr  and  Vin  are  known  or  can  be  estimated 
for  a  given  application,  this  term  becomes  a  con- 
stant and  Lr  has  been  quantified. 
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MINIMUM  PRIMARY  CURRENT 

The  minimum  primary  current  required  for  the 
phase  shifted  application  can  now  be  determined 
by  reorganizing  the  previous  equation. 


/Pri(  min  )  = 


(  Crx  Vin^2 ) 


Lr 


*0.5 


This  value  can  be  supported  by  the  calculating  the 
average  current  required  to  slew  the  resonant  ca- 
pacitor to  the  full  rail  voltage.  Although  this  figure 
will  be  lower  that  IP(min)  it  can  be  used  as  a  confir- 
mation of  the  mathematics. 

- 

Obtaining  the  necessary  amount  of  primary  current 
can  be  done  in  several  ways.  The  most  direct  ap- 
proach is  to  simply  limit  the  minimum  load  current 
to  the  appropriate  level.  One  alternative,  however, 
is  to  design  the  transformer  magnetizing  induc- 
tance accordingly.  Also  assisting  the  magnetizing 
current  is  the  reflected  secondary  inductor  current 
contribution  which  is  modeled  in  parallel.  Any  duty 
cycle  variations  modifying  the  peak  charging  cur- 
rent must  also  be  taken  into  account. 

Generally  the  magnetizing  current  alone  is  insuffi- 
cient in  many  off-line  high  frequency  converters. 
The  transformer  is  usually  cores  loss  limited  which 
means  numerous  primary  turns  and  a  high  mag- 


netizing inductance.  Shunting  the  transformer  pri- 
mary with  an  external  inductor  to  develop  the  right 
amount  of  primary  current  is  one  possibility.  Incor- 
porating the  output  filter  inductor  magnetizing  cur- 
rent to  assist  resonance  on  the  primary  side  is  also 
an  alternative. 


PHASE  SHIFTED  PWM  CONTROL  CIRCUITRY 

Probably  the  most  critical  control  aspect  in  the 
phase  shifted  PWM  technique  is  the  ability  to  span 
the  full  0  to  180  degree  phase  shift  range.  Falling 
short  of  performance  on  either  end  of  the  spectrum 
can  place  unnecessary  burdens  on  the  fault  pro- 
tection circuitry  or  primary  switches.  Loss  of  control 
at  either  extreme  will  result  in  catastrophic  conse- 
quences by  simultaneously  turning  on  both  transis- 
tors in  a  given  "leg"  of  the  converter.  The  UC3875 
Phase  Shifted  controller  features  the  required  cir- 
cuitry to  deliver  both  zero  and  effectively  full  duty 
cycle  -  effortlessly.  Additionally,  the  UC3875  con- 
troller is  utilized  to  perform  the  necessary  control, 
decoding,  protection  and  drive  functions  for  this  ap- 
plication. Peak  current  mode  control  is  imple- 
mented for  this  example  although  the  IC  is  equally 
suited  for  conventional  voltage  mode  control,  with 
or  without  input  voltage  feed  forward.  When  used  in 
current  mode,  the  IC  accepts  a  zero  to  2.7  volt  am- 
plitude maximum  current  senses  input  and  makes 
adding  slope  compensation  a  simple  function. 


UC3875  Block  Diagram 
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UNITRODE  UC3875  PHASE  SHIFTED  PWM 
CONTROL  IC  -  BLOCK  DIAGRAM 

A  synchronizable  oscillator  is  programmed  by  a  re- 
sistor capacitor  network  from  the  frequency  set  pin 
to  ground.  Synchronization  is  performed  by  driving 
the  SYNC  pin  from  another  UC3875  or  external  cir- 
cuitry. The  precision  5.0  volt  bandgap  reference  is 
available  to  program  the  noninverting  input  of  the 
error  amplifier  as  well  as  optional  external  func- 
tions. Output  regulation  is  achieved  using  the  7 
MHz  gain-band  width  on-board  error  amplifier 
which  feeds  the  high  speed  PWM  circuitry.  Soft 
starting  is  accomplished  with  a  capacitor  to  ground 
which  gradually  increases  the  error  amplifier  out- 
put, corresponding  to  pulse  width,  phase  shift  or 
peak  current,  depending  on  the  exact  implementa- 
tion. This  signal  is  compared  to  the  Ramp  input  of 
the  IC  having  a  usable  input  range  from  zero  to  2.7 
volts. 

Delays  between  the  output  drive  commands  to  fa- 
cilitate Zero  Voltage  Switching  are  programmed  at 
the  Delay  Set  inputs.  One  unique  feature  of  the 
UC3875  is  the  ability  to  separately  program  the  A- 
B  output  delays  differently  from  the  C-D  outputs. 
This  capability  accommodates  the  different  primary 
currents  during  one  switching  cycle  which  cause 
and  result  in  different  resonant  transition  times  be- 
tween the  leading  and  falling  edges.  Inability  to  pro- 
gram each  of  these  durations  will  generally  result 
in  lossy,  non-zero  voltage  switching  of  the  full 
bridge  converters  switches  under  some  operating 
conditions. 

The  four  UC3875  output  totem  poles  can  each  de- 
liver a  two  amp  peak  gate  drive  current,  more  than 
adequate  in  a  high  frequency  transformer  coupled 
gate  drive  application.  To  minimize  noise  transmit- 
ted back  to  the  analog  circuitry,  the  output  section 
features  its  own  collector  power  supply  (Vc)  and 
ground  (PGND)  connections.  Local  decoupling  ca- 
pacitors and  series  impedance  to  the  auxiliary  sup- 
ply further  enhances  performance. 

Fault  protection  is  established  by  the  programma- 
ble current  limit  circuitry.  Full  cycle  restart  corre- 
sponding to  the  time  programmed  by  the  soft  start 
interval  minimizes  power  dissipation  in  a  short  cir- 
cuited output. 


TYPICAL  APPLICATION  CIRCUIT  SCHEMATIC 
SUMMARY 

The  fixed  frequency  phase  shifted  control  tech- 
nique of  the  full  bridge  converter  offers  numerous 
performance  advantages  over  the  conventional  ap- 
proach, switching  losses  due  to  the  simultaneous 
overlapof  voltage  and  current  disappear  along  with 
the  dissipative  discharge  of  the  FET  output  capaci- 
tance. EMI/RFI  is  significantly  lower,  also  due  to 
the  "soft"  switching  characteristics  which  incorpo- 
rate parasitic  elements  of  the  power  stage  acvanta- 
geously.  For  most  applications,  there  is  little  reason 
to  consider  the  traditional  square  wave  counterpart 
of  theis  phase  shifted  PWM  technique  for  future 
designs. 

Very  high  frequency  operation  of  this  technique, 
beyond  500  KHz,  is  probable  above  the  optimal  op- 
erating point.  Transition  times  quickly  erode  the  us- 
able duty  cycle  to  a  point  where  the  transformer 
turns  ratio  has  been  compromised.  This  could  re- 
sult in  unreasonably  high  primary  currents  and  re- 
power  loss  in  the  switches.  Any  incremental  gains 
in  cost  or  power  density  by  reducting  the  size  of 
the  output  filter  are  probably  nullified  by  the  needs 
for  larger  MOSFETs  and  heatsinks.  This  phase 
shifted  PWM  technique  does  excel  in  the  overall 
majority  of  mid  to  high  power,  off-line  applications. 
Peak  efficiency  will  be  obtained  in  applications  with 
moderate  load  ranges,  however  excellent  results 
can  also  be  obtained  in  most  designs  with  load 
ranges  of  ten-to  one.  A  subgroup  of  applications 
may  exist  where  non  ZVS  operation  extremely  light 
loads  is  acceptable,  especially  when  the  advan- 
tages under  all  other  operating  conditions  are  con- 
sidered. Additionally,  the  Unitrode  UC3875  Phase 
Shifted  Controlller  IC  has  been  introduced  to  sim- 
plify the  control  circuit  design  challenge.  Features 
of  the  UC3875  include  2  MHz  operation  and  four  2 
amp  peak  totem-pole  output  drivers  for  high  fre- 
quency applications.  Separate  programming  of  the 
different  AD  and  BC  leg  transition  intervals  has 
made  available  to  optimize  converter  performance. 

Finally,  the  flexible  control  logic  permits  current 
mode  or  voltage  mode  control,  with  or  without  input 
voltage  feed  forward.  The  complexity  of  control, 
drive  and  protection  of  the  fixed  frequency  phase 
shifted  converter  has  been  fully  addressed  in  a  sin- 
gle integrated  solution. 
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UC3875  Phase  Shifted  PWM  Converter 
Control  and  Output  Circuit  Schematic 


Figure  17 


UC  3875  Phase  Shifted  PWM  Converter 
Control  and  Drive  Circuit  Schematic 
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CAPACITORS 

All  are  20  VDC  Ceramic  Monolithic  or  Mul- 
tilayer UNLESS  "*"  indicated. 

C1=  1 

C2=  47  ^F/25V  ELECTROLYTIC 
C3=  1  uF 
C4=  1  ^iF 

C5=  75  pF/16V  POLYSTYRENE 
C6=  0.001  (iF 
C7,  8=  0.01  \iF 
C9=  470  pF 
C1 0=0.1  |iF 

C1 1-1  uF/450VDC  POLY 
C12=  47m;450VDC  ELECTROLYTIC 
CI  3=  1 .2uF/450  VDC  POLY 
C14=  1uF/100VDC 

C15,  16=  220^F/63VDC  ELECTROLITIC 

C17=TBD 

C18=  1fiF 

C19=  22  |o.F/25VDC  ELECTROLITIC 
C20=  1  nF 

C21=  2.7  nF/200V  POLY/low  ESL&ESR 
DIODES 

D1  -8=  1 N5820  3A/20V  SCHOTTKY 

D9-12=  1N4148 

D13=  12V  3W  ZENER 

D14,  15=  15A/200V  FAST  RECOVERY 

INDUCTORS 
L1  =  47nH/3A 
L2=  100^H/15A 

MOSFET  TRANSISTORS 
QA-D=IRF840  NMOS 


2/24/93 
RESISTORS 

All  are  1/2  Watt,  1%,  Metal  Film  UNLESS 
"*"  indicated 

R1=75K 
R2=  2K 
R3=  3K 
R4=  470  Ohm 
R5=  3K 
R6=  100  Ohm 
R7,  8=  6.8K 
R9=  43K 
R10= 150K 
R11,  12=  10  Ohm 
R13=  20  Ohm 
R14-17=  10K 
R18=3.6K,  1  WATT 
R19=  36K 
R20=  1K 
R21  =  TBD 
R22=  TBD 

R23=  110  Ohms/5W  Carbon 

TRANSFORMER 
T1=  1  SENSE 
T2,  3=  GATE  DRIVERS 
T4=  MAIN  XFMR 

INTEGRATED  CIRCUITS 
U1=UC3875  PMW 
U2=  OPTO 
U3=  UC 19432 
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One  Switching  Cycle 
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Figure  19 


Primary  Waveforms 
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Figure  20 


Secondary  Waveforms 
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APPLICATION  NOTE 

PRACTICAL  CONSIDERATIONS  IN  HIGH  PERFORMANCE 
MOSFET,  IGBT  and  MCT  GATE  DRIVE  CIRCUITS 

BILL  ANDREYCAK 
INTRODUCTION 

The  switchmode  power  supply  industry's  trend  towards  higher  conversion  frequencies  is  justified  by  the 
dramatic  improvement  in  obtaining  higher  power  densities.  And  as  these  frequencies  are  pushed  towards 
and  beyond  one  megahertz,  the  Mosfet  transition  periods  can  become  a  significant  portion  of  the  total 
switching  period.  Losses  associated  with  the  overlap  of  switch  voltage  and  current  not  only  degrade  the 
overall  power  supply  efficiency,  but  warrant  consideration  from  both  a  thermal  and  packaging  standpoint. 
Although  brief,  each  of  the  Mosfet  switching  transitions  can  be  further  reduced  if  driven  from  from  a  high 
speed,  high  current  totem-pole  driver  -  one  designed  exclusively  for  this  application.  This  paper  will  highlight 
three  such  devices;  the  UC1708  and  UC1 710  high  current  Mosfet  driver  ICs,  and  the  UC1711  high  speed 
driver.  Other  Mosfet  driver  ICs  and  typical  application  circuits  are  featured  in  UNITRODE  Application  Note 
U-118. 

EFFECTIVE  GATE  CAPACITANCE 

The  Mosfetinputcapacitance(Ciss)  isfrequently 
misused  as  the  load  represented  by  a  power  mosfet 
to  the  gate  driver  IC.  In  reality,  the  effective  input 
capacitance  of  a  Mosfet  (Ceff)  is  much  higher,  and 
must  be  derived  from  the  manufacturers'  published 
total  gate  charge  (Qg)  information.  Even  the  speci- 
fied maximum  values  of  the  gate  charge  parameter 
do  not  accurately  reflect  the  driver's  instantaneous 
loads  during  agiven  switching  transition.  Fortunately, 
FET  manufacturers  provide  a  curve  forthe  gate-to- 
source  voltage  (Vgs)  versus  total  gate  charge  in 
their  datasheets.  This  will  be  segmented  into  four 
time  intervals  of  interest  per  switching  transition. 
Each  ofthese  will  be  analyzed  to  determine  the 
effective  gate  capacitance  and  driver  requirements 
for  optimal  performance. 


Inadequate  gate  drive  is  generally  the  result 
of  underestimating  the  effective  load  of  a 
power  mosfet  to  its  driver. 


TOTAL  GATE  CHARGE  (Qg) 

First,  a  typical  high  power  Mosfet  "Gate  Charge 
versus  Gate-to-Source  Voltage"  curve  will  be  ex- 
amined. An  IRFP460  device  has  been  selected  and 
this  curve  is  applicable  to  most  other  Fet  devices  by 


adjusting  the  gate  charge  numbers  accordingly. 
Both  turn -on  and  turn-off  trasnsitions  are  shown  with 
the  respective  drain  currents  and  drain-to-source 
voltages. 


TURN-ON  WAVEFORMS 

Gate  voltage  vs  time 


Vgs 


Vgs  (th) 


Qgs  Qgd 


to  t1  t2 
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INTERVAL  t2-t3 


The  time  required  to  bring  the  gate  voltage  from  zero 
to  its  threshold  Vgs(th)  can  be  expressed  as  a  delay 
time.  Both  the  voltage  across  the  switching  device 
and  current  through  it  are  uneffected  during  this 
interval. 


■12 


This  period  starts  at  time  t1  when  the  gate  voltage 
has  reached  Vgs(th)  and  drain  current  begins  to 
flow.  Current  continues  to  rise  until  essentially 
reaching  its  final  value  at  time  t2.  While  this  occured, 
the  gate  to  source  voltage  had  also  been  increasing. 
The  drain-to-source  voltage  remains  unchanged  at 
Vds(off).  Power  in  the  Mosfet  is  wasted  by  the 
simultaneous  overlap  of  voltage  and  current. 


Beginning  at  time  t2  the  drain-to-source  voltage 
starts  to  fall  which  introduces  the  "Miller"  capaci- 
tance effects  (Cgd)  from  the  drain  to  the  Mosfet  gate. 
The  result  is  the  noticeable  plateau  in  the  gate 
voltage  waveform  from  time  t2  until  t3  while  a  charge 
equal  to  Qgd  is  admitted.  It  is  here  that  most  drive 
circuits  are  taxed  to  their  limits.  The  interval  con- 
cludes at  time  t3  when  the  drain  voltage  approaches 
its  minimum. 

INTERVAL  t3-t4 

During  this  final  interval  of  interest  the  gate  voltage 
rises  from  the  plateau  of  the  prior  region  up  to  its  final 
drive  voltage.  This  increasing  gate  voltage  decreases 
Rds(on),  the  Mosfet  drain-to-source  resistance. 
Bringing  the  gate  voltage  above  10  to  12  volts, 
however,  has  littleeffect  on  further  reducing  Rds(on). 


SUMMARY  OF  INTERVAL  WAVEFORMS  AND  DRIVER  LIMITATIONS 


INTERVAL 

vgs(t) 

ID(t) 

Vds(t) 

DRIVER  LIMITATIONS 

t0-t1 

0-threshold 

0 

Vds(off) 

Slew  rate  (dv/dt) 

t1-t2 

thrs-plateau 

rising 

Vds(off) 

Slew  rate  (dv/dt) 

t2-t3 

V(plateau) 

lon(dc) 

falling 

Peak  current  l(max) 

t3-t4 

rising 

lon(dc) 

lon*Rds(t) 

Peak  I  &  dv/dt 

TURN-OFF  WAVEFORMS 
Gate  voltage  vs  time 


Qgd  Qgs 


Vgs 


Vgs  (th) 


Figure  2 

The  intervals  during  turn-off  are  basically  the  same 
as  those  described  for  turn-on,  however  the  se- 


INTERVAL  t4-t3 
The  beginning  of  the  turn-off  cycle  can  be  described 
as  a  delay  from  the  final  drive  voltage  (Vgs(on) )  the 
the  plateau  region.  Both  the  drain  voltage  and  cur- 
rent waveforms  remain  unchanged  while  the  de- 
vices effective  resistance  (  Rds(on) )  increases  as 
the  gate  voltage  decreases. 

INTERVAL  t3-t2 
Once  the  plateau  is  reached  at  time  t3,  the  gate 
voltage  remains  constant  until  time  t2.  Gate  charge 
due  to  the  Miller  effect  is  being  removed,  an  amount 
equal  to  Qgd.  The  drain  voltage  rises  to  its  off  state 
amplitude,  Vds(off),  while  the  drain  current  contin- 
ues to  flow  and  equals  l(on).  This  lossy  transition 
ends  at  time  t2. 

INTERVAL  t2-t1 
Once  the  Miller  charge  is  completely  removed,  the 
gate  voltage  is  reduced  from  the  plateau  to  the 
threshold  voltage  causing  the  drain  current  to  fall 
from  I  (on)  to  zero.  Transition  power  loss  ends  at 
time  t1  when  the  gate  threshold  is  crossed. 

INTERVAL  t1-t0 
This  brief  period  is  of  little  interest  in  the  turn-off 
sequence  since  the  device  is  off  at  time  t1 . 
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SUMMARY  OF  INTERVAL  WAVEFORMS  AND  DRIVER  LIMITATIONS 

INTERVAL 

Vgs(t) 

ID(t) 

Vds(t) 

DRIVER  LIMITATIONS 

t4-t3 

falling 

lon(dc) 

Ion*  Rds(t) 

,  

Peak  I  and  dv/dt 

t3-t2 

V(plateau) 

lon(dc) 

falling 

Peak  Current  I  (max) 

t2-t1 

Vplat-thrsh 

falling 

Vds(off) 

Slew  rate  (dv/dt) 

t1  -to 

thrsh-0 

0 

Vds(off) 

Slew  rate  (dv/dt) 

FET  Transition  Power  Loss 

During  each  of  the  FET  turn-on  and  turn-off  se- 
quences power  is  lost  due  to  the  switching  device's 
simultaneous  overlap  of  drain  -  source  voltage  and 
drain  current.  Since  both  the  FET  voltage  and  cur- 
rent are  externally  controlled  by  the  application,  the 
driver  IC  can  only  reduce  the  power  losses  by 
making  the  transition  times  as  brief  as  possible. 
Minimization  of  these  losses  simply  requires  a 
competant  driver  IC,  one  able  to  provide  high  peak 
currents  with  high  voltage  slew  rates. 

A  review  of  the  prior  transition  waveforms  indicates 
that  power  is  lost  between  the  times  of  t1  and  t3. 
While  t2  serves  as  the  pivot  point  for  which  waveform 
is  rising  or  falling,  as  the  equations  show  its  irrelavent 
in  the  power  loss  equation.  For  the  purpose  of 
brevity,  the  waveform  of  interest  can  be  approxi- 
mated as  a  triangle  while  the  other  waveform  is 
constant.  The  duration  between  times  t1  and  t3  can 
now  be  defined  as  the  net  transition  time,  t(tran),  with 
a  conversion  period  of  t(period) 

During  the  two  intervals  from  t1  to  t3: 

0.5*l(on)*Vds(off)*t(2-1) 
Ploss  =   


Ploss  = 


t(period) 
0.5  *  Vds(off)  *  l(on)  *t(3-2) 


t(period) 


Combininig  the  two  equations  with  t(tran) 
=  t3-1  results  in  a  net  loss  of : 


Ploss  = 


0.5  *  Vds(off)  *  l(on)  *  t(trans) 
t(period) 


Since  these  loses  are  incurred  twice  percycle,  first  at 
turn-on  and  then  again  at  turn-off,  the  net  result  is  a 
doubling  of  the  power  loss. 


Ploss  =  Vds(off)*l(on)*t(trans)/t(period) 

This  relationship  displays  the  need  for  fast  transi- 
tions at  any  switching  frequency,  and  is  of  significant 
concern  at  one  megaHertz.  Minimization  of  the  FET 
transition  power  loss  can  be  achieved  with  high 
current  drivers. 

GATE  CHARGE 

Each  division  of  the  transition  interval  has  an  asso- 
ciated gate  charge  which  can  be  derived  from  the 
FET  manufacturers  datasheets.  Since  there  are 
three  basic  shapes  to  the  Vgs  curve,  the  interval 
from  to  to  t1  can  be  lumped  together  with  that  of  the 
t1  to  t2  period.  For  most  large  FET  geometries,  the 
amount  of  charge  in  the  to  to  -  t1  span  is  negligible 
anyway.  This  simplification  allows  an  easy  calcula- 
tion of  the  effective  gate  capacitance  for  each  inter- 
val along  with  quantifying  the  peak  current  required 
to  traverse  in  a  given  amount  of  time. 

Charge  can  be  represented  as  the  product  of  ca- 
pacitance multiplied  by  voltage,  or  current  multiplied 
by  time.  The  effective  gate  capacitance  is  determined 
by  dividing  the  required  gate  charge  (Qg)  by  the 
gate  voltage  during  a  given  interval.  Likewise,  the 
current  necessary  to  force  a  transition  within  a 
specified  time  is  obtained  by  dividing  the  gate  charge 
by  the  desired  time. 

Cgs  (effective)  =  delta  Qg  /  delta  Vgs 

Ig(required)  =  delta  Qg  /  t(transition) 

UC1710 
The  "MILLER  KILLER" 

High  peak  gate  drive  currents  are  desirable  in  par- 
alleled FET  applications,  typical  of  a  high  power 
switching  section  or  power  factor  correction  stage. 
Dubbed  as  "the  Miller  Killer",  the  UC1710  boasts  a 
guaranteed  6  amp  peak  output  current.  This  hefty 
driver  current  minimizes  the  FET  parasitic  "Miller" 
effects  which  would  otherwise  result  in  poor  transi- 
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tion  performance.  Higher  currents  are  possible  with 
this  driver,  however  the  limiting  factor  soon  be- 
comes the  parasitic  series  inductance  of  the  FET 
package  (1 5  nH)  and  the  layout  interconnection  of 
20  nH/inch.  An  RF  type  arrangement  of  the  PC 
board  layout  is  an  absloute  MUST  to  realize  this 
device's  full  potential. 

UC  1710  BLOCK  DIAGRAM 
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UC  1708  BLOCK  DIAGRAM 
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IN  T-PACKAGE 

The  UC1710  has  "no-load"  rise  and  fall  times  of  20 
nanoseconds  (or  less)  which  do  not  change  signifi- 
cantly with  any  loads  under  3  nanoFarads.  It's  also 
specified  into  a  load  capacitance  of  30  nanoFarads, 
roughly  equivalent  to  what  is  represented  by  three 
paralleled  "size  6"  FET  devices.  Propagation  delays 
are  brief  with  typical  values  specified  at  35  nano- 
seconds from  either  input  to  a  ten  percent  change  in 
output  voltage. 


The  UC1708  is  a  unique  blend  of  the  high  speed 
attributes  of  the  UC1 71 1  along  with  the  higher  peak 
current  capability  of  the  UC1710.  This  dual 
noninverting  driver  accepts  positive  TTL/CMOS  logic 
from  control  circuits  and  provides  3  amp  peak  out- 
puts from  each  totem  pole. 

Propagation  delays  are  under25  nanoseconds  while 
rise  and  fall  times  typically  run  35  nonoseconds  into 
2.2  nanofarads.  The  output  stage  design  is  a  "no 
float"  version  which  incorporates  a  self  biasing 
technique  to  hold  the  outputs  lowduring  undervoltage 
lockout,  even  with  Vin  removed. 

In  the  16  pin  DIL  package,  the  device  features  a 
remote  ENABLE  and  SHUTDOWN  function  in  ad- 
dition to  seperate  signal  and  power  grounds.  The 
ENABLE  function  places  the  device  in  a  low  current 
standby  mode  and  the  SHUTDOWN  circuitry  is  high 
speed  logic  directly  to  the  outputs. 


UC1 708  / 1 71 0  / 1 71 1  PERFORMANCE  COMPARISON 
TABLE  1. 


PARAMETER 

LOAD 

UC1708 

UC1710 

UC1711 

Propagation  Delay 

0 

25 

30 

10 

t(plh) 

1.0  nF 

25 

15 

input  to  1 0%  output 

2.2  nF 

25 

30 

20 

30  nF 

30 

Raise  time 

0 

25 

20 

12 

t(tlh) 

1.0  nF 

30 

25 

10%  to  90%  rise 

2.2  nF 

40 

25 

40 

30  nF 

85 

Propagation  Delay 

0 

25 

30 

3 

t(phl) 

1.0  nF 

25 

5 

input  to  90%  output 

2.2  nF 

25 

30 

30  nF 

30 

Fall  Time 

0 

25 

15 

7 

t(thl) 

1.0  nF 

30 

25 

90%  to  10%  fall 

2.2  nF 

40 

20 

40 

30  nF 

85 
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TRANSITION  PERFORMANCE 

Using  the  table  above,  the  driver  output  slew  rates 
and  average  current  delivered  can  be  calculated. 
The  figures  can  be  compared  to  lower  power  op- 
amps  or  comparators  to  gain  a  perspective  on  the 
relative  speed  of  these  high  performance  drivers. 

The  UC 1 708  delivers  output  slew  rates  (dv/dt)  in  the 
order  of  300  to  480  volts  per  microsecond,  at  aver- 
age load  currents  of  under  one  amp,  depending  on 
the  load.  The  high  speed  UC1711  exhibits  similar 
characteristics  under  loaded  conditions,  but  can 
achieve  a  no  load  slew  rate  of  over  1 700  volts  per 
microsecond  -  nearly  2  volts  per  nanosecond. 

For  higher  power  applications,  the  UC1710  "Miller 
Killer"  will  produce  an  average  current  of  4.5  amps 
AT  slew  rates  of  150  volts  per  microsecond.  With 
lighter  loads  it  will  deliver  an  average  current  of  1 .5 
amps  at  a  slew  rate  of  approximately  500  volts  per 
microsecond.  In  most  applications,  the  UC1 71 0  will 
easily  outperform  "homebrew"  discrete  mosfet 
transistor  totempole  drive  techniques. 

Each  device  in  this  new  generation  of  MOSFET 
drivers  is  significantly  more  responsive  than  the 
earlier  counterparts  for  a  given  application  -  whether 
it's  higher  speed  (UC1711),  higher  peak  current 
(UC1710)  or  a  combination  of  both  (UC1708). 


DRIVER  CONSIDERATIONS 

As  previously  demonstrated,  the  ideal  MOSFET 
gate  drive  IC  is  a  unique  blend  of  both  high  speed 
switching  and  high  peak  current  capability.  Initially, 
the  high  speed  is  required  to  bring  the  gate  voltage 
from  zero  to  the  plateau,  but  the  current  is  low.  Once 
the  plateau  is  intersected,  the  driver  voltage  is  fairly 
constant,  and  the  IC  must  switch  modes.  Instantly, 
the  driver  current  snaps  to  its  maximum  as  charge  is 
injected  to  overcome  the  FET'sMillereffects.  Finally, 
a  combination  of  both  h  igh  slew  rate  an  d  h  igh  cu  rrent 
is  needed  to  complete  the  gate  drive  cycle. 

At  turn-off  this  sequence  is  reversed,  first  demand- 
ing both  high  slew  rate  and  high  current  simulta- 
neously. This  is  followed  by  the  plateau  region  which 
is  limited  only  by  the  maximum  driver  current.  Fi- 
nally, there  is  high  speed  discharge  of  the  gate  to 
zero  volts. 


Optimization  of  a  driver  for  this  type  of  application 
can  be  difficult.  In  general,  the  MOSFET  driver  IC 
output  stage  is  designed  to  switch  as  fast  as  the 
manufacturer's  process  will  allow. 

CROSS  CONDUCTION 

There  are  numerous  tradeoffs  involved  in  the  design 
of  these  drivers  beyond  the  obvious  choices  of 
numberof  outputs  and  peak  current  capability.  Cross- 
conduction  is  defined  as  the  conduction  of  current 
through  both  of  the  totem  pole  transistors  simulta- 
neously from  Vintoground.  It  is  an  unproductive  loss 
in  the  output  stage  which  results  in  unnecessary 
heating  of  the  driver  and  wasted  power.  Cross  con- 
duction is  the  result  of  turning  one  transistor  ON 
before  the  opposing  one  is  fully  off,  a  compromise 
often  necessary  to  minimize  the  input  to  output 
propagation  delays. 

An  interesting  observation  is  that  cross-conduction 
is  less  of  a  concern  with  large  capacitive  loads 
(  FETs )  than  with  unloaded  or  lightly  loaded  driver 
outputs.  Any  capacitive  load  will  reduce  the  slew  of 
the  output  stage,  slowing  down  its  dv/dt.  This  causes 
a  portion  of  the  cross  conduction  current  to  f  lowf  rom 
the  load,  rather  than  from  the  input  supply  through 
the  driver's  opposite  output  transistor.  The  power 
loss  associated  with  a  drivers  inherent  cross-con- 
duction is  unchanged  with  large  capacitive  loads, 
however  it  is  not  caused  by  a  "shoot-through"  of 
supply  current. 

DRIVER  PERFORMANCE 

There  are  a  variety  of  applications  for  MOSFET 
drivers  -  each  with  its  own  unique  set  of  speed  and 
peak  current  requirements.  Most  general  purpose 
drivers  feature  1 .5  amp  peak  totem-pole  outputs 
which  deliver  rise  and  fall  times  of  approximately  40 
nanoseconds  into  1  nanoFarad.  Propagation  delays 
are  in  the  neighborhood  of  40  to  50  nanoseconds, 
making  these  devices  quite  adaptable  to  numerous 
powersupply  and  motor  control  applications.  These 
specifications  can  be  used  for  a  comparison  to  those 
of  a  new  series  of  higher  speed  and  higher  current 
devices,  specifically,  the  UC1708,  UC1 710  and  the 
UC171 1  power  MOSFET  drivers.  Each  member  in 
this  group  of  "third"  generation  driver  ICs  features 
significant  performance  improvements  over  their 
predecessors  with  one  parameter  optimized  for  a 
specific  set  of  applications. 
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MOSFET  DRIVER  IC  FEATURE  AND  PERFORMANCE  OVERVIEW 

TABLE  2. 


Feature 

UC1708 

UC1710 

UC1711 

Number  of  outputs 

Peak  output  current  (per  output) 

2 

3A 

1 

6A 

2 

1.5  A 

Noninverting  input-output  logic 
Inverting  input-output  logic 

YES 

YES 
YES 

YES 

Maximum  supply  voltage  Vcc 
Typical  supply  current  Ice  (1 .) 

35V 
16ma 

20V 
30ma 

40V 
17ma 

Remote  Enable 
Shutdown  Input 

YES 
YES 

YES  (2) 

Seperate  grounds,  signal  and  power 
Seperate  Vin  and  Vc  pins 

YES  (3) 

YES  (3) 
YES  (3) 

8  pin  DIL  package 
16  pin  DIL  package 
5  pin  TO-220  package 

YES 
YES 

YES 
YES 
YES 

YES 
YES 

Note  1.  Typical  Vc  plus  Vcc  current  measured  at  200KHZ,  50  %  duty  cycle  and  no  load 
Note  2.  Using  the  device's  other  input 
Note  3.  Package  dependant 


PROPAGATION  DELAYS 


UC1711  BLOCK  DIAGRAM 


The  power  supply  industry's  trend  towards  higher 
power  densities  has  thrust  switching  frequencies 
well  beyond  one  megaHertz  in  many  low  to  medium 
power  systems.  With  a  one  microsecond  total  con- 
version period,  or  less,  the  FET  switching  transitions 
should  be  in  the  order  of  low  tens  of  nanoseconds 
to  yield  high  efficiency.  Additionally,  the  propagation 
delays  from  the  driver  input  to  output  should  be 
around  ten  nanoseconds  for  quick  response. 

UC1711 

The  UC1711  device  features  typical  propagation 
delays  of  three  and  ten  nanoseconds  at  no  load, 
depending  on  the  transition.  Coupled  with  dual  1.5 
amp  peak  totem-pole  outputs,  this  device  is  opti- 
mized for  high  frequency  FET  drive  applications.  Its 
all  NPN  Schottky  transistor  construction  is  not  only 
fast,  but  radia 


OUTPUT 
A 
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GATE  DRIVE  POWER  CONSIDERATIONS 

Perhaps  the  most  popular  misconception  in  the 
powersupply  industry  is  that  a  FET  gates  require  NO 
power  from  the  auxiliary  supply  -  that  both  turn-on 
and  turn-off  are  miraculously  power  free.  Another 
fallacy  is  that  the  driver  consumes  all  the  measured 
supply  current,  Ice,  and  none  of  it  is  used  to  transition 
the  gates.  Obviously,  both  of  these  statements  are 
false. 

I  n  reality,  the  power  required  by  the  gate  itself  can  be 
quite  substantial  in  high  frequency  applications. 
Calculation  of  this  begins  by  listing  the  specified  total 
gate  charge  for  the  FET  device,  Qg. 


The  gate  power  utilized  in  charging  and  discharging 
a  capacitor  at  frequency  "F"  is: 

P(cap)  =  C  *  V*2  *  F 

Substituting  the  gate  charge  for  capacitance  multi- 
plied by  voltage  (Q=C*V)  in  this  equation  results  in: 

P(gate)  =  Qg  *  V  *  F 

The  gate  power  required  verses  FET  size  and 
switching  frequencies  is  tabulated  for  some  common 
applications  in  Table  3.  Table  4.  transforms  this 
power  into  driver  input  current  at  a  nominal  12  volt 
bias. 


GATE  POWER  (mW)  VS.  SWITCHING  FREQUENCY  AND  FET  SIZE 


SWITCHING  FREQUENCY  (kHz) 

50 

100 

150 

200 

250 

500 

750 

1  MEG 

SIZE  1 

10 

18 

28 

36 

46 

90 

136 

180 

SIZE  2 

16 

30 

46 

60 

76 

153 

226 

300 

82 

108 

136 

275 

406 

504 

SIZE  4 

48 

96 

144 

192 

240 

480 

720 

960 

SIZE  5 

100 

200 

300 

400 

550 

1W 

1.5W 

2W 

SIZE  6 

144 

288 

432 

576 

720 

1.4W 

2W 

>2W 

Table  3. 

DC  SUPPLY  CURRENT  (mA)  VS.  SWITCHING  FREQUENCY  AND  FET  SIZE 


SWITCHING  FREQUENCY  (kHz) 

50 

100 

150 

200 

250 

500 

750 

1  MEG 

SIZE  1 

1 

1 

2 

4 

5 

6 

10 

12 

SIZE  2 

1 

2 

4 

5 

6 

10 

16 

20 

SIZE  3 

2 

4 

6 

8 

10 

16 

26 

36 

SIZE  4 

4 

8 

10 

12 

16 

32 

48 

64 

SIZE  5 

8 

14 

20 

26 

32 

66 

100 

130 

SIZE  6 

10 

20 

28 

38 

48 

96 

144 

190 

Table  4. 
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The  driver  output  stage  can  be  modelled  as  a 
resistance  to  the  respective  auxiliary  supply  rail 
driving  an  ideal  FET  capacitor.  All  of  the  power  used 
to  charge  and  discharge  the  MOSFET  gate  capaci- 
tor is  completely  transferred  into  heat  by  the  driver. 
This  gate  power  loss  adds  to  the  driver's  own  power 
loss  -  resulting  in  a  net  driver  power  dissipation 
equal  to  it's  input  voltage,  Vcc,  multiplied  by  the  sum 
of  the  gate  and  driver  currents,  Ig  +  Ice.  This  can 
be  calculated  or  determined  empirically  by  measuring 
the  driver  DC  input  voltage  and  current. 

THERMAL  CONSIDERATIONS 

Proper  IC  package  selection  and/or  device 
heatsinking  is  the  only  method  available  to  insure  a 
safe  operating  junction  temperature,  tj.  All  IC's  are 
specified  and  graded  forvariousjunctiontemperatu  re 
ranges,  and  priced  accordingly.  As  a  precaution,  it 
should  be  noted  that  using  a  device  outside  its 
tested  temperature  range  can  result  in  poor  perfor- 
mance, parameters  which  run  outside  their  specifi- 
cations, and  quite  possibly  -  no  operation  at  all. 

JUNCTION  TEMPERATURE 

The  junction  temperature  of  the  driver  IC  is  obtained 
by  first  calculating  the  device's  thermal  rise  above 
the  ambient  temperature.  This  is  obtained  by  multi- 
plying the  average  input  power  (Vin*lin)  by  the 
device's  thermal  impedance  to  air,  theta  JA  (Oja). 


This  term  is  then  added  to  the  ambient  temperature 
to  yield  the  resulting  junction  temperature,  Tj. 

If  the  driver  is  thermally  attached  to  a  heatsink  or 
"cold  plate",  then  the  thermal  impedance  from  the 
device  junction  to  it's  package  case,  theta  JC  (Ojc), 
is  used  to  determine  the  thermal  rise.  Likewise,  this 
thermal  rise  is  added  to  the  heatsink  temperature  to 
determine  the  junction  temperature.  In  either  case, 
the  maximum  junction  temperature  (tj(max))  should 
be  determined  and  checked  against  the  device's 
absolute  maximum  specification. 

Average  supply  currents  for  each  of  the  three  drivers 
of  interest  varies  primarily  with  the  switching  fre- 
quency. Rather  than  listing  each  driver 
independantly,  an  rough  approximation  of  25 
milliamps  will  be  used  as  the  driver  current,  regard- 
less of  the  specific  device  utilized  and  switching 
frequency.  In  addition,  atypical  supply  voltage  of  12 
volts  results  in  a  power  dissipation  by  the  driver  itself 
of  300  milliwatts. 


The  calculated  gate  power  of  Table  5.  has  been 
added  to  the  estimated  300mW  of  device  power  to 
formulate  Table  6.  -  the  driver  total  power  dissipa- 
tion. This  is  of  particular  interest  in  selecting  a  driver 
package  (8  pin ,  TO-220,  etc)  and  heatsink  determina- 
tion for  a  specific  maximum  junction  temperature,  or 
rise.  Typical  junction  temperature  rises  vs.  frequency 
and  FET  size  for  a  IC  package,  and  recommenda- 
tions are  shown  in  table  7. 


AVERAGE  POWER  DISSIPATION  (mW)  VS.  FREQUENCY  AND  FET  SIZE 


FET  SIZE 


SWITCHING  FREQUENCY  (kHz) 

50 

100 

150 

200 

250 

500 

750 

1MEG 

SIZE  1 

310 

318 

3  28 

336 

346 

390 

436 

480 

SIZE  2 

316 

330 

346 

360 

376 

452 

526 

600 

SIZE  3 

328 

354 

382 

408 

436 

570 

706 

840 

SIZE  4 

348 

396 

444 

492 

540 

780 

LOW 

1.3W 

SIZE  5 

400 

500 

600 

700 

800 

900 

1.7W 

2.4W 

SIZE  6 

444 

588 

732 

876 

LOW 

1.7W 

2.5W 

3.1W 

Table  5. 
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For  P(diss)  =  or  <  500mW 
A:  8  pin  DIL,  <40C  rise 
B:  8  pin  DIL,  <45  C  rise 
C:  8  pin  DIL,  <50  C  rise 

For  P(diss)  =  or  >  500mW 
(using  heatsink) 
D:  8  pin  DIL,  <40  C  rise 
E:  8  pin  DIL,  <50  C  rise 

For  P  (diss)  >  500mW 
F:  TO-220  recommended 


SWITCHING  FREQUENCY  (kHz) 

50 

100 

150 

200 

250 

500 

750 

1MEG 

SIZE  1 

A 

A 

B 

B 

B 

C 

D 

D 

SIZE  2 

A 

B 

B 

B 

C 

D 

D 

D 

SIZE  3 

B 

B 

C 

D 

D 

D 

E 

F 

SIZE  4 

B 

C 

D 

D 

D 

F 

F 

F 

SIZE  5 

C 

D 

D 

E 

F 

F 

F 

F 

SIZE  6 

D 

D 

E 

F 

F 

F 

F 

F 

HIGH  POWER  APPLICATIONS 


Table  6. 


Most  high  power  applications  require  the  use  of 
"monster"  MOSFETs  or  several  large  FETs  in  par- 
allel for  each  switch.  Generally,  these  are  low  to 
medium  frequency  applications  (less  than  200kHz) 
where  obtaining  a  low  Rds(on)  is  of  primary  concern 
to  minimize  the  DC  switch  loss.  It  is  not  uncommon 
to  find  two,  three  and  even  four  large  devices  used 
in  parallel,  although  some  of  these  combinations  are 
unlikely  from  a  cost  versus  performance  standpoint. 


Table  seven  displays  the  individual  FET  device 
characteristics  and  several  popular  parallel  ar- 
rangements. Listed  in  descending  order  is  Rds  (on) 
at  room  temperature  and  the  total  gate  charge 
required.  This  will  ultimately  be  used  to  determine 
the  gate  drive  current  in  Table  8.,  total  power  dissi- 
pation in  Table  9.,  and  driver  IC  recommendation  in 
Table  1 0  for  various  applications. 


MOSFET 
ARRANGEMENT 


PARALLELED  MOSFET  CHARACTERISTICS  -  TABLE  7. 

Rds  (on)        Qg(nC)  MOSFET  Rds  (on)  Qg  (nC) 

effective  total  ARRANGEMENT        effective  total 


1  X  SIZE  4 

0.85 

63 

2  X  SIZE  5 

0.200 

260 

1  X  SIZE  5 

0.40 

130 

2  X  SIZE  6 

0.135 

380 

1  X  SIZE  6 

0.27 

190 

3  X  SIZE  5(1) 

0.133 

390 

2  X  SIZE  4(1) 

0.425 

126 

4  X  SIZE  5(1) 

0.100 

520 

3  X  SIZE  4(1) 

0.283 

189 

3  X  SIZE  6  (2) 

0.090 

570 

4  X  SIZE  4(1) 

0.213 

252 

4  X  SIZE  6  (2) 

0.068 

760 

1.  Consider  another  selection  2.  Consider  a  "Monster"  FET 


AVERAGE  SUPPLY  CURRENT  (mA)  VS.  FREQUENCY  AND  FET  SELECTION 


SWITCHING  FREQUENCY  (kHz) 


FET 

ARRANGEMENT 

Rds 
mohm 

25 

50 

75 

100 

150 

200 

2  X  SIZE  5 

200 

31 

39 

45 

51 

65 

77 

2  X  SIZE  6 

135 

35 

45 

53 

63 

83 

101 

3  X  SIZE  6 

90 

39 

53 

69 

73 

91 

139 

4  X  SIZE  6 

68 

45 

63 

82 

101 

139 

177 

•Includes  25mA  of  driver  supply  current  Table  8 
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POWER  DISSIPATION  (mW)  VS.  FREQUENCY  AND  APPLICATION 
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• 

SWITCHING  FREQUENCY  (kHz) 

FET 

ARRANGEMENT 

Rds 
mohm 

25 

50 

75 

100 

150 

200 

2  X  SIZE  5 

200 

372 

468 

540 

612 

780 

924 

2  X  SIZE  6 

135 

420 

540 

636 

756 

LOW 

1.2W 

3  X  SIZE  6 

90 

468 

636 

828 

876 

1.1W 

1.7W 

4  X  SIZE  6 

68 

540 

756 

984 

1.2W 

m 

2.1W 

*  Includes  300mW  of 

Selection  Guide 
for  <  50  C  rise 

A:  8  pin  DIL  or 

20  pin  PLCC 
B:  8  pin  DIL 

with  heatsink. 

or  TO-220. 
C:  TO-220  with 

heatsink 


Table  9. 


DRIVER  IC  AND  PACKAGE  SELECTION  GUIDE 


SWITCHING  FREQUENCY  (kHz) 

FET 

ARRANGEMENT 

Rds 
mohm 

25 

50 

75 

100 

150 

200 

2  X  SIZE  5 

200 

A 

B 

C 

c 

C 

c 

2  X  SIZE  6 

135 

B 

C 

C 

c 

C 

C 

3  X  SIZE  6 

90 

B 

C 

C 

c 

c 

C 

4  X  SIZE  6 

68 

C 

C 

C 

c 

C 

Table  10. 

UC1710  DRIVER  PERFORMANCE 

Table  1 1 .  shows  the  typical  response  of  the  UC1 71 0 
Although  capacitive  in  nature,  the  FET  "Miller"  ef-  "Miller  Killer"  driving  a  single  APT5025BN  (size  6) 
fects  and  demands  on  the  driver  differ  significantly  device  and  paralleled  MOSFET  combinations  for 
than  a  true  capacitor  load  as  previously  described,  reference. 

UC1710  RISE,  FALL  AND  DELAY  TIMES  VS.  LOADS 


TEST 

CONDITIONS 

Tp 
LH 

Tt 
LH 

Tp 
HL 

Tt 
HL 

Tp 
+Tt 
LH 

Tt 
+Tp 
HL 

NO  LOAD 

VDS 

28 

12 

36 

12 

40 

50 

ONE 

0 

28 

26 

38 

30 

54 

68 

APT5025 

350 

28 

35 

40 

30 

63 

70 

TWO 

0 

28 

38 

40 

36 

66 

76 

APT5025 

350 

28 

48 

42 

38 

76 

80 

THREE 

0 

28 

48 

42 

48 

76 

90 

350 

28 

60 

44 

58 

88 

92 

Table  11. 
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PERFORMANCE  COMPARISONS 

"HOMEBREW"  TOTEM-POLES  VS 
INTEGRATED  CIRCUIT  DRIVERS 

The  prior  lack  of  "off-the-shelf"  high  current  or  high 
speed  drivers  had  prompted  many  to  design  their 
own  gate  drive  circuits.  Traditionally,  an  NPN-PNP 
emitter  follower  arrangement  had  been  used  in 
lower  frequency  applications  as  shown  in  Figure  7. 


Figure  7 


Figure  8 

For  higher  speed  applications,  a  P  and  N  channel 
FET  pair  can  be  used  as  shown  in  figure  8.  The 
circuit  is  configured  with  the  P  channel  MOS  as  the 
upper  side  switch  to  simplify  the  auxiliary  bias. 
Otherwise,  a  gate  drive  potential  of  ten  volts  above 
the  auxiliary  bias  would  required. 

Unfortunately,  this  configuration  has  a  few  draw- 
backs. First,  it  leads  to  an  inverting  logic  flow  from 
the  driver  input  to  its  output,  complicating  matters 
especially  during  power-up  and  power-down  se- 
quences. Without  a  clever  undervoltage  lockout 
circuit  the  main  power  switch  will  tend  to  be  ON  as 
the  auxiliary  supply  voltage  is  raised  or  lowered 
while  the  PWM  is  OFF. 

Cross  conduction  of  both  FETs  is  unavoidable  with 
this  configuration  due  to  the  difference  between  the 
gate  threshold  voltages  of  each  device.  Both  P  and 
N  channel  devices  are  cross  conducting  while  their 
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input  drive  waveform  is  above  Vgs(th)  of  the  N 
device  and  belowthat  of  the  P  device.  One  technique 
to  minimize  the  cross  conduction  peak  current  is  to 
add  some  resistance  between  the  FETs.  While  this 
does  minimize  the  "shoot-through"  current,  it  also 
limits  the  peak  current  available  to  the  load.  This 
somewhat  defeats  the  purpose  of  using  the 
MOSFETs  in  the  first  place  to  deliver  high  currents. 
The  resistorserves  an  additional  purpose  of  damping 
the  gate  drive  oscillations  during  the  transitions.  In  a 
practical  application,  two  resistors  can  be  used  in 
the  place  of  one  with  the  center-tap  connecting  to 
the  FET  gate.or  load  as  shown  in  figure  9. 


The  performance  of  the  circuit  in  figure  9  was 
evaluated  and  compared  to  that  of  the  UC1710 
driver  into  a  30  nanoFarad  load.  A  size  three  P  type 
FET  and  asize  two  N  channel  device  were  connected 
in  series  with  two  one-half  ohm  resistors  to  limit  the 
shoot-through  current.  These  FETs  were  driven 
from  the  UC1711  dual  driver  which  can  deliver  3 
Amp  peak  gate  drive  currents  for  rapid  transitions. 
The  results  of  this  test  are  shown  in  figure  10. 

Driver  Performance  into  30nF  load 


1     I     I     I  ■ 
iiiiliiii  |iii/iinui)<r 

i     i     i  i 

i     i     i     i  - 

:   i    i    i  v"i 

Lines:  solid=UC3710,  dashed=discrete 
Figure  10.  -  VERT:  5V/DIV:  HORIZ:  50  nS/DIV 
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The  test  results  indicate  very  similar  performance 
into  this  load  from  either  technique.  Obviously,  the 
"homebrew"  approach  utilizes  a  total  of  three  de- 
vices in  comparison  to  a  single  UC1 71 0  driver  to 
obtain  essentially  the  same  high  speed  performance. 
Additionally,  the  cost  of  the  P  channel  FET  alone 
may  exceed  the  price  of  the  UC1 710  device,  not  to 
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mention  the  difference  in  PC  board  real  estate. 
As  a  final  note,  the  discrete  FET  approach 
required  over  10  milliamps  more  supply  current 
than  the  single  UC1710  driver  or  a  increase  in 
supply  current  of  twenty  percent.  Results  of 
test  shown  in  figures  11  and  12. 


RISE  AND  FALL  TRANSITION  PERFORMANCE  INTO  30  nF 
RISE  TIMES  (Fig  11.)  FALL  TIMES  (Fig  12.) 


—I  1— 


PHOTO  SCALES  (BOTH):  VERT=2V/DIV,  HORIZ=10  nS/DIV 

LINES:  SOLID  =  UC3710;  DASHED  =  DISCRETE  CIRCUIT  OF  FIGURE  9. 


■ 


POWER  DEVICES 

IGBTs  and  MCTs:  While  existing  generations 
of  power  MOSFETs  continue  to  be  enchanced 
for  lower  RDS(on)  and  faster  recovery  internal 
diodes,  alternative  new  devices  have  also  been 
introduced.  Among  the  most  popular,  and 
viable  for  high  voltage  high  power  applications 
are  IGBTs  (Insulated  Gate  Bipolar  transistors) 
and  MCTs  (MOS  Controlled  Thyristors).  Although 
frequently  drawn  as  an  NPN  structure,  the  IGBT 
actually  resembles  a  PNP  bipolar  transistor  with 
an  internal  MOS  device  to  control  the  base 
drive.  Indicative  by  its  description,  the  MCT  is 
essentially  an  SCR  structure  also  utilitzing  a 
MOS  drive  stage.  Both  devices  offer  significant 
cost  advantages  over  MOSFETs  for  a  given 
power  capability. 

MOSFET,  IGBT  and  MCT  Gate  Drives:  There  are 
numerous  reasons  for  driving  the  MOSFET  gate 


to  a  negative  potential  during  the  device's  off 
state.  Degradation  of  the  gate  turn-on  threshold 
over  time  and  especially  following  high  levels  of 
irradiation  are  amongst  the  most  common. 
However,  with  IGBTs,  the  important  concern  is 
the  ability  to  keep  the  device  off  following  turn- 
off  with  a  high  drain  current  flowing.  On  larger 
IGBT's  with  ratings  up  to  300  Amps,  inductive 
effects  caused  by  the  device's  package  alone 
can  "kick"  the  effective  gate-to-emitter  voltage 
positive  by  several  Volts  at  the  die  -  even  with 
the  gate  shorted  to  the  emitter  at  the  package 
terminals.  Actually,  this  is  the  result  of  the  high 
current  flowing  in  the  emitter  lead  (package) 
inductance  which  can  less  than  1nH.  The 
corresponding  voltage  drop  changes  polarity  at 
turn  off,  thus  pulling  the  emitter  below  the 
gate,  or  ground.  If  high  enough,  a  fast  turn  off 
will  be  followed  by  a  parasitic  turn-on  of  the 


s 


a 
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switch,  and  potential  destruction  of  the 
semiconductor.  Applying  the  correct  amplitude 
of  negative  gate  voltage  can  insure  proper 
operation  under  these  high  current  turn-off 
conditions.  Also,  the  negative  bias  protects 
against  tum-on  from  high  dv/dt  related  changes 
that  could  couple  into  the  gate  through  the 
"Miller"  capacitance. 


IGBT  MCT 

COLLECTOR  ANODE 


EMITTER  CATHODE 


Figure  13  -  IGBT  and  MCT  Diagrams 

Unlike  power  MOSFET  switches,  IGBT 
transconductance  continues  to  increase  with 
gate  voltage.  While  most  MOSFET  devices  peak 
with  about  10  to  12  Volts  at  the  gate,  IGBT 
performance  steadily  improves  up  to  the 
suggested  16  Volt  maximum  gate  voltage. 
Typically,  most  IGBT  manufacturers  recommend 
a  negative  drive  voltage  between  -5  and  -15V. 
Generally,  it  is  most  convenient  to  derive  a 
negative  voltage  equal  in  amplitude  to  the 
positive  supply  rail,  and  ±15V  is  common. 

The  gate  charge  required  by  an  IGBT  (for  a  given 
voltage  and  current  rating)  is  noticeably  less 
than  that  of  a  MOSFET.  Part  of  this  is  due  to  the 
better  utilization  of  silicon  which  allows  the 
IGBT  die  to  be  considerably  smaller  than  its  FET 
counterpart.  Additionally,  the  IGBT  (being  a 
bipolar  transistor)  does  not  suffer  from  the 
severe  "Miller"  effects  of  the  MOS  devices, 
easing  the  drive  requirements  in  a  given 
application.  However,  because  of  their 
advantages,  most  available  IGBTs  have  fairly 
high  gate  charge  demands  -  simply  because  of 
their  greater  power  handling  capability. 

In  contrast,  MCTs  (MOS  Controlled  Thyristors) 
exhibit  the  highest  silicon  utilization  level  among 
power  switching  devices.  While  relatively  new 
to  the  market,  these  devices  are  quickly  gaining 
acceptance  in  very  high  power  (above  several 
kilowatts)  applications  because  of  their  high 
voltage  (1000V)  and  high  current  (to  1000A) 
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capability.  Recently  introduced  parts  boast 
maximum  ratings  to  one  megawatt,  ideal  for 
large  industrial  motor  drives  and  high  power 
distribution — even  at  the  substation  level.  These 
devices  are  essentially  MOS  controlled  SCRs  and 
are  intended  for  low  frequency  switchmode 
conversion.  They  will  most  likely  replace  high 
power  discrete  transistors,  Darlingtons  and^  SCRs 
because  of  their  higher  efficiency  andx  lower 
cost. 

Gate  Charge  and  Effective  Capacitance 
with  Negative  Bias:  While  several  MOSFET 
and  IGBT  manufacturers  recommend  negative 
gate  voltages  in  the  device's  off  state,  few 
publish  any  curves  or  information  about  gate 
charge  characteristics  when  the  gate  is  below 
zero  Volts.  This  complicates  the  gate  drive 
circuit  design  as  each  IGBT,  MOSFET  or  MCT 
switch  must  be  evaluated  by  the  user  over  the 
ranges  of  operation  conditions.  A  test  fixture 
as  shown  in  Figure  14  can  be  used  to  provide 
empirical  generalizations  for  devices  of  interest. 
A  switched  constant  current  source/sink  has 
been  configured  using  a  simple  dual  op-amp  to 
drive  a  "constant"  1mA  at  the  device  under  test 
(DUT).  Gate  voltage  versus  time  can  be 
monitored  which  provides  the  exact  gate  charge 
requirements  for  a  given  device.  Any  application 
specific  requirements  can  also  be  accommodated 
by  modifying  the  test  circuit  with  external 
circuitry. 

Negative  Gate  Charge  -  Empirical  Data: 

Several  MOSFET,  IGBT  and  MCT  gate  charge 
measurements  were  taken  to  establish  the 
general  characteristics  with  negative  gate  charge 
and  effective  capacitance  during  this  third 
quadrant  operation  was  calculated  and  compared 
to  of  the  first  quadrant  specifications  from  the 
manufacturers  data  sheets.  Figure  15 
demonstrates  the  general  relationships  of  gate 
charges  for  comparison. 

Both  the  IGBT  and  MCT  have  similar  negative 
bias  gate  charge  requirements  as  with  an  applied 
positive  bias.  The  MOSFET,  however,  exhibits  a 
slightly  reduced  gate  charge  in  its  negative  bias 
region,  somewhere  between  70  and  75  percent 
of  its  positive  bias  charge.  The  MOSFET's  more 
significant  "Miller"  effect  in  the  first  quadrant  is 
responsible  for  this  since  the  higher  effective 
capacitance  during  the  plateau  region  does  not 
occur  with  negative  bias. 
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5NF  : 


NE5532  i 

VCC  \t}~ 


43> 


TO  OUT 


INPUT  C+-  TJ  + 

+/-5V  ;  \S 


-s- 


-15V*— 


0.1 


VEE 


0.1 


51 K 




•  +15V 


51 K 


Figure  14  -  Gate  Charge  Test  Circuit 
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Figure  15  -  Gate  Charge  Comparison  Low  to 
High  Transition 
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Total  Gate  Power  -  Negative  Drive  Voltage 
Applications:  All  of  the  previously  presented 
gate  power  equations  still  apply,  however  they 
must  be  modified  to  include  the  additional 
charge  requirements  of  the  negative  supply 
voltage.  For  the  sake  of  simplicity,  a 
multiplication  factor  can  be  used  for  recalculation 
of  the  exact  figures.  When  identical  amplitudes 
of  positive  and  negative  supply  voltages  are 
used,  for  example  +15V,  then  the  gate  power 
utilized  can  be  simply  multiplied  by  a  factor  of 
two.  This  completes  the  process  for  the  IGBTs 
and  MCTs.  The  total  MOSFET  gate  charge,  on 
the  other  hand,  should  only  be  multiplied  by  a 
factor  of  1.7  to  1.75  to  accommodate  the 
reduced  negative  bias  demands.  Additionally,  if 
a  negative  supply  voltage  different  than  the 
positive  rail  voltage  is  used,  for  example  +15 
and  -5,  then  the  scaling  factor  must  be  adjusted 
accordingly.  In  this  case,  the  new  total  gate 
power  would  be  1+  (-5/-15)  or  1.33  times  the 
initial  0-1 5V  gate  power  for  IGBTs  and  MCTs. 
The  negative  drive  voltage  scaling  factor  (-5/- 
15)  would  be  multiplied  by  the  70  to  75%  index 
if  a  MOSFET  were  used  instead  of  an  IGBT  or 
MCT.  This  would  result  in  a  1.23  to  1.25  times 
net  increase  over  the  initial  (0-1 5V)  gate  power 
demand. 


VERT  5V/DIV  HORIZ  50uS/DIV 

Figure  16  -  Gate  Drive  Comparison  High  to 
Low  Transition 
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SUMMARY 

The  need  for  higher  speed  and  higher  current  FET 
driver  ICs  has  become  increasingly  apparent  as 
powerconversion  switching  frequencies  are  pushed 
towards  and  beyond  one  megaHertz.  Likewise,  the 
quest  for  higher  overall  efficiencies  has  resulted  in 
creation  of  large,  even  "monster"  size  MOSFET 
geometries.  These  industry  trends  have  stimulated 
the  development  of  innovative  MOSFET  driver  ICs 
-  ones  which  would  significantly  outperform  any  of 
their  predecessors,  including  discrete  versions. 

A  new  generation  of  high  speed  and  high  current 
MOSFET  drivers  has  been  presented.  Each  opti- 
mized for  a  unique  blend  of  these  attributes,  the 
UC1708,  UC1710  and  the  UC1711  devices  suc- 

HIGH  CURRENT  FET  DRIVER  CIRCUITS 
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cessfully  conquer  the  challenges  of  obtaining 
rapid  transitions  in  MOSFET  gate  drive  circuits. 
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TYPE 

DESCRIPTION 

KEY  FEATURES 

PACKAGE 

UC1 705/3705 

High  Speed  Power  Driver 
(Single  ended) 

•  1 .5A  TotemPole  Output 

•  High  Speed  MOSFET  Compatible 

•  Low  Quiescent  Current 

•  Low  Cost  Package 

8  Pin 
DIL 
5  Pin 
TO-220 

UC1 706/3706 
UC1 707/3707 

Dual  High  Current 
MOSFET  Compatible 
Output  Driver 

Dual  Uncommitted  High 
Current  MOSFET 
Compatible  Output  Driver 

•  Dual,  1.5 A  Totem  Pole  Outputs 

•  Parallel  or  Push-Pull  Conversion 
(1706  Series) 

•  internal  Overlap  Protection 

•  Analog,  Latched  Shutdown 

•  High-Speed,  Power  MOSFET  Compatible 

•  Thermal  Shutdown  Protection 

•  5  to  40V  Operation 

•  Low  Quiescent  Current 

16  Pin 
DIL 
"Batwing" 

1  1       -1  "7AO  /O  "7AQ 

UOI 708/3708 

Dual  Non-Inverting 
Power  Driver 

•  3.0  Peak  Current  Totem  Pole  Output 

•  5  to  35V  Operation 

•  25n  Sec  Rise  and  Fall  Times 

•  25n  Sec  Propagation  Delays 

•  Thermal  Shutdown  and  Under-Voltage 
Protection 

•  High-Speed,  Power  MOSFET  Compatible 

•  Efficient  High  Frequency  Operation 

•  Low-Cross-Conduction  Current  Spike 

•  Enable  and  Shutdown  Functions 

•  Wide  Input  Voltage  Range 

•  ESD  Protection  to  2kV 

8-Pin 
DIL 

16-Pin 
DIL 

UC1 709/3709 

Dual  High 
Speed  FET  Driver 

•  1 ,5A  Source/Sink  Drive 

•  Pin  Compatible  with  0026 

•  40ns  Rise  and  Fall  into  1000pF 

•  Low  Quiescent  Current 

8Pin 
DIL 

UC1 71 0/3710 

High  Current/Speed 
FET  Driver 

•  10A  Peak  Current  Capability 

•  40ns  Rise  and  Fall  Times 

•  40ns  Delay  Times  (1  Nf) 

•  Low  Saturation  Voltage 

8  Pin 
DIL 
5  Pin 
TO-220 

UC1 71 1/3711 

Dual  Ultra  High 
Speed  FET  Driver 

•  25nS  Rise  and  Fall  into  1000pF 

•  15nS  Propagation  Delay 

•  1 .5Amp  Source  or  Sink  Output  Drive 

•  Operation  with  5V  to  35V  Supply 

•  High-Speed  Schottky  NPN  Process 

•  8-PIN  Mini-DIP  Package 

•  Radiation  Hard 

8-Pin 
DIL 

UC3724 
UC3725 
(PAIR) 

Isolated  High  Side  Drive 

for  N-Channel 

Power  MOSFET  Gates 

•  Fully  Isolated  Drive  for  High  Voltage 

•  0%  to  100%  Duty  Cycle 

•  600kHz  Carrier  Capability 

•  Local  Current  Limiting  Feature 

8  Pin 
DIL 
(Pair) 
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Zero  Voltage  Switching 
Resonant  Power  Conversion 

Bill  Andreycak 


Abstract 

The  technique  of  zero  voltage  switching  in 
modern  power  conversion  is  explored.  Several 
ZVS  topologies  and  applications,  limitations  of 
the  ZVS  technique,  and  a  generalized  design 
procedure  are  featured.  Two  design  examples 
are  presented:  a  50  Watt  DC/DC  converter, 
and  an  off-line  300  Watt  multiple  output  power 
supply.  This  topic  concludes  with  a  perfor- 
mance comparison  of  ZVS  converters  to  then- 
square  wave  counterparts,  and  a  summary  of 
typical  applications. 

Introduction 

Advances  in  resonant  and  quasi-resonant 
power  conversion  technology  propose  alterna- 
tive solutions  to  a  conflicting  set  of  square 
wave  conversion  design  goals;  obtaining  high 
efficiency  operation  at  a  high  switching  fre- 
quency from  a  high  voltage  source.  Currently, 
the  conventional  approaches  are  by  far,  still  in 
the  production  mainstream.  However,  an 
increasing  challenge  can  be  witnessed  by  the 
emerging  resonant  technologies,  primarily  due 
to  their  lossless  switching  merits.  The  intent  of 
this  presentation  is  to  unravel  the  details  of 
zero  voltage  switching  via  a  comprehensive 
analysis  of  the  timing  intervals  and  relevant 
voltage  and  current  waveforms. 

The  concept  of  quasi-resonant,  "lossless" 
switching  is  not  new,  most  noticeably  patented 
by  one  individual  [1]  and  publicized  by  another 
at  various  power  conferences  [2,3].  Numerous 
efforts  focusing  on  zero  current  switching 
ensued,  first  perceived  as  the  likely  candidate 
for  tomorrow's  generation  of  high  frequency 
power  converters  [4,5,6,7,8].  In  theory,  the  on- 
off  transitions  occur  at  a  time  in  the  resonant 
cycle  where  the  switch  current  is  zero,  facilitat- 


ing zero  current,  hence  zero  power  switching. 
And  while  true,  two  obvious  concerns  can 
impede  the  quest  for  high  efficiency  operation 
with  high  voltage  inputs. 

By  nature  of  the  resonant  tank  and  zero 
current  switching  limitation,  the  peak  switch 
current  is  significantly  higher  than  its  square 
wave  counterpart.  In  fact,  the  peak  of  the  full 
load  switch  current  is  a  minimum  of  twice  that 
of  its  square  wave  kin.  In  its  off  state,  the 
switch  returns  to  a  blocking  a  high  voltage 
every  cycle.  When  activated  by  the  next  drive 
pulse,  the  MOSFET  output  capacitance  (Coss) 
is  discharged  by  the  FET,  contributing  a  signifi- 
cant power  loss  at  high  frequencies  and  high 
voltages.  Instead,  both  of  these  losses  are 
avoided  by  implementing  a  zero  voltage  switch- 
ing technique  [9,10]. 

Zero  Voltage  Switching  Overview 

Zero  voltage  switching  can  best  be  defined 
as  conventional  square  wave  power  conversion 
during  the  switch's  on-time  with  "resonant" 
switching  transitions.  For  the  most  part,  it  can 
be  considered  as  square  wave  power  utilizing  a 
constant  off-time  control  which  varies  the 
conversion  frequency,  or  on-time  to  maintain 
regulation  of  the  output  voltage.  For  a  given 
unit  of  time,  this  method  is  similar  to  fixed 
frequency  conversion  which  uses  an  adjustable 
duty  cycle,  as  shown  in  Fig.  1. 

Regulation  of  the  output  voltage  is  accomp- 
lished by  adjusting  the  effective  duty  cycle, 
performed  by  varying  the  conversion  frequency. 
This  changes  the  effective  on-time  in  a  ZVS 
design.  The  foundation  of  this  conversion  is 
simply  the  volt-second  product  equating  of  the 
input  and  output.  It  is  virtually  identical  to  that 
of  square  wave  power  conversion,  and  vastly 
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Fig.  1  -  Zero  Voltage  Switching  vs.  Conventional  Square  Wave 


unlike  the  energy  transfer  system  of  its  electri- 
cal dual,  the  zero  current  switched  converter. 

During  the  ZVS  switch  off-time,  the  L-C 
tank  circuit  resonates.  This  traverses  the  volt- 
age across  the  switch  from  zero  to  its  peak, 
and  back  down  again  to  zero.  At  this  point  the 
switch  can  be  reactivated,  and  lossless  zero 
voltage  switching  facilitated.  Since  the  output 
capacitance  of  the  MOSFET  switch  (Coss)  has 
been  discharged  by  the  resonant  tank,  it  does 
not  contribute  to  power  loss  or  dissipation  in 
the  switch.  Therefore,  the  MOSFET  transition 
losses  go  to  zero  -  regardless  of  operating 
frequency  and  input  voltage.  This  could  repre- 
sent a  significant  savings  in  power,  and  result  in 
a  substantial  improvement  in  efficiency.  Obvi- 
ously, this  attribute  makes  zero  voltage  switch- 
ing a  suitable  candidate  for  high  frequency, 
high  voltage  converter  designs.  Additionally,  the 
gate  drive  requirements  are  somewhat  reduced 
in  a  ZVS  design  due  to  the  lack  of  the  gate  to 
drain  (Miller)  charge,  which  is  deleted  when 
VDS  equals  zero. 

The  technique  of  zero  voltage  switching  is 
applicable  to  all  switching  topologies;  the  buck 
regulator  and  its  derivatives  (forward,  half  and 
full  bridge),  the  flyback,  and  boost  converters, 
to  name  a  few.  This  presentation  will  focus  on 
the  continuous  output  current,  buck  derived 
topologies,  however  a  list  of  references  describ- 
ing the  others  has  been  included  in  the  appen- 
dix. 
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Fig.  2  -  Resonant  Switch  Implementation 
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Fig.  3  -  General  Waveforms 
ZVS  Benefits 

■  Zero  power  "Lossless"  switching  transitions 

■  Reduced  EMI  /  RFI  at  transitions 

■  No  power  loss  due  to  discharging  Coss 

■  No  higher  peak  currents,  (ie.  ZCS)  same  as 
square  wave  systems 

■  High  efficiency  with  high  voltage  inputs  at 
any  frequency 

■  Can  incorporate  parasitic  circuit  and  compo- 
nent L  &  C 
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■  Reduced    gate    drive    requirements  (no 
"Miller"  effects) 

■  Short  circuit  tolerant 
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ZVS  Differences: 

■  Variable  frequency  operation  (in  general) 

■  Higher  off-state  voltages  in  single  switch, 


unc 

■  Relatively  new  technology  -  users  must  climb 
the  learning  curve 

■  Conversion  frequency  is  inversely  propor- 
tional to  load  current 

■  A  more  sophisticated  control  circuit  may  be 
required 

ZVS  Design  Equations 

A  zero  voltage  switched  Buck  regulator 
will  be  used  to  develop  the  design  equations 
for  the  various  voltages,  currents  and  time 
intervals  associated  with  each  of  the  conversion 
periods  which  occur  during  one  complete 
switching  cycle.  The  circuit  schematic,  compo- 
nent references,  and  relevant  polarities  are 
shown  in  Fig.  4. 

Typical  design  procedure  guidelines  and 
"shortcuts"  will  be  employed  during  the  anal- 
ysis' for  the  purpose  of  brevity.  At  the  onset, 
all  components  will  be  treated  as  though  they 
were  ideal  which  simplifies  the  generation  of 
the  basic  equations  and  relationships.  As  this 
section  progresses,  losses  and  non-ideal  charac- 
teristics of  the  components  will  be  added  to  the 
formulas.  The  timing  summary  will  expound 
upon  the  equations  for  a  precise  analysis. 

Another  valid  assumption  is  that  the  output 


filter  section  consisting  of  output  inductor  L(> 
and  capacitor  C0  has  a  time  constant  several 
orders  of  magnitude  larger  than  any  power 
conversion  period.  The  filter  inductance  is  large 
in  comparison  to  that  of  the  resonant  inductor's 
value  LR  and  the  magnetizing  current  A/^  as 
well  as  the  inductor's  DC  resistance  is  negligi- 
ble. In  addition,  both  the  input  voltage  VIN  and 
output  voltage  V0  are  purely  DC,  and  do  not 
vary  during  a  given  conversion  cycle.  Last,  the 
converter  is  operating  in  a  closed  loop  configu- 
ration which  regulates  the  output  voltage  V0  . 

Initial  Conditions:  Time  interval  <  t0 

Before  analyzing  the  individual  time  inter- 
vals, the  initial  conditions  of  the  circuit  must  be 
defined.  The  analysis  will  begin  with  switch  Q, 
on,  conducting  a  drain  current  ID  equal  to  the 
output  current  I0,  and  VDS  =  VCR  =  0  (ideal). 
In  series  with  the  switch  Q,  is  the  resonant 
inductor  LR  and  the  output  inductor  LQ  which 
also  conduct  the  output  current  I0 .  It  has  been 
established  that  the  output  inductance  LQ  is 
large  in  comparison  to  the  resonant  inductor 
LR  and  all  components  are  ideal.  Therefore,  the 
voltage  across  the  output  inductor  equals 
the  input  to  output  voltage  differential;  = 
VIN  -  V0 .  The  output  filter  section  catch  diode 
D0  is  not  conducting  and  sees  a  reverse  voltage 
equal  to  the  input  voltage;  =  V, ,  observing 
the  polarity  shown  in  Figure  4. 

Table  I  -  INITIAL  CONDITIONS 


COMP.  STATUS 

CIRCUIT  VALUES 

ON 

VDS  =  VCR  =  0  '  'd  =  ILR=ILO=I0 

D0  OFF 

Vdo=v,n  ;  iD0=° 

Ilr=i0;vlr=o 

VLO  =  VIN-V0  ;  'lO  =  ° 

Fig.  4  -  Zero  Voltage  Switched  Buck  Regulator 


Capacitor  Charging  State:  t0  -  tj 

The  conversion  period  is  initiated  at  time  t0 
when  switch  Q,  is  turned  OFF.  Since  the 
current  through  resonant  inductor  LR  and 
output  inductor  L0  cannot  change  instanta- 
neously, and  no  drain  current  flows  in  Q,  while 
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Table  II  -  CAPACITOR  CHARGING:  to  - 
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Fig.  5  -  Simplified  Model 
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Fig.  6  -  Resonant  Capacitor  Waveforms 

it  is  off,  the  current  is  diverted  around  the 
switch  through  the  resonant  capacitor  CR.  The 
constant  output  current  will  linearly  increase 
the  voltage  across  the  resonant  capacitor  until 
it  reaches  the  input  voltage  (VCR  =  VIN).  Since 
the  current  is  not  changing,  neither  is  the 
voltage  across  resonant  inductor  LR. 

At  time  t0  the  switch  current  ID  "instantly" 
drops  from  I0  to  zero.  Simultaneously,  the 
resonant  capacitor  current  ICR  snaps  from  zero 
to  I0,  while  the  resonant  inductor  current  1^ 
and  output  inductor  current  IL0  are  constant 
and  also  equal  to  I0  during  interval  t01 .  Voltage 
across  output  inductor  LQ  and  output  catch 
diode  D0  linearly  decreases  during  this  interval 
due  to  the  linearly  increasing  voltage  across 
resonant  capacitor  CR.  At  time  f, ,  VCR  equals 
Vm,  and  DQ  starts  to  conduct. 


COMP.  STATUS 
Q,  OFF 
CR  Charging 


CIRCUIT  VALUES 

'd  =  0  I  VDS(t)=VCR(t) 

lCR  =  0  ;  VCR(t)  RISES  LINEARLY 

VCR(tO)  =  0  !  VCR(t1)  =  VIN 


Do 


LR(t) 


=i0;Vlr= 


OFF 


vDO(toj=viN  :  vDO(ti)-° : 

DECREASES  LINEARLY 

VLO(t0)=VIN_VO  I  VLO(t1)=_V0 
DECREASES  UNEARLY  ;  lL0=l0 


Resonant  State:  tx  -  t2 

The  resonant  portion  of  the  conversion  cycle 
begins  at  t,  when  the  voltage  across  resonant 
capacitor  VCR  equals  the  input  voltage  VIN,  and 
the  output  catch  diode  begins  conducting.  At 
tj ,  current  through  the  resonant  components 
ICR  and  ILR  equals  the  output  current  I0. 

The  stimulus  for  this  series  resonant  L-C 
circuit  is  output  current  IQ  flowing  through  the 
resonant  inductor  prior  to  time  t,.  The  ensuing 
resonant  tank  current  follows  a  cosine  function 
beginning  at  time  f;,  and  ending  at  time  t2.  At 
the  natural  resonant  frequency  a^,  each  of  the 
L-C  tank  components  exhibit  an  impedance 
equal  to  the  tank  impedance,  ZR.  Therefore, 
the  peak  voltage  across  CR  and  switch  Q,  are  a 
function  of  ZR  and  I0 . 

The  instantaneous  voltage  across  CR  and  Q, 
can  be  evaluated  over  the  resonant  time  inter- 
val using  the  following  relationships: 

Vcm  =  KCT((,)+^sin[W,(,-Og 


zr  =  1/u>rcr  ; 


CR(ll) 


■■     VCR(,)  =  ^+'o^sin[a, 

Of  greater  importance  is  the  ability  to  solve 
the  equations  for  the  precise  off-time  of  the 
switch.  This  off-time  will  vary  with  line  and 
load  changes  and  the  control  circuit  must 
respond  in  order  to  facilitate  true  zero  voltage 
switching.  While  some  allowance  does  exist  for 
a  fixed  off  time  technique,  the  degree  of  lati- 
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tude  is  insufficient  to  accommodate  typical 
input  and  output  variations.  The  exact  time  is 
obtained  by  solving  the  resonant  capacitor 
voltage  equations  for  the  condition  when  zero 
voltage  is  attained. 


I0ZR  SIN(o>  „(f-fl)) 


IN 


The  equation  can  be  further  simplified  by 
extracting  the  half  cycle  (180  degrees)  of  con- 
duction which  is  a  constant  for  a  given  resonant 
frequency,  and  equal  to  w/wR . 

,  "1'2 


'12  = 


?r  1 
—  +  —  arcsin 
03  „  u. 


J'i 


The  resonant  component  current  (ICR  =  7^,) 
is  a  cosine  function  between  time  f,  and  t2, 
described  as: 

7CT(,)  =  /o«»[w»(Mi)]J 

The  absolute  maximum  duration  for  this 
interval  occurs  when  270  degrees  (37T-/2WR)  of 
resonant  operation  is  required  to  intersect  the 
zero  voltage  axis.  This  corresponds  to  the  limit 
of  resonance  as  minimum  load  and  maximum 
line  voltage  are  approached. 

Contributions  of  line  and  load  influences  on 
the  resonant  time  interval  tn  can  be  analyzed 
individually  as  shown  in  Figs.  7  and  8. 

Prior  to  time  th  the  catch  diode  D0  was  not 
conducting.  Its  voltage,  V^,  was  linearly  de- 
creasing from  Vm  at  time  t0  to  zero  at  t,  while 
input  source  Vm  was  supplying  full  output 
current,  I0.  At  time  th  however,  this  situation 
changes  as  the  resonant  capacitor  initiates 
resonance,  diverting  the  resonant  inductor 
current  away  from  the  output  filter  section. 
Instantly,  the  output  diode  voltage,  chang- 
es polarity  as  it  begins  to  conduct,  supplement- 
ing the  decreasing  resonant  inductor  current 
with  diode  current  Iqq,  extracted  from  stored 
energy  in  output  inductor  L0.  The  diode  cur- 
rent waveshape  follows  a  cosine  function  during 
this  interval,  equalling  I0  minus  /CT(t). 

Also  occurring  at  time  th  the  output  filter 
inductor  L0  releases  the  stored  energy  required 


VCR(t)vs     LIME  CHANGES 


VIN  -  HIGH 


Fig.  8  -  Resonant  Capacitor  Voltage  vs.  Load 
to  maintain  a  constant  output  current  I0.  Its 
reverse  voltage  is  clamped  to  the  output  voltage 
V0  minus  the  diode  voltage  drop  V^,  by  the 
convention  followed  by  Figure  4. 

Table  III  -  RESONANT  INTERVAL:  tj  -  tj 
COMP.  STATUS     CIRCUIT  VALUES 


Q1 
Cr 


Do 


OFF 


VDS(t)  =  VCR(t) 

Resonant    VCR(t) = VIN  +  (loZpSlnd^t^))) 

lCR(t)-'oC08("R(Wl)) 


Resonant  V, 


LR(t)! 


■[loZpSln^d-t!)) 


ON 


'LR(t)"'cR(t) 
boct) "  'o_lLR(t) 


Discharge  VLo=-(Vo+VDo(fWd)) 
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Inductor  Charging  State:  t2  - 13 

To  facilitate  zero  voltage  switching,  switch 
Q,  is  activated  once  the  voltage  VDS  across  Q, 
and  resonant  capacitor  VCR  has  reached  zero, 
occurring  at  time  t2.  During  this  inductor 
charging  interval  resonant  inductor  current 
Iut  is  linearly  returned  from  its  negative  peak 
of  minus  lQ  to  its  positive  level  of  plus  I0. 

The  output  catch  diode  D0  conducts  during 
the  ta  interval.  It  continues  to  freewheel  the 
full  output  current  I0,  clamping  one  end  of  the 
resonant  bductor  to  ground  through  D0.  There 
is  a  constant  voltage,  VIN  -  ,  across  the 
resonant  inductor.  As  a  result,  ILR  rises  linearly, 
Ido  decreases  linearly.  Energy  stored  in  output 
inductor  L0  continues  to  be  delivered  to  the 
load  during  this  time  period. 

A  noteworthy  peculiarity  during  this  time- 
span  can  be  seen  in  the  switch  drain  current 
waveform.  At  time  t2,  when  the  switch  is  turned 
on,  current  is  actually  returning  from  the 
resonant  tank  to  the  input  source,  Vm.  This 
indicates  the  requirement  for  a  reverse  polarity 
diode  across  the  switch  to  accommodate  the  bi- 
directional current.  An  interesting  result  is  that 
the  switch  can  be  turned  on  at  any  time  during 
the  first  half  of  the  ta  interval  without  affecting 
normal  operation.  A  separate  time  interval 
could  be  used  to  identify  this  region  if  desired. 

dl  V 

fl£  =  IE   ;  dt  =  dl.L./V„ 
dt  LR 


IN 


where  A/R  =  -IQ  to  +I0  =  21 0 


>X  = 


2LRI0 


and  varies  with  Vm  and  VQ 


Power  Transfer  State:  t3  - 14 

Once  the  resonant  inductor  current  1^  has 
reached  I0  at  time  t3,  the  zero  voltage  switched 
converter  resembles  a  conventional  square 
wave  power  processor.  During  the  remainder  of 
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Table  IV  -  INDUCTOR  CHARGING:  tj  - 13 


COMP.  STATUS 

CIRCUIT  VALUES 

r\ 
"1 

ON 

lD(t)  =  -lo+((V|N+VDO)/LR)t 

Cr 

VCR  =  ° 

Lr 

Charging 

VLR=V|N+VD0 

'LR(t)  =  -'0  +  (VLR/LR)(t-t2) 

Do 

ON 

lDO(t)  =  lO-|LR(t) 

iLO^V^-O/o  +  Vrjo) 

the  conversion  period,  most  of  the  pertinent 
waveforms  approach  DC  conditions. 

Assuming  ideal  components,  with  Q,  closed, 
the  input  source  supplies  output  current  ,  and 
the  output  filter  inductor  voltage  VL0  equals  Vm 
-  V0 .  The  switch  current  and  resonant  inductor 
current  are  both  equal  to  I0,  and  their  respec- 
tive voltage  drops  are  zero  (Vos  =  ^ut~^)- 
Catch  diode  voltage       equals  VIN,  and  Ido=0. 

In  closed  loop  operation  where  the  output 
voltage  is  in  regulation,  the  control  circuit 
essentially  varies  the  on-time  of  the  switch 
during  the  fw  interval.  Variable  frequency 
operation  is  actually  the  result  of  modulating 
the  on-time  as  dictated  by  line  and  load  condi- 
tions. Increasing  the  time  duration,  or  lowering 
the  conversion  frequency  has  the  same  effect  as 
widening  the  duty  cycle  in  a  traditional  square 
wave  converter.  For  example,  if  the  output 
voltage  were  to  drop  in  response  to  an 
increased  load,  the  conversion  frequency  would 
decrease  in  order  to  raise  the  effective  ON 
period.  Conversely,  at  light  loads  where  little 
energy  is  drawn  from  the  output  capacitor,  the 
control  circuit  would  adjust  to  minimize  the  t}4 
duration  by  increasing  the  conversion  frequen- 
cy. In  summary,  the  conversion  frequency  is 
inversely  proportional  to  the  power  delivered  to 
the  load. 


Vo  = 


Kn134 


'01  +  'l2+'23  +  '34 


V  t 


'34  = 
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t3  - 1< 


COMP.  STATUS 

CIRCUIT  VALUES 

Q,  ON 

VDS  =  lORDS(ON)  !  b  =  lO 

Cr 

VCR=0 

Lr 

'ur='o;  vLR=o 

D0  OFF 

Vdo  =  V|N 

Lq  Charging 

vLo=Vin-v0;Ilo='o 





- 

VIN  =  18  V 
V0  =  5  V 
I0  =  5  A 


(10V) 


TMI«1) 

VCR  0 
(20V) 

Ic»  0 

(5A) 


(SA)  0 


*L1 

(SA) 


*  LR 
(20v) 


*  DO 
<!•»> 


(5A) 


*  LO 
(lOv) 


LO 

(SAAC) 

VO 
(5V) 

Vo 

(50mvac) 


1: 


'J    U  LT- 


n  n  n; 
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Fig.  9  --  ZVS  Buck  Regulator  Waveforms 
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ZVS  Converter  Limitations: 

In  a  ZVS  converter  operating  under  ideal 
conditions,  the  on-time  ot  the  switch  (f^+f^) 
approaches  zero,  and  the  converter  will  operate 
at  maximum  frequency  an  i  deliver  zero  output 
voltage.  In  a  practical  design  ,  however,  the 
switch  on-time  cannot  go  to  zero  for  several 
reasons. 

First  of  all,  the  resonant  tank  components 
are  selected  based  on  the  maximum  input 
voltage  VINmax  and  minimum  output  current 
I0min  f°r  the  circuit  to  remain  resonant  over  all 
operating  conditions  of  line  and  load.  If  the 
circuit  is  to  remain  zero  v  itage  switched,  then 
the  resonant  tank  current  cannot  be  allowed  to 
go  to  zero.  It  can,  however,  reach  I0min . 

There  is  a  finite  switch  on-time  associated 
with  the  inductor  charging  interval  where  the 
resonant  inductor  current  linearly  increases 
from  - 10  to  +  I0.  As  the  r  l-time  in  the  power 
transfer  interval  t34  approaches  zero,  so  will  the 
converter  output  voltage.  Therefore,  the  mini- 
mum on-time  and  the  maximum  conversion 
frequency  can  be  calculated  based  upon  the 
limitation  of  Iq^k  and  zero  output  voltage. 

The  limits  of  the  four  zero  voltage  switched 
time  intervals  will  be  analyzed  when  l0  goes  to 
I0  minimum.  Each  solution  will  be  retained  in 
terms  of  the  resonant  tank  frequency  u>R  for 
generalization. 


C„  =- 


Omin 


ZR»R 


C  V 


Olmax 


37T 

2uR 


1.57T 
W  „ 


L.  = 


u  R  IOmiBt 


. :  2V0- 


2 


Both  the  minimum  on-time  and  maximum 
off-time  have  been  described  in  terms  of  the 
resonant  tank  frequency  ,  Wr.  Taking  this  one 
step  further  will  result  in  the  maximum  conver- 
sion frequency  fcoNVmax  >  38  a  function  of 
the  resonant  tank  frequency. 

Minimum  On-Time: 

2        1  0.318 

'23min 


C0„ 


Maximum  Off-Time: 


'01  +  'l2min 


1+1.5* 


0.909 


The  maximum  conversion  frequency  corre- 
sponds to  the  minimum  conversion  period, 
,  which  is  the  sum  of  the  minimum  on- 


'  CONWhki 


time  and  maximum  off-time: 


1  cewvw 


+  f23  = 


0.909 + 0.308 
Sr 


1.227 


The  maximum  conversion  frequency,  fcoNVmax 
=  VTconv**,  equals 

1  h 


F. 


CONVmzx 


1.227 


CONV(min) 

The  ratio  of  the  maximum  conversion  fre- 
quency to  that  of  the  resonant  tank  frequency 
can  be  expressed  as  a  topology  coefficient,  KT. 
For  this  zero  voltage  switched  Buck  regulator 
and  its  derivatives,  KTmM  equals: 

v  _    ^CONVmax         /*  A-227 

A7-ma*  -   f   -   7   0.815 

Jr  Jr 
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Fig.  10  —  Waveforms  at  FC0NV  =  KT  -fR 

In  a  realistic  application,  the  output  voltage 
of  the  power  supply  is  held  in  regulation  at  V0 
which  stipulates  that  the  on-time  in  the  power 
processing  state,  t34 ,  cannot  go  to  zero  as  in 
the  example  above.  The  volt-second  product  re- 
quirements of  the  output  must  be  satisfied 
during  this  period,  just  as  in  any  square  wave 
converter  design.  Analogous  to  minimum  duty 
cycle,  the  minimum  on-time  for  a  given  design 
will  be  a  function  of  VIN,  V0  and  the  resonant 
tank  frequency,  a>R. 

Although  small,  a  specific  amount  of  energy 
is  transferred  from  the  input  to  the  output 
during  the  capacitor  charging  interval  t0I.  The 
voltage  into  the  output  filter  section  linearly 
decreases  from  VIN  at  time  t0  to  zero  at  t,, 
equal  to  an  average  value  of  VlN/2.  In  addition, 
a  constant  current  equal  to  the  output  current 
IQ  was  being  supplied  from  the  input  source. 
The  average  energy  transferred  during  this 
interval  is  defined  as: 


V  I  C  V 
W    =  *~  V  I  t    =     m  0    R  IN 

",m         —ylN1Ol01   X  j  


1 

— 

2 


VINCR 


V2  T 
"lN'Omin 
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conversion  period  where  t34  equals  zero.  Topol- 
ogy coefficient  KT  will  be  incorporated  to 
define  the  ratio  of  the  maximum  conversion 
frequency  (minimum  conversion  period)  to  that 
of  the  resonant  tank  frequency,  u>R. 

7.71 


7.71 


P        =  V  I 

Omin  O  £>min 


V2 1 


2(7.71)^ 


IN  max 


This  demonstrates  that  a  zero  power  output 
is  unobtainable  in  reality.  The  same  is  true  for 
the  ability  to  obtain  zero  output  voltage. 
The  equation  can  be  rewritten  as: 

Vl  0.065  Vl 


2(7.71)F„ 


Solving  for  the  highest  minimum  output 
voltage,  the  worst  case  for  occurs  when  I0 
equals  I0mi„  and  VIN  is  at  its  maximum,  VMmctx. 


Vo™  =  0.065  KWmM 


6.5%  V,. 


The  equation  can  be  reorganized  in  terms  of 
CR  and  u>R  as: 


This  minimum  energy  can  be  equated  to 
minimum  output  watts  by  dividing  it  by  its 


^omin  ~  0.065  FWmai/0min  ;   =  6.5%  P,Nmin 

Under  normal  circumstances  the  circuit  will 
be  operating  far  above  this  minimum  require- 
ment. In  most  applications,  the  amount  of 
power  transferred  during  the  capacitor  charging 
interval  t01  can  be  neglected  as  it  represents 
less  than  seven  percent  (7%)  of  the  minimum 
input  power.  This  corresponds  to  less  than  one 
percent  of  the  total  input  power  assuming  a 
10:1  load  range. 

ZVS  Effective  Duty  Cycles: 

A  valid  assumption  is  that  a  negligible 
amount  of  power  is  delivered  to  the  load 
during  the  capacitor  charging  interval  t01.  Also, 
no  power  is  transferred  during  the  resonant 
period  from  tI2.  Although  the  switch  is  on 
during  period  f^,  it  is  only  recharging  the 
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resonant  and  output  inductors  to  maintain  the 
minimum  output  current,  Iomjn-  In  summary, 
NO  output  power  is  derived  from  VIN  during 
interval  tm. 

The  power  required  to  support  VQ  at  its 
current  of  I0  is  obtained  from  the  input  source 
during  the  power  transfer  period  tu.  Therefore, 
an  effective  "duty  cycle"  can  be  used  to  de- 
scribe the  power  transfer  interval  tM  to  that  of 
the  entire  switching  period,  fw,  or  TC0NV. 

ZVS  -  Effective  Duty  Cycle  Calculations: 


could  optionally  be  evaluated. 

A  computer  program  to  calculate  the  numer- 
ous time  intervals  and  conversion  frequencies 
as  a  function  of  line  and  load  can  simplify  the 
design  process,  if  not  prove  to  be  indispensable. 
Listed  in  the  Appendix  of  this  section  is  a 
BASIC  language  program  which  can  be  used  to 
initiate  the  design  procedure. 

To  summarize:  When  the  switch  is  on,  re- 
place Vm  with  (Vm-VDS(an))  =  (V1N-I0-RDS(OK^. 
When  the  free-wheeling  diode  is  on,  replace  V0 
with  (V0+VF). 

t        s  CnQ/IN~I0RDS(.on)) 


"Duty  Cycle"  = 


And  can  be  analyzed  over  line  and  load 
ranges  using  previous  equations  for  each  inter- 
val. 

Accommodating  Losses  in  the  Design 
Equations: 

Equations  for  zero  voltage  switching  using 
ideal  components  and  circuit  parameters  have 
been  generated,  primarily  to  understand  each 
of  the  intervals  in  addition  to  computer  model- 
ing purposes.  The  next  logical  progression  is  to 
modify  the  equations  to  accommodate  voltage 
drops  across  the  components  due  to  series 
impedance,  like  RDSfo„,,  and  the  catch  diode 
forward  voltage  drop.  These  two  represent  the 
most  significant  loss  contributions  in  the  buck 
regulator  model.  Later,  the  same  equations  will 
be  adapted  for  the  buck  derived  topologies 
which  incorporate  a  transformer  in  the  power 
stage. 

The  procedure  to  modify  the  equations  is 
straightforward.  Wherever  VIN  appears  in  the 
equations  while  the  switch  is  on  it  will  be 
replaced  by  VIN-VDS(on)  ,  the  latter  being  a 
function  of  the  load  current  I0.  The  equations 
can  be  further  adjusted  to  accept  changes  of 
RDS(on>  and  vf  >  etc-  wi'h  the  device  junction 
temperatures.  Resonant  component  initial 
tolerances,  and  temperature 1 


<12  = 


<23  = 


*34  = 


z.  = 


■  arcsin 


V  -I  R 

IN  1o"-DS(on) 


2Vo 


V  -I  R 

V1N  'O^DSion) 


V      -R  I 

r  INmax  JXDS(on)JOmin 
^ O  min 


Transformer  Coupled  Circuit  Equa- 
tions: 

The  general  design  equations  for  the  Buck 
topology  also  apply  for  its  derivates;  namely  the 
forward,  half-bridge,  full-bridge  and  push-pull 
converters.  Listed  below  are  the  modifications 
and  circuit  specifics  to  apply  the  previous 
equations  to  transformer  coupled  circuits. 
General  Transformer  Coupled  Circuits.  Maint- 
aining the  resonant  tank  components  on  the 
primary  side  of  the  transformer  isolation  boun- 
dary is  probably  the  most  common  and  sim- 
plest of  configurations.  The  design  procedure 
begins  by  transforming  the  output  voltage  and 
current  to  the  primary  side  through  the  turns 
ratio,  N.  The  prime  (')  designator  will  be  used 
to  signify  the  translated  variables  as  seen  by  the 
primary  side  circuitry. 
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N  _    Primary  Turns 
Secondary  Turns 

V='o/N;  *V  =  K0-N;and  Z0'=Z0  N2 
To  satisfy  the  condition  for  resonance,  IR  <I0' 


■I0/N 


The  resonant  tank 
become: 


now 


Lr~  77" 

R 


V  N 


Note:  the  calculated  resonant  inductance 
value  does  not  include  any  series  inductance, 
typical  of  the  transformer  leakage  and  wiring 
inductances. 


ZRUR 


NV 


Note:  the  calculated  resonant  capacitor  value 
does  not  include  any  parallel  capacitance, 
typical  of  a  MOSFET  output  capacitance,  Coss, 
in  shunt.  Multi-transistor  variations  of  the  buck 
topology  should  accommodate  all  switch  capaci- 
tances in  the  analysis. 

Timing  Equations  (including  N): 


'01  * 
'12  = 


'23  = 


CRVmN 


X  1 

 +  —  arcsin 


V  N 


I0Zr 


2Vo 


TCONV  ~  'oi +  f12+ '23  +  '34 
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Determining  Transformer  Turns  Ratio  (N): 
The  transformer  turns  ratio  is  derived  from  the 
equations  used  to  define  the  power  transfer 
interval  tu  in  addition  to  the  maximum  off- 
time,  While  this  may  first  seem  like  an 
iterative  process,  it  simplifies  to  the  volt-second 
product  relationship  described.  The  general 
equations  are  listed  below. 

The  turns  ratio  N  is  derived  by  substituting 
N»V0  for  the  output  voltage  V0  in  the  power 
transfer  interval  equation.  Solving  for  N 
results  in  the  relationship: 

NV0/V„  =  <34/('01+'12+'23+'34) 


N  = 


^Wmin  f34 


The  transformer  magnetizing  and  leakage 
inductance  is  part  of  the  resonant  inductance. 
This  requires  adjustment  of  the  resonant  induc- 
tor value,  or  both  the  resonant  tank  impedance 
ZK  and  frequency  u„  will  be  off-target.  One 


LsHIM-tlO%  LR 


TO  OUTPUT 
FILTER 


Fig.  11  -  Transformer  Inductance  "Shim " 

option  is  to  design  the  transformer  inductance 
to  be  exactly  the  required  resonant  inductance, 
thus  eliminating  one  component.  For  precision 
applications,  the  transformer  inductance  should 
be  made  slightly  smaller  than  required,  and 
"shimmed"  up  with  a  small  inductor. 
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Expanding  ZVS  to  Other  Topologies 

ZVS  Forward  Converter  •  Single  Ended: 

The  single  ended  forward  converter  can  easily 
be  configured  for  zero  voltage  switching  with 
the  addition  of  a  resonant  capacitor  across  the 
switch.  Like  the  buck  regulator,  there  is  a  high 
voltage  excursion  in  the  off  state  due  to  reso- 
nance, the  amplitude  of  which  varies  with  line 
and  load.  The  transformer  can  be  designed  so 
that  its  magnetizing  and  leakage  inductance 
equals  the  required  resonant  inductance.  This 
simplifies  transformer  reset  and  eliminates  one 
component.  A  general  circuit  diagram  is  shown 
in  Fig.  12  below.  The  associated  waveforms  for 
when  LPR,  equals  LR  are  shown  in  Fig.  13. 


SHIM 


Fig.  12  -  ZVS  Forward  Converter 
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Fig.  13  —  Forward  Converter  Waveforms 
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ZVS  Clamped  Configurations  -  Half  and 
Full  Bridge  Topologies:  Zero  voltage  switching 
can  be  extended  to  multiple  switch  topologies 
for  higher  power  levels,  specifically  the  half  and 
full  bridge  configurations.  While  the  basic 
operation  of  each  time  interval  remains  similar, 
there  is  a  difference  in  the  resonant  t,2  interval. 

While  single  switch  converters  have  high  off- 
state  voltage,  the  bridge  circuits  clamp  the 
switch  peak  voltages  to  the  DC  input  rails, 
reducing  the  switch  voltage  stress.  This  alters 
the  duration  of  the  off  segment  of  the  resonant 
interval,  since  the  opposite  switch(es)  must  be 
activated  long  before  the  resonant  cycle  is  com- 
pleted. In  fact,  the  opposite  switch(es)  should 
be  turned  on  immediately  after  their  voltage  is 
clamped  to  the  rails,  where  their  drain  to 
source  voltage  equals  zero.  If  not,  the  resonant 
tank  will  continue  to  ring  and  return  the  switch 
voltage  to  its  starting  point,  the  opposite  rail. 
Additionally,  this  off  period  varies  with  line  and 
load  changes. 

Examples  of  this  are  demonstrated  in  Figs. 
14  and  15.  To  guarantee  true  zero  voltage 
switching,  it  is  recommended  that  the  necessary 
sense  circuitry  be  incorporated. 
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Fig.  14  -  Clamped  ZVS  Configuration 


Fig.  15  -  Clamped  ZVS  Waveforms 
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ZVS  Half  Bridge:  The  same 
turns  ratio,  N,  relationship 
applies  to  the  half  bridge  to- 
pology when  V,N  in  the  previ- 
ous equations  is  considered  to 
be  one-half  of  the  bulk  rail-to- 
rail  voltage.  VIN  is  the  voltage 
across  the  transformer  primary 
when  either  switch  is  on. 

Refer  to  the  circuit  and 
waveforms  of  Figs.  14  and  15. 
Cg,  the  resonant  capacitor 
becomes  the  parallel  combina- 
tion of  the  two  resonant  capac- 
itors, the  ones  across  each 
switch.  Although  the  resonant 
inductor  value  is  unaffected,  all 
series  leakage  and  wiring  in- 
ductance must  be  taken  into 
account. 

The  off  state  voltages  of  the 
switches  will  try  to  exceed  the 
input  bulk  voltage  during  the 
resonant  stages.  Automatic 
clamping  to  the  input  bulk 
rails  occurs  by  the  MOSFET 
body  diode,  which  can  be 
externally  shunted  with  a  high- 
er performance  variety.  Unlike 
the  forward  converter  which 
requires  a  core  reset  equal  to 
the  applied  volt  second  prod- 
uct, the  bidirectional  switching 
of  the  half  (and  full)  bridge 
topology  facilitate  automatic 
core  reset  during  consecutive 
switching  cycles  [11,12]. 


Fig.  16  -  ZVS  Half  Bridge  Circuit 
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Fig.  17  -  ZVS  Half  Bridge  Waveforms 
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ZVS  Full  Bridge:  The  equa- 
tions represented  for  the  for- 
ward topology  apply  equally 
well  for  one  conversion  cycle 
of  the  full  bridge  topology, 
including  the  transformer  turns 
ratio.  Since  the  resonant  ca- 
pacitors located  at  each  switch 
are  "in-circuit"  at  all  times, 
the  values  should  be  adjusted 
accordingly.  As  with  the  half 
bridge  converter,  the  resonant 
capacitors'  voltage  will  exceed 
the  bulk  rails,  and  clamping  via 
the  FET  body  diodes  or  exter- 
nal diodes  to  the  rails  is  com- 
mon [13]. 
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Fig.  18  -  ZVS  Full  Bridge  Circuit 

tl  t2      t3        t4  tO  tl  t2  t3 


ON 
OFF 
ON 

orr 

VIN 


0 

VIN 


N 


10 

N 


IOUT  • 
"  V„„ 


IOUT 
-V, 


D2 
0 


nii!  i 

J 

/ 

/ 

I  h 



[S 



\ 

1 



% 

/ 

\ 



i  i 

:*  : 
ri  : 
:  \ : 
:  \i  j 

V 



i  i 

■%  : 
%  : 
t : 

*:  > 

:  : 

tO  tl    t2  t3 


t4 

tOtl  t2 


t3 


tO  tl  t2 
t4 


< 

u 
3 
a 
a 
< 


Fig.  19  -  ZVS  Full  Bridge  Waveforms 
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ZVS  Design  Procedure 

Buck  Derived  Topologies  -  Continuous 
Output  Current: 

1.  List  all  input/output  specs  and  ranges. 

VIN  min  &  max  ;  V0  ;  I0  min  &  max 

2.  Estimate  the  maximum  switch  voltages.  For 
undamped  applications  (buck  and  forward): 

Note:  Increase  ICMn  if  VDSmai  is  too  high  if 
possible). 

For     clamped     applications  (bridges): 

3.  Select  a  resonant  tank  frequency,  uK 
(HINT:  uR=2nfg). 

4.  Calculate  the  resonant  tank  impedance  and 
component  values. 

5.  Calculate  each  of  the  interval  durations  (t01 
thru  tu)  and  their  ranges  as  a  function  of  all 
line  and  load  combinations. 

(See  Appendix  for  a  sample  computer 

program  written  in  BASIC) 

Additionally,  summarize  the  results  to  estab- 
lish the  range  of  conversion  frequencies, 
peak  voltages  and  currents,  etc. 

6.  Analyze  the  results.  Determine  if  the  fre- 
quency range  is  suitable  for  the  application. 
If  not,  a  recommendation  is  to  limit  the  load 
range  by  raising  I0min  and  start  the  design 
procedure  again.  Verify  also  that  the  design 
is  feasible  with  existing  technology  and 
components. 

7.  Finalize  the  circuit  specifics  and  details. 

□  Derive  the  transformer  turns  ratio,  (non- 
buck  applications) 

□  Design  the  output  filter  section  based  upon 
the  lowest  conversion  frequency  and  output 
ripple  current/0(ac). 

□  Select  applicable  components;  diode, 
MOSFET  etc. 


8.  Breadboard  the  circuit  carefully  using  RF 
techniques  wherever  possible.  Remember  — 
parasitic  inductances  and  capacitances  prefer 
to  resonate  upon  stimulation,  and  quite 
often,  unfavorably. 

9.  Debug  and  modify  the  circuit  as  required  to 
accommodate  component  parasitics,  layout 
concerns  or  packaging  considerations. 

Avoiding  Parasitics 

Ringing  of  the  catch  diode  junction  capaci- 
tance with  circuit  inductance  (and  package 
leads)  will  significantly  degrade  the  circuit 
performance.  Probably  the  most  common 
solution  to  this  everyday  occurrance  in  square 
wave  converters  is  to  shunt  the  diode  with  an 
R-C  snubber.  Although  somewhat  dissipative, 
a  compromise  can  be  established  between 
snubber  losses  and  parasitic  overshoot  caused 
by  the  ringing.  Unsnubbed  examples  of  various 
applicable  diodes  are  shown  in  Fig.  20  below. 

VERTICAL:  20V/DIV,  HORIZONTAL:  2uSEC/DIV 
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Fig.  20  -  Catch  Diode  Ringing 
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Multiresonant  ZVS  Conversion 

Another  technique  to  avoid  the  parasitic 
resonance  involving  the  catch  diode  capacitance 
is  to  shunt  it  with  a  capacitor  much  larger  than 
the  junction  capacitance.  Labelled  CD,  this 
element  introduces  favorable  switching  charac- 
teristics for  both  the  switch  and  catch  diode. 
The  general  circuit  diagram  and  associated 
waveforms  are  showm  below,  but  will  not  be 
explored  further  in  this  presentation  [14,15]. 


Fig.  21  —  Multiresonant  ZVS  Circuit 

Current  Mode  Controlled 
ZVS  Conversion 

Variable  frequency  power  converters  can 
also  benefit  from  the  use  of  current  mode 
control.  Two  loops  are  used  to  determine  the 
precise  ON  time  of  the  power  switch  —  an 
"outer"  voltage  feedback  loop,  and  an  "inner" 
current  sensing  loop.  The  advantage  to  this 
approach  is  making  the  power  stage  operate  as 
a  voltage  controlled  current  source.  This  elimi- 
nates the  two  pole  output  inductor  characteris- 
tics in  addition  to  providing  enhanced  dynamic 
transient  response. 

Principles  of  operation.  Two  control  ICs  are 
utilized  in  this  design  example.  The  UC3843A 
PWM  performs  the  current  mode  control  by 
providing  an  output  pulse  width  determined  by 
the  two  control  loop  inputs.  This  pulse  width, 
or  repetition  rate  is  used  to  set  the  conversion 
period  of  the  UC3864  ZVS  resonant  controller. 
Rather  than  utilize  its  voltage  controlled  oscil- 
lator to  generate  the  conversion  period,  it  is 


Fig.  22  -  Multiresonant  Waveforms 


determined  by  the  UC3843A  output  pulse 
width. 

Zero  voltage  switching  is  performed  by  the 
UC3864  one-shot  timer  and  zero  crossing 
detection  circuitry.  When  the  resonant  capaci- 
tor voltage  crosses  zero,  the  UC3864  output 
goes  high.  This  turns  ON  the  power  switch  and 
recycles  the  UC3843A  to  initiate  the  next 
current  mode  controlled  period.  The  UC3864 
fault  circuitry  functions,  but  its  error  amplifier 
and  VCO  are  not  used. 
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ZVS  Forward  Converter 
Example 

1.  List  circuit  specifications: 

VIN  =  18  to  26  V 


Design      Table  VI  -  Interval  Durations  vs.  Line  &  Load 


V0  =  5.0  V  ;  10 


2.5  to  10  A 


2.  Estimate  the  maximum  voltage  across  the 
switch: 

^DSmax  =  ^INmaxi.^  *  (/ Omax/^Omin)) 

=  26 -(1  + (10/2.5))  =  26-5  =  130  V 

3.  Select  a  resonant  tank  frequency,  wR. 

A  resonant  tank  period  frequency  of  500KHz 
will  be  used.  It  was  selected  as  a  compro- 
mise between  high  frequency  operation  and 
low  parasitic  effects  of  the  components  and 
layout. 

f„  =  500KHz  ;  ojr=3.14  - 106  radians/sec 

4.  Calculate  the  resonant  tank  impedance  and 
component  values. 

Resonant  tank  impedance,  ZR  >  VMmaxII0l<in 

To  accommodate  the  voltage  drop  across  the 
MOSFET,  calculate  VDS(on)min,  which  equals 
RDS(onU^  =  0.8-2.5  =  2V 

Zr  =  0^1Nmax~^DSimn)/^Omin 

Z„  =  (26-2)/2.5  =  10  CI 

Cs  =  1/(Z*Wr)  =  1/(10- 3.14  106)  =  32nF 

L„  =  ZR/ioR  =  10/3.34 -106  =  3.18AiH 

5.  Calculate  each  of  the  interval  durations  (t„ 
thru  tjj)  and  ranges  as  they  vary  with  line 
and  load  changes. 

The  zero  voltage  switched  buck  converter 
"gain"  in  kiloHertz  per  volt  of  VIN  and  kHz 
per  amp  of  I0  can  be  evaluatated  over  the 
specified  ranges.  A  summary  of  these  fol- 
lows: 


t23 
t34 


CONV 


'CON' 


VIN-18 

V|N-18 

VIN-26 

V|n«26 

l0=2.5 

t0=  10 

l0-2.5 

lo-10 

0.217 

0.055 

0.314 

0.078 

1.29 

1.06 

1.49 

1.08 

0.93 

3.72 

0.64 

2.58 

1.39 

6.68 

0.78 

1.78 

3.83 

11.61 

3.23 

5.52 

261kHz 

87kHz 

310kHz 

181kHz 

Switch  Durations: 


»OFF 


2.32 
1.51 


10.4 
1.11 


1.42 
1.80 


4.36 
1.16 


i  i  ' 

  10 

01  9  ' 
£     ■  ' 

ac    6  ' 

3 
3 
i. 
O 


I 

1  • 


I 

2  O 


I 

a  a 


I 

a  4 


i 

2  6 


v IN ( VOLTS ) 

Fig.  23  -  Switch  Times  vs.  Line  &  Load 


dfcoNv/d^w  vs  I0 


I0  =  2.5A 
df/dV  =  6.1 


5A  7.5A 
11.2  11.9 


10A 
11.7 


avg 
10.2 


Highest  "gain"  (11.9  kHz/V)  occurs  near  full 
load. 

dfcoNv/d/p  vs  Vm 
Vm  =   18    20    22    24    26  avg 
df/dV  =  23.3  22.1  20.5  18.8  17.3  20.4 
Highest  "gain"  (23.3  kHz/A)  occurs  at  VINmin. 

It  may  be  necessary  to  use  the  highest  gain 
values  to  design  the  control  loop  compensation 
for  stability  over  all  operating  conditions.  While 
this  may  not  optimize  the  loop  transient  re- 
sponse for  all  operating  loads,  it  will  guarantee 
stability  over  the  extremes  of  line  and  load. 
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Fig.  24  -  Conversion  Freq.  vs.  Line  &  Load 

6.  Analyze  the  results. 

The  resonant  component  values,  range  of 
conversion  frequencies,  peak  voltage  and 
current  ratings  seem  well  within  the  practical 
limits  of  existing  components  and  technology. 

7.  Finalize  the  circuit  specifics  and  details 
based  on  the  information  obtained  above. 
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A.  Output  Filter  Section:  Select  L0  and  C0 
for  operation  at  the  lowest  conversion 
frequency  and  designed  ripple  current. 

B.  Heatsink  Requirements:  An  estimate  of 
the  worst  case  power  dissipation  of  the 
power  switch  and  output  catch  diode  can  be 
made  over  line  and  load  ranges. 

C.  Control  Circuit:  The  UC3861-64  series  of 
controllers  will  be  examined  and  pro- 
grammed per  the  design  requirements. 

Programming  the  Control  Circuit 

One-shot:  Accommodating  Off-time  Varia- 
tions. The  switch  off-time  varies  with  line  and 
load  by  ~  ±  35%  in  this  design  example  using 
ideal  components.  Accounting  for  initial  toler- 
ances and  temperature  effects  results  in  an 
much  wider  excursion.  For  all  practical  purpos- 
es, a  true  fixed  off-time  technique  will  not 
work. 

Incorporated  into  the  UC3861  family  of  ZVS 
controllers  is  the  ability  to  modulate  this  off- 
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Fig.  25  -  The  UC3861-64  ZVS  Contollers  -  Block  Diagram 
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|<M0Fp VARIATIONS  *j 


■  II  ux 

Fig.  26  -  C„  Volts  &  Off-time  vs.  Line  &  Load 

time.  Initially,  the  one-shot  is  programmed  for 
the  maximum  off-time,  and  modulated  via  the 
ZERO  detection  circuitry.  The  switch  drain- 
source  voltage  is  sensed  and  scaled  to  initiate 
turn-on  when  the  precision  0.5V  threshold  is 
crossed.  This  offset  was  selected  to  accommo- 
date propogation  delays  between  the  instant  the 
threshold  is  sensed  and  the  instant  that  the 
switch  is  actually  turned  on.  Although  brief, 
these  delays  can  become  significant  in  high 
frequency  applications,  and  if  left  unaccounted, 
can  cause  NONZERO  switching  transitions. 

Referring  to  Fig.  26,  in  this  design,  the  off- 
time  varies  between  1.11  and  1.80  microsec- 
onds, using  ideal  components  and  neglecting 
temperature  effects  on  the  resonant  compo- 
nents. Since  the  ZERO  detect  logic  will  facili- 
tate "true"  zero  voltage  switching,  the  off-time 
can  be  set  for  a  much  greater  period. 
The  one-shot  has  a  3:1  range  capability 

and  will  be  programmed  for  2.2  uS  ._ .  

(max),  controllable  down  to   0.75  uS. 
Programming  of  the  one-shot  requires  D 
a  single  R-C  time  constant,  and  is 

straightforward  using  the  design  infor-  CD  

mation  and  equations  from  the  data 
sheet.  Implementation  of  this  feature  is 
shown  in  the  control  circuit  schematic. 

Programming  the  VCO.  The  calcu- 


0-138 

lated  range  of  conversion  frequencies  spans  87 
to  310  kHz.  These  values  will  be  used  for  this 
"first  cut"  draft  of  the  control  circuit  pro- 
gramming. Due  to  the  numerous  circuit  specif- 
ics omitted  from  the  computer  program  for 
simplicity,  the  actual  range  of  conversion  fre- 
quencies will  probably  be  somewhat  wider  than 
planned.  Later,  the  actual  timing  component 
values  can  be  adjusted  to  accommodate  these 
differences. 

First,  a  minimum  fc  of  75  kHz  has  been 
selected  and  programmed  according  to  the 
following  equation: 

FvCOmin  ~  3-6/(#m/ICvC0) 

The  maximum  fc  of  350  kHZ  is  programmed 
by: 

FvCOmax  ~  3-6/(^mi«  II  Rtange) '  CVCO 

Numerous  values  of and  will  satisfy 
the  equations.  The  procedure  can  be  simplified 
by  letting  R^„  equal  100K. 

Cm  (mF)  =  0.036//„,„  (kHz) 

France  (^)  =  100/ (fcoNVw/fcoNVmn  '  1) 
where         100K,  Cvco  =  470pF,RRANGE  =  27K 

The  VCO  gain  in  frequency  per  volt  from 
the  error  amplifier  output  is  approximated  by: 

dF/dV  =  IA/WeC^)  =  78.2  kHz/V 

with  an  approximate  3.6  volt  delta  from  the 
error  amplifier. 


VOLTAGE    CONTROLLED  OSCILLATOR 

E/A 


ONE 
SHOT 


Fig.  27  -  E/A  -  VCO  Block  Diagram 
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Fault  Protection  •  Soft  Start  &  Restart 
Delay:  One  of  the  unique  features  of  the  UC 
3861  family  of  resonant  mode  controllers  can 
be  found  in  its  fault  management  circuitry.  A 
single  pin  connection  interfaces  with  the  soft 
start,  restart  delay  and  programmable  fault 
mode  protection  circuits.  In  most  applications, 
one  capacitor  to  ground  will  provide  full  pro- 
tection upon  power-up  and  during  overload 
conditions.  Users  can  reprogram  the  timing 
relationships  or  add  control  features  (latch  off 
following  fault,  etc)  with  a  single  resistor. 

Selected  for  this  application  is  a  1  uF  soft- 
restart  capacitor  value,  resulting  in  a  soft-start 
duration  of  10  ms  and  a  restart  delay  of  ap- 
proximately 200  ms.  The  preprogrammed  ratio 
of  19:1  (restart  delay  to  soft  start)  will  be  uti- 
lized, however  the  relevant  equations  and 
relationships  have  also  been  provided  for  other 
applications.  Primary  current  will  be  utilized  as 
the  fault  trip  mechanism,  indicative  of  an 
overload  or  short  circuit  current  condition.  A 
current  transformer  is  incorporated  to  maxi- 
mize efficiency  when  interfacing  to  the  three 
volt  fault  threshold. 

Optional  Programming  of  Tss  and  7^,  : 

Soft  Start:  Tss  =  CSR-10K 

Restart  Delay:  7^  =  Cs/f«190K 

Timing  Ratio:  T^-.T^  «  19:1 

Gate  Drive:  Another  unique  feature  of  the 
UC  3861-64  family  of  devices  is  the  optimal 
utilization  of  the  silicon  devoted  to  output 
totem  pole  drivers.  Each  controller  uses  two 
pins  for  the  A  and  B  outputs  which  are  inter- 
nally configured  to  operate  in  either  unison  or 
in  an  alternating  configuration.  Typical  perfor- 
mance for  these  1  Amp  peak  totem  pole  out- 
puts shows  30  ns  rise  and  fall  times  into  InF. 

Loop  Compensation  -  General  Information. 
The  ZVS  technique  is  similar  to  that  of  con- 
ventional voltage  mode  square  wave  conversion 
which  utilizes  a  single  voltage  feedback  loop. 
Unike  the  dual  loop  system  of  current  mode 
control,  the  ZVS  output  filter  section  exhibits 
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Fig.  28  -  Programming  T^  and  Trd 
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Fig.  29  -  Fault  Operational  Waveforms 

a  two  pole-zero  pair  and  is  compensated  ac- 
cordingly. Generally,  the  overall  loop  is  de- 
signed to  cross  zero  dB  at  a  frequency  below 
one-tenth  that  of  the  switching  frequency.  In 
this  variable  frequency  converter,  the  lowest 
conversion  frequency  will  apply,  corresponding 
to  approximately  85  KHz,  for  a  zero  crossing  of 
8.5  KHz.  Compensation  should  be  optimized 
for  the  highest  low  frequency  gain  in  addition 
to  ample  phase  margin  at  crossover.  Typical 
examples  utilize  two  zeros  in  the  error  amplifi- 
er compensation  at  a  frequency  equal  to  that  of 
the  output  filter's  two  pole  break.  An  addition- 
al high  frequency  pole  is  placed  in  the  loop  to 
combat  the  zero  due  to  the  output  capacitance 
ESR,  assuming  adequate  error  amplifier  gain- 
bandwidth. 

A  noteworthy  alternative  is  the  use  of  a  two 
loop  approach  which  is  similar  to  current  mode 
control,  eliminating  one  of  the  output  poles. 
One  technique  known  as  Multi-Loop  Control 
for  Quasi-Resonant  Converters  [18]  has  been 
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developed.  Another,  called  Average  Current 
Mode  Control  is  also  a  suitable  candidate. 
1  1 
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Fig.  30  -  Error  Amplifier  Compensation 


Summary 

The  zero  voltage  switched  quasi-resonant 
technique  is  applicable  to  most  power  conver- 
sion designs,  but  is  most  advantageous  to  those 
operating  from  a  high  voltage  input.  In  these 
applications,  losses  associated  with  discharging 
of  the  MOSFET  output  capacitance  can  be 
significant  at  high  switching  frequencies,  im- 
pairing efficiency.  Zero  voltage  switching  avoids 
this  penalty  by  negating  the  drain-to-source, 
"off-state"  voltage  via  the  resonant  tank. 

A  high  peak  voltage  stress  occurs  across  the 
switch  during  resonance  in  the  buck  regulator 
and  single  switch  forward  converters.  Limiting 
this  excursion  demands  limiting  the  useful  load 
range  of  the  converter  as  well,  an  unacceptable 
solution  in  certain  applications.  For  these 
situations,  the  zero  voltage  switched  multi- 
resonant  approach  [14,15]  could  prove  more 
beneficial  than  the  quasi-resonant  ZVS  variety. 

Significant  improvements  in  efficiency  can  be 
obtained  in  high  voltage,  half  and  full  bridge 
ZVS  applications  when  compared  to  then- 
square  wave  design  complements.  Clamping  of 
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Fig.  31  -  Zero  Voltage  Switched  Forward  Converter 
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the  peak  resonant  voltage  to  the  input  rails 
avoids  the  high  voltage  overshoot  concerns  of 
the  single  switch  converters,  while  transformer 
reset  is  accomplished  by  the  bidirectional 
switching.  Additionally,  the  series  transformer 
primary  and  circuit  inductances  can  beneficial, 
additives  in  the  formation  of  the  total  resonant 
inductor  value.  This  not  only  reduces  size,  but 
incorporates  the  detrimental  parasitic  generally 
snubbed  in  square  wave  designs,  further  en- 
hancing efficiency. 


A  new  series  of  control  ICs  has  been  devel- 
oped specifically  for  the  zero  voltage  switching 
techniques  with  a  list  of  features  to  facilitate 
lossless  switching  transitions  with  complete 
fault  protection.  The  multitude  of  functions  and 
ease  of  programmability  greatly  simplify  the 
interface  to  this  new  generation  of  power 
conversion  techniques;  those  developed  in 
response  to  the  demands  for  increased  power 
density  and  efficiency. 
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Fig.  32  -  Zero  Voltage  Switched  Half-Bridge  Converter 
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Cr  ■  Resonant  Capacitor 
Lr  =  Resonant  Inductor 
Zr  «  Resonant  Tank  Impedance 
Fres  =  Resonant  Tank  Frequency  (Hz) 


VImin 
VImax 
Vdson 


10  '  Zero  Voltage  Switching  Calculations  and  Equations 
20  '  Using  the  Continuous  Current  Buck  Topology 
30  '  in  a  Typical  DC/ DC  Converter  Power  Supply  Application 
40  ' 

50  PRINTERS  =  "lptl:":  '  Printer  at  parallel  port  #1  ********** 

60  ' 

70  '  Summary  of  Variables  and  Abbreviations 
80  ' 
90 
100 
110 
120 
130 
140 
150 
160 
170 
180 
190 
200 
210 
220 
230 
240 
250 
260 
270 

280  DATA  18.20,22,24.27 
290  DATA  2.5.4.6.8.10 
300  FRES  =  500000! 
310  VO  =  5! 
320  VDO  =  .8 
330  RDS  =  .8 
340  SAFT  =  .95 
350  ' 

360  FOR  J  =  1  TO  5: 
370  FOR  K  =  1  TO  5: 
380  CLS 

390  PRINT  "For  output  to  screen,  enter  'S'  or  'S'," 

400  INPUT  "Otherwise  output  will  be  sent  to  printer  :  ",  K$ 

410  IF  K$  =  "S"  OR  K$  =  "s"  THEN  K$  =  "scrn:"  ELSE  K$  =  PRINTERS 

420  OPEN  K$  FOR  OUTPUT  AS  #1:  CLS 

430  PRINT  #1 ,  "================================================" 

440  PRINT  #1.  "  Zero  Voltage  Switching  Times  (uSec)  vs.  Vi .  Io" 
450  PRINT  #1. 
460  ' 


Minimum  DC  Input  Voltage 
Maximum  DC  Input  Voltage 
Mosfet  On  Voltage  =  Io*Rds 
Rds  =  Mosfet  On  Resistance 
Vdsmax  =  Peak  MOSFET  Off  State  Voltage 
Vo  ■  DC  Output  Voltage 
Vdo  =  Output  Diode  Voltage  Drop 
Iomax  -  Maximum  Output  Current 
Iomin  =  Minimum  Output  Current 

Start  with  parameters  for  low  voltage  dc/dc  buck  regulator 

****Define  5  Vi  and  5  Io  data  points  ranging  from  min  to  max 
(Suggestion:  With  broad  ranges,  use  logarithmic  spread) 
:  'Vi  data 
'Io  data 


READ  VI (J):  NEXT 
READ  I0(K) :  NEXT 


s 

3 
a 
a 
< 
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470  '  »-=. — "HERE  G0ES- 
480  * 

490  VIMAX  -  VI(5):  IOMIN 
500  ZR  -  (VIMAX  -  (RDS  * 
510  WR  -  6.28  *  FRES 
520  CR  -  1  /  (ZR  *  WR) 
530  LR  •  ZR  /  WR 
540  ' 

550  FOR  J  -  1  TO  5:  VI  - 
PRINT  #1.  USING  " 
FOR  K  ■  1  TO  5:  10 
RSIN  •  (VI  /  (10 


«  10(1):  IOMAX  ■  10(5) 
IOMIN) )  /  (IOMIN  *  SAFT) 


560 
570 
580 
590 
600 
610 
620 
630 
640 
650 
660 
670 
680 
690 
700 
710 
720 
730 
740 
750 
760 
770 
780 
790 
800 
810 
820 

830  PRINT  #1, 
840  NEXT  J 
850  ' 

860  PRINT  #1. 
870  PRINT  #1. 
880  PRINT  #1. 
890  PRINT  #1. 
900  PRINT  #1, 
910  PRINT  #1, 
920  END 


VI(J) 

IO(K) 
ZR)): 


Input  Voltage  -  ###.##  V";  VI 


VDSON  -  RDS  *  10 


0(0.  K) 
0(1.  K) 
0(2.  K) 
0(3,  K) 
0(6.  K) 
0(4.  K) 
0(5,  K) 
NEXT  K 

PAR$(0)  - 

PAR) ( 1 )  • 

PAR$(2)  = 

PAR$(3)  = 

PAR$(4)  = 

PAR$(5)  = 

PAR$(6)  = 


((VI  -  VDSON)  -  (VO  n 
K)  +  0(4,  K) :  'Tconv 


10  *  .000001:    '  Compensate  for  later  mult. 
(CR  *  VI)  /  10:  'dtOl 

(3.14  /  WR)  +  (1  /  WR)  *  ATN(RSIN  /  (1  -  RSIN 
(2  *  LR  *  10)  /  VI:  'dt23 
0(1,  K)  +  D(2,  K)  +  0(3,  K) :  '  dt03 
((VO  +  VDO)  *  D(6,  K))  / 
0(1.  K)  +  D(2.  K)  +  0(3. 


"Io  (A) 

"dtOl 

"dtl2 

"dt23 

"dt34 

"Tconv 

"dt03 


by 


10*6 
"  2)): 

VDO)) 


'dtl2 
'dt34 


FOR  P  =  0  TO  6 
PRINT  #1,  PAR$(P); 
FOR  K  =  1  TO  5 

PRINT  #1.  USING  ' 
NEXT  K:  PRINT  #1. 
NEXT  P 


####.###";  D(P.  K)  *  1000000!; 


"Additional 
"Zr(Ohms)  =' 
"wR(KRads)=' 
"Cr(nF)  =' 
"Lr(uH)  =' 
"Vdsmax  =' 


Information:" 

INT(1000!  *  ZR)  /  1000 
INT(WR  /  1000) 
INT((1000  *  CR)  /  10  * 
INT( (1000  *  LR)  / 


10 

VIMAX  *  (1  +  IOMAX  / 


"  -9)  / 
"  -6)  / 
IOMIN) 


1000 
1000 
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Zero  Voltage  Switching  Times  (uSec)  vs.  Vi,  lo 


Input  Voltage 

■  18.00 

V 

lo  (A) 

s 

2.500 

4.000 

6.000 

8.000 

10.000 

dtOI 

- 

0.218 

0.136 

0.091 

0.068 

0.054 

dt12 

1.290 

1.153 

1.096 

1.070 

1.056 

dt23 

0.931 

1.490 

2.235 

2.980 

3.725 

dt34 

a 

1.387 

1.791 

2.682 

4.118 

6.677 

Tconv 

3 

3.825 

4.571 

6.103 

8.236 

11.511 

dt03 

a 

2.439 

2.780 

3.421 

4.118 

4.835 

Input  Voltage 

■  20.00 

V 

lo  (A) 

3 

2.500 

4.000 

6.000 

8.000 

10.000 

dt01 

3 

0.242 

0.151 

0.101 

0.076 

0.061 

dt12 

a 

1.339 

1.175 

1.108 

1.079 

1.062 

dt23 

3 

0.838 

1.341 

2.011 

2.682 

3.352 

dt34 

a 

1.150 

1.406 

1.987 

2.852 

4.186 

Tconv 

a 

3.569 

4.074 

5.207 

6.688 

8.661 

dt03 

E 

2.419 

2.667 

3.220 

3.836 

4.475 

Input  Voltage 

■  22.00 

V 

lo  <A> 

3 

2.500 

4.000 

6.000 

8.000 

10.000 

dt01 

3 

0.266 

0.166 

0.111 

0.083 

0.067 

dt12 

3 

1.390 

1.198 

1.120 

1.087 

1.069 

dt23 

3 

0.762 

1.219 

1.829 

2.438 

3.048 

dt34 

0.988 

1.153 

1.557 

2.136 

2.958 

Tconv 

3.406 

3.737 

4.616 

5.744 

7.141 

dt03 

2.418 

2.584 

3.060 

3.608 

4.183 

Input  Voltage 

=  24.00 

V 

10  (A) 

2.500 

4.000 

6.000 

8.000 

10.000 

dtOI 

0.290 

0.182 

0.121 

0.091 

0.073 

dt12 

1.442 

1.223 

1.133 

1.096 

1.075 

dt23 

0.698 

1.117 

1.676 

2.235 

2.794 

dt34 

0.870 

0.975 

1.268 

1.682 

2.241 

Tconv 

3.301 

3.498 

4.199 

5.103 

6.183 

dt03 

2.431 

2.522 

2.930 

3.421 

3.941 

2 
_i 

a 
a 
< 


Input  Voltage 

=  27.00 

V 

IO  (A)  = 

2.500 

4.000 

6.000 

8.000 

10.000 

dt01  = 

0.327 

0.204 

0.136 

0.102 

0.082 

dt12  = 

0.516 

1.264 

1.153 

1.109 

1.085 

dt23  = 

0.621 

0.993 

1.490 

1.987 

2.483 

dt34  = 

0.442 

0.793 

0.983 

1.253 

1.604 

Tconv  = 

1.906 

3.254 

3.763 

4.451 

5.254 

dt03  = 

1.464 

2.461 

2.780 

3.198 

3.650 

Additional 

Information: 

Zr(Ohms)  = 

10.526 

wR(KRads)= 

3140 

Cr(nF) 

30.254 

Lr(uH)  = 

3.352 

Vdsmax  = 

135 
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Abstract 

Current  mode  control  as  usually  implemented 
in  switching  power  supplies  actually  senses  and 
controls  peak  inductor  current.  This  gives  rise  to 
many  serious  problems,  including  poor  noise 
immunity,  a  need  for  slope  compensation,  and 
peak-to-average  current  errors  which  the  inherent- 
ly low  current  loop  gain  cannot  correct.  Average 
current  mode  control  eliminates  these  problems 
and  may  be  used  effectively  to  control  currents 
other  than  inductor  current,  allowing  a  much 
broader  range  of  topological  application. 

General  Perspective 

Current  mode  control  is  a  two-loop  system 
as  shown  in  the  simple  example  of  Fig.  1.  The 
switching  power  supply  inductor  is  "hidden" 
within  the  inner  current  control  loop.  This 
simplifies  the  design  of  the  outer  voltage  con- 
trol loop  and  improves  power  supply  perfor- 
mance in  many  ways,  including  better  dynamics. 
The  objective  of  this  inner  loop  is  to  control 
the  state-space  averaged  inductor  current,  but 
in  practice  the  instantaneous  peak  inductor 
current  is  the  basis  for  control.  (Switch  current 
-equal  to  inductor  current  during  the  "on" 
time— is  often  sensed.)  If  the  inductor  ripple 
current  is  small,  peak  inductor  current  control 


r 


e- 


JJJl- 


CLOCK 


LATCH 


PWM 


_/"Y>"\_ 
L 


i  |  LOAD | 


VI 

E/A 

V«rror 

Fig.  1  -  Peak  Current  Mode  Control  Circuit  and  Waveforms 


is  nearly  equivalent  to  average  inductor  current 
control. 

In  a  conventional  switching  power  supply 
employing  a  buck  derived  topology,  the  induc- 
tor is  in  the  output.  Current  mode  control  then 
is  actually  output  current  control,  resulting  in 
many  performance  advantages.  On  the  other 
hand,  in  a  high  power  factor  preregulator  using 
the  boost  topology,  the  inductor  is  in  the  input. 
Current  mode  control  then  controls  input 
current,  allowing  it  to  be  easily  conformed  to 
the  desired  sinusoidal  waveshape. 

Peak  Current  Mode  Control  Problems 

Poor  noise  immunity.  The  peak  method  of 
inductor  current  control  functions  by  comparing 
the  upslope  of  inductor  current  (or  switch 
current)  to  a  current  program  level  set  by  the 
outer  loop-see  Fig.  1.  The  comparator  turns 
the  power  switch  off  when  the  instantaneous 
current  reaches  the  desired  level.  The  current 
ramp  is  usually  quite  small  compared  to  the 
programming  level,  especially  when  VIN  is  low. 
As  a  result,  this  method  is  extremely  suscepti- 
ble to  noise.  A  noise  spike  is  generated  each 
time  the  switch  turns  on.  A  fraction  of  a  volt 
coupled  into  the  control  circuit  can  cause  it  to 
turn  off  immediately,  resulting  in  a  subhar- 
monic  operating  mode 
with  much  greater  ripple. 
Circuit  layout  and  bypass- 
ing are  critically  important 
to  successful  operation. 
Slope  compensation 
gate  |~  required.  The  peak  cur- 

rent mode  control  method 
is  inherently  unstable  at 
duty  ratios  exceeding  0.5, 


rnnrt 
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resulting  in  sub-harmonic  oscillation.  A  com- 
pensating ramp  (with  slope  equal  to  the  induc- 
tor current  downslope)  is  usually  applied  to  the 
comparator  input  to  eliminate  this  instability.  In 
a  buck  regulator  the  inductor  current  down- 
slope  equals  Vq/L.  With  V0  constant,  as  it 
usually  is,  the  compensating  ramp  is  fixed  and 
easy  to  calculate— but  it  does  complicate  the 
design.  With  a  boost  regulator  in  a  high  power 
factor  application,  the  downslope  of  inductor 
current  equals  (Vm-V0)/L  and  thus  varies  con- 
siderably as  the  input  voltage  follows  the  recti- 
fied sine  waveform.  A  fixed  ramp  providing 
adequate  compensation  will  overcompensate 
much  of  the  time,  with  resulting  performance 
degradation  and  increased  distortion. 

Peak  to  average  current  error.  The  peak  to 
average  current  error  inherent  in  the  peak 
method  of  inductor  current  control  is  usually 
not  a  serious  problem  in  conventional  buck- 
derived  power  supplies.  This  is  because  induc- 
tor ripple  current  is  usually  much  smaller  than 
the  average  full  load  inductor  current,  and  be- 
cause the  outer  voltage  control  loop  soon  elimi- 
nates this  error. 

In  high  power  factor  boost  preregulators  the 
peak/avg  error  is  very  serious  because  it  causes 
distortion  of  the  input  current  waveform.  While 
the  peak  current  follows  the  desired  sine  wave 
current  program,  the  average  current  does  not. 
The  peak/avg  error  becomes  much  worse  at 
lower  current  levels,  especially  when  the  induc- 
tor current  becomes  discontinuous  as  the  sine 
wave  approaches  zero  every  half  cycle.  To 
achieve  low  distortion,  the  peak/avg  error  must 
be  small.  This  requires  a  large  inductor  to 
make  the  ripple  current  small.  The  resulting 
shallow  inductor  current  ramp  makes  the 
already  poor  noise  immunity  much  worse. 

Topology  problems.  Conventional  peak 
current  mode  control  actually  controls  inductor 
current.  As  normally  used  for  output  current 
control,  it  is  most  effective  when  applied  to  a 
buck  regulator  where  the  inductor  is  in  the 
output.  But  for  flyback  or  boost  topologies  the 
inductor  is  not  in  the  output,  the  wrong  current 
is  controlled,  and  much  of  the  advantage  of 


current  mode  control  is  lost. 

Likewise,  the  boost  topology  with  its  induc- 
tor at  the  input  is  well  suited  for  input  current 
control  in  a  high  power  factor  preregulator,  but 
buck  and  flyback  topologies  are  not  well  suited 
because  the  inductor  is  not  in  the  input  and  the 
wrong  current  is  controlled. 

Average  Current  Mode  Control 

Peak  current  mode  control  operates  by 
directly  comparing  the  actual  inductor  current 
waveform  to  the  current  program  level  (set  by 
the  outer  loop)  at  the  two  inputs  of  the  PWM 
comparator.  This  current  loop  has  low  gain  and 
so  cannot  correct  for  the  deficiencies  noted 


Referring  to  Fig.  2,  the  technique  of  average 
current  mode  control  overcomes  these  prob- 
lems by  introducing  a  high  gain  integrating 
current  error  amplifier  (C4)  into  the  current 
loop.  A  voltage  across  RP  (set  by  the  outer 


loop)  represents  the  desired  current  program  jJJ 
level.  The  voltage  across  current  sense  resistor 
Rs  represents  actual  inductor  current.  The  Z 
difference,  or  current  error,  is  amplified  and  q 
compared  to  a  large  amplitude  sawtooth  (oscil-  P 
lator  ramp)  at  the  PWM  comparator  inputs. 

The  gain-bandwidth  characteristic  of  the  cur-  jji 
rent  loop  can  be  tailored  for  optimum  perfor-  a 
mance  by  the  compensation  network  around  ^ 
the  CA.  Compared  with  peak  current  mode 
control,  the  current  loop  gain  crossover  fre- 
quency, fc ,  can  be  made  approximately  the 
same,  but  the  gain  will  be  much  greater  at 
lower  frequencies. 

The  result  is: 

1)  Average  current  tracks  the  current  pro- 
gram with  a  high  degree  of  accuracy.  This  is 
especially  important  in  high  power  factor 
preregulators,  enabling  less  than  3%  harmonic 
distortion  to  be  achieved  with  a  relatively  small 
inductor.  In  fact,  average  current  mode  control 
functions  well  even  when  the  mode  boundary  is 
crossed  into  the  discontinuous  mode  at  low 
current  levels.  The  outer  voltage  control  loop  is 
oblivious  to  this  mode  change. 

2)  Slope  compensation  is  not  required,  but 
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there  is  a  limit  to  loop  gain  at  the  switching 
frequency  in  order  to  achieve  stability. 

3)  Noise  immunity  is  excellent.  When  the 
clock  pulse  turns  the  power  switch  on,  the 
oscillator  ramp  immediately  dives  to  its  lowest 
level,  volts  away  from  the  corresponding  cur- 
rent error  level  at  the  input  of  the  PWM 
comparator. 

4)  The  average  current  mode  method  can  be 
used  to  sense  and  control  the  current  in  any 
circuit  branch.  Thus  it  can  control  input  current 
accurately  with  buck  and  flyback  topologies, 
and  can  control  output  current  with  boost  and 
flyback  topologies. 

Designing  the  Optimum  Control  Loop 

Gain  Limitation  at  fs:  Switching  power 
supply  control  circuits  all  exhibit  subharmonic 
oscillation  problems  if  the  slopes  of  the  wave- 
forms applied  to  the  two  inputs  of  the  PWM 
comparator  are  inappropriately  related. 

With  peak  current  mode  control,  slope 
compensation  prevents  this  instability. 

AVerage  current  mode  control  has  a  very 
similar  problem,  but  a  better  solution.  The 
oscillator  ramp  effectively  provides  a  great 
amount  of  slope  compensation.  One  criterion 
applies  in  a  single  pole  system:  The  amplified 
inductor  current  downslope  at  one  input  of  the 
PWM  comparator  must  not  exceed  the  oscillator 
ramp  slope  at  the  other  comparator  input.  This 
criterion  puts  an  upper  limit  on  the  current 
amplifier  gain  at  the  switching  frequency, 
indirectly  establishing  the  maximum  current 
loop  gain  crossover  frequency,  fc.  It  is  the  first 
thing  that  needs  to  be  considered  in  optimizing 
the  average  current  mode 
control  loop. 

In  the  following  exam- 
ples, we  assume  that  the 
power  circuit  design  has 
been  completed,  and  only 
the  CA  compensation 
remains  to  be  worked  out. 


Example  1:  Buck  Regulator  Output  Current. 
The  simple  buck  regulator  shown  in  Fig.  2  has 
the  following  operating  parameters: 

Switching  Frequency,  fs  =  100  kHz 
Input  Voltage,  V,N  =  15  -  30V 
Output  Voltage,  V0  =  12V 
Output  Current,  I0  =  5A  (6A  O.L.) 
Inductance,  L  =  60  a*H 
max.  tJ0  @  30V  (100  kHz)  =  1.2A 
Sense  Resistance,  Rs  =  0.W 

CfP  is  temporarily  omitted.  Zero  RF  Cn  is 
well  below  the  switching  frequency.  Near  fs  , 
the  amplifier  gain  is  flat.  The  overall  current 
loop  has  only  one  active  pole  (from  the  induc- 
tor). 

The  inductor  current  is  sensed  through  Rs. 
(How  this  is  accomplished  will  be  discussed 
later.)  The  inductor  current  waveform  with  its 
sawtooth  ripple  component  is  amplified  and 
inverted  through  the  CA  and  applied  to  the 
comparator.  The  inductor  current  downslope 
(while  the  switch  is  off)  becomes  an  upslope,  as 
shown  in  Fig.  2.  To  avoid  subharmonic  oscilla- 
tion, this  off-time  CA  output  slope  must  not 
exceed  the  oscillator  ramp  slope.  In  Fig.  2,  the 
off-time  CA  output  slope  is  much  less  than  the 
oscillator  ramp  slope,  indicating  that  the  CA 
gain  is  less  than  optimum. 

Calculating  the  slopes: 

Inductor  Current  Downslope  =  Vo/L 
Oscillator  Ramp  Slope  =  Vs/Ts  =  Vsfs 

Where  Vs  is  the  oscillator  ramp  p-p  voltage,  Ts 
and  fs  are  the  switching  period  and  frequency. 


:n_ru 


Fig.  2  -  Average  Current  Mode  Control  Circuit  and  Waveforms 
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The  inductor  current  downslope  is  translated 
into  a  voltage  across  current  sense  resistor  Rs 
and  multiplied  by  the  CA  gain,  Ga.  This  is  set 
equal  to  the  oscillator  ramp  slope  to  determine 
the  CA  gain  allowed  at  fs: 


(V0/L)RsGa  =  Vsfs 


max  = 


"CA 


(1) 


Applying  the  values  given  in  the  example,  and 
with  Vs  of  5Vpp,  the  maximum  at  the 
switching  frequency  is  25  (28dB).  The  current 
error  amplifier  gain  at  fs  is  set  to  this  optimum 
value  by  making  the  ratio  RF/R/  =  25. 

The  small-signal  control-to-output  gain  of 
the  buck  regulator  current  loop  power  section 
(from  v,^  at  the  CA  output,  to  ,  the  voltage 
across  Rs  )  is: 


"as 


Vs  sL 


1590 


(@30F)  (2) 

"CA  "  S  f 

The  overall  open  loop  gain  of  the  current 
loop  is  found  by  multiplying  (1)  and  (2).  The 
result  is  set  equal  to  1  to  solve  for  the  loop 
gain  crossover  frequency,  fc : 


Vs2xfcL  V0RS 


=  1 


fc  = 


2nVn 


2tt£> 


(3) 


Setting  the  CA  gain  at  the  limit  found  in  (1), 
the  crossover  frequency  will  never  be  less  than 
one  sixth  of  the  switching  frequency.  (This  is 
exactly  the  same  result  reported  by  Middle- 
brook  [1]  for  peak  current  mode  control  with 
recommended  slope  compensation.)  In  this 
example,  fc  is  20  kHz  with  VIN  at  15V  (D  =  .8), 
and  40  kHz  when  V1N  at  30V  (D  =  .4). 

If  the  error  amplifier  had  a  flat  gain  charac- 
teristic, the  phase  margin  at  crossover  would  be 
90°— much  more  than  required— and  the  gain 
at  lower  frequencies  wouldn't  be  much  better 
than  with  peak  current  mode  control.  But  zero 
Rp  Cf2  placed  at  10  kHz,  below  the  minimum 
crossover  frequency,  reduces  the  phase  margin 


to  63°,  and  boosts  the  low  frequency  gain 
dramatically,  with  an  integrator  gain  of  250K/f. 
It  is  this  characteristic  which  causes  the  current 
loop  to  rapidly  and  accurately  home  in  on  the 
average  current  called  for  by  the  outer  loop. 
Even  though  the  comparator  actually  turns  off 
the  power  switch  when  a  peak  inductor  current 
is  reached,  this  peak  current  level  is  adjusted 
by  the  current  amplifier  so  that  the  average 
current  is  correct. 

Fig.  3  shows  the  start-up  waveforms  of  the 
voltages  at  the  PWM  comparator  inputs  and 
the  inductor  current  with  Vw  at  30V  and  full 
load.  Note  how  the  amplified  and  inverted 
inductor  current  downslope  virtually  coincides 
with  the  oscillator  ramp,  because  the  CA  gain 
was  set  at  the  optimum  level  according  to 
Equation  (1).  Note  also  that  if  the  CA  gain  is 
increased  further,  not  only  will  the  off-time 
slope  exceed  the  oscillator  ramp  slope,  but  the 
positive  excursion  may  reach  the  CA  compli- 
ance limit,  clipping  or  clamping  the  waveform. 


Fig.  3  -  Buck  Waveforms,  Optimized  Gain 

Pole  RpCFpCf^/iCfp+Cpz)  is  set  at  switch- 
ing frequency  fs  (100  kHz).  This  pole  has  one 
purpose— to  eliminate  noise  spikes  riding  on  the 
current  waveform,  the  nemesis  of  peak  current 
mode  control.  The  sawtooth  CA  output  wave- 
form is  also  diminished,  especially  the  higher 
order  harmonics,  and  shifted  in  phase  as  shown 
in  Fig.  4.  The  pole-zero  pair  (at  100  kHz  and 
10  kHz)  reduces  the  phase  margin  at  crossover 
to  a  very  acceptable  45 "-see  Fig.  5. 

The  reduced  amplitude  and  slopes  of  the  CA 
waveform  resulting  from  the  100  kHz  pole 
might  suggest  that  the  CA  gain  could  be  in- 
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Fig.  4  -  Buck  with  Additional  Pole  at  fs 
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Fig.  5  -  Buck  Regulator  Bode  Plot 

creased  beyond  the  maximum  value  from 
Equation  (1),  but  beware— Eq.  (1)  is  valid  only 
for  a  system  with  a  single  pole  response  at  fs , 
but  with  Cfp  added  there  are  now  two  active 
poles  at/s .  Experimentally,  increasing  Ga  may 
incur  subharmonic  oscillation. 
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Discontinuous  Operation.  When  the  load 
current  I0  becomes  small,  the  inductor  current 
becomes  discontinuous.  The  current  level  at  the 
continuous/discontinuous  mode  boundary  is: 


=  h  = 


v  o> 


y„Vs*> 


(4) 


Worst  case  is  at  max  VIN  ,  when  ripple 
current  is  greatest.  In  this  example,  the  mode 
boundary  occurs  at  I0  (=/J  of  0.2A  when  VIN 
is  15V,  and  at  0.6A  when  Vm  is  30V. 

In  the  discontinuous  mode,  below  the  mode 
boundary,  changes  in  I0  require  large  duty 
cycle  changes.  In  other  words,  the  power  circuit 
gain  suddenly  becomes  very  low.  Also,  the 
single  pole  characteristic  of  continuous  mode 
operation  with  its  90°  phase  lag  disappears,  so 
the  power  circuit  gain  is  flat— independent  of 
frequency.  The  current  loop  becomes  more 
stable,  but  much  less  responsive. 

With  peak  current  mode  control  in  the 
discontinuous  mode,  peak/avg  current  error 
becomes  unacceptably  huge.  But  with  average 
current  mode  control,  the  high  gain  of  the 
current  error  amplifier  easily  provides  the  large 
duty  cycle  changes  necessary  to  accommodate 
changes  in  load  current,  thereby  maintaining 
good  average  current  regulation. 

Referring  to  Fig.  2,  when  the  current  loop  is 
closed,  the  voltage  across  current  sense  resistor 
equals  the  current  programming  voltage 
VCP  (from  the  voltage  error  amplifier)  at  fre- 
quencies below  fs.  The  transconductance  of  the 
closed  current  loop  is  a  part  of  the  outer 
voltage  control  loop: 


8=f-  = 

VCP 


/Rs  _  i 


(5) 


CP 


The  closed  loop  transconductance  rolls  off 
and  assumes  a  single  pole  characteristic  at  the 
open  loop  crossover  frequency,  fs. 
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Example  2:  Boost  Regulator  Input  Current. 

A  1  kW  off-line  preregulator  (Fig  6)  operates 
with  the  following  parameters: 

Switching  Frequency,  fs  =  100  kHz 

Input  Volts,  VlN  =  90  -  270V  rms 
Output  Volts,  V0  =  380Vdc 
Max.  O.L.  IIN  (@90V)  =  12A  rms,  17A  pk 
L  =  0.25mH 
ML,  tJ1N  @90V  =  3.4A 
Rs  =  0.05O 

The  max.  overload  line  current  at  min.  VIN 
corresponds  to  1080W  input.  The  ifiax.  peak 
overload  60Hz  line  current  (17A)  should— by 
design— correspond  to  a  limit  on  the  current 
programming  signal,  ICP.  The  max  peak  100kHz 
current  through  the  switch  and  rectifier  is  17A 
plus  one-half  AIL:  17  +  3.4/2  =  18.7A 
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Fig.  6  -  Boost  Preregulator  Circuit 


The  current  downslope  occurs  when  the  power 
switch  is  off: 


Inductor  Current  Downslope  =  (V0-V/N)/L 
Worst  case  when  VIN  =  0:  =V0/L 
Oscillator  Ramp  Slope  =  Vs/Ts  =  Vsfs 

Multiply  the  downslope  by  Rs  and  CA  gain  and 
set  equal  to  the  oscillator  ramp  slope,  then 
solve  for  maximum  CA  gain: 


(V0/L)RsGa  =  Vsfs 


max 


G     =  01 


yRS 


VsfsL 
V„RC 


(6) 


Note  the  form  of  Equation  (6)  is  identical  to 
the  buck  regulator  in  (1).  Using  the  values  for 


this  application,  the  maximum  GCA  is  6.58, 
accomplished  by  making  RF/R,  =  6.58. 

The  small-signal  control-to-input  gain  of  the 
current  loop  power  section  (from  va  at  the  CA 
output,  to  VflS ,  the  voltage  across  Rs )  is: 


VRS 


*SV0 


2420 


»CA  VS  SL 


(7) 


Note  that  (7)  is  nearly  identical  to  (2)  for 
the  buck  regulator,  except  the  gain  depends  on 
V0  (which  is  constant),  rather  than  Vm . 

The  overall  current  loop  gain  is  found  by 
multiplying  (6)  and  (7).  The  result  is  set  equal 
to  1  to  solve  for  the  crossover  frequency,  fc : 


R, 


Vs  2nfcL 


fc 


k 

2tt 


(8) 


With  the  CA  gain  at  the  limit  found  in  (6),  the 
current  loop  fc  is  fixed  at  fs/6  (16.7  kHz). 

As  with  the  earlier  example,  with  a  flat  gain 
error  amplifier  the  phase  margin  at  crossover 
is  90 "-larger  than  necessary.  So  zero  RpC^  is 
set  at  1/2  of  the  minimum  crossover  frequency 
(fc/2  =  fs/12  =  8.33  kHz),  providing  a  low 
frequency  boost  with  an  integrator  gam  of 
55K/f.  Pole  RfCrpCrz/iCrp+Crz)  is  set  at  6 
times  the  zero  frequency  (50  kHz)  to  eliminate 
noise  spikes.  Together,  the  zero  at  8.33  kHz 
and  the  pole  at  50  kHz  leave  a  phase  margin  at 
crossover  of  40°.  Startup  waveforms  are  shown 
in  Fig.  7,  and  the  Bode  plot  in  Fig.  8. 
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Fig.  7  -  Boost  Regulator  Waveforms 


3-361 


APPLICATION  NOTE 


U-140 


Referring  back  to  Fig.  6  -  when  the  current 
loop  is  closed,  the  voltage  across  current  sense 
resistor  FM  equals  the  voltage  across  current 
programming  resistor  VRCP.  In  this  case,  pro- 
grammed with  a  current  source  ICP,  the  current 
gain  of  the  closed  current  loop  is: 

(j  =  Jl        ®rs/rs    _  rcp  (9) 
iCP       9rcp/rcp  Rs 
The  closed  loop  current  gain  rolls  off  and 
assumes  a  single  pole  characteristic  at  the  open 
loop  crossover  frequency,  fs. 
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Fig.  8  -  Boost  Regulator  Bode  Plot 

In  a  high  power  factor  preregulator  applica- 
tion, the  current  is  programmed  to  follow  the 
rectified  line  voltage.  As  the  rectified  sine  wave 
voltage  and  current  approache  the  cusp  at  zero, 
the  inductor  current  becomes  discontinuous. 
Discontinuous  operation  can  occur  over  a 
substantial  portion  of  the  line  cycle,  especially 
when  line  current  is  low  at  high  line  voltage 
and/or  low  power  input.  With  peak  current 
mode  control,  discontinuous  operation  results 
in  a  large  peak/average  current  error.  A  large 
inductance  is  required  to  make  ripple  current 
small  and  put  the  mode  boundary  at  a  low 


current  level.  However,  average  current  mode 
control  eliminates  the  peak/average  error.  A 
small  inductance  can  and  should  be  used  to 
reduce  cost,  size  and  weight  and  improve 
current  loop  bandwidth. 

Figure  9  shows  a  boost  preregulator  pro- 
grammed to  follow  a  60  Hz  (rectified)  sine 
wave  input.  The  lower  waveforms  show  the 
programmed  and  actual  line  current  waveforms. 
(The  programmed  waveform  has  been  in- 
creased by  5%  to  make  the  two  waveforms 
visible.  The  actual  waveform  leads  the  pro- 
grammed waveform  by  a  small  amount  and  has 
less  than  0.5%  3rd  harmonic  distortion!  The 
upper  waveforms  show  the  duty  cycles  of  the 
switch  and  diode  throughout  the  line  cycle.  The 
inductor  current  is  continuous  when  the  current 
is  high,  and  the  switch  and  diode  duty  cycles 
add  up  to  1.  But  as  the  current  approaches 
zero  crossing,  operation  becomes  discontinuous 
as  shown  by  the  appearance  of  "dead"  time 
(when  neither  the  switch,  the  diode,  or  the 
inductor  are  conducting). 


o  4      m,«    a  12  16 

Fig.  9  -  Boost  60Hz  Sine  Wave  Input  Current 


Note  that  the  switch  duty  cycle  does  not 
change  as  much  when  operation  becomes 
discontinuous.  With  the  boost  (and  flyback) 
topology  in  the  discontinuous  mode,  average 
input  current  tends  to  follow  input  voltage  at  a 
constant  duty  cycle.  Even  though  plenty  of  CA 
gain  is  available  to  change  the  duty  cycle,  little 
change  is  required  for  perfect  tracking. 

Figure  10  shows  how  the  actual  input  current 
sine  wave  tracks  the  programming  signal  at  400 
Hz.  The  distortion  is  worse  -  4.5%  3rd  har- 
monic. This  is  for  two  reasons: 
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Fig.  10  -  Boost  400Hz  Sine  Wave  Input  Current 

1.  The  harmonic  components  of  the  rectified 
400  Hz  waveform  are  at  higher  frequencies 
and  closer  to  the  current  loop  crossover 
frequency  where  the  loop  gain  is  less,  com- 
pared with  the  50  or  60  Hz  harmonics. 

2.  The  inductor  current  has  difficulty  rising  off 
zero  because  the  input  voltage  is  so  very  low 
at  that  point.  So  the  inductor  current  lags 
coming  off  zero,  then  catches  up  and  over- 
shoots the  programmed  level.  (This  effect  is 
much  worse  with  peak  current  mode  control 
because  of  the  large  inductor  required.) 

Controlling  Average  Switch  Current 

In  the  previous  examples,  average  current 
mode  control  was  applied  to  controlling  induc- 
tor current  (buck  output  current  and  boost 
input  current).  This  is  relatively  easy  because 
the  inductor  current  is  mostly  DC  with  only  a 
small  amount  of  ripple  to  deal  with.  But  if  it  is 
desired  to  use  a  buck  or  flyback  topology  to 
control  input  current  in  a  high  power  factor 
application,  then  the  chopped  current  waveform 
through  the  power  switch  must  be  averaged,  a 
more  difficult  task. 

Example  3:  Flyback  Regulator  Input 
Current:  A  1000  W  off-line  preregulator  uses 
a  flyback  circuit  in  order  to  achieve  a  standard 
300V  output  bus  even  though  the  input  voltage 
ranges  above  and  below  300V  (Figs.  11,12). 

The  flyback  converter  could  be  designed  to 
operate  in  the  discontinuous  inductor  current 
mode  in  this  application.  The  discontinuous 
flyback  converter  is  not  difficult  to  control 
(crudely)  by  fixing  the  duty  cycle  during  each 
line  half-cycle,  but  the  peak  currents  through 
the  power  switch  and  rectifier  are  nearly  twice 
as  high  as  with  continuous  mode  operation. 


Fig.  11  -  Flyback  Preregulator  Circuit 

The  high  peak  current  lowers  efficiency  and  re- 
quires devices  with  higher  current  ratings. 

Continuous  mode  operation  suffers  the 
problem  that  the  boundary  is  crossed  into  the 
discontinuous  mode  at  light  loads  and  high 
input  voltage,  unless  a  large  filter  inductor  is 
used,  which  hurts  the  frequency  response  and 
the  power  factor  as  well  as  the  pocketbook. 

This  dilemma  disappears  with  average  cur- 
rent mode  control  because  it  functions  well  in 
the  discontinuous  as  well  as  the  continuous 
mode,  enabling  the  use  of  a  small  inductance 
value.  In  this  example,  the  flyback  converter 
operates  in  the  continuous  mode  when  it  is 
important  do  so—at  high  current  levels,  to  keep 
the  maximum  peak  current  to  half  that  of  a 
strictly  discontinuous  flyback  converter.  The 
operating  parameters  are: 

Switching  Frequency,  fs  =  100  kHz 

Input  Volts,  VIN  =  90  -  270V  rms 
Output  Volts,  V0  =  300V  dc 
Max.  O.L.  Im  (@90V)  =  12A  rms,  17A  pk 
L  =  0.25mH 
AIL  @90V  =  3.6A 
Rs  =  0.025A 

The  max.  overload  rms  line  current  at  min. 
V,N  equates  to  1080W  input  (2160Wpk  60Hz). 
The  max.  overload  peak  60  Hz  line  current 
(17A)  should  be  made  to  correspond  to  a  limit 
on  the  current  programming  input,  ICP.  Unlike 
the  boost  converter,  the  flyback  input  current  is 
chopped,  so  the  peak  100kHz  current  through 
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the  switch,  the  inductor,  and  the  rectifier  are 
much  greater  than  the  60  Hz  peak  current-sec 
Fig.  12.  The  worst  case,  at  low  line  and  max. 
overload  input  current  is: 


17 

_  =  24.2/1 
.702 


Add  to  this  one-half  tJL  to  obtain  the  abso- 
lute max.  peak  current  through  the  switch, 
inductor,  and  rectifier:  24.2  +  3.6/2  =  26A. 

Compared  to  the  boost  converter,  the  fly- 
back topology  requires  higher  current  and 
higher  voltage  devices  and  generates  a  lot  more 
input  noise  because  of  the  chopped  waveform. 
In  its  favor,  the  flyback  converter  can  operate 
with  any  input/output  voltage  ratio,  can  provide 
current  limiting,  and  input/output  isolation. 

As  discussed  in  the  previous  example,  the 
boost  converter  amplifier  gain  at  fs  was  limited 
only  by  the  criteria  that  the  inductor  current 
downslope  must  not  exceed  the  oscillator  ramp 
slope.  The  power  circuit  control-to-input  cur- 
rent gain  had  a  simple  —1  slope  from  zero  to 
/s,  making  it  very  easy  to  compensate. 

But  with  the  flyback  converter,  the  chopped 
switch  current  waveform  will  be  averaged.  This 
results  in  a  lower  crossover  frequency,  fc,  and 
lower  gain-bandwidth  for  two  reasons: 

1.  The  large  amplitude  chopped  current  wave- 
form must  be  integrated  by  the  CA.  The 
upslope  of  the  resulting  triangular  waveform 
at  the  CA  output  must  not  exceed  the  oscil- 
lator ramp  slope.  (The  inductor  current 
downslope  is  not  relevant.) 

2.  There  is  a  zero  (conventional  left  half-plane) 
in  the  control-to-input  current  gain  charac- 
teristic. This  zero  moves  with  output  current 
level.  Loop  gain  crossover  cannot  be  much 
higher  than  the  lowest  zero  frequency. 

The  small-signal  control-to-input  gain  of  the 
flyback  current  loop  power  circuit  (from  va  at 
the  CA  output,  to  vss  ,  the  voltage  across  Rs ) 

is: 


"RS 


R< 


Y  o 

IE 


(10) 


This  is  the  characteristic  of  a  "normal" 
zero— a  -1  slope  with  90°  phase  lag  below  fz 
and  flat  gain  with  no  phase  shift  above  fz.  The 
zero  frequency  may  be  calculated: 


fz  = 


2k  LI, 


(11) 


Note  that  the  zero  moves  inversely  with 
inductor  current  and  inductance  value.  This 
zero  has  a  big  effect  on  loop  compensation.  To 
obtain  the  best  loop  response,  it  is  important 
that  fZmin  be  as  high  as  possible,  by  making  the 
inductance  small.  Fortunately,  with  average 
current  mode  control,  there  is  no  need  to 
worry  about  crossing  into  discontinuous  opera- 
tion. The  limit  on  making  the  inductance  too 
small  is  when  the  inductor  ripple  current 
becomes  too  large,  increasing  peak  switch  and 
rectifier  currents  an  undesirable  amount. 

Using  the  specific  values  of  this  example,  the 
power  circuit  gain  is: 


RS 


"CA 


200 


.  960 


The  minimum  zero  frequency  is  8  kHz, 
which  occurs  at  24.2A,  the  max.  overload 
inductor  current  at  90V  low  line.  The  gain 
above  fz  is  0.12  (-18.4dB).  The  power  circuit 
gain  is  shown  in  the  Bode  plot  of  Fig.  13. 

Turning  now  to  the  current  error  amplifier 
(Fig.  11),  the  chopped  input  (switch)  current 
waveform  shown  in  Fig.  12  flows  through  Rs. 
The  average  value  of  this  waveform,  chopped 
at  100  kHz,  is  compared  to  the  current  pro- 
gram level  across  RCP  and  amplified.  Assume 
for  the  moment  that  CP2  is  zero  and  CFZ  is 
shorted.  The  CA  gain  in  the  vicinity  of  100 
kHz  is  determined  by  integrator  (RI+RP2)CFP. 
Averaging  is  accomplished  because  the  DC 
gain  is  high,  but  the  100  kHz  rectangular 
waveform  with  its  harmonics  is  amplified 
relatively  little.  The  rectangular  waveform  is 
converted  into  a  triangular  wave  as  shown  in 
Fig.  12. 
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Fig.  12  -  Flyback  Regulator  Waveforms 

The  optimum  CA  integrator  gain  at  100  kHz 
is  the  gain  at  which  the  maximum  CA  output 
upslope  equals  the  oscillator  ramp  slope.  This  is 
the  same  principle  used  in  the  previous  two 
examples,  but  in  those  cases  the  inductor 
(whose  current  was  being  controlled)  did  most 
of  the  averaging.  The  inductor  did  the  inte- 
gration to  provide  the  triangular  ripple  current 
waveform  and  the  CA  gain  was  flat  in  the 
vicinity  of  fs.  But  in  this  flyback  preregulator 
example,  the  chopped  switch  current  is  being 
controlled  so  the  averaging  and  the  triangular 
waveshape  are  achieved  by  an  integrating 
amplifier. 

The  upslope  of  the  CA  output  occurs  when 
the  switch  is  off  and  the  100  kHz  current 
waveform  is  at  zero.  The  CA  inputs  are  both  at 
program  voltage  VCP  .  VCPmai  equates  to  the 
max.  overload  peak  60Hz  input  current  (17A) 
through  Rs.  Therefore,  during  the  switch  "off" 
time,  the  maximum  current  through 
R  =  (R,+Rk)  's: 

V  I  R 

r  .     " CFmax    _    1lNpk  S 

*"*""  R  J? 

The  upslope  of  the  CA  output  is  determined 
by  the  current  through  R,  charging  CFP: 

max  CA  Upslope  =  =  Im*R' 

C  C  R 

Oscillator  Ramp  Slope  =  Vs  /Ts  =  Vsfs 


U-140 

Equating  the  slopes  and  solving  for  CFP : 
V*S  =  Vsfs 


CFPR 


'FT 


VsfsR 


(12) 


Using  the  values  from  this  example,  and 
assuming/?  =  10K  (fl,=9K,  /?K  =  1K)  : 

=        17X.025        =  85pF 

sxo.ix^xio/i: 

The  CA  integrator  gain  may  now  be  calcu- 
lated and  entered  in  the  Bode  plot: 

1         .  187,000 


a  2nfRCt 


(13) 


FP 


The  compensation  circuit  as  designed  so  far 
(with  CP2  zero  and  CFZ  open)  has  high  loop 
gain  and  is  very  stable  only  when  the  inductor 
current  is  high,  maintaining  the  power  circuit 
zero  near  the  position  shown  in  Fig.  13,  so  that 
its  gain  is  flat  at  fc.  At  lower  current  levels,  the 
power  circuit  zero  slides  down  to  the  right  and 
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the  power  circuit  gain  at/c  has  a  -1  slope.  With 
the  -1  slope  of  the  CA  gain,  the  overall  current 
loop  gain  has  a  slope  of  -2  at  crossover,  and 
will  ring  excessively.  It  is  necessary  to  add  a 
pole-zero  pair  to  the  CA  gain  to  reduce  the 
slope  to  -1  in  the  vicinity  of  fc.  Offsetting  the 
integrator  gain  by  a  factor  of  5,  as  shown  in  the 
Bode  plot,  provides  a  phase  bump  which  in- 
creases the  actual  phase  margin  to  42°,  a 
slightly  underdamped  condition  (the  Bode 
approximation  is  31°,  as  shown). 

The  offset  factor  of  5  is  provided  by 
Cn  =  4'Cjjj.  =  340pF.  Cfx  and  Cpp  in  parallel 
set  the  integrator  gain  at  low  frequencies  to 
37,000/f. 

The  location  of  the  flat  portion  of  the  CA 
gain  characteristic  is  determined  by  RF.  It  is 
easiest  to  solve  this  graphically  using  the  Bode 
plot.  Ideally,  Zl  and  PI  should  bracket  the 
crossover  frequency.  Simply  slide  the  flat  por- 
tion up  and  down  between  the  integrator  slopes 
until  its  gain  is  equal  (but  opposite  in  sign)  to 
the  power  circuit  gain  at  the  same  frequency  as 
the  center  of  the  flat  portion.  That  frequency  is 
the  crossover  frequency,  fc.  In  Fig  13,  the  CA 
gain  in  the  flat  portion  is  10  (20dB).  This  is 
accomplished  by: 

RF  =  10R  =  10  (R,+Rn)  =  100A-  (14) 

The  precise  value  of  RF  (and/c)  is  not  at  all 
critical.  The  phase  bump  is  broad,  and  the  loop 
response  is  really  determined  by  the  integrator 
gain  below  fc  (37,000/f). 

Finally,  an  additional  pole  RnCn  is  placed  at 
100kHz  to  filter  out  noise  spikes.  This  pole 
frequency  is  too  high  to  significantly  affect 
phase  margin  at  crossover. 

Referring  back  to  Fig.  11  -  when  the  cur- 
rent loop  is  closed,  the  voltage  across  current 
sense  resistor  VRS  equals  the  voltage  across 
current  programming  resistor  VRCP.  Program- 
med with  a  current  source  ICP>  the  current  gain 
of  the  closed  current  loop  is  identical  to  Eq.  9: 

G  =  —  =    ^rc/fts    _  Ra>  (ij) 
iCP      ^rcp/rcp  Rs 


Just  as  in  the  previous  examples,  the  closed 
loop  current  gain  rolls  off  and  assumes  a  single 
pole  characteristic  at  the  open  loop  crossover 
frequency,  fs.  The  moving  zero  of  the  flyback 
power  circuit  is  hidden  within  the  inner  current 
loop,  and  is  invisible  to  the  outer  voltage 
control  loop.  In  fact-regardless  of  the  power 
circuit  topology— with  average  current  mode 
control,  the  external  characteristics  of  the  cur- 
rent loops  are  identical:  flat  gain,  rolling  off 
with  a  single  pole  characteristic  above  the  open 
loop  crossover  frequency. 

Example  4:  Buck  Regulator  Input  Current: 
The  buck  regulator  is  sometimes  used  in  high 
power  factor  preregulator  applications.  It  can 
only  function  when  V0  is  less  than  VIN,  so  the 
output  bus  voltage  must  be  low.  Normally,  a 
low  output  voltage  should  be  avoided,  because 
the  bus  filter  capacitor  becomes  large  and 
expensive,  but  in  applications  such  as  telephone 
or  battery  charging  this  is  not  a  problem 
and/or  there  is  no  choice.  With  120V  line  input 
and  48  volt  output  bus,  the  input  current  will 
drop  to  zero  for  a  substantial  portion  of  each 
line  cycle,  each  time  the  instantaneous  line 
voltage  goes  below  48V.  Third  harmonic  distor- 
tion will  be  7  -  8%  at  low  line,  but  the  power 
factor  of  0.99  is  good  enough  for  most  applica- 
tions. 

Although  the  flyback  topology  might  be  used 
in  the  same  low  voltage  output  application,  the 
buck  topology  operates  with  lower  inductor 
current  and  lower  peak  current  through  the 
switch  and  rectifier.  Peak  voltages  on  the 
switch  and  rectifier  are  also  much  lower.  But 
the  flyback  topology  can  provide  line  isolation 
in  the  preregulator  by  using  a  flyback  trans- 
former instead  of  simple  inductor. 

The  buck  circuit  can  be  almost  the  same  as 
the  flyback  circuit  of  Fig.  11,  interchanging  the 
inductor  and  the  rectifier  (cathode  up). 

The  control  loop  design  procedure  is  the 
same  as  for  the  flyback  in  Example  3.  The 
buck  regulator  has  the  same  left  half-plane 
zero.  In  fact,  the  power  circuit  control-to-input 
gain  equation  is  identical  to  Eq.  10  for  the 
flyback  circuit. 


<3  occ 
O-ODO 


APPLICATION  NOTE 

Controlling  Average  Rectifier  Current 

Peak  current  mode  control  has  been  used 
with  great  success  in  conventional  power  sup- 
plies using  buck-derived  topologies.  It  works 
well  because  peak  current  mode  control  actual- 
ly controls  inductor  current,  and  the  inductor  is 
located  in  the  output  of  all  buck  topologies. 
When  boost  or  flyback  topologies  are  used, 
peak  current  mode  control  functions  poorly, 
because  the  wrong  current  is  controlled-the 
inductor  current  is  not  in  the  output.  Although 
peak  current  mode  control  eliminates  the 
inductor  from  the  small-signal  characteristic  of 
the  outer  loop,  the  right  half-plane  zero  present 
in  boost  and  flyback  outputs  remains  to  plague 
outer  loop  compensation. 

In  boost  or  flyback  circuits,  the  diode  is  in 
the  output  side,  and  ideally  the  diode  current 
should  be  controlled,  not  inductor  current.  This 
is  no  problem  for  average  current  mode  con- 
trol. Its  integrating  current  error  amplifier  can 
average  the  rectangular  diode  current  waveform 
in  the  same  way  that  it  averages  the  switch 
current  in  the  input  of  the  buck  or  flyback 
preregulators  discussed  earlier.  The  right  half- 
plane  zero  forces  a  lower  current  loop  cross- 
over frequency,  but  the  RHP  zero  is  "buried" 
within  the  current  loop.  The  outer  voltage 
control  loop  sees  only  a  flat  gain  characteristic 
with  a  single  pole  roll-off  at  the  crossover 
frequency-just  the  same  as  all  the  other  topol- 
ogies previously  discussed.  A  flyback  circuit 
using  average  current  mode  control  is  shown  in 
Figure  14. 
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Fig.  14  -  Flyback  Output  Current  Control 

The  circuit  is  almost  identical  to  the  flyback 
preregulator  of  Fig.  11,  except  output  current 
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is  sensed  and  controlled. 

The  small-signal  control-to-output  gain  of 
the  flyback  current  loop  power  circuit  (from 
Vq,  at  the  CA  output,  to  v^j ,  the  voltage  across 
Rs)  is: 


RS 


CA 


sL 


(16) 


The  same  equation  applies  to  controlling  the 
output  current  of  a  boost  circuit.  Note  the 
similarity  with  Eq.  10  for  flyback  or  buck  input 
current  control.  In  Eq.  16,  low  frequency  gain 
depends  on  VIN  rather  than  V0,  but  more 
importantly,  the  inductor  current  IL  has  a 
minus  sign,  which  represents  180°  phase  lag 
above  the  zero  frequency.  This  is  the  character- 
istic of  a  right  half-plane  zero,  and  it  makes  the 
loop  compensation  much  more  difficult.  It  is 
usually  necessary  to  cross  over  at  a  frequency 
one  half  to  one  fourth  of  the  RHP  zero  fre- 
quency in  order  to  cross  over  with  adequate 
phase  margin.  This  results  in  lower  closed  loop 
bandwidth  for  the  current  loop  than  the  previ- 
ous examples.  However,  once  this  is  accom- 
plished, the  RHP  zero  does  not  appear  in  the 
outer  loop. 

It  is  very  important  to  make  the  inductance 
small  to  achieve  the  highest  possible  RHP  zero 
frequency.  Fortunately,  average  current  mode 
control  allows  the  mode  boundary  to  be 
crossed.  This  permits  a  much  smaller  induc- 
tance than  with  peak  current  mode  control, 
resulting  in  a  much  higher  RHP  zero  frequency 
and  higher  crossover  frequency. 

Current  Sensing 

One  important  advantage  of  having  a  high 
gain  current  error  amplifier  is  that  it  permits  a 
very  small  current  sense  resistor  value  resulting 
in  low  power  dissipation.  The  CA  can  make  up 
for  the  gain  lost  with  the  small  resistor. 

In  many  applications,  however,  using  a 
current  sense  resistor  in  the  direct  path  of  the 
current  to  be  measured  is  not  practical.  The 
tiny  Rs  value  may  be  difficult  to  implement, 
and  the  power  dissipation  in  a  practical  sense 
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resistor  is  too  great.  Often,  the  Rs  circuit 
location  is  at  a  large  potential  difference  from 
the  control  circuit.  This  is  especially  a  concern 
when  current  must  be  sensed  on  the  other  side 
of  the  isolation  boundary. 

A  current  sense  transformer  (C.T.)  can 
provide  the  necessary  dielectric  isolation  and 
eliminate  the  need  for  an  extreme  low-value 
resistor.  As  shown  in  Fig.  15,  this  technique 

lVreH  M  CA 

Fig.  15 

works  well  for  average  current  mode  control 
when  the  current  to  be  sensed  and  averaged  is 
a  pulse  which  returns  to  zero  within  each 
switching  period— such  as  switch  current  (buck 
or  flyback  input  current)  or  diode  current 
(boost  or  flyback  output  current).  Although 
"transformers  can't  couple  DC",  a  C.T.  does 
couple  the  entire  instantaneous  current  wave- 
form including  its  DC  component  if  the  core  is 
reset  to  zero  baseline  each  time  the  pulse  goes 
to  zero. 

Total  reset  requires  the  same  volt-seconds 
(of  opposite  sign)  that  were  applied  to  "set" 
the  core.  At  duty  cycles  approaching  1.0-which 
can  occur  temporarily  with  most  topologies-the 
time  available  for  reset  may  be  only  a  tiny 
fraction  of  the  switching  period.  Achieving  total 
reset  in  a  short  time  requires  a  large  backswing 
of  voltage  across  the  C.T.,  so  don't  use  low 
voltage  diodes  to  couple  the  C.T.  to  Rs. 

With  a  boost  converter  controlling  input 
current  in  a  high  power  factor  preregulator 
application,  a  current  sense  resistor  easily  ties 
in  directly  with  the  control  circuit,  as  shown  in 
Fig.  6.  Nevertheless,  many  designers  would 
prefer  to  use  a  current  transformer  to  minimize 
power  loss  and  allow  the  use  of  a  much  higher 
Rs  value.  However,  since  the  input  current  of 
a  boost  converter  is  the  inductor  current,  the 
input  current  never  goes  to  zero  when  operat- 
ing in  the  continuous  mode.  Therefore,  a  C.T. 
can't  be  used  to  sense  input  current  of  a  boost 


converter  because  the  DC  value  is  lost,  and  the 
C.T.  cannot  reset-it  will  saturate.  The  same 
problem  occurs  in  a  buck  regulator  circuit, 
where  the  C.T.  can't  directly  sense  average 
output  (inductor)  current. 

The  answer  to  this  problem  is  to  use  two 
C.T.s— one  sensing  switch  current,  the  other 
sensing  diode  current.  By  summing  their  out- 
puts as  shown  in  Fig.  16,  the  true  inductor 
current  is  reconstituted.  Each  C.T.  has  plenty 
of  time  to  reset. 
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Fig.  16 


Using  Current  Sense  Transformers: 
It  is  not  difficult  to  achieve  excellent  results 
using  low  cost  commercially  available  pulse 
transformers.  A  current  sense  "inductor"  such 
as  Pulse  Engineering  51688  is  a  toroidal  core 
wound  with  200  secondary  turns  for  a  second- 
ary inductance  of  80  mH.  A  0.18"  hole  is 
provided  to  slip  the  primary  wire  through. 

The  pulse  voltage  across  the  windings  of  a 
current  transformer  generates  a  magnetizing 
current  which  starts  at  zero  and  increases  fairly 
linearly  with  time.  The  magnetizing  current 
subtracts  from  the  pulse  current  delivered  to 
the  secondary.  Initially,  the  current  through  Rs 
is  precisely  IPR]/N,  but  as  time  passes,  the 
secondary  current  drops  off  more  rapidly  than 
it  should.  This  effect  is  called  "droop".  It  is 
usually  not  a  problem  if  certain  precautions  are 
observed.  The  amount  of  current  droop 
through  the  current  sense  resistor  can  be 
calculated: 


A/ 


PRI(dnxp) 


■  At 


(17) 


where  N  is  the  turns  ratio,  Vs  the  voltage 
across  the  secondary,  Ls  the  secondary  induc- 
tance and  At  is  the  max.  pulse  width.  As  the 
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equation  shows,  droop  is  minimized  by  maxi- 
mizing secondary  inductance-use  the  largest 
you  can  get.  Don't  use  a  large  Rs  value  to 
obtain  a  large  secondary  voltage— its  not  neces- 
sary and  makes  reset  more  difficult.  Make  the 
turns  ratio  as  low  as  possible  by  using  two  or 
three  primary  turns  if  space  allows.  Don't 
reduce  the  turns  ratio  by  reducing  the  second- 
ary turns— this  is  counter-productive  because 
the  inductance  goes  down  with  the  turns 
squared. 

For  example,  consider  the  flyback  input 
current  preregulator  of  Fig.  11,  using  a  current 
transformer  in  series  with  switch  instead  of  the 
0.025O  sense  resistor  shown.  Using  the  Pulse 
Engineering  #51688  current  sense  inductor 
with  one  turn  primary,  the  turns  ratio  is  1:200. 
Secondary  inductance  is  80  mH.  The  24A  max. 
overload  pulse  current  becomes  a  0.12A  cur- 
rent pulse  on  the  secondary  side.  A  lOfl  sense 
resistor  will  have  a  max.  voltage  of  1.3V  sent  to 
the  CA,  and  the  max.  secondary  voltage  includ- 
ing diode  forward  drop  is  2.0V.  The  maximum 
pulse  width  is  7.02/isec. 

Applying  these  values  to  Eq.  17: 

A  =  —     2'°     7x10  6  =  .03S4 

Only  35mA  droop  out  of  24A  isn't  bad! 

When  two  C.T.s  are  used— one  on  either  side 
of  isolation  boundary-their  turns  ratios  must  be 
proportioned  the  same  as  the  power  transform- 
er pri/sec  turns  ratio  so  that  currents  through 
Rs  will  be  equalized. 

All  of  the  equations  containing  Rs  given 
earlier  in  this  paper  assume  the  sense  resistor 
is  measuring  current  directly.  When  using  a 
current  sense  transformer,  reflect  the  actual  Rs 
on  the  C.T.  secondary  side  into  the  primary  by 
substituting  RSN,/NS. 
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Abstract  •  This  paper  describes  a  zero  voltage 
switched  (ZVS)  resonant  converter  for  driving  cold 
cathode  fluorescent  lamps.  Primarily  intended  for 
liquid  crystal  display  (LCD)  back-lighting,  the  circuit 
features  minimal  component  count  and  size.  A 
specially  designed  integrated  circuit  provides  all 
control  functions  for  a  current  fed  push-pull  ZVS 
converter,  and  also  contains  an  auxiliary  pulse  width 
modulated  (PWM)  controller  to  develop  a 
programmable  supply  voltage  for  the  LCD.  Analysis 
and  simulation  of  the  converter,  and  a  complete 
circuit  schematic  are  presented.  The  analysis  and 
simulation  results  are  validated  by  experimental 
circuit  waveforms  and  critical  performance 
parameters. 


Introduction 

The  proliferation  of  laptop  and  notebook 
computers  places  an  ever  increasing  demand  on 
display  technology.  High  resolution  and  contrast 
are  required  to  run  today's  graphics  based 
programs,  increasing  the  conflict  between 
display  performance,  size  and  efficiency.  The 
LCD  with  cold  cathode  fluorescent  back  lighting 
best  satisfies  this  design  requirement,  however 
the  lamp  and  its  high  voltage  AC  supply  still 
remain  the  major  contributor  to  battery  drain. 

The  cold  cathode  fluorescent  lamp  (CCFL) 
requires  1-2  kV  to  fire.  Sine  wave  drive  is 
preferred  to  minimize  RF  interference  and 
maximize  lamp  efficiency  over  time.  Converter 
efficiency  and  size  are  extremely  critical.  These 
formidable  requirements  demand  a  highly 
efficient  conversion  topology  and  maximum 
circuit  integration. 

A  zero  voltage  switched  resonant  topology 
will  maximize  efficiency  by  eliminating  losses 
associated  with  charging  parasitic  capacitances  to 
high  voltages.  This  topology  can  be  controlled 


using  discrete  circuitry.  The  most  common 
implementation  is  a  Royer  oscillator  modified  to 
provide  ZVS  operation.  While  this  at  first 
appears  to  be  a  good  solution,  and  is  commonly 
used  today,  it  suffers  from  severed  limitations. 

High  voltage  DC  to  AC  conversion  is  only 
part  of  the  display  supply.  The  average  output 
current  must  be  programmable  for  lamp 
intensity  control,  and  the  LCD  requires  a 
programmable  low  voltage  supply  for  contrast 
adjustment.  This  additional  circuitry, 
implemented  discretely  or  with  multiple  ICs 
results  in  a  large  number  of  components, 
significantly  impacting  size  and  reliability. 
Synchronization  is  also  preferred  to  eliminate 
beat  frequency  effects  such  as  lamp  intensity 
modulation,  further  complicating  the  design. 
Ntoimizing  circuit  complexity  and  bulk  are  best 
achieved  through  integration. 

Cold  Cathode  Lamp  Characteristics 

The  CCFL  presents  a  highly  nonlinear  load 
to  the  converter  as  illustrated  in  fig.  1.  Initially 
when  the  lamp  is  cold  (inoperative  for  some 
finite  time),  the  voltage  to  fire  the  lamp  is 
typically  more  than  three  times  higher  than  the 
sustaining  voltage.  The  lamp  characterized  in 
fig.  1  fires  at  1600V  and  exhibits  an  average 
sustaining  voltage  (VnJ  of  300V.  Notice  that  the 
lamp  initially  exhibits  a  positive  resistance  and 
then  transitions  to  a  negative  resistance  above 
1mA.  These  characteristics  dictate  a  high  output 
impedance  (current  source)  drive  to  suppress  the 
negative  load  resistance's  effect  and  limit  current 
during  initial  lamp  firing.  Since  the  ZVS 
converter  has  a  low  output  impedance,  an 
additional  "lossless"  series  impedance  such  as  a 
coupling  capacitor  must  be  added. 
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Fig.  1  Cold  Cathode  Lamp  Current  as  a  function  of  Voltage 
Vertical:  2mA/div.     Horizontal:  200V/div. 

To  facilitate  analysis,  the  equivalent  CCFL 
circuit  shown  in  figure  2  is  used.  is  the 
average  lamp  sustaining  voltage  over  the 
operating  range.  The  lamp  impedance  (RpO  is  a 
complex  function  but  can  be  considered  a  fixed 
negative  resistance  at  the  sustaining  voltage. 
Stray  lamp  and  interconnect  capacitance  are 
lumped  together  as  Cr.. 


en 


Rfl 


Fig.  2  CCFL  equivalent  circuit 


ZVS  Resonant  Converter  Topology 

The  current  fed  push-pull  converter  shown 
in  fig.  3  is  driven  at  it's  resonant  frequency  to 
provide  ZVS  operation.  The  push-pull  output 
MOSFETS  (Ql  &  Q2)  are  alternately  driven  at 
50%  duty  cycle.  Commutation  occurs  as  VI  and 
V2  resonate  through  zero  thereby  insuring  zero 
voltage  switching.  This  virtually  eliminates 
switching  losses  associated  with  charging 
MOSFET  output  and  stray  capacitance,  and 
reduces  gate  drive  losses  by  minimizing  gate 
charge. 


Fig.  3  Current  Fed  Push-Pull  ZVS  Resonant  Converter 

Current  is  supplied  to  the  push-pull  stage  by 
a  buck  regulator  (Q3).  The  control  circuitry 
forces  the  average  voltage  across  the  current 
sense  resistor  (R8+R5)  and  rectifier  (D2)  to  equal 
a  reference  voltage.  Adjusted  R8  varies  the 
current  and  the  lamp's  brightness.  The  non- 
linearity  introduced  by  D2  is  insignificant  since 
R8  is  adjusted  for  a  particular  brightness  with  no 
concern  of  the  actual  current  level. 

Winding  inductance,  LR,  and  CR,  the 
combined  effective  capacitance  of  C7  and  the 
reflected  secondary  capacitances  make  up  the 
resonant  tank.  The  secondary  side  of  the 
transformer  exhibits  a  symmetrical  sine  wave 
voltage  varying  from  about  300V  to  1500V  peak. 
Capacitor  C6  provides  ballasting  and  insures  that 
the  converter  is  only  subjected  to  positive 
impedance  loads. 


Waveform  Analysis 

Simulated  converter  voltage  and  current 
waveforms  are  shown  in  fig.  4.  At  time  t^  the 
primary  current  (II  &  12)  has  reached  it's  peak 
value.  The  push-pull  drain  voltages  (VI  &  V2) 
have  resonated  to  zero.  The  primary  voltage  (V3) 
has  also  resonated  to  zero,  and  through  the 
control  circuitry  commutated  Ql  off  and  Q2  on. 
The  energy  stored  in  LR  is  also  at  it's  peak.  This 
energy  is  transferred  from  LR  to  the  effective 
resonant  capacitance  (Cr)  during  time  to  to  t„ 
causing  CR's  voltage  to  sinusoidally  increase. 
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Fig.  4  Converter  Voltage  and  Current  Waveforms 

At  time  t„  all  of  the  inductive  energy  in  LR 
has  transferred  to  CR,  resulting  in  zero  current 
through  LR  and  maximum  voltage  across  C„. 
From  time  tj  to  t2,  the  energy  transfers  from  C„ 
back  to  LR/  decreasing  CR's  voltage  while  LR's 
current  increases. 

The  resonant  current  through  LR  at  time  t2  is 
equal  and  opposite  to  it's  value  at  tp.  The 
reflected  load  current  flows  during  the  MOSFET 
on  time,  and  is  observed  as  a  slight  current 
amplitude  asymmetry.  The  voltages  at  VI,  V2, 
and  V3  have  resonated  back  to  zero,  causing  the 
control  circuitry  to  commutate  Q2  off  and  Ql  on. 
The  cycle  continues  symmetrically  during  the  tj 
through  t4  interval,  producing  fully  sinusoidal 
voltage  and  current  waveforms. 


Simplified  Converter  Model 

The  converter  model  shown  in  fig.  5,  which 
is  valid  for  one  half  cycle  simplifies  analysis  by 
reflecting  all  impedances  to  the  primary  and 
eliminating  the  transformer.  The  differential 
voltage  developed  across  the  push-pull  stage 
primary  (V1-V2)  exhibits  twice  the  voltage 
excursion  as  the  center:tap  (V3).  This  reflects  C7 
to  V3  through  the  turns  ratio  squared,  resulting 
in  4(C7)  at  V3.  The  secondary  winding 


Fig.  5  Simplified  converter  model 

capacitance  is  also  reflected  by  the  square  of  the 
turns  ratio  (n).  Reflected  winding  capacitance  is 
usually  significant  due  to  the  high  turns  ratios 
typically  employed.  The  buck  stage  operates  in 
continuous  current  mode  and  is  synchronized  to 
the  push-pull  stage. 

Lamp  current  is  proportional  to  lamp 
intensity,  and  is  used  as  the  feedback  variable. 
Buck  current  (Ig)  is  the  response  variable,  which 
in  rum  regulates  the  average  push-pull  primary 
voltage.  The  coupling  capacitor's  high  impedance 
transforms  the  secondary  voltage  to  lamp 
current. 


Control  Equations 

Variable  Summary: 

GR  =  Effective  resonant  tank  capacitance 

Cw  =  Secondary  interwinding  capacitance 

FL   =  Average  lamp  voltage 

IB    =  Average  Buck  output  current 

LR  =  Primary  Winding  Inductance 

n    =  Transformer  turns  ratio 

Z^.  =  Secondary  impedance 

Fig.  6  shows  the  buck  output  stage  and 
forced  output  voltage  waveform.  The  output 
voltage  is  a  rectified  sine  wave,  corresponding  to 
the  synchronous,  resonant  push-pull  stage  input 
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voltage.  The  inductor  output  configuration 
exhibits  high  impedance  at  the  resonant 
frequency  and  averages  the  output  voltage 
throughout  the  cycle.  The  buck  output  voltage  as 
a  function  of  time  is: 


The  peak  primary  voltage  is  also  related  to 
peak  lamp  current  by: 


y    _  ^fl(p«at))^sec) +VFL 

p  n 


(2) 


Where  the  angular  frequency  is: 
2n  it 


u  =  2u/  = 


2r,  r, 


-  vP 


Fig.  6  Buck  converter  stage 

The  volts-second  product  across  the  inductor 
must  be  zero  during  steady  state.  Setting  the  on 
and  off  volt-second  products  equal  and 
integrating  gives  the  buck's  transfer  function: 


VB  =  -  Vi  D 


(l) 


This  transfer  function  is  identical  to  the  familiar 
DC  output  buck  transfer  function,  with  the  Jt/2 
term  accounting  for  peak  versus  average  output 
voltage.  As  with  the  DC  buck,  primary  voltage 
varies  linearly  with  duty-cycle. 


Setting  (1)  and  (2)  equal  and  solving  for  IR  (<vg) 
expresses  lamp  current  as  a  function  of  duty- 
cycle: 


2  VFL 

DVi  n-  ^ 


(3) 


As  expected  from  fig.  5,  the  lamp  sustaining 
voltage,  Vfl  introduces  a  nonlinearity. 

Buck  output  current  is  related  to  lamp 
current  be  equating  input  and  output  powers. 
The  input  power  is: 


l-  rai  K,sin(r)dr 
/2  Jo 


2IBVp 


The  power  to  the  load  is: 


P«a  T  VFL  !FL 


For  analytical  purpose,  100%  power  transfer  is 
assumed: 


P     =  P 


U 

a. 
a 
< 


^FL  ^FUavg) 


21  V 
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11  humg)  ^FL 


(4) 


2Vp 


Substituting  (2)  for  VP  in  (4)  gives  the  buck 
output  current  as  a  function  of  lamp  current: 


nV, 


FL 


FL 


(5) 


fKovg) 


The  resonant  frequency  is  approximately: 
1 


(6) 


The  nonlinearity  introduced  by  Vfl  causes 
the  resonant  frequency  to  vary  with  load.  At 
very  low  lamp  intensity  the  secondary  voltage 
barely  crests  above  V^.  The  effective  resonant 
capacitance,  CR,  is  primarily  the  sum  of  C7  and 
Cw  reflected  to  the  primary.  As  the  secondary 
voltage  increase  above  the  reflected  C6  value 
adds  to  the  resonant  capacitance,  decreasing  the 
frequency.  The  frequency  range  is  approximated 
by  assuming  C6  has  negligible  effect  at 
minimum  lamp  intensity,  and  fully  adds  to  CR  at 
maximum  intensity. 

The  peak  resonant  inductor  current  is  the 
sum  of  the  reflected  load  current  from  (5)  and 
the  resonant  current: 


1LR(ptak) 


VP 

=  — +/„ 


(7) 


tank 


The  tank  impedance  is  determined  by  setting  the 
resonant  energy  storage  terms  equal: 

Ai_/2  =  ±cgv2 

2  *        2  * 


Solving  for  VR/IR  gives  the  tank  impedance: 


■'tank 


R 


(8) 


Although  relatively  large  currents  are  circulated 
through  the  resonant  tank,  the  switches  operate 
at  low  current  levels.  This  is  a  direct  result  of  the 
continuous  resonant  topology;  the  switches  only 
must  handle  the  energy  that  is  removed  by  the 
load  and  lost  in  parasitics.  The  peak  switch 
current  is: 


'SWlpeak) 


(9) 


The  UC3871 
A  Completely  integrated  Solution 

Fig.  7  shows  a  complete  application  circuit 
using  the  UC3871  Synchronous  Resonant 
Fluorescent  lamp  and  LCD  driver.  The  IC 
provides  all  drive,  control  and  housekeeping 
functions  to  implement  CCFL  and  LCD 
converters.  The  buck  output  voltage  (transformer 
center-tap)  provides  the  zero  crossing  and 
synchronization  signal.  The  LCD  supply 
modulator  is  also  synchronized  to  the  resonant 
tank. 

The  buck  modulator  drives  a  P-channel 
MOSFET  directly,  and  operates  over  a  0-100% 
duty-cycle  range.  The  modulation  range  includes 
100%,  allowing  operation  with  minimal 
headroom.  The  LCD  supply  modulator  also 
directly  drives  a  P-channel  MOSFET,  but  it's 
duty-cycle  is  limited  to  95%  to  prevent  flyback 
supply  foldback. 


0.1V  —  *N\ 


Fig.  8  UC3871  Oscillator  Block  Diagram 

The  Oscillator  and  synchronization  circuitry 
are  shown  in  fig.  8.  The  oscillator  is  designed  to 
synchronize  over  a  3:1  frequency  range.  In  an 
actual  application  however,  the  frequency  range 
is  only  about  1.5:1.  A  zero  detect  comparator 
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a  synchronization  pulse  when  the  resonant 
waveform  falls  to  zero.  The  actual  threshold  is 
0.5  volts,  providing  a  small  amount  of 
anticipation  to  offset  propagation  delay. 

The  synchronization  pulse  width  is  the  time 
that  the  4mA  current  sink  takes  to  discharge  the 
timing  capacitor  to  0.1  volts.  This  pulse  width 
sets  the  LCD  supply  modulator  minimum  off 
time,  and  also  limits  the  minimum  linear  control 
range  of  the  buck  modulator.  The  200uA  current 
source  charges  the  capacitor  to  a  maximum  of 
3  volts.  A  comparator  blanks  the  zero  detect 
signal  until  the  capacitor  voltage  exceeds  1  volt, 
preventing  multiple  synchronization  pulse 
generation  and  setting  the  maximum  frequency. 
If  the  capacitor  voltage  reaches  3  volts  (a  zero 
detection  has  not  occurred)  an  internal  clock 
pulse  is  generated  to  limit  the  minimum 
frequency. 

A  unique  protection  feature  incorporated  in 
the  UC3871  is  the  Open  Lamp  Detect  circuit.  An 
open  lamp  interrupts  the  current  feedback  loop 
and  causes  very  high  secondary  voltage. 
Operation  in  this  mode  will  usually  breakdown 
the  transformer's  insulation,  causing  permanent 
damage  to  the  converter.  The  open  lamp  detect 
circuit,  shown  in  fig.  9  senses  the  lamp  current 
feedback  signal  at  the  error  amplifiers  input,  and 
shuts  down  the  outputs  if  insufficient  signal  is 
present.  Soft-start  circuitry  limits  initial  turn-on 
currents  and  blanks  the  open  lamp  detect  signal. 


Fig.  9  Open  Lamp  Detect  Circuit 

Other  features  are  included  to  minimize 
external  circuitry  requirements.  A  logic  level 
enable  pin  shuts  down  the  IC,  allowing  direct 
connection  to  the  battery.  During  shut-down,  the 
IC  typically  draws  less  than  lOOnA.  The  UC3871, 
operating  from  4.5V  to  20V,  is  compatible  with 
almost  all  battery  voltages  used  in  portable 
computers.    Under-voltage    lockout  circuitry 


disables  operation  until  sufficient  supply  voltage 
is  available,  and  a  1%  voltage  reference  insures 
accurate  operation.  Both  inputs  to  the  LCD 
supply  error  amplifier  are  uncommitted, 
allowing  positive  or  negative  supply  loop  closure 
without  additional  circuitry.  The  LCD  supply 
modulator  also  incorporates  cycle-by-cycle 
current  limiting  for  added  protection. 


Application  Circuit  Example 

The  application  circuit  shown  in  fig.7 
resonates  at  approximately  50khz.  This  frequency 
allow  a  reasonable  compromise  between  size  and 
efficiency.  This  relatively  low  frequency  by 
today's  standards .  results  from  high  voltage 
insulation  and  spacing  requirements,  and 
practical  limitations  in  reducing  stray  and 
interwinding  capacitance.  The  half  wave  current 
sense  signal  is  sensed  by  Error  Amp  1  and 
averaged  by  integral  compensation.  The  range 
of  current  control  is  500uA  to  10mA. 

A  flyback  converter  generates  the  LCD 
supply,  outputting  -12V  to  -24V  to  bias 
monochrome  LCDs.  Color  displays  normally 
require  a  positive  bias  voltage.  Since  this  voltage 
typically  must  also  be  stepped  up,  a  coupled 
inductor  flyback  is  normally  used. 

Actual  circuit  waveforms  agree  with  the 
spice  simulated  waveforms  in  fig.  4.  Distortion 
caused  by  lamp  nonlinearity  is  clearly  visible  at 
the  operating  extremes.  At  more  nominal  levels, 
the  waveforms  are  more  ideal,  with  only  a  small 
amount  of  observable  distortion. 

All  of  the  following  waveforms  were  taken 
at  minimum  and  maximum  lamp  intensity  to 
indicate  worst  case  conditions.  Nominal 
measured  efficiency  was  80%.  Further 
improvement  is  possible  with  lower  resistance 
magnetics  and  lower  on  resistance  MOSFETs. 
Fig.  10  shows  secondary  output  voltage,  fig  11 
shows  lamp  voltage,  and  fig.  12  shows  lamp 
current.  Notice  that  the  lamp  voltage  is  fairly 
constant  with  widely  varying  current.  A 
frequency  shift  from  about  48kHz  to  57kHz  is 
also  observed  over  the  lamp  intensity  range.  The 
lamp  current  exhibits  additional  harmonics 
induced  by  it's  nonlinearity.  Push-pull  MOSFET 
drain  to  source  voltage  is  shown  in  fig.  13,  and 
drain  current  is  shown  in  fig.  14.  The 
transformer  center-tap  voltage  (buck  output)  is 
shown  in  fig.  15.  All  waveforms  are  sinusoidal, 
exhibiting  minimal  harmonic  content. 
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Fig.  10  Secondary  output  voltage 
Vertical:  500V  /div.    Horizontal:  5us/div. 


fig.  11  lamp  voltage 

Vertical:  200V/div.    Horizontal:  Sus/div. 


Fig.  12  Lamp  current 

Vertical:  lOmA/div.    Horizontal:  5us/div. 
500uA/div. 
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fig.  13  Push-Pull  MOSFET  drain  to  source  vi 
Vertical:  lOV/div.    Horizontal:  5us/div. 


fig.  14  Push-pull  MOSFET  drain  current 
Vertical:  200mA/div.    Horizontal:  5us/div. 


fig.  15  Buck  output  voltage 

Vertical:  200mA/div.    Horizontal:  Sps/div. 


Summary 

The  current  fed  push-pull  ZVS 
converter  efficiently  develops  high 
voltage,  sinusoidal  power  for  driving 
cold    cathode    fluorescent    lamps.  Design 


equations  have  been  derived,  and 
verified  experimentally,  simplifying 
application  circuit  design  and 
analysis.  The  UC3871  provides  a  complete 
solution  for  high  performance  back-light  and 
LCD  power  supplies. 
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NEW  CHIP  PAIR  PROVIDES  ISOLATED  DRIVE  FOR  HIGH  VOLTAGE  IGBTs 

By  Mickey  McClure 
Application  Engineer 
Motion  Control  Products 


Abstract 

Recent  advances  in  the  design  of  Insulated  Gate  Bipolar  Transistors  (IGBTs)  have  increased  their  capabili- 
ties to  the  point  where  they  are  replacing  power  MOSFETs  as  the  switching  device  of  choice  for  high  volt- 
age/high current  power  supply  and  motor  drive  systems.  Although  switching  speeds  of  IGBTs  are  generally 
slower  than  those  of  power  MOSFETs,  devices  are  now  available  with  similar  gate  drive  requirements.  At 
the  same  time,  these  devices  retain  the  inherent  superior  conduction  characteristics  of  bipolar  transistors. 
A  new  integrated  circuit  pair,  the  UC3726/UC3727,  provides  a  cost-effective  way  to  drive  IGBTs  in  "high- 
side"  and  isolated  switching  applications.  This  application  note  describes  the  operation  of  this  chip  pair,  as 
well  as  the  unique  problems  associated  with  driving  IGBTs.  Many  of  the  concepts  presented  here  are  simi- 
lar to  those  presented  in  Unitrode  Application  Note  U-127,  written  by  John  O'Connor,  which  describes  the 
UC3724/UC3725  power  MOSFET  driver  pair.  This  application  note  replaces  Unitrode  Application  Note 
U-143  due  to  specification  changes  on  the  UC3727. 


INTRODUCTION 

IGBT  OPERATION  AND  APPLICATIONS 

While  power  MOSFETs  have  many  desirable  fea- 
tures such  as  high  peak  current  capability,  wide 
safe  operating  area  (SOA),  and  ruggedness,  they 
do  have  some  inherent  disadvantages.  Among 
these  are  conduction  characteristics  that  are 
strongly  dependent  on  temperature,  voltage  rating 
and  die  size.  Furthermore,  the  conduction  charac- 
teristics of  power  MOSFETs  are  largely  insensitive 
to  gate  voltage,  and  for  large  values  of  drain  cur- 
rent, the  drain  to  source  voltage  is  primarily  a  linear 
function  of  the  drain  current.  This  effect  severely 
limits  the  maximum  current  capability  of  MOSFETs 
since  power  loss  is  a  squared  function  of  drain  cur- 
rent (PL  =  Rds  •  (Id)2  ). 

IGBTs,  on  the  other  hand,  function  more  like  bipo- 
lar transistors  than  MOSFETs.  The  IGBT  equiva- 
lent circuit  consists  of  a  PNP  transistor  driven  by  a 
low  voltage  MOSFET  in  a  pseudo-Darlington  con- 
figuration. Since  the  voltage  drop  across  the  IGBT 
is  the  sum  of  the  voltage  drop  across  the  P-N  junc- 
tion and  the  voltage  drop  across  the  driving  MOS- 
FET, the  total  voltage  drop  across  the  IGBT  can 
never  go  below  a  diode  drop.  This  leads  to  greater 
power  dissipation  at  low  current  levels  than  for  a 
MOSFET.  However,  this  disadvantage  is  greatly  off- 
set by  the  fact  that  the  conduction  characteristics  of 
IGBTs  increase  with  increasing  gate  voltage.  An  in- 
crease in  gate  voltage  leads  to  an  increase  in 
channel  current  for  the  driving  MOSFET.  This  in 


turn  leads  to  a  reduction  in  voltage  drop  across  the 
PNP.  Furthermore,  since  the  output  PNP  behaves 
largely  like  a  bipolar  transistor,  voltage  drop  is  not  a 
linear  function  of  collector  current,  which  leads  to 
much  lower  power  dissipation  at  high  current  lev- 
els. Because  of  these  superior  characteristics, 
IGBTs  can  operate  at  much  higher  current  levels 
than  power  MOSFETs  of  the  same  die  size. 

OVERVIEW  OF  IGBT  DRIVE  REQUIREMENTS 
AND  PROBLEM  AREAS 

The  conduction  characteristics  of  an  IGBT  are 
similar  to  those  of  an  N-channel  MOSFET  in  that  a 
positive  gate-to-emitter  voltage  is  required  for  con- 
duction. This  characteristic  leads  to  the  problem  of 
gate  biasing  in  "high-side"  drive  applications.  Since 
the  gate  must  be  biased  above  the  high  voltage  in- 
put, high  side  drive  requirements  can  lead  to  costly 
and  complex  gate  circuits,  as  the  gate  must  some- 
times be  biased  hundreds  of  volts  above  system 
ground. 

In  addition  to  the  biasing  problem,  other  gate  drive 
requirements  include  low  drive  impedance  to  re- 
duce switching  losses,  as  well  as  sufficient  current 
to  charge  the  gate  fast  enough  to  achieve  the  de- 
sired switching  time.  The  charge  current  require- 
ment is  derived  from  the  total  gate  charge  (Qg)  as 
specified  on  the  IGBT  data  sheet.  Additionally, 
since  the  combination  of  high  voltage  and  relatively 
fast  switching  speed  results  in  both  high  dv/dt  and 
di/dt,  the  gate  is  usually  biased  with  a  negative 
voltage  during  turn  off  to  prevent  transient  turn  on. 
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Unitrode  Application  Note  U-127  mentions  several 
common  approaches  to  solving  the  high  side  driver 
problem.  Among  the  common  techniques  used  are 
floating  power  supplies  for  the  driver  circuitry, 
charge  pump  circuits,  high  voltage  driver  ICs,  and 
optocoupler  isolated  driver  circuits.  Each  of  these 
techniques  have  limitations,  and  those  limitations 
are  discussed  in  detail  in  U-127. 

UC3726/UC3727  DRIVER  PAIR 

The  UC3726/UC3727  IC  pair  provides  an  elegant, 
yet  compact  and  cost-effective  solution  to  the  prob- 
lem of  driving  IGBTs  in  high  side  and  isolated  ap- 
plications. The  chip  pair  is  similar  to  the  UC3724/ 
UC3725  chip  pair,  except  optimized  for  the  unique 
problems  associated  with  driving  IGBTs.  Figure  1 
shows  the  basic  circuit  configuration  for  the 
UC3726/UC3727  circuit  pair.  In  addition  to  the  IC 
pair,  a  few  passive  components  and  a  pulse  trans- 
former are  required  to  complete  the  circuit.  Also, 
an  optocoupler  can  be  used  to  provide  fault  infor- 
mation to  the  UC3726  if  it  is  desired.  The  optocou- 
pler can  be  eliminated  and  fault  protection  still 
provided  by  the  UC3727  if  it  is  not  required  to  pass 
fault  information  back  to  the  system.  This  feature  is 
explained  in  detail  in  the  fault  section  of  this  appli- 
cation note. 

The  UC3726  transmitter  generates  a  carrier  signal 
that  utilizes  a  unique  duty  cycle  modulation  tech- 
nique to  transmit  both  command  signal  and  power 
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stead  of  silicon,  two  low  voltage  ICs  can  be  used. 
This  leads  to  a  very  cost  effective  and  simple  solu- 
tion to  the  high  voltage  gate  drive  problem. 

The  UC3727  comparator  circuitry  senses  the  trans- 
mitted duty  cycle  and  decodes  the  ON/OFF  gate 
drive  command.  A  diode  bridge  rectifies  the  carrier 
input  to  provide  power  to  the  IC.  The  output  gate 
drive  signal  is  in  phase  with  the  command,  and  is 
guaranteed  to  be  16V.  Intermediate  high  drive  or 
clamp  levels  can  be  programmed  for  various  peri- 
ods of  time  to  limit  surge  current  at  turn  on,  and 
during  short  term  fault  conditions.  A  bipolar  voltage 
supply  is  also  provided  to  supply  negative  gate 
drive  to  insure  that  the  IGBT  remains  off  in  the 
presence  of  high  common  mode  slew  rates. 

UC3726  DRIVE  TRANSMITTER 

Figure  2  shows  the  block  diagram  for  the  UC3726 
drive  transmitter  IC.  The  major  components  of  the 
circuit  include  two  tri-level  output  drivers  with  zero 
current  sense  detectors  and  control  logic,  a  bias 
voltage  generator  with  undervoltage  lockout,  a  re- 
triggerable  one  shot,  a  TTL  compatible  input  with 
hysteresis,  as  well  as  fault  sense  circuitry  and  con- 
trol logic. 

The  circuit  operates  by  using  a  unique  duty  cycle 
modulation  technique  to  simultaneously  pass 
ON/OFF  command  information  and  power  to  the 
UC3727  isolated  IGBT  high  side  driver.  This  tech- 
nique was  originally  developed  for  the  UC3724/ 
UC3725  high  side  MOSFET  driver  pair.  Application 
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Figure  2.  Drive  Transmitter  IC 


Note  U-127  describes  the  operation  of  that  chip 
pair,  and  many  of  the  concepts  are  similar.  Specific 
differences  primarily  relate  to  waveform  timing. 

CARRIER  FREQUENCY/TIMING/OUTPUT 
DRIVES/INPUT  COMMAND 

By  choosing  a  high  frequency  carrier,  cost  effi- 
ciency can  be  maximized.  The  carrier  frequency 
uses  both  a  one  shot  pulse  width  and  the  pulse 
transformer  reset  time  to  set  the  overall  period. 
The  one  shot  pulse  width  is  set  by  the  timing  resis- 
tor (Rt)  and  capacitor  (Ct).  During  the  one  shot 
pulse  time  Ct,  along  with  its  parallel  parasitic  ca- 
pacitance, is  charged  with  a  constant  current  deter- 
mined by  Rt  and  the  logic  voltage  Vl: 

1)  let  =  VU4RT 

For  this  and  all  other  equations  in  this  applica- 
tions note,  all  resistors  are  in  ohms,  all  capaci- 
tors are  in  farads,  and  time  is  in  seconds.  The 

parasitic  capacitance  of  approximately  50pF  adds 
to  Ct  to  form  the  total  capacitance  Ctot.  This  ca- 
pacitance charges  from  its  initial  value  of  0.22  •  Vl 
until  it  reaches  the  threshold  voltage  of  0.5  •  Vl,  at 
which  time  the  one-shot  pulse  terminates.  Using 
the  current/voltage  relationship  for  a  capacitor  of 
l=C(dv/dt)  yields  the  pulse  width  time: 

2)  Tpw  =  (Ctot  •  (Vl  )(0.5-0.22))/lct  =  (Ctot  • 
0.25VL*  4Rt)/Vl  =  Rt*  Ctot*  1.1 

Notice  that  Vl  does  not  appear  in  the  final  equation 
for  Tpw  ,  and  therefore  the  tolerance  on  Vl  does 
not  affect  the  one  shot  period.  During  the  one  shot 


period  "full"  output  voltage  is  applied  across  the  pri- 
mary of  the  pulse  transformer,  with  one  output  held 
at  VCC-2.0V,  and  the  other  output  held  at  0.3V.  Dur- 
ing this  time,  transformer  magnetizing  current  rises 
linearly  at  a  rate  determined  by  the  transformer  in- 
ductance and  applied  voltage: 

3)  di/dt  =  (VA-VB)/Lpri 

At  the  end  of  the  one  shot  period,  the  control  logic 
reverses  the  polarity  of  the  applied  voltage.  During 
this  time,  one  output  is  held  at  Vcc  •  0.6,  and  the 
other  output  is  held  at  Vcc  +  0.4V.  The  result  is  a 
"half"  voltage  applied  across  the  transformer  pri- 
mary which  is  opposite  in  polarity  to  the  "full"  volt- 
age, and  the  core  is  reset.  The  magnetizing  current 
decreases  at  a  linear  rate  which  is  half  of  the  rising 
rate.  The  outputs  are  held  in  this  state  until  the  cur- 
rent sense  detectors  determine  that  the  current  in 
the  transformer  has  reached  zero.  At  that  point,  the 
one-shot  is  retriggered,  and  the  cycle  repeats. 
Since  the  reset  rate  is  half  the  energizing  rate,  the 
reset  time  is  twice  as  long  as  the  energizing  time. 
The  overall  period  for  the  carrier  frequency  is 
therefore: 

4)  Tcf  =  3  •  Tpw 

Power  is  transferred  to  the  UC3727  only  during  the 
one  shot  period.  During  this  time  the  primary  cur- 
rent is  the  sum  of  the  magnetizing  current  and  the 
load  current.  Since  no  power  is  transferred  during 
the  reset  period,  the  primary  current  is  composed 
of  only  demagnetizing  current  during  this  time.  By 
switching  when  the  current  in  the  primary  reaches 
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zero,  the  UC3726  assures  that  the  core  is  reset, 
and  there  is  no  danger  of  saturation. 

Figure  3  shows  steady  state  waveforms  for  a  con- 
tinuous logic  low  input  command.  At  time  to  the  one 
shot  pulse  begins,  and  the  voltage  across  Ct 
charges  until  it  reaches  the  threshold  at  time  ft. 
The  magnetizing  current  in  the  primary  builds  up 
linearly  during  this  time.  At  ti  the  one  shot  period 
ends,  and  the  primary  current  begins  decreasing. 
At  time  t2  zero  current  is  reached  and  detectors  re- 
trigger  the  one  shot,  initiating  the  next  one  shot  cy- 
cle. The  waveforms  for  Va  and  Vb  reflect  the  half 
and  full  voltage  concepts  described  previously. 

The  downward  slope  on  Vct  is  the  result  of  an  in- 
ternal timing  circuit  which  provides  a  blanking  inter- 
val which  will  not  allow  the  output  drivers  to  switch 
states  while  the  inductor  current  is  decreasing  until 
a  time  period  equal  to  the  energizing  period  has 
expired.  This  protection  feature  is  provided  to  pre- 
vent switching  transients  from  triggering  a  state 
change  on  the  output  drivers  prematurely. 

If  a  continuous  high  input  is  commanded,  the 
waveforms  for  Va  and  Vb  are  interchanged,  and  the 
magnetizing  current  is  inverted.  The  UC3727  deter- 
mines command  information  by  sensing  the  polar- 
ity of  the  full  voltage  at  the  transformer  secondary. 
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Figure  3.  Steady  State  Waveforms 
Continuous  Logic  Low  Input 


This  is  described  in  detail  later  in  this  application 
note. 

When  a  command  transition  occurs,  the  existing 
oscillator  cycle  is  terminated,  and  a  new  cycle  is 
started  by  applying  full  voltage  in  the  opposite  po- 
larity. There  is  no  danger  of  saturating  the  core,  be- 
cause the  current  must  fall  to  zero  before  a  new 
one  shot  trigger  can  occur.  Newly  incorporated  cir- 
cuitry prevents  output  jitter  during  a  command  tran- 
sition by  assuring  equal  propagation  delay  to  the 
output  regardless  of  the  point  in  the  cycle  that  the 
transition  occurs. 

FAULT/FAULT  TIMING/FAULT  RESET 

The  UC3726  contains  special  circuitry  to  prevent 
drive  information  from  being  transmitted  during 
fault  conditions.  The  FAULT  input  to  the  chip  is  de- 
signed to  interface  with  the  UC3727  through  an  op- 
tocoupler.  At  power  up  the  UC3726  FAULT  pin  is 
pulled  high  through  an  external  resistor,  and  the 
fault  logic  is  reset  by  the  UVLO  circuitry. 

Once  its  UVLO  level  is  exceeded,  the  UC3727 
drives  the  FAULT  pin  low,  and  the  fault  logic  is  en- 
abled. After  this  point,  the  UC3727  will  keep  the 
FAULT  pin  low  unless  a  fault  is  indicated.  Special 
fault  detection  circuitry  in  the  UC3727  detects  over- 
current  conditions  (faults)  and  informs  the  UC3726 
through  the  FAULT  signal.  To  be  recognized  as  a 
valid  fault,  the  FAULT  signal  must  remain  high  dur- 
ing the  entire  fault  window.  The  timing  for  this  win- 
dow is  set  by  Cf  and  Rt  and  is  determined  by  the 
following  equation: 

5)  tF=(CF»  Rt)*  2.1 

If  a  valid  fault  is  recognized,  the  fault  latch  is  set, 
and  the  outputs  will  remain  in  the  logic  low  states 
until  the  Freset  signal  (input  to  the  UC3726)  is 
toggled  high.  This  signal  should  be  powered  up 
low,  and  remain  low  until  a  valid  fault  is  recognized. 
Once  the  fault  is  cleared,  the  Freset  signal  should 
be  brought  low  again.  The  minimum  pulse  width  on 
Freset  to  guarantee  a  reset  is  1|j.sec. 

Figure  4  shows  the  waveforms  for  the  FAULT  cir- 
cuitry signals  for  a  valid  fault.  It  should  be  noted 
that  use  of  this  function  requires  a  "smart"  system. 
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Figure  4.  Fault  Circuitry  Signals 
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The  fault  latch  must  be  reset  in  order  for  operation 
to  continue  once  a  valid  fault  is  recognized.  If  the 
optocoupler  used  has  a  high  level  of  output  capaci- 
tance, it  may  be  necessary  to  provide  a  reset  pulse 
to  the  Freset  pin  of  the  UC3726  after  it  has  com- 
pleted its  power  up  sequence.  Since  a  low  to  high 
transition  on  the  FAULT  pin  indicates  a  valid  fault,  a 
slow  rising  waveform  on  this  pin  will  result  in  a  fault 
indication  at  power  up.  If  this  occurs,  the  output 
drive  of  the  UC3726  will  be  latched  off  until  the  re- 
set pulse  is  provided. 

If  this  level  of  complexity  is  not  desired  or  required, 
the  FAULT  input  to  the  UC3726  can  be  perma- 
nently enabled  by  tying  it  low,  allowing  the  UVLO 
circuitry  to  reset  the  fault  latch.  The  UC3727  has 
additional  fault  protection  circuitry  that  will  protect 
the  output  IGBT  independently,  but  the  UC3726  will 
not  be  informed  that  a  fault  has  occurred.  Since  the 
FAULT  input  to  the  UC3726  is  tied  low  through  a 
low  impedance,  the  reset  pulse  after  power  up  is 
not  required  for  this  case. 

SHUTDOWN/UVLO/LOGIC  VOLTAGE  OPERA- 
TION 

The  UC3726  provides  a  shutdown  pin  (SHTDWN) 
which  can  be  used  to  place  the  IC  in  a  low  power 
shutdown  mode.  By  bringing  this  point  high,  the  in- 
ternal reference  is  disabled,  and  supply  current  is 
reduced  to  2.5mA  typical.  Since  the  typical  supply 
current  when  the  chip  is  active  is  20mA,  the  power 
savings  are  substantial.  While  in  shutdown  mode, 
both  the  A  and  B  output  drives  are  held  low 
(ground).  If  an  external  logic  supply  is  used,  it  must 

also  be  disabled  for  the  shutdown  feature  to  work. 

• 

The  UC3726  also  provides  internal  under  voltage 
lockout  (UVLO)  circuitry.  This  feature  will  disable 
the  internal  reference,  and  disable  the  output  driv- 
ers (hold  at  ground),  if  Vcc  is  below  6.5V.  It  should 
be  noted,  however,  that  Vcc  must  be  held  high 
enough  to  satisfy  the  UVLO  feature  of  the  UC3727. 
If  the  pulse  transformer  has  a  turns  ratio  of  1:1, 
Vcc  must  be  held  at  28V  to  guarantee  proper  op- 
eration of  the  UC3727.  This  requirement  is  derived 
from  the  maximum  saturation  drops  of  the 
UC3726,  as  well  as  the  UVLO,  rectifier  drops,  and 
Vcc  specifications  of  the  UC3727.  For  operation 
with  Vcc  less  than  28V,  the  turns  ratio  of  the  trans- 
former must  be  adjusted  to  provide  enough  voltage 
to  the  UC3727.  This  requirement  is  explained  fur- 
ther in  the  output  drive  section  of  this  application 
note,  which  provides  detail  on  pulse  transformer 
selection  and  design. 

The  UC3726  also  brings  out  the  logic  voltage  sup- 
ply to  a  separate  pin.  If  an  external  logic  voltage 
supply  is  used,  Ice  is  reduced  from  22mA  typical  to 
12mA  typical.  Regardless  of  whether  an  external 
logic  supply  is  used  or  not,  this  pin  must  be  by- 


passed to  ground  with  a  high  quality  ceramic  ca- 
pacitor of  at  least  0.1  uF. 

UC3727  ISOLATED  HIGH  SIDE  IGBT  DRIVER 

Figure  5  shows  the  block  diagram  of  the  UC3727 
high  side  IGBT  driver  IC.  The  major  circuit  compo- 
nents include  a  Schottky  diode  rectifier  bridge,  a 
differential  sense  comparator  with  hysteresis,  a 
bias  and  reference  generator  including  undervol- 
tage  lockout  circuitry  and  thermal  shutdown,  a  high 
current  gate  driver  stage  with  a  programmable 
clamp  drive  level,  a  negative  gate  drive  voltage 
supply,  and  fault  detection  and  shutdown  circuitry. 
An  enable  input  is  also  provided  to  allow  for  stand 
alone  operation  with  external  bipolar  voltage  sup- 
plies. 

SIGNAL  AND  POWER  INPUT/NEGATIVE 
POWER  SUPPLY 

As  shown  on  Figure  5,  the  input  stage  to  the 
UC3727  both  rectifies  the  input  signal  to  supply 
power  to  the  IC,  and  demodulates  the  input  signal 
to  determine  the  polarity  of  the  gate  drive  com- 
mand. Because  the  rectifier  bridge  peak  detects 
the  input  signal,  power  is  only  transferred  to  the 
storage  capacitors  during  the  "full"  voltage  portion 
of  the  duty  cycle.  This  operating  mode  prevents  the 
flow  of  any  secondary  current  through  the  pulse 
transformer  during  the  "half"  voltage  portion  of  the 
duty  cycle.  The  primary  current  is  therefore  com- 
posed of  only  demagnetizing  current  during  the  re- 
set or  "half"  voltage  portion  of  the  cycle.  Since  the 
waveform  is  switched  based  on  zero  current  detec- 
tion, the  transformer  core  is  completely  reset  each 
cycle. 

When  "full"  voltage  is  applied,  the  external  storage 
capacitors  are  charged  through  the  rectifier  bridge. 
The  energy  stored  in  these  capacitors  is  used  to 
power  the  UC3727  circuitry,  and  to  provide  instan- 
taneous charge  to  the  IGBT  gate  during  turn  on.  A 
detailed  description  of  proper  capacitor  selection  is 
provided  in  the  decoupling  section  of  this  applica- 
tion note. 

An  internal  "GND"  amplifier  maintains  a  floating 
common  16.5V  below  Vcc.  By  referencing  this 
common  point  to  the  emitter  of  the  IGBT,  the  gate 
voltage  can  be  driven  to  a  negative  voltage  during 
turn  off. 

The  internal  hysteresis  comparator  of  the  UC3727 
senses  the  polarity  of  the  input  command  by  deter- 
mining the  polarity  of  the  "full"  input  voltage.  The 
comparator  threshold  is  only  set  or  reset  if  the  in- 
put voltage  exceeds  0.95  •  (Vcc  -  Vee)  or  0.95  • 
(Vee  -  Vcc).  The  IGBT  gate  is  turned  on  if  the  "full" 
voltage  is  positive  with  respect  to  common,  and 
turned  off  if  the  "full"  voltage  is  negative  with  re- 
spect to  common.  Note  that  this  represents  a  logic 
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inversion  to  account  for  the  logic  inversion  in  the 
UC3726. 

The  UC3727  provides  separate  inputs  for  Vcc, 
PVcc,  Vee,  and  PVee.  By  separating  the  output 
driver  supplies  (PVcc  and  PVee)  from  the  power 
supplies  for  the  rest  of  the  circuitry,  better  noise  im- 
munity can  be  achieved.  The  PVcc  and  PVee  in- 
puts should  be  isolated  from  their  respective  low 
current  supplies  by  3.3fi  and  bypassed  to  the  IGBT 
emitter  with  1  .Ou.F  capacitors  as  shown  on  Figure 
5. 

OUTPUT  DRIVER  STAGE 


The  output  stage  of  the  UC3727  consists  of  a  high 
current,  bipolar  power  amplifier.  The  peak  output 
current  of  4A  provides  the  ability  to  drive  IGBT 
gates  requiring  large  amounts  of  gate  charge.  In 
order  to  provide  a  controlled  or  "soft"  gate  drive 
signal,  the  gate  drive  can  be  programmed  for  a  two 
step  turn  on  waveform.  At  turn  on,  the  drive  ampli- 
fier waveform  will  rise  to  a  user  defined  clamp  level 
for  a  user  defined  time  duration.  The  benefits  and 
uses  of  this  clamp  level  are  explained  in  further  de- 
tail in  the  following  section  of  this  application  note. 
After  the  time  duration  expires,  the  drive  waveform 
will  then  rise  to  its  maximum  level  (approximately 
15V). 

The  common  output  of  the  UC3727  is  designed  to 
be  referenced  to  the  emitter  of  the  IGBT  to  allow 


Figure  5.  UC3727  High  Side  IGBT  Driver  IC 

the  gate  to  be  driven  negative  during  turn  off.  By 
regulating  this  common  point  to  a  fixed  level  below 
Vcc,  the  remaining  differential  supply  voltage  (Vcc 
-  Vee)  -  (Vcc  -  Vcom)  can  be  used  to  generate  the 
negative  bias. 

Under  voltage  lockout  is  also  featured  in  the 
UC3727.  Because  Vcom  is  a  regulated  point  below 
Vcc,  the  differential  input  voltage  Va  -  Vb  must  ex- 
ceed the  maximum  potential  difference  between 
Vcc  and  Vcom,  plus  the  UVLO  level  between 
Vcom  and  Vee,  plus  the  diode  drops  of  the  rectifier 
bridge.  In  equation  form  this  can  be  stated  as: 

Vb  >  Vcc  +  Veeuvlo  +  2Vd 


6)  Va- 

The  differential  input  voltage  is  supplied  by  the 
UC3726  through  the  pulse  transformer  (in  most 
cases).  Consideration  must  be  given  to  Equation  6 
when  selecting  a  supply  voltage  for  the  UC3726, 
and  during  pulse  transformer  selection.  If  worst 
case  specifications  are  considered,  the  differential 
input  voltage  must  be  greater  than  25.3V  to  guar- 
antee proper  operation  of  the  UC3727. 

OUTPUT  CLAMP/SOFT  TURN  ON 

A  common  application  of  IGBTs  involves  driving 
clamped  inductive  loads.  In  this  case,  the  maxi- 
mum allowable  reverse  recovery  current  of  the 
clamp  diode  can  be  a  limiting  factor.  One  way  to 
limit  the  reverse  recovery  current  is  to  provide  a 
soft  turn  on  to  the  IGBT  gate.  Since  the  conduction 
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of  the  IGBT  channel  is  sensitive  to  gate  voltage, 
the  peak  current  through  the  channel  can  be  lim- 
ited by  providing  a  clamp  level  during  turn  on.  Un- 
fortunately, this  will  result  in  greater  switching 
losses.  Considerable  care  must  therefore  be  taken 
when  programming  the  clamp  level  and  time  dura- 
tion. Tradeoffs  must  be  made  at  the  system  design 
level  between  reverse  recovery  current  limitations 
and  switching  losses. 

Referring  to  Figure  5,  the  clamp  level  is  determined 
by  a  resistive  divider  between  Vcc  and  common. 
The  clamp  level  is  approximately  the  voltage  level 
at  the  clamp  input  pin.  As  the  gate  voltage  rises, 
the  gate  drive  signal  is  "caught"  by  the  clamp  cir- 
cuit at  the  clamp  level.  Because  a  significant 
amount  of  charge  is  rerouted  through  the  clamp 
circuit  at  this  point,  the  clamp  pin  must  be  by- 
passed to  common  with  a  high  quality  capacitor  of 
at  least  0.1  uF,  and  the  DC  impedance  of  the  clamp 
network  should  be  limited  to  approximately  10k 
ohms. 

Also  referring  to  Figure  5,  the  clamp  time  is  set  by 
the  RC  network  at  the  TRC  input  to  the  UC3727. 
When  a  command  is  received  to  turn  on  the  gate, 
the  gate  drive  circuit  rises  to  the  clamp  level,  and 
the  voltage  at  TRC  is  discharged  by  an  internal 
current  source.  Once  the  threshold  of  Vcc/4  is 
reached,  an  internal  comparator  trips,  and  full  gate 
voltage  is  applied.  The  clamp  period  is  determined 
by: 

f—.        „        .  f Rtrc-  7600\ 
7)  Tp=  Rtrc* 


Rtrc-  12400 J 
This  RC  network  also  determines  the  blanking  time 
for  the  desaturation  comparator.  The  desaturation 
comparator  is  used  to  detect  fault  conditions  which 
result  in  the  IGBT  coming  out  of  saturation  while 
the  gate  drive  is  high.  Due  to  the  turn  on  delay  of 
the  IGBT,  this  comparator  must  be  ignored  after  a 
command  transition  to  the  on  state  until  the  IGBT 
transitions  into  saturation.  The  blanking  time  re- 
quirement is  derived  from  the  turn  on  and  satura- 
tion characteristics  of  the  IGBT. 


Figure  6.  Gate  Drive  and  TRC  Waveforms 
Positive  Gate  Transition 


Once  the  clamp  time  period  has  expired,  the  output 
driver  increases  the  gate  voltage  to  the  fully  on 
level.  The  voltage  at  TRC  is  then  allowed  to  charge 
back  to  Vcc/2.  The  total  time  it  takes  to  discharge 
and  recharge  the  capacitor  defines  the  blanking 
period  and  is  determined  by: 

8)  Tb  =  Tp  +  0.4  •  RtrcCtrc 

Because  we  have  two  equations  and  two  un- 
knowns, the  clamp  time  and  blanking  time  can  be 
programmed  independently.  Figure  6  illustrates  the 
gate  drive  waveform  and  the  voltage  at  TRC  during 
a  positive  gate  drive  transition. 

FAULT/FAULT TIMING/DESATURATION  AMPLI- 
FIER 

As  described  previously,  IGBTs  offer  several  ad- 
vantages over  power  MOSFETs  due  to  their  supe- 
rior conduction  characteristics.  They  also  exhibit 
several  advantages  over  bipolar  transistors  and 
Darlingtons  such  as  lower  power  dissipation  and 
higher  operating  frequencies.  Unfortunately,  an 
IGBT  that  has  been  optimized  for  superior  conduc- 
tion and  efficiency,  is  generally  vulnerable  to  dam- 
age due  to  short  circuits  or  faults.  Because  of  their 
high  conductivity,  short  circuit  currents  for  IGBTs 
can  be  quite  high,  making  them  susceptible  to 
damage  due  to  excess  power  dissipation. 

When  building  short  circuit  protection  into  an  IGBT 
driver  circuit,  the  response  of  the  protection  circuit 
must  be  fast  enough  to  insure  that  the  device  is 
shut  off  before  damage  to  the  IGBT  or  any  other 
part  of  the  circuit  occurs.  At  the  same  time,  care 
must  be  taken  to  avoid  nuisance  triggering  from 
short  duration  faults  that  do  not  result  in  any  circuit 
damage.  If  the  gate  drive  to  the  IGBT  is  shut  off 
completely  as  soon  as  a  fault  is  detected,  the  result 
may  be  an  intolerable  amount  of  nuisance  shut 
downs.  Therefore,  it  would  be  advantageous  to  pro- 
gram the  allowable  short  circuit  time  as  long  as 
possible. 

If  the  gate  drive  voltage  is  reduced  when  a  fault  is 
detected,  the  short  circuit  current  can  be  reduced, 
and  therefore  the  short  circuit  time  can  be 
stretched.  However,  reducing  the  gate  voltage  also 
increases  the  saturation  voltage  of  the  IGBT,  which 
is  undesirable  for  normal  conduction.  Therefore,  the 
ideal  short  circuit  protection  technique  will  reduce 
the  gate  voltage  only  when  a  fault  condition  is  de- 
tected, and  keep  the  gate  voltage  at  the  reduced 
level  for  as  long  as  possible,  before  shutting  down 
the  IGBT  completely.  In  order  for  this  technique  to 
work  effectively,  the  maximum  short  circuit  time  as 
a  function  of  gate  voltage  must  be  known. 

Referring  again  to  Figure  5,  the  UC3727  provides  a 
desaturation  comparator  designed  to  detect  short 
circuit  or  fault  conditions,  and  provide  both  short 
term  and  long  term  protection  for  the  IGBT.  The 
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Dsat+  input  to  the  comparator  is  biased  off  to  a  DC 
level  which  is  higher  than  the  maximum  saturation 
level  of  the  IGBT  plus  one  diode  drop.  During  nor- 
mal operation,  the  Dsat-  input  will  be  pulled  down 
to  the  saturation  voltage  of  the  IGBT  plus  one  di- 
ode drop.  The  blanking  period  discussed  previously 
protects  against  false  trips  of  the  desaturation  com- 
parator while  the  IGBT  is  turning  on. 

If  a  fault  occurs  outside  of  the  blanking  interval,  the 
gate  drive  will  be  reduced  to  the  clamp  level  for  a 
time  period  determined  by  the  RC  network  at  the 
FRC  pin  of  the  UC3727.  The  time  period  can  be 
calculated  by  the  following  equation: 

9)  77  =  Rfrc  •  Cfrc  •  ln((R  -  7600)/(R  -  12400)) 

As  soon  as  the  fault  is  detected  the  FRPLY  output 
of  the  UC3727  will  go  high.  If  the  UC3726  is  config- 
ured to  accept  this  signal  as  an  input,  through  an 
optocoupler  or  level  shift  network,  its  own  fault  tim- 
ing circuitry  will  be  activated. 

If  the  desaturation  event  ends  before  the  fault  time 
has  expired,  the  gate  drive  will  be  driven  back  to  its 
maximum  level,  and  FRPLY  will  go  back  low.  In  or- 
der to  insure  that  the  desaturation  amplifier  can  ac- 
curately determine  that  a  fault  condition  no  longer 
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exists,  the  Dsat-  input  level  must  be  biased  higher 
than  the  desaturation  level  of  the  IGBT  with  the  re- 
duced gate  drive,  plus  a  diode  drop. 

If  the  desaturation  event  does  not  end  within  the 
fault  time,  the  output  gate  drive  will  be  driven  com- 
pletely off,  and  the  chip  will  not  accept  a  command 
to  drive  the  gate  high  until  a  delay  period  has  ex- 
pired. The  equation  for  the  delay  period  is  deter- 
mined by  the  same  RC  network  as  the  fault  time: 

10)  Td  =  0.4  •  Rfrc  •  Cfrc 

Again,  since  there  are  two  equations  and  two  un- 
knowns, the  fault  time  and  delay  time  can  be  pro- 
grammed independently.  FRPLY  will  remain  high 
for  the  entire  delay  period.  If  the  UC3726  is  config- 
ured to  accept  FRPLY  as  an  input,  it  will  have  the 
ability  to  prevent  any  command  to  turn  on  the  gate 
from  being  transmitted  until  its  fault  latch  has  been 
reset.  Figure  7  shows  the  waveforms  for  fault  sig- 
nals for  both  transient  and  long  term  faults. 

ENABLE  INPUT/STAND  ALONE  OPERATION 

The  UC3727  provides  an  active  low  enable  input 
for  stand  alone  operation.  This  input  is  useful  for 
operating  the  chip  as  a  high  side  driver  with  iso- 
lated power  supplies.  The  enable  input  can  also  be 
used  to  control  the  chip  for  low  side  driver  applica- 
tions if  external  power  supplies  are  available.  If  the 
UC3727  is  not  used  in  stand  alone  mode,  i.e.  it  is 
driven  by  the  UC3726,  the  enable  input  should  be 
tied  to  common. 


If  ENBL  is  used  as  a  command  input,  the  B  input 
should  be  tied  to  Vcc,  and  the  A  input  should  be 
tied  to  Vee.  Note  the  polarity  change  described  pre- 
viously. The  output  gate  drive  will  be  driven  high 
when  ENBL  is  held  at  the  same  potential  as  com- 
mon,  and  the  gate  drive  will  held  low  when  ENBL  is 
tied  to  Vcc.  For  low  side  driver  applications  ENBL 
can  be  controlled  by  a  discrete  transistor  operating 
off  of  conventional  logic.  For  high  side  driver  appli- 
cations, ENBL  must  be  controlled  by  an  optocou- 
pler, or  a  discrete  transistor  operating  off  as  a  level 
shift  network.  Because  the  optocoupler  or  discrete 
transistor  will  function  as  an  inverter  in  this  case, 
the  result  will  be  positive  logic  to  the  output.  There- 
fore, turning  on  the  optocoupler  or  transistor  will 
turn  on  the  IGBT.  Figure  8  shows  a  circuit  diagram 
for  using  the  ENBL  input  as  a  command  input. 

If  external  power  supplies  as  used  for  grounded 
emitter  low  side  operation,  common  should  never 
be  connected  to  system  ground.  This  point  is  not 
designed  to  sink  the  large  amounts  of  current  flow- 
ing out  of  the  emitter  of  the  IGBT.  Both  the  positive 
and  negative  supplies  should  by  bypassed  to  com- 
mon with  capacitors,  and  the  common  output 
should  be  DC  isolated  from  ground. 


Figure  7.  Fault  Signal  Waveforms 
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Figure  8.  ENBL  Used  as  Command  Input 

PRACTICAL  DESIGN  CONSIDERATIONS/EXAM- 
PLE CIRCUIT 

Figure  9  depicts  a  typical  high  side  IGBT  driver  cir- 
cuit. All  of  the  features  of  the  IC  driver  pair  are  util- 
ized to  provide  maximum  circuit  protection  and 
flexibility.  This  configuration  might  be  used  as  a 
high  side  switch  for  a  power  supply,  or  it  might  form 
part  of  an  H-bridge  configuration  for  a  motor  driver. 
A  resistive  load  is  assumed  in  order  to  illustrate  the 
high  switching  speeds  of  the  driver  pair.  Real  sys- 
tems would  likely  require  driving  clamped  inductive 
loads,  and  switching  speed  would  be  purposely 
slowed  to  protect  external  components  such  as 


clamp  diodes.  Component  values  for  the  support 
circuitry  are  chosen  based  on  the  specific  require- 
ments of  the  system.  What  follows  is  a  step  by  step 
design  procedure  for  a  typical  circuit. 

PULSE  TRANSFORMER  DESIGN  CONSIDERA- 
TIONS 

Application  note  U-127  provides  a  detailed  expla- 
nation of  recommended  transformer  design  criteria 
for  the  UC3724/UC3725  chip  pair.  Since  the  trans- 
former design  procedure  is  similar  for  the 
UC3726/UC3727  chip  pair,  the  theory  is  not  re- 
peated in  this  application  note.  However,  a  trans- 
former has  been  designed  by  Coilcraft  (Q3868-A) 
specifically  for  use  with  the  UC3726/UC3727  pair. 
This  transformer  has  been  optimized  for  operation 
at  400kHz,  resulting  in  small  size  and  low  cost. 
Since  the  maximum  switching  frequency  for  the 
IGBT  is  1/4  of  the  transformer  frequency,  the  re- 
sulting 100kHz  maximum  IGBT  frequency  is  near 
the  typical  maximum  operating  range  of  power 
IGBTs.  The  following  calculations  provide  a  brief 
overview  of  the  design  of  the  Q3868-A  transformer: 

Assuming  a  Vc  of  30V  for  the  UC3726  and  typi- 
cal total  saturation  drops  of  2.3V  for  the  output 
drivers,  the  resulting  voltage  across  the  trans- 
former winding  will  be  27.7V.  Ignoring  propaga- 
tion delay,  and  choosing  a  peak  magnetizing 
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Figure  9.  Typical  High  Side  Driver  Circuit 
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The  833ns  represents  1/3  of  the  period  of  the 
400kHz  carrier,  which  is  the  pulse  width  time  as 
defined  by  Equation  4  of  this  document: 

1 2)  Tpw  =  1/(3  •  400kHz)  =  833ns 

Using  Equation  8  of  U-127,  and  an  initial  value 
of  Al  =  2000mH/1000  turns,  an  estimated 
number  of  turns  is  calculated: 

13)  NTURNS  =  ((659^1  H  •  1(f)/2000)1/2  =  18 
turns 

From  Equation  8  of  U-127: 

14)  Ae  =  ((27.7V)(833nsJ(104)/((18  turns) 
(0.05T))  =  0.256  cm2 

A  Magnetics  core,  P-41206-TC  was  chosen 
with  the  following  specifications: 

AL  =  2820mH/1000  turns 

Ae  =  0.221  cm2 

Ve  =  0.554  cm3 

Recalculating  the  number  of  turns  yields: 

15)  NTURNS  =  ((659nH)(109)/2820)1/2  =  15.3 

turns,  use  15  turns 

The  flux  density  of  the  transformer  design  is 
then  checked  using  Equation  8  of  U-127: 

16)  delta  B  =  U27.7V)(833ns)(104)/((15  turns) 
(0.221  cn?)  =  0.069T 

To  determine  the  core  loss  due  to  the  magnetiz- 
ing current,  the  core  loss  vs.  flux  density  curve 
for  the  core  is  consulted: 

At  400kHz  and  0.069T,  PL  =  400mW/cm3 

Therefore,  the  core  loss  can  be  calculated  as: 

17)  PCL  =  (400mW/cm3)(0.554  cm3)  =  222mW 

The  transformer  is  wound  with  AWG  #30  KY- 
NAR  wire.  In  order  to  minimize  leakage  induc- 
tance, the  primary  and  secondary  windings  are 
wound  bifilar.  The  maximum  DC  resistance  of 
the  primary  winding  is  0.130  ohms,  and  there- 
fore resistive  losses  due  to  magnetizing  current 
are  minimal.  There  will  be  additional  resistive 
losses  due  to  bias  current  for  the  UC3727  and 
gate  drive  current  for  the  IGBT.  For  IGBTs  with 
large  gate  charge  requirements,  these  losses 
may  become  significant,  and  the  transformer 
design  must  be  adjusted  accordingly. 

In  some  cases  it  may  be  necessary  to  add  a 
damping  resistor  across  the  transformer  secon- 
dary to  minimize  ringing  and  eliminate  false  trig- 
gering of  the  hysteresis  comparator. 
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available  than  capacitors,  we  choose  Ct  = 
100pf.  We  then  use  Equation  2  and  a  one  shot 
pulse  width  of  833ns  to  determine  Rt  : 

18)  Rt  =  (833ns)/((100pF  +  50pF)  .  1.1)  =  5. 1k 

Referring  to  Figure  9,  this  results  in  R2  =  5.1k 
and  C1=  100pF. 

OUTPUT  DRIVE  CONSIDERATIONS/CLAMP 
LEVEL  AND  BLANKING  TIME 

In  order  to  design  the  gate  drive  portion  of  the 
IGBT  driver  circuit,  several  criteria  must  be  consid- 
ered to  balance  what  sometimes  are  conflicting  re- 
quirements. The  ideal  situation  would  involve 
switching  the  IGBT  as  fast  as  possible  to  minimize 
switching  losses.  However,  there  will  be  cases 
when  it  is  desirable  to  reduce  the  switching  speed 
of  the  IGBT.  An  example  case  would  be  slowing 
down  the  turn  on  time  to  limit  the  reverse  recovery 
current  into  the  free  wheel  diode  when  driving  a 
clamped  inductive  load.  Another  example  might  be 
reducing  the  turn  on  time  in  a  half  bridge  configura- 
tion to  prevent  cross  conduction. 

In  order  to  evaluate  the  drive  requirements  of  the 
IGBT,  the  gate  charge  characteristics  of  the  device 
are  used.  However,  evaluating  the  gate  charge 
does  not  lead  to  a  good  prediction  of  switching 
times  as  it  does  with  power  MOSFETs.  The  reason 
for  this  is  the  fact  that  IGBTs  are  minority  carrier 
devices.  This  characteristics  leads  to  slower  switch- 
ing times  than  power  MOSFETs  due  to  base 
charge  storage.  The  turn  off  time  is  much  slower 
than  the  turn  on  time,  and  is  characterized  by  a 
"tail"  in  the  current  waveform.  To  predict  switching 
times  of  IGBTs,  the  manufacturers  data  sheets 
must  be  consulted  for  turn  on  delay  (td  on),  rise 
time  (tr),  turn  off  delay  (td  off),  and  fall  time  tf. 

The  drive  circuitry  should  be  designed  so  that  addi- 
tional delay  is  not  introduced  due  to  gate  charge 
requirements.  In  the  example  shown  in  Figure  9,  an 
APT50GL60BN  IGBT  is  used  (500V,  60A).  The  key 
timing  specifications  of  this  device  are  as  follows: 

Total  Gate  Charge  (Qg)  =  1 10nC 

Turn  On  Delay  (td  on)  =  15ns 

Rise  Time  (tr)  =  50ns 

Turn  Off  Delay  (td)  =  55ns 

Fall  Time  (tf)  =  350ns 

The  UC3727  output  stage  is  a  4A  peak  driver.  The 
time  required  to  charge  the  gate  is  therefore: 

19)  TCH  =  110nC/4A  =  27.5ns 
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Since  this  time  is  about  half  of  the  sum  of  the  turn 
on  delay  time  and  the  rise  time,  significantly  reduc- 
ing the  drive  current  will  slow  down  the  turn  on  time 
of  the  device.  However  the  fall  time  of  the  IGBT  is 
much  longer  (350ns),  and  therefore  gate  drive  cur- 
rent does  not  significantly  affect  the  turn  off  time. 

For  the  example  circuit  it  is  assumed  that  the  fast- 
est switching  speed  possible  is  desired.  However, 
since  the  UC3727  is  rated  for  4A  peak  drive  cur- 
rent, a  gate  resistor  is  used  to  limit  the  peak  cur- 
rent. Taking  into  account  rectifier  and  saturation 
drops,  the  maximum  swing  of  the  gate  voltage  is 
20.5  volts.  The  gate  resistor  is  therefore  chosen  by: 

20)  R9  =  21.5V/4A  =  5.1ohm,  use  5.6ohm 

For  circuits  like  half  bridge  amplifiers  where  cross 
conduction  is  a  concern,  a  diode  can  be  used  with 
dual  gate  resistors  to  provide  a  higher  gate  imped- 
ance for  turn  on  than  for  turn  off,  to  provide  cross 
conduction  protection.  An  example  of  this  tech- 
nique is  shown  in  the  design  example  section  of 
this  application  note. 

For  circuits  where  the  collector  of  the  IGBT  is  sub- 
jected to  high  dv/dt,  the  gate  resistor  must  be  suffi- 
ciently small  to  prevent  unwanted  gate  turn  on  due 
to  voltage  drop  across  the  gate  resistor  when  cur- 
rent flows  through  the  Miller  capacitance  in  the 
presence  of  the  high  dv/dt.  For  high  current  IGBTs, 
emitter  inductance  can  also  cause  transient  turn  on 
in  the  presence  of  high  di/dt,  by  pulling  the  emitter 
node  negative.  These  problems  are  partially  miti- 
gated by  the  negative  gate  bias  of  the  gate  drive  in 
the  off  state,  but  the  designer  must  be  aware  of  the 
additional  limitations  in  gate  resistor  selection  if 
large  values  of  gate  resistors  are  desired. 

For  large  IGBTs  the  power  rating  of  the  gate  resis- 
tor must  also  be  considered.  In  order  to  determine 
the  average  power  dissipated  by  the  gate  resistor, 
energy  supplied  to  the  capacitor  is  determined  by: 

21)  E  =  (2)(1/2)  •  CGATE  •  V  2  =  (QGATE  A/)  . 
V  2  =  Qgate  •  V 

The  factor  of  2  comes  from  the  fact  that  the  gate 
must  be  both  charged  and  discharged  by  the  gate 
drive  circuit.  Each  time  the  gate  is  charged  or  dis- 
charged, the  gate  drive  circuit  will  dissipate  an 
amount  of  energy  which  is  equal  to  the  amount  of 
energy  supplied  to  the  gate.  If  we  assume  that  the 
gate  drive  signal  is  running  at  15kHz,  the  average 
power  dissipated  in  the  gate  drive  circuit  is: 

22)  Pavg  =  E/T  =  (Qgate •  V)/T  =  Qgate *V*F 
=  (110nC)(20.5V)(15kHz)  =  34mW 

Obviously  for  this  example  power  dissipation  in  the 
gate  drive  circuit  is  not  a  problem.  However,  for 
IGBTs  with  higher  gate  charge  requirements,  and 
higher  operating  frequencies,  the  power  dissipa- 
tion can  become  significant,  and  must  be  taken  into 


consideration.  To  select  the  power  rating  of  the 
gate  resistor,  assuming  that  all  of  the  power  in  the 
gate  drive  circuit  is  dissipated  in  the  gate  drive  re- 
sistor will  lead  to  a  conservative  gate  resistor  rat- 
ing. If  a  power  resistor  is  required,  it  should  have 
low  inductance.  A  wirewound  resistor  is  not  recom- 
mended for  this  application,  but  if  one  is  used,  it 
must  be  noninductively  wound. 

The  output  of  the  UC3727  should  be  protected 
against  adverse  affects  due  to  voltage  overshoot 
on  the  gate  drive  signal  by  clamping  the  output  cir- 
cuit to  both  Vcc  and  Vee  with  Schottky  diodes. 
This  is  done  in  the  circuit  shown  in  Figure  9  with  a 
UC3612  dual  Schottky  diode.  For  a  detailed  expla- 
nation of  this  problem  see  Unitrode  Application 
Note  U-111. 

Once  the  gate  drive  resistor  has  been  selected,  the 
clamp  level,  clamp  time,  and  desaturation  amplifier 
blanking  time  must  be  selected.  Choosing  the 
clamp  level  involves  a  trade  off  between  the  soft 
turn  on  requirements  and  the  short  circuit  charac- 
teristics of  the  IGBT.  Basically  the  soft  turn  on  re- 
quirements are  derived  from  the  reverse  recovery 
characteristics  of  the  free  wheel  diode  if  the  IGBT 
is  driving  a  clamped  inductive  load.  Since  the  con- 
ductivity of  the  IGBT  is  reduced  for  lower  gate  volt- 
age, the  maximum  current  that  the  free  wheel 
diode  sees  during  reverse  recovery  can  be  control- 
led. 

Since  this  example  assumes  a  resistive  load,  the 
short  circuit  characteristics  of  the  IGBT  will  deter- 
mine the  clamp  requirements.  Unfortunately,  the 
short  circuit  characteristics  are  not  always  well 
known.  Considerable  effort  must  expended  to  test 
the  device  and  determine  a  safe  clamp  level  and 
clamp  time.  Test  data  has  suggested  that  for  the 
IGBT  used  in  this  example,  a  reduction  in  gate  volt- 
age to  10V  will  allow  for  a  maximum  short  circuit 
time  of  about  40ns  with  a  Vdd  of  200V.  With  full 
15V  gate  drive,  the  short  circuit  time  would  be  5us 
worst  case.  However,  a  secondary  requirement  of 
the  clamp  circuitry  is  that  the  protection  circuitry 
must  be  able  to  recognize  that  the  device  is  back  in 
saturation  if  the  fault  goes  away  during  the  allow- 
able fault  period.  For  a  gate  drive  voltage  of  8V,  the 
APT50GL60BN  will  remain  in  saturation  at  the 
peak  normal  current  load  of  20A.  Therefore  8V  is 
chosen  as  a  conservative  number  for  the  clamp 
level. 

Once  the  clamp  level  is  known,  the  only  other  con- 
straint is  that  the  DC  impedance  must  be  limited  to 
approximately  10k  ohms.  With  that  in  mind,  refer- 
ring to  Figure  9  we  have: 

23)  (16.5V)(R14/(R6  +  R14  ))  =  8V 

24)  R6  +  R14=  10k 
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A  solution  of  R6  =  R14  =  5.1k  will  satisfy  the  de- 
sign requirements.  The  clamp  input  is  also  by- 
passed to  common  with  0.1  u.F  as  discussed  in  the 
output  clamp  section  of  this  application  note. 

As  previously  detailed,  the  clamp  time  on  the  rising 
edge  of  the  gate  drive  waveform  is  only  important 
when  driving  clamped  inductive  loads.  For  pur- 
poses of  this  example,  this  time  is  arbitrarily  cho- 
sen as  0.5u,s.  The  blanking  time  for  the 
desaturation  amplifier  is  limited  by  the  maximum  al- 
lowable short  circuit  time  under  full  gate  drive  volt- 
age. This  requirement  stems  from  the  fact  that  if  a 
fault  is  present  before  the  IGBT  is  commanded  on, 
the  UC3727  has  no  way  of  determining  that  the 
fault  is  present.  Therefore,  the  IGBT  will  drive  into 
the  short  circuit  at  full  gate  voltage  for  the  duration 
of  the  blanking  time.  Since  the  maximum  allowable 
short  circuit  time  under  these  conditions  is  5us,  the 
blanking  time  should  be  less,  and  4us  was  se- 
lected. Equations  7  and  8  can  be  solved  simulta- 
neously to  obtain  C12  =  100pF,  and  R7  =  91k. 

DESIGN  CONSIDERATIONS  FOR  THE  FAULT 
CIRCUITRY 

To  program  the  fault  circuitry,  the  short  circuit  char- 
acteristics of  the  IGBT  are  again  used.  The  first 
consideration  is  the  threshold  of  the  desaturation 
comparator,  which  is  programmed  at  the  inverting 
input.  For  fast  response,  this  trigger  amplitude 
should  be  as  low  as  possible.  However,  it  must  also 
be  high  enough  to  allow  the  comparator  to  recog- 
nize if  a  fault  has  gone  away  during  the  fault  win- 
dow. As  detailed  in  the  previous  section,  the  IGBT 
will  be  operating  under  reduced  gate  voltage  at  that 
time. 

The  data  sheets  for  the  APT50GL60BN  indicate 
that  for  a  gate  voltage  of  8V,  and  collector  current 
of  20A,  the  collector  to  emitter  saturation  voltage  is 
2V.  Allowing  for  1V  of  margin,  plus  a  maximum  di- 
ode drop  of  1V,  the  Dsat-  input  is  selected  as  4V. 
The  level  is  programmed  by  the  voltage  divider 
formed  by  R12  and  R13,  assuming  the  minimum 
level  for  Vcc  of  15.5V.  This  leads  to  R12  =  18k  and 
R13  =  51k. 

The  diode  used  in  the  fault  circuit  must  be  chosen 
for  fast  reverse  recovery,  low  capacitance,  and  high 
breakdown  voltage  rating.  The  reverse  recovery 
time  should  be  at  least  an  order  of  magnitude 
faster  than  the  short  circuit  time  rating  of  the 
IGBT.  The  capacitance  should  be  low  enough  to 
prevent  high  currents  from  flowing  into  the  Dsat-  in- 
put in  the  presence  of  high  dv/dt.  Finally,  the 
breakdown  voltage  rating  must  obviously  be 
greater  than  the  maximum  IGBT  collector  voltage. 

If  the  IGBT  collector  voltage  is  relatively  low,  the  di- 
ode can  be  replaced  with  a  high  value  resistor.  This 
solution  has  the  advantages  of  low  capacitance 


and  no  reverse  recovery  problems.  However,  ex- 
treme care  must  be  exercised  to  insure  that  the  re- 
sistor is  large  enough  to  prevent  the  DSAT+  from 
overvoltage  conditions  formed  by  the  resistive  di- 
vider when  the  IGBT  is  off. 

Another  alternative  for  low  power  applications  is  to 
use  a  more  conventional  current  sense  resistor  at 
the  emitter  of  the  IGBT.  The  Dsat+  input  can  be  tied 
to  the  high  side  of  the  sense  resistor,  and  the  Dsat- 
input  can  be  biased  to  some  trip  point  proportional 
to  emitter  current.  This  allows  for  more  precise  con- 
trol of  the  maximum  current  through  the  IGBT.  Usu- 
ally the  voltage  drop  and  power  dissipation  of  the 
sense  resistor  are  two  high  to  make  this  a  practical 
solution  though.  An  example  of  this  technique  is 
shown  in  the  examples  section  of  this  application 
note. 

R10  is  chosen  to  provide  adequate  bias  current  to 
the  diode  to  insure  that  it  is  in  the  on  state  when 
the  IGBT  is  in  saturation.  R11  provides  isolation 
between  the  diode  and  the  DSAT+  input.  Its  selec- 
tion is  fairly  arbitrary,  but  the  reverse  recovery  and 
capacitance  characteristics  of  the  diode  must  be 
considered  to  insure  that  excess  current  is  not  in- 
jected into  the  DSAT+  input  during  switching  transi- 
tions. 

The  next  consideration  is  the  selection  of  the  time 
the  gate  will  be  held  at  the  clamp  level  in  the  pres- 
ence of  a  fault,  referred  to  as  the  fault  window. 
Since  the  allowable  short  circuit  time  with  a  gate 
drive  of  10V  is  40(is,  the  fault  window  is  selected 
as  10|j.s  to  allow  for  plenty  of  margin.  The  selection 
of  the  delay  period  should  take  into  account  the 
relative  slow  speed  of  optocouplers,  and  the  timing 
requirements  on  the  Freset  signal  that  must  be 
provided  to  the  UC3726.  The  blanking  period  is 
chosen  as  100us  for  this  example.  Using  equations 
9  and  10  this  leads  to: 

25)  rOus  =  (R8)(C13)  .  ln((R8  -  7600)/(R8  - 
12400) 

26)  100\is  =  0.4  •  (R8)(C13) 

These  equations  do  not  yield  standard  values 
when  solved  simultaneously.  A  close  solution  is 
C13  =  2200pF  and  R8  =  91k.  This  results  in  a  fault 
window  of  1 1 .8(is  and  a  blanking  period  of  80|is. 

The  only  remaining  programmable  option  selection 
is  the  fault  window  timing  for  the  UC3726.  This 
time  duration  must  be  long  enough  to  allow  for  the 
slow  speed  of  the  optocoupler.  For  this  example, 
the  optocoupler  (CNY17)  has  a  typical  switching 
time  of  10ns.  Choosing  C3  =  2200pF  and  solving 
Equation  5  results  in  a  fault  window  of  23usec. 

FILTER/DECOUPLING  CAPACITOR  CONSID- 
ERATIONS 
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Proper  bypass  capacitor  selection  is  essential  to  in- 
sure proper  operation  of  the  UC3726/UC3727  chip 
pair.  The  UC3726  does  not  have  the  high  peak  cur- 
rent requirements  that  the  UC3727  does  and  there- 
fore a  high  quality  ceramic  capacitor  of  about  1|iF 
is  usually  sufficient.  This  capacitor  must  be  located 
as  close  to  the  Vcc  and  GND  pins  of  the  chip  as 
possible. 

The  UC3727  on  the  other  hand  must  supply  high 
peak  currents  during  the  charging  and  discharging 
of  the  IGBT  gate.  While  all  of  the  average  current 
for  the  gate  drive  is  ultimately  supplied  by  the 
UC3726  through  the  pulse  transformer,  circuit  in- 
ductances force  most  of  the  instantaneous  peak 
current  to  come  from  the  bypass  capacitors.  If  in- 
sufficient bypassing  is  used,  the  ripple  voltage  at 
the  UC3727  can  be  large  enough  to  trip  the  under 
voltage  lockout  circuitry. 

In  order  to  determine  the  maximum  allowable  ripple 
voltage,  Equation  6  is  used.  The  margin  allowed  in 
Equation  6  becomes  the  maximum  ripple  voltage. 
Since  the  ripple  voltage  results  from  charging  the 
IGBT  gate,  the  equation  leads  to  the  bypass  re- 
quirements for  PVcc  and  PVee: 

27)  Vripple  =  (VA  -  VB)  -  (VCC  +  VEEUVLO  +  2VD  ) 

The  ripple  voltage  will  be  composed  of  a  gate 
charge  component  and  an  ESR  component.  The 
gate  charge  component  results  from  the  voltage 
drop  of  the  bypass  capacitor  due  to  gate  charge  re- 
quirements. The  resulting  voltage  drop  of  the  de- 
coupling capacitor  due  to  gate  charge 
requirements  is  expressed  as  follows: 

28)  dVCHARGE  =  QG/CBYPASS 

The  ripple  component  due  to  ESR  loss  is  directly 
proportional  to  the  peak  gate  current.    It  is  ex- 

3: 


29)  dVESR  =  IPEAK  •  ESR 

In  Equation  29,  ESR  represents  the  equivalent  se- 
ries resistance  of  the  bypass  capacitor.  The  sum  of 
the  voltage  drops  represented  by  Equations  28  and 
29  must  not  exceed  the  maximum  ripple  voltage. 

For  the  example  shown  in  Figure  9,  Equation  27 
yields  a  maximum  ripple  voltage  of  1.6V.  The  peak 
gate  current  is  limited  to  4A,  and  therefore  we  can 
calculate  the  maximum  allowable  ESR  from  Equa- 
tion 9.  If  we  use  a  maximum  allowable  ESR  loss  of 
0.5V  we  have: 

30)  ESR  =  0.5V/4A  =  0. 125  ohm  (max) 

Allowing  0.5V  for  the  charge  component  of  the  rip- 
ple voltage  sets  the  minimum  value  of  bypass  ca- 
pacitance: 

31)  Cbypass  =  110nC/0.5V=  0.22\lF  (min) 

For  this  circuit  a  single  1uF  capacitor  on  both  the 


PVcc  and  PVee  pins  of  the  UC3727  is  sufficient. 
For  larger  values  of  gate  charge  the  solution  would 
involve  a  small  ceramic  capacitor  for  low  ESR  and 
a  larger  electrolytic  capacitor  in  parallel  to  supply 
gate  charge.  To  be  conservative,  a  10uF  electrolytic 
capacitor  is  added  between  PVcc  and  PVee.  The 
Vcc  and  Vee  pins  are  also  bypassed  as  described 
earlier  in  this  application  note  and  resistive  isola- 
tion is  provided  between  the  high  power  and  low 
power  voltage  supplies.  R18  is  added  to  balance 
the  supply  currents  to  ensure  active  start  up  in  the 
presence  of  slowly  rising  supply  voltages.  These 
equations  only  describe  the  minimum  bypass  re- 
quirements. If  the  system  is  particularly  noisy,  sig- 
nificantly more  bypass  capacitance  may  be 
required. 

TEST  CIRCUIT  RESULTS 

The  example  circuit  was  built  and  tested  to  verify 
operation,  with  the  results  shown  in  Figure  10.  The 
waveforms  for  Ve  and  Ie  are  shown.  Notice  the 
characteristic  "tail"  in  the  turn  off  waveforms  for 
both  current  and  voltage.  The  tail  results  from  the 
fact  that  IGBTs  are  minority  carrier  devices,  and 
therefore  have  stored  charge.  At  the  beginning  of 
turn  off,  the  collector  to  emitter  current  decreases 
rapidly  to  the  level  of  the  hole  recombination  cur- 
rent for  the  device.  At  this  point  di/dt  decreases, 
and  the  voltage  and  current  waveforms  tail  off  at  a 
much  slower  rate.  The  reason  for  the  bump  in  the 
voltage  waveform  is  that  as  di/dt  decreases,  induc- 
tive voltage  drops  also  decrease,  and  therefore 
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Figure  10.  Test  Circuit  Waveforms  (Vpd  =  375V) 
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more  voltage  is  dropped  across  the  IGBT  at  the 
start  of  the  tail. 

Figure  11  shows  waveforms  for  the  same  circuit 
when  tested  with  Vdd  =  375V.  Notice  the  slower 
switching  times  due  to  the  higher  output  voltage 
and  current. 

DESIGN  EXAMPLES/APPLICATIONS 
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Figure  1 1 .  Test  Circuit  Waveforms  (Vpd  =  375V) 

The  example  circuit  described  earlier  in  this  appli- 
cation note  provides  a  good  baseline  for  calculating 
component  values  for  the  required  support  circuitry 
for  the  IGBT  driver  pair.  Many  other  circuit  topolo- 
gies can  be  used  with  this  chip  set,  and  the  same 
general  rules  apply  as  for  the  example  circuit.  The 
individual  system  designer  must  evaluate  the  par- 
ticular requirements,  and  make  component  selec- 
tions accordingly.  This  section  illustrates  some 
general  circuit  topologies  which  may  be  encoun- 
tered by  a  typical  system  designer. 

SENSING  FAULTS  WITH  A  CURRENT  SENSE 
RESISTOR 

Figure  12  shows  a  way  of  detecting  faults  with  a 
current  sense  resistor.  The  desaturation  compara- 
tor is  used  to  detect  over  current  conditions.  Using 
a  resistor  divider  network  from  Vcc  allows  the  trip 
level  to  be  set  at  the  Dsat-  input  to  the  comparator. 
Current  is  sensed  at  the  emitter  of  the  IGBT,  with 
the  filtered  voltage  across  the  current  sense  resis- 
tor fed  into  the  Dsat+  input.  This  approach  has  an 


advantage  for  low  power  applications  because 
there  is  no  diode  in  the  protection  circuit  and  there- 
fore no  reverse  recovery  problems  to  worry  about. 
Also  with  this  technique,  more  precise  control  of 
the  current  limit  is  possible.  A  drawback  to  this  ap- 
proach is  that  the  filter  time  constant  required  may 
be  too  long  for  IGBTs  that  can  not  tolerate  fault 
conditions  for  very  long.  Also,  for  high  power  appli- 
cations the  power  requirement  for  the  sense  resis- 
tor may  be  impractical. 

HALF  BRIDGE  OUTPUT  CIRCUIT 
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Figure  12.  Detecting  Faults  with  Current 
Sense  Resistor 


Figure  13  shows  a  half  bridge  output  circuit  with  a 
dual  secondary  transformer.  The  low  side  of  the 
bridge  is  driven  by  a  UC3727  with  its  polarity  re- 
versed from  the  upper  side  driver.  Cross  conduc- 
tion is  controlled  by  providing  dual  gate  resistors  for 
both  upper  and  lower  IGBTs.  Carefully  selecting 
RG1  and  RG2  can  provide  fast  turn-off  and  slow 
turn-on.  If  more  accurate  dead  time  between  on 
commands  for  upper  and  lower  IGBTs  is  required, 
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Figure  13.  Half  Bridge  Output  Circuit 
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Figure  14.  Dual  High  Side  Driver  Circuit 


the  ENBL  inputs  can  be  used.  Using  an  optocou- 
pler  or  level  shift  network,  the  ENBL  input  can  be 
controlled  separately  to  assure  that  cross  conduc- 
tion is  prevented. 

MULTIPLE  ISOLATED  DRIVER  CIRCUIT 

Figure  14  shows  a  dual  isolated  driver  circuit  topol- 
ogy. By  using  a  multiple  secondary  winding  trans- 
former, several  IGBTs  can  be  driven 
simultaneously.  Isolation,  command  signal,  and 
power  are  provided  to  each  IGBT  by  the  single 
transformer.  Obviously  power  dissipation  in  the 
UC3726  is  a  consideration,  and  ultimately  will  be  a 
limiting  factor  in  determining  the  maximum  number 
of  IGBTs  that  can  be  driven.  The  ENBL  inputs  can 
also  be  used  to  provide  dead  time  between  IGBTs 
if  it  is  required. 

UC3726/UC3727  IGBT  EVALUATION  KIT 

Unitrode  Integrated  Circuits  has  designed  an 
evaluation  kit  which  can  be  used  to  demonstrate 
the  UC3726/UC3727  IGBT  driver  pair.  The  kit  con- 
sists of  a  custom  PC  board,  two  each  of  the 
UC3726  and  UC3727,  a  UC3612  Schottky  diode 
pair,  and  one  Coilcraft  Q3868-A  transformer.  The 
purpose  of  this  evaluation  kit  is  to  provide  the  user 
with  a  way  of  quickly  demonstrating  the  driver  pair 
for  an  individual  application. 

The  schematic,  silkscreen,  and  artwork  for  the 
evaluation  board  are  shown  in  Figures  15,  16,  17, 
and  18  respectively.  The  schematic  for  the  evalu- 
ation board  is  identical  to  the  schematic  shown  in 
the  example  circuit  (Figure  9),  except  for  some  ad- 
ditional components  which  may  be  required  to 
evaluate  certain  conditions. 

Table  1  shows  the  list  of  materials  for  the  demo 
board  for  building  the  example  circuit.  If  it  is  desired 
to  evaluate  other  requirements  than  those  de- 


scribed in  this  application  note,  the  same  equations 
should  be  used  to  determine  component  values. 
For  more  information  on  obtaining  this  demo  kit, 
contact  Unitrode  Integrated  Circuits  at  (603)  429- 
8610. 

SUMMARY 

By  utilizing  the  new  UC3726/UC3727  IGBT  driver 
chip  pair,  a  practical  and  cost-effective  solution  to 
the  problem  of  driving  high-side  IGBTs  can  be  real- 
ized. This  chip  pair  incorporates  several  special 
features  to  provide  fault  protection  and  optimum 
gate  drive.  Using  a  high  voltage  isolation  trans- 
former precludes  the  need  for  high  voltage  inte- 
grated circuits.  This  chip  pair  is  ideally  suited  for  a 
wide  range  of  isolated  IGBT  driver  applications. 
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Figure  15.  IGBT  Driver  Pair  Evaluation  Board  Schematic 


TABLE  1 

UC3726/UC3727  IGBT  ISOLATED  DRIVER  PAIR  DEMO  KIT 
LIST  OF  MATERIALS 


CAPACITORS 

CI,  C12 
C3,  C13 
C4,  C1 1 
C5,  C8,  C10 
C14,  C16 
C6,  C9 

DIODES 

D1 


100pF,  35V 
2200pF,  35V 
0.1  |iR  35V 
1p.F,  35V 
IflF,  35V 
lO^F,  35V 

UF4007,  BV=  1000V 
(General  Instrument) 


INTEGRATED  CIRCUITS 

U1*  UC3726lsolated  Drive  Transmitter 

U2*  UC3727lsolated  High  Side  IGBT  Driver 

U3  CNY17  Optocoupler,  1 0^is 

U4*  UC361 2  Schottky  Diode  Pair 

R1,  R8,  R11,  Ropt  2k,  1/4W 

R2,  R4,  R6,  R14  5.1k,  1/4W 

R5  10k,  1/4W 

R7,  R8  91k,  1/4W 

R9  5.6C1,  1W 

R10,  R12  18k,  1/4W 

R13  51k,  1/4W 

R15,  R16,  R17  3.3S2,  1/4W 

MAGNETICS 

T1*        Coilcraft  Q3868-A 
'Included  with  demo  kit. 
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Figure  16.  Silkscreen 


Figure  17.  Component  Side 
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Figure  18.  Solder  Side 
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UCC3806  BiCMOS  CURRENT  MODE  CONTROL  IC 

By  Jack  Palczynski 
Application  Engineer 
Power  Supply  Products 


Abstract 


Space  and  cost  constraints  have  forced  power  supply  designs  into  smaller  spaces  and  demanded  more 
efficient  designs  with  higher  switching  frequencies.  With  the  introduction  of  the  UCC3806  BiCMOS  current 
mode  controller,  a  designer  has  the  advantages  of  reduced  current  consumption,  power  loss  and  propaga- 
tion delays  within  the  IC.  The  UCC3806  is  pin-for-pin  compatible  with  the  popular  UC3846  and  UC3856 
controllers.  With  minimal  part  changes,  this  device  may  be  suitable  for  retrofit  into  many  existing  designs 
where  higher  power  consumption  and  propagation  delays  posed  problems  in  the  past.  An  ideal  application 
for  the  UCC3806  is  in  battery  operated  equipment  where  low  power  consumption  is  critical  to  extended  op- 
eration. 


INTRODUCTION 

As  power  supply  requirements  are  demanding 
higher  switching  frequencies  and  lower  power  con- 
sumption, bipolar  PWM  IC's  may  limit  design  flexi- 
bility. The  versatile  UC3846  consumes  relatively 
low  power  but  is  slow  by  today's  standards.  The 
UC3856  fulfills  the  high  speed  requirements  but 
uses  significantly  more  power  to  accomplish  the 
task.  Unitrode's  BiCMOS  process  produces  fast, 
low  power  BiCMOS  control  ICs  with  the  high  power 
capabilities  of  bipolar  devices,  a  prime  example  be- 
ing the  UCC3806. 

The  UCC3806  features  slew  rate  limiting  of  the 
current  sense  amplifier  input  voltage.  This  allows 
direct  injection  of  the  primary  current  sense  signal 
without  the  need  to  filter  the  inductive  leading  edge 
spike.  The  propagation  delay  from  current  sense  to 
output  is  reduced  to  125ns  and  rise  and  fall  times 
of  the  gate  drive  outputs  are  only  65ns.  Gate  drive 
current  remains  high  at  ±500mA  from  the  dual  to- 
tem pole  MOSFET  drivers.  The  low  undervoltage 
lockout  thresholds  make  this  IC  ideal  for  many  bat- 
tery and  automotive  applications.  Most  features  will 
be  familiar  to  the  designer  acquainted  with  the 
UC3846.  The  one  volt  pulse  by  pulse  current  limit- 
ing remains,  along  with  programmable  latched  or 
non-latched  shutdown  modes  triggered  via  the 
Shutdown  pin. 

This  Application  Note  highlights  retrofit  applications 
of  the  UCC3806  and  provides  a  step  by  step  proc- 
ess to  accomplish  this.  Several  new  applications 
will  be  introduced  with  a  review  of  some  popular 
applications.  Unitrode  Application  Note  U-93  de- 


scribing the  UC3846  should  be  reviewed  for  back- 
ground and  additional  information. 

UCC3806  BiCMOS  Current  Mode  PWM  Control 
IC  Features 

•  1 0OuA  startup  current 

•  1.4mA  operating  current 

•  Pin-for-pin  compatible  with  UC3846  and 
UC3856 

•  Operating  frequency  to  1  MHz 

•  ±500mA  MOSFET  output  stage 

•  65ns  output  rise  and  fall  times 

•  1 25ns  current  amp  to  output  delay 

•  Current  Sense  Slew  Rate  Limiting 

•  Undervoltage  Lockout 
DEVICE  DIFFERENCES 

For  designers  familiar  with  the  UC3846  or  UC3856 
devices,  this  section  will  provide  a  quick  overview 
of  necessary  design  changes  to  incorporate  the 
UCC3806. 

1)  UVLO:  Three  parameters  should  be  observed 
here.  The  start  up  voltage  threshold  is  8.0V  with  an 
operating  hysteresis  of  0.75V.  The  absolute  maxi- 
mum voltage  for  Vin  (pin  15,  IC  power)  is  15V  and 
for  Vc  (pin  13,  gate  drive  voltage),  18V. 

2)  DEAD  TIME  (td)  is  determined  by  the  timing  ca- 
pacitor (Ct). 

td  =  961  Ct  (approximately) 
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UCC1806  Block  Diagram 


3)  SWITCHING  FREQUENCY  (fs)  may  be  found 
by  using  the  equation 

fs~  2RtCt+  td 

4)  SHUTDOWN  threshold  voltage  on  pin  16  has 
been  raised  to  1  .OV. 

5)  GATE  DRIVES:  The  maximum  gate  drive  cur- 
rent is  ±500mA. 

6)  CURRENT  LIMIT:  As  in  the  UC3846  and 
UC3856,  R1  and  R2  {see  Figure  5)  program  the 
threshold  for  primary  current  limit  and  determine 
whether  the  IC  will  latch  off  or  retry.  When  a  shut- 
down signal  is  generated,  a  190uA  current  source 
to  ground  pulls  down  on  pin  1.  If  the  voltage  on  the 
current  limit  adjust  pin  (pin  1)  remains  above 
350mV  the  IC  will  remain  latched  and  power  must 
be  cycled  to  restart.  If  the  voltage  on  the  current 
limit  adjust  pin  falls  below  350mV,  then  the  IC  will 
attempt  a  re-start. 


DESCRIPTION 


SUPPLYING  POWER 

Power  can  be  applied  to  the  UCC3806  by  a  single 
source  or  by  two  separate  sources,  one  for  the  IC 


supply  and  another  for  the  FET  drive  outputs.  In 
either  case,  adequate  local  capacitive  bypassing  is 
required.  The  IC  supply  voltage  is  internally  limited 
by  a  15  volt  shunt  regulator  circuit.  This  is  advanta- 
geous in  off-line  applications  where  the  IC  is  pow- 
ered-up  by  a  resistor  to  the  high  voltage  input. 
Shunted  supply  current  in  the  IC  must  be  limited  to 
10mA  maximum.  The  IC's  ground  should  be  sepa- 
rated from  any  high  current  or  noisy  ground  paths, 
but  at  the  same  electrical  potential.  This  is  best 
done  by  routing  a  local  ground  for  the  UCC3806 
circuitry  and  then  connecting  this  to  a  single  point 
system  ground. 

High  Voltage 


-15  13  1 


Vin 


Vc 


UCC1806 


Figure  1 .  Supplying  Power 


3-396 


APPLICATION  NOTE 


U-144 


UNDER  VOLTAGE  LOCKOUT  (UVLO) 

A  minimum  of  8V  is  needed  to  start  the  UCC3806, 
and  once  operational,  the  IC  operates  down  to 
7.25V.  Below  this  level  the  UCC3806  will  turn  off 
and  again  require  at  least  8V  to  re-start.  Care  must 
be  taken  to  be  sure  that  the  voltage  source  can 
supply  adequate  current  to  maintain  operation  or 
the  IC  will  cross  its  turn-off  undervoltage  lockout 
threshold  and  shut  down.  The  most  obvious  symp- 
tom where  this  problem  occurs  is  when  the  entire 
power  supply  pulses  on  and  off.  Depending  on  the 
storage  capacitor  size  and  bias  supply  circuitry,  the 
supply  may  eventually  continue  to  run  or  may  sim- 
ply hiccup.  A  good  design  will  include  a  large  ca- 
pacitor across  the  IC  power  inputs  to  store  energy 
long  enough  to  avoid  UVLO.  Note  that  the  gate 
drive  requirements  of  most  power  MOSFETs  will 
usually  use  more  current  than  the  IC  draws  by  it- 
self, and  must  not  be  overlooked.  Please  refer  to 
application  note  U-93  and  U-137  for  more  details. 

SELF-BIASING,  ACTIVE  LOW  OUTPUTS  DUR- 
ING UNDER  VOLTAGE  LOCKOUT. 

During  any  undervoltage  lockout  the  UCC3806  out- 
puts are  actively  held  low  to  eliminate  problems 
caused  by  a  power  MOSFET  switch  device  inad- 
vertently turning  on.  As  with  other  Unitrode  PWM 
IC's,  gate  drive  outputs  cannot  pull  high  until  the  IC 
has  been  properly  turned  on.  This  self-biasing  cir- 
cuitry derives  its  power  from  the  MOSFET  gate 
voltage  which  is  attempting  to  rise.  Note  that  this 
protection  feature  is  also  activated  when  the  supply 
voltage  falls  below  the  UVLO  point,  causing  the  IC 
to  turn  off. 

REFERENCE  VOLTAGE 

The  UCC3806  provides  a  5.1  V  ±  1%  reference  out- 
put. Bypass  capacitors  with  low  impedance  (ESL 
and  ESR)  and  good  high  frequency  response 
should  be  used.  Generally,  a  ceramic  monolithic  or 
MLC  capacitor  with  short  leads  to  the  IC  ground 
pin  is  required  even  if  the  reference  is  not  exter- 
nally used.  Note  that  the  maximum  current  avail- 
able from  the  reference  pin  is  10mA.  Erratic 
operation  can  be  caused  by  exceeding  the  maxi- 
mum current  or  from  connecting  very  noisy  loads 
to  the  Vref  pin  without  adequate  bypassing  and  fil- 
tering. 

OSCILLATOR 

The  oscillator  timing  section  of  the  UCC3806  is 
similar  to  it's  predecessors  yet  uses  different  volt- 
age thresholds  throughout.  Frequency  is  pro- 
grammed by  selecting  the  values  of  two  timing 
components;  Ct,  the  timing  capacitor  and  Rt,  the 
timing  resistor.  Current  flowing  from  the  internal 
1 .25V  reference  at  the  Rt  pin  divided  by  the  value 
of  Rt  is  mirrored  to  the  timing  capacitor  pin  (Ct). 


This  causes  a  linear  charging  of  Ct  from  0V  to 
2.5V,  the  lower  and  upper  oscillator  thresholds. 
Note  that  the  current  mirror  is  limited  to  a  maxi- 
mum of  100uA  so  Rt  must  be  greater  than  12.5k. 

Oscillator  discharge  is  facilitated  by  switching  on  a 
2.6mA  current  sink  from  Ct  to  ground.  This  causes 
a  linear  discharge  of  Ct  to  zero  and  then  initiates 
the  next  switching  cycle.  Dead  time  occurs  during 
the  discharge  time  of  the  capacitor  during  which 
time  both  outputs  are  active  low.  Subjecting  other 
IC  pins  to  excessive  noise  or  pulling  some  points 
below  ground  may  reset  the  oscillator  or  cause  pe- 
riodic termination,  fs  and  td  may  be  approximated 
by: 


fe= 


2RtCt+  td 


td  =  961  CT 


12.5k 
min 


1.25V 


1.25/Rt 
I  100nA  max 


Figure  2.  Frequency  and  Deadtime 
Programming 

SYNCHRONIZATION 

The  SYNC  pin  allows  external  synchronization  of 
the  UCC3806  to  an  outside  control  signal  with  TTL 
compatible  thresholds.  The  oscillator  Ct  pin  must 
be  grounded  in  order  to  use  the  SYNC  input  fea- 
ture. The  internal  clock  is  reset  and  a  deadtime 
generated  by  applying  a  voltage  greater  than  2V 
(high)  to  the  SYNC  pin.  Returning  this  input  to  a 
voltage  less  than  0.8V  toggles  the  output  flip-flop 
and  initiates  a  new  switching  cycle. 

External  synchronization  may  be  sourced  from  the 
SYNC  pin.  The  oscillator  output  goes  to  the  SYNC 
pin  and  affects  the  outputs  as  described  above.  An- 
other UCC3806  may  be  connected  to  the  SYNC 
pin  in  order  to  match  the  frequency  of  the  master 
device.  Other  circuits  or  devices  may  use  the  char- 
acteristics of  the  SYNC  pin.  A  high  output  state  is 
at  least  2.4V  with  5mA  current  sourced  and  low 
output  state  0.4V  maximum  with  a  1mA  sink. 
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OUTPUT  DRIVER  SECTION 


The  two  UCC3806  alternating  outputs  consist  of  to- 
tem-pole MOSFET  pairs.  Duty  cycle  may  be  varied 
from  0  to  98%  where  minimum  dead  time  is  deter- 
mined by  the  timing  capacitor  value.  Both  outputs 
use  MOS  transistor  switches  with  inherent  anti  par- 
allel body  diodes  to  clamp  voltage  swings  to  the 
supply  rails.  This  may  allow  operation  without  the 
use  of  clamp  Schottky  diodes  on  each  gate  drive 
as  recommended  with  all  bipolar  ICs.  Drive  cur- 
rents of  ±500mA  peak  with  rise  and  fall  times  of 
65ns  are  typical  performance  specifications. 

CURRENT  AMPLIFIER  SECTION 

Slew  rate  limiting  on  the  current  sense  amplifier 
output  is  featured  in  the  UCC3806  device.  This  al- 
lows direct  connection  to  the  current  sense  resistor 
or  current  transformer  with  minimal  filtering.  Para- 
sitic leading  edge  inductive  spikes  can  cause  false 
triggering  in  most  PWM  ICs  and  thus  require  sig- 
nificant filtering. 

As  with  other  current  mode  PWM's,  the  UCC3806 
can  be  configured  for  a  variety  of  control  tech- 
niques. The  more  common  examples  are  peak  cur- 
rent mode  control,  direct  duty  cycle  control  (voltage 
mode),  and  gaining  popularity  is  average  current 
mode  control.  Slope  compensation  can  be  added 
by  dividing  down  the  oscillator  sawtooth  waveform 
and  summing  a  portion  of  it  to  the  peak  switch  cur- 
rent signal. 

High  efficiency  current  sensing  can  be  obtained  by 
developing  a  small  amplitude  current  sense  signal, 
well  below  the  1  volt  maximum  of  the  IC.  A  DC  ped- 
estal can  be  added  to  raise  the  current  signal, 
gaining  noise  immunity.  One  easy  method  of 
achieving  this  is  to  add  resistors  from  output  A  and 
output  B  to  the  positive  current  sense  input  in  a 
system  where  the  negative  current  sense  pin  is 
grounded.  Note  that  this  pedestal  will  vary  with 
changes  in  the  IC  collector  supply  voltage,  Vc.  An- 
other method  to  add  a  DC  level  to  the  current 
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Figure  3A.  Level  Shifted  Current  Sense 
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Figure  3B.  Level  Shifted  Shutdown 
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Figure  3C. 


a  Pedestal  from  Gate  Drives 


sense  input  or  the  current  limit  input  is  to  use  a  re- 
sistive divider  from  Vref. 

PROTECTION  CIRCUITRY 

By  adjusting  the  pulse-by-pulse  current  limiting,  a 
converter  can  be  protected  against  short  circuit 
conditions.  The  UCC3806  terminates  the  PWM  out- 
put protecting  the  switching  device  and  other 
power  components  when  sensed  switch  current 
reaches  the  1  volt  current  limit  threshold.  The  ratio 
of  this  signal  to  actual  switch  current  is  determined 
by  the  current  sense  resistor  value.  Additionally,  the 


Switch 
Current 


t 

Rf 


:s  -T- 
-I  Cf  I 


Figure  4.  Overcurrent  Shutdown 
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SHUTDOWN  feature  can  be  incorporated  for  fur- 
ther protection  as  shown  in  Figure  4. 

The  pulse-by-pulse  current  sense  amplifier  allows 
differential  voltage  sensing  for  ungrounded  sense 
resistors.  The  current  amplifier  will  terminate  the 
ON-time  when  it's  differential  voltage  reaches  that 
set  at  the  current  limit  input.  Pulse  by  pulse  current 
limiting  is  programmed  by  two  resistors  at  the  cur- 
rent limit.  These  resistors  also  set  the  shutdown 
mode  to  either  latching  or  non-latching  shutdown. 
To  choose  Values  of  R1  and  R2: 


Vcs 
Icl  = 


(Vpinl  -  0.5)/3 
ffl2.  Vref\ 


R1  +  R2 
During  Shutdown: 


0.5  /  3Rs 


Vpinl 


Vref-  190(10^)0? 


Latch  Mode:  Vpinl  >  350mV 
Non-Latch  Mode:  Vpinl  <  350mV 

A  SHUTDOWN  pin  is  provided  for  enhanced  pro- 
tection. Pin  16  can  be  programmed  to  force  a  shut- 
down when  it's  voltage  exceeds  1V,  and  latching  or 
non-latching  modes  are  programmable  options. 
When  a  shutdown  is  triggered,  a  190|iA  current 
sink  is  connected  to  the  current  limit  pin.  If  the  volt- 
age on  pin  1  remains  above  350mV,  then  the  IC  re- 
mains latched  and  outputs  are  held  actively  low.  If 
the  voltage  is  allowed  to  fall  below  350mV,  then  the 
IC  will  reset  and  initiate  a  re-start.  Of  course,  a 
wider  margin  is  recommended  to  guarantee  that 
resistor  tolerances  and  external  noise  do  not  affect 


Figure  5.  Shutdown  Mode  Programming 

this  mode  selection.  Again,  a  bypass  capacitor 
from  pin  1  to  ground  can  also  help  eliminate  prob- 
lems from  external  noise. 


Several  methods  of  soft  starting  of  a  converter  are 
possible  with  the  UCC3806,  and  two  common  ex- 
amples are  shown.  In  the  first  example,  an  R/C  net- 
work isolated  by  a  PNP  transistor  sinks  current 
from  the  output  of  the  error  amplifier.  In  the  second, 
an  R/C  network  alone  is  used  on  the  error  amplifier 
non-inverting  (E/A+)  input.  This  ramps  up  the  non- 
inverting  input  of  the  op-amp  to  reduce  the  slew  of 
output  voltages  and  delivers  true  closed  loop  con- 
trolled start-up.  In  both  cases,  the  diode  provides 


Figure  6.  Buffered  Soft  Start 
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Figure  7.  Closed  Loop  Soft  Start 

automatic  capacitor  discharge  when  the  Vref  turns 
off,  typical  of  a  power-up  or  shutdown  condition. 

APPLICATIONS 
Push-Pull  Converter 

One  of  the  most  common  uses  for  the  UCC3806  is 
in  an  isolated  Push-Pull  configuration  utilizing  cur- 
rent mode  control.  A  summation  of  the  components 
and  their  functions  follows. 

Resistors  Rg1  and  Rg2  limit  the  output  current  to 
0.5A.  Rv  limits  current  to  the  IC  to  10mA.  Rt  and 
Ct  set  frequency  and  dead  time.  Note  that  oscilla- 
tor waveforms  may  become  non-linear  at  higher 
frequencies  and  so  Rt  and  Ct  should  be  selected 
to  obtain  the  desired  frequency.  Rss  and  Css  are 
used  to  ramp  up  the  reference  on  the  error  amp  so 
the  output  voltage  comes  up  in  an  orderly  manner. 
R1  and  R2  program  the  pulse  by  pulse  current  limit 
for  primary  peak  current.  R3  and  R4  set  a  shut- 
down triggered  by  excessive  primary  current. 
These  levels  should  be  set  to  assure  that  a  shut- 
down will  be  triggered  before  the  pulse  by  pulse 
current  limit  threshold  is  reached.  R1  and  R2  deter- 
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Figure  8 


mine  latched  or  non-latched  shutdown  once  shut- 
down is  tripped.  Slope  compensation  is  shown  and 
may  be  necessary  in  order  to  avoid  sub-harmonic 
oscillations  when  duty  cycles  greater  than  50%  oc- 
cur. Note  that  bypass  capacitors  are  used  in  sev- 
eral locations  to  filter  noise  around  the  UCC3806 
circuitry.  The  value  of  these  capacitors  will  vary  de- 
pending on  input  and  output  variables,  layout,  and 
power  level. 

Non-Isolated  Autotransformer  Converter 

When  isolation  is  not  needed  but  a  voltage  step  up 
desired,  a  simple  push-pull  configuration  may  be 
used  with  a  non-isolated  transformer  to  step  up  the 
input  to  output  voltage.  Figure  9  shows  how  a 
UCC3806  may  be  used  to  achieve  a  very  efficient 
converter  ideal  for  battery  applications.  Because  of 
the  voltage  step  up,  output  regulation  is  maintained 
even  when  input  voltage  falls  below  output  voltage. 
Notice  that  the  UCC3806  is  otherwise  used  in  a 
very  conventional  application  here.  Circuit  set  up 
follows  the  same  simple  rules  as  a  conventional 
transformer  isolated  converter.  Efficiencies  over 
90%  can  be  realized  for  low  power  converters  simi- 
lar to  this  example. 


Self  Contained  Low  Power  Converter 


A  non-isolated  converter  of  Figure  10  demon- 
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Figure  9.  Autotransformer  Converter 

strates  the  versatility  of  the  UCC3806  FET  output 
stage.  In  this  application,  the  lower  drive  FET  of 
each  output  totem  pole  is  used  as  a  synchronous 
rectifier  along  with  the  parasitic  body  diode,  and  no 
external  diodes  or  switches  are  used.  Interleaved 
inductors  are  incorporated  and  operated  in  the 
continuous  current  mode.  Inductor  current  must  not 
become  discontinuous,  or  current  will  reverse  di- 
rection and  circulate  into  the  IC.  When  this  occurs, 
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the  other  inductor  circulates  current  into  the  lower 
output  FET  creating  excessive  heating  and  forcing 
the  IC  to  overcome  backwards  current  when  turn- 
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Figure  10 

ing  on  again. 
Summary 

BiCMOS  technology  in  the  UCC3806  has  added  a 
new  dimension  to  PWM  IC's  available  today.  This 
IC  enables  the  designer  to  optimize  circuits  by  al- 
lowing higher  switch  frequencies  and  decreasing 
IC  delays.  This  breakthrough  in  technology  brings  a 
dramatic  reduction  in  IC  operating  current  and  the 
ability  to  use  larger  resistor  values  in  support  cir- 
cuitry which  further  cuts  power  loss.  Less  parts  can 
be  used  by  eliminating  Schottky  diodes  which  pro- 


tect Bipolar  IC's  as  well  as  the  possible  elimination 
of  current  sense  filtering.  The  UCC3806  remains 
pin  for  pin  compatible  with  the  familiar  UC3846  and 
possesses  all  of  the  desirable  functions  found  in 
that  popular  PWM  control  IC.  These  features  in- 
clude a  500mA  output  drive  capability,  current 
mode  control,  fully  differential  current  sense  ampli- 
fier, pulse  by  pulse  current  limiting  under  voltage 
lock  out  and  built  in  shutdown  circuitry. 

REFERENCES 

[1]    B.  Holland,  "A  New  Integrated  Circuit  For  Cur- 
rent-Mode Control"  Unitrode  Integrated  Circuits 
Corporation  Applications  Note  U-93 

[2]    J.  Palczynski,  "UC3846,  UC3856  and 
UCC3806  Push  Pull  Current  Mode  Control  IC's" 
Unitrode  Integrated  Circuits  Corporation  Design 
Note  DN-45 

[3]    W.  Andreycak,  "UCC3800/1/2/3/4/5  BiCMOS 
Current  Mode  Control  ICs"  Unitrode  Integrated  Cir- 
cuits Corporation  Applications  Note  U-133 

[4]    "UC3842  Provides  Low-Cost  Current-Mode  Con- 
trol" Unitrode  Integrated  Circuits  Corporation  Appli- 
cations Note  U-100 

[5]    R.  Patel,  D.  Reilly,  R.  Adair,  "150  Watt  Flyback 
Regulator"  Unitrode  Integrated  Circuits  Corpora- 
tion Seminar  Topic  ST-A3 

[6]    R.B.  Ridley,  B.H.  Cho,  F.C.  Lee,  "Analysis  and  In- 
terpretation of  Loop  Gains  of  Multi-Loop-Control- 
led Switching  Regulators"  Virginia  Power 
Electronic  Center,  Blacksburg,  VA 

[7]  S.W.  Deuty  "Optimized  Design  and  Analysis  of  a 
Voltage-Fed,  Push-Pull,  Autotransformer  Battery 


UNITRODE  CORPORATION 

7  CONTINENTAL  BLVD.  •  MERRIMACK.  NH  03054 
TEL.  (603)  424-2410  .  FAX  (603)  424-3460 


3-401 


UNITRODE  CORPORATION 


APPLICATION  NOTE  U-148 


DIMMABLE  COLD-CATHODE  FLUORESCENT  LAMP 
BALLAST  DESIGN  USING  THE  UC3871 

by  J.  O'Connor 
New  Product  Applications 
Engineering  Supervisor 

ABSTRACT 

This  application  note  describes  how  to  design  a  resonant  cold-cathode  fluorescent  lamp  converter  and 
liquid  crystal  display  (LCD)  bias  supply  using  the  UC3871.  A  design  method  is  presented  and  an  example 
circuit  is  designed.  Practical  considerations  regarding  component  selection  and  layout  are  discussed,  and 
performance  results  are  shown. 


DESIGN  CONSIDERATIONS 

The  UC3871  provides  a  complete  power  supply 
control  solution  for  backlit  LCDs  that  are  typically 
used  in  laptop  and  notebook  computers,  and 
portable  instrumentation.  These  applications 
require  an  adjustable  high  voltage  AC  current 
source  to  drive  a  cold  cathode  fluorescent  lamp 
(CCFL)  and  an  adjustable  low  voltage  DC  supply 
to  bias  the  LCD.  The  UC3871  provides  all  control 
functions  for  these  two  supplies  and  also  incorpo- 
rates protection  and  synchronization  circuitry.  A 
low  power  shut-down  input  places  the  entire  circuit 
into  a  very  low  current  standby  mode  to  reduce 
battery  drain  in  portable  systems  and  eliminate  the 
need  for  a  low-drop  series  switch. 

The  power  circuitry  illustrated  in  figure  1  consists 
of  three  sections: 

1 .  A  pulse  width  modulated  (PWM)  buck  regu- 
lator to  provide  a  variable,  regulated  voltage 

2.  A  zero  voltage  switched  (ZVS)  resonant 
push-pull  converter  to  transform  the  vari- 
able, regulated  voltage  to  a  high  voltage 
AC  output 

3.  A  PWM  flyback  regulator  to  generate  a 
variable  DC  voltage  to  bias  an  LCD 

The  buck  and  flyback  regulators  are  synchronized 
to  the  ZVS  push-pull  converter,  which  free  runs  at 
its  resonant  frequency.  Unitrode  application  note 
U-141  also  covers  the  UC3871,  along  with  further 
description  and  analysis  of  this  topology  and  the 
application's  requirements. 


Most  potential  applications  for  the  UC3871  are 
sensitive  to  both  size  and  efficiency.  EMI  genera- 
tion is  also  critical  because  only  limited  shielding  is 
possible.  The  size/efficiency  trade  off  is  primarily  in 
the  magnetics,  with  the  high  voltage  transformer  by 
far  the  single  most  critical  component.  The  design 
therefore  must  begin  with  an  assessment  of  the 
performance  and  size  goals,  and  their  impact  on 
the  transformer  design.  In  general,  higher  frequen- 
cies are  preferred  to  minimize  the  size  of  the  buck 
and  flyback  regulator  magnetics,  but  excessively 
high  frequencies  will  cause  significant  efficiency 
degradation. 

DESIGN  PROCEDURE 

The  ZVS  resonant  push-pull  converter  is  designed 
first,  and  then  the  buck  regulator  and  LCD  bias  fly- 
back converter  since  both  of  these  circuits  are 
dependent  on  the  push-pull  converter.  Resonant 
push-pull  converter  design  requires  an  iterative 
approach  because  almost  all  of  the  variables  are 
interdependent.  A  few  initial  variables  come  from 
the  lamp  and  application  specifications.  These  are 
normally  the  lamp  starting  voltage,  operating  volt- 
age, and  operating  current,  and  the  input  supply 
voltage  range.  The  desired  resonant  frequency  is 
then  chosen  in  order  to  calculate  the  remaining 
variables. 

To  help  illustrate  the  design  procedure,  the  follow- 
ing design  example  is  presented  which  is  typical  of 
what  a  small  computer  would  use  for  LCD  power 
and  back  lighting. The  application  requirements  are 
as  follows: 
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Figure  1 .  The  power  circuitry  consists  of  three  sections. 


Input  Voltage  Range  (Vin) 

LCD  Bias  Supply: 

Output  Voltage  (Vied) 
Output  Current  (Med) 


4.5V  to  18V 

-12V  to  -24V 
25mA 


Fluorescent  Lamp  Ballast: 

Starting  Voltage  (Vlamp)  900V  (peak) 

Operating  Voltage  (Vlamp)  350V  (peak) 

Operating  Current  (llamp)  0.5mA  to  5mA (avg.) 

The  desired  minimum  resonant  frequency  is  50kHz 
so  that  the  buck  and  flyback  operating  frequency 
will  be  at  least  100kHz.  At  this  frequency,  switching 
losses  will  be  low.  Increasing  the  frequency  will 
allow  smaller  magnetics,  but  efficiency  will  most 
likely  suffer.  The  complete  schematic  of  the  design 
example  circuit  is  shown  in  figure  2. 


ZVS  RESONANT  PUSH-PULL  CONVERTER 

The  minimum  input  voltage  and  maximum  lamp 
starting  voltage  determine  the  minimum  trans- 
former turns  ratio.  After  calculating  the  initial  trans- 
former parameters,  the  turns  ratio  should  be 
checked  to  make  sure  that  full  load  current  can  be 
developed  at  the  minimum  input  voltage.  The  mini- 
mum turns  ratio  is  then: 

Ns  >  Vstart(peak)  ,.|. 

Np  ~  juVlNmin 

>  900 
4.5k 
>64 

Note  that  this  ratio  relates  the  entire  primary  wind- 
ing to  the  secondary.  Sometimes  the  turns  ratio  is 
specified  to  relate  one-half  of  the  primary  winding 
(end  to  center-tap)  to  the  secondary. 


<X 
u 
-I 

a. 
a. 
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Figure  2.  Complete  circuit  schematic. 

A  nominal  ballast  capacitor  (Cb)  value  is  calculat- 
ed by  setting  the  voltage  across  the  ballast  capac- 
itor approximately  twice  the  lamp  sustaining  volt- 
age. This  is  an  arbitrary  relationship  which  serves 
as  a  starting  point.  Dropping  a  large  voltage  across 
the  ballast  capacitor  voltage  gives  the  converter  a 
high  output  impedance  and  makes  the  converter 
relatively  insensitive  to  the  lamp's  highly  nonlinear 
impedance.  Unfortunately,  it  also  increases  the  cir- 
cuit's losses.  Tradeoffs  between  circuit  size,  distor- 
tion, and  efficiency  are  governed  by  this  compo- 
nent, so  further  iterations  will  usually  result  in  a  dif- 
ferent final  value.  Setting  the  ballast  capacitor's 
voltage  equal  to  twice  the  lamp  voltage  at  maxi- 
mum current  and  minimum  resonant  frequency 
gives  the  value  for  Cb: 


Vcb  = 


I  LAMP 

2jiFCb  " 


=  2  Vlamp 


(2) 


Cb  = 


Ilamp 
4tiFVlamp 


0.005 
4ti(50  .103)(222) 

=  36pF 

High  secondary  voltage  and  turns  ratio  result  in 
poor  coupling  between  the  transformer's  primary 
and  secondary  windings  resulting  in  high  leakage 
inductance.  Capacitors  across  both  the  primary 
and  secondary  windings  form  two  loosely  coupled 
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parallel  resonant  circuits.  To  minimize  output  dis- 
tortion, the  independent  primary  and  secondary 
resonant  frequencies  should  be  approximately  the 
same.  This  requirement  establishes  a  desired  rela- 
tionship between  the  primary  (Cp)  and  secondary 
(Cs)  capacitance: 


CP: 


/Ns  \2 
VNp  / 


Cs 


(3) 


=  (64)^(36  .10"12) 
=  0.15nF 

The  majority  of  the  secondary  capacitance  comes 
from  the  series  connected  lamp  and  ballast  capac- 
itor. The  lamp  appears  as  an  AC  short  circuit  for 
much  of  the  cycle,  making  the  equivalent  capaci- 
tance a  little  less  than  the  ballast  capacitor  value. 
Distributed  winding  capacitance,  stray  PC  board 
and  lamp  wiring  capacitance  contribute  to  the 
small  secondary  capacitance.  Setting  the  load 
capacitance  equal  to  the  ballast  capacitor  value  is 
therefore  a  reasonable  initial  estimate.  Distributed 
transformer  winding  and  stray  capacitance  are 
ignored  for  initial  calculations.  Parasitic  capaci- 
tances have  negligible  effect  on  the  primary  capac- 
itance since  its  value  is  several  orders  of  magni- 
tude larger  than  on  the  secondary. 

With  the  independent  primary  and  secondary  res- 
onant tank  frequencies  approximately  equal,  the 
secondary  circuitry  is  reflected  to  the  primary, 
allowing  treatment  as  a  single  resonant  tank.  With 
both  the  primary  and  secondary  resonant  tanks  set 
to  the  same  frequency,  the  equivalent  resonant 
capacitor  (Cr)  is  simply  twice  Cp.  The  primary 
inductance  is  then  calculated  to  give  the  desired 
resonant  frequency: 

(4) 


LP: 


(2tiF)£Cr 


1 


(2tu50 
34nH 


•103)2(0.3 


10"6) 


Primary  and  secondary  RMS  currents  are  then  cal- 
culated to  determine  maximum  acceptable  trans- 
former winding  resistances.  The  secondary  current 
is  mostly  lamp  current,  although  the  currents  to 
drive  distributed  winding  and  stray  wiring  capaci- 
tances are  also  factors.  For  now  we  will  ignore 
these  parasitic  effects,  since  in  most  cases  the 
additional  loss  they  cause  will  not  be  enough  to 
significantly  alter  the  transformer  design. 

Each  half  of  the  primary  winding  sees  an  asym- 
metrical sinusoidal  current  which  is  the  sum  of  the 
primary  resonant  current  and  the  input  current 


source  from  the  buck  regulator  during  one-half  of 
the  cycle.  The  primary  voltage  must  be  calculated 
first  in  order  to  determine  the  primary  resonant  cur- 
rent: 

Ns 


VP: 


Vs 
Np 

Ns  v 


(5) 


Vcb2  +  Vlamp2 


=  ^  yj  (700)2  +  (350)2 
=  12.2V(peak) 

The  primary  resonant  current  is  then: 
Vp 
Zp 

Vp 


|R  = 


(6) 


LP 

Cp 

12.2 


34 
0.15 


=  0.810A(peak) 

The  buck  regulator  current  is  calculated  by  equat- 
ing input  and  output  power  while  assuming  90% 
efficiency  for  the  push-pull  stage: 

Pout 


Pin  = 


0.9 


(7) 


_  Vlamp(rms)  Ilamp(rms) 
0.9 

_(248)(5.55  '10'3) 
0.9 


=  1.53W 

The  buck  regulator  sources  current  to  the  push-pull 
stage  through  the  primary  winding's  centertap.The 
average  voltage  at  this  point  is  one-half  of  the  total 
primary  voltage.  The  average  buck  regulator  output 
voltage  is  therefore  one-half  the  average  primary 
voltage  calculated  in  (5): 

Vp 

Vbuck  =  —  (8) 

71 

_  12.2 

=  3.88V  (avg) 


< 
u 
-I 
a. 
a. 
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The  buck  output  current  is  then: 

IBUCK  P'N 


(11) 


Vbuck 
_  1^53 
3.88 
=  0.394A 

During  the  first  half  of  the  resonant  cycle,  one-half 
of  the  primary  winding  conducts  the  resonant  cur- 
rent, while  the  other  half  of  the  primary  winding 
conducts  the  sum  of  the  resonant  current  and  the 
buck  regulator  current.  During  the  second  half  of 
the  cycle  the  conditions  reverse  such  that  both 
halves  of  the  primary  conduct  the  same  asymmet- 
rical current  180  degrees  out  of  phase  from  each 
other.  A  close  approximation  of  the  primary  current 
is  made  by  simply  adding  the  average  value  of  the 
buck  output  current  to  the  peak  resonant  current 
for  one-half  of  the  cycle,  and  calculating  the  rms 
value  as  an  asymmetrical  sinewave: 


Ipri 


|R  +  IBUCK  \2 


(12) 


=  0.725A(rms) 


0.810  +  0.394  \2 


CTX1 10600-1  specifications: 

Primary  Inductance  44mH 
67 


Primary  Resistance 
Secondary  Resistance 


0.160  ohms 
176  ohms 


The  CTX1 10600-1  employs  a  unique  method  of 
secondary  winding  termination.  The  secondary 
return  lead  terminates  at  the  primary  centertap, 
making  it  unnecessary  to  insulate  it  from  the  rest  of 
the  winding.  Distributing  the  secondary  across  sev- 
eral sections  of  a  multi-section  bobbin  also  elimi- 
nates insulation  between  winding  layers.  The  sec- 
ondary current  has  negligible  effect  on  the  primary 
since  its  value  is  roughly  two  orders  of  magnitude 
smaller  than  the  primary  current.  This  connection 
scheme  does  add  a  small  amount  of  asymmetry  to 
the  secondary  voltage  waveform,  but  again,  this 
effect  is  negligible. 

To  design  with  an  existing  transformer,  the  equa- 
tions are  rearranged  to  calculate  the  nominal 
capacitor  values,  or  the  capacitor  values  are  rec- 
ommended by  the  transformer  manufacturer. 
Some  experimentation  is  usually  necessary, 
regardless  of  how  the  initial  paper  design  is  done, 
to  achieve  the  optimum  circuit  for  a  particular  appli- 
cation. 


PUSH-PULL  TRANSFORMER 

All  parameters  necessary  to  design  the  trans- 
former are  now  known  and  an  initial  design  can  be 
started.  Optimal  transformer  design  for  this  appli- 
cation is  beyond  the  scope  of  this  paper.  The  addi- 
tional complexity  of  the  resonant  circuitry,  along 
with  the  high  output  voltage  and  small  required 
size  present  a  significant  mechanical  design  chal- 
lenge. Any  variable  can  be  iterated  since  the  bal- 
last capacitor  value  was  arbitrarily  selected. 
Optimal  design  normally  requires  many  design 
iterations. 

Often  the  preceding  analysis  is  done  by  a  trans- 
former manufacturer  that  specializes  in  resonant 
ballast  design.  A  standard  transformer  from 
Coiltronics,  Inc.  [5],  which  is  intended  specifically 
for  portable  computer  LCD  back  lighting  was 
selected  for  the  design  example.  Its  specifications 
closely  match  the  application's  requirements. 
Selecting  a  standard  transformer  eliminated 
numerous  iterations  and  reduced  the  design  cycle 
considerably.  The  Coiltronics  transformer  has  the 
following  specifications: 


BUCK  REGULATOR 

The  ZVS  push-pull  converter's  resonant  frequency 
establishes  the  buck  and  flyback  regulators'  con- 
version frequency.  Each  time  the  push-pull  con- 
verter's primary  voltage  crosses  through  zero,  the 
UC3871's  oscillator  is  reset.  The  design  frequency 
for  both  the  buck  and  flyback  circuits  is  therefore 
twice  the  minimum  push-pull  resonant  frequency. 

The  buck  regulator  provides  a  regulated,  variable 
output  voltage  for  the  push-pull  converter  to  reject 
input  voltage  variations  and  allow  lamp  brightness 
adjustment.  Due  to  the  absence  of  a  large  output 
capacitor,  the  buck  regulator  presents  a  high 
impedance  to  the  push-pull  converter  at  its  reso- 
nant frequency.  Neglecting  the  sawtooth  ripple,  the 
output  inductor's  current  is  nearly  constant. 

Inductor  ripple  current  is  greatest  when  the  duty 
cycle  and  frequency  are  minimum.  This  occurs  at 
maximum  input  voltage  and  lamp  current,  where 
the  buck  OFF  time  is  maximum: 
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Toff(max)  ' 


1-D 
Fmin 


(13) 


Ct  = 


10"' 


(15) 


1-D  Vbuck  \ 

Fmin  '    Vin(max)  ' 

1         3J38  \ 
105  V  "  18  ' 
=  7.84(iS 

To  minimize  inductor  value,  ripple  current  is  nor- 
mally 30%  to  50%  of  the  average  value. 
Toff  Vbuck 


L> 


Iripple 


(14) 


>  (7.84  .  10'6)(3.88) 

(0.5)(0.394 

>  154^H 

A  Coiltronics  part  number  CTX150-4  was  selected 
for  the  buck  inductor  that  has  the  following  specifi- 
cations: 


Inductance 
Resistance 
Rated  Current 


150nH 
0.175  ohms 
0.72ADC 


CONFIGURING  THE  CONTROL  CIRCUITRY 
OSCILLATOR 

The  UC3871  contains  a  synchronizable  oscillator 
internally  configured  to  operate  over  a  3:1  frequen- 
cy range.  A  200)^A  current  source  is  used  to  charge 
an  external  capacitor  (Ct)  from  0.1V  to  3.0V.  At  the 
3.0V  threshold,  a  4.0mA  current  sink  discharges 
the  capacitor  back  down  to  0.1V.  The  zero  detect 
input  senses  the  transformer  primary  centertap 
voltage  and  indicates  when  the  resonant  tank  volt- 
age is  crossing  through  zero.  Under  normal  circum- 
stances, the  zero  detect  input  will  trigger  the  dis- 
charge circuit  before  the  capacitor  voltage  reaches 
the  3.0V  threshold,  synchronizing  the  oscillator  to 
twice  the  resonant  tank  frequency. 

To  improve  noise  immunity  and  prevent  false  trig- 
gering from  comparator  chatter,  another  compara- 
tor is  used  to  lock  out  the  zero  detect  input  until 
Ct's  voltage  reaches  1.0V.  The  3V  maximum,  1V 
minimum  peak  oscillator  amplitudes  establish  a  3:1 
synchronization  range.  Ideally,  the  synchronization 
range  should  be  centered  around  the  resonant  fre- 
quency range.  A  good  starting  point  is  to  set  the 
oscillator  amplitude  (Vet)  to  2.2V  at  the  minimum 
synchronization  frequency,  which  is  twice  the  min- 
imum resonant  frequency.  The  timing  capacitor 
value  is  then: 


-4 


=  10 
=  1.0nF 


The  resonant  tank  frequency  must  always  be  with- 
in the  oscillator  synchronization  range  to  prevent 
severe  output  distortion  and  non-ZVS  operation. 

A  10k  resistor  in  series  with  the  zero  detect  input  is 
recommended  to  protect  against  high  voltages  that 
occur  during  turn-off.  The  zero  detect  input  is  spec- 
ified to  withstand  a  maximum  input  current  when 
driven  from  a  high  impedance  source.  A  capacitor 
connected  to  the  transformer  center-tap  limits  the 
maximum  voltage  at  turn-off  by  absorbing  all  of  the 
inductive  energy  in  the  buck  inductor  when  both  of 
the  push-pull  MOSFETs  turn  off.  This  capacitor 
also  attenuates  noise  and  ringing  which  would  oth- 
erwise be  present  at  this  node. 

SOFT-START  AND  OPEN  LAMP  DETECT 

The  primary  function  of  soft-start  is  to  allow  time 
for  the  lamp  to  strike  and  conduct  the  programmed 
level  of  current  before  enabling  the  open  lamp 
detection  circuitry.  A  20nA  current  source  charges 
an  external  capacitor  (Css)  when  either  the  supply 
voltage  exceeds  the  nominal  4.2V  under-voltage 
lockout,  or  the  IC  is  enabled.  Once  the  external 
capacitor  voltage  exceeds  3.4V,  the  open  lamp 
detect  circuit  is  enabled.  The  soft-start  time  is  nor- 
mally determined  empirically,  since  many  factors 
such  as  minimum  supply  voltage  and  temperature 
influence  the  time  it  takes  the  lamp  to  strike.  A 
150ms  soft-start  was  required  to  insure  that  the 
lamp  started  in  the  application  example  circuit. 
Once  the  soft-start  time  is  determined,  the  capaci- 
tor value  is  calculated  by: 


Css  =  5.9  •  10"°Tss 


=  (5.9  •  10"6)(0.15) 

=  0.88nF  (use  =  VF) 

An  open  lamp  is  detected  by  sensing  that  the  cur- 
rent feedback  loop  has  opened.  During  normal 
operation  the  current  loop  is  closed,  and  the  error 
amplifier  inverting  input  is  at  1 .5V.  If  the  lamp  circuit 
either  opens  or  shorts  to  ground,  insufficient  feed- 
back voltage  develops,  and  the  inverting  input  volt- 
age drops  to  a  level  determined  by  input  offset  cur- 
rent and  radiated  signal  pickup.  Input  bias  current 
limits  the  maximum  feedback  resistor  value  to 
100k,  with  lower  values  providing  greater  margin  at 
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plex  problem,  and  is  addressed  later  in  the  PC 
board  layout  considerations  section. 

LAMP  CURRENT  CONTROL  LOOP 

The  UC3871  controls  lamp  intensity  by  closing  an 
average  current  feedback  loop  around  the  buck 
regulator  and  push-pull  resonant  converter. 
Optimal  compensation  of  this  system  is  extremely 
difficult  because  of  the  complex  output  stage  and 
load  characteristics.  High  frequency  response  is 


   win*  ^  uij    I  lai  II  Qi  (U  IUQU 

capacitances  reflected  to  the  transformer  center- 
tap.  Typically,  this  double  pole  has  a  Q  between  1 
and  5,  and  occurs  less  than  a  decade  below  the 
resonant  tank  frequency  unless  an  excessively 
large  value  is  used  for  the  buck  inductor. 
Furthermore,  the  current  feedback  signal  must  be 
filtered  sufficiently  for  correct  PWM  operation, 
requiring  significant  signal  attenuation  at  the  reso- 
nant tank  frequency.  These  factors  make  it  nearly 
impossible  to  cross  the  loop  over  above  the  output 
stage's  double  pole. 
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Figure  3.  Control  loop  block  diagram. 
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Below  the  double  pole  the  power  stage  gain  is  flat. 
The  simplest  way  to  compensate  the  loop  is  to 
introduce  a  low  frequency  dominant  pole  that  sets 
the  unity  gain  crossover  frequency  well  before  the 
output  filter  double  pole.  This  pole  also  sufficiently 
filters  the  half-wave  rectified  current  feedback  sig- 
nal for  proper  PWM  operation.  The  design  example 
circuit  shown  in  figure  2  employs  this  compensa- 
tion technique,  which  requires  a  minimal  number  of 
components.  Figure  3  shows  the  circuit's  control 
loop  block  diagram.  With  the  unity  gain  frequency 
set  well  below  the  resonant  double  pole,  higher  fre- 
quency effects  caused  by  capacitor  ESR  and 
transformer  leakage  inductance  can  be  ignored. 

Three  of  the  blocks  exhibit  gain  variation  with  input 
or  load  changes.  Most  notable  is  the  current  sens- 
ing resistor,  which  in  a  typical  application  will  cause 
a  25dB  to  30dB  gain  change  over  the  lamp  current 
adjustment  range.  The  ballast  capacitor  (Cb)  is 
treated  as  a  fixed  impedance  determined  by  the 
converter's  resonant  frequency,  but  since  the  reso- 
nant frequency  varies  about  20%  in  an  actual 
application,  the  ballast  impedance  varies  inversely 
by  the  same  amount.  The  modulator  gain  is  direct- 
ly proportional  to  frequency  since  the  PWM  ramp 
amplitude  (Vet)  varies  inversely  with  frequency, 
and  to  a  first  order,  cancels  the  ballast  impedance 
variation.  The  more  dominant  modulator  gain  vari- 
ation however,  is  from  the  input  supply  voltage 
(Vin),  which  may  vary  more  than  3:1. 

The  output  filter  resonant  frequency  is  determined 
by  the  buck  inductor  value  and  the  equivalent  value 
of  the  primary  resonant,  output  ballast,  and  output 
stray  capacitances  reflected  to  the  buck  regulator 
output: 


coo 
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Output  filter  Q  is  the  ratio  of  the  resonant  tank 
impedance  to  the  effective  series  damping  resis- 
tance: 


Q  = 


COoL 
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The  effective  series  resistance  is  the  sum  of  all 
power  circuit  resistances  reflected  to  the  buck  reg- 
ulator output,  plus  the  reflected  load  resistance 
transformed  to  its  effective  series  value  (Rseries). 
With  every  effort  made  to  minimize  series  resis- 


tance for  maximum  efficiency,  the  reflected  load 
term  dominates. 
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Output  filter  Q  is  greatest  at  minimum  lamp  cur- 
rent. Gain  peaking  at  the  filter  resonant  frequency 
is  then: 


Gpeak  =  20  logQMAx  (dB) 


(20) 


The  maximum  unity  gain  crossover  frequency  is 
typically  set  nearly  a  decade  below  the  output  filter 
resonant  frequency  to  insure  adequate  gain  mar- 
gin. Loop  gain  (and  crossover  frequency)  is  great- 
est at  maximum  input  voltage  and  minimum  cur- 
rent. At  minimum  input  voltage  and  maximum  lamp 
current,  the  unity  gain  crossover  frequency  may 
decrease  two  decades  or  more.  Fortunately,  wide 
bandwidth  and  good  transient  response  are  not 
required  in  most  applications. 

The  example  circuit's  output  filter  has  a  maximum  Q 
of  3,  and  a  resonant  frequency  of  1 3kHz.  The  maxi- 
mum unity  gain  crossover  frequency  is  1 .5kHz,  giv- 
ing a  worst  case  gain  margin  of  about  9dB. 

IMPROVED  LOOP  COMPENSATION  CIRCUIT 

Some  applications  require  quick  transient 
response  to  prevent  lamp  flicker  from  input  voltage 
disturbances.  Systems  which  have  poor  input  sup- 
ply regulation,  particularly  those  with  transient 
loads  or  a  pulsed  current  battery  charger  are 
examples  of  such  applications.  With  the  typical 
UC3871  circuit,  lamp  current  is  adjusted  by  varying 
the  closed  loop  gain.  This  causes  the  unity  gain 
crossover  frequency  to  decrease  one  decade  for 
each  20dB  increase  in  lamp  current. 

The  control  loop  block  diagram  in  figure  3  shows 
an  improved  current  sense  and  loop  compensation 
scheme  that  makes  the  unity  gain  crossover  fre- 
quency insensitive  to  lamp  current  adjustment.  A 
capacitor  (Cs)  connected  in  parallel  with  the  cur- 
rent sense  resistor  forms  a  pole  that  varies  direct- 
ly with  the  current  sense  gain.  This  configuration 
provides  variable  low  frequency  gain  for  lamp  cur- 
rent adjustment  with  fixed  high  frequency  gain  for 
constant  loop  crossover  frequency. 

This  pole  can  theoretically  provide  acceptable  loop 
compensation  with  a  fixed  error  amplifier  gain,  but 
the  required  value  for  Cs  would  be  much  to  large 
for  a  practical  circuit.  Adding  a  pole-zero  pair  to  the 
error  amplifier  allows  for  an  acceptable  Cs  value 
and  provides  high  DC  gain  by  maintaining  a  pole  at 
the  origin.  The  current  sense  pole  (1/(RsCs))  and 
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the  error  amplifier  zero  (1/(RfCf))  are  placed  at  the 
control  loop's  unity  gain  crossover  frequency  with 
Rs  set  to  its  minimum  value. 

LCD  BIAS  SUPPLY  FLYBACK  REGULATOR 

The  design  procedure  for  the  flyback  converter  is 
not  given  here  since  it  differs  little  from  a  conven- 
tional power  supply  application.  The  only  unique 
condition  is  that  the  conversion  frequency  varies 
with  the  push-pull  converter's  frequency.  As  with 
the  buck  converter,  the  initial  design  frequency  is 
twice  the  minimum  resonant  frequency  (the  design 
example's  buck  and  flyback  regulator's  minimum 
frequency  is  100kHz).  At  the  lowest  lamp  bright- 
ness, the  frequency  will  typically  increase  15%  to 
25%,  minimally  influencing  the  flyback  converter's 
operation. 

For  the  design  example,  the  flyback  converter  is 
operated  in  the  continuous  inductor  current  mode. 
For  most  power  supply  applications,  this  mode  of 
operation  is  avoided  because  of  the  poor  closed 
loop  bandwidth  dictated  by  the  right-half  plane 
zero  in  the  transfer  function.  Continuous  mode 
operation  does  result  in  lower  power  stage  loss 
however,  and  since  for  this  application  power  loss 
is  usually  more  critical  than  dynamic  response,  it  is 
normally  the  preferred  mode  of  operation. 

The  minimum  component  compensation  circuit 
shown  in  the  design  example  schematic  employs  a 
dominant  pole  to  cross  over  the  loop  before  the 
output  stage's  resonant  double  pole.  Output  volt- 
age overshoot  at  power-up  can  be  significant  with 
this  configuration  if  the  error  amplifier's  integration 
capacitor  is  allowed  to  fully  charge  as  the  output 
voltage  slews  to  its  nominal  value.  This  large  signal 
problem  is  exacerbated  by  the  ground  referenced 
error  amplifier  configuration,  which  only  allows  a 
small  discharge  current  to  be  developed. 

For  the  design  example,  a  0.1  ^F  integration  capac- 
itor is  used  although  a  value  nearly  ten  times 
smaller  will  provide  maximum  loop  bandwidth.  The 
0.1  nF  capacitor  charges  slowly  during  power-up, 
and  eliminates  overshoot  by  soft-starting  the  sup- 
ply. A  shottky  diode  (BAT81)  is  used  to  clamp  the 
non-inverting  error  amplifier  input  to  prevent  it  from 
phase  inverting  and  latching  up  the  control  loop. 
This  diode  should  have  a  forward  drop  less  than 
0.5V  at  room  temperature. 

IMPROVED  FLYBACK  COMPENSATION 

As  with  the  lamp  driver  circuit,  there  are  applica- 
tions that  require  better  transient  response  than  is 
achievable  with  dominant  pole  compensation.  A 


simple  alternative  technique,  shown  in  figure  4,  is 
to  cancel  one  of  the  output  stage's  resonant  poles 
by  a  zero  in  the  compensation  circuitry,  and  cross 
the  loop  over  at  about  1/4  the  minimum  right-half 
plane  zero  frequency.  This  technique  does  result  in 
lower  DC  gain  than  the  dominant  pole  circuit  used 
in  the  design  example,  but  offers  much  better  large 
signal  behavior  and  a  decade  or  more  increase  in 
loop  bandwidth.  Another  pole-zero  pair  can  be 
added  to  improve  DC  load  regulation  and  input  line 
rejection,  although  this  additional  complexity 
appears  unnecessary. 


Vref 


(+3) 


TO 

MODULATOR 


-VOUT 


Figure  4.  Improved  flyback  regulator  compensation. 

Discontinuous  inductor  current  operation  is  also  an 
option  to  significantly  improve  transient  response  if 
a  small  decrease  in  efficiency  is  tolerable. 
Discontinuous  mode  compensation  is  illustrated  in 
the  following  positive  output,  coupled  inductor  fly- 
back circuit. 

POSITIVE  OUTPUT  VOLTAGE  FLYBACK 
REGULATOR 

A  positive  output  LCD  bias  supply  circuit  is  more 
complicated  than  the  negative  output,  because  the 
output  voltage  can  be  greater  or  less  than  the  input 
voltage.  This  eliminates  both  buck  and  boost  cir- 
cuits, and  makes  the  coupled  inductor  flyback  con- 
verter a  good  choice  for  this  application. 
Discontinuous  inductor  current  operation  is 
employed  in  the  circuit  shown  in  figure  5,  allowing 
simple  compensation  and  excellent  transient 
response. 
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Figure  5.  Positive  output  coupled  inductor  flyback 
regulator. 

Since  the  output  MOSFET  is  relatively  large,  and 
has  significant  output  capacitance  and  avalanche 
energy  capability  compared  to  the  current  it  must 
switch,  a  clamp  or  snubber  network  is  not  required 
to  insure  reliable  operation.  Snubbing  may  be  nec- 
essary to  reduce  EMI  however.  This  circuit  can,  of 
course  be  operated  with  continuous  inductor  cur- 
rent for  a  small  improvement  in  efficiency.  The 
compensation  circuitry  would  then  be  similar  to  the 
previous  flyback  regulator  examples.  Flyback  regu- 
lator and  control  loop  design  is  covered  in  the  ref- 
erences. 

PRACTICAL  CONSIDERATIONS 

MEASUREMENT  TECHNIQUES 

The  combination  of  low  power,  high  voltage,  and 
high  frequency  AC  present  a  unique  challenge  in 
determining  circuit  efficiency.  An  absolute  efficien- 
cy measurement  is  important  because  it  allows 
meaningful  comparison  with  work  done  by  others. 
Since  an  electrical  efficiency  measurement 
removes  lamp  performance  from  the  equation,  it  is 
the  most  universal  performance  index. 

For  an  actual  application  however,  high  output  light 
intensity  for  a  given  input  power  is  the  actual 
design  goal.  Once  reasonable  electrical  efficiency 
is  achieved,  further  circuit  refinement  should  be 


10  measure  eiectricai  einciency,  extreme  attention 
to  measurement  technique  and  equipment  is 
required.  Output  current  is  relatively  easy  to  mea- 
sure with  a  current  sense  resistor  in  series  with  the 
lamp  return  to  ground.  For  the  design  example  cir- 
cuit shown  in  figure  2,  a  small  resistor  can  be 
added  in  series  with  R5  and  D2  to  measure  both 
half  cycles  of  the  lamp  current. 

To  measure  lamp  voltage,  a  100X  or  1000x  oscillo- 
scope probe  with  low  input  capacitance  and  good 
high  frequency  accuracy  is  required.  Accurate  AC 
probe  calibration  is  critical  in  achieving  a  meaning- 
ful measurement.  At  low  lamp  current,  both  the 
lamp  current  and  voltage  exhibit  clean  sinusoidal 
waveforms  with  minimal  harmonic  distortion.  The 
product  of  the  RMS  lamp  current  and  voltage  then 
give  an  accurate  measurement  of  the  output 
power.  As  current  is  increased,  the  lamp's  nonlin- 
earity  becomes  apparent,  as  significant  distortion 
is  observable  in  the  lamp  voltage  waveform.  The 
product  of  the  RMS  lamp  current  and  voltage  will 
no  longer  yield  an  accurate  output  power  mea- 
surement. 

A  true  RMS  measurement  that  is  insensitive  to 
waveform  shape  is  made  by  taking  the  average 
product  of  the  instantaneous  lamp  voltage  and  cur- 
rent. Many  digital  oscilloscopes  provide  this  func- 
tion with  reasonable  accuracy.  The  accuracy  of  this 
technique  can  be  further  improved  by  calibrating  to 
a  known  sinusoidal  source. 

EFFICIENCY  OPTIMIZATION 

Most  of  power  lost  in  the  lamp  driver  circuit  is  dis- 
sipated in  the  transformer,  inductor,  MOSFETs, 
primary  resonant  capacitor,  buck  regulator  diode, 
and  the  UC3871.  Although  the  output  ballast 
capacitor  (Cb)  dissipates  little  power,  its  value 
greatly  influences  the  performance  of  the  circuit. 
Consider  the  effect  of  increasing  Cb  such  that  the 
secondary  voltage  drops  10%.  The  transformer's 
flux  density  and  primary  resonant  current  decrease 
10%,  reducing  both  transformer  core  and  winding 
losses.  Both  of  these  losses  are  exponential,  so 
the  power  savings  can  be  significant.  Smaller 
transformer  losses  decrease  the  input  power 
required,  reducing  the  current  through,  and  the 
power  lost  in  the  other  power  handling  compo- 
nents. 

Of  course  the  ballast  capacitor  cannot  be  continu- 
ally increased,  as  waveform  distortion  will  quickly 
become  unacceptable,  but  there  is  an  optimal 
value  for  a  particular  application  that  is  best  deter- 
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mined  experimentally.  The  same  is  true  for  the  pri- 
mary resonant  capacitor,  where  a  decrease  in 
value  will  increase  the  resonant  frequency,  and 
decrease  the  resonant  current  and  associated 
losses.  Again,  there  is  an  optimal  value  that  yields 
the  best  distortion/efficiency  tradeoff  for  a  particu- 
lar application. 

The  losses  contributed  by  the  other  power  compo- 
nents are  more  easily  determined,  as  circuit  oper- 
ation is  affected  minimally  by  their  variation.  For 
lowest  loss,  MOSFETs  are  selected  for  minimal 
combined  conduction  and  gate  drive  loss.  Bigger  is 
not  necessarily  better!  Logic-level  threshold 
devices  are  required  for  high  efficiency  at  low  input 
supply  voltages,  although  standard  threshold 
devices  will  usually  function  with  reduced  efficien- 
cy down  to  about  6V. 

The  primary  resonant  capacitor,  Cp  conducts  the 
primary  resonant  current  and  must  have  low  losses 
for  good  circuit  efficiency.  A  monolithic  ceramic 
capacitor,  and  several  film  capacitors  from 
Electronic  Components,  Inc.  [6],  were  evaluated  to 
determine  the  relative  performance  differences 
among  various  dielectric  and  construction  tech- 
niques. Polypropylene  film/foil  capacitors  exhibit  the 
lowest  losses.  Metalized  polypropylene  capacitors 
are  usually  smaller  than  foil/film  construction,  but  will 
result  in  about  a  1  percent  decrease  in  efficiency. 

Further  size  reduction  is  possible  with  polycarbon- 
ate or  polyester  capacitors,  but  efficiency  will  be 
about  1  percent  to  3  percent  lower  than  the  foil/film 
polypropylene  units.  Since  the  capacitor  value  is  too 
high  for  an  NPO  dielectric,  ceramic  capacitors  must 
be  avoided.  The  dissipation  factor  of  Z5U  and  X7R 
ceramics  is  much  too  high  for  reasonable  efficiency. 
A  Z5U  monolithic  ceramic  reduced  efficiency  more 
than  1 2%  in  the  test  circuit! 

Separate  bias  (Vcc)  and  collector  (Vc)  supply 
inputs  are  provided  by  the  UC3871  to  take  advan- 
tage of  its  ability  to  operate  down  to  4.5V. 
Supplying  Vcc  from  a  switching  regulated  supply 
while  operating  the  rest  of  the  circuit  directly  from 
the  battery  typically  saves  from  30mW  to  more 
than  100mW. 

The  buck  inductor's  winding  resistance  will  dissi- 
pate significant  power  if  its  winding  resistance  is 
excessive.  Minimum  inductor  values  are  therefore 
usually  preferred  to  maintain  reasonable  size.  This 
results  in  high  ripple  current  that  can  lead  to  high 
core  loss.  Like  all  the  other  power  components, 
every  source  of  dissipation  must  be  investigated 
and  analyzed  to  squeeze  maximum  efficiency  from 
the  converter. 


PC  BOARD  LAYOUT  CONSIDERATIONS 

As  with  all  switching  regulators,  PC  board  layout  is 
critical.  The  circuitry  should  be  as  compact  as 
practical,  particularly  in  the  power  stage  areas  that 
conduct  pulsed  current  or  high  voltage.  EMI  gener- 
ated by  high  di/dt  is  minimized  by  keeping  the 
pulsed  current  loops  as  small  as  possible.  For 
example,  the  buck  regulator  MOSFET  and  rectifier 
should  be  as  close  together  as  possible.  A  low 
impedance  bypass  capacitor  (a  6.8(iF  tantalum 
was  used  in  the  application  circuit)  should  also  be 
connected  directly  between  the  MOSFET  source 
and  the  rectifier  anode. 

The  lamp's  high  operating  voltage,  and  poorly 
shielded  leads  and  terminals  are  a  potential  source 
of  radiated  EMI.  A  significant  benefit  of  the  sinu- 
soidal voltages  and  currents  inherent  to  a  fully  res- 
onant power  stage  is  the  comparatively  low  voltage 
and  current  slew  rates.  Some  high  frequency  har- 
monics are  present  due  to  distortion  and  conduct- 
ed noise  received  from  the  buck  and  flyback  regu- 
lator power  stages,  although  these  are  normally 
very  small. 

Shielding  is  normally  an  effective  technique  for 
attenuating  EMI  generated  by  high  dv/dt  nodes, 
but  the  performance  tradeoffs  with  the  high  voltage 
ballast  circuity  can  be  misleading.  Shields  (or 
ground  planes)  increase  the  capacitive  loading  on 
the  circuit,  but  the  shield  itself  dissipates  negligible 
power.  When  a  shield  is  added  however,  circuit  effi- 
ciency will  drop  because  the  additional  load  capac- 
itance will  increase  the  resonant  current,  just  as  if 
the  primary  resonant  capacitance  were  increased. 
This  effect  is  minimized  by  making  high  voltage 
traces  as  short  as  possible. 

Loss  due  to  leakage  current  in  the  high  voltage 
section  is  also  possible,  particularly  as  the  assem- 
bly ages  and  the  PC  board  surface  becomes  cont- 
aminated. Milling  slots  in  the  PC  board  is  a  good 
way  to  get  sufficient  creapage  distance  between 
the  high  voltage  traces  and  the  rest  of  the  circuitry 
while  maintaining  a  compact  layout. 

Another  important  consideration  in  the  high  volt- 
age area  is  the  length  and  routing  of  the  return 
lead  and  PCB  trace  connecting  to  the  current 
sense  circuitry.  If  a  fault  opens  the  lamp  circuit,  the 
error  amplifier  will  command  maximum  secondary 
voltage  in  an  attempt  to  keep  the  current  loop 
closed.  The  stray  capacitance  between  the  high 
voltage  circuitry  and  the  return  lead  may  conduct 
sufficient  current  to  keep  the  loop  closed,  particu- 
larly at  low  command  current  and  maximum  input 
voltage.  This  condition  will  prevent  open  lamp 
detection  and  severely  over  stress  the  circuitry. 
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This  problem  is  avoided  by  keeping  the  lamp  return 
path  as  short  as  possible,  with  the  current  sense 
resistor  placed  as  close  to  the  lamp  as  practical. 
Traces  between  the  current  sense  resistor  and  the 
UC3871  are  insensitive  to  noise  and  switching  har- 
monics since  the  signal  is  DC  at  this  point.  Ideally, 
the  majority  of  the  return  path  length  is  placed 
between  the  current  sense  resistor  and  the  feed- 
back resistor. 

Keeping  the  high  voltage  path  as  short  as  possible 
helps  by  reducing  the  radiated  signal.  Shielding 
around  the  high  voltage  area  also  reduces  the  radi- 
ated signal,  but  may  not  be  practical  in  many  appli- 
cation. The  dimming  range  should  be  set  no  wider 
than  necessary  since  high  current  sense  resistor 
values  increase  sensitivity  to  this  problem.  The  cir- 
cuit described  in  the  following  section  for  wide  dim- 
ming range  applications  is  significantly  more  robust 
in  this  regard,  and  should  be  considered  when 
packaging  constraints  force  non-ideal  layout. 

WIDE  DIMMING  RANGE  APPLICATIONS 

Most  cold  cathode  fluorescent  lamps  function 
acceptably  down  to  about  1/20  of  their  rated  cur- 
rent. Below  this  level,  they  begin  to  illuminate 
unevenly  across  the  tube.  This  "thermometer"  effect 
is  caused  by  parasitic  capacitive  current,  and  is 
heavily  influenced  by  shielding  and  grounding. 
Wide  dimming  ranges  are  accommodated  without 
uneven  lamp  brightness  by  driving  the  lamp  at  max- 
imum current,  and  pulse  width  modulating  the  cur- 
rent on  and  off  at  low  frequency. 

Figure  6  shows  modifications  to  the  standard  appli- 
cation circuit  for  low  frequency  PWM  control.  A 
fixed  current  sensing  resistor  sets  the  maximum 
lamp  current.  An  external  PWM  signal  drives  the 
inverting  error  amplifier  input  through  a  series 
diode  and  resistor.  The  input  resistor  value  is  cho- 
sen to  force  the  lamp  current  to  zero  when  the 
PWM  input  is  pulled  high.  These  modifications 
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Figure  6.  Low  frequency  PWM  control  for  wide 
dimming  range  aplications. 


where  made  to  accept  a  1 00Hz  PWM  signal  from 
5V  CMOS  logic  through  a  1 N41 48  and  a  68k  resis- 
tor. A  680  ohm  current  sense  resistor  set  the  con- 
tinuous lamp  current  at  approximately  its  rated 
value.  Fixed  current  gain  allowed  the  compensa- 
tion capacitor  (Cf)  to  be  reduced  to  4.7nF  for  more 
optimum  loop  performance. 

With  no  further  modifications,  the  circuit  main- 
tained uniform  lamp  intensity  over  a  current  range 
of  more  than  a  500:1.  Operation  was  linear  with 
negligible  effect  from  input  voltage  variation,  down 
to  about  1%  of  rated  current.  Below  1%,  the  current 
rise  and  fall  time  became  significant,  limiting  the 
practical  open  loop  dimming  range  to  about  100:1. 
An  accurate,  stable  dimming  range  greater  than 
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Figure  7.  External  voltage  command  interface. 

500:1  can  be  achieved  with  the  addition  of  a  low 
bandwidth  outer  current  or  lamp  intensity  feedback 
loop. 

DIGITAL  LAMP  CURRENT  CONTROL 

The  preceding  technique  for  wide  dimming  range 
applications  is  also  the  best  method  for  digital  lamp 
intensity  control.  A  100Hz  PWM  signal  generated 
by  a  microprocessor  combines  excellent  dimming 
range  with  single  line  digital  control.  An  alternative 
approach  is  to  use  the  circuit  shown  in  figure  7, 
where  a  D/A  injects  a  command  signal  into  the 
control  loop.  This  technique  provides  excellent  per- 
formance for  less  than  20:1  dimming  ranges,  but 
unfortunately  it  also  defeats  the  open  lamp  detect 
circuit.  A  third  approach  is  to  replace  the  current 
sense  potentiometer  with  a  digital  pot  or  a  multi- 
plying D/A  converter,  but  these  devices  can  usual- 
ly only  handle  low  current. 
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BIPOLAR  TRANSISTOR  OUTPUT  STAGES 

When  cost  is  more  critical  than  performance,  PNP 
bipolar  transistors  can  be  substituted  for  the  P-chan- 
nel  MOSFETs.  High  gain,  low  saturation  devices 
such  as  the  Zetex  [7]  ZTX788B  (3A,  20V  PNP)  per- 
form quite  well  for  the  buck  regulator  when  the  input 
voltage  is  low.  A  PNP  can  also  be  used  for  the  fly- 
back converter,  but  at  a  greater  efficiency  reduction 
than  the  buck  regulator  because  it  requires  a  higher 
voltage  device  and  has  greater  switching  losses. 

Simple  high  speed  base  drive  is  implemented  by 
choosing  a  base  resistor  for  sufficient  drive  at  the 
minimum  input  voltage.  A  small  capacitor  in  parallel 
with  the  base  resistor  improves  switching  speed. 
Bipolar  NPNs  in  place  of  the  N-channel  MOSFETs 
are  generally  a  poor  cost/performance  tradeoff,  but 
can  be  used  if  performance  is  secondary. 

CIRCUIT  DISABLE 

The  UC3871  provides  an  enable  input  to  shut 
down  both  converter  power  stages  and  put  the 
control  circuitry  in  a  very  low  current  standby 
mode.  Applications  that  require  disabling  each  con- 
verter independently  require  a  different  approach. 
The  flyback  section  can  be  disabled  by  either 
pulling  the  current  sensing  input  above  its  0.5V 
threshold,  or  by  pulling  the  inverting  error  amp 
input  above  Vref  to  force  the  duty  cycle  to  zero. 

The  ballast  converter  is  a  little  more  difficult  to  dis- 
able because  of  the  open  lamp  detect  circuitry.  Any 
technique  that  breaks  the  feedback  loop,  such  as 
grounding  the  error  amp  output,  will  cause  the  con- 
verter to  latch  off.  Grounding  the  soft-start  input  will 


not  bring  the  duty  cycle  zero,  and  therefore  will  not 
completely  disable  the  converter.  The  best  shut 
down  method  is  to  source  enough  current  into  the 
inverting  error  amp  input  to  force  its  output  to 
ground.  This  saturates  the  loop,  causing  the  duty 
cycle  to  go  to  zero  without  falsely  indicating  an 
open  lamp  condition. 

MULTIPLE  LAMP  CIRCUITS 

The  ballast  circuit  is  easily  modified  to  drive  two  or 
more  parallel  lamps  by  splitting  the  ballast  capaci- 
tance into  two  or  more  capacitors  of  equivalent 
value.  Because  of  lamp  mismatch,  the  dimming 
range  must  normally  be  less  than  single  lamp  cir- 
cuits. Additionally,  a  higher  ballast  capacitor  volt- 
age than  is  optimum  for  a  single  lamp  may  be 
required  to  insure  that  both  lamps  start. 

DESIGN  EXAMPLE  PERFORMANCE  AND 
WAVEFORMS 

Figures  8  through  10  show  typical  ballast  wave- 
forms from  the  design  example  (figure  2)  delivering 
LOW  into  a  lamp  from  a  10V  input  supply.  Figure  8 
shows  the  primary  voltage  waveforms.  Note  that 
the  center-tap  waveform  is  one-half  the  amplitude 
of  the  push-pull  waveforms,  and  that  no  distortion 
or  ringing  is  evident  at  the  cusps  of  the  waveform. 

Figure  9  shows  the  primary  current  waveforms  and 
the  differentially  sensed  transformer  primary  volt- 
age waveforms.  The  transient  steps  at  the  peaks  of 
the  primary  current  are  from  the  push-pull  switches 
turning  on,  which  allow  input  (reflected  load)  cur- 
rent to  conduct  in  addition  to  the  resonant  current. 
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Figure  10. 1.  Lamp  current  10mA/div 

2.  Lamp  voltage  500V/div 

3.  Transformer  secondary  voltage  500V/div 

4.  Horizontal:  10|is/div 

Figure  10  shows  the  secondary  voltage  and  current 
waveforms.  Lamp  current  and  voltage  are  in  phase 
indicating  that  the  lamp  appears  resistive.  These 
waveforms  lead  the  secondary  voltage  waveform 
because  of  the  capacitive  coupling.  Distortion  in  the 
lamp  voltage  waveform  is  caused  by  lamp  imped- 
ance nonlinearity,  which  also  causes  some  distor- 
tion in  the  secondary  voltage  waveform. 

Figures  11  and  12  illustrate  circuit  efficiency  with 
varying  input  supply  voltage  and  output  power.  In 
both  cases  a  separate  5V  supply  powered  Vcc, 
since  this  is  available  in  most  applications.  Figure 
1 1  shows  the  efficiency  of  the  complete  converter 
over  an  input  supply  range  of  5.5V  to  1 8V.  For  this 
plot,  the  lamp  power  was  1 .0W,  and  the  LCD  bias 
power  was  0.324W  (18V  across  1k).  The  sudden 
decrease  in  efficiency  at  low  input  voltage  is  from 
insufficient  gate  drive  voltage.  This  efficiency  drop 
can  be  eliminated  by  using  logic  level  MOSFETs. 
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Figure  11.  Efficiency  vs.  input  voltage  for  1.324W 
output. 
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control  circuitry  was  sun  active,  i  ne  lamp  power 
was  then  varied  from  0.2W  to  1 .9W  while  keeping 
the  supply  voltage  at  1 GV.  Above  about  3/4W,  effi- 
ciency was  greater  than  80%.  At  light  load,  the 
control  circuit  and  gate  drive  losses  became  signif- 
icant, and  efficiency  was  greatly  reduced. 

SUMMARY 

The  UC3871  provides  a  complete  power  supply 
control  solution  for  backlit  LCDs.  A  design  method 
illustrated  with  a  circuit  example  has  been  present- 
ed, along  with  alternate  configurations  and  loop 
compensation  techniques.  Example  circuit  wave- 
forms and  efficiency  graphs  show  that  the  UC3871 
provides  a  simple,  yet  high  performance  solution. 
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INTRODUCTION 

Generating  a  low  power,  low  voltage  bias  supply  in 
an  off-line  application  may  not  seem  like  a  major 
design  challenge  -  at  first  glance.  However,  obtain- 
ing an  efficient,  cost  effective  and  compact  1  Watt 
supply  can  be  a  frustrating  ordeal  as  the  various 
approaches  are  evaluated.  A  simple  transformer- 
less technique,  like  the  Buck  regulator,  requires  a 
rather  complex  high  side  switch  which  can  be  diffi- 
cult to  drive.  Narrow  duty  cycles  are  another  ines- 
capable problem  with  a  significant  step  down  in 
input  to  output  voltage. 

The  Flyback  converter  can  provide  a  relatively  sim- 
ple solution  for  this  low  power  application,  but  it  re- 
quires more  costly  coupled  windings  instead  of  a 
single  inductor  to  perform  the  voltage  conversion. 
Other  topologies  too,  have  their  own  unique  sets  of 
problems.  For  example,  the  SEPIC  Converter  is  a 
viable  option,  but  needs  a  high  voltage  blocking  ca- 
pacitor and  two  inductors,  in  addition  to  the  high 
voltage  switch.  It  will  also  require  current  mode 
control  for  stability  as  opposed  to  simpler  control 
techniques.  Charge  pump  circuits  are  another  pos- 
sibility, but  are  generally  much  noisier,  deliver  poor 
efficiency  and  often  use  a  high  side  switch.  This 
Application  Note  will  present  a  novel  conversion 
technique  to  achieve  the  desired  low  voltage,  low 
power  bias  supply  while  meeting  the  design  goal  of 
low  cost  with  minimal  complexity. 


Figure  1.  Cascaded  Flybacks 


Approach  :  The  basic  converter  shown  in  Figure  1 
is  a  cascaded  Flyback  Converter  operated  in  the 
discontinuous  current  mode.  Two  flyback  stages 
are  placed  in  a  series  configuration  to  complete  the 
voltage  transformation.  Inductor  L1  of  the  first 
stage  is  switched  across  the  input  voltage  when 
MOSFET  (Q1)  turns  on.  Energy  is  stored  in  L1  as 
its  current  rises  linearly  until  the  switch  is  turned 
off.  When  this  occurs,  inductor  L1  discharges  its 
energy  into  capacitor  C1 ,  and  diode  D1  is  conduct- 
ing. In  steady  state  operation  the  switching  action 
develops  a  net  DC  voltage  across  C1 ,  the  "output" 
capacitor  of  the  first  Flyback  converter,  C1 . 

The  inductor  of  the  second  stage  (L2)  is  also 
switched  across  capacitor  C1  while  the  MOSFET  is 
on.  Although  the  voltage  across  inductor  L2  is 
negative  with  respect  to  ground,  energy  is  stored  in 
L2  as  the  current  linearly  rises.  When  the  switch  is 
turned  off,  inductor  L2  discharges  to  the  output  ca- 
pacitor of  this  second  Flyback  stage,  C2.  A  regu- 
lated DC  output  voltage  is  obtained  across  C2  and 
controlled  by  varying  the  ON-time  of  switch  Q1. 
Voltage  and  current  waveforms  for  this  converter 
are  shown  in  Figure  2  for  completeness. 

This  cascaded  Flyback  converter  can  be  controlled 
by  a  number  of  popular  techniques  which  include 
Duty  Cycle  (Voltage  Mode)  Control  or  Current 
Mode  Control,  and  can  be  operated  in  either  fixed 
or  variable  frequency  modes.  A  novel  control  tech- 
nique will  be  introduced  to  greatly  simplify  the  cir- 
cuit complexity,  and  is  implemented  in  the 
UCC3889  Bias  Control  IC  with  complete  details  to 
follow. 

CONVERTER  DESIGN  EQUATIONS 

Circuit  components  are  primarily  determined  by 
several  key  factors;  switching  frequency,  output 
power,  efficiency  and  duty  cycle.  First,  the  voltage 
conversion  relationship  for  the  Flyback  topology  is 
reviewed. 
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Duty  Cycle  : 

Duty  cycle  (  d  )  = 


tON 


1 


tPERIOD 

where  tPERIOD  =  tON  +  tOFF,  or  , 

fSWITCHING 

For  the  Flyback  topology,  the  duty  cycle  can  be  ap- 
proximated by  the  following  relationship: 

A 

VOUT  =  VlN  • 


1  -d 


The  cascaded  Flyback  conversion  technique  util- 
izes the  output  of  the  first  Flyback  converter  as  the 
input  to  the  second  stage.  The  voltage  transforma- 
tion of  the  two  Flyback  converters  in  series  can  be 
approximated  by : 


Vout  =  VlN 
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Figure  2.  Converter  Waveforms 
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This  equation  can  be  rearranged  to  solve  for  the 
duty  cycle  with  respect  to  VIN  and  VOUT  as: 


duty  cycle  = 


1 


A  /  VlN 
1  +  V  VOUT 


Any  set  of  operating  conditions  can  be  used  to 
solve  this,  and  other  equations.  It  is  often  easiest  to 
standardize  on  using  low  line,  full  load  conditions 
when  the  inductor  (L1)  is  charging  during  the 
switch  ON-time. 


i    \/...  .  lUN 

L  =  VINmin  •  ■=  


tON 

ILpk 


Input  Power : 

Pin 

Pin  =  — ;  where  n  =  efficiency 


Input  Current : 

Pin  Pout 
llN  =  \^;orllN  =  ^TnT 

Peak  Inductor  Current : 

The  peak  inductor  current  changes  with  line  and 
load  conditions  according  to  the  following  relation- 
ship : 


ILpk  = 


2  •  Iin 


Inductor  Value : 

The   inductor  values   are  obtained 


equation  : 


The  second  Flyback  inductor  value  (L2)  is  obtained 
using  this  equation  but  by  substituting  the  output 
voltage  of  the  first  converter  (VOUT1)  for  VIN. 

OTHER  COMPONENTS 

Capacitors  are  selected  to  adequately  provide  a  fil- 
tered DC  voltage  with  little  ripple,  and  to  handle  the 
ripple  current  without  excessive  self  heating.  Simi- 
larly, diode  selection  is  based  upon  the  maximum 
reverse  voltage,  forward  current  and  acceptable  re- 
covery times  for  this  application.  The  main  switch 
(Q1)  must  withstand  the  high  flyback  voltage  of  the 
first  converter  and  exhibit  low  conduction  loss. 
Most  600V  MOSFET's  with  less  than  10  ohms  of 
on-resistance  (Rds  on)  are  good  candidates  for  this 
low  power  application. 

CONTROL  SECTION 

from  the  Tne  b!ock  diagram  of  the  UCC3889  Off-line  Power 
Supply  Controller  is  shown  in  Figure  3.  This  IC  in- 
corporates several  innovative  features  to  reduce 
external  circuitry  and  complexity  while  providing 
control  to  regulate  the  output  voltage.  A  variable 
ON-time  and  variable  OFF-time  control  algorithm  is 
used  to  perform  regulation.  The  switch  ON-time  is 
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Figure  3.  UCC1889  Typical  Application 


A02 

D3 


12V 

OUTPUT 


o 


-o 


3-418 


APPLICATION  NOTE 


U-149A 


varied  inversely  with  the  supply  input  voltage, 
whereas  the  OFF-time  is  varied  inversely  with  the 
supply's  output  voltage.  This  results  in  inherent 
short  circuit  protection,  input  voltage  feedforward 
and  a  greatly  simplified  control  technique.  Opera- 
tion and  programming  of  these  key  features  will  be 
explored  in  more  thorough  detail. 

POWERING  THE  UCC3889  CONTROLLER 

Note  that  the  UCC3889  is  powered  by  connecting 
a  resistor  from  the  IC's  TON  pin  to  the  high  voltage 
supply,  and  not  from  the  VCC  connection.  An  inter- 
nal switch  directs  the  current  from  TON  to  either 
VCC  or  to  a  current  mirror  used  for  a  timing  func- 
tion, and  further  details  are  presented  in  the  TIM- 
ING section.  Prior  to  turn-on,  this  switch  is 
positioned  to  connect  TON  to  VCC,  steering  the 
current  into  the  VCC  supply  capacitor. 

This  BiCMOS  Control  IC  consumes  less  than  250 
microamps  from  the  input  supply  while  VCC  is  be- 
low it's  8.5  volt  undervoltage  lockout  (UVLO)  turn- 
on  threshold.  Once  on,  the  IC  typically  draws  only 
1 .5  milliamps  from  VOUT,  and  has  a  UVLO  turn-off 
threshold  of  6.3  volts.  The  VCC  supply  capacitor, 
CVcc,  must  maintain  the  IC  supply  voltage  within 
it's  2.2  volt  UVLO  hysteresis  region  during  the 
start-up  of  the  converter. 

Additionally,  the  minimum  line  voltage  to  begin  op- 
eration of  the  converter  can  be  programmed.  RON, 
the  timing  circuit  programming  resistor  also  func- 
tions to  program  a  current  indicative  of  the  AC  in- 
put line  voltage.  Turn  on  occurs  when  this  current 
reaches  220u,A  typically,  so  select  the  value  of 
RON  accordingly.  This  protection  feature  therefore 
will  require  a  minimum  current  drawn  by  the  IC 
from  the  line  at  all  times,  so  the  worst  case  power 
dissipation  for  RON  will  be  at  high  line. 

Two  other  noteworthy  features  are  the  IC's  internal 
9V  zener  clamp  diode  between  VCC  and  ground, 
and  the  switched  current  source  and  diode  from 
VOUT  to  VCC.  The  zener  eliminates  the  need  for 
external  overvoltage  protection  when  powered  from 
a  current  source  (resistor)  to  a  high  voltage  supply, 
typical  of  an  off-line  converter.  It  also  clamps  the 
supply  voltage  when  normally  powered  from  the 
converter's  output  voltage.  When  VOUT  rises 
above  VCC,  a  switched  internal  current  source  is 
enabled  thus  limiting  the  current  shunted  to  ground 
by  the  zener  clamp  diode.  This  helps  minimize 
wasted  power  which  would  otherwise  reduce  over- 
all efficiency  and  raise  the  IC's  junction  tempera- 
ture. The  series  diode  also  prevents  VCC  from 
powering  VOUT  during  start-up  and  short  circuited 
output  conditions. 


GATE  DRIVE  OUTPUT 

A  CMOS  totempole  output  stage  is  incorporated  in 
this  IC  which  provides  a  rail-to-rail  voltage  swing  of 
the  DRIVE  output.  A  200mA  peak  sink  current  and 
a  150mA  peak  source  current  will  adequately  drive 
MOSFETs  gates  for  this  low  power  application. 
Typical  rise  and  fall  times  into  a  1  nanoFarad  load 
are  35  and  25  nanoseconds  respectively. 

Schottky  clamp  diodes  to  protect  the  IC's  gate 
drive  output  from  swings  below  ground  and  above 
VCC  are  NOT  needed.  The  internal  body  diodes  of 
the  CMOS  output  stage  transistors  provide  suffi- 
cient clamping. 

OSCILLATOR  AND  TIMING  FUNCTIONS 

Programming  begins  with  a  selection  of  the  highest 
operating  frequency  which  will  typically  occur  at 
low  line  and  full  load.  As  either  the  load  is  de- 
creased, or  input  line  increased,  the  switching  fre- 
quency will  adjust  to  regulate  the  output  voltage. 
Therefore,  the  first  parameter  to  determine  is  the 
switching  frequency,  FS.  A  good  first  approximation 
is  100kHz  which  will  be  used  for  this  example. 

Fs  =  1 00kHz  at  low  line,  full  load 

The  switching  frequency  selection  will  determine 
the  exact  values  of  the  converter  inductors  (L1  and 
L2)  in  addition  to  the  exact  ON-time  and  OFF-time. 
Once  the  inductor  values  are  calculated,  the  IC  can 
be  programmed  to  deliver  the  specific  control  tim- 
ing functions,  TON  and  TOFF.  Likewise,  the  se- 
lected ON  and  OFF  times  can  be  used  to 
determine  the  exact  inductor  values  needed  to  fa- 
cilitate the  power  conversion. 

Switch  ON-time  is  developed  by  charging  a  timing 
capacitor  from  a  constant  current  source.  The  exact 
charging  current  is  varied  directly  with  the  con- 
verter input  voltage  to  deliver  a  constant  volt-sec- 
ond charging  of  the  timing  capacitor.  This 
characteristic  will  exhibit  input  voltage  feedforward 
and  immunize  the  output  from  changes  in  line  volt- 
age. 

During  the  charging  period  of  the  timing  capacitor, 
the  voltage  at  TON  is  approximately  4.5  volts.  Note 
that  only  eighty  percent  (80%)  of  the  current  into 
the  TON  pin  is  used  to  charge  the  timing  capacitor. 
The  other  twenty  percent  is  diverted  to  the  mini- 
mum line  voltage  detection  circuitry  which  is  de- 
scribed in  the  Protection  Circuits  portion  of  this 
Application  Note.  The  exact  timing  capacitor  charg- 
ing current  is  therefore  : 


I(Ct+)  =  0.8  • 


(VlN  -  4.5) 

RtON 


3-419 


APPLICATION  NOTE 


U-149A 


The  timing  capacitor  has  a  peak  to  peak  amplitude 
of  approximately  3.7  volts  for  high  noise  immunity. 
It  begins  charging  from  a  lower  threshold  of  1.3 
volts  to  it's  upper  threshold  of  5.0  volts.  While  the 
timing  capacitor  is  charging,  the  IC's  output  is  high 
and  the  converter  switch  is  on.  The  control  circuit 
■"'-time  is  programmed  according  to  the  following 
nula: 


tON  = 


Ct  •  3.7 


I(Ct+) 

This  can  also  be  expressed  as  : 
4.6  •  Ct  •  RtoN 


tON  = 


Vin  -  4.5 


The  ON-time  must  correspond  to  the  time  required 
to  charge  the  inductors  to  a  peak  current  value 
necessary  to  maintain  regulation  of  the  output  volt- 
age for  any  given  set  of  line  and  load  conditions. 
Note  that  the  exact  voltage  at  TON  will  rise  from 
about  2.5  to  6.5  volts  while  the  timing  capacitor  is 
charging,  so  these  equations  are  approximations. 

Once  the  timing  capacitor  crosses  the  upper  oscil- 
lator threshold,  the  IC  output  goes  low  and  the 
main  switch  is  turned  off.  The  timing  capacitor  is 
then  discharged  by  a  current  programmed  at  the 
TOFF  pin.  This  discharge  current  is  varied  as  a 
function  of  the  converter's  output  voltage  to  per- 
form regulation,  facilitate  startup  and  provide  pro- 
tection against  overload  and  short  circuit 
conditions.  Discharge  current  is  programmed  by  a 
resistor  (ROFF)  from  the  TOFF  pin  to  ground  ac- 
cording to  the  following  equation: 


KCt-)  = 


Vout-0.7 

ROFF 


The  OFF-time  is  expressed  as  : 
3.7  •  Ct  •  Roff 


tOFF  =  - 


Vout  -  0.7 


The  total  conversion  period  is  a  sum  of  the  ON- 
time  and  OFF-time  for  a  given  set  of  operating  con- 
ditions. Combining  equations,  this  can  be  stated 


as: 


tPERiOD  =  3.7  •  Ct  • 


RtON 


+  - 


RtOFF 


0.8  •  (Vin  -  4.5)  Vout-0.7 

Since  one  percent  resistors  are  more  readily  avail- 
able than  capacitors  with  such  a  tight  tolerance,  it 
is  advisable  to  first  select  the  timing  capacitor.  Also, 
resistor  values  should  be  kept  as  high  as  possible 
to  minimize  oscillator  currents  to  attain  high  overall 
efficiency,  especially  in  a  low  power  application.  A 
good  first  approximation  is  to  use  150pF  for  the 
timing  capacitor  value  which  will  "home-in"  on  tim- 


ing resistor  values  between  200k  and  2meg  ohms 
for  approximately  100kHz  operation. 

Ct  =  150pF  (first  approximation) 

REGULATING  THE  OUTPUT  VOLTAGE 

The  converter  output  voltage  can  be  regulated  in 
two  different  modes,  depending  on  the  application. 
In  it's  simplest  configuration,  the  output  voltage  is 
connected  to  the  IC's  Vout  pin  and  the  ADJ  pin  is 
unused.  An  internal  116k/30k  ohm  resistor  network 
is  used  to  divide  the  output  voltage  down  for  com- 
parison to  a  precision  2.5  volt  reference  at  the  tran- 
sconductance  (gm)  amplifier.  It's  output  alters  the 
timing  capacitor  discharge  current  to  adjust  the  Off- 
time  in  response  to  any  changes  in  the  converter 
output  voltage.  In  this  configuration  with  the  ADJ 
pin  "floating",  the  output  voltage  is  regulated  at  12 
volts.  This  level  was  selected  for  general  purposes 
and  is  compatible  with  many  applications. 

Another  simple  configuration  of  this  control  circuit 
is  to  ground  the  ADJ  pin.  An  additional  50k£2  is 
then  placed  in  parallel  with  the  30kn  internal  di- 
vider resistor  thus  lowering  the  impedance  to  about 
18.75kfl.  Grounding  the  ADJ  pin  will  regulate  the 
converter  output  voltage  at  approximately  18  volts 
instead  of  12  volts,  as  with  the  ADJ  pin  floating. 
This  amplitude  was  selected  for  use  with  many 
popular  off-line  PWMs  as  this  converters  principal 
load  which  utilize  a  16  volt  turn-on  threshold.  After 
accommodating  their  UVLO  tolerances,  eighteen 
volts  was  selected  to  fulfill  nearly  all  PWM  under- 
voltage  lockout  requirements. 

The  converter  output  voltage  can  be  programmed 
for  any  level  above  2.5  volts  with  two  parts.  An  ex- 
ternal resistive  divider  network  between  Vout,  ADJ 
and  GND  is  all  that's  needed.  This  should  be  a 
lower  impedance  than  the  IC's  internal  divider  net- 
work to  null  out  any  inaccuracies  due  to  initial  toler- 
ance. By  proper  IC  layout  design  and  procedures, 
resistor  ratios  within  the  device  will  be  maintained 
quite  accurately  although  their  exact  values  can 
vary  significantly.  For  this  reason,  best  results  are 
obtained  by  using  lower  impedances  externally 
than  the  116k,  30k  and  50k  used  within  the 
UCC3889. 

CLOSING  THE  FEEDBACK  LOOP 

An  internal  transconductance  amplifier  (gm  type)  is 
used  to  maintain  regulation  of  the  output  voltage. 
The  converter's  output  voltage  is  divided  down  by 
the  1 1 6k  and  30k  ohm  resistor  network  and  fed  to 
the  inverting  input  of  the  error  amplifier.  This  state- 
ment applies  for  the  simple  configuration  where  the 
ADJ  pin  is  unused  and  left  floating.  For  all  other  ap- 
plications which  utilize  the  ADJ  pin  for  program- 
ming the  output  voltage,  then  the  50k  ohm  series 
resistance  must  be  accommodated  in  the  design 
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Vout|  \- 


•116k 


ADJ 


 -VW 

50k 


 r 

aV 

2.5V — L 


lo 


30k 


lo=gnv  aV 


Figure  4.  Adjust  Pin  Details 

equations,  as  shown  in  Figure  4.  For  either  case, 
the  noninverting  error  amplifier  input  is  internally 
tied  to  a  precise  2.5  volt  reference.  The  corre- 
sponding amplifier  output  current  is  the  transcon- 
ductance  of  the  amplifier  (gm)  multiplied  by  the 
difference  in  amplifier  input  voltages  (AV)  and  is  ex- 
pressed as: 

I(E/A)out  =  gm  •  AV,  where  gm  =  1  mA/V 

The  error  amplifier  output  current  is  used  to  modu- 
late the  discharge  current  of  the  timing  capacitor 
and  perform  regulation.  This  current  is  subtracted 
from  the  capacitor's  maximum  discharge  current 
which  is  programmed  by  Roff,  as  shown  in  Figure 
5.  Note  that  the  maximum  discharge  current  is  lim- 
ited to  225  microamps  within  the  IC,  so  a  value  be- 
low this  should  be  used. 

When  the  converter  output  voltage  is  low,  the  tim- 
ing capacitor  discharge  current  is  also  low.  This  is 
typical  of  start-up  and  short  circuit  conditions.  Low 
discharge  current  indicates  a  long  discharge  time, 
or  OFF-time  for  Ct,  corresponding  to  a  low  duty  cy- 
cle. This  feature  delivers  excellent  protection  under 
either  of  these  conditions.  As  the  output  voltage  in- 
creases, so  does  the  discharge  current.  This  has 
the  effect  of  widening  the  duty  cycle  in  response  to 
the  output  voltage  being  lower  than  it's  ideal  set- 
point.  More  energy  is  transferred  as  the  duty  cycle 
widens  which  continues  to  raise  the  output  voltage. 


100nA 
IDCHG 

(max) 
m 
o 

DC 
< 


-(gm.AV) 


0.7V  12V 
VOUT 

Figure  5.  Discharge  I  vs.  Vout 


As  the  exact  point  of  regulation  is  reached,  the  tim- 
ing capacitor  discharge  current  will  decrease  as 
shown  in  Figure  5.  This  has  the  effect  of  reducing 
the  effective  duty  cycle  in  response  to  the  output 
voltage  getting  above  the  ideal  threshold.  If  the  out- 
put voltage  continues  to  climb,  then  the  discharge 
current  is  reduced  even  further.  This  will  result  in  a 
longer  OFF-time,  or  further  reduced  duty  cycle, 
thus  bringing  the  output  voltage  back  to  it's  set 
point.  Note  that  this  operational  mode  also  provides 
overvoltage  protection. 

PROTECTION  CIRCUITRY 

For  an  eight  pin  device,  this  UCC3889  features  a 
number  of  internal  protection  features.  As  high- 
lighted in  previous  sections,  the  IC  has  a  9V  zener 
clamp  on  its  supply  rail.  There  is  also  a  diode  iso- 
lating Vcc  from  the  normal  power  source  (Vout)  to 
keep  the  IC  alive  in  case  of  a  shorted  output  or 
overload  condition.  A  switched  current  source  also 
protects  the  zener  from  the  low  impedance  present 
at  Vout. 

Undervoltage  lockout  guarantees  that  the  IC  does 
not  turn  on  until  all  internal  circuits  are  properly  bi- 
ased for  normal  operation.  It  also  insures  an  ade- 
quate gate  drive  amplitude  is  present  to  the  main 
switch.  This  is  performed  by  the  "Vcc  OK"  compa- 
rator as  indicated  in  the  UCC3889  block  diagram, 
Figure  3. 

Low  line  lockout  protection  is  also  contained  within 
the  IC  to  prevent  operation  during  brown-out  condi- 
tions and  at  power  down.  This  eliminates  the  poten- 
tial for  excessively  low  frequency  operation  which 
can  cause  saturation  of  the  inductors  and  abnor- 
mally high  currents  within  the  power  stage.  One- 
fifth  of  the  current  flowing  into  Ton  is  used  in 
conjunction  with  the  "V  LINE  OK"  comparator  to 
detect  this  situation.  Note  that  this  conditional  test 
is  performed  at  every  oscillator  clock  cycle  during 
the  charging  of  the  timing  capacitor.  To  further  re- 
duce power  consumption,  the  current  used  for  de- 
tection of  low  line,  in  addition  to  Ct's  charging 
current  are  switched  off  while  the  oscillator  dis- 
charges each  cycle. 

Once  a  low  line  fault  triggers  the  "V  LINE  OK"  com- 
parator,-a  0.5  millisecond  fault  delay  period  begins. 
During  this  time  the  IC  output  is  held  off  regardless 
of  the  oscillator  operation.  This  delay  limits  the  con- 
verter's retry  rate  during  a  brownout  to  around  2  ki- 
lohertz  which  is  a  significant  reduction  in 
comparison  to  the  switching  frequency.  In  addition, 
the  ON-time  of  the  converter  is  reduced  to  600ns 
independent  of  the  input  line  voltage. 

Further  details  and  specifications  can  be  obtained 
on  the  device's  datasheet. 
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DESIGN  EXAMPLE 

Vin  =  80  to  132VAC,  or  100  to  180VDC 

VOUT  =  1 2VDC 

Pout  =  1  Watt  maximum 

Fswitching  =  100kHz 

Efficiency  =  50%  (estimate) 

Low  line,  full  load  condition  will  be  used  to  begin 
the  design  procedure. 

Step  1 .  Calculate  Maximum  Duty  Cycle 
1 


DutyCycle  (d)  =  - 


d(max)  =  - 


VIN 

Vout 
1 


3.887 


d(max)  =  0.257  (roughly  26%) 


Step  2.  Calculate  tON(max) 
Fswitching  = 


toN(max)  = 
toN(max)  = 


tPERIOD     1 0us 

d(max) 


= 100kHz 


Fswitching 
0.257 


100kHz 


2.57us 


Step  3.  Calculate  tOFF(min) 
tOFF(min)  =  tPERIOD  -  tON(max) 
tOFF(min)  =  10us  -  2.57us  =  7.43ns 

Step  4.  Calculate  the  Maximum  Input  Power 
Pout  1W 


PiN(max)  = 


n(efficiency)  0.5 


=  2W 


Step  8.  Calculate  the  Output  Voltage  of  the  First 
Flyback  Stage 

Since  the  volt-second  products  of  the  ON-time 
and  OFF-time  must  balance  for  any  inductor, 
then  Vin  •  tON  =  Vout  •  tOFF,  where  Vout  is 
VC1. 

vc1=VlN.J°NL=10o.^i  =  34.6V 
tOFF  7.43jis 

Note  that  the  second  inductor  (L2)  is  switched 
across  this  voltage  while  the  main  switch  is  on, 
so  VC1  is  the  applied  voltage  to  the  second  Fly- 
back stage.  Although  this  capacitor  is  switched 
between  the  lower  and  upper  supply  rails,  the 
voltage  rating  of  C1  is  much  lower  than  the  input. 
The  worst  case  can  be  easily  calculated  using 
the  previous  equation  for  VC1 ,  but  note  that  the 
IC  will  adjust  the  duty  cycle  to  minimize  this  volt- 
age change  over  line  and  load  ranges.  Specifi- 
cally, the  switching  frequency  will  adjust,  so  a 
high  voltage  capacitor  is  not  needed  for  normal 
operation. 

Step  9.  Calculate  the  Peak  Current  in  the  Second 
Inductor  (L2) 

.     .  .  .      „  lOUT 

Mpk)  =  2  •  — - 

Pni  it      1 W 
wnere|OUT=^I=_!|y.  =  o.083A 

Mpk)=  llJoyr  =  2^0083 
H  d        1  -  0.257 


Step  10.  Calculate  the  Second  Inductor  Value  (L2) 
using  the  Output  Voltage  of  the  First  Stage,  ON- 
time  and  Required  Peak  Current  of  L2. 


L2  =  VC1  • 


tON 
lL2(pk) 


34.6  »  2.57  »  10"6 
0.223 


=  398uH 


Step  5.  Calculate  the  Input  Current  at  Low  Line 
Pin 


llN  : 


VlN(min) 


2W 

llN  =  ilov  =  0020A 


Step  6.  Calculate  the  Peak  Inductor  Current, 
lu(pk) 

lu(pk)  =  2  •  y  =  2  •  =  0.156A 


Step  7.  Calculate  the  First  Inductor  Value  (L1) 


L1=VlN't0N(maX)  =  100.  2.57.  10 


-6 


iLl(pk) 


0.156 


=  1.67mH 


Step  1 1 .  Verify  the  Estimated  Output  Voltage,  Vout 
ViN(stage  2)  »  d 
1  -d 


VOUT: 


VOUT  = 


34.6  »  0.257 
0.743 


12.0V 


Note  that  this  is  an  approximation  and  does  not 
account  for  the  output  rectifier  voltage  drop  nor 
any  other  losses.  The  control  circuit  will  adjust  for 
these  losses  since  it  is  operating  closed  loop  and 
modify  the  OFF-time,  hence  duty  cycle,  accord- 
ingly. 

PROGRAMMING  THE  UCC3889  FUNCTIONS 

The  timing  functions  of  the  IC  will  be  pro- 
grammed according  to  the  timing  intervals  which 
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have  been  calculated  for  100kHz  operation.  A 
150pF  timing  capacitor  has  been  selected  as  a 
starting  point  to  simplify  the  design  process.  The 
specific  ON-time  and  OFF-time  programming  re- 
sistors are  obtained  from  the  previous  equations 
by  inserting  the  appropriate  times  and  capacitor 
value. 

Step  1 2.  Calculate  RtON 


RtON 


tON  »  (Vin  -  4.5) 
4.6  •  Ct 


RtON  = 


2.57  »  10"b  »  (100-4.5) 


4.6  •  150*  10"12 
RtON  =  348.9k  (use330kfi) 

Step  13.  Calculate  Roff 


ROFF  : 


Roff  = 


tOFF  »  (Vqut  -  0.7) 
3.7  •  Ct 

7.43  »  10"6.  (12-0.7) 


3.7.  150.  10 


-12 


Roff  =  149.3k  (use  150k) 

Step  1 4.  Calculate  Rdchg 
A  resistor  placed  in  parallel  with  the  timing  ca- 
pacitor is  used  to  discharge  Ct  when  the  con- 
verter output  voltage  goes  to  zero.  This  also  sets 
the  maximum  OFF-time  of  the  switch  and  is  used 
to  program  the  minimum  frequency  for  startup 
and  short  circuit  protection.  A  one  millisecond 
(1ms)  duration  will  be  used  for  this  example. 

tOFFmax 


Rdchg  • 


3.7  •  Ct 


Rdchg  =  1 .78  meg  (use  1 .8  or  2  meg) 


PROGRAMMING  THE  OTHER  PINS 

An  output  voltage  of  12VDC  has  been  selected 
which  does  not  require  a  resistor  divider  for  feed- 
back. The  IC's  ADJ  pin  is  open  for  this  application. 
Also,  the  MOSFET  gate  will  be  directly  connected 
to  the  IC's  output  and  no  gate  drive  resistor  is 
needed.  Typical  0.1  |iF  bypassing  will  be  used  at  the 
IC's  supply  voltage,  Vcc.  A  tight  prototype  layout  is 
also  recommended  as  good  design  practice. 

PROTOTYPE  ASSEMBLY 

The  entire  1  Watt  off-line  power  supply  can  be  built 
with  as  few  as  1 6  parts  for  a  1 1 0VAC  only  input  as 
shown  in  Figure  6.  Using  surface  mount  assembly 
techniques  and  a  tight  PC  board  layout,  the  com- 
pleted assembly  requires  about  one  square  inch 
(1"  sq.of  area).  A  performance  evaluation  for  this 
example  is  summarized  below. 

UNIVERSAL  INPUT  VOLTAGE  (80  to  265VAC) 

Due  to  the  higher  voltage  input  (373Vpk),  L1  and 
RtON  will  be  broken-up  into  series  components 
which  can  conservatively  handle  the  applied  volt- 
age. For  example,  three  identical  1/4W  resistors 
will  be  used  as  RtON  due  to  the  maximum  voltage 
rating  of  200  volts  each.  Inductor  L1  is  divided  into 
two  very  inexpensive  axial  type  inductors  also 
placed  in  series  to  withstand  the  high  voltage.  All 
other  lower  voltage  components  are  similar  to  the 
1 10VAC  only  application,  and  are  readily  available, 
standard  types  used  in  the  industry. 

The  bulk  input  capacitor  should  be  conservatively 
rated  for  450VDC,  and  the  input  diodes  are  800V 
types.  Since  the  circuit  operates  in  the  discontinu- 
ous inductor  current  mode,  diode  switching  speed 
is  not  very  critical.  However,  diodes  should  have  re- 
covery times  below  a  quarter  of  a  microsecond 
(trr  <  250ns)  for  efficient  high  frequency  operation, 
and  rated  for  the  proper  reverse  voltage.  Standard 
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Figure  6.  Design  Example 


< 
U 
_j 
Q. 

o. 
< 


3-423 


APPLICATION  NOTE 


U-149A 


1N4007  1N4007 

A  £ 


0.2A 


1N4007 


1N4007 

5  £ 


2.2|iF 
450VDC 


VF. 


,  1N4007 

 >TO  PFC 


"1 


5l 


vcc 
(T  Vout  Ton 

UCC3889 

Toff  DRV 

-(T  ADJ  CT 
GND 


•110k 


•  110k 


•110k 


A  1N4937 


0.1uF 
100V 


MTP1N60 


''  RDCHG^  150 pF 
OPTIONAL  2Mog  i 


7\  1N4937 

-Oh- 


1N4935 
390uH  ; 


22uF 


Figure  7.  Typical  1 10/220VAC  Application 


1N4937  type  600V  diodes  can  be  used  in  the  high 
voltage  switching  sections,  and  a  lower  voltage 
1 N4935  is  a  good  selection  for  the  output  diode.  To 
simplify  manufacturing,  1N4937s  can  be  used  for 
all  three  rectifier  applications.  The  complete  sche- 
matic and  list  of  components  is  shown  in  figure  7. 
Measured  performance  is  indicated  above. 

UCC3889  Application  Circuit  Performance 
Measurements 

110VAC  (only)  and  110/220  Universal  AC  input 
Nonisolated  models 


VlN 
(VAC) 

VOUT 

(VDC) 

Pout 
(W) 

EFFCY 
(approx) 

78 
(both) 

12.16 

0.58 

45% 

12.15 

0.81 

47% 

12.11 

1.00 

47% 

128 
(both) 

12.22 

0.59 

45% 

12.23 

0.82 

45% 

12.24 

1.02 

44% 

170 
(110/220  only) 

12.24 

0.59 

44% 

12.25 

0.82 

44% 

12.26 

1.03 

44% 

264 
(110/220  only) 

12.24 

0.59 

40% 

12.26 

0.82 

42% 

12.28 

1.034 

43% 

Vour  nominal  =  12.195V,  ±0.7%  (±85mV) 
Efficiency  nominal  =  44% 





ISOLATING  THE  OUTPUT  VOLTAGE 

An  isolated  output  voltage  is  obtainable  with  this 
UCC3889  controlled  cascaded  Flyback  conversion 
technique.  While  several  possibilities  exist,  one  of 
the  easiest  places  to  attain  isolation  is  at  the  induc- 
tor used  in  the  second  power  conversion  stage,  as 
shown  in  Figure  8.  Due  to  its  lower  inductance  than 
the  first  stage,  fewer  turns  are  required  and  gener- 
ally a  smaller  core  can  be  utilized.  Note,  however, 
that  the  core  size  could  be  predominantly  deter- 
mined by  the  isolation  requirements  and  not  the 
stored  energy  requirements  of  the  system.  Design- 
ers are  encouraged  to  pursue  various  core  geome- 
try options  depending  on  the  specific  isolation 
voltage,  safety  agency  and  creepage/clearance 
distance  requirements. 
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Figure  8.  Isolated  Output 
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One  rather  quick,  inexpensive  and  effective  way  to 
provide  an  isolated  output  is  to  use  an  "off-the- 
shelf"  isolation  transformer  which  meets  the  design 
specifications.  Many  standard  "Common  Mode 
Line  Chokes"  used  for  EMI  filters  and  suppression 
meet  the  appropriate  voltage  isolation  require- 
ments. One  example  of  this  is  the  Coilcraft  "EE 
Style"  series  of  line  chokes.  Specifically,  their 
E3496A  through  E3498A  coupled  chokes  have  in- 
ductances between  168|iH  and  468mH  and  can 
handle  currents  from  2.5  to  4  amps.  As  stated  pre- 
viously, there  are  a  variety  of  other  manufacturers, 
core  styles  and  ratings  to  choose  from,  in  addition 
to  designing  one's  own. 

REGULATING  THE  ISOLATED  OUTPUT 

Maintaining  adequate  regulation  of  the  isolated 
output  voltage  over  all  line  and  load  conditions 
without  any  feedback  path  to  the  IC  via  optocoupler 
(etc.)  is  possible.  If  both  windings  of  the  isolating 
inductor  were  perfectly  coupled  then  the  voltages 
of  each  would  look  identical  regardless  of  which 
one  was  being  loaded.  As  is  always  the  case,  truly 
perfect  magnetic  coupling  cannot  be  obtained,  re- 
sulting in  detrimental  series,  leakage  inductance. 
This  detracts  from  the  ability  for  one  winding  to  per- 
fectly track  the  other  which  will  degrade  output  volt- 
age regulation.  These  effects  are  minimized  by  a 
low  leakage  inductance  design,  but  some  finite 
leakage  is.  to  be  expected,  especially  with  high  volt- 
age isolation  between  windings. 

Preloading  of  the  "feedback"  winding  which  powers 
the  UCC3889  IC  and  provides  the  voltage  feed- 
back information  will  improve  regulation  of  the  iso- 
lated output  over  all  load  conditions.  While  this 
does  reduce  overall  efficiency,  the  small  penalty 
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Figure  9.  Adding  Series  Inductance 
to  Improve  Cross  Regulation 

may  be  an  acceptable  compromise  for  the  improve- 
ment in  regulation. 

The  best  option  to  improve  regulation  is  to  add 
some  series  inductance  to  the  "feedback"  winding 
as  shown  in  Figure  9.  Note  that  when  placed  as 
shown,  the  inductance  is  not  part  of  the  circuit 
while  the  coupled  inductor  is  charging,  but  only 
during  the  discharge.  This  additional  inductance 
has  the  effect  of  steering  all  ripple  current  (hence 
stored  energy)  to  the  isolated  output  which  is  more 
heavily  loaded.  Energy  is  transferred  to  where  it  is 
needed  most,  at  the  load,  and  not  to  the  control  cir- 
cuit. By  varying  the  series  inductance  and  preload- 
ing of  each  output,  excellent  regulation  of  the 
isolated  output  voltage  can  be  achieved  without  re- 
quiring a  separate  feedback  path. 

An  isolated  version  of  the  universal  input  range  ap- 
plication circuit  of  Figure  10  was  constructed  and 
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Figure  10.  Isolated  Output  with  Universal  AC  Input  Range 
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tested.  Performance  results  are  shown  below  for 
comparison  to  the  nonisolated  version. 

UCC3889  Application  Circuit  Performance 
Measurements 

1 10/220  Universal  AC  Input  with  Isolated  Output 


VlN 
(VAC) 

Vnoniso 
(VDC) 

Viso 
(VDC) 

POUT 

(W) 

EFFCY 
(approx) 

78 

12.37 

12.07 

0.41 

45% 

12.31 

11.85 

0.63 

46% 

12.26 

11.63 

0.82 

47% 

12.26 

11.33 

0.99 

51% 

156 


12.39 

12.14 

0.42 

44% 

12.36 

12.00 

0.64 

45% 

12.37 

11.80 

0.85 

46% 

12.37 

11.72 

1.06 

44% 

195 

12.42 

11.77 

0.39 

43% 

12.39 

11.59 

0.60 

44% 

12.36 

11.33 

0.78 

44% 

12.33 

11.42 

1.00 

45% 

240 

12.43 

11.819 

0.39 

39% 

12.41 

11.697 

0.61 

42% 

12.39 

1 1 .605 

0.81 

43% 

12.38 

11.626 

1.04 

43% 

Nonisolated  Vout nominal  =  12.349V,  ±0.7%  (±85mV) 
Isolated  VOUT  nominal  =  11.74V,  ±3.4%  (±400mV) 
Efficiency  nominal  =  45% 

Main  Transformer  =  COILCRAFT  E3498A  "Common 
Mode  EMI  Filter  Choke",  Turns  Ratio  =  1:1,  Lp  =  Ls  = 
160\iH  (approx),  3750VAC  Isolation 


EFFICIENCY 

The  efficiency  measurements  indicate  the  overall 
ratio  of  output  power  divided  by  the  input  power, 
and  are  typically  around  45%.  Note  that  this  figure 
includes  the  power  lost  in  the  timing  resistor  (RtON) 
connecting  the  input  supply  voltage  to  the 
UCC3889  for  initial  startup  and  continuous  input 
line  voltage  detection.  The  power  consumed  to  per- 
form this  function  is  approximately  30  milliwatts  at 


low  line,  but  nearly  400  milliwatts  at  high  line.  Once 
this  loss  is  accounted  for,  the  remaining  losses 
demonstrate  that  this  converter  runs  between  51% 
and  63%  efficiency  at  high  line,  depending  on  load. 
It  is  clear  that  this  cascaded  flyback  conversion 
technique  is  a  highly  efficient  solution  to  low  power 
applications,  especially  with  a  high  voltage  input. 

OTHER  APPLICATIONS 

Although  primarily  designed  for  off-line  applica- 
tions, the  UCC3889  Bias  Supply  Controller  and  the 
cascaded  Flyback  Conversion  technique  are 
equally  applicable  for  low  power  DC/DC  converters. 
Typical  usages  are  to  generate  a  bias  supply  for 
the  main  PWM  controller,  or  to  deliver  a  regulated, 
low  power  output  supply.  The  simple  implementa- 
tion of  this  control  technique  is  further  applicable  to 
numerous  other  topologies  including  conventional 
Flyback,  Forward  and  other  single  switch  convert- 
ers. 

SUMMARY 

The  task  of  generating  a  low  power,  low  voltage 
bias  supply  can  be  greatly  simplified  using  this 
novel  cascaded  Flyback  converter  technique.  Inex- 
pensive, readily  available  standard  components 
can  be  used  in  cost  sensitive  applications,  while 
miniature  surface  mount  devices  are  best  suited 
where  size  is  a  premium.  Furthermore,  this  ap- 
proach can  be  utilized  to  generate  an  isolated  low 
power  supply  without  the  complexity  of  voltage 
feedback  circuitry.  Finally,  a  sophisticated  8  pin  IC, 
the  UCC3889  Bias  Supply  Controller  has  been  in- 
troduced to  minimize  external  components  while 
providing  complete  protection  of  the  converter  and 
regulation  of  the  output  voltage. 

NOTES 

1.  The  control  technique  implemented  by  the 
UCC3889  Control  IC  is  used  under  agreement 
from  Lambda  Electronics  and  is  patent  pending. 
Designs  incorporating  this  control  technique  are 
not  in  violation  of  this  patent  provided  that  the 
UCC3889  is  used  as  the  control  device. 

2.  COILCRAFT's  phone  number  is  : 
1-800-322-2645  (U.S.). 


UNITRODE  CORPORATION 
7  CONTINENTAL  BLVD.  .  K 
TEL.  603-424-2410  •  FAX  6 


3-426 


UNITRODE  CORPORATION  APPLICATION  NOTE  U-150 


APPLYING  THE  UCC3570  VOLTAGE-MODE  PWM  CONTROLLER  TO  BOTH  OFF-LINE  AND 
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Abstract 

BiCMOS  processing  provides  the  key  to  a  new  integrated  PWM  controller  which  offers  higher  switching  frequen- 
cies at  lower  quiescent  current  drain  while  including  new  innovations  in  both  performance  and  protection  features. 
Its  versatility  is  demonstrated  with  the  description  of  a  50W,  wide  input  voltage  range,  off-line  inverter  and  a  48-to- 
5V  isolated  DC/DC  converter,  both  of  which  feature  efficiencies  in  the  range  of  80  percent. 


INTRODUCTION 

Over  the  years,  our  industry  continues  to  see  a  steady 
evolution  in  power  control  technologies  as  new  circuit 
topologies  offer  performance  improvements  over  those 
achievable  with  older  designs.  For  instance,  current- 
mode  control  has  become  today's  dominant  control  al- 
gorithm as  its  introduction  brought  such  benefits  as: 

•  Instant  response  to  line  variation 

•  Inherent  pulse-by-pulse  current  limiting 

•  Faster  loop  response 

These  characteristics  were  quite  significant  when  com- 
pared to  the  voltage-mode  circuits  built  with  the  tech- 
nology of  the  early  1 980's  when  current-mode  IC's  were 
first  introduced.  However,  both  circuit  design  and  IC 
process  developments  during  the  intervening  years 
have  shown  that  these  capabilities  are  not  necessarily 
limited  to  current-mode  control.  And  along  with  the 
benefits  of  current-mode  control  have  come  several  dif- 
ficulties which  have  notably  complicated  the  power  sup- 
ply designer's  tasks.  Among  these  are: 

•  Dealing  with  the  current  waveform's  leading- 
edge  spike 

•  Eliminating  the  effects  of  ringing  or  other  noise 
sources 

•  Adding  the  appropriate  amount  of  slope  com- 
pensation 

•  Analyzing  circuit  performance  with  two  feed- 
back loops 


•  Providing  good  regulation  with  multiple  outputs  [J} 

•  Stabilizing  PWM  operation  with  low  amplitude  q 
ramp  waveforms  Z 

Although  solutions  can  and  have  been  found  for  all  the  2 
above  issues,  these  difficulties  have  inspired  a  re-evalu-  2 
ation  of  voltage-mode  control  in  the  light  of  today's  tech-  < 
nology.  In  particular,  it  seemed  desirable  to  incorporate 
some  newer  circuit  concepts  -  such  as  voltage  feed-for-  ^ 
ward,  programmable  duty-cycle  limiting,  and  sophisti-  Q. 
cated  fault  protection  -  into  a  design  which  could  also  ^ 
benefit  from  low-current  BiCMOS  processing.  These  cir- 
cuit and  process  innovations  have  resulted  in  a  new  IC 
controller  equally  at  home  in  wide  voltage  range  off-line 
inverters  and  highly  efficient  isolated  DC/DC  convert- 
ers. 

INTRODUCING  THE  UCC3570 

The  overall  block  diagram  for  the  UCC3570  is  shown  in 
Figure  1.  While  this  architecture  may  look  relatively 
complex,  it  is  not  because  of  the  pulse-width  modula- 
tion circuitry.  Although  this  may  be  the  heart  of  the  con- 
troller, it  is  implemented  with  only  the  comparator, 
OR-gate,  latch,  and  output  driver  shown  across  the 
center  of  the  diagram.  Since  the  UCC3570  is  intended 
for  isolated  applications,  there  is  no  error  amplifier,  an- 
ticipating that  this  function  will  be  on  the  opposite  side 
of  the  isolation  boundary. 
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Figure  1.  The  overall  block  diagram  of  the  UCC3570  showing  connections  to  typical  external  components. 


The  emphasis  given  to  programming  and  protection  is 
indicated  by  the  multiple-input  OR-gate  in  the  PWM 
path.  This  gate  will  terminate  or  prevent  an  output  pulse 
if  any  of  its  inputs  are  high.  The  input  signals  to  this 
gate  are  derived  from  the  remainder  of  the  circuitry. 
These  other  circuits  can  be  divided  into  three  sections 
which  are  described  below:  Ramp  generation,  Power 
sequencing,  and  Fault  protection. 

RAMP  GENERATION  CIRCUITRY 

An  important  circuit  feature  incorporated  into  the  design 
of  the  UCC3570  is  a  unique  PWM  ramp  generator 
which  combines  voltage  feed-forward,  duty-cycle 
clamping,  and  fixed  frequency  operation.  While  all  of 
these  characteristics  have  individually  been  used  be- 
fore, combining  them  into  a  control  which  will  automat- 
ically and  linearly  provide  an  open-loop  PWM  correction 
for  large  input  voltage  variations,  and  allow  a  maximum 


duty-cycle  clamp  to  be  user-set  over  a  20%-to-80% 
range,  while  maintaining  constant  switching  frequency, 
was  a  challenge  met  with  the  circuitry  shown  separately 
in  Figure  2. 

The  ramp  voltage  waveform  is  formed  by  charging  an 
external  capacitor  with  a  current  source  made  propor- 
tional to  the  input  line  voltage,  and  discharging  it  with  a 
programmable  current  sink  which  determines  the  mini- 
mum deadtime.  Switching  between  the  charging  and 
discharging  currents  is  commanded  by  a  flip-flop  which 
is  set  with  a  constant-frequency  clock  signal,  and  reset 
when  the  ramp  reaches  four  volts.  To  insure  constant 
ramp  amplitude,  the  bottom  of  the  ramp  is  held  at  one 
volt  while  awaiting  the  clock  command  to  start  the  next 
charge  cycle.  If  the  ramp  discharge  has  not  returned  to 
one  volt  at  the  end  of  the  period,  the  clock  is  blocked, 
forcing  the  circuit  to  wait  through  the  next  period  before 
charging  again  by  accepting  the  following  clock  signal. 
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These  relationships  are  shown  in  Figure  3  which  compares 
the  ramp  waveform  with  three  different  levels  of  input  voltage. 
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Figure  2.  The  ramp  generation  portion  of  the  UCC3570  with 

independent  rise-time,  fall-time,  and  frequency  control. 


ji  r  -  _n_r  j 


I 

i 

j 

r 

FAULT  V» 


Figure  3.  Effects  of  line  voltage  on  the  ramp  waveform  showing  a 
variable  slope  rise,  constant  fall,  and  guaranteed 
minimum  off-time. 

PROGRAMMING  AND  PROTECTION 

The  power  sequencing  features  of  the  UCC3570  are  highly 
optimized  for  off-line  operation  beginning  with  the  fact  that  the 
BiCMOS  process  yields  very  low  operating  currents  for  this 
device  -  one  milliamp  to  run  and  less  than  100  microamps 


prior  to  starting.  In  addition,  there  are  two  pins 
which  sense  the  line  voltage  and  provide  turn- 
on/turn-off  functions.  Vcc  provides  chip  power 
and  has  a  UVLO  circuit  which  sets  turn-on  at  13 
volts  with  a  4-volt  hysteresis.  Vfwd  is  primarily  in- 
tended to  provide  voltage  feed-forward  by  adjust- 
ing the  ramp  slope,  but  this  pin  is  also  monitored 
by  over  and  under-voltage  sensing  comparators 
which  terminate  output  pulses  if  the  line  voltage 
is  outside  its  defined  operating  range.  Because 
Vcc  will  normally  require  an  energy  storage  ca- 
pacitor, it  will  respond  more  slowly  than  Vfwd 
and  since  both  must  be  above  a  minimum  for  op- 
eration, turn-on  will  typically  be  initiated  by  Vcc 
while  a  collapsing  voltage  on  Vfwd  will  provide  a 
faster  turn-off.  Turn-on  is  further  controlled  by  a 
Soft-Start  circuit  which  minimizes  both  starting 
currents  and  output  voltage  overshoot. 

Another  valuable  circuit  feature  is  an  over-current 
fault  protection  technique  which  provides  fast 
pulse-by-pulse  current  limiting  with  the  ability  to 
accept  a  definable  period  of  over-current  opera- 
tion and  then  shut  the  system  down  if  the  fault  is 
continuous.  Referring  again  to  Figure  1,  the  Cur- 
rent Limit  pin  is  shown  monitored  by  two  compa- 
rators with  thresholds  of  0.2  and  0.6  volts.  (It 
might  be  noted  that  noise  filtering  here  has  no 
impact  on  the  feedback  control  loop  as  it  would 
with  current-mode  control.)  When  the  0.2V 
threshold  is  exceeded,  the  output  is  commanded 
off  within  100nsec.  In  addition,  each  time  this  oc- 
curs, an  increment  of  charge  is  added  to  the  ca- 
pacitor on  the  COUNT  pin  and  should  the 
voltage  on  this  pin  rise  to  4V,  a  Shutdown  Latch 
is  activated.  This  latch  is  also  triggered  immedi- 
ately if  the  current  limit  signal  crosses  the  0.6V 
threshold.  Reset  of  the  Shutdown  Latch  occurs 
when  either  Vcc  or  Vfwd  falls  below  its  lower 
threshold  which  allow  a  variety  of  options  for 
either  manual  or  automatic  restart  but,  in  either 
case,  reset  initiates  a  normal  soft-start. 

AN  OFF-LINE  APPLICATION 
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WARNING 

Off-line  AC  power  supplies  are  intrinsically  hazardous!!! 

The  power  supply  described  herein  contains  dangerous  voltages! 

Never  allow  human  contact  with  any  part  of  the  input  circuitry  of  any  power  supply,  including  the  input 
ground  connections,  if  it  is  not  connected  through  an  isolation  transformer,  whether  the  supply  is  turned 
on  or  off. 

The  supply  described  herein  uses  and  can  produce  voltages  which  are  potentially  lethal!  It  should  be 
serviced  or  tested  only  by  experienced,  qualified  personnel,  with  proper  techniques  and  equipment! 

WARNING 
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Figure  4.  A  simplified  schematic  for  a  50  Watt,  off-line  power  converter  with  full  fault  protection  applicable  to  worldwide 
line  voltages. 


The  50  Watt  off-line  supply  shown  in  Figure  4  is  pre- 
sented to  illustrate  a  typical  use  for  this  controller.  This 
application  is  intended  for  highly  cost-sensitive  markets 
requiring  operation  over  world-wide  line  voltages.  Its 
forward  topology  provides  good  regulation  with  low  out- 
put ripple  and  it  takes  advantage  of  the  low  current  re- 
quirement of  the  UCC3570  to  allow  simple  interfacing 
to  the  high  voltage  line  with  minimal  power  loss.  The 
switching  frequency  is  225kHz  with  the  allowable  duty- 
cycle  range  set  to  a  maximum  of  67%  -  a  value  which 
keeps  the  peak  switch  current  low  while  still  insuring  a 
finite  reset  time  for  the  transformer.  The  design  steps 
which  follow,  while  perhaps  less  rigorous  than  some 
might  wish,  should  still  provide  a  check  list  of  items  for 
the  designer  to  consider  when  applying  the  UCC3570, 
regardless  of  the  specific  application. 

TRANSFORMER  RESET 

In  any  single-ended  power  stage  design,  the  plan  for 
transformer  reset  is  one  of  the  first  design  decisions 
needed.  In  providing  a  power  pulse  to  the  output,  the 
transformer  is  driven  in  one  polarity  for  a  finite  number 
of  volt-seconds.  To  prevent  saturation,  the  same  num- 
ber of  volt-seconds  must  be  provided  in  the  opposite 
polarity  between  the  termination  of  one  power  pulse 
and  the  beginning  of  the  next  one.  Since  it  is  the  volt- 
second  product  which  must  be  met,  many  compro- 
mises can  be  made  between  the  amount  of  reset 
voltage  allowed  and  the  time  allocated.  The  UCC3570 
simplifies  this  analysis  to  the  extent  that  the  worst  case 
situation  will  always  be  at  the  lowest  operating  volt- 


age. This  is  because,  when  properly  set  up,  the  voltage 
feed-forward  feature  will  automatically  increase  the 
minimum  off-time  as  the  input  voltage  increases. 

While  most  single-ended  converters  allocate  50%  of 
the  switching  period  for  transformer  reset,  in  the  inter- 
ests of  allowing  a  lower  peak  input  current,  the  maxi- 
mum duty-cycle  for  this  application  was  extended  to 
67%,  allowing  only  one-third  of  the  period  for  reset.  This 
precluded  using  a  reset  winding  on  the  power  trans- 
former with  a  1  -to- 1  turns  ratio.  While  a  higher  turns  ra- 
tio could  have  been  used,  that  would  have  offered  the 
choice  of  either  recycling  the  reset  energy  to  the  source 
and  thereby  requiring  a  much  higher  voltage  power 
switch,  or  wasting  all  the  reset  energy  in  a  lower  voltage 
clamping  circuit. 

Since  neither  choice  was  particularly  attractive  -  and  to 
save  the  cost  of  a  separate  reset  winding  on  the  trans- 
former -  the  solution  for  this  design  was  to  use  an  R-C- 
D  snubber  for  reset.  This  passive  resistor-capacitor- 
diode  network  will  generate  a  variable  clamp  voltage  - 
high  at  minimum  Vin  since  the  capacitor  has  less  time 
when  it  is  not  charging,  and  lower  at  high  Vin  since  the 
shorter  on-time  provides  more  discharge  time  for  the 
capacitor.  An  obvious  benefit  of  this  solution  is  simplic- 
ity -  only  three  passive  components  and  no  reset  wind- 
ing on  the  transformer.  The  disadvantage  is  that  there  is 
some  reset  energy  lost  in  the  resistor  but  in  this  case  it 
was  only  approximately  0.5W.  Using  this  R-C-D  clamp 
allowed  setting  the  maximum  duty  cycle  at  67%  at  low 
line,  while  still  clamping  the  maximum  drain  voltage  of 
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the  switch  to  500  volts  under  high  line  conditions.  These 
drain  voltage  waveforms  are  shown  in  Figure  5. 

TRANSFORMER  DESIGN 

Since  this  power  supply  is  intended  for  world-wide  op- 


FET  drain  voltage  at  full  load  with  VlN  =  85  VAC 
(top  trace)  and  VlN  =  264  VAC  (lower  trace) 
V=  100V/div,  H=  1.0ns/div. 


eration,  the  line  voltage  range  was  established  as  85- 
264  VAC.  This  means  the  peak  rectified  DC  input  volt- 
age could  be  assumed  to  range  from  120  to  373  VDC, 
but  allowing  25  volts  of  ripple  at  low  line  brings  the 
lower  limit  down  to  95  volts.  With  a  switching  frequency 
of  225kHz,  the  maximum  on-time  would  be  67%  of 
4.44u.sec,  or  2.9|isec  at  the  lowest  input  voltage. 

For  reasons  of  cost  and  size,  a  Philips  EFD-25  ferrite 
core  (3F3  material)  was  selected  through  an  iterative 
process  of  determining  a  flux  swing  from  the  high-fre- 
quency core  loss  characteristics  of  an  assumed  core 
size,  using  Faraday's  law  to  calculate  the  number  of 
turns,  and  then  verifying  that  these  turns  would  fit  onto 
that  core  size.  The  EFD-25  core  structure  is  shown  in 
Figure  6  and  its  size  yields  a  core  area  of  0.58cm2  and 
a  volume  of  3.3cm  .  If  the  flux  swing  is  less  than 


Figure  6. 


The  Philips  EFD  core  as 
low  board  profile. 


1.25kG  at  225kHz,  the  core  loss  should  be  less  than 
0.25  Watt.  The  number  of  turns  are  calculated  from 


Vin-- 


N  = 


NABAe 
Ton  10s 


or 


95V »  2.9p.s*  10a 
1250G«  0.58cvrf 


:  38r 


which  was  rounded  up  to  40  turns. 

The  number  of  secondary  turns  is  calculated  from 


Vo=[Vm> 


Nsec 
Npri 


Red  drop]  •  Duty  Cycle,  or 


12  =  [95  •  ^^p-  1.0 V]  0.67,  which  yields 

Nsec  =  8  turns.  (10  turns  was  used  in  this  exam- 
ple to  provide  added  operating  margin.) 

The  final  transformer  design,  which  is  illustrated  in  Fig- 
ure 7,  incorporated  40  turns  of  #24  wire  wound  in  two 
sections  to  sandwich  the  secondary,  which  consisted  of 
10  turns  of  four  strands  of  #26  wire.  The  DC  resistance 
of  the  primary  calculated  0.16  Ohm  while  the  secon- 
dary amounted  to  0.016  Ohm.  Using  these  values  and 
the  core  loss  curves,  the  total  power  loss  was  calcu- 
lated as: 


Primary  loss 
Secondary  loss 
Core  loss 

Total  loss 


153mW 
243mW 
165mW 

561  mW 


which,  in  consideration  of  the  transformer's  volume  of 
approximately  four  cm3,  should  experience  a  maximum 
temperature  rise  of  less  than  20°C. 

OUTPUT  INDUCTOR  DESIGN 


TOP  VIEW 


O  O  O  O  O 


Bobbin  :  EFD  25 
Cores   :  EFD  25,  Ungappad 
Philips  3F3 


Tfflffl 

.492 
MAX 


Figure  7.  Power  transformer  schematic  and  physical 
dimensions. 
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The  output  inductor  must  be  designed  to  handle  the 
maximum  DC  load  current  without  saturating  while 
maintaining  continuous  conduction  at  the  minimum 
load.  This  minimum  load  was  arbitrarily  set  at  5%  of  the 
full  4  Amp  load.  The  worst-case  light-load  condition  oc- 
curs at  high  line  where  the  duty-cycle  is  calculated  to 
be  0.13  which  gives  an  off-time  of  3.9usec.  The  mini- 
mum value  of  inductance  can  then  be  calculated  as 

L  =  vdt/di,or±3y_^  „ 
OAA 

The  number  of  turns  is  calculated  from  the  core  charac- 
teristics, picking  a  core  large  enough  to  retain  adequate 
inductance  at  maximum  load.  In  this  case,  these  goals 
were  met  with  a  Mag  Inc  toroidal  5531 0-A2  core  and  38 
turns  of  #20  wire.  Since  the  control  bootstrap  voltage 
and  the  output  can  be  equal  in  this  case,  a  second  38 
turns  of  #34  wire  powers  the  control  circuit.  Power  lost 
in  the  inductor  is  calculated  as  92mW  in  the  core  and 
630mW  in  the  wire  resistance  for  a  total  of  approxi- 
mately 0.75  Waft. 

CONTROL  CIRCUIT  POWER 

Another  early  question  to  be  answered  in  the  design  of 
an  off-line  power  supply  is  the  method  used  to  power 
the  control  circuit.  Two  obvious  possibilities  are  often 
ruled  out:  using  a  separate  60Hz  step-down  trans- 
former is  costly  overhead  in  a  low  power  application; 
and  powering  the  primary  circuitry  directly  from  the  high 
bulk  voltage  will  require  a  series  dropping  resistor 
whose  power  dissipation  is  usually  unacceptable.  While 
BiCMOS  control  circuits  require  very  little  quiescent 
current,  the  determining  factor  is  now  usually  the  power 
MOSFET  gate  drive  energy.  The  average  gate  current 
for  a  power  MOSFET  can  be  approximated  by 

Ig(ave)  =  Qt  •  f 

where  Qt  is  the  total  gate  charge  and  f  is  the  switching 
frequency.  Note  that  this  current  is  relatively  unaffected 
by  input  voltage,  duty-cycle,  or  output  loading.  There- 
fore, Ice  for  the  UCC3570  can  be  assumed  to  have 
three  distinct  fixed  values:  pre-startup,  active  but  with 
no  output  switching,  and  operating  the  power  switch. 

The  most  common  method  for  supplying  primary  con- 
trol power  is  the  use  of  a  low  voltage  "bootstrap"  wind- 
ing from  the  high  frequency  power  transformer.  Since 
this  power  source  is  only  active  when  the  circuit  is 
switching,  start-up  energy  must  still  come  from  the  bulk 
voltage  and  it  must  be  recognized  that  anything  which 
stops  the  switching  will  cause  the  control  circuit  to  lose 
power.  When  using  a  separate  winding  on  the  trans- 
former with  a  forward  topology,  the  peak  voltage  will 
vary  with  input  voltage  which  could  result  in  some 
power  loss  if  the  control  voltage  must  be  clamped.  This 
application  solves  that  problem  by  taking  power  from  a 
second  winding  in  the  output  inductor.  The  polarity  is 


such  that  this  winding  conducts  during  flyback  when  it 
has  the  output  voltage  (times  the  turns  ratio)  across  it. 

POWER  MOSFET  SELECTION 

While  the  choice  of  power  switch  is  primarily  deter- 
mined by  the  input  voltage  and  current,  secondary  con- 
siderations must  include  the  balancing  of  conductive 
losses  -  determined  by  RDS(on)  -  against  the  switching 
losses  which  are  largely  related  to  the  gate  charge  re- 
quirements and  the  capability  of  the  drive  circuitry.  The 
device  selected  for  this  supply  is  the  Motorola 
MTP4N80E  which  has  the  following  key  specifications: 

Drain-source  voltage  800  Volts 

Continuous  drain  current  3  Amps 

RDS(on)  at  25°C  1 .95  Typ,  3.0  Max  Ohms 

Total  gate  charge  36  Typ,  80  Max  nC 

Drain-source  capacitance  200pF 

With  a  40:10  transformer  turns  ratio,  the  input  current 
will  be  approximately  one  Amp.  The  conductive  loss  is 
calculated  from  the  input  current  (adding  a  factor  to  ac- 
count for  less  than  100%  efficiency),  the  drain-source 
resistance  (accounting  for  its  positive  temperature  coef- 
ficient), and  the  maximum  duty  cycle. 

The  switching  losses  are  best  determined  empirically 
but  they  can  be  estimated  with  a  knowledge  of  the 
switching  times,  calculated  from  the  total  gate  charge 
divided  by  the  peak  gate  current.  These  times  are  typi- 
cally less  than  50nsec  since  the  UCC3570  can  deliver 
up  to  one  Amp  of  gate  current. 

In  this  design,  the  total  power  loss  estimates  for  the 
MOSFET  are 

Conductive  loss  2.0  Watts 

Switching  losses  4.7  Watts 

With  a  total  of  6.7W,  this  device  will  have  the  highest 
dissipation  within  the  supply  and  heatsinking  the  TO- 
220  package  will  be  required. 

UCC3570  PROGRAMMING 

Establishing  the  operating  parameters  for  the  UCC3570 
requires  a  very  straight-forward  series  of  independent 
calculations  which  are  well  described  in  the  data  sheet 
for  this  device.  The  following  is  merely  a  simple  over- 
view, listing  the  recommended  sequence  of  calcula- 
tions. The  block  diagram  of  Figure  1  should  be 
referenced  for  all  component  designations  and  it  should 
be  assumed  that  all  equations  are  first-order  approxi- 
mations with  more  exact  values  to  be  defined  empiri- 
cally. 

1  .Set  chip  operating  current :  Iset  =  1V/  R4  =  14 
2.Set  switching  frequency  :  fs  =  1 .8  /  (R4  •  Ct) 
3.Set  minimum  deadtime  :  td  =  0.3  •  R4  •  Cr 
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4.Set  feed-forward  range  :  The  UCC3570  estab- 
lishes this  range  as  4:1  by  the  4V  and  1 V  limits 
set  for  Vfwd.  Therefore, 

VlN(Max)  =  4  •  (R1  +  R2)  /  R2,  and 
VlN(Min)  =  1  •  (R1+R2)/R2. 

Note  that  if  a  greater  range  is  required,  or  a  volt- 
age range  different  from  that  of  the  duty  cycle,  it 
can  be  accommodated  by  raising  R2  and  R3  off 
ground  by  a  small  bias  voltage,  0  <  Vb  <  "IV,  or  by 
using  the  equivalent  circuit  shown  in  Figure  8. 


Rectified  Line  Voltage 

ri; 

'  RA 

Vref 

RB  > 

Vfwd 

SLOPE 

Figure  8.  Modifying  the  4: 1  the  input  voltage  ratio.  RA 
works  with  R2  to  increase  the  voltage  range 
and  RB  works  with  R3  to  change  the  feed- 
forward gain. 


5. Set  feed-forward  slope  :  The  up-slope  of  the  ramp 
waveform  is 

dV/dt=  10.  Vfwd/(R3»  Cr). 

This  can  be  used  to  define 

tON(Max)  =  0.3  •  R3  •  Cr  /  1 V,  and 
tON(Min)  =  0.3  •  R3  •  Cr  /  4V. 

6. Set  current  fault  parameters  :  The  value  for  the 
current  sensing  resistor  is  established  by  the 
200mV  threshold  for  the  CURLIM  pin.  Shutdown 
will  occur  when  the  circuit  is  operating  in  current 
limit  mode  for  a  time  determined  by 

Time  to  S/D  =  4V  •  Cf  •  R4  •  (T  /  tOFF) 

Note  that  this  time  will  be  extended  by  the  current 
which  is  drained  away  from  Cf  by  the  action  of  Rf. 

The  total  schematic  and  parts  list  for  this  application 
are  given  in  Appendix  A  (see  page  10)  and  some  repre- 
sentative waveform  photographs  of  its  performance  are 
shown  in  Figures  9  through  12.  While  this  converter  de- 
sign could  find  many  practical  applications  as  shown, 
many  additional  options  are  possible.  For  example,  re- 
ducing the  value  of  the  start-up  resistor  (R5  in  Figure  1) 
such  that  Vcc  will  not  fall  below  9  volts  after  shutdown 
interrupts  the  bootstrap  voltage,  will  provide  a  positive 
latch-off  from  a  fault.  Output  over-voltage  shutdown  can 
easily  be  added  by  a  sensing  circuit  on  the  secondary 


driving  the  COUNT  pin  through  a  second  optocoupler. 
And,  of  course,  it  should  be  easy  to  reconfigure  this  de- 
sign to  further  optimize  efficiency,  size,  cost,  or  power 
level  to  meet  a  different  set  of  priorities. 


Figure  9.  Drain  voltage  and  current  at  1 15VAC  and 
full  load.  V1  =  100V/div,  V2  =  0.5A/div, 
H  =  0.5\isec/div. 


Figure  10.  Drain  voltage  and  current  under  short  circuit 
conditions  at  264VAC  input.  V1  =  100V/div, 
V2  =  0.5A/div,  H=  0.5v.sec/div. 


Figure  11.  Count  voltage  with  a  continuous  short 


circuit  (current  waveform  is  aliased) 
V = 2V/div,  H  =  2msec/div. 
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Figure  12.  Auto  recycle  with  the  output  shorted.  V1  is 
count  waveform  at  2V/div,  V2  is  VCC  at 
5V/div,  H  =  0.2  seconds/div. 


A  SIMPLE  DC/DC  CONVERTER 

A  second  application  for  the  UCC3570  illustrates  its  use 
in  an  isolated  DC-to-DC  converter  designed  for  a  load 
module  in  a  distributed  power  system  architecture  or  as 
a  telecom  power  source.  This  20  Watt  design,  as  shown 
in  Figure  13,  will  accept  an  input  voltage  from  30V  to 
60V  while  maintaining  a  constant  5V  output.  A  unique 
element  of  this  design  is  the  controller's  ability  to  get  its 
supply  current  from  only  the  input  voltage,  eliminating 
the  need  for  a  low-voltage  bootstrap  supply  driven  from 
the  power  transformer.  This  is  made  practical  by  both 
the  low  operating  current  of  the  UCC3570  and  by  driv- 


ing a  low-gate  charge  FET  at  less  than  maximum  fre- 
quency. The  IRF630  has  a  total  gate  charge  require- 
ment of  only  30nC  maximum  which,  at  100kHz,  means 
only  3mA  of  average  gate  current.  Add  1mA  for  the  IC, 
another  for  miscellaneous  programming  resistors,  and 
5mA  is  all  that  is  needed  for  the  total  primary  circuitry. 
This  can  readily  be  taken  directly  from  the  input  voltage 
but,  for  improved  efficiency,  a  simple  current  source  has 
been  added  to  keep  this  current  constant  with  changing 
input  voltage  levels. 

Without  a  bootstrap  voltage  source  to  collapse  and  re- 
cycle Vcc  after  a  fault-activated  shutdown,  this  design 
would  normally  require  a  manual  restart;  however,  sev- 
eral other  options  are  possible.  For  example,  adding  a 
diode  from  the  Vfwd  to  Soft-Start  pins  will  provide  a 
hiccup  operating  mode  but  with  a  relatively  short  off- 
time.  For  a  low  duty-cycle  mode,  a  delayed  restart  can 
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(ij  From  Vin 
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Figure  14.  Two  transistors  will  provide  an  external  auto- 
restart by  recycling  VCC  when  Soft-Start  is  reset. 


INPUT  POWER 


V,»  -  30  TO  60V 


39|iH  Vo-  S.1V 


ANALOG  GROUND 


Figure  13.  An  isolated  25W,  48V  to  5V  converter  including  the  UC39431  as  an  optocoupled  feedback  generator. 
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be  accomplished  with  the  two-transistor  circuit  shown  in 
Figure  14.  This  circuit  uses  the  energy  in  the  soft-start 
capacitor  to  discharge  the  Vcc  capacitor  which  gives  a 
turn-on  delay  equivalent  to  normal  start  up.  The  opera- 
tion of  this  circuit  is  illustrated  in  Figure  15. 


Figure  15.  With  auto  re-start,  a  shorted  output  recycles 
VCC  with  a  0.4  second  delay. 


Another  option  for  eliminating  a  latched  shutdown  is  to 
simply  short  the  COUNT  pin  to  ground  which  will  pre- 
vent activation  of  the  Shutdown  Latch  unless  the  Cur- 
rent Limit  threshold  of  600mV  is  exceeded  -  an  unlikely 
event  considering  the  80nsec  response  of  the  pulse-by- 
pulse  current  protection.  Figure  16  shows  operation  in 
this  mode  with  a  continuous  shorted  output. 


Figure  16.  With  the  Fault  Count  function  disabled,  a 
shorted  output  reduces  the  current  pulse 
width  such  that  the  peak  across  RCS 
remains  below  shutdown  threshold. 


This  converter  design  illustrates  another  characteristic 
of  the  UCC3570  which  provides  both  added  safety  and 
better  utilization  of  the  transformer  magnetics.  With  an 
input  voltage  range  specified  as  30  to  60  Volts,  If  the 
OV  clamp  is  set  for  60V  the  controller  will  continue  to 
operate  down  to  15V  (1/4  of  60V).  However,  if  the  maxi- 
mum duty-cycle  clamp  is  set  for  50%  at  30V,  the  ramp 
waveform  will  cause  the  output  to  skip  pulses  at  volt- 
ages less  than  30V  insuring  against  saturation  of  the 
power  transformer. 

The  rest  of  the  circuit  details  for  this  application  can  be 
deduced  from  the  information  presented  above  and  the 
complete  schematic  and  parts  list  given  in  Appendix  B 
(see  page  12). 

SUMMARY 

With  the  minimal  need  for  additional  external  compo- 
nents and  support  functions  which  these  two  quite  dif- 
ferent applications  have  shown,  the  versatility  of  the 
UCC3570  has  been  demonstrated.  Not  shown,  but 
equally  important  is  this  device's  ability  to  provide  the 
same  protection  and  programmability  with  power 
stages  scaled  up  to  several  hundred  Watts,  and  to  effi- 
ciently operate  at  switching  frequencies  above  500kHz. 
Thus,  once  again  it  has  been  demonstrated  that  one 
can  never  close  the  door  to  "older"  technologies  and,  in 
this  case,  revisiting  voltage-mode  control  has  yielded  a 
new  controller  combining  efficient  operation,  stable  per- 
formance, and  ease  of  application  highly  attuned  to 
meeting  today's  stringent  requirements  for  cost-effec- 
tive power  systems. 
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12  VOLT,  50  WATT  POWER  SUPPLY 
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Note:  Unless  otherwise  specified: 

1.  All  resistors  are  in  Ohms,  ±5%,  1/4W 

2.  All  capacitors  are  in  microfarads, 
±10%,  50V 


12  VOLT,  50  WATT  POWER  SUPPLY 
BILL  OF  MATERIALS 


ITEM 

QUANTITY 

REFER- 

tNOfc 

PART 

UtNNI  1 IUN 

SOURCE 

1 

BR1 

2KBP06M 

General  Inst. 

2 

CR1 

BYV26E 

Philips 

3 

1 

CR2 

MUR120 

Motorola 

4 

1 

CR3 

MUR1620CT 

Motorola 

5 

1 

Q1 

MTP3N80E 

Motorola 

6 

1 

V1 

MOC8100T 

Motorola 

7 

1 

U1 

UCC3570N 

Unitrode 

8 

U2 

TL431 

9 





T1 

GE-93015 

GFS  Mfg. 

10 



LI 

-* ri_v,i_i/o  A 

t/Oilcratt 

1  1 



1  o 

ob-yJU  lb 

pro  tkMln 

orb  Mtg. 

1  9 

Lo 

lU^in/lUA 

Coiltronics 

1  J 



r  i 

<d.UA  rUSe 

14 



Li  1 

>(7,,r   nPAl  /   ii  vii 

0.47nF,  250V,  X 

Roederstein 

15 



C2 

.005|xF,  250V,  "Y" 

Roederstein 

16 



 — — 

C3 

005|iF,  250V,  Y 

Roederstein 

17 



C4 

.005|iF,  250V,  "Y 

Roederstein 

18 

C5 

220|iF/400V 

Panasonic 

1  Q 



Ob 

O.IJir/bUV 

Polyester 

20 

C7 

33pF/100V 

Ceramic  NPO 

21 

C8 

10|xF/35V 

Solid  Tantalum 

22 

C9 

0.015/50V 

Ceramic  X7R 

23 

C10 

150pF/100V 

Ceramic  NPO 

24 

C11 

360pF/100V 

Ceramic  NPO 

25 

C12 

1 .0|iF/35V 

Solid  Tantalum 

26 

C13 

0.01nF/1kV 

Ceramic  X5F 

27 

C14 

100uF/25V 

Aluminum 

28 

C15 

0.1uF/100V 

Polyester 

ITEM 

QUANTITY 

RFFFR- 

ENCE 

PART 
DEFINITION 

SOURCE 

29 

C16 

A~7f\r-%CI4  LA/ 

4/0pr/lKV 

pArnmin  VOLT 

oeramic  Tor 

30 



C17 

47u>/40V 

Aluminum 

31 



C18 

0.1uF/1 00V 

Polyester 

32 
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33 

1 
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34 

1 
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0.047uF/100V 

Ceramic  X7R 

35 
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36 

1 
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37 

1 
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38 

R1,  R2 
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39 

R3 

1M 

40 
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41 

R6 
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42 

1 

R7 
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43 

1 

R8 
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44 

1 

R9 
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\_SGM  U\Jl  1   1    III  1  1 

46 
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47 
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48 
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49 
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50 
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51 
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52 
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53 

R20 
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54 
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9.53k,  1% 
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55 
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APPENDIX  -  B 
48V  -  5V,  20W  DC/DC  CONVERTER 


VIN-30-60VDC 


Note:  Unless  otherwise  specified: 

1.  All  resistors  are  in  Ohms,  ±5%,  1/4W 

2.  All  capacitors  are  in  microfarads, 
±10%,  50V 


48V  -  5V,  20W  DC/DC  CONVERTER 
BILL  OF  MATERIALS 


ITEM 

QUANTITY 

REFERENCE 

PART 
DEFINITION 

SOURCE 

ITEM 
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DEFINITION 
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91 
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O  1  c 

3 
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9*? 

\j  1  o 

4 

1 

Q1 

MJE172 
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OA 
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5 

1 

Q2 
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Int.  Rect. 

25 

Ol  1 

.01  |xF 

6 

1 

U1 

UCC3570 

Unitrode 

26 



R1 
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7 

1 

U2 

4N25 
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£./ 



DO 
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jyK,  i  /o 

8 

! 

U3 
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OQ 
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DO 

no 

*t.  /  K 

9 

1 

T1 
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9Q 



R4 

30k  1% 

0<Jt\,  1  /o 

10 

! 

L1 

38uH,  5A 
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30 

R5 

68k  1% 

uur\,    i  /o 

11 

1 

L2 
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C1 
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32 

R7 
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13 
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33 

no 

Ho 
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C3 
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R9 
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C4 
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o.m 
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C7 
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1.2k 

18 

C8 
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38 
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19 

C9 
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39 
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2k 

20 
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40 

R16 

10k 
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Secondary:  1 1  Turns  Quadfilar  =  25AWG 

L2: 

Toko  262LYF-0077M 

> 

■D 

■o 

jr 

o 
> 


z 
m 


s 


APPLICATION  NOTES 


UNITRODE  CORPORATION  APPLICATION  NOTE  U-151 


UCC3912  INTEGRATED  ELECTRONIC  CIRCUIT  BREAKER  IC  FOR  HOT-SWAP 
AND  POWER  MANAGEMENT  APPLICATIONS 

by  Dave  Zendzian 
Applications  Engineer 

ABSTRACT 

This  application  note  describes  the  design  and  performance  characteristics  of  the  UCC3912  Electronic  Cir- 
cuit Breaker.  The  practical  aspects  of  applying  the  circuit  breaker  are  discussed  as  well  as  its  performance 
compared  to  existing  technologies.  The  UCC3912  integrates  a  power  MOSFET  with  all  of  the  necessary 
control  and  housekeeping  functions  including  current  limiting,  short  circuit  protection,  and  auto  recovery 
capabilities.  The  performance  of  the  circuit  breaker  is  compared  to  PolySwitches®  and  conventional  fuses 
in  both  hot  swap  and  short  circuit  applications. 


INTRODUCTION 

Today's  design  engineers  are  faced  with  a  variety 
of  choices  when  selecting  protection  devices  to 
meet  their  circuit  or  system's  design  requirements. 
Fuses,  positive  temperature  coefficient  (PTC)  re- 
sistors, and  electromechanical  circuit  breakers  rep- 
resent only  a  sampling  of  the  technologies 
available  to  meet  their  needs.  Each  of  these  de- 
vices provides  a  different  degree  of  security,  rang- 
ing from  simple  short  circuit  protection  to  devices 
which  offer  active  current  limiting  and  remotely  re- 
settable  operation. 

Fuses,  while  providing  an  inexpensive  solution,  fall 
short  of  many  of  the  protection  requirements  im- 
posed on  modern  electronic  equipment.  Figure  1 
illustrates  the  protection  capability  of  two  general 
fuse  categories;  fast-acting  and  slow-blow.  Al- 
though both  devices  provide  gross  short  circuit  pro- 
tection, even  the  fastest  devices  react  on  the  order 
of  milliseconds,  passing  currents  up  to  500%  of 
their  rated  value.  In  addition,  fuses,  by  their  very 
nature,  have  to  be  physically  replaced  following  an 
overload  condition.  This  increases  the  equipment's 
down  time  along  with  the  chance  of  an  incorrect 
device  being  installed,  thereby  reducing  overall 
system  reliability. 

PTC  resistors,  on  the  other  hand,  eliminate  the 
need  for  human  intervention  by  providing  reset- 
table  overcurrent  protection.  However,  because 
they  are  actuated  by  the  heating  effect  of  an  over- 
current  load,  their  reaction  time  is  limited  to  several 
milliseconds.  This  results  in  output  currents  several 
times  their  steady  state  rating.  Figure  2  illustrates 
typical  "time  to  trip"  data  for  polymeric  PTC  resis- 
tors. 
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Figure  1 .  Relation  of  Percent  of  Rated  Current  to  Fuse 
Blowing  Time. 


10000%  - 

lated  Current 

5 

1 

II 

Percent  of  F 

s 

1 

I 

0 

1 

1 

Timet 

10  1 
o  Trip  (sec) 

»  11 

)00 

Figure  2.  Relation  of  Percent  of  Rated  Current  to  Blow- 
ing Time. 


3-440 


APPLICATION  NOTE 


U-151 


The  UCC3912  Electronic  Circuit  Breaker  offers  a 
new,  integrated  solution  to  the  problem  of  circuit 
protection  and  power  management.  Each  of  the 
drawbacks  associated  with  existing  technologies 
are  addressed  in  the  UCC391 2  design.  In  addition, 
the  UCC3912  provides  logic  level  load  control  for 
power  management  applications.  This  note  de- 
scribes the  features  and  performance  of  the 
UCC3912  as  compared  to  other  available  protec- 
tion techniques.  In  particular,  hot  swap,  power 
management,  and  short  circuit  protection  applica- 
tions are  addressed  in  detail. 

HOT  SWAPPING 

The  term  hot  swap  refers  to  the  system  require- 
ment that  submodules  be  swapped  out  upon  failure 
or  system  modification  without  removing  power  to 
the  hardware.  Design  of  modern  computer  sys- 
tems, disk  arrays,  network  hubs  and  communica- 
tion switches  require  modules  to  be  hot  swapped 
while  maintaining  the  integrity  of  the  powered  and 
operating  system.  This  requirement  allows  the 
hardware  to  maintain  operation,  increasing  the  sys- 
tem's performance  and  reliability. 

Implementing  the  hot  swap  requirement  imposes 
several  design  constraints  upon  the  equipment's 
power  system.  In  order  for  the  hardware  to  main- 
tain error  free  operation  during  the  installation  or 
removal  of  a  submodule,  the  5  volt  power  bus  must 
not  drop  below  a  minimum  voltage  of  4.5V.  Volt- 
ages below  4.5V  can  disrupt  logic  levels,  causing 
an  indeterminate  number  of  failures  including  data 
corruption  and  logic  lockups.  This  ultimately  re- 
duces system  reliability  and  data  integrity. 


The  potential  for  glitching  the  power  bus  exists 
whenever  an  unpowered  module  is  inserted  into  an 
operational  system.  Virtually  all  modules  possess 
some  amount  of  onboard  bus  capacitance  which 
serves  to  filter  and  maintain  power  quality  once  the 
board  becomes  operational.  However,  these  very 
same  capacitors  require  an  initial  charging  current 
in  order  to  bring  their  voltage  up  to  the  same  level 
as  the  system's  power  supply.  The  only  factors  lim- 
iting the  magnitude  of  this  current  is  the  equivalent 
series  resistance  (ESR)  of  the  capacitors  them- 
selves and  the  impedance  of  the  interconnect  be- 
tween the  module  and  the  rest  of  the  system. 
Unfortunately,  the  better  the  capacitors  are  at  serv- 
ing their  purpose  of  filtering  the  bus,  the  lower  their 
ESR.  As  a  result,  the  initial  inrush  current  during 
the  hot  swap  can  become  excessively  high. 

Figure  3  illustrates  the  inrush  current  and  corre- 
sponding voltage  glitch  when  a  load  of  2A  and 
120|iF  is  switched  onto  a  5V  power  bus.  The 
1 20u.F  of  load  capacitance  consisted  of  a  solid  tan- 
talum, surface  mount  style  capacitor  (Sprague 
#595D127X9020R2T)  with  a  typical  ESR  of  0.25n 
at  100kHz.  The  power  bus  was  bypassed  with 
240u.F  of  the  same  style  capacitor.  As  the  figure  il- 
lustrates, the  inrush  current  reaches  a  maximum 
value  of  approximately  27A,  resulting  in  a  1V  glitch 
on  the  power  bus.  This  exceeds  the  4.5V  limit  by 
500mV  causing  the  supply  to  drop  to  4.0V!  In  addi- 
tion to  causing  the  voltage  glitch,  the  excessive  in- 
rush current  can  also  result  in  arcing  between 
connector  pins  and  excessive  heating  of  the  load 
capacitance.  Each  of  these  effects  shortens  the  life 
of  the  component,  ultimately  reducing  system  reli- 
ability. 
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Figure  3.  Inrush  Current  and  Corresponding  Voltage  Glitch  for  a  2A,  120u.F  Load. 
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Figure  4.  UCC3912  Electronic  Circuit  Breaker  Block  Diagram 

THE  UCC3912  ELECTRONIC  CIRCUIT 
BREAKER 

In  its  most  rudimentary  form,  a  circuit  breaker, 
whether  electromechanical  or  electronic,  protects  a 
circuit  from  excessive  current  flow.  Electrome- 
chanical devices  accomplish  this  by  opening  a  set 
of  contacts  when  the  current  exceeds  a  specified 
level.  These  types  of  breakers  usually  latch  off  dur- 
ing a  fault  and  therefore  need  to  be  manually  reset 
once  the  current  falls  below  a  reasonable  value.  An 
electronic  circuit  breaker,  on  the  other  hand,  pro- 
vides protection  through  the  use  of  a  power  tran- 
sistor. By  monitoring  the  output  current  through  a 
current  shunt,  the  transistor  can  be  biased  "on"  or 
"off"  based  upon  whether  or  not  a  predetermined 
trip  current  has  been  exceeded. 

The  UCC3912  is  an  electronic  circuit  breaker  IC 
designed  to  provide  power  management  and  hot 
swap  capability  in  addition  to  its  basic  circuit 
breaker  function.  Performance  features  of  the 
UCC3912  include: 


Integrated  0.15a  power  MOSFET 
Switchmode  short  circuit  protection 
Automatic  short  circuit  recovery 
Digitally  programmable  4-bit  maximum  cur- 
rent limit 

Unidirectional  current  flow 
SMT  power  package 
Fault  indicator  output 


•  Low  power  "sleep"  mode 

•  Thermal  shutdown 

•  Low  part  count  implementation 
The  block  diagram  of  the  UCC3912  is  shown  in 
Figure  4.  Under  normal  operating  conditions  the  in- 
tegrated N-channel  MOSFET  is  biased  "on"  using 
the  internal  charge  pump  to  drive  the  gate.  Output 
current  is  sensed  using  a  mirrored  MOSFET  and  is 
compared  to  an  adjustable  trip  level  set  by  the  4-bit 
DAC  input.  When  the  output  current  exceeds  the 
trip  level,  the  fault  timer  begins  to  charge  the  timing 
capacitor,  CT,  with  a  current  of  36uA.  If  the  output 
current  does  not  fall  below  the  trip  level  by  the  time 
the  capacitor  charges  to  1.5V,  the  output  is 
switched  off  and  the  capacitor  is  discharged  with  a 
current  of  1 .2uA.  Once  the  capacitor's  voltage  has 
reached  500mV,  the  circuit  breaker  attempts  to  re- 
turn power  to  the  load.  At  this  point  the  timer  cycle 
will  repeat  as  long  as  the  fault  is  present,  resulting 
in  an  output  duty  cycle  of  3%. 

Figure  5  illustrates  the  cyclical  retry  of  the 
UCC3912  under  fault  conditions.  Note  that  the  in- 
itial fault  time  is  longer  than  subsequent  cycles  due 
to  the  fact  that  the  capacitor  is  completely  dis- 
charged and  must  initially  charge  to  the  reset 
threshold  of  0.5V.  If  at  any  time  the  output  current 
reaches  Imax,  the  MOSFET  transitions  into  linear 
mode,  providing  constant  output  current  until  the 
fault  time  expires.  The  discrete  IMAX  input  is  used 
to  set  the  maximum  output  current  to  either  a  fixed 
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Figure  5.  Load  Current,  Timing  Capacitor  Voltage  and 
Output  Voltage  of  the  UCC3912  under  Fault 
Conditions. 

value  of  4A,  (logic  level  high),  or  to  a  value  1A 
above  the  trip  current  as  set  by  the  DAC  inputs, 
(logic  level  low).  The  4  bit  DAC  allows  the  fault  cur- 
rent level  to  be  programmed  from  0  to  3A  in 
250mA  increments. 

Fault  time  duration  is  controlled  by  the  value  of  the 
timing  capacitor,  CT,  according  to  the  following 
equation: 


(D 


Sv 

tFAULT  =  CT  •  —  =  CT  • 

=  27.8E3  .  CT 


1.5-0.5 
36E-6 


Figure  6  provides  a  plot  of  fault  time  vs  timing  ca- 
pacitance. The  fault  time  duration  is  set  based 
upon  the  load  capacitance,  load  current,  and  the 
maximum  output  current.  The  "on"  or  fault  time 
must  be  of  sufficient  duration  to  charge  the  load 
capacitance  during  a  normal  startup  sequence  or 
when  recovering  from  a  fault.  If  not,  the  charge  ac- 
cumulated on  the  output  capacitance  will  be  de- 
pleted by  the  load  during  the  "off"  time.  The  cycle 


will  then  repeat,  preventing  the  output  from  turning 
on. 

To  determine  the  minimum  fault  time,  assume  a 
maximum  load  current  just  less  than  the  trip  limit. 
This  leaves  the  difference  between  the  IMAX  and 
Itrip  values  as  the  current  available  to  charge  the 
output  capacitance.  The  minimum  required  fault 
time  can  then  be  calculated  as  follows: 


(2)     tFAULTmin  = 


Cout  »  Vout 
Imax  -  Itrip 


The  minimum  timing  capacitor  can  be  calculated 
by  substituting  equation  (1)  for  tFAULT  in  equation 
(2)  and  solving  for  CT. 


(3)  CTmin 


COUT  •  VOUT 


27.8E3  •  (Imax  -  Itrip) 


In  addition  to  the  IMAX  and  DAC  inputs,  the 
UCC3912  provides  a  fault  indicator  output  and 
shutdown  command.  The  FAULT  signal  is  an  open 
drain  output  which  is  active  low  under  any  condi- 
tion which  turns  the  output  MOSFET  "off".  These 
conditions  include  under  voltage  lockout  (UVLO), 
over  current  faults,  thermal  shutdown,  and  active 
shutdown  as  commanded  by  the  SHTDWN  input. 
Note  that  FAULT  is  asserted  (low)  during  power  up 
while  the  UCC3912  is  in  a  UVLO  state. 


Figure  6.  Fault  Time  vs  Timing  Capacitance 


The  SHTDWN  command  is  an  active  low  input 
which  turns  the  MOSFET  "off"  and  puts  the  IC  into 
sleep  mode,  reducing  the  quiescent  current  to  less 
than  5uA.  The  shutdown  command  can  be  used  to 
extend  the  life  of  battery  powered  systems  by  pow- 
ering down  subsystems  when  not  in  use. 

Unidirectional  current  flow  is  another  attractive  fea- 
ture of  UCC3912.  The  reverse  voltage  comparator 
senses  the  output  voltage  and  turns  the  MOSFET 
"off"  whenever  the  output  voltage  is  less  than 
30mV  below  the  input.  Under  light  loads,  the 
UCC3912  regulates  the  voltage  drop  until 

(4)     (lOUT)  •  (RDSon)  >  30mV, 

thus  preventing  false  shutdowns.  This  effectively 
prevents  current  flow  from  output  to  input,  eliminat- 
ing the  need  for  series  diode  protection  and  the  as- 
sociated voltage  drop  and  power  losses  incurred 
with  its  use. 

PRACTICAL  CONSIDERATIONS 

The  UCC3912  is  supplied  in  16-pin  power  surface 
mount  packages.  Four  ground  leads  are  provided 
in  order  to  effectively  transfer  heat  out  of  the  pack- 
age. These  pins  should  always  be  terminated  to  as 
large  an  area  of  copper  as  possible.  Although  the 
3%  duty  cycle  switchmode  protection  drastically 
minimizes  power  dissipation,  thermal  analysis 
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should  still  be  performed  in  order  to  insure  reliable 
circuit  operation. 

When  interfacing  with  larger  values  of  load  capaci- 
tance, the  UCC3912  fault  time  must  be  increased 
accordingly.  While  the  average  power  remains  low 
due  to  the  3%  duty  cycle,  the  power  dissipation 
during  the  fault  time  will  result  in  a  junction  tem- 
perature rise  based  on  the  thermal  time  constant  of 
the  system.  A  simplified  thermal  model  of  the  sys- 
tem is  comprised  of  the  die,  leadframe  and  PC 
board.  However,  for  fault  times  less  than  30msec, 
the  effect  of  the  leadframe  and  PC  board  can  be 
considered  negligible  as  their  thermal  time  con- 
stants are  on  the  order  of  2  and  300sec  respec- 
tively. A  rough  estimate  of  the  transient  junction 
temperature  can  then  be  calculated  based  on  the 
following  equation: 

(5)    Tj(t)  =  Pdiss  [©die  (l  -  e"K|  +  Tl 

Where    Pdiss  =  transient  power  dissipation 

©die  =  thermal  resistivity  between  die 

and  leadframe  =  4°/W 
t       =  fault  time 

x       =  thermal  time  constant  of  the  die 

=  30msec 
Tl     =  steady  state  lead  temperature 

As  the  fault  time  is  increased  beyond  30msec,  a 
more  thorough  transient  thermal  analysis  is  re- 
quired. For  additional  information  regarding  ther- 
mal analysis  and  transient  response,  the  reader  is 
directed  to  reference  (1). 

In  applications  requiring  minimum  voltage  losses,  it 
is  important  to  take  the  effects  of  PCB  trace  resis- 
tance into  account.  When  passing  two  to  three 
amps  of  current,  minimum  trace  widths  can  result 
in  enough  I  •  R  voltage  drop  to  effect  system  per- 
formance. By  increasing  either  the  trace  width  or 
copper  weight,  these  effects  can  be  made  negli- 
gible. Table  I  provides  resistance/inch  values  for 
various  trace  widths  of  1 ,  1 .5,  and  2  oz.  copper. 


Table  I 

PCB  Trace  Resistance  (mQ/inch) 

Copper 
Wt. 

Trace  Width  (inches) 

0.01 

0.02 

0.03 

0.05 

0.07 

0.1 

1.0  oz. 

48.5 

24.23 

16.2 

9.7 

6.9 

4.9 

1 .5  oz. 

38.8 

19.4 

12.9 

7.8 

5.5 

3.9 

2.0  oz. 

24 

12 

8 

4.8 

3.4 

2.4 

A  TYPICAL  APPLICATION 

In  order  to  evaluate  the  performance  of  the 
UCC3912,  consider  a  typical  application  consisting 
of  a  2A  maximum  load  current  in  parallel  with 
120uF  of  load  capacitance.  The  2A  output  current 


is  accommodated  by  setting  the  UCC3912  trip  cur- 
rent to  2.25A,  using  the  DAC  inputs.  Bits  B0  and 
B1  are  grounded  while  bits  B2  and  B3  are  tied  to 
VIN.  The  maximum  output  current  is  configured  to 
1A  above  the  trip  current  (3.25A)  by  grounding  the 
IMAX  input.  The  timing  capacitor  value  must  then 
be  selected  to  accommodate  the  120uF  load  ca- 
pacitance: 


(6)     CTmin  = 


COUT  •  VOUT 


27.8E3  •  (Imax  -  Itrip) 

120E-6«5 
27.8E3.  (3.25 -2.25) 


=  21.6nF 


A  47nF  capacitor  was  chosen  in  order  to  provide 
adequate  margin  for  component  and  parameter  tol- 
erances. Lastly,  the  SHTDWN  input  to  the 
UCC3912  is  connected  to  VIN  since  it  is  not  used 
in  this  example. 

In  actual  hot  swap  applications,  the  circuit  breaker 
function  may  reside  on  the  system's  backplane 
servicing  one  or  more  submodules,  or  be  distrib- 
uted throughout  the  individual  submodules  de- 
pending on  system  requirements.  In  order  to  test 
both  of  these  application  scenarios,  a  MOSFET 
was  used  to  simulate  a  hot  swap  on  the  input  and 
output  of  the  UCC3912.  A  test  load  was  con- 
structed using  a  120uF  low  ESR  tantalum  capaci- 
tor in  parallel  with  a  carbon  power  resistor,  while 
240u.F  was  used  to  simulate  the  system's  input  bus 
capacitance.  Output  current  was  monitored  using  a 
noninductive  10mQ  current  shunt  in  series  with  the 
load.  Figure  7  illustrates  the  test  setup  including 
the  UCC3912  circuit  configuration. 

HOT  SWAP  PERFORMANCE 

Figure  8  illustrates  the  load  current  and  input  volt- 
age waveforms,  measured  at  points  A  and  B  in 
Figure  7,  with  and  without  the  UCC3912.  In  Figure 
8(a),  transistor  Q2  was  used  to  perform  the  hot 
swap  on  the  output  of  the  UCC3912,  simulating  an 
application  with  the  circuit  breaker  resident  on  the 
system  backplane.  In  this  situation  the  UCC3912 
limits  the  load  current  to  approximately  4A  as  com- 
pared to  the  24A  peak  seen  without  the  breaker! 
Consequently,  the  voltage  glitch  seen  at  the  input 
bus  capacitor  is  reduced  from  approximately  1V  to 
less  than  150mV! 

Figure  8(b)  illustrates  the  results  when  Q2  is  used 
to  simulate  the  hot  swap  on  the  input  of  the 
UCC3912.  Again,  the  output  current  is  controlled 
as  both  the  circuit  breaker  and  submodule  receive 
power,  providing  very  similar  results  to  those  of 
Figure  8(a). 
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Figure  7.  Typical  UCC3912  Configuration  and  Hot  Swap  Test  Circuit  Setup. 
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Figure  8.  Hot  Swap  Results  With  and  Without  the  UCC3912  Circuit  Breaker.  A)  Hot  Swap  Performed  on  UCC3912 
Output.  B)  Hot  Swap  Performed  on  UCC3912  Input. 
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Figure  9.  Hot  Swap  Performance  Comparison  Between  a  Fuse,  PolySwitch®  and  the  UCC3912. 
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Figure  10.  Short  Circuit  Performance  of  the  UCC3912  Illustrating  the  3%  Duty  Cycle  Protection  Technique. 


Not  shown  in  this  figure  is  a  delay  of  approximately 
100|isec  as  the  internal  charge  pump  builds  up 
gate  charge  for  the  MOSFET. 

The  hot  swap  performance  of  the  UCC3912  was 
also  compared  to  that  of  a  fuse  and  PolySwitch®, 
two  industry  standard  protection  devices.  A  2.5A 
PolySwitch®  (RXE250)  and  a  2A  slow-blow  fuse 
(Littelfuse  313.002)  were  each  substituted  for  the 
UCC3912  during  a  hot  swap  test.  Figure  9  illus- 
trates the  results  using  the  three  different  protec- 
tion devices.  Comparing  the  results  of  Figures  8 
and  9,  it  is  evident  that  both  the  fuse  and 
PolySwitch®  offer  virtually  no  protection  for  tran- 


ithin 


sients  of  this  speed;  the  current  magnitudes  are 
very  close  to  those  seen  without  any  protection  de- 
vice at  all.  The  circuit  breaker,  on  the  other  hand, 
provides  a  fast  transient  response,  keeping  the 
current  and  the  associated  voltage  transient  with 
specification. 

SHORT  CIRCUIT  PROTECTION 

As  previously  described,  the  UCC3912  provides 
overcurrent  and  short  circuit  protection  by  modulat- 
ing the  output  at  a  3%  duty  cycle.  During  the  "on" 
time,  output  current  is  limited  to  the  value  set  by 
the  IMAX  and  DAC  inputs.  Figure  10  illustrates  the 
performance  of  the  UCC3912  test  circuit  when  a 
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Figure  1 1 .  Short  Circuit  Performance  Comparison  of  a  Fuse,  PolySwitch®  and  the  UCC391 2. 


short-circuit  is  applied  in  place  of  the  load.  The  bot- 
tom trace  is  the  output  current,  modulated  at  a  3% 
duty  cycle,  while  the  center  trace  is  the  voltage 
across  the  timing  capacitor.  Note  that  the  first  cur- 
rent pulse  is  approximately  50%  longer  than  sub- 
sequent pulses  due  to  the  timing  capacitor  initially 
charging  from  OV. 

The  short  circuit  test  was  also  conducted  on  the 
2.5A  PolySwitch®,  2A  slow-blow  fuse,  and  a  3A 
fast-acting  fuse  (Littelfuse  312.003).  Figure  11 
compares  the  performance  of  the  4  different  pro- 
tection techniques.  The  peak  currents  incurred  with 
each  of  the  fuses  and  the  PolySwitch®  reach  ap- 
proximately 17.5A  and  are  limited  only  by  the  out- 
put capability  of  the  5V  power  supply.  The 
PolySwitch®  takes  approximately  1 .25sec  before  it 
begins  to  limit  the  current  and  eventually  latches 
into  high  impedance  mode.  At  this  point  it  will  re- 
main in  a  high  impedance  state  due  to  a  sustained 
self  heating  current  and  will  only  reset  after  it  has 
cooled  and  the  fault  condition  has  been  corrected. 
As  a  result,  the  device  requires  that  the  input  volt- 
age be  removed  from  the  system  in  order  to  insure 
a  circuit  reset.  The  fuses  on  the  other  hand,  re- 
spond faster  than  the  PolySwitch®,  but  once  blown 
require  manual  replacement  before  the  hardware 
can  resume  operation.  Table  II  compares  the  I  •  T 
and  peak  current  characteristics  of  the  four  tech- 
niques. 


Table  II 

Protection  Device 

Peak  Current 
(Amps) 

I  .T 

(Amp-sec) 

PolySwitch®  RXE250 

17.5 

17.5 

Fuse  312.003 

17.5 

9.75 

Fuse  313.002 

17.5 

0.875 

UCC3912 

3.25 

0.098 

When  compared  to  any  of  the  other  commonly 
used  technologies,  the  performance  of  the 
UCC3912  is  superior.  The  electronic  circuit  breaker 
responds  almost  immediately  to  a  short  circuit,  lim- 
iting the  current  to  3.25A  before  turning  off  the  out- 
put. The  breaker  then  attempts  to  reapply  power  at 
a  3%  duty  cycle  until  the  fault  has  been  corrected. 
The  low  duty  cycle,  coupled  with  the  current  limit- 
ing feature  keeps  the  power  dissipation  at  a  rea- 
sonable level,  eliminating  the  need  for  extensive 
heating  sinking.  In  this  example  the  UCC3912  dis- 
sipates only  5V  •  3.25A  •  3%  =  488mW  of  power 
during  the  short  circuit. 


POWER  MANAGEMENT  APPLICATIONS 


Note:  1)  Peak  currents  are  limited  by  power  supply. 
2)  l»T  estimated  for  first  second  of  short  circuit. 


In  an  effort  to  save  energy,  the  federal  government 
is  working  to  impose  regulations  that  will  require 
electronic  equipment  and  appliances  to  operate 
more  efficiently.  As  an  example,  consider  the  per- 
sonal computer  (PC).  PCs  typically  dissipate  100 
to  200W,  with  an  additional  150  to  350W  con- 
sumed by  the  monitor.  In  order  to  limit  the  power 
dissipation  to  a  recommended  30W  during  periods 
of  nonusage,  circuitry  must  be  added  to  shutdown 
key  components  such  as  the  monitor,  high  pow- 
ered cache  circuits  and  bus  interfaces.  The 
UCC3912  offers  a  simple  solution  to  these  types  of 
power  management  applications. 

The  UCC3912  can  be  configured  as  a  low  current 
(<5uA)  standby  power  switch,  as  shown  in  Figure 
12.  The  shutdown  input,  SHTDWN,  is  utilized  to 
turn  off  the  internal  MOSFET,  removing  power 
from  the  load  and  reducing  the  UCC3912  quies- 
cent current  to  <5uA.  When  reactivated  by  the 
logic  command,  the  current  limiting  features  of  the 
UCC3912  allow  the  load  circuits  to  resume  opera- 
tion without  disrupting  the  rest  of  the  system. 
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APPLICATION  CIRCUITS 

The  3.3V  power  bus  has  quickly  become  the 
standard  for  laptop  computers  and  other  battery 
operated  equipment.  Unfortunately,  SCSI  stand- 
ards specify  an  active  termination  voltage  of  2.7V. 
In  addition,  standards  require  that  the  Termpwr 
source  be  fused  and  provide  for  unidirectional  cur- 
rent flow.  These  requirements  have  typically  forced 
designers  to  include  a  5V  supply  in  3.3V  systems  - 


a  5%,  3.3V  bus  leaves  only  130mV  of  headroom 
for  a  diode,  fuse,  and  regulator  overhead.  Replac- 
ing the  diode  and  fuse  with  the  UCC3912  limits  the 
voltage  drop  to  less  than  60mV  while  still  meeting 
SCSI  requirements.  Combining  the  UCC3912  with 
a  low  dropout  active  terminator  such  as  the 
UCC5614  results  in  a  complete  design.  Figure  13 
illustrates  a  typical  3.3V  SCSI  application. 
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Figure  14.  Controlled  Current  Slew  Rate  Using  the  UCC3912  4-Bit  DAC. 
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Figure  15.  UCC3912  Current  Control  Circuit  Implementation. 


The  UCC3912  lends  itself  well  to  more  sophisti- 
cated current  limiting  schemes  through  the  use  of 
the  DAC  inputs.  Greater  control  of  output  current 
slew  rate  can  be  obtained  by  stepping  the  DAC 
through  a  series  of  its  input  codes.  Figure  14  illus- 
trates the  output  current  as  the  DAC  inputs  are 
controlled  using  the  output  of  a  4-bit  counter  as 
shown  in  Figure  15.  Similarly,  loads  such  as  mo- 
tors often  require  inrush  currents  several  times 
their  normal  running  value.  By  using  the  counter  in 
Figure  15  to  count  down  rather  than  up,  the  motor 
can  be  quickly  accelerated  to  speed  using  maxi- 


mum current  and  then  closely  protected  against 
overload. 

The  duty  cycle  protection  capability  of  the 
UCC3912  can  be  disabled  by  grounding  the  timing 
capacitor  input,  CT.  This  causes  the  UCC3912  to 
remain  in  constant  current  mode  during  a  fault  con- 
dition. When  operating  in  this  manner  the 
UCC3912  is  in  linear  mode  and  will  dissipate 
power  as  function  of  the  maximum  output  current 
and  differential  input/output  voltage.  It  is  extremely 
important  that  adequate  heatsinking  is  provided 
when  operating  in  this  configuration. 
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SUMMARY 

As  demonstrated  throughout  this  application  note, 
the  UCC3912  provides  a  level  of  protection  far  su- 
perior to  that  offered  by  existing  technologies.  Inte- 
grating a  high  speed,  programmable  current 
amplifier,  power  MOSFET,  and  charge  pump  al- 
lows for  precise  control  of  both  inrush  and  short  cir- 
cuit currents.  Fast,  accurate  transient  control  helps 
to  maintain  power  supply  tolerance,  enabling  reli- 
able hot  swap  implementation.  In  addition,  prevent- 
ing destructive  current  transients  during  connector 
mating  prolongs  the  life  of  the  hardware.  By  inte- 
grating each  of  these  features,  the  UCC3912  elec- 
tronic circuit  breaker  offers  a  new  and  complete 
solution  to  power  management,  hot  swap,  and 
short  circuit  requirements. 
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INTRODUCTION 

Today's  microprocessors  are  placing  ever  greater 
demands  upon  power  system  design.  Most  state 
of  the  art  devices  now  require  a  3.3V  bus  and 
therefore  necessitate  some  means  of  stepping 
down  the  existing  5V  system  supply.  To  complicate 
matters  further,  microprocessor  performance  is 
directly  related  to  the  quality  of  the  supply  voltage. 
This  results  in  the  need  for  tight  regulation  and 
excellent  transient  response  if  the  maximum  poten- 
tial of  the  processor  is  to  be  realized.  Recently,  the 
trend  has  been  to  implement  the  function  using  a 
switching  regulator,  primarily  due  to  the  high  effi- 
ciencies obtainable  with  this  topology.  However, 
when  the  difference  between  input  and  output  volt- 
age is  low,  the  efficiency  advantage  of  the  switch- 
er is  no  longer  as  great.  A  linear  regulator  design, 
on  the  other  hand,  offers  several  desirable  features 
including  low  output  noise  and  wide  bandwidth, 
resulting  in  excellent  transient  load  response.  This 
application  note  presents  a  high  performance  lin- 
ear regulator  design  capable  of  maximizing  the 
performance  of  these  digital  systems. 


LINEAR  VS  SWITCHER 

Figure  1  illustrates  the  basic  elements  of  both  a  lin- 
ear and  switching  stepdown  regulator.  In  the  linear 
topology,  the  output  is  regulated  by  controlling  the 
voltage  drop  across  a  power  transistor  biased  in 
the  linear  region.  The  switching  circuit,  on  the  other 
hand,  provides  regulation  by  varying  the  duty  cycle 
of  a  saturated  power  switch.  Although  switchers 
offer  a  substantial  efficiency  advantage  in  applica- 
tions with  large  differences  between  input  and  out- 
put voltage,  the  savings  become  less  significant  as 
this  difference  is  reduced.  To  illustrate  this  point, 
consider  the  differences  in  a  3A,  5V  to  3.3V  con- 
verter design  using  the  two  topologies. 

The  power  dissipation  in  the  linear  regulator  is  a 
function  of  the  difference  between  input  and  output 
voltage,  output  current,  output  driver  power,  and 
quiescent  controller  power: 

Input/Output  Voltage  Drop    (5.0-3.3V)(3A)  =  5.1W 


(A) 

PASS 
DEVICE 
 z  


LINEAR 
*|  CONTROL 


i 


(B) 


PWM 
CONTROL 


A 


Figure  1.  Basic  elements  of  a  A.)  Linear  and  B.)  Switching  Regulator. 
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Pass  Device  Driver  (5.0V)(0.005A)  =  0.03W 

Controller  Ice  (5.0V)(0.01A)  =  0.05W 

Total  =  5.18  W 

The  resulting  efficiency  is  equivalent  to  the 
ratio  of  output  power  to  input  power  or 
(3.3)(3)/((3.3)(3)+5.18)  =  65.7%. 

The  efficiency  of  the  switching  regulator  is  not  as 
simple  to  calculate.  Power  dissipated  by  the  regu- 
lator is  a  combination  of  both  conduction  and 
switching  losses  in  each  of  the  circuit  elements. 
Assuming  an  inexpensive,  commercial  power 
MOSFET  with  an  Rds(on)  of  0.28W,  the  duty  cycle 
of  the  regulator  is  approximately: 


toFF    (5  .  3(0.28)) 

Taking  duty  cycle  into  account,  the  itemized  circuit 
losses  are  estimated  as  follows: 

FET  Conduction  Losses 

(3A)2(0.28n)(80%)  =  2.02W 


FET  Switching  Losses 


(8.4E-9C)(5V)(250kHz) 

=  0.01W 

Diode  Forward  Voltage  (0.6V)(3A)(20%) 

=  0.36W 

Inductor  Voltage 

(3A)2(0.017n)(100%) 

=  0.1 5W 

Rsense  Voltage 

(3A)2(0.043fi)(80%) 

=  0.31W 

AC  Capacitor  Lo: 

sses  (0.15)2(2.2f2) 

=  0.05W 

Controller  Ice 

(5V)(1E-3A) 

=  0.01W 

Switching  Transients 

*  0.1  ow 

Total  =  3.01  W 


Based  upon  these  losses,  the  efficiency  of 
the  switching  regulator  is  approximately 
(3.3)(3)/((3.3)(3)+3.01)  =  76.7%.  These  results 
indicate  that  the  switching  topology  is  approxi- 
mately 11%  more  efficient  in  this  application. 
However,  the  increase  in  efficiency  doesn't  come 
for  free.  The  catch  diode  and  inductor  required  in 
the  switching  topology  increase  the  cost  of  the 
solution.  In  addition,  due  to  the  pulsed  nature  of 
the  input  current,  the  switching  topology  can  gen- 
erate considerable  noise  or  electromagnetic  inter- 
ference (EMI),  often  requiring  additional  filtering  to 
provide  a  compliant  design.  Differential  current 
sensing  and  minimum  load  requirements  further 
complicate  the  solution.  Synchronous  switching 
topologies  and  better  components  can  improve  the 
efficiency  to  better  than  90%,  but  the  number  of 
components  and  cost  of  the  solution  increases 
even  further. 


The  linear  regulator,  on  the  other  hand,  while 
slightly  less  efficient  offers  several  attractive  fea- 
tures. Low  noise  is  inherent  to  the  design  due  to 
the  lack  of  fast  switching  circuits.  Reduced  com- 
ponent count  coupled  with  a  relatively  simple 
design  help  to  ensure  system  reliability  and  lower 
cost.  Moreover,  the  linear  solution  does  not  have  a 
minimum  load  restriction  making  it  attractive  in 
applications  with  widely  varying  load  currents.  The 
remainder  of  this  application  note  provides  the 
design  details  for  a  high  performance  linear  regu- 
lator, taking  advantage  of  each  of  these  perfor- 
mance features. 

TOPOLOGY  OVERVIEW 

Referring  again  to  Figure  1 ,  the  linear  design  can 
be  broken-down  into  several  key  elements  includ- 
ing a  pass  device,  driver,  error  amplifier,  reference, 
output  capacitance  and  over  current  protection 
block.  The  crux  of  the  design  arguably  lies  in  the 
pass  device.  It's  characteristics  determine  what 
the  differential,  input/output  voltage  limitations  are 
in  addition  to  how  much  quiescent  power  is 
required  by  the  regulator.  Error  amplifier  charac- 
teristics directly  effect  system  bandwidth  and  the 
achievable  DC  regulation  while  the  voltage  refer- 
ence primarily  governs  the  steady  state  accuracy 
of  the  output  voltage.  Lastly,  the  overcurrent  pro- 
tection block  protects  the  regulator  during  output 
fault  conditions. 

POWER  PASS  DEVICES 

The  power  device  selected  to  provide  the  pass 
function  must  be  capable  of  operating  under  very 
low  differential  input/output  voltages  while  still  pro- 
viding reasonable  efficiency.  Traditionally  the  PNP 
bipolar  transistor  has  been  applied  in  low  dropout 
applications,  primarily  due  to  its  low  saturation  volt- 
age when  compared  to  Darlington  devices,  and 
simpler  base  drive  than  an  NPN  configuration. 
Unfortunately,  as  the  output  requirements  of  the 
regulator  grow,  the  gain  of  suitable  PNP  power 
transistors  decreases,  ultimately  resulting  in 
excessive  base  current  losses.  In  addition,  large 
amounts  of  base  drive  current  often  require  more 
elaborate  drive  stages,  further  complicating  the 
design.  Consequently,  the  efficiency  and  advan- 
tages of  the  linear  regulator  are  no  longer  as  great. 

Having  eliminated  bipolar  configurations  for  either 
excessive  drive  current  or  dropout  voltage,  pass 
device  options  are  limited  to  power  MOSFETs.  N- 
channel  devices  are  most  advantageous  due  to 
their  low  on-resistance  and  cost.  Unfortunately, 
the  gate  drive  difficulties  associated  with  high  side 
topologies  make  them  less  than  ideal  in  applica- 
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operating  from  a  single  supply.  P-channel 
MOSFETs,  while  easier  to  drive  in  high  side  appli- 
cations, have  historically  been  plagued  with  higher 
on-resistance.  However,  recent  advancements  in 
high  cell  density  technology  have  led  to  substantial 
reductions  in  RDs(on).  For  instance,  Motorola's 
new  HDTMOS  devices  boast  50%  lower  on-resis- 
tance than  the  previous  generation  of  P-channel 
devices.  The  MTP50P03HDL,  a  50A,  30V,  P-chan- 
nel MOSFET  is  one  such  example,  specified  with  a 
maximum  on-resistance  of  30mn  at  drain  currents 
of  25A  and  a  maximum  gate  threshold  voltage  of 
2.0V.  The  logic  level  gate  characteristics  are 
required  in  applications  limited  to  a  supply  voltage 
of  5  volts.  An  additional  advantage  of  the  MOSFET 
power  stage  is  the  minimum  amount  of  drive  cur- 
rent required.  Since  the  device  is  voltage  con- 
trolled and  operating  in  transconductance  mode  it 
can  be  biased  with  minimal  drive  current,  further 
improving  the  efficiency  and  decreasing  the  com- 
plexity of  the  regulator. 

OUTPUT  CAPACITANCE 

Bulk  output  capacitance  is  required  in  order  for  the 
design  to  meet  the  specified  transient  require- 
ments. As  with  any  control  system,  the  voltage 
loop  has  a  finite  bandwidth  and  cannot  instanta- 
neously respond  to  a  change  in  load  conditions.  In 
order  to  keep  the  output  voltage  within  the  speci- 
fied tolerance,  sufficient  capacitance  must  be  pro- 
vided to  source  the  increased  load  current 
throughout  the  initial  portion  of  the  transient  peri- 
od. During  this  time,  charge  is  removed  from  the 
capacitor  and  its  voltage  correspondingly  decreas- 
es until  the  control  loop  can  catch  the  error  and 
correct  for  the  increased  current  demand.  The 
amount  of  capacitance  used  must  be  enough  to 
keep  the  voltage  drop  within  specification  accord- 
ing to  the  charge  relationship  l=CdV/dt. 
Unfortunately,  the  equivalent  series  resistance 
(ESR)  and  inductance  (ESL)  of  the  capacitor  gen- 
erate an  additional  voltage  transient,  the  total  of 
which  must  be  kept  within  specification.  In  order  to 
limit  this  transient,  the  ESR  and  ESL  of  the  select- 
ed devices  will  usually  dictate  a  much  larger  value 
of  capacitance  than  might  normally  be  expected  to 
satisfy  the  charge  relationship. 

OVERCURRENT  PROTECTION 

Traditional  over  current  protection  schemes  usual- 
ly involve  either  "constant  current"  or  "current  fold- 
back"  techniques.  Unfortunately,  each  of  these 
solutions  offers  a  compromise  between  the  needs 


of  the 

user  and  the  optimization  of  the  power  supply. 
Constant  current  techniques,  while  easy  to  inter- 
face with,  result  in  massive  overkill  in  terms  of 
thermal  management  and  heatsink  implementa- 
tion. Current  foldback  implementations,  on  the 
other  hand,  ease  the  design  of  the  regulator  while 
complicating  startup  scenarios  for  the  user. 
Newer,  switchmode  protection  techniques  offer  a 
solution  to  this  compromise.  By  modulating  the 
output  at  a  fixed  duty-cycle  during  an  over  current 
condition,  thermal  management  of  the  regulator  is 
greatly  simplified.  Adjusting  the  pulse  width  of  the 
duty-cycle  allows  start-up  load  characteristics  to 
be  easily  accommodated. 

CONTROL  CIRCUIT 

In  the  design  example  that  follows,  the  regulator  is 
implemented  using  a  UC3833,  precision  linear 
controller.  This  IC  incorporates  all  of  the  functions 
required  to  design  a  very  low  dropout,  precision 
regulator,  including  a  1%  reference,  error  amplifier, 
and  an  uncommitted  output  stage.  Providing  an 
output  driver  with  both  source  and  sink  capabilities 
allows  the  use  of  a  variety  of  power  devices  includ- 
ing NPN  or  PNP  bipolar  devices  and  N  or  P-chan- 
nel MOSFETs.  Switchmode  current  limiting  is  also 
implemented  by  the  UC3833,  significantly  reducing 
power  dissipation  during  fault  conditions.  Further 
information  regarding  this  device  can  be  found  in 
Unitrode  application  note  U-116. 

DESIGN  DETAILS 

The  regulator  was  designed  to  meet  the  following 
performance  requirements,  typical  of  today's 
microprocessor  systems.  The  schematic  is  shown 
in  Figure  2. 

Vin       =    5V,  ±10% 

Vout    =    3.3V,  ±5% 

Iout     =    3.5A  typical,  4A  maximum 

Transient  Response:  5%  to  75%  louTmax  in 
1 0Onsec,  Vreg  =  ±5% 

In  order  to  select  a  pass  device  for  the  design,  the 
dropout  voltage  requirements  must  first  be  estab- 
lished. Input  voltage  tolerance,  along  with  the  volt- 
age drop  across  the  current  sense  resistor,  must 
be  taken  into  account.  The  sense  resistor  value  is 
calculated  based  on  the  maximum  output  current 
specification  of  the  regulator  and  the  current  limit 
threshold  of  the  UC3633.  In  order  to  ensure  the 
regulator  can  deliver  4A  under  worst  case  condi- 
tions, the  maximum  resistor  value,  including  toler- 
ance, is  given  by: 
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Figure  2:  A  3.3V,  4A  regulator  featuring  low  dropout  voltage,  switchmode  overcurrent  protection  and  excellent  tran- 
sient response. 


Rmax  : 


VCLmin 
lOUT 


(D 


Rmax  =  5^  =  23.25mn 


Using  a  5%,  22mfi  sense  resistor  and  low  line  con- 
ditions, the  dropout  requirement  for  the  pass 
device  is  calculated  as  follows: 

VDO  =  VlNmin  -  lOUTmax(RSENSEmax)  -  VOUT  (2) 
VDO  =  4.5  -  4(1 .05)(0.022)  -  3.3  =  1 .29V 


This  dropout  voltage  results  in  a  maximum  MOS- 
FET  FtDS(on)  of  0.323£i.  In  addition,  logic  level 
gate  characteristics  are  required  in  order  to  ensure 
adequate  gate  enhancement  with  a  5  volt  input. 
These  requirements  are  easily  met  with  the 
MTP50P03HDL's  30mQ  (Tc=25°C)  on-resistance 
and  2.0V  maximum  gate  threshold  voltage. 

Having  selected  the  pass  device,  the  UC3833  out- 
put driver  can  now  be  configured.  While  the  sim- 
plest approach  would  be  to  configure  the  driver  as 
a  common  emitter,  including  a  small  amount  of 
emitter  resistance  eliminates  the  drive  transistor's 
P  from  the  loop  gain  expression,  thereby  simplify- 


ing the  frequency  compensation.  Resistors  R6 
and  R7  attenuate  and  feedback  the  output  voltage 
to  the  inverting  input  of  the  error  amplifier. 

Sprague  595D  surface  mount  tantalum  capacitors 
were  chosen  for  the  output  based  upon  their 
ESR/ESL  specifications  and  package  style.  By  par- 
alleling three  270uF,  10V  capacitors,  the  equiva- 
lent ESR/ESL  is  reduced  by  1/3,  providing  an 
equivalent  impedance  of  approximately  13mf2  typ- 
ical and  60mfi  maximum  at  100kHz.  Surface 
mount  packaging  helps  to  further  reduce  the  para- 
sitic effects  induced  by  component  leads.  The 
equivalent  810uF  provides  more  than  sufficient 
capacitance  to  keep  the  transient  voltage  drop 
within  specification. 

SMALL  SIGNAL  AC  RESPONSE 

With  the  driver  and  power  stage  configured,  the 
voltage  and  current  control  loops  can  now  be  ana- 
lyzed and  properly  compensated.  Figure  3  illus- 
trates the  basic  configuration  of  the  two  loops.  The 
frequency  response  of  the  MOSFET  driver 
includes  a  gain  factor  of  R4/R5  with  a  pole  intro- 
duced from  the  combination  of  the  MOSFET's  gate 
to  source  capacitance  and  R4.  The  transconduc- 
tance  of  the  MOSFET  is  represented  by  gFS. 
Modeling  the  load  as  a  resistance  in  parallel  with 
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Figure  3.  Basic  configuration  of  the  voltage  and  current  control  loops. 


the  output  capacitor  and  it's  associated  ESR 
results  in  a  loop  gain  expression,  excluding  the 


error  amplifier,  of' 


( 


) 


R5(1  +  SR4CGS) 

(grc(  Rl  (1  +  S<ESR)C) 


(3) 


))(— ) 


(1  +s(Rl+ESR)C)  "  Re  +  R? 


The  dashed  curves  of  Figure  4a  represent  the 
resulting  voltage  loop  response.  Although  the 
response  is  stable,  the  low  frequency  gain  and 
closed  loop  accuracy  are  limited.  This  is  easily 
improved  by  compensating  the  UC3633's  error 
amplifier  using  a  series  RC  network.  Doing  so 
introduces  a  pole  at  OHz,  thereby  improving  the 
DC  regulation,  in  addition  to  a  zero  at  1/(2;tRC)Hz. 
The  zero  is  located  between  the  poles  resulting 
from  the  load  and  the  MOSFET  gate  to  source 
capacitance.  Together  with  the  ESR  zero,  they  pro- 
vide enough  phase  boost  to  maintain  adequate 
phase  margin.  Adding  a  capacitor  across  R6  helps 
to  squeeze  additional  bandwidth  from  the  loop  by 
introducing  another  pole/zero  pair.  The  gain  and 
phase  of  the  compensated  voltage  loop  (solid 
lines)  are  also  shown  in  Figure  4a. 

Having  stabilized  the  voltage  loop,  the  current  loop 
can  now  be  examined.  The  established  compen- 
sation impedance  must  be  taken  into  account  as 
both  the  current  and  error  amplifier  share  a  com- 
mon output  node.  The  complete  current  loop 
expression,  including  the  transconductance  (gM)  of 

the  current  amplifier,  is  given  below 
/         R4  \ 

Al  =  V  RsM  +  sRaCrjO  /  *  ^ 


•  R5(1  +  SR4CGS)  • 

gM  (1  +  SR3C2)  \ 
sC2  ' 


(gFSRi)(' 


The  corresponding  response  is  shown  in  Figure 
4b.  From  this  plot,  it  is  evident  the  loop  lacks  suffi- 
cient phase  margin  to  be  stable  under  all  condi- 
tions. Filtering  the  current  signal  with  the  network 
composed  of  R8,  C7  and  C8,  as  shown  in  Figure 
2,  introduces  a  pole  and  zero  according  to  the  fol- 
lowing transfer  function,  rolling  off  the  current  loop 
gain  without  effecting  the  voltage  loop.  The  gain 
and  phase  of  the  compensated  current  loop  (solid 
lines)  are  also  shown  in  Figure  4b. 


Vo(s)  =  (1  +  sRaC?) 
Vi(s) 


(1  +  sRs(C7  +Cs)) 


(5) 


When  performing  small  signal  analysis  such  as 
this,  the  use  of  a  spreadsheet  program  can  prove 
invaluable.  The  software  can  be  easily  configured 
to  provide  Bode  plots  using  pole  and  zero  locations 
input  by  the  user.  The  graphical  output  allows  the 
user  to  quickly  evaluate  a  variety  of  compensation 
techniques  and  relatively  easily  optimize  the 
design. 

OVERCURRENT  PROTECTION  AND  THERMAL 
MANAGEMENT 

Overcurrent  protection  is  provided  via  the 
UC3833's  internal  amplifier  and  overcurrent  com- 
parator. When  the  voltage  across  R1  crosses  the 
comparator  threshold  the  UC3833  begins  to  mod- 
ulate the  output  driver.  During  the  on-time  the  cur- 
rent sense  amplifier  provides  constant  output  cur- 
rent by  maintaining  a  fixed  voltage  across  R1 .  On 
and  off  times  are  controlled  by  timing  components 
C1  and  R2  according  to  the  following  expressions: 
Ton  =  0.693(1  Ok)(CT)  (6) 


Toff  : 


Duty  Cycle 


0.693(Rt)(Ct) 
Ton 


10k 


Ton  +  Toff     1 0k  +  Rt 


(7) 
(8) 


s 

-I 
a 
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Figure  4:  Uncompensated  and  compensated  open  loop  responses  for  the  circuit  of  Figure  2.  (A)  Voltage  Loop,  (B) 
Current  Loop. 


When  implementing  switchmode  protection,  the 
"on"  time  (Ton)  must  be  of  sufficient  duration  to 
charge  the  output  capacitance  during  a  normal 
startup  sequence  or  when  recovering  from  a  fault. 
If  not,  the  charge  accumulated  on  the  output 
capacitor  will  be  depleted  by  the  load  during  the 
"off"  time.  The  cycle  will  then  repeat,  preventing 
the  output  from  turning  on.  A  maximum  load  cur- 
rent of  just  less  than  the  trip  limit  results  in  the  dif- 
ference between  the  Imax  and  Itrip  values  as  the 


current  available  to  charge  the  output  capacitance. 
In  this  case  the  minimum  "on"  time  can  be  calcu- 
lated as  follows: 


TONmin 


CoUTmax  •  VOUT 

Imax  -  Itrip 


(9) 


The  duty  cycle  can  then  be  adjusted  to  minimize 
power  dissipation  using  equation  (8). 
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Switchmode  protection  offers  significant  heat  sink- 
ing advantages  when  compared  to  conventional, 
constant  current  solutions.  Since  the  average 
power  during  a  fault  condition  is  reduced  as  a  func- 
tion of  the  duty  cycle,  the  heat  sink  need  only  have 
adequate  thermal  mass  to  absorb  the  maximum 
steady  state  power  dissipation  and  not  the  full 
short  circuit  power.  With  a  5.5  volt  input  and  a 
maximum  output  of  4A,  the  power  dissipated  in  Q1 
is  given  by: 

(10) 


P  =  (VlN  -  Vrsense  -  VOUT)(IOUT) 
P  =  (5.5  -  4(0.022)(0.95)  -  3.3)4  =  8.47W 


The  thermal  resistivity  of  the  MOSFET  is  specified 
as  1.0°C/W  for  the  TO-220  package  style. 
Assuming  an  ambient  temperature  of  50°C  and  a 
case  to  heat  sink  resistivity  of  6cs=0.3°C/W,  the 
heat  sink  required  to  maintain  a  125°C  junction 
temperature  can  be  calculated  as  follows: 

Tj  =  Ta  +  P(9jc  +  6cs  +  9sa)  (11) 
25  =  50  +  8.47(1 .0  +  0.3  +  8sa) 
8sa  <  7.55°C/  W 


Based  on  this  analysis,  any  heatsink  with  a  thermal 
resistivity  of  7.55°C/W  or  less  should  suffice. 
Under  short  circuit  conditions  the  output  current 
will  be  limited  to  6.1 4A  at  a  5%  duty  cycle,  result- 
ing in  a  MOSFET  power  dissipation  of  only: 

P  =  ((viNmax  -  (IOUT)(FtSENSE))lOUT)(d.C.)  (12) 

P  =  ((5.5  -  6.14(0.022))6.14)0.05  =  1 .65W 

Without  switchmode  protection,  the  short  circuit 
power  dissipation  would  be  33W,  almost  four  times 
the  nominal  dissipation! 

PRACTICAL  CONSIDERATIONS 

In  order  to  achieve  the  expected  performance, 
careful  attention  must  be  paid  to  circuit  layout.  The 
printed  circuit  board  should  be  designed  using  a 
single  point  ground,  referenced  to  the  return  of  the 
output  capacitor.  All  traces  carrying  high  current 
should  be  made  as  short  and  wide  as  possible  in 
order  to  minimize  parasitic  resistance  and  induc- 


TqK  Run:  5.00MS/S  Sample 
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Figure  5:  Transient  response  of  the  regulator  illustrated  in  Figure  2  with  a  time  base  of  10  |isec. 
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Figure  6:  Transient  response  of  the  regulator  illustrated  in  Figure  2  with  a  timebase  of  250  nsec. 


To  illustrate  the  importance  of  these  concepts, 
consider  the  effects  of  a  1 .5"  PCB  trace  located 
between  the  output  capacitor  and  the  UC3833 
feedback  reference.  A  0.07"  wide  trace  of  1oz. 
copper  results  in  an  equivalent  resistance  of 
10.4mfi.  At  a  load  current  of  3A,  31.2mV  is 
dropped  across  the  trace,  contributing  almost  1% 
error  to  the  DC  regulation!!  Likewise,  the  induc- 
tance of  the  trace  is  approximately  3.24nH,  result- 
ing in  a  91  mV  spike  during  the  100nsecs  it  takes 
the  load  current  to  slew  from  200mA  to  3A. 

PERFORMANCE 

The  efficiency  of  the  regulator  is  65.7%  in  a  typical 
application  with  3A  of  output  current  and  a  5.0V 
input.  Under  maximum  load  and  worst  case  con- 
ditions, the  efficiency  drops  to  60%.  During  a  short 
circuit  scenario  the  regulator  limits  the  peak  cur- 
rent to  approximately  6A.  At  the  5%  duty  cycle  set 
by  C1  and  R2,  the  average  current  is  300mA, 
resulting  in  less  than  2W  of  power  dissipated  in  the 
MOSFET! 

The  design  provides  a  worst  case  DC  regulation  of 
+3%  using  the  UC3833  in  conjunction  with  1% 
feedback  resistors.  If  even  tighter  tolerance  is 
required,  the  UC3832  can  be  substituted  along 


with  0.1%  resistors.  The  UC3832  has  provisions 
for  an  external  voltage  reference  allowing 
increased  performance  over  the  UC3833's  ±1% 
internal  reference. 

The  AC  characteristics  of  the  voltage  loop  deter- 
mine how  fast  the  regulator  can  respond  to  sudden 
load  disturbances.  Figure  5  illustrates  how  the 
design  behaves  during  the  specified  100nsec  tran- 
sient. Starting  with  200mA  of  load  current,  a  step 
change  to  3A  was  applied  to  the  regulator.  This 
load  current  waveform  is  shown  in  the  upper  trace 
of  Figure  5.  Notice  that  in  the  lower  trace,  follow- 
ing the  increase  in  load,  the  output  drops  approxi- 
mately 50mV  and  then  recovers  to  a  stable  state 
within  40u,sec.  Figure  6  shows  the  same  response 
with  the  timebase  expanded  to  250nsec.  In  this 
plot,  the  initial  transient  resulting  from  the  equiva- 
lent impedance  of  the  output  capacitor  is  clearly 
visible.  The  parallel  combination  of  the  three  out- 
put capacitors  and  careful  layout  limits  the  tran- 
sient to  roughly  100mV. 

SUMMARY 

The  circuit  described  in  this  application  note 
was  specifically  designed  to  meet  the 
demanding  performance  requirements  of  today's 
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TABLE  I 

VOUT 

lo 

R6 

R1 

COUT 

GsAmax 

Applications 

3.0V 

3A 

1k 

0.03 

810u.F 

9.06°C/W 

D/A  converters,  Gate  Arrays 

5A 

1k 

0.0169 

1320uF 

4.91  °C/W 

7A 

1k 

0.012 

1980uF 

3.13°CArV 

2.7V 

3A 

698 

0.03 

810u.F 

7.9-C/W 

MCUs 

5A 

698 

0.0169 

1320u.F 

4.22°C/W 

7A 

698 

0.012 

1980u.F 

3.64°C/W 

2.5V 

3A 

499 

0.03 

810uF 

7.28°C/W 

Low  voltage  digital  logic 

5A 

499 

0.0169 

1320u.F 

3.84°C/W 

Notes:  1.  Thermal  resistivities  assume  50°C  ambient  and  maxTj  of  125°C. 


2.  Cout  is  comprised  of  multiple  Sprague  595  style  tantalum  capacitors. 


microprocessors.  It  is  capable  of  providing  excel- 
lent transient  response  with  reasonable  efficiency 
for  less  cost  and  complexity  than  a  switching  regu- 
lator. The  design  is  easily  modified  to  accommo- 
date other  output  voltage  and  current  requirements. 
Table  I  provides  the  necessary  component  substi- 
tutions to  achieve  a  variety  of  the  more  popular  out- 
put voltages  and  their  typical  applications.  The 
same  MTP50P03HDL  MOSFET  is  used  for  all 
designs. 

Output  voltages  below  2.0V  dictate  the  use  of  a 
UC3832.  The  UC3832  enables  the  user  to  set  the 
error  amplifier  voltage  reference  below  2.0V.  In  the 
UC3833  the  noninverting  error  amplifier  input  is 
internally  committed  to  2.0V.  For  additional  infor- 
mation regarding  the  UC3832/3  linear  controllers, 
consult    Unitrode    application    note  U-116. 

PARTS  LIST: 


Additional  information  on  HDTMOS  MOSFETs 
and  low  impedance  capacitors  is  available  from 
Motorola  (602-244-3377)  and  Sprague  (603-224- 
1961)  respectfully. 
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INTRODUCTION 

The  trend  in  power  converters  is  towards  increas- 
ingly higher  power  densities.  Usually,  the  method  to 
achieve  this  is  to  increase  the  switching  frequency, 
which  allows  a  reduction  in  the  filter  component's 
size.  Raising  the  switching  frequency  however,  sig- 
nificantly increases  the  system  switching  losses 
which  generally  precludes  operating  at  switching 
frequencies  greater  than  1 00kHz. 

In  order  to  increase  the  switching  frequency  while 
maintaining  acceptable  efficiency,  several  soft 
switching  techniques  have  been  developed  [1 ,2,3]. 
Most  of  these  resonant  techniques  increase  the 
semiconductor  current  and/or  voltage  stress,  lead- 
ing to  larger  devices  and  increased  conduction 
losses  due  to  greater  circulating  current.  A  new 
class  of  converters  has  been  developed  [4],  howev- 
er, that  allow  an  increase  in  switching  frequency 
without  the  associated  increase  in  switching  losses, 
while  overcoming  most  of  the  disadvantages  of  the 
resonant  techniques.  Zero  voltage  transition  (ZVT) 
converters  operate  at  a  fixed  frequency  while 


achieving  zero  voltage  turn-on  of  the  main  switch 
and  zero  current  turn-off  of  the  boost  diode.  This  is 
accomplished  by  employing  resonant  operation 
only  during  switch  transitions.  During  the  rest  of  the 
cycle,  the  resonant  network  is  essentially  removed 
from  the  circuit  and  converter  operation  is  identical 
to  its  nonresonant  counterpart. 

This  technique  allows  a  improvement  in  efficiency 
over  the  traditional  boost  converter,  as  well  as  oper- 
ating the  boost  diode  with  reduced  stress  (due  to 
controlled  di/dt  at  turn-off).  Soft-switching  of  the 
diode  also  reduces  EMI,  an  important  system  con- 
sideration. 

Active  power  factor  correction  programs  the  input 
current  of  the  converter  to  follow  the  line  voltage 
and  power  factors  of  0.999  with  THD  of  3%  are 
possible.  The  Unitrode  UC3855A/B  IC  incorporates 
power  factor  correction  control  circuitry  capable  of 
providing  high  power  factor  with  several  enhance- 
ments relating  to  current  sensing  and  ZVT  opera- 
tion of  the  power  stage. 


L  D1 


Figure  1.  Boost  Converter  with  ZVT  Power  Stage 
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The  UC3855  incorporates  all  of  the  control  func- 
tions required  to  design  a  ZVT  power  stage  with 
average  current  mode  control.  Average  current 
mode  control  has  been  chosen  for  its  ability  to 
accurately  program  the  input  current  while  avoiding 
the  slope  compensation  and  poor  noise  immunity  of 
other  methods  [5,6]. 

ZVT  TECHNIQUE 

ZVT  Boost  Converter  Power  Stage 

The  ZVT  boost  converter  operates  the  same  as  a 
conventional  boost  converter  throughout  its  switch- 
ing cycle  except  during  the  switch  transitions. 
Figure  1  shows  the  ZVT  boost  power  stage.  The 
ZVT  network,  consisting  of  Qzvt  ■  D2.  Lr,  and  Cr, 
provides  active  snubbing  of  the  boost  diode  and 
main  switch.  The  ZVT  circuit  operation  has  been 
described  in  [4,  7,  8]  and  will  be  reviewed  here  for 
completeness.  Referring  to  Figure  2,  the  following 
timing  intervals  can  be  defined: 

ZVT  Timing 

t0  - 1-|  During  the  time  prior  to  to,  the  main  switch 
is  off  and  diode  D1  is  conducting  the  full  load  cur- 
rent. At  to,  the  auxiliary  switch  (Qzvt)  is  turned  on. 
With  the  auxiliary  switch  on,  the  current  in  Lr  ramps 
up  linearly  to  I|n.  During  this  time  the  current  in 


diode  D1  is  ramping  down.  When  the  diode  current 
reaches  zero  the  diode  turns  off  (i.e.  soft  switching 
of  D1).  In  the  practical  circuit  some  reverse  recov- 
ery of  the  diode  will  occur  since  the  diode  needs 
time  to  remove  the  junction  charge.  The  voltage 
across  the  ZVT  inductor  is  VQ,  and  therefore  the 
time  required  to  ramp  up  to  lin  is: 


toi 


■in 

(Is) 


t-|  - 12  At  ti ,  the  Lr  current  has  reached  Iin  and  Lr 
and  Cr  will  begin  to  resonate.  This  resonant  cycle 
discharges  Cr  until  its  voltage  equals  zero.  The 
dv/dt  of  the  drain  voltage  is  controlled  by  Cr  (Cr  is 
the  combination  of  the  external  CDS  and  Coss).  The 
current  through  Lr  continues  to  increase  while  Cr 
discharges.  The  time  required  for  the  drain  voltage 
to  reach  zero  is  1/4  of  the  resonant  period.  At  the 
end  of  this  period  the  body  diode  of  the  main  switch 
turns  on. 

t-t2=  y  •  V  LrCr 

t2  - 13  At  the  beginning  of  this  interval  the  switch 
drain  voltage  has  reached  OV  and  the  body  diode  is 
turned  on.  The  current  through  the  body  diode  is 
being  driven  by  the  ZVT  inductor.   The  voltage 


VgSk, 


vo 


/  I  I  \ 

i  i  i 


i 


— 


u 


T~1  i —  

ii  i 
i  i  'in  i 



i 


<5  <6 


Figure  2.  ZVT  Timing  Diagram 


3-461 


APPLICATION  NOTE 


U-153 


across  the  inductor  is  zero  and  therefore  the  current 
freewheels.  At  this  time,  the  main  switch  can  be 
turned  on  to  achieve  zero  voltage  switching. 

t3  - 14     At  t3,  the  UC3855  senses  that  the  drain 

voltage  of  Qmain  nas  'allen  to  zero  and  turns  on  ,ne 
MAIN  switch  while  turning  off  the  ZVT  switch.  After 
the  ZVT  switch  turns  off,  the  energy  in  Lr  is  dis- 
charged linearly  through  D2  to  the  load. 

t4  - 15  At  t.4,  the  current  in  D2  goes  to  zero. 
When  this  occurs,  the  circuit  is  operating  like  a  con- 
ventional boost  converter.  In  a  practical  circuit  how- 
ever, Lr  will  resonate  with  Coss  of  the  ZVT  switch 
driving  the  node  at  the  anode  of  D1  negative  (since 
the  opposite  end  of  Lr  is  clamped  to  zero).  This 
effect  will  be  discussed  in  the  ZVT  circuit  design 
section. 

t.5  -  tg  This  stage  is  also  exactly  like  a  conven- 
tional boost  converter.  The  main  switch  turns  off. 
The  Qmain  drain-to-source  node  capacitance 
charges  to  Vq  and  the  main  diode  begins  to  supply 
current  to  the  load.  Since  the  node  capacitance 
initially  holds  the  drain  voltage  to  zero,  the  turn  off 
losses  are  significantly  reduced. 

It  can  be  seen  through  the  above  description  that 
the  operation  of  the  converter  differs  from  the 
conventional  boost  only  during  the  turn-on  switch 
transitions.  The  main  power  stage  components 
experience  no  more  voltage  or  current  stress  than 
normal,  and  the  switch  and  diode  both  experience 
soft  switching  transitions.  Having  significantly 
reduced  the  switching  losses,  the  operating 
frequency  can  be  increased  without  an  efficiency 
penalty.  The  diode  also  operates  with  much  lower 
losses  and  therefore  will  operate  at  a  lower  temper- 
ature, increasing  reliability.  The  soft  switching  tran- 
sitions also  reduce  EMI,  primarily  caused  by  hard 
turn-off  of  the  boost  diode. 

Control  Circuit  Requirements 

In  order  to  maintain  zero  voltage  switching  for  the 
main  switch,  the  ZVT  switch  must  be  on  until  the 
voltage  on  Cr  resonates  to  zero.  This  can  be 
accomplished  by  using  a  fixed  delay  equal  to  tzvT 
at  low  line  and  maximum  load. 

tzvj=  jlN^U  -^7^ 

Vq  k 

However,  this  would  give  a  longer  than  necessary 
delay  at  lighter  load  or  higher  line  conditions,  and 
therefore  would  increase  the  ZVT  circuit  conduction 
loss  and  increase  the  peak  current  stress.  The 
UC3855  allows  for  a  variable  tzvT  by  sensing  when 
the  Qmain  drain  voltage  has  fallen  to  zero.  Once 
the  voltage  falls  below  the  ZVS  pin  threshold  volt- 


age (2.5V),  the  ZVT  gate  drive  signal  is  terminated 
and  the  main  switch  gate  drive  goes  high.  The  con- 
trol waveforms  are  shown  in  Figure  3.  The  switch- 
ing period  begins  when  the  oscillator  begins  to  dis- 
charge, and  the  ZVT  gate  drive  goes  high  at  the 
beginning  of  the  discharge  period.  The  ZVT  signal 
will  stay  high  until  the  ZVS  pin  senses  the  zero  volt- 
age condition  or  until  the  discharge  period  is  over 
(the  oscillator  discharge  time  is  the  maximum  ZVT 
pulse  width).  This  allows  the  ZVT  switch  to  be  on 
only  for  as  long  as  necessary. 
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Figure  3.  ZVT  Control  Waveforms 

CONTROL  CIRCUIT  OPERATION  AND  DESIGN 

Figure  4  shows  the  UC3855A/B  block  diagram  (pin 
numbers  correspond  to  DIL-20  packages).  It  shows 
a  controller  which  incorporates  the  basic  PFC  cir- 
cuitry, including  average  current  mode  control,  and 
the  drive  circuitry  to  facilitate  ZVT  operation.  The  IC 
also  has  current  waveform  synthesizer  circuitry  to 
simplify  current  sensing,  as  well  as  overvoltage  and 
overcurrent  protection.  In  the  following  sections  the 
control  IC  will  be  broken  down  into  functional  blocks 
and  individually  reviewed. 
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Figure  4.  UC3855  Controller  Block  Diagram 


Comparison  with  UC3854A/B 

The  PFC  section  of  the  UC3855A/B  is  identical 
to  the  UC3854A/B.  Several  common  design 
parameters  are  highlighted  below  to  illustrate  the 
similarities. 


FUNCTION 

UC3854A/B 

UC3855A/B 

Enable 

Dedicated 
pin 

Incorporated 
into  OVP 

Design  Range 
for  Vrms 

1.5V  -  4.7V 

1 .5V  -  4.7V 

Vref  for  VA 

3V 

3V 

Max.VA 
Output  Voltage 

6V 

6V 

Offset  Voltage 
at  IAC 

0.5V 

0.7V 

Multiplier  Gain 

IAC(VA  -  1 .5) 
VRMS2  •  IMO 

IAC(VA-1.5) 
VRMS2  •  IMO 

New  features  incorporated  into  the  UC3855A/B 
include: 

ZVT  control  circuitry 
Overvoltage  protection 
Current  Synthesizer 


Oscillator 

The  oscillator  contains  an  internal  current  source 
and  sink  and  therefore  only  requires  an  external 
timing  capacitor  (CT)  to  set  the  frequency.  The 
nominal  charge  current  is  set  to  500^A  and  the  dis- 
charge current  is  8mA.  The  discharge  time  is 
approximately  6%  of  the  total  period,  which  defines 
the  maximum  ZVT  time.  CT  is  calculated  by: 
1 


CT: 


11200*  Fs 


ZVT  Control  Circuit 


As  stated  in  the  ZVT  Technique  section,  the 
UC3855A/B  provides  the  control  logic  to  ensure 
ZVT  operation  over  all  line  and  load  conditions  with- 
out using  a  fixed  delay.  The  ZVS  pin  senses  the 
MOSFET  drain  voltage  and  is  an  input  to  the  ZVT 
drive  comparator.  The  other  comparator  input  is 
internally  biased  to  2.5V.  When  the  ZVS  input  is 
above  2.5V  (and  the  PWM  clock  signal  is  present) 
the  ZVT  drive  signal  can  go  high.  Pulling  the  ZVS 
pin  low  will  terminate  the  ZVT  drive  signal  and  turn 
on  the  main  switch  output  (recall  that  the  maximum 
ZVT  output  signal  is  equal  to  the  oscillator  dis- 
charge time).  The  network  used  to  sense  the  node 
voltage  is  shown  in  Figure  5.  R12  pulls  up  the  pin 
to  a  maximum  of  7.5V,  and  C6  provides  filtering. 
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Figure  5.  ZVS  Sensing  Circuit 


The  RC  time  constant  should  be  fast  enough  to 
reach  2.5V  at  maximum  duty  cycle.  The  drain  volt- 
age is  limited  by  the  node  capacitance  which  slows 
down  the  dv/dt  across  the  main  MOSFET,  which 
reduces  the  high  speed  requirement  on  the  ZVS 
circuit.  The  maximum  ZVS  pin  voltage  should  be 
limited  to  Vref.  otherwise  the  ZVS  circuitry  can 
become  latched  and  will  not  operate  properly. 

An  alternative  method  for  ZVS  operation,  is  to 
sense  the  drain  voltage  through  a  simple  voltage 
divider.  This  voltage  will  still  have  to  be  filtered  (and 
clamped)  however,  so  as  not  to  inject  noise  into  the 
ZVS  pin. 

Refer  back  to  Figure  3  for  the  timing  waveforms. 
GATE  DRIVES 

The  main  drive  can  source  1.5Ap«  and  the  ZVT 
drive  is  0.75APK.  The  main  switch  drive  impedance 
requirements  are  reduced  due  to  ZVT  operation.  At 
turn-on  the  drain  voltage  is  at  zero  volts  and  there- 
fore the  Miller  capacitance  effect  is  not  an  issue, 
and  during  turn-off,  the  dv/dt  is  limited  by  the  reso- 
nant capacitor.  Since  the  ZVT  MOSFET  is  gener- 
ally at  least  two  die  sizes  smaller  than  the  main 
switch,  its  drive  requirements  are  met  with  a  lower 
peak  current  capability. 

Multiplier  /  Divider  Circuit 

The  multiplier  section  of  the  UC3855A/B  is  identical 
to  the  UC3854A/B.  It  incorporates  input  voltage 
feedforward  (through  the  VRMS  input)  to  eliminate 
loop  gain  dependence  on  the  input  voltage.  There 


are  only  three  parameters  (VVrms.  'iac  and  rimo) 
that  need  to  be  defined  to  properly  set  up  the  IC. 

VRMS 

The  multiplier  programs  the  line  current  and  there- 
fore effects  the  power  drawn  from  the  line.  The 
VRMS  pin  is  programmed  by  looking  at  the  system 
power  limits.  Referring  to  the  block  diagram 
(Figure  4),  the  multiplier  output  equation  is: 
l|AC-(VEA-1.5) 


!|MO  = 


V2 


VRMS 


The  power  limit  function  is  set  by  the  maximum  out- 
put voltage  of  the  voltage  loop  error  amplifier,  Vea 
(6V).  The  power  limiting  function  is  easily  explained 
by  looking  at  what  happens  for  a  given  value  of 
Vea  •  "  the  AC  line  decreases  by  a  factor  of  two, 
the  feedforward  voltage  decreases  by  one  fourth. 
This  increases  multiplier  output  current  (and  there- 
fore line  current)  by  two.  The  power  drawn  from  the 
line  has  therefore  remained  constant.  Conversely,  if 
the  load  increases  and  the  line  stays  constant,  Vea 
will  increase,  causing  more  line  current  to  be 
drawn.  It  can  be  seen  then,  that  VEa  is  a  voltage 
proportional  to  input  power. 

Normally  the  multiplier  is  set  to  limit  maximum 
power  at  low  line,  corresponding  to  maximum  error 
amplifier  output  voltage.  The  multiplier  equation 
can  be  solved  for  the  feedforward  voltage  that  cor- 
responds to  maximum  error  amplifier  voltage  and 
maximum  multiplier  current  (internally  limited  to  2 
times  l!AC). 

_  Iiac*(Vea-1-5) 
V  VRMS  -       2  •  (lIAC) 

VVRMS  =  15V 

Knowing  the  VRMS  voltage  at  low  line  defines  the 
voltage  divider  from  the  line  to  VRMS  pin.  This 
feedforward  voltage  must  be  relatively  free  of  ripple 
in  order  to  reduce  the  amount  of  second  order  har- 
monic that  is  present  at  the  multiplier  input  (which 
in  turn  would  cause  3rd  order  harmonics  in  the  input 
current)  [9].  The  filtering  will  produce  a  dc  voltage 
at  the  VRMS  pin.  Since  the  input  voltage  is  defined 
in  terms  of  its  RMS  value,  the  dc  to  RMS  factor 
(0.9)  must  be  taken  into  account  [9].  For  example, 
if  the  low  line  voltage  is  85V,  the  attenuation 
required  is: 


85VRMS'(0.9) 
1.5«VDC 


51:1 


At  a  high  line  of  270V,  this  will  correspond  to  Vvrms 
=  4.76V.  The  common  mode  range  of  the  VRMS 
input  is  0V  to  5.5V.  The  calculated  range  is  there- 
fore within  the  accepted  limits. 
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Figure  6.  VRMS  Circuit 


A  two  pole  filter  is  recommended  to  provide  ade- 
quate attenuation  without  degrading  the  feedfor- 
ward transient  response.  A  single  pole  filter  will 
require  a  pole  at  too  low  of  a  frequency  to  still  allow 
VRMS  to  respond  quickly  enough  to  changes  in 
line  voltage. 

The  filter  poles  can  be  calculated  once  the  distor- 
tion contribution  from  Vr^s  is  determined.  If  the 
feedforward  circuit's  contribution  to  the  total  distor- 
tion is  limited  to  1.5%,  the  required  attenuation  of 
the  filter  can  be  calculated.  Recall  that  the  per- 
centage of  2nd  harmonic  in  a  full  wave  rectified 
sinewave  is  approximately  66.7%  of  the  dc  value. 
The  percentage  of  second  harmonic  will  translate 
to  the  same  percent  3rd  harmonic  distortion  in  the 
input  current  waveform  [9].  Therefore,  the  filter 
attenuation  required  is: 


1 .5% 
66.7% 


=  0.0025 


The  individual  stages  should  have  an  attenuation 
of  ^0.0225  or  0.15.  For  a  single  stage  filter: 

Ay  =  -j-  =>fc=  120Hz  (0.15)  =  18Hz 


Referring  to  Figure  6  the  components  correspond 
to  R9A  =  R9B  =  390kn,  R10  =  120kn,  and 
R1 1  =  18kn  with  C4  =  0.082uF  and  C5  =  0.47uF. 

I/AC 

The  value  of  l|Ac  is  chosen  to  be  500uA  at  high 
line.  This  value  is  somewhat  arbitrary,  however  it 


should  be  kept  below  1  mA  to  stay  within  the  linear 
region  of  the  multiplier.  This  corresponds  to  a  total 
resistance  of  approximately  766kn  from  the  line  to 
IAC  pin. 

RIMO 

The  multiplier  output  resistor  can  be  calculated  by 
recognizing  that  at  low  line  and  maximum  load  cur- 
rent, the  multiplier  output  voltage  will  equal  1 V  (in 
order  to  stay  below  the  undercurrent  trip  point). 
This  will  also  correspond  to  the  maximum  sense 
voltage  of  the  current  transformer.  The  multiplier 
current  under  this  condition  is  equal  to  1 V  /  Rimo 
and  can  be  equated  with  the  multiplier  equation 
which  yields: 

1V  Iiac'(Vea-1-5) 


Rimo 


V2VRMS 


At  low  line  Iiac  will  equal  156uA  (if  low  line  =  85V 
and  l|AC  was  set  to  500uA  at  270V),  VEA  will  be  at 
its  maximum  of  6V,  and  Vvrms  wi"  De  1.5V. 
Therefore  R!MO  equals  3.2kn. 

Current  Synthesizer 

Current  sensing  is  simplified  due  to  the  current  syn- 
thesis function  built  into  the  UC3855A/B.  Switch 
current  is  the  same  as  inductor  current  when  the 
switch  is  on  and  can  be  sensed  using  a  single  cur- 
rent transformer.  The  current  synthesizer  charges 
a  capacitor  (CI)  with  a  current  proportional  to  the 
switch  current  when  the  switch  is  on.  During  the 
switch  off-time,  the  inductor  current  waveform  is 
reconstructed  by  the  controller.  To  get  an  accurate 
measure  of  the  inductor  current  then,  all  that  is 
required  is  to  reconstruct  the  down  slope  of  the 
inductor  current,  which  is  given  by: 

AL  _  Vqut  ~  VAC 
At  ~  L 

Discharging  CI  with  a  current  proportional  to  Vqut 
-  VAc  wiH  a|l°w  reconstruction  of  the  inductor  cur- 
rent waveform.  The  capacitor  down  slope  is  : 

Av  _  Iqis 
At  _  CI 

The  UC3855A/B  develops  Ipis  by  subtracting 
Iiac/4,  from  a  current  proportional  to  Vqut-  The 
voltage  at  the  RVS  pin  is  regulated  at  3V  and  there- 
fore picking  the  RVS  resistor  will  set  the  current 
proportional  to  Vqut- 


DIS  : 


3V 
RRVS 


MAC 


The  ratio  of  the  current  in  RRVS  to  Iiac/4  should 
equal  the  ratio  of  V0UT  to  VAC.    Therefore  if 
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Iiac  / 4  is  125nA,  the  current  through  RRVs  should 
be  set  to  130nA. 


">RVS  : 


3V 
130nA 


=  23kn,  use  22kfi 


Equating  inductor  current  slope  with  capacitor 
voltage  slope,  and  recognizing  that  maximum  slope 
occurs  when  VAc  equals  zero,  CI  can  be  solved 
for: 

3.  L.  N 

C'  ~      RRVS  *  VOUT '  RS 

where  N  is  the  current  transformer  (CT)  turns  ratio, 
(Ns  /  Np)  and  R$  is  the  current  sense  resistor. 

The  current  synthesizer  has  approximately  20mV  of 
offset.  This  offset  can  cause  distortion  at  the  zero 
crossing  of  the  line  current.  To  null  out  this  offset,  a 
resistor  can  be  connected  between  VREF  and  the 
IMO  pin.  The  resistor  value  is  calculated  based  on 
Rimo  and  the  offset  at  the  output  of  the  synthesiz- 
er. For  a  20mV  offset  and  Rimo  =  3-3k  a  resistor 
from  VREF  to  IMO  of  1 .2MQ  will  cancel  the  offset. 


Current  Sensing 

Current  Transformer 


As  was  seen  in  the  previous  section,  synthesizing 
inductor  current  with  the  UC3855A/B  is  quite  sim- 
ple. Only  switch  current  needs  to  be  sensed  direct- 
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Figure  7.  Current  Transformer  Sensing. 


ly,  and  this  is  most  efficiently  done  with  a  current 
sense  transformer.  Resistive  sensing  at  this  power 
level  would  result  in  excessive  power  dissipation. 

Several  issues  should  be  kept  in  mind  when  imple- 
menting the  current  transformer.  At  frequencies  of  a 
couple  hundred  kilohertz,  core  reset  needs  to  be 
addressed.  Contributing  to  the  difficulty  is  the  very 
high  duty  cycles  inherent  in  a  power  factor  correc- 
tion circuit.  In  addition,  the  ZVT  circuit  can  compli- 
cate the  sensing/reset  function.  When  the  ZVT  cir- 
cuit turns  on,  it  draws  current  from  the  line.  In  order 
to  minimize  line  current  distortion,  this  current 
should  be  measured.  Placing  the  resonant  inductor 
after  the  current  transformer  will  ensure  that  the  ZVT 
circuit  current  is  measured.  Similarly,  when  the 
main  switch  turns  off,  current  will  continue  to  flow 
into  the  resonant  capacitor.  While  it  is  important  to 
measure  this  current,  if  the  capacitor  is  connected  to 
the  drain  of  the  MOSFET,  below  the  current  trans- 
former, this  current  will  "eat"  into  the  minimal  reset 
time  available  at  line  zero  crossings,  where  duty 
cycles  are  approaching  100%.  This  configuration  is 
shown  in  Figure  7a.  If  the  current  transformer  does 
not  have  enough  time  to  reset,  it  can  begin  to  satu- 
rate and  lose  accuracy,  even  if  complete  saturation 
is  avoided,  causing  distortion  at  the  zero  crossings. 
A  better  configuration  is  shown  in  Figure  7b.  In  this 
circuit,  the  capacitor  current  will  be  measured  when 
it  discharges  during  the  ZVT  circuit  on  time.  Since 
this  occurs  at  the  beginning  of  the  switching  cycle, 
the  current  transformer  doesn't  lose  any  of  its  reset 
time.  Connecting  Cr  above  the  current  transformer 
will  not  adversely  affect  the  MOSFET  dv/dt  control. 
Since  the  IC  is  controlling  average  current,  it  doesn't 
matter  whether  the  capacitor  current  is  measured  at 
the  beginning  or  end  of  the  switching  cycle. 

Figure  7  also  shows  that  filtering  is  added  to  the 
transformer  secondary  in  order  to  reduce  noise  fil- 
tering. The  bandwidth  of  this  filter  should  be  low 
enough  to  reduce  switching  noise  without  degrad- 
ing the  switch  current  waveform. 

In  addition  to  position  and  reset  considerations,  actu- 
al current  transformer  construction  must  be  consid- 
ered. Using  current  transformers  that  have  been 
designed  and  manufactured  for  operation  at  20kHz 
will  not  give  good  performance  at  switching  frequen- 
cies of  100kHz  and  greater.  Low  frequency  designs 
generally  have  too  much  leakage  inductance  to  be 
used  for  high  frequency  operation  and  can  cause 
inaccurate  sensing  and/or  noise  problems. 

Resistive  Sensing 

Resistive  sensing  is  still  possible  with  the 
UC3855A/B.  Since  both  inputs  to  the  current  error 
amplifier  are  available  to  the  user,  resistive  sensing 
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Figure  8.  Resistive  Sensing 

is  easy  to  implement.  Figure  8  shows  the  typical 
configuration.  The  common  mode  range  of  the  cur- 
rent error  amplifier  is  -0.3V  to  5.0V.  The  Rimo 
value  will  remain  the  same  as  was  calculated  above 
if  the  maximum  signal  level  remains  at  1 V.  This  will 
also  allow  the  resistively  sensed  signal  to  be  fed 
into  ION  and  used  for  peak  current  limiting.  It  is  rec- 
ommended that  the  RVS  resistor  still  be  connected 
and  a  resistor  connected  from  CS  to  ground  in 
order  to  eliminate  the  possibility  of  noise  being 
injected  into  these  high  impedance  nodes. 

Current  Error  Amplifier 

The  current  error  amplifier  ensures  that  the  input 
current  drawn  from  the  line  follows  the  sinusoidal 
reference.  The  positive  input  to  the  amplifier  is  the 
multiplier  output.  The  negative  input  is  connected 
to  the  output  of  the  current  synthesizer  (CS) 
through  a  resistor  (usually  the  same  value  as 
RiMo)-  Tne  output  of  the  current  error  amplifier  is 
compared  to  the  sawtooth  waveform  at  the  PWM 
comparator  and  terminates  the  duty  cycle  accord- 
ingly. At  zero  crossings  of  the  line,  the  duty  cycle 
will  be  at  its  maximum.  Since  the  duty  cycle  is 
approaching  100%,  proper  reset  of  the  current 
transformer  will  become  increasingly  difficult. 
Standard  PWM  controllers  terminate  the  duty  cycle 
during  the  oscillator  discharge  time,  however,  due 
to  the  ZVT  operation,  the  UC3855A/B  is  capable  of 
achieving  100%  on-time.  If  the  duty  cycle  is 
allowed  to  approach  100%,  the  current  transformer 
will  begin  to  saturate  and  cause  the  current  error 
amplifier  to  "believe"  that  less  current  is  being 
drawn  from  the  line  than  is  being  commanded.  This 
will  cause  the  current  amplifier  to  overcompensate, 
causing  line  current  distortion  at  the  zero  crossings. 
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b.  Clamp  circuit  with  input  voltage  compensation 


Figure  9.  Clamp  Circuit 

In  addition,  if  the  current  transformer  saturates,  the 
current  limiting  function  will  be  lost.  For  these  rea- 
sons it  is  recommended  that  the  output  of  the  cur- 
rent amplifier  be  clamped  externally,  to  limit  the 
maximum  duty  cycle.  Figure  9  shows  a  typical 
clamp  circuit. 

The  clamp  circuit  in  Figure  9a  will  perform  quite  well 
(see  Table  1),  however  if  better  performance  is 
required,  or  if  it's  required  to  operate  over  a  wide 
line  range,  the  circuit  in  Figure  9b  can  be  used.  This 
circuit  adjusts  the  clamp  voltage  to  be  inversely 
proportional  to  line  voltage. 

The  procedure  for  setting  the  clamp  voltage  is  quite 
easy.  If  during  initial  startup  the  current  amplifier 
clamp  is  set  to  a  relatively  low  value  (=  4V)  the  sys- 
tem will  operate  but  with  excessive  zero  crossing 
distortion.  Once  the  system  is  operating,  the  clamp 
voltage  can  be  increased  until  the  current  trans- 
former is  not  saturating,  and  line  current  has  an 
acceptable  level  of  THD.  Once  the  clamp  voltage  is 
set,  operation  with  other  ICs  will  be  repeatable.  In 
the  experimental  breadboard  built  for  universal  line 
operation  and  500W  output,  the  single  stage  clamp 
was  set  to  5.6V  (at  low  line  and  maximum  load)  and 
an  acceptable  level  (<  10%)  of  THD  was  measured 
over  all  line  and  load  conditions.   The  clamp  volt- 
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age  is  being  set  below  the  peak  of  the  PWM  com- 
parator ramp  (nominally  6.5V)  to  limit  Dmax- 
Setting  the  clamp  voltage  too  low  will  cause  excess 
zero  crossing  distortion  due  to  the  amplifier  not 
being  able  to  command  enough  line  current. 

Figures  10a  and  10b  show  the  current  amplifier 
operation  with  and  without  the  clamp,  while  Figure 
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10c  shows  the  effect  of  clamping  the  amplifier  out- 
put voltage  too  low  (top  waveform  is  line  current, 
bottom  is  Vqao)-  Setting  the  clamp  too  high  will 
have  the  same  effect  as  having  no  clamp. 

The  procedure  for  setting  the  two  stage  clamp  cir- 
cuit is  the  same  except  that  the  voltage  contribution 
from  the  line  must  be  factored  in.  The  line  voltage 
will  only  have  to  contribute  100mV  to  200mV  of 
clamp  voltage  for  line  compensation. 

At  very  light  or  no  load  conditions,  the  average  cur- 
rent drawn  from  the  line  is  lower  than  can  normally 
be  commanded  by  the  current  error  amplifier.  To 
prevent  an  overvoltage  condition  from  occurring, 
the  IC  goes  into  a  pulse  skipping  mode  if  the  output 
voltage  of  the  error  amplifier  goes  below  »  1V. 
Pulse  skipping  can  also  occur  at  high  line  and  low 
load  conditions.  When  Cao  goes  below  1V,  the 
pulse  skipping  comparator  is  activated.  The  output 
of  the  comparator  goes  to  an  input  of  an  OR  gate  in 
the  OVP/ENABLE  circuit,  causing  the  output  of  that 
OR  gate  to  go  high.  This  signal  prevents  the  ZVT 
and  main  gate  drives  from  going  high. 

The  procedure  for  compensating  the  current  error 
amplifier  will  be  covered  in  the  Design  Procedure 
section  (IV). 

Voltage  Error  Amplifier 

The  output  voltage  is  sensed  by  the  VSENSE  input 
to  the  voltage  error  amplifier  and  compared  to  an 
internally  generated  reference  of  3V.  The  output  of 
the  amplifier,  V^a.  (at  a  given  input  voltage)  will 
vary  proportionally  with  output  power.  The  output 
voltage  range  for  the  voltage  error  amplifier  is 
approximately  0.1V  to  6V.  The  output  of  the  ampli- 
fier is  one  of  the  multiplier  inputs,  and  an  input  volt- 
age below  1 .5V  will  inhibit  the  multiplier  output.  The 
design  procedure  for  compensating  the  voltage 
loop  will  be  outlined  in  the  Design  Procedure  sec- 
tion. 

Protection  Circuitry 

OVP/ENABLE 

The  UC3855A/B  combines  the  enable  and  OVP 
function  into  one  pin.  It  requires  a  minimum  of  1 .8V 
to  enable  the  IC,  and  below  this  voltage,  the  refer- 
ence is  held  low  and  the  oscillator  is  disabled.  A 
voltage  above  7.5V  will  interrupt  the  gate  drive.  The 
resistor  divider  should  be  sized  for  7.5V  when  an 
over  voltage  condition  is  reached,  this  will  allow 
startup  at  a  reasonable  line  voltage.  For  example, 
if  an  overvoltage  condition  is  defined  as  an  output 
voltage  exceeding  450V,  then  the  voltage  divider 
from  Vqut  t0  tne  ovp  Pin  is  60:1  •  This  divider  will 
allow  startup  at  a  line  voltage  of  76VRMS  (1 08Vp«). 
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Current  Limit 

The  UC3855A/B  has  pulse  by  pulse  current  limit- 
ing. The  multiplier  power  limit  determines  the  max- 
imum average  power  drawn  from  the  line.  However, 
during  transients  or  overload  conditions,  a  peak 
current  limiting  function  is  necessary.  This  function 
is  implemented  by  sensing  the  switch  current  and 
feeding  this  value  into  ION,  to  a  current  limiting 
comparator  that  terminates  the  gate  drive  signal  if 
the  switch  current  signal  exceeds  1.5V  (nominal). 

Soft  Start 

In  order  to  ensure  a  smooth,  controlled  startup,  the 
UC3855A/B  provides  a  soft-start  (SS)  function.  The 
SS  pin  sources  1.5nA  into  an  external  capacitor. 
This  capacitor  limits  the  supply  voltage  to  the  voltage 
loop  error  amplifier,  which  effectively  limits  the  output 
voltage  of  the  amplifier  and  therefore  the  maximum 
commanded  output  voltage.  This  allows  the  output 
voltage  to  ramp  up  in  a  controlled  fashion. 

Undervoltage  Lockout 

The  UC3855A  has  a  15.5V  (nominal)  turn-on 
threshold  with  6V  of  hysteresis  while  the  UC3855B 
turns  on  at  10.5V  with  0.5V  of  hysteresis. 

TYPICAL  APPLICATION 

A  typical  application  will  be  designed  in  order  to 
illustrate  the  design  procedure  and  highlight  the 
design  parameters  that  need  to  be  defined.  The 
design  specifications  are: 

•  V|N  =  85  -  270  VAC 

•  Vo  =  410VDC 

•  Pomax  =  500W 

•  Fs  =  250kHz 

•  Eff>95% 

•  Pf>  0.993 

•  THD<12% 

The  above  specifications  represent  a  common  uni- 
versal input  voltage,  medium  power  application. 
The  switching  frequency  of  250kHz  is  now  possible 
due  to  the  soft  switching,  zero  voltage  transitions. 
The  Pf  and  THD  numbers  correspond  to  achievable 
line  correction  with  the  UC3855. 

Design  Procedure 

This  design  procedure  is  a  summary  of  what  was 
presented  in  [8].  However,  several  values  have 
been  changed  in  order  to  consolidate  component 
values  and/or  specify  more  readily  available  parts. 


1.  Power  Stage  Design 

Inductor  Design 

The  power  stage  inductor  design  in  a  ZVT  convert- 
er is  identical  to  the  conventional  boost  converter. 
The  inductance  required  is  determined  by  the 
amount  of  switching  ripple  desired,  and  allowing 
more  ripple  will  reduce  the  inductor  value.  The 
worst  case  for  peak  current  occurs  at  low  line,  max- 
imum load.  Peak  power  is  equal  to  twice  the 

average  power  and  VPK  isV^VRMS.  To  calculate 
input  current,  assume  an  efficiency  of  95%. 


!pK  = 


2  "Pin 


vINn 


r  /  500  \ 
V2-(a95) 


85 


=  8.7A  (60Hz  component) 

A  good  compromise  between  current  ripple  and 
peak  current  is  to  allow  a  20%  ripple  to  average 
ratio.  This  will  also  keep  the  peak  switch  current 
less  than  10A. 

Al|_  =  0.2  •  (8.7A)  =  1 .7App 

Rearranging  the  conversion  ratio  for  the  boost  con- 
verter to  solve  for  D  yields  :  _ 

1      Vo-VlN  _410-V2.85 

D-      V0  " 


410 


=  0.71 


We  can  now  calculate  the  required  inductance. 

V|N.D.TS  85V.  (0.71.  4ns) 


Al 


1.7A 


=  200(iH 


Output  Capacitor  Selection 
The  value  of  output  capacitor  effects  both  hold-up 
time  and  output  voltage  ripple.  If  hold  up  time  Oh) 
is  the  main  criteria,  the  following  equation  will  give 
a  value  for  Co: 

2.  Pp.tH 

°"  V02-V2M,N 

In  this  example  a  compromise  between  holdup  time 
and  capacitor  size  was  made  and  a  capacitor  value 
of  440nF  was  selected.  The  capacitor  bank  con- 
sists of  two  220(iF,  450V  DC  capacitors  in  parallel. 

Power  MOSFET  &  Diode  Selection 

The  main  MOSFET  selected  is  an  Advanced  Power 

Technology's  APT5020BN  (or  equivalent).  This  is  a 
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500V,  23A  device,  with  RDs(on)  =  0.20Q.  (25°C) 
and  Cqss  ~  500pF  in  a  TO-247  package.  A  5.1  Q 
resistor  is  placed  in  series  with  the  gate  to  damp 
any  parasitic  oscillations  at  turn-on  with  a  Schottky 
diode  and  2.7n  resistor  in  parallel  with  the  resistor 
to  speed  up  turn-off.  A  Schottky  is  also  placed  from 
GTOUT  to  ground  to  prevent  the  pin  from  being  dri- 
ven below  ground,  and  should  be  placed  as  close 
to  the  IC  as  possible. 

The  boost  diode  selected  is  the  International 
Rectifier  HFA15TB60,  a  15A,  600V  ultrafast  diode 
(or  equivalent).  Recall  that  a  converter  employing 
ZVT  benefits  from  soft  switching  of  the  diode.  With 
ZVT,  the  boost  diode  has  a  negligible  impact  on 
switching  losses,  and  therefore  a  slower  diode 
could  potentially  be  used.  However,  there  are  still 
valid  reasons  for  using  an  ultra  fast  diode  in  this 
application. 

The  ZVT  inductor  is  sized  according  to  the  recovery 
time  of  the  diode,  and  a  slower  diode  will  require  a 
larger  inductor.  This  will  require  a  correspondingly 
longer  Qzvt  on-time,  which  increases  conduction 
loss.  A  larger  inductor  will  also  require  a  longer 
time  to  discharge.  To  ensure  complete  discharge  of 
the  resonant  inductor,  the  main  switch  minimum  on- 
time  should  be  approximately  equal  to  the  ZVT 
circuit  on-time.  This  yields: 


DMIN  : 


toi  +  *12  +  V 


DM|N  effects  the  minimum  allowable  output  voltage 
for  the  boost  converter  to  continue  operating.  The 
ZVT  circuit  on-time  is  a  strong  function  of  trr,  and 
therefore  choosing  an  ultra  fast  diode  will  keep  the 
resonant  circuit  losses  to  a  minimum  and  cause  the 
least  impact  on  the  output  voltage.  The  effective 
system  duty  cycle  is  primarily  a  function  of  the  main 
switch  on-time,  since  for  a  large  portion  of  the  reso- 
nant circuit's  on-time,  the  voltage  at  the  anode  of  the 
boost  diode  is  held  up  by  the  resonant  capacitor. 

These  considerations  suggest  a  diode  with  a  recov- 
ery time  less  than  75ns.  Average  output  current  in 
this  design  is  less  than  1.2A  with  a  peak  current  of 
9.2A.  The  conduction  loss  associated  with  the 
diode  is  approximately  2.2W. 

While  an  ultra  fast  diode  is  being  used,  the  diode  is 
operating  with  significantly  reduced  switching  loss- 
es. This  will  increase  the  overall  system  efficiency 
and  reduce  the  peak  stress  of  the  diode. 

2.  ZVT  Circuit  Design 

Resonant  Inductor 

The  ZVT  circuit  design  is  straightforward.  The  cir- 
cuit is  performing  an  active  snubber  function  and, 


as  such,  the  inductor  is  designed  to  provide  soft 
turn  off  of  the  diode.  The  ZVT  capacitor  is  selected 
to  provide  soft  switching  of  the  MOSFET. 

The  resonant  inductor  controls  the  di/dt  of  the  diode 
by  providing  an  alternate  current  path  for  the  boost 
inductor  current.  When  the  ZVT  switch  turns  on, 
the  input  current  is  diverted  from  the  boost  diode  to 
the  ZVT  inductor.  The  inductor  value  can  be  calcu- 
lated by  determining  how  fast  the  diode  can  be 
turned  off.  The  diode's  turn-off  time  is  given  by  its 
reverse  recovery  time.  Calculating  an  exact  value 
for  Lr  is  difficult  due  to  the  variation  in  reverse 
recovery  characteristics  within  the  actual  circuit  as 
well  as  variations  in  how  reverse  recovery  is  speci- 
fied from  manufacturer  to  manufacturer.  An  exam- 
ple of  circuit  conditions  effecting  the  reverse  recov- 
ery is  the  natural  snubbing  action  of  the  resonant 
capacitor,  which  limits  the  dv/dt  at  the  anode  of  the 
diode.  A  good  initial  estimate  is  to  allow  the  induc- 
tor current  to  ramp  up  to  the  diode  current  within 
three  times  the  diode's  specified  reverse  recovery 
time.  One  constraint  on  the  maximum  inductance 
value  is  its  affect  on  the  minimum  duty  cycle.  As 
was  shown  in  the  diode  selection  section,  the  L-C 
time  constant  effects  D^in  and  therefore  Vomin- 
Making  Lr  too  large  will  also  increase  the  conduc- 
tion time  of  the  ZVT  MOSFET,  increasing  the  reso- 
nant circuit  conduction  losses.  As  the  value  of  Lr  is 
reduced,  the  diode  will  experience  more  reverse 
recovery  current,  and  the  peak  current  through  the 
inductor  and  ZVT  MOSFET  will  increase.  As  the 
peak  current  is  increased,  the  amount  of  energy 
stored  in  the  inductor  will  also  increase 
(E  =  1/2  •  L  •  I2).  This  energy  should  be  kept  to  a 
minimum  in  order  to  reduce  the  amount  of  parasitic 
ringing  in  this  node  at  turn-off. 

The  reverse  recovery  of  the  diode  is  partially  a 
function  of  its  turn-off  di/dt.  If  a  controlled  di/dt  is 
assumed,  the  reverse  recovery  time  of  this  diode 
can  be  estimated  to  be  approximately  60ns.  If  the 
inductor  limits  the  rise  time  to  180ns  (3  •  trr),  the 
inductance  can  be  calculated. 


dt 


'INp 


3.  trr 


=  53A/|js 


■iNp  =  !pk+  —  A| 
2 


r     ,j:  / 


dt 


410V 
53A/ns 


;  7.7nH 


The  inductor  design  is  limited  by  core  loss  and 
resultant  temperature  rise,  not  saturating  flux  den- 
sity. This  is  due  to  the  high  AC  current  component 
and  the  relatively  high  operating  frequency.  A  good 
design  procedure  is  outlined  in  [10]  and  is  beyond 
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the  scope  of  this  review.  Several  points  will  be  men- 
tioned however.  The  core  material  should  be  a  good 
high  frequency,  low  loss  material  such  as  gapped 
ferrite  or  molypermalloy  powder  (MPP).  Powder 
iron  cores  will  generally  not  be  acceptable  in  this 
application.  The  less  expensive  Magnetics  Kool  Mu 
material,  although  exhibiting  higher  losses  than  the 
MPP  material,  can  also  be  used.  The  higher  loss 
material  will  actually  tend  to  damp  the  resonant 
ringing  at  the  turn  off  of  the  ZVT  switch.  The  induc- 
tor winding  construction  is  also  optimized  by  keep- 
ing interwinding  capacitance  to  a  minimum.  This 
reduces  the  node  capacitance  at  turn  off  and 
reduces  the  amount  of  damping  required. 

The  inductor  current  can  by  found  by  analyzing  the 
resonant  circuit  formed  by  Lr  and  Cr  and  recogniz- 
ing that  the  resonant  cycle  begins  when  the  current 
reaches  I|n. 

Vn 

l|_r  =  l|N  +  ~%-  '-'*  sintot 

where  Zn=  J  ,<a=  /  1 

The  peak  current  then  is  equal  to  I|n  plus  the  out- 
put voltage  divided  by  the  resonant  circuit's  charac- 
teristic impedance.  Decreasing  Lr  or  increasing  Cr 
will  increase  the  peak  current.  The  inductor  was 
designed  using  a  Magnetics,  Inc.  MPP  core  55209 
with  33  turns  for  an  inductance  of  8|iH.  The  induc- 
tor should  be  constructed  with  Litz  wire  or  several 
strands  of  small  magnet  wire  to  minimize  high  fre- 
quency effects. 

Resonant  Capacitor 

The  resonant  capacitor  is  sized  to  ensure  a  con- 
trolled dv/dt  of  the  main  switch.  The  effective  reso- 
nant capacitor  is  the  sum  of  the  MOSFET  capaci- 
tance and  the  external  node  capacitance.  The 
APT5020BN  has  approximately  500pF  of  output 
capacitance,  and  an  external  capacitance  of  500pF 
was  added  across  the  device.  This  capacitor  limits 
the  dv/dt  at  turn-off  and  consequently  reduces  the 
Miller  effect.  In  addition,  it  reduces  turn-off  losses 
since  the  switch  current  is  diverted  to  the  capacitor. 
The  capacitor  must  be  a  good  high  frequency 
capacitor,  and  low  ESR  and  ESL  are  required.  It 
must  also  be  capable  of  handling  the  relatively 
large  charging  current  at  turn-off.  Two  good  choic- 
es are  polypropolene  film  or  a  ceramic  material. 

This  combination  of  L  and  C  yields  a  resonant 
quarter  cycle  of: 

-|-  ^  Lr  •  Cr  =  140ns 


The  resonant  circuit's  impact  on  the  output  voltage 
can  now  be  calculated.  Recall  that  to  ensure  dis- 
charge of  the  resonant  inductor  at  high  line: 

□MIN=  Joi±M±irr_  (1) 
and  for  a  boost  converter: 

Substituting  (1)  into  (2)  and  solving  for  V0 
produces: 

(Lr  •  'iNp  +  VlNp  '  T 

(T_trr_^_.^7c}  <3> 

Equation  (3)  can  be  solved  using  the  previously 
established  values  and  yields  a  minimum  output 
voltage  of  405V.  This  suggests  a  design  value  of 
410V  for  V0. 

ZVT  Switch  and  Rectifier  Selection 

The  ZVT  switch  also  experiences  minimal  turn-on 
loss  due  to  the  discharge  of  its  drain-to-source 
capacitance.  However,  it  doesn't  experience  high 
current  and  voltage  overlap  since  the  turn-on  cur- 
rent is  limited  by  the  resonant  inductor.  The  switch 
does  experience  turn-off  and  conduction  losses 
however.  Although  the  peak  switch  current  is  actu- 
ally higher  than  the  main  switch  current,  the  duty 
cycle  is  small,  keeping  conduction  losses  low.  The 
ZVT  switch  will  be  one  or  two  die  sizes  smaller  than 
the  main  switch  due  to  the  low  average  drain 
current.  The  ZVT  switch  on-time  is  : 

tzvj=J]N^LL  +  I 

The  peak  ZVT  switch  current  is  equal  to  the  peak 
ZVT  inductor  current.  A  conservative  approximation 
of  the  switch  RMS  current  is  made  by  assuming  a 
square  wave  signal.  The  RMS  of  the  current  is 
approximated  by: 

lRMS-lLrpk-N& 

This  corresponds  to  a  peak  of  approximately  14A  at 
maximum  load  and  maximum  ZVT  on-time,  howev- 
er, the  RMS  is  only  3.9A.  An  appropriate  device  in 
this  application  is  the  Motorola  MTP8N50E,  a  500V, 
8A  device  with  an  Rds(ON)  °f  0.8fi.  As  with  the 
main  MOSFET,  a  5.1H  resistor  is  placed  in  series 
with  the  gate  to  damp  any  parasitic  oscillations  at 
turn  on  and  a  Schottky  diode  and  resistor  is  placed 
in  parallel  with  the  resistor  to  speed  up  turn-off.  A 
Schottky  is  also  placed  from  ZVTOUT  to  ground  to 
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prevent  the  pin  from  being  driven  below  ground. 
This  diode  should  be  placed  as  close  to  the  IC  as 
possible. 

The  rectifiers  needed  for  the  ZVT  circuit  also  experi- 
ence relatively  low  RMS  current.  Diode  D2  returns 
the  energy  stored  in  the  resonant  inductor  during 
tzvT  t°  the  load.  D2  should  be  an  ultra-fast  recovery 
diode  and  is  usually  chosen  to  be  of  similar  speed  as 
D1.  The  diode  selected  for  D2  is  a  Motorola 
MURH860;  a  600V  device  with  a  trr »  35ns. 

Diode  D3  blocks  current  from  flowing  up  through 
the  Qzvt  body  diode  when  the  inductor  resets,  it 
sees  the  same  peak  and  RMS  current  as  Qzvt-  03 
should  be  a  fast  recovery  diode  to  decouple  the 
drain  to  source  capacitance  of  Qzvt  from  the  res- 
onant inductor.  Energy  stored  in  the  D3  anode  node 
capacitance  will  resonate  with  the  ZVT  inductor 
when  the  ZVT  switch  turns  off.  Minimizing  this  effect 
will  reduce  the  amount  of  snubbing  required  at  this 
node. The  diode  chosen  here  was  the  MUR460.This 
is  a  600V,  4  amp  device  with  trr  =  75ns. 

To  summarize,  both  diodes  in  the  ZVT  circuit  expe- 
rience low  RMS  current.  The  main  selection  crite- 
ria in  addition  to  the  blocking  voltage  (in  both  cases 
equal  to  Vq)  is  reverse  recovery  time.  Choosing 
devices  with  fast  recovery  times  will  reduce  para- 
sitic oscillations,  losses,  and  EMI. 

ZVT  Snubber  Circuit 

The  ZVT  circuit  requires  some  method  for  damping 
the  parasitic  oscillations  that  occur  after  the  ZVT 
inductor  current  goes  to  zero.  Figure  10a  shows 
the  ZVT  inductor  current  and  diode  D2  anode  volt- 
age without  adequate  damping.  The  figure  shows 
that  as  the  inductor  current  begins  to  discharge 
(when  Qzvt  turns  off)  to  the  output,  the  anode  volt- 


age is  at  Vqut  (since  D2  is  conducting).  As  the 
inductor  current  passes  through  zero,  the  voltage 
rings  negative  since  the  opposite  end  of  the  induc- 
tor is  clamped  to  0V  through  the  main  switch  body 
diode.  The  anode  voltage  can  easily  ring  negative- 
ly to  twice  the  output  voltage.  This  increases  the 
reverse  voltage  stress  on  the  diode  to  three  times 
the  output  voltage!  Keeping  the  energy  in  the  node 
capacitance  to  a  minimum  and  using  fast  recovery 
diodes  will  reduce  the  ringing  and  improve  the  cir- 
cuit performance. 

Several  methods  of  damping  this  oscillation  have 
been  proposed  [4,7].  In  this  circuit  two  methods, 
the  saturable  reactor  and  resistive  damping  were 
investigated.  A  51  Cl,  10W  noninductive  resistor 
was  connected  through  a  diode  from  ground  to  the 
anode  of  D2.  The  saturable  reactor  was  placed  in 
series  with  the  resonant  inductor  and  implemented 
with  8  turns  on  a  Toshiba  saturable  core  SA  14  x  8 
x  4.5.  The  resistive  damping  method  prevents  the 
node  from  oscillating.  However,  it  does  not  prevent 
current  from  flowing  in  D2  while  D1  is  conducting 
(due  to  the  dv/dt  across  Lr  when  Qmain  turns  off). 
If  current  flows  through  D2  during  this  time  it  will 
experience  reverse  recovery  current  when  Qzvt 
turns  on.  The  saturable  reactor  prevents  this  cur- 
rent flow  due  to  its  high  impedance.  I_s  also  decou- 
ples Lr  from  the  node  capacitance,  which  prevents 
the  node  from  oscillating. 

The  saturable  reactor  works  well  without  the  resis- 
tive damping  and  was  the  method  chosen  in  this 
design.  With  the  saturable  reactor  damping  the  cir- 
cuit properly,  the  resistive  damping  can  be  eliminat- 
ed. However,  since  Ls  is  designed  to  saturate  each 
switching  cycle,  the  core  loss  is  largely  material 
dependent  and  can  cause  significant  temperature 
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rise  of  the  core.  In  this  circuit,  heatsinking  of  the 
core  was  required.  An  alternative  design  was  also 
tried  using  the  larger  MS  18  x  12  x  4.5  which  ran 
cooler  although  it  also  required  heatsinking. 
Optimization  of  this  circuit  can  significantly  reduce 
the  losses  in  the  ZVT  circuit.  In  this  design,  damp- 
ing network  losses  were  approximately  2W.  Figure 
10b  shows  the  same  circuit  condition  with  the  node 
damped  with  Ls- 

ZVS  Circuit 

The  ZVS  circuit  components  are  chosen  next.  In 
this  example,  a  1kfi  resistor  is  used  to  pull  up  the 
ZVS  pin.  The  capacitor  chosen  is  500pF.  This  com- 
bination will  require  approximately  200ns  to  charge 
up  to  the  2.5V  threshold. 

1-Vthreshold  \ 
Vref  ' 


t  =  -R  .  c  .  In  I 


3.  Oscillator  Frequency 

Calculate  CT: 

The  switching  frequency  selected  is  250kHz. 

CT  =    11200  .1250kHz    =  357pF'  USe  330pF 

4.  Multiplier/Divider  Circuit 

Calculate  the  VRMS  resistor  divider: 
Set  VRMS  =  1 .5V  at  low  line  (85VRMS) 
85VRMS  •  0.9 


divider  = 


1.5  V, 


DC 


51:1 


The  voltage  divider  can  be  solved  if  one  of  the 
resistors  is  defined  (since  there  are  two  equations 
and  three  unknowns).  Letting  the  lower  resistor  in 
the  divider  =  18kH: 

RTOTAL  =  18kO  .  51  =  918kn 

Letting  R10  =  120kf2,  gives: 

R9  =  918kH-  120kf2  -  18kn  =  780kfi 

R9  is  split  into  two  resistors  (each  390kn)  to  reduce 
their  voltage  stress. 

Calculate  the  capacitor  values  to  place  the  filter 
poles  at  1 8Hz: 


C5: 


1 


1 


2jt.fp.R11  27t.18Hz.18kn 

■■  0.49uF,  use  0.47^ 


C4  = 


2tc.  fP.  Req   ~    2tc  18Hz.  117kn 
=  75nF,  use  0.082nF 
where  Req  =  R9II(R10  +  R1 1)  =  117kn 


In  order  to  consolidate  capacitor  values  C4  could 
be  chosen  to  be  0.1  ^F  without  degrading  the  sys- 
tem performance. 

Calculate  the  IAC  resistor: 
Set  l|AC  =  500nA  at  high  line. 
Vi".  270V 
R  -  500nA 


=  764kfi 


Use  2,  390kn  resistors  in  series  to  reduce  voltage 
stress. 

Calculate  R/mo: 

At  low  line  Iiac  =  156^A  and  the  output  of  the  multi- 
plier should  equal  1V.  With  low  line  and  maximum 
load,  VEa  will  be  at  its  maximum  of  6V,  therefore, 
using  the  multiplier  output  equation: 

1V  Iiac.(Vea-1-5) 


Rimo 


^IMO 


VVRMS2 


1.5' 


156HA.  (6-1.5) 


=  3.2kfi,  use  3.3kfi 


A  1000pF  capacitor  is  placed  in  parallel  with  R\mo 
for  noise  filtering.  Since  the  voltage  across  Rimo 's 
the  output  of  the  multiplier  and  is  the  reference  for 
the  current  error  amplifier,  the  RC  pole  frequency 
should  be  placed  well  above  the  120Hz  multiplier 
signal. 

5.  Current  Synthesizer 

First,  chose  a  turns  ratio  for  the  current  transformer. 
The  current  transformer  is  designed  to  produce  1V 
at  peak  input  current.  This  allows  sufficient  margin 
before  the  current  limit  trip  point  (1.4V)  is  reached. 
If  lpi<  =  9.5A  a  turns  ratio  of  50  : 1  would  be  appro- 
priate. This  turns  ratio  will  keep  the  sense  network 
losses  less  than  150mW  and  allow  the  use  of  a  1/4 
watt  resistor.  Solving  for  the  sense  resistor  yields: 


Rs  = 


1V 
N 


1V 
05 
50 


>5.m 


Recall  from  the  previous  current  synthesizer  sec- 
tion that  Rvs  =  22kQ.   The  current  synthesizer 
capacitor  can  now  be  calculated: 
3.  L.  N 


Ch 


Rvs  •  Vout  *  ^s 

3  .  200nH  .  50 
22kn.  410V.  5.1Q 


=  633pR  use  680pF 


6.  Control  Loop  Design 

Small  Signal  Model 

The  small  signal  model  of  the  ZVT  PFC  boost  con- 
verter is  similar  to  the  standard  PFC  boost  convert- 
er model.  The  two  converters  operate  exactly  the 
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a.  Current  Loop  Error  Amplifier 
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b.  Current  Amplifier  Gain  Plot 
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Figure  12.  Current  Error  Amplifier  Schematic 


same  throughout  most  of  the  switching  cycle  and 
only  during  the  switching  transitions  is  there  any  dif- 
ference. This  allows  the  design  of  the  control  loops 
to  proceed  following  the  standard  techniques  out- 
lined in  [9]. 

Current  Loop  Design 

Excellent  references  on  the  current  loop  design  are 
found  in  [5,9,1 1].  The  design  of  the  average  current 
mode  control  loop  begins  with  choosing  a  cross- 
over frequency.  In  this  example  the  switching  fre- 
quency is  250kHz,  so  the  unity  gain  cross  over  fre- 
quency could  be  chosen  to  be  as  high  as  40kHz 
(1/6  of  the  switching  frequency).  In  this  circuit  how- 
ever, the  cross  over  is  chosen  to  be  10kHz.  Since 
the  main  job  of  the  current  loop  is  to  track  the  line 
current,  a  10kHz  bandwidth  is  quite  adequate  for 
this  application. 

Once  the  cross  over  frequency  (fc)  is  known,  the 
next  thing  to  do  is  calculate  the  gain  of  the  power 
stage.  The  small  signal  model  of  the  power  stage 


including  the  current  sense  network  is  given  below. 
This  model  does  not  include  the  sampling  effect  at 
one  half  the  switching  frequency  [12]  but  is  a  good 
approximation  at  the  frequencies  of  interest. 

vO  •  RSENSE 


Gid  (s)  = 


s  •  L  •  VSE 


The  UC3855A/B  has  an  oscillator  ramp  of  5.2Vpp 
(Vse).  The  Rsense  term,  is  the  attenuation  from 
actual  input  current  to  sensed  current  (i.e.  it 
includes  the  current  transformer  turns  ratio).  Using 
the  previously  determined  component  values  and 
solving  for  the  power  stage  gain  at  fc  yields  a  gain 
of  0.63  at  10kHz.  In  order  to  have  a  gain  of  1  at  fc, 
the  error  amplifier  must  have  a  gain  of  1/0.63  at 
10kHz.  The  error  amplifier  is  shown  in  Figure  12a 
with  the  frequency  response  in  Figure  12b.  The 
resistor  Ri  is  equal  to  3.3kfi  so  the  feedback  resis- 
tor is  chosen  to  be  5.6kn.  A  zero  is  placed  at  the 
cross  over  frequency  to  give  a  phase  margin  of  45 
degrees.  To  reduce  switching  noise  a  pole  is  placed 
at  one-half  the  switching  frequency.  The  following 
summarizes  the  design  procedure. 

410V.  0.10 

1-  IG^S"=   2.7c.10kHz.  200uH.5.2  =063 

2-  GEA=IGifisI=1-58-Av=  ?| 


.-.R,= 


Ri 


IGid(s)l 


=  5.6kn 


fz    fc  2.7r.Rf.Cz 


CZ  = 


2.  7t.  10kHz.  5.6kn 


4    f  =  !  

p     2.  jt.Rf  /  C,  •  C, 


■ 2200pF 
1 


Cp  = 


/  W^p  \     2  •  jr  •  Rf  •  Cp 

V  cz  +  cp  ) 

-  220pF 


2.  jt.5.6kn.  125kHz 


Voltage  Loop  Design 

The  design  of  the  voltage  loop  follows  the  proce- 
dure given  in  [5].  The  first  step  is  to  determine  the 
amount  of  ripple  on  the  output  capacitor. 

,=   Pin  ♦  xCo 
Vo 


vOpk: 
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vOpk  = 


525 


2.7:.  120.  41  On.  410 


=4.14Vpk 


8.3V, 


PP 


In  order  to  meet  the  3%  THD  specification,  the  dis- 
tortion due  to  output  ripple  voltage  feeding  through 
the  voltage  error  amplifier  will  be  limited  to  0.75%. 
This  allows  1.5%  from  the  multiplier  and  0.75% 
from  miscellaneous  sources.  A  1 .5%  second  har- 
monic on  the  error  amplifier  will  result  in  0.75%  3  rd 
harmonic  distortion  at  the  input.  At  full  load,  the 
peak  error  amplifier  ripple  voltage  allowed  is: 

VEApk  =  %  riPP,e  *  VVEA  =  0.015  .  (6  -  1) 
=  0.075V 

The  error  amplifier  gain  at  120Hz  is  the  allowable 
error  amplifier  ripple  voltage  divided  by  the  output 
ripple  voltage,  or  0.009  (-41  dB  ).  The  error  ampli- 
fier input  resistor  was  chosen  to  be  1 .36MO  to  keep 
power  dissipation  low  and  allow  a  small  value  for 
the  compensation  capacitor.  Two  681  kn  resistors 
in  series  are  used  to  reduce  the  voltage  stress.  The 
voltage  error  amplifier  schematic  is  shown  in  Figure 
13,  with  the  120Hz  gain  determined  by  the  inte- 
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Figure  13.  Voltage  Error  Amplifier 


grator  function  of  Cf  and  Rj.  This  network  has  a  sin- 
gle pole  role  off  and  the  capacitor  value  is  easily 
found  to  give  the  desired  gain  at  120Hz. 

Cf  = 


2  «  71  •  f  •  GyEA  *  R  i 


c,= 


1 


2.7r.  120Hz.  0.009  •  1.36Mn 
0.1  nF 


The  crossover  frequency  can  now  be  calculated 
recognizing  that  a  pole  (due  to  the  combination  of 
Cf  and  Rf)  will  be  placed  at  the  cross  over  frequen- 
cy to  provide  adequate  phase  margin.  The  pole 
placement  will  determine  the  phase  margin  since 
the  power  stage  has  a  single  pole  response  with 
the  associated  90  degree  phase  lag.  If  the  error 
amplifier  pole  is  placed  at  the  crossover  frequency, 
the  overall  loop  gain  will  have  a  45  degree  phase 
margin.  The  power  stage  gain  is  given  by: 


GPS(S)  =  Vvea  =  AVEA.V, 


IN 


•  (S  •  C0) 


The  voltage  loop  gain  (Ty)  is  the  product  of  the 
power  stage  gain  and  the  error  amplifier  gain.  To 
find  the  cross  over  frequency,  solve  for  f  and  set 
equal  to  1 . 


Tv  =  1  =  Gps(s)  •  Gvea(s) 
The  error  amplifier  gain  is: 


Gvea  : 


2.Tt.f.R|.Cf 


-j  »  1.17 


f 


108 
f2 


The  cross  over  frequency  then  is  approximately 
1 1  Hz,  so  the  resistor,  Rf,  can  be  calculated  to  place 
the  pole  at  fc. 

1 


Rp 


2.7r.  11Hz.  0.1  nF 


a  uokn 


Finally,  the  resistor  RD  (10kn)  sets  the  DC  output 
voltage  to  410V. 

7.  OVP/ENABLE 

An  output  voltage  exceeding  450V  is  defined  as  an 
overvoltage  condition.  To  trip  the  OVP  comparator 
at  450V  requires  a  divider  of: 
7.5V 


450V 


=  60:1 


Letting  the  lower  resistor  in  the  divider  =  33kf2,  the 
top  resistor  then  is  2Mf2,  two  1  MO  resistors  are 


< 
o 

-1 
a 
a 
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used  in  series  to  reduce  the  voltage  stress.  A  10nF 
capacitor  is  placed  in  parallel  with  the  33kn  resistor 
for  noise  filtering. 

With  this  divider  the  converter  will  start  at  76VRMs. 
which  will  allow  startup  well  below  low  line. 

EXPERIMENTAL  RESULTS 

The  example  converter  was  constructed  to  demon- 
strate circuit  performance.  The  circuit  performed 
well  and  was  tested  over  the  full  line  and  load 
ranges. 

Figure  14  shows  efficiency  data  for  the  ZVT  vs.  a 
conventional  boost  converter,  which  was  derived  by 
simply  removing  the  ZVT  components.  The  con- 
ventional circuit  needed  to  be  cooled  with  a  fan  in 
order  to  stabilize  the  power  semiconductor  temper- 
atures. It  can  be  seen  from  the  data  that  the  ZVT 
circuit  has  a  significant  advantage  over  the  conven- 
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Figure  15.  Power  Stage  Waveforms 


tional  converter  at  low  line.  At  higher  line  voltage 
the  advantage  is  reduced  until  the  two  power  stages 
converge  at  high  line.  This  is  understandable  and 
consistent  with  the  other  reported  data  [4,13].  At 
low  line,  the  higher  input  current  contributes  to  high- 
er switching  losses  in  the  conventional  converter. 
The  ZVT  converter  however,  does  not  experience 
increased  switching  losses  (conduction  losses 
increase  for  both  converters  at  low  line). 

Figure  15  shows  the  ZVT  and  main  switch  gate 
drives  as  well  as  the  main  switch  drain  to  source 
voltage.  The  ZVT  gate  drive  goes  high  prior  to  the 
main  switch  and  drives  the  drain  voltage  to  zero 
before  the  main  switch  turns  on.  It  should  also  be 
noted  that  the  drain  to  source  voltage  waveform  is 
very  clean  with  no  overshoot  or  ringing,  which  will 
reduce  EMI  and  voltage  stress  on  the  device.  The 
ZVT  circuit  waveforms  are  shown  in  Figure  16. 
Current  in  Lr  is  shown  in  the  top  trace.  The  wave- 
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Figure  16.  ZVT  Waveforms 
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Horizontal  Scale:  1ps/DIV 


Figure  17.  Current  Synthesizer  Waveforms 

forms  are  well  damped  with  a  peak  current  of 
approximately  6A.  The  current  synthesizer  wave- 
forms are  shown  in  Figure  17.  The  top  waveform  is 
the  reconstructed  waveform  at  CI  and  the  bottom 
waveform  is  inductor  current.  The  waveforms  show 
good  agreement.  Any  error  between  the  recon- 
structed and  actual  waveform  will  be  greatest  at 
high  line  and  is  primarily  caused  by  slight  offset 
voltage  errors  in  the  synthesizer  circuit. 


Figure  18.  Line  Current 


Figure  18  shows  the  input  line  current  at  low  line 
and  maximum  load,  the  THD  and  power  factor  are 
well  within  acceptable  limits.  Table  1  gives  THD  and 
pf  measurements  for  several  line  and  load  condi- 
tions with  the  single  stage  current  error  amplifier 
clamp  circuit.  Table  2  shows  THD  and  pf  with  the 
two  stage  clamp  circuit  shown  in  Figure  9B. 


Line(VAC) 

%THD 

Pf 

100 

6.3 

0.998 

120 

4.5 

0.999 

200 

8.9 

0.996 

230 

10 

0.995 

Table  1  THD  and  Pf  vs.  line,  with  single  stage  error 
amplifier  clamp  circuit. 


Line(VAC)  %THD  Pf 

100  4^95  0.999 

120  5^30  0.998 

200  5^45  0.998 

230  5.83  0.998 


Table  2  THD  and  Pf  vs.  line,  with  two  stage  error 
amplifier  clamp  circuit. 
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POWER  STAGE  COMPONENT  VENDORS 

L1  ,L2        Magnetics,  Butler,  PA 
(412)  282-8282 

Spike  Killer  Toshiba,  Westboro,  MA 
(508)  836-3939 

Qmain       apt>  Bend.  0R 
(503)  382-8028 

D1  International  Rectifier,  El  Segundo,  CA 

(310)322-3331 

Qzvt.        Motorola,  Phoenix,  AZ 
D2,  D3,  D4  (602)  244-3550 
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THE  NEW  UC3879  PHASE-SHIFTED  PWM  CONTROLLER  SIMPLIFIES  THE 
DESIGN  OF  ZERO  VOLTAGE  TRANSITION  FULL-BRIDGE  CONVERTERS 

by  Laszlo  Balogh 


INTRODUCTION 

This  Application  Note  will  introduce  the  UC3879 
integrated  circuit  and  compare  its  performance  to 
its  predecessors,  the  UC3875/6/7/8  controller  fami- 
ly. These  integrated  circuits  provide  all  necessary 
control,  decoding,  protection  and  drive  functions  to 
successfully  manage  the  operation  of  the  full- 
bridge  converter  with  phase-shifted  control.  This 
integrated  solution  greatly  simplifies  the  design 
procedure  and  offers  significant  savings  in  develop- 
ment time  and  printed  circuit  board  real-estate  for 
the  designer. 

Using  the  conventional  full-bridge  topology  with 
phase-shifted  control  technique  has  already 
demonstrated  its  superiority  in  medium  to  high 
power,  DC-to-DC  power  conversion.  This  control 


method  provides  well  controlled  dv/dt  values  and 
zero-voltage  switching  of  all  primary  side  semicon- 
ductors in  the  power  stage  over  nearly  all  operating 
conditions^  Several  publications  [1-8]  discussed  the 
details  of  operation  including  equivalent  circuits  for 
the  resonant  transitions  for  both  legs  of  the  bridge 
converter,  conditions  for  zero-voltage  switching  and 
describing  further  improvement  possibilities.  The 
major  benefits  offered  by  this  approach  are  a  sim- 
pler power  stage  than  its  hard  switched  counter- 
part, utilizing  circuit  parasitics  instead  of  being 
penalized  by  them,  improved  efficiency  and  lower 
EMI  level. These  significant  advantages  are  realized 
with  a  slightly  more  complex  control  algorithm. 


Figure  1.  UC3879  Block  Diagram 
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UNITRODE  UC3879  PHASE-SHIFT 
PWM  CONTROL  IC  -  BLOCK  DIAGRAM 

The  UC3879  is  an  improved  version  of  the  previ- 
ously introduced  UC3875  controller  family.  The 
internal  architecture  of  the  IC  is  shown  in  Figure  1 . 

The  undervoltage  lockout  level  of  the  UC3879  is 
user  selectable  by  the  UVSEL  pin.  Two  predefined 
thresholds  are  available.  If  the  UVSEL  pin  is  float- 
ing, the  chip  starts  running  when  the  supply  voltage 
exceeds  1 5.25V  on  the  VIN  pin.  In  case  the  UVSEL 
pin  is  externally  connected  to  the  VIN  pin,  operation 
starts  at  10.75V.  Independent  of  the  selected  start 
up  option,  the  UC3879  goes  to  an  undervoltage 
lockout  mode  when  the  input  voltage  falls  below 
approximately  9.25V.  The  threshold  levels  reflect 
the  two  most  commonly  used  auxiliary  power  gen- 
eration methods;  bootstrap  or  off-line. 

The  operating  frequency  of  the  synchronizable 
oscillator  is  programmed  by  two  external  compo- 
nents. The  resistor  from  the  RT  pin  to  ground 
defines  the  charge  current  of  the  timing  capacitor 
while  the  discharge  current  is  internally  fixed  at 
10mA.  This  way,  the  duty-cycle  (Dose)  °' tne  oscil- 
lator, which  corresponds  to  the  duty  ratio  of  the  sig- 
nal appearing  on  the  CLKSYNC  output  of  the  IC, 
can  be  set  accurately  based  on  the  relationship: 

RT  =   2-^— 

0.01  A  •  Dqsc 

The  minimum  recommended  pulse  width  for  reli- 
able operation  is  around  250nsec  and  for  all  practi- 
cal applications  it  should  not  exceed  500nsec. 
Hence,  Dqsc  shall  be  determined  based  on  the 
clock  frequency  as: 

Dose  =  (250nsec...500nsec)  •  fCLOCK 

The  timing  capacitor,  connected  between  the  CT 
pin  and  ground,  in  combination  with  the  already 
defined  RT  value  determines  the  clock  frequency 
({clock)  by 'he  following  formula: 

(1  -  Dqsc) 


ct  = 


1.08  •  RT  •  (clock 


In  practice,  the  selection  of  proper  capacitance  val- 
ues are  much  more  difficult  than  those  of  the  resis- 
tors. Therefore,  one  might  first  select  the  appropriate 
capacitor  value  to  fulfill  the  requirement  based  on  the 
following  simple  table: 


Frequency  Range 

Capacitance 

fcLOCK<  30kHz 

2.2nF 

30kHz  <  fcLOCK  <  100kHz 

680pF 

100kHz  <  fcLOCK 

220pF 

After  choosing  the  value  of  the  timing  capacitor,  the 
required  resistance  can  be  calculated  as: 

0.47  +  0.07-V  47.17  -  5  .10*  •  CT  •  fcLOCK 


RT  = 


CT  •  fcLOCK 


Figure  2  shows  the  solution  of  the  timing  equations 
for  the  most  commonly  used  frequency  range.  It 
offers  a  quick  guide  to  estimate  the  required  resis- 
tor value. 


100 


10 


3 


10  100  1000 

CLOCK  FREQUENCY  (kHz) 

UDG-95141 


Figure  2.  Timing  Resistor  (RT)  vs.  Oscillator  Frequency 

During  free-running  operation  the  capacitor  voltage 
changes  between  nearly  0V  and  2.9V  linearly.  Typical 
operating  waveforms  for  free-running  and  synchro- 
nized operation  are  demonstrated  in  Figure  3. 


MASTER 
CLOCK 


j  o  n — t!  n  il 


Figure  3.  Oscillator  Waveforms 

a)  Free-running;  b)  Synchronized  Operation 

Synchronization  can  be  attained  by  driving  the 
CLKSYNC  pin  from  another  UC3879  or  by  external 
circuitry  as  shown  in  Figure  4. 

In  both  cases,  all  ICs  will  synchronize  to  the  IC  or 
external  clock  signal  with  the  highest  free-running 
frequency.  The  resistors  R1  to  Rn  may  be  needed 
to  properly  terminate  the  synchronization  bus  and 
to  keep  the  sync  pulse  narrow  due  to  capacitance 
loading  the  line. 
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Syncing  to 

external 

clock 


Figure  4.  Typical  Synchronization  Schemes 


An  additional  benefit  of  using  local  timing  compo- 
nents for  each  individual  oscillator  is  that  it  allows 
the  synchronizing  connections  among  the  ICs  to  be 
broken  without  any  local  loss  of  functionality. 

Output  regulation  is  achieved  using  the  1 0MHz  gain 
bandwidth  on-board  error  amplifier.  The  noninvert- 
ing  input  of  the  error  amplifier  is  internally  connect- 
ed to  a  2.5V  reference.  The  inverting  input  (E/A-) 
and  the  output  of  the  amplifier  (E/A  OUT)  are  acces- 
sible for  feedback  and  compensation  purposes.  The 


output  of  the  error  amplifier  is  utilized  to  command 
the  high  speed  PWM  circuit.  This  signal  is  compared 
to  the  RAMP  input  of  the  IC  having  a  usable  input 
voltage  range  from  zero  to  2.9V. 

Soft-start  is  accomplished  with  a  capacitor  from  the 
soft-start  pin  (SS)  to  ground.  During  the  soft-start 
period,  the  soft-start  output  of  the  error  amplifier  is 
clamped  to  the  capacitor  voltage  which  is  gradually 
increased  from  zero  to  about  4.8V.  It  corresponds  to 
pulse  width,  phase  shift  or  peak  current  limiting 
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Figure  5.  UC3879  with  Voltage  Mode  Control 
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Figure  6.  UC3879  with  Peak  Current  Mode  Control 

depending  on  the  exact  implementation. 

The  UC3879  is  equally  suited  for  conventional 
voltage  mode  control  or  for  peak  current  mode  con- 
trol. When  used  in  voltage  mode,  the  CT  signal  is 
directly  fed  to  the  RAMP  terminal  as  indicated  in 
Figure  5. 

In  current  mode  operation,  the  RAMP  signal  is  the 


sum  of  the  current  sense  signal  and  the  slope  com- 
pensation, derived  from  the  voltage  across  the  tim- 
ing capacitor  as  it  is  shown  in  Figure  6. 

Fault  protection  is  established  by  two  independent 
current  limiting  circuits  which  accept  a  OV  to  2.5V 
amplitude  maximum  current  sense  signal  on  their 
CS  input  pin.  They  provide  cycle-by-cycle  and  shut- 
down type  current  limit  protection  in  both  voltage  or 
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Figure  7.  Operation  of  the  Current  Limiting  Circuits  (typical  waveforms) 
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current  mode  operation.  The  characteristic  wave- 
forms are  presented  in  Figure  7. 

The  fault  protection  circuits  are  inactive  until  the 
instantaneous  voltage  on  the  CS  pin  remains  below 
the  first  threshold  of  2V.  When  the  signal  on  the  CS 
pin  exceeds  2V  the  existing  output  pulse  is  termi- 
nated. This  first  level  of  overload  protection  pro- 
vides an  effective  defense  mechanism  to  protect 
the  primary  side  semiconductors  against  excessive 
current  stress  and  to  establish  a  rough  input  power 
limitation  for  the  converter  based  on  cycle-by-cycle 
current  limit  action. 

At  more  severe  overload  conditions,  this  protection 
method  is  not  adequate.  For  these  cases,  the 
UC3879  offers  a  second  level  of  security.  When  the 
current  sense  signal  on  the  CS  pin  would  exceed, 
even  momentarily,  the  2.5V  maximum  value,  the  IC 
will  initiate  a  full  soft-start  cycle  to  prevent  cata- 
strophic failure.  If  the  load  conditions  do  not 
change,  hiccup  mode  will  be  established  to  reduce 
component  stresses  and  to  limit  average  power  dis- 
sipation to  a  fail  safe  level. 

The  four  totem  pole  OUTputs  of  the  UC3879  can 
each  deliver  100mA  peak  drive  current.  These  out- 
puts are  intended  to  drive  external  gate  drive  cir- 
cuits. This  enhances  the  robustness  of  the  overall 
design.  To  further  reduce  the  noise  transmitted 
back  to  the  analog  circuitry,  the  output  section  fea- 
tures its  own  collector  power  supply  (VC)  and 
ground  (PGND)  connections.  Local  decoupling 
capacitors  and  series  impedance  to  the  auxiliary 
supply  improves  performance  even  more. 


The  steady  state  timing  relations  for  the  four  out- 
puts are  shown  in  Figure  8. 

Delays  between  the  output  drive  commands  to 
facilitate  Zero  Voltage  Switching  operation  are  pro- 
grammed at  the  DELAYSET  inputs.  Delay  time  is 
determined  by  the  current  flowing  from  the  delay 
set  pin  to  ground  through  a  resistor,  Rdelay  Timing 
accuracy  will  improve  by  using  a  current  sink  con- 
nected to  the  delay  set  pins  in  place  of  the  resistors. 
The  delay  time  can  be  calculated  by  the  following 
equations: 

249.6  •  10-12 

,delay=     i^y~  [sec  ] 

where 

.  Vdelayset  . 

'delay=     Rdelay  ' 

Vdelayset  =  delay  set  Pin  voltage  (2.4V  typ.); 

Rdeiay  =  resistor  value  from  delay  set  pin 
to  GND. 

One  unique  feature  of  the  UC3879  is  the  ability  to 
separately  program  the  A-B  output  delays  different- 
ly from  the  C-D  outputs.  This  capability  accommo- 
dates the  different  energy  levels  available  for  the 
resonant  transitions  of  the  leading  and  trailing  legs 
of  the  bridge  circuit  [7-9].  Inability  to  optimize  each 
of  these  durations  will  generally  result  in  loosing 
zero  voltage  switching  of  the  full-bridge  converter 
switches  under  some  operating  conditions. 

The  optimum  delay  time,  on  the  cycle-by-cycle 
basis,  is  the  function  of  the  actual  current  flowing  in 
the  primary  winding  of  the  transformer.  This  current 
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Figure  8.  Output  Timing  Diagram  for  Steady  State  Operation 
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Figure  9.  Adaptive  Control  of  Delay  Times 

value  can  easily  change  by  a  factor  of  10  to  even 
100  depending  on  load  conditions.  This  causes  a 
large  variation  in  the  required  delay  time,  thus 
adaptive  programming  of  delays  might  be  desirable 
for  certain  applications. 

Figure  9  introduces  a  simple  external  circuit  to 
achieve  variable  delay  times  based  on  the  momen- 
tary value  of  the  sensed  current. 

The  resistor  network  connected  to  the  positive 
input  of  the  operational  amplifier  determines  the 
ratio  of  the  minimum  and  the  maximum  delay 
times.  The  actual  values  of  tdeiayA-B  ar|d  tdeiayC-D 
can  be  scaled  by  the  resistors  between  the  emitters 
of  the  respective  transistors  and  ground. 

As  these  delays  can  be  realized  in  several  ways 
along  the  external  gate  drive  circuits,  setting  zero 
delay  is  also  offered  by  simply  connecting  the  delay 
set  inputs  to  the  IC's  5.0V  reference. 


The  precision,  short  circuit  protected  5.0V  bandgap 
reference  is  available  for  external  functions  as  well. 

UC3879  VS.  UC3875/6/7/8 

Although  the  UC3879  retained  the  operating  princi- 
ple and  the  basic  architecture  of  the  UC3875,  it  is 
still  important  to  draw  attention  to  the  enhanced 
and  added  features  of  the  new  IC.  The  differences 
between  the  two  controllers  are  summarized  in 
Table  1 .  Their  consequences  for  the  circuit  design 
will  also  be  highlighted. 

UNDERVOLTAGE  LOCKOUT 

The  undervoltage  lockout  circuit  utilizes  a  logic  input 
(UVSEL)  to  select  between  the  two  available  turn- 
on  voltages  (15.25V/1 0.75V).  The  advantage  of  this 
solution  is  that  it  can  configure  the  undervoltage 
lockout  threshold  without  external  components.  The 
UC3879  provides  the  same  undervoltage  lockout 
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Features 

UC3875/6/7/8 

UC3879 

Undervoltage  Lockout 

Fixed  at  15.25V/1 0.75V 

Selectable 

Supply  Current 

45mA  typ. 

27mA  typ. 

Oscillator  Section 

up  to  2MHz  operation 

up  to  600kHz  operation 

Error  Amplifier 

noninverting  input  accessible 

noninverting  input  tied  to  2.5V 

Cycle-by-cycle  Current  Limiting 

not  available 

implemented 

Time  Delay  Circuits 

60ns  minimum  delay 

0  delay  available 

Output  Drivers 

4  x  2A  totem-pole 

4  x  100mA  totem-pole 

Table  1.  Comparison  of  Unitrode's  Phase-Shifted  PWM  Control  ICs 
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levels  that  were  offered  by  multiple  part  numbers  in 
the  UC3875/6/7/8  family. 

SUPPLY  CURRENT 

The  supply  current  demand  (I|n)  of  the  UC3879  has 
been  significantly  reduced.  While  the  startup 
current  stayed  the  same,  approximately  1 50|iA,  the 
operating  supply  current  of  the  circuit  decreased 
from  45mA  to  about  27mA.  The  gain  was  achieved 
by  reducing  internal  bias  currents.  As  a  result,  the 
maximum  operating  frequency  has  been  lowered 
and  the  gate  drive  philosophy  is  revised.  The 
UC3879  expects  a  high  current  gate  drive  device 
connected  to  its  outputs  opposed  to  the  direct  drive 
capability  of  the  UC3875  family. 

OSCILLATOR  SECTION 

The  UC3879  features  a  completely  redesigned 
oscillator  circuit  offering  better  noise  immunity,  tem- 
perature stability,  and  linearity.  The  charge  current 
of  the  timing  capacitor  is  constant,  producing  a  lin- 
ear, positive  slope  on  the  timing  capacitor  during 
the  conduction  period.  The  voltage  level  is  tailored 
to  provide  ramp  signal  for  voltage  mode  control 
directly.  Likewise,  slope  compensation  can  be 
effortlessly  accomplished  using  the  voltage  of  the 
timing  capacitor  in  case  of  peak  current  mode  con- 
trol. The  operating  frequency  is  programmed  by  the 
combination  of  RT  and  CT,  which  are  connected  to 
their  separate  pins. 

ERROR  AMPLIFIER 

Both  integrated  circuits  make  use  of  a  10MHz  gain 
bandwidth  amplifier  to  regulate  the  output  voltage. 
The  noninverting  input  of  the  UC3879  error  amplifi- 
er is  internally  wired  to  a  2.5V  reference  opposed  to 
the  UC3875  family  where  the  reference  is  to  be  pro- 
vided externally. 

In  constant  output  voltage  applications,  the 
UC3879  will  save  those  components  related  to  gen- 
erating the  reference  for  the  feedback  amplifier. 
Conversely,  it  will  require  more  components  and 
more  elaborate  solution  if  the  programming  of  the 
output  voltage,  thus  the  reference,  is  required. 
Systems  with  isolation  between  the  primary  and 
secondary  side  controllers  will  not  experience  any 
difference  in  the  design  since  the  error  amplifier  of 
the  control  IC  is  usually  configured  as  a  voltage  fol- 
lower processing  the  error  signal  transmitted  from 
the  secondary  side  of  the  converter. 
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CYCLE-BY-CYCLE  CURRENT  LIMITING 

This  new  feature  is  implemented  only  in  the 
UC3879  controller.  It  provides  exact,  cycle-by-cycle 
current  protection  for  the  primary  side  switches  dur- 
ing over-load  conditions.  The  fast  comparator  uti- 
lized for  cycle-by-cycle  current  limiting  will  termi- 
nate the  active  interval  in  every  switching  period 
when  the  current  sense  signal  exceeds  the  inter- 
nally set  2V  reference  value.  This  first  level  of  over- 
load protection  is  suitable  to  limit  the  maximum 
power  to  be  handled  by  the  power  stage  and  will  not 
result  in  a  hiccup  type  of  operation. 

DELAY  CIRCUITS 

As  previously  described,  the  time  between  turning 
off  one  switch  and  turning  on  the  other  in  the  same 
leg  of  the  bridge  has  a  profound  effect  on  circuit 
performance.  Note  that  the  programmed  delay 
times  should  accommodate  any  delays  introduced 
by  the  high  current  gate  circuits  and  transformer. 

Allowing  zero  delay  between  the  outputs  of  the 
UC3879  provides  greater  freedom  to  the  designer 
to  implement  those  delays  as  desired.  Possible 
other  points  to  program  the  necessary  delays  are 
the  inputs  of  the  high  current  gate  drivers  or  the 
secondary  sides  of  the  gate  drive  transformers.  All 
these  solutions  have  their  pros  and  cons,  and 
require  careful  considerations  in  sight  of  the  actual 
application. 

OUTPUT  DRIVERS 

The  output  totem  pole  drivers  of  both  controllers 
have  identical  structures.  They  feature  their  own 
power  rail  connections  and  they  are  kept  active  low 
during  undervoltage  lockout.  However,  output  cur- 
rent ratings  are  remarkably  different.  With  its  2A 
peak  current  capability,  the  UC3875  family  is  pre- 
pared for  direct  drive  of  the  gates  or  gate  drive  trans- 
formers of  the  most  commonly  used  power  switch- 
es. Yet,  with  the  continuously  increasing  die  sizes, 
separate  driver  chips  can  be  advantageous  to  elim- 
inate undesired  power  dissipation  and  noise  gener- 
ation from  the  sensitive  analog  control  sections.  In 
this  regard,  the  UC3879  is  designed  to  work  with 
external  high  current  gate  drive  circuits.  Its  fast  out- 
puts, with  100mA  peak  current  capability,  are  espe- 
cially appropriate  to  drive  the  TTL  or  MOSFET  input 
stages  of  those  devices. 
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Undervoltage  Lockout 

Delay  Times  UC3879 

UVSEL  pin 

DELAYSET  pins 

Turn-ON 

Turn-OFF 

TD>0 

tD  =  0 

Old  Part  # 

Float 

^vcc 

->vREF 

RSET 

10.75V 

9.25V 

X 

UC3875 

X 

X 

15.25V 

9.25V 

X 

UC3876 

X 

X 

10.75V 

9.25V 

X 

UC3877 

X 

X 

15.25V 

9.25V 

X 

UC3878 

X 

X 

Table  2.  Providing  UC3875/6/7/8  functionality  through  the  setup  options  of  the  UC3879  control  IC. 


UC3879  DESIGN  FLEXIBILITY 

Besides  the  several  improved  features  and  added 
functions,  the  UC3879  offers  the  greatest  degree  of 
design  flexibility  with  the  minimum  number  of  exter- 
nal components.  Table  2  shows  the  different  setup 
possibilities  to  achieve  the  same  functionality 
offered  by  four  different  part  numbers  in  the 
UC3875  family. 

SUMMARY 

As  demonstrated,  the  UC3875/6/7/8  and  the 
UC3879  integrated  circuits  are  dedicated  to  elimi- 
nate most  of  the  difficulties  associated  with  imple- 
menting the  numerous  auxiliary  functions  and  the 
tedious  control  algorithm  of  the  full  bridge  convert- 
ers with  phase-shifted  control.  The  single  chip  solu- 
tion with  its  carefully  optimized  signal  levels  and 
minimum  number  of  external  components  provide 
the  fast  track  in  the  controller  design  for  one  of 
today's  most  promising  power  conversion  tech- 
niques. 

REFERENCES 

[1]  R.A.  Fisher,  K.D.T.  Ngo,  and  M.H.  Kuo,  "A  500 
kHz,  250  W  dc-dc  converter  with  multiple  out- 
puts controlled  by  phase-shifted  PWM  and 
magnetic  amplifiers",  Proc.  High  Frequency 
Power  Conversion  Conference,  pp.  100-110. 

[2]  L.H.  Mweene,  C.A.  Wright  and  M.S.  Schlecht, 
"A  1  kW,  500  kHz  front-end  converter  for  dis- 
tributed power  supply  system",  Proc.  APEC 
'89,  pp  423-432. 


[3]  D.B.  Dalai,  "A  500  kHz  multi-output  converter 
with  zero  voltage  switching",  Proc.  APEC  '90, 
pp.  265-274. 

[4]  J.A.  Sabate,  V.  Vlatkovic,  R.B.  Ridley,  F.C.  Lee 
and  B.H.  Cho,  "Design  considerations  for 
high-voltage  high-power  full-bridge  zero-volt- 
age-switching PWM  converter",  Proc.  APEC 
'90,  pp.  275-284. 

[5]  R.  Redl,  L.  Balogh  and  N.O.  Sokal,  "A  novel 
soft-switching  full-bridge  dc/dc  converter: 
analysis,  design  considerations,  and  experi- 
mental results  at  1.5  kW,  100  kHz",  Proc. 
PESC  '90,  pp.  162-172. 

[6]  W.M.  Andreycak,  "Phase-shifted,  zero  volt- 
age-transition design  considerations  and  the 
UC3875  PWM  controller",  Application  Note 
U-136,  Unitrode  Product  &  Applications 
Handbook  1993-94,  pp.  9.393-9.406. 

[7]  W.M.  Andreycak,  "Designing  a  phase  shifted 
zero  voltage  transition  (ZVT)  power  convert- 
er", Topic  3,  Unitrode  Power  Supply  Design 
Seminar  SEM-900. 

[8]  R.  Redl,  L.  Balogh  and  D.W.  Edwards, 
"Optimum  2VS  full-bridge  dc/dc  converter 
with  PWM  phase-shift  control:  analysis, 
design  considerations,  and  experimental 
results",  Proc.  APEC  '94,  pp.  159-165. 

[9]  R.  Redl,  L.  Balogh  and  D.W.  Edwards, 
"Switch  transitions  in  the  soft-switching  full- 
bridge  PWM  phase-shift  dc/dc  converter: 
analysis  and  improvements",  Proc.  INTELEC 
'93,  pp.  350-357. 


u 

□ 
a 
a 
< 


UNITRODE  CORPORATION 

7  CONTINENTAL  BLVD.  •  MERRIMACK,  NH  03054 
TEL  603-424-2410  •  FAX  603-424-3460 


3-487 


A  riOl  lf>«TIAH  H«Tr 


IMPLEMENTING  MULTI-STATE  CHARGE  ALGORITHM  WITH  THE  UC3909 
SWITCHMODE  LEAD-ACID  BATTERY  CHARGER  CONTROLLER 

By  Laszlo  Balogh 


INTRODUCTION 

Applications  of  lead-acid  batteries  for  primary  as 
well  as  backup  power  sources  has  been  increased 
significantly.  The  reasons  behind  this  growth  are 
the  continuously  improving  battery  technology 
which  provides  higher  and  higher  power  densities, 
and  the  increased  demand  for  wireless  operation 
of  different  electronic  devices  and  tools.  Manufac- 
turers of  these  equipment  are  frequently  chal- 
lenged to  provide  solutions  for  quick  and  efficient 
recharge  of  the  cells  and  to  maximize  the  capacity 
and  life  of  the  battery. 

Although  the  task  sounds  simple,  satisfying  the 
various  requirements  associated  with  charging  and 
maintaining  lead-acid  batteries  often  requires  con- 
siderable intelligence  from  the  battery  charger  cir- 
cuit. The  implementation  of  a  well  optimized 
charging  process  requires  complex  control  cir- 
cuitry, such  as  microprocessors,  DSP  chips  or 
state  machine  type  of  controllers.  Usually,  these 
solutions  require  custom  components,  and  signifi- 
cant hardware  and  software  development  time. 
The  cost  of  these  solutions  are  penalized,  by  the 
higher  cost  and  software  of  the  digital  controller, 
interfacing  to  the  analog  part  of  the  circuit,  in  addi- 
tion to  the  increased  part  count  and  consequently 
higher  manufacturing  expense. 

This  Application  Note  will  introduce  a  new,  dedi- 
cated analog  controller.  The  UC3909  Switchmode 
Lead-Acid  Battery  Charger  integrated  circuit  pro- 
vides a  low  cost  solution  to  battery  charging,  with- 
out sacrificing  the  performance  of  the  system. 

Additionally,  the  paper  will  guide  users,  whose 
primary  expertise  is  not  switchmode  power  supply 
design,  how  to  devise  state  of  the  art,  multi-state 
battery  charger,  using  the  new  IC.  The  step  by 
step  instructions  incorporated  in  this  Application 
Note  will  provide  exact  component  values,  reduc- 
ing the  time  of  the  paper  design  to  merely  a  few 
minutes. 

BASICS  OF  LEAD-ACID  BATTERIES 


In  order  to  efficiently  discuss  battery  properties, 
some  of  the  common  terms  used  in  the  battery 
industry  have  to  be  defined. 

Ampere-Hour  (Ah)  -  is  a  measurement  of  electric 
charge  computed  as  the  integral  product  of  current 
(in  Amperes)  and  time  (in  hours). 

Capacity  -  is  the  ability  of  the  battery  to  store  and 
discharge  a  given  quantity  of  current  over  a  speci- 
fied period  of  time.  The  capacity  of  the  battery  is 
expressed  in  Ampere-Hours  (Ah).  A  cell's  capacity 
is  a  function  of  the  discharge  current  and  usually 
increases  with  lower  current  levels.  The  capacity  of 
the  battery  listed  in  the  datasheet  usually  corre- 
sponds to  the  measured  capacity  at  C/10  dis- 
charge rate. 

C  Rate  -  is  the  charge  or  discharge  current  of  the 
battery  expressed  in  multiples  of  the  rated  capac- 
ity. For  example,  a  2.5Ah  cell  will  provide  250mA 
for  10  hours.  The  C  rate  in  this  particular  case  is 
C/10.  In  the  real  world,  however,  a  cell  does  not 
maintain  the  same  rated  capacity  at  all  C  rates. 

Self  Discharge  -  is  the  loss  of  useful  capacity  of  a 
cell  on  storage  due  to  internal  chemical  action. 

Deep  Discharge  -  is  the  discharge  of  the  battery 
below  the  specified  cutoff  voltage,  typically  1.7V- 
1.9V  per  cell  at  25°C  depending  on  the  C  rate, 
before  the  battery  is  recharged.  It  happens  usually 
upon  withdrawal  at  least  80%  of  the  rated  capacity 
of  the  cells. 

Constant  Voltage  Charge  -  is  a  charging  tech- 
nique during  which  the  voltage  across  the  battery 
terminals  is  regulated  while  the  charge  current 
varies  according  to  the  state  of  charge  of  the  bat- 
tery. 

Constant  Current  Charge  -  is  a  charging  method 
during  which  the  current  through  the  battery  is 
maintained  at  a  steady  state  value  while  the  cell 
voltages  will  vary  according  to  the  state  of  charge 
of  the  battery. 
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Trickle-Charge  -  is  a  constant  current  charge  of 
the  battery.  In  this  mode,  a  low  current,  typically  in 
the  range  of  C/100  or  lower  is  applied  to  the  bat- 
tery to  raise  the  voltage  to  the  deep  discharge 
threshold  (cutoff  voltage),  a  level  corresponding  to 
near  zero  capacity.  The  trickle  charge  current  has 
to  be  determined  to  assure  continuous  operation 
without  damaging  the  cells. 

Bulk-Charge  -  is  also  a  constant  current  mode  of 
operation,  to  quickly  replenish  the  charge  to  the 
battery.  The  battery  manufacturers  define  the  bulk 
charge  current  as  the  maximum  charge  current 
allowed  for  the  cells.  It  can  be  applied  to  the  bat- 
teries if  their  voltage  is  between  the  deep  dis- 
charge and  the  over-charge  limits.  Typical  bulk 
charge  current  varies  between  C/5  and  2  C  de- 
pending on  manufacturers  and  battery  types. 

Over-Charge  -  the  term  describes  the  chemical 
reactions  taking  place  when  the  majority  of  the 
lead-sulfate  has  already  been  converted  to  lead, 
resulting  in  the  generation  of  hydrogen  and  oxy- 
gen. The  beginning  of  the  over-charge  reactions 
depends  on  the  C  rate,  and  it  is  indicated  by  the 
sharp  rise  in  cell  voltage  as  it  is  illustrated  in  Figure 
1. 

Figure  1.   Typical  over-charge  characteristic  at 
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different  charge  rates. 


For  over-charge  to  coincide  with  the  100%  return 
of  capacity,  the  charge  rate  must  be  less  than 
C/100.  For  higher  charge  rates,  over-charge  of 
lead-acid  batteries  is  necessary  to  return  the  full 
capacity. 

In  a  controlled  over-charge  mode,  a  constant 
voltage  is  applied.  Its  value  is  typically  set  between 
2.45  V/cell  and  2.65  V/cell,  again  depending  on  the 
C  rate.  Improper  selection  of  the  over-charge  volt- 
age will  eventually  result  in  dehydration  of  the 
battery  and  reducing  its  useful  life  span. 

Float-Charge  -  is  a  constant  voltage  charge  of  the 
battery,  after  completing  the  charging  process. 
This  voltage  maintains  the  capacity  of  the  battery 
against  self  discharge.  Even  though  providing  a 
fixed  output  voltage  is  a  simple  task,  to  find  the 
precise  value  of  the  float  voltage  has  a  profound 
effect  on  battery  performance.  For  instance,  5% 
deviation  from  the  optimum  cell  voltage  in  float 
mode,  could  result  approximately  30%  difference 
in  the  available  capacity  of  the  battery.  Further- 
more, the  battery's  temperature  coefficient  of  typi- 
cally -3.9mV/°C  per  cell,  adds  complication.  If  the 
float  voltage  is  not  compensated  according  to  the 
battery  temperature,  loss  of  capacity  will  occur 
below  the  design  temperature,  and  uncontrolled 
over-charging  with  degradation  in  life  will  happen 
at  elevated  temperature. 

BATTERY  CHARGER  BASICS 

What  differentiates  a  battery  charger  from  a  con- 
ventional power  supply  is  the  capability  to  satisfy 
the  unique  requirements  of  the  battery.  Lead-acid 
battery  chargers  typically  have  two  tasks  to  ac- 
complish. The  most  important  is  to  restore  capacity 
as  quickly  as  possible.  The  second  one  is  to 
maintain  capacity  by  compensating  for  self  dis- 
charge and  ambient  temperature  variations. 

There  are  two  fundamentally  different  charging 
methods  for  lead-acid  batteries.  In  constant  volt- 
age charge,  the  voltage  across  the  battery  termi- 
nals is  constant  and  the  condition  of  the  battery 
determines  the  charge  current.  Constant  voltage 
charge  is  most  popular  in  float  mode  application. 
The  charging  process  is  usually  terminated  after  a 
certain  time  limit  is  reached. 

Another  technique  is  constant  current  charge, 
which  is  often  used  in  cyclic  applications  because 
it  recharges  the  battery  in  a  relatively  short  time. 
As  opposed  to  constant  voltage  charge,  the  con- 
stant current  charge  automatically  equalizes  the 
charge  in  the  series  cells.  There  are  many  varia- 
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tions  of  the  two  basic  methods,  well  suited  for 
switchmode  battery  charger  circuits.  Considering 
that  well  designed  switchmode  power  converters 
are  inherently  current  limited,  the  combination  of 
constant  current  and  constant  voltage  charge  is  an 
obvious  choice. 

The  best  performance  of  the  lead-acid  cells  can  be 
achieved  using  a  four  state  charge  algorithm.  This 
method  integrates  the  advantages  of  the  constant 
current  charge  to  quickly  and  safely  recharge  and 
equalize  the  lead-acid  cells,  with  the  constant  volt- 
age charge  to  perform  controlled  over-charge  and 
to  retain  the  battery's  full  charge  capacity  in  float 
mode  applications.  The  carefully  tailored  charging 
procedure  maximizes  the  capacity  and  life  expec- 
tancy of  the  battery. 
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Figure  2.    Four-state  charge  algorithm 

The  four  states  of  the  charger's  operation  are 
trickle  charge,  bulk  charge,  over-charge  and  float 
charge,  as  they  are  shown  in  Figure  2.  Assuming  a 
fully  discharged  battery,  the  charger  sequences 
through  the  states  as  follows: 

State  1 :  Trickle  Charge 

If  the  battery  voltage  is  below  the  cutoff  voltage, 
the  charger  will  apply  the  preset  trickle  charge  cur- 
rent (ITRickle)-  ln  case  of  a  healthy  battery,  as  the 
charge  is  slowly  restored,  the  voltage  will  increase 
towards  the  nominal  range  until  it  reaches  the  cut- 
off voltage.  At  that  point  the  charger  will  advance 
to  the  next  state,  bulk  charging. 


In  case  of  a  damaged  battery,  e.g.  one  or  more 
cells  are  shorted  or  the  internal  leakage  current  of 
the  battery  is  increased  above  the  trickle  current 
value,  the  low  value  of  the  trickle  charge  current 
ensures  safe  operation  of  the  system.  In  this  case 
the  battery  voltage  will  stay  below  the  deep  dis- 
charge threshold  (VCUT0FF)  preventing  the  charger 
from  proceeding  to  the  bulk  charge  mode. 

When  the  battery  voltage  is  above  the  cutoff  volt- 
age at  the  beginning  of  the  charge  cycle,  the  trickle 
charge  state  is  skipped  and  the  charger  starts  with 
the  bulk  charge  mode. 

State  2:  Bulk  Charge 

In  this  mode  the  maximum  allowable  current  (Ibulk) 
charges  the  battery.  During  this  time,  the  majority 
of  the  battery  capacity  is  restored  as  quickly  as 
possible.  The  bulk  charge  mode  is  terminated 
when  the  battery  voltage  reaches  the  over-charge 
voltage  level  (Voc). 

State  3:  Over-Charge 

Controlled  over-charge  follows  bulk  charging  to 
restore  full  capacity  in  a  minimum  amount  of  time. 
During  the  over-charge  period,  the  battery  voltage 
is  regulated.  The  initial  current  value  equals  the 
bulk  charge  current,  and  as  the  battery  ap- 
proaches its  full  capacity  the  charge  current  tapers 
off.  When  the  charge  current  becomes  sufficiently 
low  (I0ct).  tne  charging  process  is  essentially  fin- 
ished and  the  charger  switches  over  to  float 
charge.  The  current  threshold,  l0CT,  is  user  pro- 
grammable and  is  typically  equals  Ibulk1'5- 

State  4:  Float  Charge 

This  mode  is  only  applicable  when  the  battery  is 
used  as  a  backup  power  source.  The  charger  will 
maintain  full  capacity  of  the  battery  by  applying  a 
temperature  compensated  DC  voltage  across  its 
terminals.  In  the  float  mode,  the  charger  will  deliver 
whatever  current  is  needed  to  compensate  for  self 
discharge  and  might  supply  the  prospective  load 
up  to  the  bulk  charge  current  level.  If  the  primary 
power  source  is  lost  or  if  the  load  current  exceeds 
the  bulk  current  limit,  the  battery  will  supply  the 
load  current.  When  the  battery  voltage  drops  to 
90%  of  the  desired  float  voltage,  the  operation  will 
revert  to  the  bulk  charge  state. 

The  ultimate  lead-acid  battery  charger  will  combine 
the  above  described  four  state  charge  algorithm, 
and  particularly  at  higher  output  currents,  a 
switchmode  power  converter.  The  implementation 
of  a  charger  of  this  type  usually  requires  several 
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integrated  circuits.  To  minimize  cost  as  well  as 
complexity,  a  new  integrated  circuit  had  been  de- 
veloped to  provide  as  much  functionality  and  de- 
sign flexibility  as  possible,  while  achieving  these 
requirements. 

THE  UC3909  BLOCK  DIAGRAM 

The  UC3909  Switchmode  Lead-Acid  Battery 
Charger  controller  combines  the  precision  sensing 
and  control  of  battery  voltage  and  current,  logic  to 
sequence  the  charger  through  its  various  modes  of 
operation,  and  the  control  and  supervisory  func- 
tions of  a  switching  power  supply.  The  integrated 
circuit  comprises  of  two  major  sections.  A  dashed 
line  shown  in  the  middle  of  Figure  3  divides  the 
circuit  into  two  functional  subsections.  The  PWM 
control  circuit  is  commanded  by  the  charge  state 
logic  depending  on  the  condition  of  the  battery. 

The  charge  state  logic  is  shown  in  the  lower  right 
corner  of  the  block  diagram,  which  is  composed  of 
several  digital  gates.  It  sequences  the  charger 
through  the  four  possible  states  of  operation  de- 
pending on  the  battery  voltage.  Information  about 


the  actual  operating  mode  of  the  charger  is  also 
provided.  The  status  information  can  be  easily  in- 
terfaced to  any  logic  family  due  to  the  open  col- 
lector structure  of  the  outputs  of  pin  STATO, 
STAT1 ,  and  STATLV.  (See  the  datasheet  for  de- 
tailed pin  descriptions.) 

The  precision  voltage  and  current  sensing  circuits 
are  shown  in  the  lower  left  corner  of  the  block  dia- 
gram. The  battery  voltage  is  compared  to  the  tem- 
perature compensated  reference  voltage  by  the 
voltage  error  amplifier  and  charge  enable  com- 
parator. Accurate  sensing  of  the  charge  current  is 
achieved  by  the  uncommitted  current  sense  ampli- 
fier, connected  to  the  CS+,  CS-  and  CSO  pins. 
The  use  of  this  amplifier  requires  a  low  value  re- 
sistor for  current  measurement.  Output  regulation 
is  accomplished  by  the  current  error  amplifier.  Its 
inverting  and  noninverting  inputs  are  connected  to 
the  output  of  the  current  sense  and  voltage  error 
amplifiers  through  external  resistors.  The  output  of 
the  current  error  amplifier  produces  the  appropri- 
ate control  parameter  for  the  PWM  controller. 
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The  PWM  control  section  consists  of  a  fast  com- 
parator, clock  generator,  latch  and  an  open  col- 
lector drive  stage.  The  comparator  circuit 
compares  the  output  of  the  current  error  amplifier 
to  the  sawtooth  derived  from  the  timing  capacitor 
waveform.  A  latch  is  set  by  the  clock  and  reset  by 
the  comparator  circuit  in  every  switching  cycle 
modulating  the  pulse  width  appearing  at  the  output 
of  the  controller.  This  modulation  of  the  output 
pulse  width  makes  output  voltage  and  output  cur- 
rent regulation  possible. 

The  remaining  part  of  the  block  diagram  performs 
numerous  housekeeping  functions,  such  as  under- 
voltage  lockout,  internal  bias  and  reference  gen- 
eration, temperature  sensor  linearization  and 
compensation  of  the  internal  voltage  reference 
according  to  the  battery  temperature. 

UC3909  DEMONSTRATION  CIRCUIT 

To  illustrate  the  capabilities  of  the  new  controller,  a 
full  featured,  switchmode  battery  charger  circuit 
has  been  developed  and  built  for  evaluation  pur- 
poses. 


The  power  stage  is  based  on  a  simple  buck  topol- 
ogy, reflecting  the  most  common  solution  used  in 
battery  chargers  today.  The  buck  converter  offers 
size  reduction  and  high  efficiency,  two  important 
advantages  of  switchmode  power  conversion. 
Practical  output  power  of  this  converter  type  is 
below  500W.  In  the  case  of  off-line  chargers,  line 
isolation  can  be  provided  by  60Hz  isolation  trans- 
former. For  higher  power  levels  the  buck  converter 
could  be  easily  replaced  by  other  isolated,  buck 
derived  topologies,  like  any  variation  of  the  forward 
or  bridge  type  converters.  Using  one  of  these  iso- 
lated conversion  techniques  will  eliminate  the  bulky 
60Hz  transformer  by  integrating  the  isolation  into 
the  high  frequency  power  stage.  The  design  pro- 
cedure, that  will  be  presented  in  this  Application 
Note  for  the  buck  configuration,  can  be  easily 
adapted  to  the  other  power  converters. 

The  usual  elements  of  the  buck  converter  can  be 
recognized  in  Figure  4.  They  are  Q1,  D2,  L1  and 
C5.  Other  components  in  the  power  stage  pertain 
to  additional,  application  specific  requirements.  D1 
prevents  the  discharge  of  the  battery  by  the  con- 


Figure  4.    Demonstration  Board  Schematic 
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trailer,  when  the  primary  power  source  is  absent. 
An  output  fuse,  Ft,  protects  the  circuit  against  the 
possible  hazards  when  the  battery  is  connected  to 
the  output  terminals  with  reverse  polarity.  The 
charge  current  is  measured  by  the  resistor,  R4  in 
the  ground  return  path.  The  controller  section  con- 
sists of  four  well  separable  circuits.  The  first  func- 
tional block  is  composed  of  R1,  D3,  Q3,  and  C1. 
These  components  provide  a  stabilized  voltage  for 
the  rest  of  the  control  circuitry. 

In  the  buck  converter,  the  controlled  switch,  Q1 ,  is 
located  between  the  positive  input  terminal  and  the 
common  node  of  the  freewheeling  diode,  D2,  and 
the  output  filter  inductor,  L1 .  There  are  many  dif- 
ferent components  which  could  be  used  as  a 
switch,  yet  for  efficient  operation  and  cost  consid- 
erations, an  N-channel  MOSFET  transistor  has 
been  selected.  To  interface  the  floating  switch  to 
the  ground  referenced  controller,  a  high  side  driver 
is  inevitable.  The  high  side  driver  circuit  consists  of 
U2,  D4,  D5,  R2,  C2,  Q2,  R22  and  R23.  Its  purpose 
is  to  level  shift  the  output  pulse  of  the  control  IC  to 
the  gate  of  the  MOSFET  transistor  with  minimum 
delays. 

All  the  functions  related  to  properly  charging  the 
battery  are  integrated  in  the  UC3909  controller. 
The  voltage  and  current  levels  which  determine  the 
actual  values  of  the  cutoff,  over-charge  and  float 
voltages,  as  well  as  the  trickle,  bulk  and  taper 
threshold  currents,  are  scaled  appropriately  by  the 
resistor  networks  around  the  IC.  The  role  of  those 
components  will  be  defined  in  the  next  chapter 
deliberating  the  design  procedure. 

The  last  section  is  the  charge  state  decoder  circuit. 
The  coded  information  of  the  two  outputs  of  the 
UC3909  is  translated  by  U3,  to  display  the  actual 
operating  mode  of  the  battery  charger. 

BATTERY  CHARGER  DESIGN 

The  complete  schematic  drawing  of  the  four  state, 
switchmode  battery  charger  is  shown  in  Figure  4. 
In  order  to  expedite  the  paper  design,  an  easy  to 
follow  design  procedure  has  been  established.  The 
step  by  step  instructions  can  guide  even  the  nov- 
ice users  through  the  calculations. 

Battery  Data 

By  the  time  the  designer  starts  the  circuit  design, 


the  type  of  the  battery  is  already  defined.  The  bat- 
tery selection  criteria  are  not  detailed  in  this  Appli- 
cation Note.  Nevertheless,  it  is  worthwhile  to  draw 
attention  to  some  of  the  circumstances  influencing 
the  decision.  Naturally,  the  most  important  pa- 
rameters are  the  voltage  and  current  requirements 
of  the  load  as  well  as  the  time  duration  while  the 
battery  has  to  be  able  to  supply  the  load  current. 
Furthermore,  the  user  has  to  consider  whether  the 
application  requires  frequent  charge  and  discharge 
cycles  or  the  battery  is  used  in  backup  mode, 
where  most  of  the  time  it  will  standby  in  its  fully 
charged  state.  The  available  time  for  recharging 
the  battery  is  also  a  significant  factor  to  determine 
the  applicable  algorithm,  and  charge  current  rates. 
Combination  of  all  these  conditions  will  define  the 
required  battery  and  some  of  the  battery  charger 
parameters. 

Once  the  battery  is  defined  we  can  obtain  the  first 
set  of  input  data.  From  the  battery  manufacturer's 
data  sheet,  more  frequently  through  several  tele- 
phone calls,  and  considering  some  application  re- 
lated conditions,  the  lines  of  Table  1  can  be  filled 
out. 

For  example,  the  demonstration  circuit  has  been 
designed  to  charge  a  Dynasty  JC1222  type  sealed 
lead-acid  battery  from  Johnson  Controls.  The 
nominal  voltage  is  12V,  the  capacity  of  the  battery 
is  2.2Ah.  Twelve  volt  batteries  contain  six  cells 
connected  in  series.  The  battery  has  a  tempera- 
ture coefficient  of  -3.9mV/°C.  Additional  input  pa- 
rameters, like  operating  temperature  range,  float, 
cutoff  and  over-charge  voltages  as  well  as  trickle, 
bulk,  and  over-charge  terminate  current  levels  can 
be  determined  from  the  application  requirements 
and  from  the  battery  data  sheet. 

The  completed  Battery  Data  section  is  shown  in 
Table  1.  The  trickle  current  level  corresponds  to 
the  previously  explained  safety  considerations  and 
it  equals  C/100.  A  bulk  charge  current  value  of 
800mA  is  given  by  the  battery  manufacturer  [8] 
and  is  used  instead  of  the  C/2  value,  noted  in  the 
respective  equation  in  Table  1 . 

The  over-charge  period  will  be  terminated  when 
the  current  tapers  off  to  one  fourth  of  the  bulk  cur- 
rent. Maximum  output  power  of  the  battery  charger 
is  listed  in  the  last  row  of  Table  1 . 
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Parameter 

Description 

Definition 

Value/Part* 

Battery  Data 

JC1222 

V 

Nominal  Battery  Voltage 

12V 

NC 

Number  Of  Cells 

connected  in  series  within  the  battery 

6 

Crate 

Battery  Capacity 

use  C/1 0  capacity; 
from  battery  datasheet 

2.2  Ah 

Vc 

Cell  Float  Voltage 

@25°C,  fully  charged; 
from  battery  datasheet 

2.275V 

Vc.MAX 

Maximum  Cell  Voltage 

@25°C,  over-charge  limit; 
from  battery  datasheet 

2.43V 

Vc.MIN 

Minimum  Cell  Voltage 

@25°C,  fully  discharged; 
from  battery  datasheet 

l./bV 

'trickle 

Trickle  Charge 
Current  Limit 

'TRICKLE  =  001  CRATE' 

typical  or  use  battery  datasheet 

22mA 

Ibulk 

Bulk  Charge 
Current  Limit 

'bulk  =  0  5  CRATE  ; 

typical  or  use  battery  datasheet 

0.8A 

IoCT 

Over-Charge  Terminate 
Current  Threshold 

'oct  =  025 ' 'bulk  i 

typical  or  use  battery  datasheet 

0.2A 

TC 

Cell  Voltage  Temperature 
Coefficient 

typical  value;  the  thermistor  linearizer  circuit  is 
calibrated  for  this  temperature  coefficient 

-3.9  mV/°C 

Tmin 

Minimum  Operating 
Battery  Temperature 

refer  to  your  application  requirements 

-10°C 

Tmax 

Maximum  Operating 
Battery  Temperature 

refer  to  your  application  requirements 

+50°C 

V 

Battery  Float  Voltage 

VBAT=VC  NC; 

nominal,  @  25°C  battery  temperature 

13.65V 

Vbat.min 

Minimum  Battery  Voltage 

Vbatmin  =  [VC,MIN  +(tmax  -25)  TC]  nC  ; 
@  Tmax;  fully  discharged 

9.92V 

Vbat.max 

Maximum  Battery  Voltage 

VBAT,MAX  =  [VC,MAX  +  (TMin  -  25)  ■  TC]  ■  NC  ; 
@  TUIN;  fully  charged 

15.40V 

PCH.MAX 

Maximum  Output  Power 

PCH,MAX  =  'BULK  '  VBAT,MAX 

12.3W 

Table  1 .  Battery  Charger  Input  Parameters 

Buck  Converter  Operating  Conditions 

The  battery  charger  circuit  of  the  UC3909  is  based 
on  the  buck  topology.  Before  the  component  val- 
ues of  the  power  stage  can  be  calculated,  the  ba- 
sic operating  parameters  must  be  defined. 

The  output  voltage  range  is  listed  in  Table  1  as 
Vbat.min  and  Vbat.max  determined  primarily  by  the 
operating  temperature  range  and  the  battery  tech- 
nology. On  the  other  hand,  input  voltage  variation 
depends  on  the  power  source.  For  this  particular 
example,  assume  a  60Hz  line  isolation  transformer 
with  the  optimized  step  down  ratio.  At  minimum 
line  voltage,  it  provides  18V  DC  voltage  after  recti- 
fication. Taking  into  account  nominal  tolerances, 


the  input  voltage  of  the  converter  at  high  line  con- 
dition will  be  approximately  30V  DC.  From  the 
minimum  and  maximum  values  of  the  input  and 
output  voltages,  the  steady  state  duty  ratio  limits 
are  calculated  (D=0.37  ...  0.89)  as  shown  in  Table 
2. 

At  this  point,  the  switching  frequency  of  the  con- 
verter has  to  be  chosen.  The  trade-offs  involved  in 
the  frequency  selection  are  numerous.  The  pri- 
mary factors  are  the  speed  of  the  prospective 
semiconductors,  the  capabilities  of  the  controller, 
maintaining  high  efficiency  in  wide  load  current 
variations,  power  level  and  the  size  of  the  output 
inductor  and  capacitors. 
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Parameter 

Description 

Definition 

Value/Part# 

Buck  Converter  Operating  Parameters 

ViN.MIN 

Minimum  Input  Voltage 

18V 

\/ 

VIN.MAX 

Maximum  Input  Voltage 



30V 

fs 

Switching  Frequency 

50kHz 

IJ 

VD1F 

D1  Diode  Forward 
Voltage  Drop  (estimate) 

©luu  u  witn  i bulk 

0.59V 

VD2F 

D2  Diode  Forward 
Voltage  Drop  (estimate) 

@100°C  with  Ibulk 

0.73V 

Dmax 

Maximum  Duty  Ratio 

n            VBAT.MAX  +  VD1 F  +  VD2F 
MAX  ~         w  w 

VIN,MlN  +  VD2F 

0.89 

Dmin 

Minimum  Duty  Ratio 

D          VBAT,MIN  +  VD1 F  +  VD2F 

MIN  vINMAX+vD2F 

0.37 

Table  2.     Buck  Converter  Operating  Parameters 

For  example,  the  upper  limit  of  the  operating  fre- 
quency is  bound  to  the  capabilities  of  the  slowest 
components.  In  the  demonstration  circuit,  the  high 
side  gate  driver  circuit  can  be  conveniently  oper- 
ated up  to  1 50kHz  operating  frequency.  Since  the 
buck  converter  is  a  hard  switched  topology,  the 
operating  frequency  has  a  significant  effect  on  the 
efficiency.  Considering  that  most  of  the  time  the 
charger  supplies  light  output  load,  further  reduction 
of  the  switching  frequency  is  desirable  to  maintain 
decent  efficiency  in  this  operating  modes. 

While  reducing  the  switching  frequency  has  a 
beneficial  effect  on  efficiency,  at  the  same  time  the 
size  of  the  output  inductor  and  capacitors  are  in- 
creasing. The  compromise  between  the  size  of  the 
reactive  circuit  components  and  light  load  effi- 
ciency in  trickle  and  float  charge  modes  led  to  a 
moderate  switching  frequency  selection  of  50kHz. 

Power  Stage  Design 

Table  3  summarizes  the  design  procedure  of  the 
power  components.  The  bold  entries  shall  be  cop- 
ied over  to  the  part  list  directly.  The  respective 
equations  are  included,  and  they  make  use  of  vari- 
ables defined  in  Table  1  and  Table  2,  or  by  the 
previous  lines  in  Table  3. 

Semiconductors 

First,  the  three  semiconductor  devices  are  se- 
lected. Their  voltage  and  current  ratings  are  based 
on  the  maximum  input  and  output  voltages  and  on 
the  bulk  charge  current.  The  minimum  current  rat- 
ings given  in  Table  3  assure  appropriate  margins 
for  reliable  operation.  Using  higher  current  compo- 
nents improves  efficiency  but  also  might  increase 
cost. 


After  the  part  number  is  chosen,  power  dissipation 
estimates  are  given  based  on  the  actual  voltage, 
current,  and  device  parameters.  The  diode  D1  car- 
ries the  DC  output  current,  therefore  its  dissipation 
is  strictly  conduction  loss.  The  other  two  semicon- 
ductors are  part  of  the  switching  circuit,  hence  their 
power  dissipation  is  calculated  by  adding  their  re- 
spective conduction  and  switching  losses. 

Note  that  estimating  switching  losses  on  device 
parameters  can  be  fairly  inaccurate.  This  can 
cause  a  significant  difference  between  the  esti- 
mated and  real  switching  losses  especially  at 
higher  operating  frequencies. 

Output  Inductor 

The  inductance  of  the  output  choke  has  been  cal- 
culated by  choosing  the  maximum  ripple  compo- 
nent of  the  inductor  current.  In  a  general  purpose 
buck  converter,  unless  extreme  noise,  core  loss  or 
application  specific  requirements  would  dictate 
otherwise,  the  rule  of  thumb  is  25%  to  35%  of  the 
DC  current  value  is  acceptable  for  ripple  current 
content.  Although  battery  manufacturers  are  con- 
cerned about  using  AC  currents  to  charge  the 
battery,  they  usually  refer  to  frequencies  below 
1kHz.  The  DC  output  current  with  superimposed 
AC  components  of  the  switchmode  chargers,  at 
considerably  higher  frequencies,  will  be  averaged 
by  the  slow  chemical  processes  inside  the  battery. 

Input  Capacitor 

The  value  of  the  input  energy  storage  capacitor 
depends  on  the  tolerable  ripple  and  noise  voltage 
at  the  input  of  the  converter,  and  a  function  of  the 
hold-up  requirements.  It  is  especially  important  for 
AC  operated  chargers  where  the  energy  is  avail- 
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able  in  120Hz  repetitions,  while  the  output  has  to 
be  supplied  continuously. 

The  situation  is  somewhat  different  if  the  charger  is 
part  of  a  distributed  power  system  where  an  al- 
ready regulated  voltage  with  reasonable  energy 
storage  capability  is  available  for  the  circuit.  In  this 
case,  the  ripple  current  handling  capability  of  C3, 
and  the  noise  requirements  will  determine  the 
value  of  the  input  capacitor. 

In  Table  3,  the  value  of  the  selected  input  capacitor 
is  based  on  its  rms  current  handling  capability.  The 
UC3909  demonstration  circuit  will  operate  properly 
when  it  is  connected  to  a  laboratory  power  supply, 
but  will  require  a  larger  input  capacitance  in  off-line 
applications. 

Output  Capacitor 

There  are  numerous  factors  determining  the  output 
capacitor  value.  The  various  noise  requirements  at 
the  output  of  the  converter,  the  acceptable  output 
voltage  sag  during  the  time  interval  when  the  ca- 
pacitor contributes  to  supply  the  load  current,  and 
loop  stability  criteria.  Fortunately,  for  all  practical 
purposes,  the  output  capacitor  of  a  battery  charger 
loses  its  importance  since  it  is  connected  in  paral- 
lel with  the  battery.  The  battery  is  considered  as  a 
low  impedance  voltage  source  with  great  high  fre- 
quency filtering  capabilities,  taking  over  the  tradi- 
tional functions  of  the  output  capacitor. 

The  output  capacitor,  C5  of  the  demonstration  cir- 
cuit was  chosen  to  handle  the  rms  value  of  the 
ripple  current  component  in  the  output  inductor,  L1 
and  to  provide  appropriate  filtering  in  the  absence 
of  the  battery. 

FIC  Damping  Circuit 

Due  to  the  nonideal  nature  of  the  switching  action 
in  all  hard  switching  topologies,  excessive  switch- 
ing spikes  can  develop  across  the  semiconductors 
of  the  circuit  during  the  switching  time  interval.  The 
reduction  of  this  voltage  stress  is  accomplished  by 
an  RC  snubber  circuit  consisting  of  R3  and  C4  of 
the  demonstration  circuit.  The  complex  optimiza- 
tion of  the  RC  network  is  assisted  by  reference  [6]. 
Proper  operation  of  the  snubber  circuit  also  de- 
pends on  the  layout  and  the  parasitic  components 
of  the  switching  circuit.  Table  3  gives  two  equa- 
tions to  calculate  the  component  values  of  R3  and 


C4  as  a  starting  point.  Further  optimization  of 
these  component  values  might  be  desirable  based 
on  measurement  results. 

Note,  that  a  tight  layout  of  the  critical  components 
C18,  Q1  and  D2,  and  using  an  ultra  fast  rectifier 
diode  are  also  essential  to  keep  unwanted  switch- 
ing spikes  under  control. 

Current  Sense 

The  accurate  control  of  the  output  current  is  one  of 
the  most  important  functions  of  the  battery 
charger.  It  is  achieved  by  the  UC3909  control  IC 
using  average  current  mode  control.  An  exact 
measurement  of  the  current  flowing  in  the  output 
inductor,  L1  is  required.  Therefore,  a  low  value 
current  sense  resistor,  R4  is  placed  in  the  ground 
return  path,  between  the  anode  of  D2  and  the 
negative  electrode  of  the  output  capacitor,  C5.  The 
voltage  developed  across  R4  is  proportional  to  the 
inductor  current,  and  used  by  the  controller  to 
regulate  the  trickle  and  bulk  charge  current  levels 
as  well  as  to  provide  current  limiting  during  over- 
load operation. 

The  value  of  the  current  sense  resistor  is  deter- 
mined to  satisfy  two  conditions.  The  first  constraint 
is  to  limit  the  maximum  voltage  across  R4  below 
350mV  when  full  output  current  is  delivered.  This  is 
required  by  the  UC3909  to  prevent  the  current 
sense  amplifier  from  saturation.  The  second  re- 
striction is  the  power  dissipation  of  R4.  In  Table  3, 
the  power  dissipation  of  the  current  sense  resistor 
was  set  to  1.5%  of  the  maximum  output  power. 
This  assumption  was  made  to  balance  between 
two  opposing  requirements,  namely  to  maintain 
high  efficiency  and  to  provide  the  highest  signal 
level  across  R4,  thus  to  improve  noise  immunity  of 
the  circuit.  The  maximum  power  dissipation  equa- 
tion of  R4  might  have  to  be  revised,  especially  in 
higher  power  applications,  due  to  component  rat- 
ings and  efficiency  considerations. 

Output  Fuse 

The  fuse  in  series  with  the  output  of  the  battery 
charger  is  intended  to  prevent  catastrophic  failure 
if  the  battery  is  connected  to  the  charger  with  re- 
versed polarity.  The  fuse  has  to  be  selected  with 
sufficient  safety  margin  to  carry  the  full  charge  cur- 
rent, but  disconnect  the  output  quickly  in  case  of 
excessive   currents   drawn   from   the  battery. 
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Parameter 

Description  Definition 

Value/Part# 

Power  Stage  Design 

VRUM (D1) 

Diode  Breakdown  Voltage 
(minimum) 

VRRM  -1-5  VBAT,MAX 

(pick  the  next  higher  standard  value) 

(23.1V) 
50V 

lo.MIN  (D1) 

Diode  Current  Rating 
(minimum) 

'o.MIN  =2IBULK 

1.6A 

D1 

Discharge  Protection  Diode 

Select  general  purpose  diode. 

GI750CT 

Pd, 

Diode  Power  Dissipation 
(approximate  value  for 
heatsink  selection) 

PD1  =IBULK  VD1F 

(assuming  100°C  junction  temperature) 

0.5W 

VRMM  (D2) 

Diode  Breakdown  Voltage 
(minimum) 

VRRM  =  1  5  VIN,MAX 

(pick  the  next  higher  standard  value) 

(45V) 
50V 

Io.min  (D2) 

Diode  Current  Rating 
(minimum) 

'o.min  =  2  'bulk 

1.6A 

D2 

Buck  Freewheeling  Diode 

Select  ultra  fast  switching  diode. 

MUR610 

Diode  Reverse  Recovery 
Time 

catalog  data;  @  LIM1, ;  approximate  value 

0              '           BULK  '  ~r 

35ns 

Irrm 

Diode  Peak  Reverse 
Recovery  Current 

catalog  data;  @  L,„  „ ;  approximate  value 

f            '          BULK  '  rr 

0.5A 

PD2 

Diode  Power  Dissipation 
(approximate  value  for 
heatsink  selection) 

PD2=IBULK'(1-DmIn)'VD2F  + 
+  0.25  ■  lRRM  -  V|N  max  tRR  % 

0.38W 

Vdss  (QD 

Switch  Breakdown  Voltage 
(minimum) 

Mdss  = 15  Mn.max 

(pick  the  next  higher  standard  value) 

(45V) 
50V 

Id.min  (Q1) 

Transistor  Current  Rating 

'd.min  =  4 ''bulk 

3.2A 

(minimum) 

Q1 

Buck  Main  Switch 

Select  the  MOSFET  transistor 

IRFZ14 

Rdson  (Q1) 

Switch  ON  Resistance 

catalog  data;  @25°C,  typical  value 

200mO 

Coss  (Q1) 

Drain  Source  Capacitance 

catalog  data;  typical  value 

160pF 

Igate 

Gate  Charge/Discharge 

approximate,  average  value 

0.8A 

Qgs(Q1) 

Gate-To-Source  Charge 

catalog  data 

3.1nC 

Qgd  (Q1) 

Gate-To-Drain  Charge 

catalog  data 

5.8nC 

•off!  toN 

Approximate  Switching 
Times 

,       _  t     -  ^gs  +C:GD 
lOFF     lON  1 

'gate 

12ns 

Pq, 

Switch  Power  Dissipation 
(approximate  value  for 
heatsink  selection) 

PQ1  =  'BULK  '  DMAX  '  RDSON  1  5  + 
+  0.5  Coss  Vinmax  fg  + 

Viw  MAX  '  'rI  II  K 

+    ,NM  2   BU      ■  (t0FF  +  t0N  +  W  ■  fS 

0.21W 

Phs 

Heatsink  Power  Dissipation 

PHS  =  PD1  +  PD2  +  PQ1 1  worst  case,  estimate 

1.1W 

A I  l,  MAX 



Inductor  Ripple  Current 

a'li  max  =  0.4 ■  Irijik  ;  typical  value 

0.32A 

L1 

Buck  Inductance 

L1  Mn.max 

AIL1,MAX-4fS 

(0.47mH) 
0.4mH 

Ili.peak 

Inductor  Peak  Current 

,           1       ,  Mn.max 

L1.PEAK     'BULK  +  g  L1  ^ 

1A 

L1 



Buck  Filter  Inductor 

Check  vendor's  list  for  off  the  shelf  part  number 
or 

design  you  inductor  according  to  the  values  above 

 1 

PCV-2-400-05 

(Coiltronics) 
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Parameter 

Description 

Definition 

Value/Part# 

VC3 

Input  Capacitor  Voltage 
Rating 

VC3  =1-5  VIN,MAX 

(pick  the  next  higher  standard  value) 

(45V) 
50V 

lc3.RMS 

Input  Capacitor  RMS 
Current 

'C3,RMS  =  0  5  'bulk 
(worst  case  @  fs;  D=0.5) 

0.4A 

C3 

Input  Capacitor 
(electrolytic) 

High  frequency  type,  i.e.  Panasonic  HFQ  series 
(see  text  for  value  considerations) 

680nF/35V 

C18 

High  Frequency  Bypass 
Capacitor  For  Switches 

Polypropylene  or  stacked  metallized  film. 
Minimum  voltage  rating  equals  Vc3. 

1uF/63V 

VC5 

Output  Capacitor  Voltage 
Rating 

^C5  =  1  -5  ■  Vbat.max 

(pick  the  next  higher  standard  value) 

(23.1V) 
25V 

IC5,RMS 

Output  Capacitor  RMS 
Current 

,            _  VIN,MAX 

'C5  RMS  "  VT92  fs  L1 

108mA 

C5 

Output  Capacitor 
(electrolytic) 

High  frequency  type,  i.e.  Panasonic  HFQ  series 
(see  text  for  value  considerations) 

470liF/25V 

Rc5,ESR 

Output  Capacitor's  ESR 

from  datasheet 

65mO 

Psn.MAX 

Snubber  Power  Dissipation 

PSN.MAX  =PCH,MAX  0.015 

assume  1 .5%  of  full  output  power 

0.185W 

VC4 

Snubber  Capacitor  Voltage 
Rating 

VC4  =1.5V,NMAX 

(pick  the  next  higher  standard  value) 

(45V) 
63V 

C4 

Snubber  Capacitor 
(polypropylene  or  metal- 
lized film) 

^  *     2 '  PsN  MAX 
VIN,MAX  fS 

(pick  the  closest  standard  value) 

(8.2nF) 
10nF 

R3 

Snubber  Resistor 
(noninductive) 

R3  — 

16  7T  fs  C4 
(pick  the  closest  standard  value) 

(39.8£2) 
39Q 

PR4.MAX 

Current  Sense  Resistor 
Power  Dissipation 

PR4,MAX  =  PCH.MAX  "  0  01  5 

assume  1 .5%  of  full  output  power 

0.1 85W 

R4 

Current  Sense  Resistor 
(RS) 

(noninductive) 

R4<    035  /\A/DR4<Pr24MAX 
'u.PEAK  'BULK 

(pick  the  next  lower  standard  value) 

(291  mQ) 
270m£i 
(RCD  type: 
RSF1B) 

F1 

Output  Fuse  Rating 
(fast  acting  type) 

lF1  =  1.25  Ibulk 

(pick  the  next  higher  standard  value) 

(1.0A) 
1A 

Table  3.     Buck  Converter  Power  Stage  Components  Design  Sheet 


Controller  Design 

The  controller  design  is  described  in  Table  4.  In- 
structions are  organized  by  the  functional  blocks  of 
the  circuit.  This  procedure  is  similar  to  the  one  ex- 
plained in  the  power  stage  design.  All  the  equa- 
tions use  parameters  calculated  or  entered  in  the 
previous  three  tables  or  the  preceding  lines  of  Ta- 
ble 4. 

Auxiliary  Power  Supply 

The  purpose  of  this  circuit  is  to  provide  a  stabilized 
voltage  for  the  gate  drive  IC  and  for  the  UC3909 
controller  circuits.  The  auxiliary  voltage  has  to  be 


higher  than  7.8V,  the  undervoltage  lockout  of  the 
UC3909.  Furthermore,  the  auxiliary  voltage  has  to 
be  suitable  to  drive  the  gate  of  the  MOSFET  switch 
directly,  limiting  the  voltage  level  below  18V.  The 
auxiliary  voltage  of  the  demonstration  circuit  is 
approximately  14.5V,  to  satisfy  both  requirements 
with  appropriate  margins. 

The  circuit  configuration  shown  in  Figure  4  as- 
sumes that  the  minimum  input  voltage  is  higher 
than  the  auxiliary  voltage.  In  this  case,  R1  biases 
D3  to  the  zener  voltage,  and  provide  the  base  cur- 
rent to  Q3.  The  auxiliary  voltage  will  be  equal  to 
the  zener  voltage  minus  the  base  emitter  voltage 


3-498 


APPLICATION  NOTE  U-155 


of  Q3.  The  advantage  of  this  solution  is  that  the 
controller  supply  current  flowing  through  Q3,  is 
independent  from  the  input  voltage. 

For  completeness,  it  should  be  mentioned  that 
there  are  other  solutions  to  power  the  controller 
section  of  the  battery  charger.  The  actual  solution 
has  to  take  into  account  the  operating  input  voltage 
range,  the  selected  gate  drive  technique  and  the 
type  of  semiconductor  used  in  place  of  Q1.  For 
example,  using  a  P-channel  MOSFET  transistor 
will  require  a  different  gate  drive  technique  but  will 
allow  the  user  to  omit  the  auxiliary  supply  and  to 
power  up  the  UC3909  directly  from  the  input  volt- 
age. Note  that  even  in  this  case  auxiliary  power 
supply  might  be  necessary  if  the  maximum  input 
voltage  exceeds  the  VCC  rating  of  the  controller. 

MOSFET  Gate  Drive 

The  gate  drive  circuit  is  based  on  the  IR2125,  High 
Voltage  High  Side  Gate  Driver  integrated  circuit 
from  International  Rectifier.  The  different  consid- 
erations for  designing  the  circuit  are  outlined  in  the 
IR2125  datasheet,  [7],  and  are  used  in  the  compo- 
nent selection.  The  given  part  values  are  applica- 
ble for  switching  frequencies  above  10kHz  and 
limited  below  approximately  150kHz.  Using  the 
IR2125  is  possible  for  input  voltages  below  500V 
due  to  the  voltage  rating  of  the  device. 

There  is  one  design  aspect  regarding  the  gate 
drive  circuit  which  needs  to  be  clarified.  The 
IR2125  like  all  other  high  side  driver  IC  working 
with  the  bootstrapping  principle  monitors  the  volt- 
age across  the  bootstrap  capacitor  to  ensure  suffi- 
cient voltage  for  turning  on  the  MOSFET  transistor. 
The  first  pulse  appears  at  the  gate  when  both  volt- 
ages, VCC  with  respect  to  ground  and  VB  with 
respect  to  the  VS  pin  are  above  their  respective 
undervoltage  lockout  thresholds.  Thus,  precharg- 
ing  the  bootstrap  capacitor,  C2  is  imperative  to  get 
the  circuit  initially  running.  During  normal  opera- 
tion, C2  is  charged  instantaneously  through  the 
conducting  rectifier  diode,  D2.  Conversely,  at  start- 
up D2  will  prevent  charging  the  bootstrap  capaci- 
tor. Fortunately  the  problem  can  be  solved  by  a 
large  value  resistor,  R23  connected  between  the 
VS  pin  of  the  IR2125  and  the  ground  of  the  circuit. 

Differential  Output  Voltage  Sense 

The  differential  voltage  sense  block  is  optional. 
Several  trade-offs  will  be  discussed  in  a  later 
chapter  together  with  other  practical  considera- 
tions. Adding  a  simple  operational  amplifier  and  a 


couple  of  resistors  provides  tighter  output  voltage 
regulation  and  remote  sensing  capability  to  the 
charger. 

The  design  of  the  differential  voltage  sense  circuit 
has  to  satisfy  two  conditions.  The  gain  of  the  am- 
plifier must  be  higher  than  the  reciprocal  value  of 
the  number  of  cells  connected  in  series  in  the  bat- 
tery. This  assures  that  the  output  voltage  of  the 
differential  amplifier  is  compatible  with  the  voltages 
expected  by  the  UC3909.  A  second  condition  is 
given  in  Table  4  ensures  that  the  inputs  of  the  dif- 
ferential amplifier  stage  will  be  kept  within  their 
common  mode  voltage  range  at  any  possible  bat- 
tery voltage.  The  actual  gain,  within  these  two  lim- 
its, can  be  determined  by  the  user. 

Note  that  the  gain  of  the  amplifier,  "A",  will  be  used 
in  the  subsequent  lines  of  Table  4.  Therefore,  even 
if  the  differential  amplifier  stage  is  omitted,  the 
value  of  "A"  shall  be  made  equal  to  1,  and  used  for 
the  rest  of  the  calculations. 

Housekeeping  and  Battery 
Temperature  Sensing 

The  oscillator  frequency  is  set  by  C8  and  R8,  and 
the  UC3909  datasheet  contains  the  exact  timing 
equations.  In  Table  4,  the  timing  equation  is  al- 
ready solved  for  easily  available  capacitor  values 
and  for  the  most  common  frequency  range.  First 
the  user  selects  the  appropriate  capacitor  value 
based  on  the  switching  frequency  defined  in  Table 
2.  Then  the  value  of  R8  is  calculated,  since  resis- 
tor values  are  available  in  much  finer  steps  than 
those  of  the  capacitors. 

In  the  demonstration  circuit  the  battery  tempera- 
ture variation  is  simulated  by  the  RP1  potentiome- 
ter. For  actual  temperature  compensation,  it  shall 
be  substituted  by  a  L1 005-5744-1 03-D1  type 
thermistor  from  Keystone  Carbon  Co.  [11]  or 
equivalent.  Since  the  resistance  of  the  thermistor 
should  represent  the  battery  temperature,  it  is 
usually  mounted  on  or  in  the  vicinity  of  the  battery. 
To  facilitate  this,  a  two  pin  header,  P4  is  provided 
for  convenient  connection  of  the  temperature  sen- 
sor. 

Current  Limitation 

Four  resistors  R9,  R10,  R11,  and  R12  program  the 
three  critical  current  levels,  as  defined  in  Table  1. 
A  battery  charger  operates  in  current  limited  mode 
during  trickle  and  bulk  charge.  The  corresponding 
two  current  levels  are  the  trickle  current,  Ijrickle 
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and  the  bulk  charge  current,  I  bulk-  A  third  distinct 
current  level  is  the  taper  current  threshold,  I0ct 
where  the  IC  will  switch  from  over-charge  to  float 
charge  regime. 

The  accuracy  of  the  different  current  levels  de- 
pends on  component  tolerances  and  on  some  of 
the  parameters  of  the  control  IC.  Tolerances  of  the 
external  resistors  can  be  controlled  by  the  appro- 
priate part  selection  but  the  internal  offsets  and 
tolerances  of  the  UC3909  are  out  of  hand  for  the 
designer.  The  largest  error  term  inside  the  IC  is  the 
offset  of  the  current  sense  amplifier.  Its  effect  is 
especially  significant  in  trickle  charge  mode  and  at 
low  current  levels  when  the  measured  current  sig- 
nal is  in  the  same  order  of  magnitude  than  the  in- 
put offset  of  the  operational  amplifier.  For  that 
reason,  the  initial  accuracy  of  the  trickle  charge 
current  limit  can  be  in  the  neighborhood  of  ±30%. 
As  the  output  current  increases  the  accuracy  im- 
proves rapidly  and  it  is  around  ±5%  at  full  current 
assuming  1%  resistor  tolerances. 

Fortunately,  in  the  battery  charger  application,  only 
the  bulk  charge  current  has  to  be  controlled  pre- 
cisely. The  tolerances  of  the  other  two  current  val- 
ues might  influence  the  transitions  between  the 
charge  regimes  but  do  not  represent  a  danger  to 
the  battery. 

Setting  The  Output  Voltages 

The  deep  discharge  threshold  or  cutoff  voltage, 
over-charge  voltage  and  float  voltage  are  defined 
by  the  resistor  network  of  R15,  R16,  R17,  and 
R18,  connected  to  the  feedback  pin  of  the 
UC3909.  There  are  two  different  setup  possibilities 
depending  on  whether  the  differential  voltage 
sense  circuit  is  used  or  omitted.  With  differential 
sensing,  the  calculated  value  of  R15  resistor  is 
placed  in  the  position  marked  R15A,  using  the  sig- 
nal of  the  output  of  the  operational  amplifier,  U4, 
for  voltage  regulation.  In  case  of  direct  sensing  of 
the  output,  the  position  R15B  must  be  used  in- 
stead. In  order  to  provide  tight  tolerances  of  the 
three  voltage  levels,  using  1%  resistors  is  recom- 
mended. 

Closing  The  Current  Loop 

"Closing  the  loop"  is  a  frightening  topic  for  many 
power  supply  designers.  The  detailed  analysis  of 
how  to  implement  optimum  loop  compensation  of 
the  average  current  mode  controller  is  beyond  the 
scope  of  this  Application  Note.  Nevertheless  some 


excellent  reference  materials  and  design  guide  are 
listed  in  the  Reference  section  of  this  paper  [3],  [4] 
and  [5].  These  articles  cover  not  only  the  design 
criteria  of  the  average  current  control  loop  used  in 
the  UC3909,  but  also  explain  the  critical  issues 
related  to  closing  the  voltage  loop  of  the  controller. 

Using  the  procedure  outlined  in  [3],  closed  form 
equations  can  be  derived  for  all  feedback  compo- 
nents and  they  are  given  in  Table  4. 

Voltage  Loop  Compensation 

The  voltage  loop  of  the  demonstration  circuit  is 
compensated  very  conservatively  for  stability  un- 
der wide  operating  conditions  by  introducing  a 
dominant,  low  frequency  pole  to  the  system.  The 
voltage  loop  crossover  frequency  is  designed  to  be 
around  1kHz,  which  will  result  in  a  quite  slow  re- 
sponse to  fast  output  voltage  variations.  However, 
the  circuit  performance  is  still  acceptable  since 
battery  charging  does  not  impose  severe  transient 
requirements  on  the  power  supply. 

Note,  that  the  equations  given  in  Table  4  are  suit- 
able to  implement  stable  voltage  loop  compensa- 
tion but  far  from  achieving  the  maximum  bandwidth 
or  best  transient  behavior. 

Charge  State  Decoder 

The  battery  charger  progresses  through  four  dif- 
ferent operating  modes  which  are  related  to  the 
status  of  the  charging  process  and  to  the  replaced 
capacity  of  the  battery.  This  information  can  be 
further  processed  to  reveal  vital  information  about 
the  condition  of  the  battery,  to  estimate  the  re- 
maining charge  time,  and  possibly  to  record  the 
history  of  the  battery.  The  UC3909  can  signal  the 
actual  charge  state  in  binary  coded  form  on  the 
STATO  and  STAT1  outputs.  A  truth  table  for  de- 
coding the  status  bits  is  given  in  the  datasheet. 

For  the  users  convenience,  a  simple  charge  state 
decoder  is  implemented  in  the  demonstration  cir- 
cuit. The  decoding  function  is  performed  by  an  in- 
expensive integrated  circuit,  U3.  According  to  the 
STATO  and  STAT1  outputs  of  the  UC3909,  one  of 
its  outputs  are  activated,  which  will  cause  one  of 
the  four  transistors  of  Q4  -  Q7,  and  respective  light 
emitting  diodes  to  turn  on.  Each  LED  corresponds 
to  one  of  the  four  charge  states  as  marked  on  the 
printed  circuit  board.  The  resistors  R6  and  R5  are 
intended  to  set  the  LED  currents  and  to  reduce  the 
voltage  across  the  collector  and  the  emitter  termi- 
nals of  the  transistors. 
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Parameter 

Description                    |  Definition 

Value/Part# 

Controller  Part  Values 

C6,  C7,  C13, 
C14,  C15, 
C16,C17 

Bypass  Capacitors 

X7R  monolithic  ceramic  capacitors. 
Minimum  voltage  rating  25V. 

100nF/63V 

Auxiliary  Power  Supply 

D3 

Auxiliary  Voltage  Stabilizer 

VZ  =  15V;  zener  diode;  1W/5% 

1N4744A 

Vceo  (Q3) 

Collector  Emitter 
Breakdown  Voltage 



VCE0=1-5(V,N.MAX-VZ) 

(select  the  next  higher  standard  value) 

30V 

03 

Auxiliary  Power  Bypass 

Select  general  purpose  NPN  transistor. 

2N3904 

R1 

Zener  Bias  Resistor 

R1  _  Mn,min  ~- 
2  10"3 

1.5k£2 

Pm 

Zener  Bias  Resistor 
Power  Dissipation 

_  (Mn.max_vz) 
Pr1"  R1 

0.1 5W 

C1 

Auxiliary  Power  Storage 
Capacitor 

Aluminum  electrolytic  capacitor. 
Minimum  voltage  rating  25V. 

82uF/25V 

Gate  Drive 

U2 

International  Rectifier 

High  Voltage  High  Side  MOS  Gate  Driver 

IR2125 

C2 

Bootstrap  Capacitor 

Stacked  metallized  film  capacitor. 
Minimum  voltage  rating  25V. 

0.15uF/50V 

D4,  D5 

Switching  Signal  Diodes 

Select  high  speed  signal  switching  diodes. 

1N4148 

Q2 

Gate  Drive  Inverter 

Select  small  signal  MOSFET  transistor. 

2N7000 

R2 

Gate  Resistor  for  Q1 

4.7fi 

R21,  R22 

Gate  Drive  Pull  Up  Resis- 
tors 

1k£2 

R23 

Bootstrap  Precharger 

1k£2 

R30 

Gate  Pull  Down  Resistor 

10k£2 

Differential  Voltage  Sense  -  Optional 

U4 

National  Semiconductor 

Dual  Single  Supply  Operational  Amplifier 

LM358N 

Ifb,max 

Maximum  Current  Through 
Feedback  Resistors 

150uA 

R24,  R27 

Voltage  Sense  Resistors 

R24  =  R27=  Vbat 
'fb.max 

91k£2 

R28,  R29 

Voltage  Sense  Resistors 

R28  =  R29  =  0.001  R24 

91  £2 

R25,  R26 

Voltage  Sense  Divider 

R25  =  R26  =  A  R24; 

where  A  must  be     -r—  <  A  <  — — — — 

NC  VBAT,MAX 

30kQ 

A 

Gain  Of  Voltage  Sense 
Amplifier 

R25 

A  =  ;  A=1  if  amplifier  is  omitted. 

R24  +  R28 

0.3297 

Charger  Control  Section  -  IC  Setup  -  Housekeeping  And  Temperature  Sensing 

U1 

Unitrode 

Switchmode  Lead-Acid  Battery  Charger  IC 

UC3909N 

C8 

Timing  Capacitor,  CT 

fs<  25  kHz  5.6nF 
25  kHz<fs<  50  kHz  3.3nF 
50  kHz<fs<110kHz  1.5nF 
1 1 0  kHz  <  fs  <  220  kHz  680pF 

1.5nF 

R8 

RSET 
Oscillator 

R8=  1 
1.2-68-% 

11k£2 
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Parameter 

Description 

Definition 

Value/Part# 

R7 

Reference  Resistor  For 
The 

Thermistor  Linearizer 

Select  1%,  low  temperature  coefficient  type. 

10k£2 

RP1 

Thermistor  Emulation 
Potentiometer 

Select  10  turns  potentiometer  for  fine  resolution. 
(Set  initial  value  to  10kQ  before  putting  it  in.) 

50k£2 

Charger  Control  Section  -  IC  Setup  -  Current  Levels 

R9 

OVCTAP  Set  Resistor 
(ROVC2) 

Noncritical;  use: 

100k£2 

R10 

OVCTAP  Set  Resistor 
(ROVC1) 

R10  =  1.8518  l0CT  R4  R9 

10kfl 

R11 

Trickle  Current  Limit  Set 
Resistor  (RG1) 

R11=  43.4783  lTmcKLE  R4  R8 

2.7k£i 

R12 

Bulk  Current  Limit  Set 
Resistor  (RG2) 

R12=0.54R11 
'bulk  R4 

6.8kQ 

Charger  Control  Section  -  IC  Setup  -  Voltage  Levels 

R15 

Battery  Voltage  Divider 
(RS1)  ±1%  recommended 

p15    VCMAX  VCMIN  A  NC-2.3 
'fb.max  vc,min 

11k£i 

R16 

Battery  Voltage  Divider 
(RS2)  ±1%  recommended 

d«        2.3       VC,MAX  ~VC,MIN 

I  V 
'fb.max  vc.min 

6.2kD 

R17 

Battery  Voltage  Divider 
(RS3)  ±1%  recommended 

R17      2.3     VCMAX.  A.  NC-2.3 
'fb.max      Vc  A- NC-2.3 

18kQ 

R18 

Battery  Voltage  Float  Adj. 
(RS4)  ±1%  recommended 

P1£      2.3      VCMAX  A- NC-2.3 

'FB.MAX  (V0lMAX-VC)ANC 

130kQ 

Charger  Control  Section  -  IC  Setup  -  Current  Error  Amplifier 

R14 

Current  Error  Amplifier 
Compensation  Resistor 

p11_          0.28  %  L1  R11 
VBAT,MAX+VD1F+VD2F  R4 

3.3k£2 

C11 

Current  Error  Amplifier 
Compensation  Capacitor 

C11=  10 

2  K  fg  R14 

10nF 

C12 

Current  Error  Amplifier 
Compensation  Capacitor 

C12  =  -  

2  K  %  R14 

1nF 

Charger  Control  Section  -  IC  Setup  -  Voltage  Error  Amplifier 

fo 

Voltage  Loop  Cross-Over 
Frequency 

Dominant  pole;  noncritical  requirements. 

1kHz 

R13 

Voltage  Error  Amplifier 
Compensation  Resistor 

R13 

i 

_0.625  VINMAX  (R15  +  R16) 

AIBULKfS'L1  VBAT,MAX 

1  +  fl6 -^-t-fs  L1C5  Vbatmax]2 
I,                                   VIN,MAX  J 

1  +  (2  K  fo  -Rcs.ESR  C5)2 

910k£2 

C9 

Voltage  Error  Amplifier 
Compensation  Capacitor 

C£j  C5RC5,ESR 
R13 

33pF 

C10 

Voltage  Error  Amplifier 
Compensation  Capacitor 

C1Q    8  %  L1  C5  VBATMAX 

R13  VIN,MAX 

47nF 

Charge  State  Decoder 

U3 

Motorola 

Dual  Binary  To  1-of-4  Decoder/Demultiplexer 

MC14555BCP 

D6,  D7, 
08,  D9 

Status  Indicator  LED's 

Quad  green  LED  assembly. 

IDI  5640H5 
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Parameter 

Description 

Definition 

Value/Part# 

Q4,  QS, 
06,  Q7 

LED  Driver  Transistors 

Minimi  im  \/-_ .  pni  laic  V,.,  ...>,  wall  ip 
I VI II  lllltUI  11  VQEO  tSLjueUo  Vin.MAX  Value 

2N3904 

R6 

LED  Current  Set  Resistor 

R6  =  ^- 
0.01 

assuming  10  mA  LED  current. 

430Q 

R5 

Voltage  Limiter  of  the  LED 
Driver  Transistors 

DC  VIN,MIN-7 

R5=  0.01 

1.1  k£2 

R19,  R20 

I  



Pull  Up  Resistors 

Noncritical;  use: 

10k£2 

Table  4.     Four  State  Battery  Charger  Controller  Design  Sheet 


PARTS  LIST 

The  following  Bill  Of  Material  was  generated  from 
the  calculated  part  values  listed  in  Table  3  and  4. 
The  part  designators  correspond  to  the  Demon- 
stration Board  component  positions. 


C1 

82u.F,  25V 

electrolytic 

C2 

0.1 5uF  50V 

met.film  /  polypropylene 

C3 

680uF  35V 

electrolytic 

C4 

10nF  50V 

met.film  /  polypropylene 

C5 

470uF  25V 

electrolytic 

C6 

0.1  nF  50V 

ceramic 

C7 

0.1  U.F  50V 

ceramic 

C8 

1.5nF  50V 

ceramic 

C9 

33pF  50V 

ceramic 

C10 

47nF  50V 

ceramic 

C11 

10nF  50V 

ceramic 

C12 

1  .OnF  50V 

ceramic 

C13 

0.1  uF  50V 

ceramic 

C14 

0.1  LiF  50V 

ceramic 

C15 

0.1  uF  50V 

ceramic 

C16 

0.1  uF  50V 

ceramic 

C17 

0.1  LiF  50V 

ceramic 

C18 

1.0uF  63V 

met.film  /  polypropylene 

D1 

GI750CT 

100V,  6A,  general 

D2 

MUR610CT 

100V,  6A,  ultrafast 

D3 

1 N4744A 

15V,1Wzener 

D4 

1N4148 

75V,  200mA,  switching 

D5 

1N4148 

75V,  200mA,  switching 

D6-D9 

L20355 

LED  assembly.lDI 

L1 

375nH  4A 

Coilcraft 

Q1 

IRFZ14 

60V,  10A,  NMOS 

Q2 

2N7000 

60V,  500mA,  NMOS 

Q3 

2N3904 

40V,  200mA,  NPN 

Q4 

2N3904 

40V,  200mA,  NPN 

Q5 

2N3904 

40V,  200mA,  NPN 

Q6 

2N3904 

40V,  200mA,  NPN 

Q7 

2N3904 

40V,  200mA,  NPN 

R1 

R2 

R3 

R4 

R5 

R6 

R7 

R8 

R9 

R10 

R11 

R12 

R13 

R14 

R15A 

R16 

R17 

R18 

R19 

R20 

R21 

R22 

R23 

R24 

R25 

R26 

R27 

R28 

R29 

R30 

RP1 

U1 

U2 
U3 

114 


1.5ki2  5% 
4.7Q  5% 
39H  5% 
270mfl  5% 
1.1  kn  5% 
430n 
10kH 
11k£2 
100k£2 
10kn 
2.7W2 
6.8k£2 
910kt2 
3.3kfl 
11k£2 
6.2W2 
18kQ 


1: 

iokn 
iokn 
ikn 
ikn 

1kfl 
91  k£2 
30ki2 
30kH 
91  kn 
91  n 

91Q 

10  kn 

50kn 
UC3909N 


0.25W 
0.25W 

0.6W  metal  film 
1WRCD-RSF1B 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 
0.25W 


IR2125 

MC14555BCP 
LM358N 


5% 
5% 
5% 
5% 
5% 
5% 
5% 
5% 
5% 
1% 
1% 
1% 
1% 
5% 
5% 
5% 
5% 
5%, 

1%: 
1% 
1% 
1% 

5% 
5% 
5% 

0.25W  10  turns  potentiometer 
Battery  Charger 
Controller 
High  Side  Driver 
Binary  to  1  -of-4 
Decoder 

Operational  Amplifier 
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MEASUREMENT  RESULTS 
Checking  Out  The  Circuit 

To  safely  bring  the  circuit  into  operation,  the  fol- 
lowing precautions  shall  be  exercised  to  prevent 
catastrophic  failures  at  the  first  turn  on.  Use  sock- 
ets for  all  integrated  circuits  and  do  not  plug  them 
in  until  the  auxiliary  power  supply  is  checked. 

All  voltages  given  in  the  rest  of  this  chapter  are 
with  respect  to  circuit  ground  unless  otherwise 
noted. 

Step  1. 

Connect  the  input  of  the  circuit  to  your  DC  power 
source.  Increase  the  input  voltage  slowly  up  to  the 
minimum  input  voltage  value  used  in  Table  2. 
Check  the  auxiliary  supply  voltage  at  the  test  point, 
TP21.  The  correct  value  should  be  0.7V  less  than 
the  Vz  voltage  listed  in  Table  4,  approximately 
14.3V  for  this  example.  The  same  voltage  should 
be  measured  at  pin  4  of  U4,  pin  1  of  U2  and  pin  8 
of  U4  integrated  circuits.  When  all  voltages  are 
correct,  remove  the  input  power. 

Step  2. 

Install  U1,  and  connect  the  input  voltage  again. 
Measure  the  reference  voltage  of  the  UC3909.  The 
correct  voltage  on  pin  2  (TP2)  is  5V.  Next,  check 
the  oscillator.  Measure  and  compare  the  timing 
capacitor  and  output  waveforms,  TP19  and  TP5 
respectively,  to  the  oscillogram  shown  in  Figure  5. 


"cin — of? 


S.60  V  to 4.60ms  Ch1  -v  2.66  V 


Figure  5.  Trace  1 :  Timing  Capacitor  Waveform;  Trace 
2:  OUT  pin  of  UC3909 

Compare  the  operating  frequency  to  the  expected 
value  listed  in  Table  2.  Disconnect  the  input  volt- 
age. 


Step  3. 

Populate  the  remaining  of  the  IC  sockets,  by  in- 
stalling U2,  U3,  and  U4  integrated  circuits.  Con- 
nect a  resistive  load  to  the  output  terminals.  The 
load  resistor  shall  be  calculated  as: 

r,  _  VBAT 


'OCT 


Slowly  raise  the  input  voltage  of  the  circuit  while 
continuously  monitoring  the  output  voltage.  The 
output  voltage  shall  increase  together  with  the  in- 
put voltage  until  the  output  equals  the  float  voltage, 
VBAT.  For  further  increases  of  the  input  voltage,  the 
output  should  be  regulated  at  the  float  charge  volt- 
age. If  the  output  is  not  regulating,  stop  increasing 
the  input  voltage.  Check  the  component  values  in 
the  feedback  divider,  and  the  operating  conditions 
of  the  UC3909.  Convenient  test  points  are  pro- 
vided in  the  demonstration  board,  for  easy  access 
to  the  pins  of  the  integrated  controller.  The  de- 
scriptions and  typical  voltages  of  the  individual  pins 
are  included  in  the  datasheet  of  the  UC3909. 

Step  4. 

Once  the  output  voltage  is  stabilized,  check  the 
switching  waveforms  of  the  converter.  Typical 
waveforms  of  gate  drive  (U2/pin2),  Q1  drain  cur- 
rent, TP24,  and  the  output  inductor  current,  meas- 
ured at  full  load,  are  shown  in  Figure  6. 


Ch3  2o!oV 


lo.omvn 


Figure  6.    Switching  waveforms  of  the  converter: 
Trace  1 :  OUT  pin;  Trace  2:  lQ,  (1  A/div);  Trace  3:  TP24; 
Trace  4:  lL  (0.5A/div) 

Step  5. 

The  final  test  of  the  circuit  is  to  check  the  bulk 
charge  current  limit,  the  float  and  over-charge  volt- 
age levels.  The  load  resistor  defined  in  step  2  en- 
sures float  mode  operation  of  the  charger.  Note  the 
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float  voltage  then  gradually  increase  the  load  cur- 
rent until  the  charger  reverts  to  bulk  charge  mode. 
At  this  point  the  output  current  should  be  equal  to 
Ibulk.  By  slowly  reducing  the  load  current,  the 
charger  will  sequence  to  the  next  state,  over- 
charging. In  this  mode  of  operation  the  output  volt- 
age equals  to  VBAt.max,  the  over-charge  voltage. 
Verify  the  numbers  against  the  values  in  Table  1 . 

Charge  Characteristic 

The  ultimate  test  of  the  circuit  is  to  charge  a  bat- 
tery. The  demonstration  circuit  has  been  designed 
to  charge  a  12V,  2.2Ah  sealed  lead-acid  battery. 
During  the  charge  cycle,  the  battery  voltage  and 
current,  and  the  displayed  operating  states  have 
been  recorded.  The  result  is  shown  in  Figure  7. 


Figure  7.   JC1222  Charge  Characteristic 

The  chart  shows  the  change  of  the  battery  voltage 
and  charge  current  as  a  function  of  time  and  the 
exact  values  of  the  characteristic  parameters.  As 
can  be  seen,  the  charger  started  with  trickle 
charge  mode.  When  the  battery  voltage  reached 
the  cutoff  voltage,  the  charger  switched  over  to 
bulk  charging.  The  sharp  peak  in  the  battery  volt- 
age at  the  switch  over  is  caused  by  the  high  inter- 
nal impedance  of  the  battery.  The  majority  of  the 
battery  capacity  is  replenished  in  about  two  hours 
in  bulk  charge  mode.  Bulk  charge  is  followed  by 
the  controlled  over-charge  of  the  battery.  Note  that 
the  over-charge  LED  is  turned  on  before  the  volt- 
age loop  is  satisfied  because  the  threshold  of  the 
voltage  sense  comparator  is  intentionally  set  5% 
below  the  reference  of  the  voltage  error  amplifier. 
This  way,  the  turn  on  of  the  over-charge  LED  coin- 
cides with  the  onset  of  the  chemical  over-charge 
process  indicated  by  the  gradient  change  in  the 
voltage  curve.  The  battery  charging  process  con- 
cludes in  float  mode  when  the  current  tapers  off  to 
near  zero. 


Efficiency 

The  efficiency  of  a  converter  is  usually  measured 
as  a  function  of  load  current  at  a  fixed  output  volt- 
age and  at  different  input  voltages.  While  this 
method  is  really  informative  in  DC-to-DC  applica- 
tions, it  is  very  difficult  to  assess  the  efficiency  of  a 
battery  charger  this  way.  Since  the  load  current 
and  the  output  voltage  of  the  converter  vary  con- 
tinuously during  charging,  one  single  efficiency 
number  carries  very  little  information  about  the 
circuit. 

To  demonstrate  the  effect,  three  different  efficiency 
graphs  are  given  below.  The  first  one  shows  the 
effect  of  the  output  voltage  variation  on  the  effi- 
ciency. The  second  one  is  the  traditional  efficiency 
chart  at  a  fixed  output  voltage. 

90% 


lout  =  Ibulk  = 
Parameter:  Vin 


Output  Voltage  [V] 


Figure  8.    Efficiency  vs.  Output  Voltage 


Vout  =  Voct=  14.38V 
Parameter:  Vin 


0.1  0.2  0.3  0.4  0.5  06  0.7  0.8 

Output  Current  (A] 


Figure  9.    Efficiency  vs.  Load  Current 
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Figure  10.  Efficiency  vs.  Time  During  Battery 
Charging 

The  third  one  presents  the  efficiencies  during  the 
entire  charge  cycle  and  the  calculated  average 
efficiency  of  the  battery  charger. 

The  typical  efficiency  of  the  demonstration  circuit 
at  full  load  with  resistive  load  is  80%.  This  figure  is 
useful  for  heatsink  selection,  and  for  comparison 
purposes. 

PRACTICAL  CONSIDERATIONS 
Current  Sense  Issues 

One  of  the  most  critical  decisions  of  the  design  is 
how  and  where  to  sense  the  current  in  the  con- 
verter. Using  current  mode  control  mandates 
sensing  the  current  during  the  on-time  of  the 
switch  Q1.  In  addition,  when  precise  control  of  the 
output  current  is  necessary,  knowing  the  exact 
output  current  is  inescapable.  The  output  current 
of  the  buck  converter  equals  the  output  inductor 
current,  leaving  very  little  choice  to  the  designer. 
There  are  only  two  locations  in  the  circuit,  where 
the  inductor  current  can  be  sensed  accurately. 


IN+ 


Q1 

rr 


L1  R4 

-mm — wv 


IN 


o — i- 


C3 


,D2 


I 

I US 
— o 


-O  BAT  + 


BAT- 

UDG-96126 


Figure  11.  High  side  current  sense  technique 

One  possibility  is  the  so  called  high  side  sensing, 
where  the  current  sense  resistor  is  placed  in  series 
with  the  output  inductor  as  shown  in  Figure  11.  For 
reliable  operation  it  is  important  to  put  the  resistor 
at  the  output  capacitor  side  of  the  inductor,  to 
avoid  having  a  large  switching  component  added 
to  the  inherently  small  current  sense  signal.  Even 
with  this  precaution  taken  into  account,  the  signal 
sits  on  top  of  a  large  common  mode  DC  voltage 


(appr.  Vbat)  which  represents  a  problem  for  the 
current  sense  amplifier. 

The  amplifier  has  a  limited  Common  Mode  Input 
Voltage  Range  and  a  finite  Common  Mode  Rejec- 
tion Ratio  which  both  confine  its  capability  and  its 
precision  when  the  measured  signal  contains  a 
significant  common  mode  component.  To  illustrate 
the  problem,  look  at  the  demonstration  circuit. 

When  the  battery  is  close  to  its  fully  charged  state 
the  current  signal  is  superimposed  on  a  16V  DC 
signal.  At  the  same  time,  the  supply  voltage  of  the 
UC3909  is  approximately  14.5V.  In  this  case  the 
Common  Mode  Input  Voltage  Range  of  the  current 
sense  amplifier  is  exceeded  and  the  current  infor- 
mation is  either  lost  or  erroneous.  The  problem 
could  be  addressed  by  providing  a  higher  supply 
voltage  for  the  controller  but,  since  VCC  is  also 
limited,  the  problem  is  just  shifted  to  a  higher  volt- 
age level. 

The  other  difficulty,  related  to  the  finite  Common 
Mode  Rejection  Ratio,  arises  at  light  load.  Even  if 
the  current  signal  is  kept  within  the  common  mode 
input  voltage  range  sensing  small  differential  volt- 
ages are  difficult.  For  instance,  the  bulk  current  of 
the  battery  charger  causes  the  maximum  allowable 
350mV  voltage  drop  across  the  current  sense  re- 
sistor. The  trickle  charge  current  is  1%  of  that  cur- 
rent providing  only  3.5mV  useful  signal  for  the 
amplifier.  Assume  that  the  output  voltage  is  10V 
and  the  CMRR  of  the  current  sense  circuit  is 
60dB.  There  will  be  two  components  determining 
the  output  voltage  of  the  amplifier.  The  amplified 
current  signal,  17.5mV,  is  added  to  a  10mV  error 
signal,  developed  from  the  10V  common  mode 
components,  present  at  the  inverting  and  nonin- 
verting  inputs  of  the  current  sense  amplifier.  As 
demonstrated,  the  error  caused  by  the  common 
mode  component  is  rather  significant,  it  is  in  the 
order  of  35%. 

The  other  possibility  to  monitor  the  inductor  current 
is  in  the  ground  return  path,  as  it  is  done  in  the 
demonstration  circuit.  This  solution  eliminates  both 
problems  related  to  the  common  mode  properties 
of  the  amplifier  since  one  end  of  the  current  sense 
resistor  is  actually  grounded.  The  disadvantage  of 
this  technique  is  that  the  input  and  output  grounds 
of  the  charger  are  not  the  same  potential  any 
more. 

The  low  side  current  sensing  offers  two  places  for 
grounding  the  controller.  The  GND  pin  of  the 
UC3909  can  be  connected  either  to  the  output  side 
of  the  current  sense  resistor,  or  to  its  node  com- 
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mon  to  the  input  of  the  buck  regulator.  When  the 
IC  is  grounded  at  the  output  side,  the  output  volt- 
age is  regulated  perfectly.  On  the  other  hand  the 
supply  current  of  the  UC3909  has  to  flow  through 
the  current  sense  resistor  causing  an  error  in  the 
current  measurement.  The  ICC  of  the  controller 
has  a  wide  tolerance  which  made  the  design  of  the 
trickle  charge  current  very  inaccurate. 

Finally,  the  solution  used  in  the  demonstration  cir- 
cuit grounds  the  controller  to  the  input  side  of  the 
current  sense  resistor.  It  gives  the  best  result  to 
closely  control  the  currents  from  no  load  to  full  cur- 
rent. The  only  factor  influencing  the  accuracy  of 
the  current  measurement  is  the  input  offset  voltage 
of  the  current  sense  amplifier. 

Until  now,  the  effect  of  the  current  sense  amplifier 
was  neglected.  Note  that  this  offset  is  not  specific 
to  the  low  side  sensing  technique,  and  it  would 
have  further  deteriorated  the  accuracy  of  any  pre- 
viously mentioned  current  sense  method. 

The  current  sense  amplifier  of  the  UC3909  pos- 
sesses a  15mV  maximum  input  offset  voltage.  This 
15mV  is  comparable  to  the  current  signal  in  trickle 
charge  mode.  This  explains  the  rather  loose  toler- 
ance of  the  trickle  charge  current  limit,  mentioned 
earlier  in  the  design  chapter. 

Although  this  approach  exhibits  the  optimum  prop- 
erties to  control  the  output  current,  it  introduced  a 
problem  for  the  voltage  regulation.  Since  the 
regulated  voltage  appears  between  the  positive 
output  terminal  and  the  circuit  ground,  the  output  of 
the  battery  charger  is  not  tightly  controlled.  The 
error  is  caused  by  the  voltage  drop  across  R4, 
proportional  to  the  output  current.  At  full  current,  at 
the  beginning  of  the  over-charge  period  the  output 
voltage  will  be  350mV  lower  than  the  calculated 
over-charge  voltage  level,  and  as  the  current  ta- 
pers off  the  error  is  diminishing.  In  float  charge 
mode  the  output  current,  hence  the  voltage  devia- 
tion from  the  designed  value  is  negligible. 

Differential  Voltage  Sense  Advantages 

By  using  the  two  inputs  of  the  differential  amplifier 
stage,  the  output  voltage  can  be  regulated  be- 
tween any  two  points  of  the  output,  independently 
from  the  grounding  of  the  controller.  When  the  two 
inputs  are  connected  to  the  solder  joints  of  the 
output  connector,  the  effect  of  resistive  voltage 
drops  across  the  current  sense  resistor  and  on  the 


printed  circuit  board  traces  can  be  eliminated. 
Furthermore,  the  user  can  compensate  for  the  ex- 
ternal voltage  drop  on  the  wiring  between  the  out- 
put of  the  charger  and  the  battery  nodes  using  the 
two  remote  sense  connections. 

Driving  A  P-channel  MOSFET  Switch 

The  demonstration  circuit  takes  advantage  of  the 
lower  cost  and  better  efficiency  of  an  N-channel 
MOSFET.  However,  using  a  P-channel  transistor 
can  also  be  accomplished  easily.  Figure  12  shows 
a  possible  implementation  of  the  P-channel 
MOSFET  switch,  driven  by  the  UC3909. 
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Figure  12.  P-channel  MOSFET  Drive 

The  disadvantage  of  this  technique  is  the  relatively 
high  power  loss  in  the  level  shift  circuit.  The 
switching  speed  of  the  high  side  P-channel 
MOSFET  is  determined  by  the  two  series  resistors 
connected  to  the  output  of  the  controller.  To 
achieve  acceptable  turn-off  speed  the  resistor  val- 
ues can  not  be  increased.  Therefore,  the  losses 
are  especially  high  at  elevated  input  voltages  and 
at  higher  switching  frequencies. 

Skipping  The  Trickle  Charge  Mode 

Depending  on  the  battery  type  and  the  application, 
the  trickle  charge  mode  might  not  be  necessary. 
Particularly,  the  new  lead-acid  batteries  built  from 
pure  lead  plates  can  accept  full  charge  current 
from  the  beginning  of  the  charge  cycle.  This  re- 
quirement can  be  effortlessly  accommodated  by 
the  UC3909  as  shown  in  Figure  13. 
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Figure  13.  Inhibiting  The  Trickle  Charge  Mode 

The  trickle  charge  mode  is  inhibited  when  the 
CHGENB  pin  is  connected  to  the  VLOGIC  pin  of 
the  IC.  In  this  case,  the  charger  will  deliver  full  cur- 
rent, independently  from  the  initial  voltage  of  the 
battery,  until  it  sequences  to  over-charge. 

Soft-Start 

Particularly  when  the  trickle  charge  mode  is  elimi- 
nated, soft-start  of  the  converter  might  be  desir- 
able. Usually,  closed  loop  soft-start  is  achieved  by 
gradually  increasing  the  reference  voltage  of  the 
voltage  error  amplifier.  Open  loop  soft-start  can  be 
implemented  by  clamping  the  output  of  the  voltage 
error  amplifier.  None  of  these  practices  are  useful 
in  the  battery  charger  circuit  for  two  reasons.  The 
first  obstacle  is  that  the  temperature  compensated 
reference  of  the  error  amplifier  is  not  available  for 
external  manipulations.  The  second  problem  is  that 
the  battery  is  already  connected  at  turn  on. 

Since  the  battery  is  discharged  at  the  beginning  of 
the  charging  process,  the  voltage  error  amplifier  is 
saturated  and  the  converter  operates  in  current 
limited  mode.  Therefore,  soft-start  can  be  intro- 
duced only  in  the  current  control  loop.  In  general 
purpose  buck  converters  this  would  result  in  output 
voltage  overshoot  during  start-up,  but  with  the 
battery  connected  to  the  output,  this  problem  does 
not  exist.  The  following  circuit,  shown  in  Figure  14 
can  be  added  to  provide  a  simple  soft-start  solution 
for  the  battery  charger. 

The  output  current  of  the  buck  converter  will  ramp 
up  gradually  to  the  full  bulk  current  value  according 
to  the  RC  time  constant  in  Figure  14.  This  solution 
requires  extreme  cautions  to  ensure  that  pre- 
charging  of  the  bootstrap  capacitor  is  accom- 
plished well  before  the  charging  of  the  soft-start 
capacitor  is  complete. 
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Figure  14.  Soft-Start  Of  The  UC3909 
Eliminate  Float  Charge 

The  majority  of  the  applications  use  the  lead-acid 
batteries  as  backup  power  sources.  In  case  of 
losing  the  primary  power  source,  the  system  relies 
on  the  availability  of  the  entire  battery  capacity. 
The  float  mode  operation  of  the  battery  charger  is 
intended  to  ensure  that  the  battery  is  in  its  fully 
charged  state  during  the  stand  by  period. 

As  was  mentioned  earlier,  finding  the  appropriate 
float  voltage  is  critical  to  maintain  100%  capacity  of 
the  battery.  An  easy  way  to  avoid  the  problems 
related  to  float  charge  is  to  terminate  the  charging 
process  upon  completion  of  the  over-charge  proc- 
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Figure  15.  Disabling  Float  Charge  State 
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Figure  16.  Implementing  The  Timed  Charge  Method 

The  solution  shown  in  Figure  15  eliminates  the 
float  mode  operation  by  disabling  the  oscillator. 
The  advantage  of  this  approach  is  that  the  IC  will 
recover  to  bulk  charge  mode  automatically  if  the 
battery  voltage  drops  10%  below  its  nominal  float 
voltage  value. 

Note  that  there  are  numerous  other  applications 
which  also  do  not  require  float  charging  the  bat- 
teries. For  instance,  batteries  in  hand  held  tools 
and  portable  equipment  are  recharged  quickly 
while  the  primary  power  source  is  available,  but  do 
not  employ  float  mode  operation. 

Incorporating  Timed  Algorithms 

The  constant  voltage  charge  of  the  lead-acid  bat- 
teries necessitates  combining  voltage  monitoring 
and  time  measurement.  It  requires  applying  con- 
stant output  voltage  across  the  battery  terminals 
for  a  certain  time  interval.  Although  the  UC3909  is 
not  optimized  for  these  algorithms,  the  circuit  dia- 
gram in  Figure  16  shows  how  to  combine  the  timer 
with  the  controller. 

Off-line  Configurations 

Very  often  battery  chargers  are  operated  from  the 
AC  line.  Figure  17  shows  line  isolation  with  a  60Hz 
transformer.  This  technique  provides  a  low  cost, 


competitive  solution  for  low  power  applications. 
Furthermore,  it  can  be  advantageous  for  medium 
power,  stationary  applications  because  of  its  sim- 
plicity. 
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Figure  17.  Isolated  Off-Line  Charger  With  60Hz  Step- 
Down  Transformer 

At  higher  output  power,  or  in  portable  applications, 
the  60Hz  isolation  transformers  become  bulky.  In 
this  situation,  line  isolation  is  frequently  obtained  in 
the  switchmode  power  stage.  The  forward  con- 
verter, shown  in  Figure  18  is  the  isolated  version  of 
the  buck  topology.  The  components  of  the  demon- 
stration circuit  can  be  easily  recognized  in  the 
schematic  drawing. 
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Figure  17.  Forward  Converter  With  Line  Isolation 


SUMMARY 

This  Application  Note  introduced  the  UC3909 
Switchmode  Lead-Acid  Battery  Charger  controller 
in  detail.  A  step-by-step  design  procedure  of  a 
buck  converter,  optimized  for  battery  charger  ap- 
plications has  been  derived.  Complete  part  list, 
and  measurement  results  of  the  demonstration 
circuit  complements  the  paper.  Useful  practical 
considerations  are  also  given  to  help  better  under- 
standing the  various  trade-offs  involved  in  the 
battery  charger  design. 

ADDITIONAL  SUPPORT 

Unitrode  offers  additional  support  to  your  battery 
charger  project.  The  Appendix  contains  the  Math- 
Cad®  design  file  used  to  perform  all  calculations 
for  Table  1  -  4.  In  addition,  a  printed  circuit  board 
of  the  fully  functional  battery  charger  circuit,  useful 
upto  4A  of  continuos  charge  current  is  available  for 
further  evaluation. 

For  more  information  on  the  UC3909  Switchmode 
Lead-Acid  Battery  Charger  controller  or  to  order 
the  demonstration  circuit,  please  contact  your  Uni- 
trode representative  or  the  factory  directly  at  (603) 
424-2410. 
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APPENDIX 


This  MathCad  file  calculates  the  parameters  and  part  values  of  the 
UC3909  Switchmode  Lead-Acid  Battery  Charger  demonstration  circuit. 

NOTES: 

-  names  ending  to  an  "E"  (i.e.  R1E)  are  results  of  the  respective  calculations  and  they  require 
manual  entry  of  standard  component  values  before  continuing  the  calculations. 


TABLE  1. 
Input  parameters: 

NC  =6 
Cr:  =  2.2 
Vc  -2.275 
Vcmax  =  2.43 
Vcmin  =1.75 
It  =0 

lb  -0.8 
Io  =0 

TC  =  0.0039 
Tmin  :=- 10 
Tmax  =  50 

Equations: 

Itrickle  =if(It=0,0.01Cr,It) 
Ibulk  =  if(Ib=0,0.4Cr,Ib) 
Ioct  =  if(Io=0,0.25Ibulk,Io) 
Vbat:  =  VcNC 

Vbatmin  -  ( Vcmin  +  ( Tmax  -  25)TC)NC 
Vbatmax  =  (Vcmax  +  (Tmin  -  25)TC)NC 
Pchmax  :=  Vbatmax-Ibulk 


Number  of  cells  connected  in  series  within  the  battery. 
Capacity  of  the  battery. 
Cell  float  voltage  at  25°C. 

Maximum  cell  voltage  during  controlled  over-charge  at  25°C. 

Minimum  cell  voltage  at  full  discharge  on  25°C. 

Trickle  charge  current.  Enter  the  data  from  the  battery  datashee 
or  0  for  the  default  value  (ltrickle=0.01  *Cr). 

Bulk  charge  current.  Enter  the  data  from  the  battery  datasheet 
or  0  for  the  default  value  (lbulk=0.5*Cr). 

Over-charge  taper  current  threshold.  Enter  the  data  from  the 
battery  datasheet  or  0  for  the  default  value  (loct=0.25*lbulk). 
Battery  Temperature  coefficient. 

Minimum  operating  temperature  of  the  battery. 

Maximum  operating  temperature  of  the  battery. 


Calculated  paprameters: 

Itrickle  =  0.022 
Ibulk  =0.8 
Ioct  =  0.2 
Vbat  =  13.65 
Vbatmin  =9.915 
Vbatmax  =  15.399 
Pchmax  =  12.319 
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TABLE  2. 


Input  parameters: 

Vinmin  :=  18 
Vinmax  =30 
fs  =50000 
Vdlf  =0.59 

Vd2f  =0.73 

Equations: 

Vbatmax  +  Vdlf+Vd2f 


Dmax  :  =  - 


Dmin  : 


Vinmin  +-  Vd2f 

Vbatmin  +  Vdlf-  Vd2f 
Vinmax  +•  Vd2f 


Minimum  input  voltage  of  the  battery  charger. 

Maximum  input  voltage  of  the  battery  charger. 

Switching  frequency  of  the  converter. 

Forward  voltage  drop  of  D1  at  Ibulk  and  100°C  junction 
temperature. 

Forward  voltage  drop  of  D2  at  Ibulk  and  100°C  junction 
temperature. 

Calculated  paprameters: 

Dmax  =0.893 

Dmin  =0.366 


TABLE  3. 

Input  parameters: 

trr  =35-10  9 
Irrm  =0.5 
Rdson  =0.2 
Coss  =160- 10" 12 
Igate  =0.8 
Qgs  =3.1- 10 


-9 


Qgd  =5.8-10" 


,-9 


Equations: 

VrmmDl  :=  1.5-Vbatmax 
IminDl  :=2  Ibulk 


Pdl  =Ibulk-Vdlf 
VrmmD2  :=  1.5  Vinmax 
IminD2  :  =  2  Ibulk 


Reverse  recovery  time  of  D2  at  Ibulk  (estimate). 

Peak  reverse  recovery  current  of  D2  (estimate). 

Channel  resistance  of  Q1  at  25°C  (the  catalog  data). 

Q1  drain  source  capacitance. 

Average  gate  current  during  turning  on  and  off  Q1 . 

Gate-to-source  charge  of  Q1 . 

Gate-to-drain  charge  of  Q1 . 

Calculated  paprameters: 

VrmmDl  =23.099 
IminDl  =  1.6 
Pdl  =0.472 
VrmmD2  =45 
IminD2  =  1 .6 
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Pd2  :  =  Ibulk- (1  -  Dmin)Vd2f  +-  0.25-Irrm-Vinmax-trr-fs 
VdssQl  :=  1.5-Vinmax 
Idmin  =  4- Ibulk 

tonoff:=QgS+Qgd 
Igate 

Pq  1  =  ( Ibulk)2- Dmax-Rdson- 1 .5  +  0.5Coss(  Vinmax)2- fs  +  VlnmaxIbulk 

2 

Phs  =Pdl  +Pd2  +  Pql 
dlmax  =  0.4Ibulk 
Vinmax 


LIE 


4-  dlmax  fs 


LIE  =4.687-10 


ILlpeak  -  Ibulk 


Vinmax 


8-Lt-fc 
Vc3  =1.5  Vinmax 

Ic3rms  =0.5  Ibulk 

Vc5  =1.5Vbatmax 

.  .  Vinmax 
Ic5rms  :=— —  

^192-fs-Ll 

Psn  :  =  0.015  Pchmax 
Vc4  =  1.5- Vinmax 
2-Psn 


C4E 


R3E  := 


(Vinmax)  fs 
1 


16-7tfsC4 
Pr4max  =0.015 
0.35 


C4E  =8.213-10 


R3E  =  39.789 


R4E1 


ILlpeak 


R4E1  =0.354 


R4E2 


Pr4max 


R4E  :=if(R4El>R4E2,R4E2,R4El) 
Pr4rated  -  (Ibulk)2  R4-5 
Ifl  =1.25  Ibulk 


(Ibulk) 
R4E  =  0.289 


Pd2  =0.377 
VdssQl  =45 
Idmin  =3.2 

tonoff  =  1.113-10" 

(2-tonoff+trr)-fs 
Pql  =0.209 
Phs  =  1.058 
dlmax  =0.32 

LI  =40010"6 

ILlpeak  =0.988 

Vc3  =45 
Ic3rms  =  0.4 
Vc5  =23.099 

Ic5rms  =0.108 

Psn  =0.185 
Vc4  =45 

C4  =  1010"9 

R3  =39 

Pr4max  =0.185 
R4E2  =0.289 

R4  =0.27 
Pr4rated  =0.864 
Ifl  =1 
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TABLE  4. 

Input  parameters: 

Vref  :  =  2.3 
Vlogic  =5 
Vz:=15 

Ifbmax  =  150- Iff6 
30 


Ae  : 


91 


C8:- 1.5-10 
C5  :  =  470-lff  6 
Rc5esr  =65- 10 3 
R9  :=100103 
ffl  =1000 

Equations: 

VceoQ3  :=1.5(Vinmax-  Vz) 
R1E  :  Vinmin-Vz 


Prl  := 
R24E 


0.002 

2 

(Vinmax  -  Vz) 
Rl 
Vbat 


Ifbmax 
R28  =0.001-R24 

R25E  :  =  Ae  R24 
R25 


R8E 


R24+R28 
1 


1.2C8fs 
R10E  =  1.8518IoctR4R9 

RUE  :  =  43.4783ItrickleR4R8 
0.54R11 


R12E  : 


Internal  reference  voltage  of  the  UC3909. 
The  voltage  on  the  VLOGIC  pin  of  the  UC3909. 
Zener  voltage  of  D3. 

Maximum  current  of  the  voltage  feedback  divider.  This  current 
always  loads  the  battery. 

Guess  value  of  the  gain  (A)  of  the  voltage  sense  amplifier. 

Timing  capacitor  value. 
Output  capacitor  value. 

Equivalent  series  resistance  of  the  output  capacitor,  C5. 
Free  parameter. 

Voltage  loop  cross-over  frequency. 

Calculated  paprameters: 

VceoQ3  =  22.5 


Ibulk-R4 


R1E  =  1.5-103 


R24E  =  9.1-10 


R25E=3-10* 


R8E  =  1.111-10H 


R10E  =  1-10^ 


Rl  IE  =  2.841- 10J 


R12E  =6.75-10'' 


Rl  =1500 

Prl  =0.15 

R24  =91103 

R28  =91 
R25  :  =  30  103 
A  =0.329 

R8  =11000 

R10  =10000 

Rll  :  =  2700 

R12  =6800 


1 

U 

a 
a 
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R15E  :  =  Vcmax 


Vcmin-ANC-  Vref 


Ifbmax-Vcmin 
Vref    Vcmax  -  Vcmin 


R16E  := 

R17E  :  = 

R18E  :  = 

R14E  := 

C12E  :- 

2-nfs-R14 

Cll  =  10C12 


Ifbmax  Vcmin 

Vref  VcmaxANC-  Vref 
Ifbmax  Vc-ANC-Vref 

Vref  Vcmax  ANC- Vref 
Ifbmax  (Vcmax- Vc)-A-NC 

0.28-fs-Ll  Rll 
Vbatmax+ Vdlf^  Vd2f  R4 

1 


R15E  =  1.072*  10* 


R16E  =  5.958-10" 


R17E  =  1.747-10* 


R18E  =  1.252-10-' 


R14E  =  3.349- 10J 


C12E  =9.646-10 


-io 


R15  =11000 


R16  =6200 


R17:=  18000 


R18  =130000 


R14  =3300 


C12  =  1000-10" 


Cll  =  1-10 


R13E  :=- 


0.625  Vinmax 
A-Ibulkfs-Ll-Vbatmax 


1  +  16-7t-fD-fs-Ll-C5 


•  2 

Vbatmax\ 


Vinmax 


(R15  +  R16) 


C9E 


C5Rc5esr 
R13 


p,„c  CS-Vbatmax 

C10E  =    —  -8-fs-Ll 


R6E 
R5E 


R13Vinmax 

_  Vlogic-  0.7 
0.01 
Vinmin  -  7 


0.01 


1  ^(2-7t-fORc5esr-C5) 

R13E=  9.466- 105 

C9E  =  3.357- 10"" 

C10E  =  4.242- 10~8 

R6E=430 
R5E  =  1.1-103 


R13  =910- 103 


C9  =3310 


12 


CIO  :  =  47-10" 

R6  =430 
R5  =1100 
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THE  UC3886  PWM  CONTROLLER  USES  AVERAGE  CURRENT 
MODE  CONTROL  TO  MEET  THE  TRANSIENT  REGULATION  PERFORMANCE 

OF  HIGH  END  PROCESSORS 

by  Larry  Spaziani 
Applications  Engineer 


ABSTRACT 

The  continuing  development  of  high  performance  processors  is  imposing  stringent  requirements  on  their 
respective  power  systems.  Intel's  Pentium®Pro  power  system  specification,  for  instance,  demonstrates  the 
industry  trend  to  operate  at  lower  voltages  and  at  higher  currents,  with  tight  regulation  and  fast  transient 
response.  To  meet  these  requirements,  the  UC3886  Average  Current  Mode  PWM  Controller  is  introduced. 
This  application  note  highlights  the  features  of  the  UC3886  and  details  how  this  IC  is  ideal  for  creating  the 
optimal  switching  regulator  for  low  voltage  processor  applications. 


UC3886  FEATURES  AND  BENEFITS 

•  Average  Current  Mode  Control  direct  from  a  sense  resistor 

No  slope  compensation  networks  required 

•  High  Gain-Bandwidth  Amplifiers  for  a  fast  transient  response 

•  Programmable  Current  Sense  Amplifier 

Interfaces  to  a  low  power  sense  resistor 
Accurate  Over  Current  Protection 

•  On-board  Reference  for  Standalone  operation 

•  Direct  Drive  for  Buck  regulator  NMOS  high  side  switch 

Eliminates  need  for  separate  Driver  IC 


INTRODUCTION 

The  Intel  Pentium®Pro  microprocessor  specifica- 
tions underscore  an  ongoing  trend  in  high  end 
digital  systems.  Clock  frequencies  are  increasing 
for  improved  throughput  and  the  number  of  tran- 
sistors is  increasing  as  manufacturing  technology 
improves.  Power  management  both  within  the 
processor  and  power  to  the  processor  has  been 
elevated  to  a  significant  architectural  design 
consideration. 

The  consequence  of  these  advances  for  the  power 
system  is  requirements  that  strike  fear  in  the  most 
hardy  power  supply  designers.  Load  current 
increases  as  the  number  of  transistors  and  the  clock 
frequency  increase  whereas  operating  voltage 


decreases  to  limit  the  power  dissipation  on  the 
processor.  Noise  immunity  decreases  as  well  under 
these  conditions  resulting  in  much  tighter  regulation 
requirements.  High  efficiency  must  be  maintained 
even  though  currents  are  increasing  and  output  volt- 
ages are  decreasing.  Load  current  transients 
become  exceedingly  fast  as  the  processor  goes  into 
and  out  of  sleep  modes  of  operation.  Operating 
voltage  is  no  longer  a  standard  but  must  be  pro- 
grammable for  variations  from  supplier  to  supplier, 
or  even  within  a  product  line,  such  as  with  the 
Intel  Pentium®Pro.  Of  course,  simplicity  must  be 
maintained  in  order  to  keep  parts  count  low  and 
cost  down. 
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The  UC3886  Average  Current  Mode  PWM 
Controller  has  been  created  to  meet  these  require- 
ments. The  UC3886  is  a  full  featured  PWM  con- 
troller which  offers  excellent  performance,  yet  can 
be  configured  as  a  basic  Buck  regulator  with  a  low 
external  parts  count.  Excellent  regulation  accuracy 
can  be  realized  through  the  high  gain  of  Average 
Current  Mode  Control  and  by  the  very  low  offset 
voltage  and  current  amplifiers  used  in  the  UC3886, 
which  contribute  negligible  error  to  the  output  volt- 
age. High  efficiency  is  maintained  by  providing  a 
direct  drive  to  an  efficient,  low  Rds(ON)  N-MOSFET. 
A  variable  output  voltage  power  supply  can  be  con- 
trolled simply  by  supplying  a  command  voltage  to 
the  UC3886  from  a  programmable  reference,  such 
as  the  UC3910  4-Bit  DAC  and  Voltage  Monitor  IC. 

The  high  gain  of  Average  Current  Mode  control 
offers  several  advantages  which  help  the  designer 
to  meet  the  regulation  requirements  of  a  widely 
varying  load  current  as  well  as  the  extremely  fast 
transient  requirements.  High  current  loop  gain  can 
be  maintained  at  low  operating  currents  with  a 


regulator  in  continuous  or  discontinuous  modes  of 
operation.  Average  Current  Mode  control  also 
allows  optimal  high  bandwidth  loop  compensation 
which  can  maintain  regulation  during  high  current 
transients.  The  UC3886  obtains  this  current  infor- 
mation from  a  low  value  resistor,  and  requires  no 
transformers  or  slope  compensation  circuitry.  The 
highly  accurate  current  limiting  of  the  UC3886 
reduces  the  need  to  electrically  and  thermally 
overdesign  the  power  components  for  short  circuit 
fault  conside  rations. 

THE  UC3886  AVERAGE  CURRENT  MODE 
PWM  CONTROLLER  IC 

A  block  diagram  of  the  UC3886  is  shown  in  Figure  1 . 

The  UC3886  Average  Current  Mode  PWM 
Controller  is  ideally  suited  for  a  basic  Buck  regula- 
tor configuration,  as  shown  in  Figure  2,  where  a  low 
processor  voltage  is  generated  from  +5V 
typically.  Appendix  1  provides  a  review  of  the  oper- 
ation of  the  typical  Buck  regulator  shown 
in  Figure  2. 
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Figure  1 .  UC3886  Average  Current  Mode  PWM  Controller 
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Figure  2.  UC3886  Configured  in  a  Typical  Buck  Regulator 

UC3886  -  SUPPLYING  POWER 

The  UC3886  is  constructed  using  a  bipolar  process 
allowing  Vcc  to  be  as  high  as  20V,  however,  the  cir- 
cuitry is  optimized  for  a  supply  voltage  of  12V. 
Minimum  operating  voltage  is  1 0.3  volts.  The  supply 
voltage  provides  power  directly  to  the  reference 
voltage  and  the  Gate  Drive  circuitry.  It  is  also  used 
to  create  an  internal  7.3V  bias  voltage  that  supplies 
power  to  the  Buffer,  Voltage  Amplifier,  Current 
Amplifier,  Current  Sense  Amplifier  and  the  PWM 
comparator.  The  reference  voltage  is  used  to  pro- 
vide power  directly  to  the  PWM  logic  and  to  the 
Oscillator.  Figure  3  shows  the  power  distribution 
scheme  within  the  UC3886. 
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VCC  should  be  decoupled  to  PGND  closely  to  the 
IC  with  a  low  ESR  capacitor  to  provide  holdup  dur- 
ing the  gate  pulses.  Also  add  a  0.01  uF  to  0.1uF 
monolithic  ceramic  capacitor  from  VCC  to  SGND  to 
provide  high  frequency  signal  decoupling. 

UNDERVOLTAGE  LOCKOUT 

The  UC3886  features  an  undervoltage  lockout 
protection  circuit  for  controlled  operation  during 
power  up  and  power  down  sequences.  Figure  4 
shows  typical  Vcc  thresholds  of  the  UC3886  UVLO 
circuitry. 

During  UVLO,  VREF  is  kept  off,  which  disables  the 
oscillator,  the  PWM  logic,  and  the  Gate  Drive.  The 
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Figure  3.  -  Power  Distribution  within  the  UC3886 


Figure  4.  UC3886  UVLO  Typical  Values 
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buffers  and  amplifiers  are  also  disabled.  An  internal 
signal  called  Power  On  Reset  (POR)  is  created  by 
monitoring  the  reference  voltage,  Vref-  The  POR 
signal  is  held  low  until  the  reference  voltage  is  high, 
at  which  time  the  Gate  Drive  output  is  enabled. 

The  total  current  drawn  from  the  VCC  source  will 
include  the  IC  supply  current,  Ice.  which  provides 
bias  power  to  the  UC3886  as  well  as  the  average 
gate  drive  current,  Iqate.  used  to  drive  the  N-chan- 
nel  MOSFET  of  the  Buck  regulator  (see  Appendix  2). 
The  supply  current  is  typically  less  than  4.0mA  dur- 
ing UVLO  and  is  typically  less  than  12mA  (excluding 
gate  drive  current)  when  Vcc  is  above  the  UVLO 
thresholds.  External  loading  of  the  reference  voltage 
will  add  to  the  supply  current,  lcc. 

The  0.25V  UVLO  hysteresis  prevents  Vcc  oscilla- 
tions during  the  power  up  and  power  down 
sequences  and  also  allows  enough  headroom  for 
ripple  voltage  due  to  large  gate  drive  current 
pulses. 

Self  Biasing,  Active  Low  Output 
During  UV  Lockout 

During  UVLO,  all  chip  functions  are  disabled  in 
order  to  keep  operating  current  at  a  minimum.  The 
Gate  Drive  output,  however,  cannot  be  allowed  to 
"float"  high  during  this  condition,  because  the  Buck 
regulator  N-channel  MOSFET  may  inadvertently 
turn  on. 

An  active  low,  self  biasing  totem-pole  design  is 
incorporated  into  the  UC3886  Gate  Drive  output, 
which  is  very  similar  to  that  used  in  the  UC3823A 
and  is  described  in  detail  in  U-128  [1].The  result  of 
the  self  biased  output  is  that  during  UVLO,  the  Gate 
Drive  output  is  held  low  without  drawing  power  from 
the  supply  voltage.  No  supply  current  is  drawn 
because  the  self  biasing  output  derives  its  power 
from  the  MOSFET  gate  voltage  which  is  attempting 
to  rise.  This  feature  also  negates  the  need 
for  a  gate-to-source  resistor  to  keep  the 
N-channel  MOSFET  biased  off. 

VREF 

The  UC3886  contains  a  5.0V  trimmed  bandgap  ref- 
erence, similar  to  that  used  on  many  other  Unitrode 
ICs.  Figure  5  shows  how  the  reference  voltage, 
VREF,  can  be  used  to  create  a  Buck  regulator  com- 
mand voltage  (VCommand)  at  tne  non-inverting 
input  to  the  error  amplifier,  which  sets  the  output 
voltage  of  the  Buck  regulator. 

VREF  can  also  be  used  to  bias  external  circuitry, 
such  as  logic  pull-ups  and  bias  currents,  so  long  as 
the  total  load  current  does  not  exceed  2.0mA.  Short 
circuit  protection  on  VREF  protects  the  IC  at  a  min- 


imum of  10mA.  A  0.01  uF  to  0.1  uF  monlithic  ceram- 
ic decoupling  capacitor  from  VREF  to  SGND 
should  be  located  close  to  the  IC. 


I 


VCOMMAND  =  5.0  • 


R2 


r 


R1+R2 
R1  +  R2>  2.5kfi 


4 

1  I 


I  UC3886  PWM 
VREF 


VCOMMAND 


I 


Figure  5.  Setting  VCOMMAND  using  VREF 

HIGH  POWER  GATE  DRIVE  OUTPUT 

The  UC3886  features  a  single  totem-pole  output 
capable  of  directly  driving  an  N-channel  MOSFET 
and  is  similar  to  that  of  the  UC3823A  PWM  IC.  It 
features  a  1 .5A  peak,  200mA  average  drive  stage, 
ample  capability  to  drive  a  size  6  FET  [2]  at  sever- 
al hundred  kiloHertz. 

The  circuit  of  Figure  6  illustrates  how  the  UC3886 
Gate  signal  is  used  to  drive  a  MOSFET  for  a  low 
output  voltage  BUCK  regulator. 

Grounding  with  PGND  and  SGND 

The  PGND  pin  is  a  dedicated  ground  pin  for  the 
UC3886  output  drive  stage.  The  UC3886  Gate  sig- 
nal provides  the  high  current  gate  pulses  required 
during  the  MOSFET  turn-on  and  turn-off  times. 
These  high  current  pulses  should  be  decoupled  by 
a  low  ESR  capacitor  placed  closely  to  the  IC  as 
shown  in  Figure  6. 

The  current  path  for  the  gate  pulses  originates  from 
the  decoupling  capacitor,  passes  through  the  totem- 
pole  output  of  the  UC3886  and  enters  the  MOSFET 
gate.  In  a  Buck  regulator  configuration,  the  inductor 
blocks  the  gate  drive  current,  and  therefore  the  gate 
current  pulses  exit  the  MOSFET  DRAIN.  The  input 
capacitors  decouple  the  gate  current  to  ground  and 
back  to  the  Vcc  decoupling  capacitor,  completing 
the  loop.  The  PGND  pin  should  be  connected  with 
the  shortest  possible  path  to  power  stage  ground,  to 
minimize  loop  inductance. 

The  SGND  pin  of  the  UC3886  is  the  reference  volt- 
age for  all  internal  circuitry  other  than  the  output 
stage.  SGND  should  have  a  direct  path  to  the  circuit 
ground,  as  shown  in  Figure  6,  and  should  NOT  be 
grounded  at  the  PWM  to  PGND,  since  the  gate 
pulses  will  result  in  some  dv/dt  in  the  PGND  path. 
Differential  voltage  between  SGND  and  PGND 
should  not  exceed  50m V. 
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Figure  6.  Driving  a  BUCK  MOSFET  with  the  UC3886 


Schottky  Clamping  Diodes 

The  high  di/dt  characteristics  of  the  gate  drive  pulse 
can  cause  undesirable  ringing  in  the  gate  circuit, 
due  to  circuit  trace  inductance.  A  detailed  explana- 
tion of  why  this  occurs  is  available  in  Unitrode 
Application  Note  U-111  [2]. 

The  use  of  low  voltage  schottky  clamps,  as  shown 
in  Figure  6,  will  protect  the  circuit  from  these 
effects.  Use  of  1 N5821 ,  3A  schottky  diodes  is  rec- 
ommended. The  UC3612  is  a  dual  schottky  diode 
made  specifically  for  this  purpose  and  is  available 
in  an  8-pin  DIP  or  SOIC  package. 

OSCILLATOR 

The  UC3886  oscillator  is  a  sawtooth  oscillator  that 
is  externally  programmable  (Fly,  C-r)  as  shown  in 
Figure  7.  The  oscillator  switching  period,  Ts,  con- 
sists of  a  charge  time,  Tc,  and  a  discharge  time  or 
deadtime,  TD,  such  that 

TS  =  TC  +  TD  [seconds] 

as  shown  in  sawtooth  waveform  of  Figure  7. 

Oscillator  equations  presented  below  use  the  fol- 
lowing units: 

Resistance  in  ohms 
Capacitance  in  farads 
Currents  in  amperes 
Time  in  seconds 
Frequency  in  Hertz 


The  oscillator  switching  frequency,  Fs,  is  given  by 


Fs  = 


1 


5kO<  Rt<  100kn 
Rt 


Ct 


IC  =  tR 


2.8V 


TO  PWM 
RESET 


SINK  =  4.0mA 


Figure  7.  UC3886  Oscillator  and  Waveform 
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and  are  not  recommended.  The  charge  time  is 
defined  as  the  amount  of  time  it  takes  the  charge 
current  to  linearly  charge  CT  from  1  .OV  to  2.8V  (DV 
=  1.8V),  and  is  given  by 

CT»1.8V 

Tc_  (2.0V/RT) 
The  charge  current  is  not  switched  off  at  the  end  of 
the  charge  time.  The  discharge  current  is  therefore 
equal  to 


U-156 


Id  =  'sink 


l  I  2.0V 
lc  =  'SINK  -  -pfjr 


where  lS|NK  is  set  internally 
4.0mA. 

The  dead  time  is  determined  by 

CT  •  1 ,8V 
D  "  4.0mA  -  (2.0V/RT) 
Programming  the  Oscillator 

The  first  step  in  programming  the  oscillator  is  to 
choose  a  maximum  operating  duty  cycle,  Dmax. 


2.0V 


given  by 

°MAX  =  TC  +  TD  =  1  (RT  *  4.0mA) 
Dmax  is  programmable  from  90%  to  100%.  Although 
a  typical  Buck  regulator  may  only  operate  at  60%  to 
70%  in  steady  state  conditions,  during  a  large  tran- 
sient load  step  condition,  a  higher  duty  cycle  is 
required  to  "build"  the  inductor  current.  Programming 
dmax  below  90%  is  not  recommended.  Figure  8 
shows  Dmax  as  a  function  of  the  timing  resistor,  RT 


in  the  UC3886  to      Figure  9.  Programming  Switching  Frequency  with  CT 


Programming  the  oscillator  frequency  above 
300kHz  should  be  made  with  consideration  for  the 
Average  Current  Mode  control  amplifiers  of  the 
UC3886,  which  have  an  optimal  Gain-Bandwidth 
product  for  operation  below  300kHz. 

The  deadtime  is  plotted  in  Figure  10  as  a  function  of 
RT  and  CT. 


Figure  8.  Programming  Maximum  Duty  Cycle  with  RT 


The  oscillator  (switching)  frequency  can  be  pro- 
grammed once  the  value  of  RT  is  determined.  The 
oscillator  frequency  is  given  by 

2.0V  •  [(4.0mA  •  RT)  -  2.0V] 


CT  •  1 .8V  •  Rt2  •  4.0mA 


Figure  10.  Deadtime  vs  CT,  RT 

Synchronizing  the  UC3886 

Synchronizing  the  UC3886  can  be  achieved  by 
superimposing  a  narrow  voltage  pulse  on  the  PWM 
Ramp  signal,  as  shown  in  Figure  1 1 .  The  UC3886 
oscillator  should  be  programmed  to  freerun  approx- 
imately 15%  lower  than  that  of  the  synchronizing 
frequency.  A  1.0V  amplitude  pulse  with  a  rise  time 
of  £  10ns  and  a  duration  between  10ns  and  Tp/2  is 
recommended.  Note  that  when  synchronized,  the 
dead  time  is  the  sum  of  the  synchronizing  pulse 
width  and  the  oscillator  discharge  time.  An  exces- 
sively wide  synchronizing  pulse  will  result  in  less 
usable  duty  cycle,  which  may  be  required  for  large 
signal  response.  A  very  slow  rising  edge  on  the  syn- 
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detailed  in  U-133A[3]. 

UC3886  -  AVERAGE  CURRENT  MODE  CIRCUIT 
BLOCK  DESCRIPTION 

The  UC3886  Average  Current  Mode  circuit  blocks 
consist  of  the  Voltage  Amplifier,  Buffer,  Current 
Sense  Amplifier,  Current  Amplifier  and  PWM 
Comparator.  These  blocks  are  shown  in  Figure  12 
configured  for  Average  Current  Mode  control  in  a 
Buck  regulator. 

The  Dynamics  of  Average  Current  Mode 
Control  with  the  UC3886 

An  understanding  of  the  dynamics  of  Average 
Current  Mode  control  as  shown  in  Figure  12  is  nec- 
essary to  better  understand  the  individual  blocks 
which  make  up  the  system. 


Figure  11.  Synchronizing  the  UC3886 

chronizing  pulse  should  be  avoided  as  well,  as  the 
PWM  gain  may  be  reduced. 

Details  of  PWM  oscillator  operation,  waveforms  and 
synchronization  is  covered  extensively  in  U-1 1 1  [2]. 
Synchronizing  multiple  UC3886  PWM  controllers 
can  be  implemented  using  the  UC3803  circuit  as 


A  simple  but  important  fact  must  be  under- 
stood up  front;  the  load  current  of  the  Buck 
regulator  is  not  the  same  as  the  inductor  cur- 
rent of  the  Buck  regulator.  The  load  current  is 
made  up  of  the  inductor  current  plus  the  cur- 
rent from  the  output  capacitance.  Average 
current  mode  control  programs  the  inductor 
current.  This  is  especially  important  when 
considering  transient  behavior  and  the 
dynamics  involved. 
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Figure  12.  Configuring  the  UC3886  in  Average  Current  Mode  Control 
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The  purpose  of  Average  Current  Mode  Control  is  to 
program  the  Buck  regulator  (output  inductor)  to 
supply  an  average  current  to  the  load,  such  that  the 
proper  output  voltage  is  maintained.  The  proper 
output  voltage  is  programmed  by  the  VCOMMAND 
pin  on  the  UC3886. 

A  change  in  the  load  current  of  the  Buck  regulator 
will  change  the  output  voltage  incrementally,  which 
in  turn  will  change  the  output  of  the  Voltage 
Amplifier,  COMP.  Changing  COMP  will  change  the 
output  of  the  Current  Amplifier,  CAO/ENBL,  which 
is  a  direct  input  to  the  PWM  comparator.  Duty  cycle 
will  change  as  a  result  of  CAO/ENBL  changing. 
Note  that  at  this  point,  the  average  inductor  current 
has  not  changed  yet,  only  the  LOAD  current.  This 
means  that  until  this  point,  the  output  capacitor  has 
supplied  the  change  in  load  current. 

A  duty  cycle  change  will  cause  the  average  current 
to  change  through  the  inductor.  The  inductor  cur- 
rent is  converted  to  a  voltage  signal  by  the  sense 
resistor,  and  is  then  amplified  by  the  Current  Sense 
Amplifier  and  is  seen  at  the  inverting  input  of  the 
Current  Amplifier,  CAM.  When  the  amplified  current 
signal  of  the  Current  Amplifier's  non-inverting  input 
is  equal  to  the  COMP  pin,  the  circuit  settles  into  a 
steady  state  condition,  where  the  average  current 
into  the  load  results  in  the  proper  output  voltage. 

BUFFER 

The  UC3886  Buffer  block  performs  three  functions: 

•  Buffers  VCOMMAND  to  create  a  bias 
voltage  for  the  Current  Sense  Amplifier 
output  ISO. 

•  Clamps  the  COMP  output  of  the  Voltage 
Amplifier  to: 

1 .0  volt  above  the  command  voltage  for 
use  in  current  limiting. 
0.7  volts  below  the  command  voltage  to 
limit  large  signal  swing. 

•  Buffers  Vsense  *or  the  sole  purpose  of 
minimizing  the  offset  voltage  at  the  Voltage 
Amplifier  (BUF2  in  Figure  12). 

The  Buffer  has  a  gain  accuracy  of  1 .0  ±0.05  VA/.  A 
decoupling  capacitor  of  0.1uF  located  close  to  the 
IC  is  recommended  in  order  to  reduce  noise  in  the 
current  loop  and  to  insure  the  unity  gain  stability  of 
the  Buffer. 

VOLTAGE  AMPLIFIER 

The  UC3886  Voltage  Amplifier  is  used  to  create  an 
error  voltage  based  on  the  difference  between  the 
non-inverting  (VCOMMAND)  and  inverting 
(VSENSE)  inputs  to  the  Voltage  Amplifier.  It  fea- 


tures a  3.5MHz  Gain-Bandwidth  product  and  an 
open  loop  gain  of  85dB. 

The  Voltage  Amplifier  is  optimized  to  provide  excel- 
lent DC  accuracy  in  a  closed  loop  system  by  pro- 
viding low  offset  voltage  (±2.0mV)  and  very  low 
input  offset  current  (±0.01  uA).  The  second  buffer, 
BUF2,  which  buffers  the  VSENSE  line,  also 
improves  DC  accuracy  by  insuring  that  its  bias  cur- 
rent is  closely  matched  to  the  bias  current  of  BUF1 
(i.e.,  very  low  offset  current  between  BUF1  and 
BUF2).  By  matching  the  impedances  at  the  Voltage 
Amplifier  inputs,  as  shown  in  Figure  13,  the  low 
Voltage  Amplifier  and  Buffer  bias  currents  will  can- 
cel, minimizing  DC  error.  Reducing  the  values  of 
the  resistors  will  minimize  this  small  offset  error. 
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Figure  13.  Minimizing  DC  Offsets  at  the  Voltage 
Amplifier 

The  Voltage  Amplifier  is  also  optimized  for  large  sig- 
nal transient  performance.  A  large  signal  (step)  load 
change  in  a  Buck  regulator  will  result  in  a  rapidly 
changing  output  voltage,  which  in  turn  will  cause 
the  Voltage  Amplifier's  output  (COMP)  to  change. 
The  COMP  pin  is  clamped  by  the  buffer  to  Vbuf 
+1 .0V  on  the  high  side  and  to  VBUF  -0.7V  on  the 
low  side,  where  VBUF  is  the  voltage  at  the  BUF  pin. 
This  insures  that  large  signal  transitions  at  the 
COMP  pin  will  be  limited  to  just  outside  its  steady 
state  control  range  (VBUF  to  VBUF  +1.0V). 
Feedback  capacitors  will  not  have  to  be  charged  up 
and  discharged  from  "rail  to  rail",  and  therefore  the 
Voltage  Amplifier  will  react  much  more  quickly  to 
transients,  reducing  reaction  time  and  overshoot. 
Using  low  feedback  capacitance  will  allow  the 
Voltage  Amplifier  to  rapidly  slew  from  one  level  to 
another,  insuring  excellent  transient  response. 

The  use  of  non-integrating  feedback  around  the 
Voltage  Amplifier  can  optimize  the  transient  perfor- 
mance of  a  converter  by  minimizing  the  amount  of 
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capacitance  on  the  COMP  pin,  and  by  intentionally 
limiting  DC  voltage  regulation.  Non-integrating  com- 
pensation is  discussed  in  Appendix  3. 

CURRENT  SENSE  AMPLIFIER 

The  UC3886  Current  Sense  Amplifier  is  used  to 
amplify  a  differential  current  sense  signal  across  a 
low  value  current  sense  resistor,  Rsense-  'ea_ 
tures  a  2.5MHz  Gain-Bandwidth  product  and  an 
open  loop  gain  of  85dB.  This  amplifier  must  be  set 
up  as  a  differential  amplifier  as  shown  in  Figure  14. 
A  differential  amplifier  configuration  will  amplify  only 
the  difference  voltage  across  the  sense  resistor, 
Rsense,  and  will  not  amplify  or  carry  common- 
mode  information. 
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Figure  14  .  Configuring  the  Current  Sense 
Amplifier  of  the  UC3886 

The  Current  Sense  Amplifier  gain  must  be  pro- 
grammed (by  external  resistors)  to  be  greater  than 
or  equal  to  5.0  (14dB),  as  this  amplifier  is  not  sta- 
ble with  gain  below  5.0.  The  Current  Sense 
Amplifier  gain  is  limited  on  the  high  side  by  its  Gain- 
Bandwidth  product  of  2.5MHz.  Therefore,  the  gain 
of  the  Current  Sense  Amplifier,  Gcsa,  must  be  pro- 
grammed between 

gcsa_min  =  5.0  and  Gcsa_max 
=  2.5MHz/FSW|TCH 
where  FSWitch  is  the  oscillator  switching  frequency. 

Equations  governing  a  Differential  Amplifier  are 
contained  in  Appendix  4. 

Rsense.  tne  current  sense  resistor,  is  used  to  mea- 
sure the  output  inductor  current,  which  is  necessary 


for  the  proper  operation  of  Average  Current  Mode 
Control.  The  Current  Sense  Amplifier  features  a 
common  mode  input  range  from  0.0  to  4.5Vdc.This 
allows  the  current  sense  resistor  to  be  placed 
directly  in  series  after  the  output  inductor  in  low 
output  voltage  converters. 

Rsense  should  not  be  placed  before  the  output 
inductor  because  the  current  sense  signal  will  be 
outside  the  common  mode  range  of  the  Current 
Sense  Amplifier.  Likewise,  Rsense  should  not  be 
placed  in  the  return  path  unless  a  ground  difference 
can  exist  between  the  UC3886  and  the  load,  which 
may  be  detrimental  to  voltage  regulation.  Figure  15 
illustrates  these  points. 

CURRENT  AMPLIFIER  AND  PWM  COMPARATOR 

The  Current  Amplifier  is  used  to  create  a  current 
error  voltage  based  on  the  difference  between  the 
amplified  inductor  current  and  the  Voltage  Amplifier 
output,  COMP.  It  features  a  3.5MHz  Gain- 
Bandwidth  product  and  an  open  loop  gain  of  85dB. 
Using  an  integrating  feedback  compensating 
network  around  the  Current  Amplifier  presents  two 
advantages  of  Average  Current  Mode  control  over 
Peak  Current  Mode  Control  [4].  Higher  DC  gain  is 
the  first  advantage.  The  second  is  the  ability  to  com- 
pensate the  loop,  whereas  Peak  Current  Mode 
Control  has  a  fixed  gain. 

The  output  of  the  Current  Amplifier,  CAO/ENBL,  is 
compared  to  the  PWM  ramp  with  the  result  being  a 
duty  cycle  varying  as  a  function  of  the  inductor  cur- 
rent and  the  commanded  voltage.  Ideal  PWM  com- 
parator waveforms  are  shown  in  Figure  16.  By 
observing  the  waveforms  of  Figure  16,  the  noise 
immunity  advantage  of  Average  Current  Mode  con- 
trol over  Peak  Current  Mode  control  can  be  seen.  At 
the  beginning  of  each  switching  cycle,  the  Ramp 
signal  is  at  its  lowest  point,  and  therefore  the  PWM 
comparator  is  less  susceptible  to  turn  on  spikes. 
Also,  since  an  Average  Current  Mode  control  sys- 
tem samples  the  Inductor  current,  and  not  the 
switch  current,  there  are  no  parasitic  turn  on  spikes 
to  compensate  for  or  filter. 

The  Current  Amplifier  output,  CAO/ENBL,  is  com- 
pared to  the  ramp  waveform  generated  at  the  tim- 
ing capacitor,  C-r,  at  the  high  speed  PWM 
Comparator.  The  ramp  waveform  is  a  fixed  frequen- 
cy ramp  ranging  from  1 .0V  to  2.8V.  Figure  16  shows 
that  the  output  of  the  Current  Amplifier  is  clamped 
to  approximately  3.2V,  which  is  above  the  steady 
state  range  of  the  PWM  comparator  (2.8V).  Large 
signal  transient  conditions  may  cause  the  Current 
Amplifier  output  to  swing  high  and  clamp  to  this 
upper  limit.  Clamping  the  Current  Amplifier  output 
allows  a  fast  transient  response,  as  the  feedback 
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Figure  15.  Sense  Current  AFTER  the  Inductor  to  Insure  the  Signal  is  within  the  Current  Sense  Amplifier's  Common 
Mode  Range 

capacitors  do  not  swing  over  a  large  voltage  range 
and  cause  substantial  transient  overshoots  or 
delays. 

Disabling  the  UC3886  Gate  Output  with 
CAO/ENBL 

The  UC3886  can  be  disabled  by  bringing  the 
CAO/ENBL  pin  below  0.8V,  as  shown  in  Figure  17. 
The  CAO/ENBL  pin  is  one  input  to  the  PWM  com- 
parator, and  the  oscillator  ramp  waveform  is  the 
other.  Bringing  the  CAO/ENBL  pin  below  0.8V  will 
force  the  Gate  Drive  duty  cycle  to  0%. 

The  CAO/ENBL  is  the  output  of  the  Current 
Amplifier  and  will  be  compensated  for  loop  control. 
The  signal  to  the  CAO/ENBL  pin  must  therefore  be 
a  true  open  collector  so  that  during  the  HIGH 
(open)  state,  there  is  no  effect  on  the  amplifier's 
performance.  The  open  collector  signal  must  be 
capable  of  sinking  3  250uA  and  remain  below  0.8V. 
Figure  17  shows  R1  which  is  recommended  if  the 
enable  signal  is  located  at  a  significant  distance 
from  the  power  supply.  A  long  circuit  board  signal 
run  can  couple  noise  into  the  current  loop  if  it 
resides  close  to  noisy  signals.  R1  acts  as  a  high 
impedance  block  to  noise  signals.  R1  should  be 
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Figure  16.  The  Current  Amplifier  Output  is  compared 
to  the  PWM  Ramp  Signal 
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Figure  17.  Disabling  the  UC3886 

small  enough  however  to  insure  that  the  disabling 
signal  at  CAO/ENBL  is  less  than  0.8V.  A  1kW  resis- 
tor is  recommended. 

No  features  of  the  UC3886  are  powered  down  dur- 
ing the  disabled  output  state  other  than  the  Gate 
Drive  output. 

CLOSING  THE  LOOP  WITH  AVERAGE 
CURRENT  MODE  CONTROL 

The  fundamental  principles  of  Average  Current 
Mode  Control  are  presented  in  Unitrode  Application 
Note  U-140  [4].  Compensating  both  the  current 
loop  and  voltage  loop  is  further  detailed  in  Unitrode 
Seminar  Topic  "Switching  Power  Supply  Control 
Loop  Design"  [5]. 

Figure  18  is  a  modification  of  the  models  presented 
in  the  two  referenced  application  notes  where  the 
addition  of  the  Current  Sense  Amplifier  is  the  fun- 
damental change. 

Closing  the  Loop  in  a  Variable  Output 
Power  Supply 

The  above  mentioned  references  on  closing  the 
loop  using  Average  Current  Mode  control  show  a 
critical  limitation  on  the  inductor  current  slope 
during  the  switch  OFF  time.  A  variable  output  power 
supply  must  consider  the  maximum  operating  out- 
put voltage,  where  the  inductor  current  OFF  time 
slope  is  maximized.  The  result  will  be  less  than  opti- 
mal gain  at  the  lower  operating  voltages. 

CURRENT  LIMITING  WITH  THE  UC3886 

The  output  of  the  Current  Sense  Amplifier,  ISO,  is 
determined  by  the  differential  gain  equation  (see 
Appendix  4)  and  is  biased  by  the  voltage  at  the 
BUF  pin,  Vbuf.  as  shown  in  Figure  14,  such  that 

ISO  =  VBUF  +  VSENSE  •  GCSa  [Volts] 


Rs  vo 


Figure  18.  Average  Current  Mode  Control  Circuit  and 
Waveforms  for  the  UC3886  ACM  Controller 


where 

VSENSE  =  'LOUT  *  RSENSE  and 
R2 

GCSA  =  FlT  3S  snown  in  Fi9ure  14- 

An  increase  in  load  current  will  force  the  power 
supply  output  voltage  to  decrease  as  the  output 
capacitor  discharges.  This  will  force  the  Voltage 
Amplifier  output  (COMP)  upward,  the  Current 
Amplifier  output  (CAO/ENBL)  higher,  will  increase 
the  duty  cycle  and  thus  will  increase  the  inductor 
current. 

COMP  is  clamped  to  VBUF  +  1 .0V  by  the  buffer.  As 
the  average  output  inductor  current  continues  to 
rise,  to  raise  the  output  voltage,  the  output  of  the 
Current  Sense  Amplifier,  ISO,  exceeds  the  value  of 
COMP.  This  occurs  when 

>SC  *  RSENSE  '  GCSA  =  1  0  Volt 
or  at  a  short  circuit  current  limit,  Iso  of 

lsc=  R  [Amperes] 

"SENSE  *  GCSA 

When  ISO  exceeds  the  value  of  COMP,  the  Current 
Amplifier,  configured  for  high  DC  gain,  swings  to  its 
minimum  value,  resulting  in  a  lower  short  circuit 
duty  cycle,  Dsc-  Dsc  is  high  enough  only  to  main- 
tain the  average  current  through  the  inductor. 

Figure  19  graphically  represents  the  dynamics  of  a 
short  circuit  placed  across  the  output  of  the  Buck 
regulator  of  Figure  12  at  time  fy. 
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Figure  19.  Dynamics  of  Short  Circuit  Protection  with 
the  UC3886 

Current  Limit  Load  Line 

Current  limiting  in  the  UC3886  follows  a  "square 
knee"  load  line,  where  current  is  not  disabled  or 
folded  back.  Figure  20  shows  this  load  line. 

The  voltage  at  the  output  of  the  Buck  regulator  of 
Figure  20  falls  proportionally  to  the  value  of  the 
short  circuit,  usually  measured  in  milliohms.  Many 
regulators,  under  a  short  circuit  of  extremely  low 
resistance,  will  demonstrate  a  condition  where 
Ipeak  can  be  much  larger  than  Isc.  often  referred  to 
as  "tail-out".  Safety  and  reliability  issues  may  arise 
should  the  value  of  Ipeak  not  be  well  understood 
and  controlled. 

The  simplified  Buck  regulator  shown  in  Figure  20 
shows  several  key  parasitic  elements,  along  with 
the  value  of  Rsense>  which  limit  the  current  to  Isc. 
preventing  tail-out.  See  Appendix  5  for  a  detailed 
example  of  programming  the  current  limit  using  the 
UC3886  ACM  Controller. 

AVERAGE  CURRENT  MODE  CONTROL  IN 
DISCONTINUOUS  MODE 

Average  current  mode  control  offers  the  advantage 
of  being  able  to  function  while  the  regulator  is  run- 
ning in  a  discontinuous  mode  of  operation  where 
the  output  inductor,  and  therefore  the  current  sig- 
nal, runs  dry. 
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Figure  20.  UC3886  Current  Limit  Load  Line  in  a 
Buck  Regulator 

With  peak  current  mode  control,  during  discontinu- 
ous mode,  the  peak/average  current  error  becomes 
unacceptably  large,  a  result  of  the  fixed  and  limited 
gain  in  peak  current  mode  control.  The  high  gain  of 
the  Current  Amplifier  used  in  Average  Current 
Mode  control  allows  the  large  changes  in  duty  cycle 
required  for  load  changes.  The  Average  Current 
Mode  gain,  however,  is  limited. 


There  is  a  slope  limitation  criteria  of  Average 
Current  Mode  control  (U-140  [4])  which  is: 
The  amplified  inductor  current  downslope  at 
one  input  of  the  PWM  comparator  must  not 
exceed  the  oscillator  ramp  slope  at  the  other 
comparator  input.  This  slope  criteria  directly 
limits  the  amount  of  gain  obtainable  in  the 
Current  Amplifier  at  the  switching  frequency. 


The  criteria  mentioned  above  can  be  equated  as 
F  •  Rs  •  GCsa  *  GCA  £ 


LOUT 

where,  in  the  model  of  Figure  18 
Vs  =  Oscillator  Ramp  [V] 
Ts  =  Switching  Period  [s] 
TD  =  Oscillator  Deadtime  [s] 


TS-TD 
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V0  =  Output  Voltage  [V] 

VF  =  Freewheeling  Diode  Forward  Voltage  [V] 

Lout  =  Output  inductor  [H] 

Rs  =  Sense  Resistor  [W] 

Gcsa  =  Gain  °f tne  Current  Sense  Amplifier 

Gqa  =  Gain  of  the  Current  Amplifier  at  the 

switching  Frequency. 
It  can  be  shown  from  the  above  equation  that  the 
Current  Amplifier  gain  is  directly  proportional  to  the 
Inductor  value,  and  is  constant  at  a  given  output 
voltage. 

Gca  =   1  1   K 

Lout  ts  -  td  Rs  *  gcsa  vo  +  vf 
Decreasing  Lqut  must  result  in  a  decrease  in  Gqa. 
and  therefore  the  Average  Current  Mode  gain.  This 
lower  current  gain  will  adversely  effect  large  signal 
response  of  the  circuit,  although  a  smaller  inductor 
value  will  improve  large  signal  response.  Even  with 
this  limitation  on  the  gain  Gqa.  Average  Current 
Mode  Control  can  achieve  much  higher  gains  than 
Peak  Current  Mode  control. 

STARTUP  AND  SOFT  STARTING 
WITH  THE  UC3886 

Soft  starting  a  power  supply  is  defined  as  bringing 
the  output  voltage  up  to  its  specified  value  in  a  slow, 
controlled  manner.  Typical  power  supplies  soft  start 
in  10ms  to  100ms. 

The  need  for  soft  starting  a  power  supply  is  often 
associated  with  overshoot.  The  output  voltage  of  a 
power  supply  will  often  ring  over  its  specified  value 
when  the  power  supply  is  "snapped"  on,  as  the  con- 
trol loop  often  lags  the  rise  of  the  output  voltage. 
The  overshoot  can  be  destructive  if  it  is  not 
clamped  or  controlled.  Slowly  ramping  up  the  out- 
put voltage  will  minimize  the  overshoot. 

The  fast  transient  response  of  the  UC3886  Average 
Current  Mode  controller  helps  eliminate  the  need 
for  soft  starting  the  DC/DC  converter.  At  startup,  the 
Average  Current  Mode  control  directly  controls  the 
inductor  current.  As  long  as  the  output  voltage  is 
less  than  the  required  voltage,  the  current  loop 
forces  the  UC3886  to  supply  current  limited  to  lsc, 
the  short  circuit  limit.  Once  the  proper  output  volt- 
age is  reached,  the  very  fast  transient  response  of 
the  UC3886  Voltage  and  Current  Amplifiers  will  cut 
back  on  the  duty  cycle,  thus  eliminating  the  voltage 
overshoot  associated  with  a  slow  loop  response.  A 
large  output  capacitance  on  the  DC/DC  converter 
will  insure  that  a  slight  overshoot  in  inductor  current 
results  in  negligible  overshoot  in  the  output  voltage. 


A  soft  start  capacitor  can  be  added  to  the 
VCOMMAND  pin  as  shown  in  the  circuit  of  Figure 
21 ,  should  a  slow,  controlled  start  up  be  required. 
The  values  or  resistors  R1  and  R2  should  be  cho- 
sen to  (a)  create  the  proper  voltage  at 
VCOMMAND,  (b)  draw  less  than  2.0mA  from  VREF 
and  (c)  equal  the  impedance  seen  by  the  inverting 
input  of  the  UC3886  Voltage  Amplifier,  VSENSE,  to 
cancel  bias  current  effects.  Once  the  resistors  are 
chosen,  then  Css  should  be  chosen  for  the  proper 
time  constant. 
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Figure  21 .  Soft  Starting  the  UC3886 


DRIVING  A  HIGH  SIDE  N-CHANNEL  MOSFET 
WITH  THE  UC3886 

The  UC3886  is  designed  to  drive  an  N-Channel 
MOSFET  in  a  Buck  configuration,  as  shown  in 
Figure  6.  There  are  circuit  and  MOSFET  factors  to 
be  considered  in  order  to  properly  drive  the 
MOSFET.  The  circuit  factors  include  the  values  of 
VIN.  VCC  UVLO,  the  UC3886  totem-pole  gate  volt- 
age and  ringing  voltages  on  the  Gate  and  Source 
nodes.  The  MOSFET  factors  include  Vesmin. 
VGSmax.  RDSon  vs  VGS,  and  the  type  of  MOSFET 
used,  standard  or  Logic  Level.  A  MOSFET's  on  and 
off  characteristics  are  controlled  by  the  gate-to- 
source  voltage,  Vqs- 

There  are  many  sources  of  literature  [6,  7,  8,  9] 
which  discuss  MOSFET  drive  circuits  and  parame- 
ters. This  application  note  will  highlight  several  con- 
siderations in  using  the  UC3886  GATE  output  in  dri- 
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ving  standard  and  Logic  Level  MOSFETs  in  a  Buck 
regulator. 

Standard  MOSFET 

1)  Given  a  5  volt  input  and  a  12  volt  Vcc  source  to 
the  UC3886  (Figure  6),  VGs  is  only  7  volts 
nominally.  Rpson  f°r  standard  MOSFETs  is  often 
specified  with  Vqs  =  10V.  A  survey  of  several  60 
volt  low  Roson  MOSFETs  shows  that  Roson  is 
higher  by  a  factor  of  approximately  1 .35  when  these 
MOSFETs  are  driven  with  only  7  volts  VGs-  Specific 
data  sheets  and  curves  should  be  reviewed  for 
exact  figures. 

2)  The  UVLO  threshold  at  startup  for  the  UC3886  is 
10.3  volts.  Although  the  PWM  will  start  switching 
when  UVLO  is  disabled,  there  may  not  be  enough 
gate-to-source  voltage  for  the  MOSFET  to  carry  the 
full  load  current.  This  characteristic  can  effect  the 
amount  of  time  to  reach  full  load  current  at  startup. 

3)  Turn  on  time  for  standard  MOSFETs  is  often 
specified  with  Vqs  =  10V,  whereas  the  initial  gate- 
to-source  voltage  from  the  UC3886  may  be  less 
than  10V.  The  resulting  turn  on  time  may  be  longer 
than  specified  in  the  device  data  sheets. 

Logic  Level  MOSFET 

1)  Many  modern,  low  voltage,  low  Roson  L°9ic 
Level  MOSFETs  have  a  maximum  VGS  rating  of 
±10V.  Excessive  gate  voltage  may  damage  or  seri- 
ously degrade  the  reliability  of  these  MOSFETs. 

In  the  Buck  regulator  of  Figure  6,  the  source  voltage 
is  rising  from  -VF  to  +V|N  during  turn  on.  At  the 
beginning  of  the  cycle,  the  gate-to-source  voltage, 
Vqs.  is  equal  to  Vsate+Vf>  which  may  be  well  in 
excess  of  10V.  At  the  end  of  the  cycle,  Vqs  is  less, 
as  the  source  voltage  has  risen  to  approximately 
the  input  voltage.  The  gate-to-source  voltage 
dynamic  characteristics  are  dependent  on  the  value 
of  series  gate  resistance,  Rqate.  as  weH  as  circuit 
load  characteristics.  Rqate  can  De  increased  to 
insure  that  during  the  turn-on  pulse,  the  source  volt- 
age has  risen  to  the  input  voltage  well  in  advance 
of  Vqs  reaching  its  maximum  value.  The  cost  of  this 
approach  may  be  in  switching  power  losses. 

A  gate-to-source  zener  diode  can  be  used  as 
shown  in  Figure  22  to  insure  that  excessive  Vqs  is 
not  reached. 

Low  Rpson  "  Low  Voltage  MOSFETs 
Several  MOSFET  processes  have  increased  the 
density  of  MOSFET  cells  in  order  to  optimize  Rpson 
and  current  handling  capabilities.  One  result  of  this 
is  the  reduction  of  a  good  Gate  metal  path  to  indi- 
vidual cells.  The  result  of  this  is  higher  internal  gate 
resistance  and  inductance,  which  effects  the 
switching  performance  of  the  MOSFET. 
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Figure  22.  Clamping  VGs  with  a  Zener  Diode 

A  noticeable  effect  of  these  parasitics  is  the  differ- 
ence between  the  Turn-On  delay  and  the  Turn-Off 
delay.  At  turn-on,  as  soon  as  a  small  number  of 
cells  are  turned  on,  drain  current  begins  to  conduct. 
At  turn-off  however,  the  gate  charge  must  be 
removed  from  all  MOSFET  cells,  resulting  in  a  sub- 
stantial delay  in  turning  off  the  drain  current,  as 
illustrated  in  Figure  23.  MOSFET  Turn-on  and  Turn- 
off  delays  will  vary  based  on  supplier  processes. 
Supplier  data  sheets  should  be  consulted. 
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Figure  23.  MOSFET  Turn-On  and  Turn-Off  Delays 


USING  THE  UC3886  WITH  THE  UC3910  FOR  A 
COMPLETE  Pentium®Pro  SOLUTION 

The  UC3886/UC3910  Chip  Pair  is  shown  in  Figure 
24  as  configured  in  a  typical  Buck  regulator.  The 
programmable  DAC  output  of  the  UC3910  is  simply 
fed  into  the  VCOMMAND  pin  of  the  UC3886  to  pro- 
vide a  programmable  PWM  controlled  power  supply. 

Using  this  chip  pair  offers  significant  benefits  when 
providing  power  to  today's  microprocessors.  The 
two  IC's  can  be  configured,  as  shown  in  Figure  24, 
to  provide  all  functions  required  to  interface  with, 
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Figure  24.  UC3886/UC3910  Interconnection  Diagram 


control,  and  monitor  the  performance  of  the  Intel 
Pentium®Pro  and  other  high  end  processors. 
Together,  the  chip  pair  meets  the  critical  require- 
ments of  the  PentiumOPro  with  a  simple,  accurate 
and  efficient  switching  regulator  which  meets  the 
difficult  transient  regulation  requirements  with 
Average  Current  Mode  Control. 

For  additional  information  on  the  UC3910  4-BIT  DAC 
and  Voltage  Monitor  IC,  refer  to  application  note 
U-158  [10].  For  additional  information  on  a  detailed 
circuit  design  and  performance  of  the 
UC3886/UC3910  chip  pair,  refer  to  application 
note  U-157  [11]. 

Features  of  the  UC3886/UC3910  Chip  Pair 

Simplicity 

The  UC3886/UC391 0  is  configured  to  drive  a  basic 
Buck  regulator.  The  ICs  integrate  all  control  and 
monitoring  functions,  so  that  external  parts  count  is 
reduced.  Circuit  boards  can  use  fewer  layers,  fewer 
interconnects  and  fewer  components. 

The  UC3886  features  a  direct  output  NMOS  drive, 
eliminating  the  need  for  creating  high  voltages  and 
allowing  the  use  of  an  efficient  N-Channel 
MOSFET. 

The  programmable  voltage  feature  of  the  UC3910 
allows  system  designers  to  directly  interface  with 
Intel's  PentiumOPro  to  create  one  power  supply 
that  will  meet  all  voltage  requirements,  and  thus 


reducing  all  the  logistics  associated  with  single  out- 
put power  supplies. 

The  UC3910's  DAC  and  unique  voltage  monitoring 
architecture  directly  replaces  discrete  components 
including  a  precision  reference,  a  DAC,  complicat- 
ed resistive  networks,  multiple  window  comparators 
and  an  SCR  Driver.  The  UC3910's  tracking  fault 
windows  are  simply  programmable  with  two  exter- 
nal resistors. 

The  UC3886  can  directly  monitor  the  inductor  cur- 
rent through  a  low  value  resistor,  eliminating  the 
need  for  a  current  transformer  or  complicated 
waveform  synthesis  circuitry. 

The  accuracy  and  true  "square-knee"  characteristic 
of  the  UC3886  over  current  limit  programming  elim- 
inates the  need  to  over-design  the  power  compo- 
nents for  operation  in  an  indefinite  short  circuit. 

Accuracy 

The  typical  ±0.5%  accuracy  of  the  UC3910  is  not 
corrupted  by  the  UC3886,  as  the  UC3886  uses  a 
very  low  offset  Voltage  Amplifier,  has  very  low  bias 
currents,  and  offsets  the  bias  currents  within  the  IC. 
The  combined  system  accuracy  is  ±1%.  This  high 
DC  accuracy  negates  the  need  for  trimming  the 
power  supply  output  voltage  in  manufacturing. 

Efficiency 

The  high  current  drive  of  the  UC3886  allows  the 
use  a  high  end  low  Roson  N-channel  MOSFET.  Full 
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load  efficiencies  of  80%  can  be  met  with  a  minimal 
cost  and  parts  count. 

Severe  Transient  Loading 

The  UC3886  Average  Current  Mode  Control  fea- 
tures allow  optimization  of  both  the  voltage  and  cur- 
rent loops.  High  gain  in  the  current  loop  can  be 
achieved  with  Average  Current  Mode  control.  The 
UC3886  features  very  fast  amplifiers  for  optimal 
large  signal  performance.  The  voltage  and  Current 
Amplifiers  are  internally  clamped  to  reduce  their 
dynamic  range,  which  prevent  large  overshoot  and 
respond  faster  to  changes  in  load  current.  The 
UC3910  high  accuracy  allows  a  tightly  regulated 
DC  voltage  which  allows  a  wider  voltage  swing 
under  load  transient  conditions. 

SUMMARY 

Power  supply  requirements  for  low  voltage,  high 
end  processors  are  particularly  difficult  to  meet  with 
regard  to  tight  regulation  and  fast  transient 
response.  The  UC3886  contains  all  the  features 
required  to  meet  these  requirements  while  main- 
taining high  efficiency  and  a  low  external  parts 
count.  Average  current  mode  control  offers  excel- 
lent regulation  and  fast  transient  response,  accu- 
rate current  limiting  reduces  electrical  and  thermal 
overdesign,  and  high  side  N-MOSFET  drive  helps 
create  a  simple  and  high  efficiency  power  circuit. 
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APPENDIX  1:  BUCK  REGULATOR  BASICS 

A  schematic  of  a  basic  Buck  regulator  power  stage 
is  shown  in  Figure  1A  .  Several  parasitic  elements 
are  included  for  the  reasons  described  below. 
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Figure  1A  -  Buck  Regulator  Power  Stage 

The  transfer  function  of  a  Buck  regulator  is  often 
simplified  as 


VoUT  =  V|N-D 


Simple  Approximation 


where  D  is  the  duty  cycle  of  the  Pulse  Width 
Modulator  (PWM). 

Parasitic  elements  such  as  series  resistance  and 
even  the  diode  drop,  VF,  are  often  assumed  to  be 
negligible,  especially  when  the  output  voltage  is 
large  compared  to  these  voltage  drops,  and  current 
is  low. 

For  a  low  voltage,  high  current  Buck  regulator,  a 
more  exact  transfer  function  is  necessary  to  insure 
proper  operation. 

The  basic  operation  of  a  Buck  regulator  with  PWM 
control  is  this:  a  PWM  controlled  rectangular  wave- 
form is  created  by  the  switch,  Q1 ,  and  is  averaged 
by  the  output  LC  power  stage.  The  inductor  must 
balance  volt-seconds  during  both  the  ON  time  and 
the  OFF  time  in  order  for  this  averaging  function  to 
occur.  Volt-seconds  is  defined  as  the  product  of  the 
voltage  across  the  inductor  and  the  time  which  that 
voltage  is  present. 

The  equation  for  the  volt-second  product  across  the 
inductor  during  the  ON  and  OFF  times  are  given  by: 

VOLT_SEC_ON  =  (V,N  -  lOUT  *  (Rdson  + 
RLOUT  +  RSENSE)  "  VoUT)  *  TON 
VOLT_SEC_OFF  =  (VOUT  +  'OUT  '  (RlOUT  + 

Rsense)  +  Vf)  •  Toff 
Equating  the  volt  seconds  gives 

(Vin  -  Iout  *  (Rdson  +  rlout  +  Rsense) 
-  vout)  •  Ton  =  (vout  +  'out  •  (RLout  + 
Rsense)  +  vf)  *  toff 


Duty  cycle  D  is  defined  as  T0n/T,  where  T  is  the 
switching  period.  Therefore,  Tqff/T  can  De  defined 
as  1-D,  resulting  in 


ton 


D-T 


Toff  (i-d)«t 

vout  +  Hout  *  (rlout  +  Rsense)]  +  vf 
vin  -  ['out  •  (rdson  +  rlout  +  Rsense)]  -  vout 

giving  the  governing  equation  for  the  output  voltage 

Vout  =  (D  •  V,N)  -  (D  •  i0ut  ■  Rdson)  - 
[Iout  •  (Rlout  +  Rsense)]  -  [VF  •  0  -  D)] 
and  the  governing  equation  for  duty  cycle 


D 


_vout  +  ['out  •  (Rlout  +  Rsense)]  +  Vf 
Vin  -  (Iout  *  Rdson)  +  VF 


Duty  Cycle  for  Buck  Regulator 


Example: 
V|N  =  5.0V 
Vqut  =  3.1V 

Rlout  =  001  ow 
Rsense  =  001  ow 

Rdson  =  0.025W 

Iout  =  1A  min  to  10A  max 

VF  =  0.4V  @  1A,  0.5V  @  10A 

Estimate  Duty  cycle  based  on  the  simple  duty  cycle 

approximation: 


.  Vqut 
Vin 


3.1V 
5T0V 


:  62% 


Calculate  Duty  cycle  based  on  the  complete 
equation: 


3.1V  +  [10A  •  (0.01  W  +  0.01  W)]  + 
0.5V 


D  = 

=  72.4%@10A 

3.1  V  +  [1A  •  (0.01W  +  0.01  W)]  +  0.4V 


D  = 


5.0V  -  (1 10A  •  0.025W)  +  0.4V 


=  65.5%@1A 

The  results  show  that  simplifying  the  transfer  func- 
tion can  result  in  a  substantial  error  when  low  volt- 
ages and  high  currents  are  considered. 
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APPENDIX  2:  CALCULATING  AVERAGE  GATE 
DRIVE  CURRENT,  lGATE 

A  MOSFET  gate  requires  a  total  gate  charge,  Oq, 
which  is  specified  in  the  manufacturer's  data  sheet, 
in  order  to  effectively  turn  on.  Understanding  gate 
drive  requirements  and  dynamics  is  discussed  in 
detail  in  U-118  [8]  and  in  U-137  [9].  The  MOSFET 
gate  is  charged  up  at  turn-on  by  a  peak  current 
waveform,  often  limited  by  the  driver  output  imped- 
ance as  well  as  series  resistance.  Over  many 
cycles,  the  peaks  of  current  can  be  averaged.  This 
average  current  must  be  supplied  to  the  UC3886 
from  the  Vcc  source. 

Figure  2A  shows  an  N-channel  MOSFET  in  a  Buck 
regulator  configuration.  The  input  voltage  is  5V,  and 
the  gate  driver  is  powered  from  12V.  The  effective 
Gate-to-Source  voltage  is  therefore  7V. 
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lGATE 

AVG 
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Figure  2A.  Calculating  Average  Gate  Current 

Figure  2B  is  a  generic  example  of  a  manufacturer's 
"Gate-Source  Voltage  vs  Gate  Charge"  curve, 
found  in  most  MOSFET  data  sheets.  The  charge 
required  is  a  direct  function  of  the  Gate-to-Source 
voltage  which  drives  the  MOSFET.  Using  this  curve, 
the  required  gate  charge  for  the  circuit  in  Figure  2A 
can  be  read  off  of  the  curve. 

Gate  charge  and  current  are  related  by 
Qg  =  'gate  *  Ts 

where  IGAte  is  tne  AVERAGE  gate  current  and  T$ 
is  1/Fs  or  one  switching  period. 

Average  gate  current,  Igate.  can  therefore  be  cal- 
culated by  using 

Igate  =  Qg  /ts  =  Qg  *  Fs- 


As  an  example,  an  IRFZ48  MOSFET  requires 
approximately  50  nanocoulombs  total  gate  charge 
(Qq)  with  7  volts  VGs  drive.  The  average  current 
drawn  by  the  gate  at  an  operating  frequency  of 
200kHz  is  therefore 

Igate  =  50nC  *  200kHz  =  10  milliamps. 

The  total  current  drawn  by  the  UC3886  under  these 
operating  conditions,  would  therefore  be 

Ice  =  'bias  +  Igate  =  10mA  +  10mA 


=  20mA 

total. 
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Figure  2B.  Using  Total  Gate  Charge  to  Calculate  Gate 
Current 


APPENDIX  3:  MANAGING  REGULATION  AT 
THE  LOAD  WITH  NON-INTEGRATING  GAIN 

A  model  of  an  Average  Current  Mode  controlled 
Buck  regulator  is  shown  in  Figure  3A.  The  Average 
Current  Mode  control  loop  can  be  modeled  as  a 
simple  transconductance  amplifier,  which  converts 
the  Voltage  Amplifier's  error  voltage  into  the 
required  average  output  current. 

The  parasitic  resistive  and  inductive  elements 
shown  in  the  circuit  will  have  the  following  effects: 

•  The  resistive  elements  will  cause  a  steady 
state  load  regulation  error  proportional  to 
resistance  and  load  current 
•The  resistive  elements  will  cause  a  transient 
voltage  drop  proportional  to  resistance  and 
amplitude  of  the  change  in  load  current 
•The  inductive  elements  will  cause  a  tran- 
sient voltage  drop  proportional  to  inductance 
and  the  rate  of  change,  di/dt. 
Sensitive  loads,  such  as  high  end  Processor  ICs, 
require  regulation  at  the  load  to  be  extremely  tight 
under  load  variations.  Load  regulation  specifica- 
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tions  can  consist  of  a  window  of  voltage  regulation 
which  includes  variations  of  steady  state  load  cur- 
rent, load  transient  conditions,  voltage  ripple  and 
DC  regulation  tolerances. 

The  allowed  transient  voltage  deviation,  when 
considering  low  voltage  processors  with  very  fast 
transients  rates,  can  be  extremely  difficult  to  meet, 
and  may  require  an  excessive  amount  of  output 
capacitance  in  order  to  keep  the  total  capacitor's 
ESR  and  ESL  low  enough  to  meet  the  regulation 
requirements.  Excess  capacitance  is  bulky  and 
expensive. 

Managing  the  regulation  at  the  load  can  be  sum- 
marized by  the  following  goals  and  methods  to 
meet  the  goals. 

Goals 

1.  Meet  ±5%  regulation  at  the  load  under  all 
operating  conditions 

2.  Minimize  the  amount  of  output  capacitance 
required  at  the  power  supply  output  in  order  to 
minimize  cost  and  size 

Methods 

1.  Use  parallel,  low  impedance  pins  at  the  power 
supply  connector. 

2.  Use  power  and  ground  planes  from  the  power 
supply  to  the  load. 

3.  Maximize  local  decoupling  at  the  load. 

4.  Minimize  ripple  to  maximize  use  of  the 
regulation  window. 

5.  Compensate  for  the  I  •  R  voltage  drop  to  the 
load  with  positive  DC  offset  at  the  power  supply 
output. 

6.  Maximize  allowable  transient  voltage  swing  by 
providing  positive  DC  offset  at  the  power  supply 
output  when  operating  at  the  minimum  load, 
and  providing  negative  DC  offset  at  the  power 
supply  output  when  operating  at  the  maximum 
load.  This  can  be  accomplished  by  using  Non 
integrating  gain  (resistive,  not  capacitive  feed 
back)  about  the  Voltage  Amplifier. 

Methods  1  through  4  consist  of  good  electronic  lay- 
out and  filtering  practices.  Methods  5  and  6  are 
steps  which  can  be  taken  at  the  power  supply,  and 
are  discussed  below. 

Figure  3B  illustrates  the  output  voltage  effects 
resulting  from  load  transients  when  integrating  and 
non-integrating  feedback  is  utilized  as  well  as  the 
effects  of  a  DC  offset  voltage. 

Integrating  gain  utilizes  a  DC  blocking  capacitor  in 
the  feedback,  and  therefore  results  in  a  very  high 


Figure  3A.  Average  Current  Mode  Controlled  Regulator 
Output  Model 

DC  gain.  The  result  is  excellent  load  regulation, 
where  the  output  voltage  is  nominally  equal  to  the 
command  voltage.  This  is  typical  of  most  power 
supplies. 

Non-integrating  gain  utilizes  a  resistive  feedback 
path  instead  of  capacitive.  The  result  is  that  the  out- 
put voltage  will  decrease  as  the  load  current 
increases.  This  provides  an  INTENTIONAL  nega- 
tive load  regulation  characteristic. 

The  use  of  the  DC  offset,  achieved  simply  by  the 
voltage  divider  formed  by  R|  and  Rq  of  Figure  3B, 
centers  the  output  voltage  at  nominal  load. 

These  points  are  best  shown  by  an  example. 
EXAMPLE 

Buck  regulator  using  UC3886/UC3910  Chip  Pair 
Vqut  =  2.4V  to  3.4V. 

Regulation  window  =  ±5%  including  load,  line, 
ripple  and  transient  conditions. 

Ripple  =  ±1% 

DC  Regulation  Tolerance  plus  Line  Regulation 
=  ±1% 

I  •  R  Voltage  Drop  from  power  supply  to  load 
=  -1%  at  Imax 

Imin  =  0.5A  =  Minimum  normal  operating  current 

Imax  =  10A  =  Maximum  normal  operating 
current 

IJJmit  =  12A  =  Short  circuit  current  limit 

Goal:  Determine  and  set  Vqut  vs  lour  such  that 
the  ±5%  Regulation  requirement  is  met  with  maxi- 
mum allowed  transient  voltage  swings  (minimum 
output  capacitance). 

Step  1 :  Establish  a  regulation  goal. 

The  specified  window  is  ±5%.  Vripple 
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Figure  3B.  Integrating  vs  Non-Integrating  Gain  in  the  Voltage  Error  Amplifier  of  the  UC3886 

to-current  gain  is  therefore  equal  to 
LLimit     12  A 


Step  2: 


reserve  ±2%  of  the  specified  window. 
This  leaves  ±3%  of  the  window  for  load 
regulation. 

Figure  3C  illustrates  the  regulation  window. 

Based  on  the  regulation  of  integrating 
gain,  a  load  step  from  Imin  to  Imax  may 
only  cause  a  -3%  voltage  excursion  and 
still  insure  that  the  ±5%  window  require- 
ment is  met.  The  load  regulation  set  as  a 
goal  will  double  the  allowed  voltage 
excursion  from  -3%  to  -6%. 

Determine  the  voltage-to-current  gain  of 
the  closed  loop  Average  Current  Mode 
circuit. 

The  UC3886  error  voltage,  COMR  swings 
from  Vcommand  at  0.0  amperes  load  cur- 
rent, to  Vqommand  +1  °V  at  the  short  cir- 
cuit current  limit  point,  LLimit,  set  by  the 
Current  Sense  Amplifier  gain.  The  voltage- 


V_to_l_Gain  = 


DVe  ~  1.0  V 


12 
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Figure  3C.  Load  Regulation  for  Example  Circuit 
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Step  3: 


Determine  the  swing  in  the  UC3886  error 
voltage,  COMP,  at  Imax. 


DVc_  Imax  .10_10.0A, 
UVe    LLimit  1U     12  A 


1.0 


Step  4: 


=  0.833  Volts 

From  the  desired  load  regulation  curve, 
determine  the  swing  in  output  voltage 
associated  with  the  change  from  0  Amps 
(Not  Imin  in  this  case)  to  Imax.  Subtract 
the  I  •  R  drop  intrinsic  to  the  circuit. 

The  desired  regulation  swing  is  -6.3%  - 
(-1 .0%)  =  -5.3%  from  OA  to  Imax.  At  the 
lowest  operating  output  voltage,  this  is 
equivalent  to: 

DVqut  =  2.4V  •  5.3%  =  0.127  Volts 

Determine  the  gain  around  the  Voltage 
Amplifier  to  achieve  the  desired  voltage 
swing  over  the  operating  load  range. 


DVout  i 


DVe  DVe 


Gain  -  RF/R| 


and  therefore  Rf/R|  : 


0.833V 


6.56 


0.127V 

Where  Rp  is  the  feedback  resistor  and  R| 
is  the  input  resistor,  as  in  Figure  3B.  Let 
RF  =  20.0kW,  then  R|  =  3.09kW  and  the 
gain  about  the  Voltage  Amplifier  =  6.47. 

Step  5:  Determine  the  DC  offset  required  from 
the  Resistive  Divider  and  calculate  the 
value  of  Rq. 

The  resistive  divider  must  offset  the  out- 
put voltage  by  the  desired  offset  at  0.0 
Amps  of  +3.3%. 

Using  a  voltage  divider  resistor,  RD  with 
R|,  as  shown  in  Figure  3B: 


_  Rp_ 
Ri  +  Rd 


RD  = 


R,. 


■  1  -  0.033  so 
(1-0.033) 


0.033 


90.9kW 


Step  6: 


Figure  3D  illustrates  the  resulting  load 
regulation  at  the  output  of  the  power  sup- 
ply and  at  the  load. 

Determine  the  effects  of  a  variable  output 
voltage 

The  DC  offset  fixed  by  the  voltage  divider 
of  R|  and  Rq  is  setting  an  offset  percent- 
age, which  is  constant  at  3.3%. 
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Figure  3D.  Load  Regulation  for  Example  Circuit  -2.4V 
Output 

Therefore,  at  0.0A  all  output  voltages  will 
start  at  +3.3%  offset. 

The  gain  of  the  Voltage  Amplifier,  set  by 
Rp  and  R|,  is  also  fixed,  and  will  therefore 
have  a  smaller  effect  at  output  voltages 
larger  then  2.4V.  At  3.4V,  the  change  in 
output  voltage  is  fixed  at  -0.127  Volts, 
which  is  only  -3.74%  of  the  nominal 
output.  The  higher  voltages  will  therefore 
operate  within  a  narrower  voltage  regula- 
tion window  than  2.4V  and  the  voltage 
regulation  requirements  will  be  met. 

APPENDIX  4:  DIFFERENTIAL  AMPLIFIER 
EQUATIONS 

The  amplifier  shown  in  Figure  4A  is  configured  as  a 
differential  amplifier,  with  a  DC  bias.  The  output 
voltage  of  this  configuration  is  given  by 


VOUT  =  VBlAS  +  (V1-V2).  ^2 


This  result  can  be  derived  from  the  principal  of 
superposition,  by  adding  the  portion  of  the  output 
voltage  due  to  each  input  voltage,  V1,  V2  and 

VBIAS- 

V1  term:  Set  VBiAS  and  V2  to  GND,  find  VOUT: 

The  voltage  at  the  non-inverting  input  to  the  ampli- 
fier V(+)  is  derived  from  the  voltage  divider  of  R2 
and  R1,  and  is  then  multiplied  by  the  non-inverting 
op-amp  non-inverting  gain  formula. 

V(+)  =  V1«  (    R2  ) 
y'  VR1+R2' 

VoUTv,=V(+).(l+R^) 


=VT(    R2  Hi 

\R1-lRP'  V' 


R1+R2' 


R2\ 
R1  ' 
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Vout  SOLUTION: 


ilAS  CHWV-i 
R1 


VOUT.VBIAS  +  (Vl-V2)-^ 


Vout 
— O 


R2 

OV  Oj\aA — I 


Volnv,.Vl.(Ji_).(u£) 


R2 

OV  CWWV-i 

OV  O-A/sAr-i— f> 
R1 

V2  O-AAV-j-4 


V0UT„.V2.(-^-) 


R2 


VOUT 

— o 


VOUTvbias=VBIAS  •  (■  A 

XR1+R2 

Vout 


Figure  4A.  Differential  Amplifier  Configuration  with  DC 
Bias 

V2  term:  Set  VB|AS  and  V1  to  GND,  find  VOUT: 

The  voltage  at  the  non-inverting  input  to  the  ampli- 
fier is  0  volts.  The  configuration  is  therefore  a  stan- 
dard inverting  op-amp  configuration  which  gives 


VQUTV2 


VBIAS  term:  Set V1  and  V2  to  GND,  find  Vqut: 

The  voltage  at  the  non-inverting  input  to  the  ampli- 
fier is  derived  from  the  voltage  divider  of  R1  and 
R2,  and  is  then  multiplied  by  the  non-inverting  op- 
amp  non-inverting  gain  formula. 


V(+)  =  VB|AS"( 


R1 
R1+R2 


) 


V0UTVB,AS=V(+)«(l+52) 


R1 

=  VBIAS'(^)-(1  +  Ef) 

when  factored  gives 

Voutvbias  =  Vbias 

Vqut  Solution:  Sum  the  3  terms  together 

R2' 
R1  ■ 


V0UT  =  V1.(^|2).(l  +  5f) 
+  V2  •(-§?)+  Vbias 


which  yields 


V, 


R2 


out  =  Vbias  +  (V1  -V2)  •  ~ 


The  DC  Bias  is  the  value  of  VBias>  and  tne  9ain  °f 
the  differential  amplifier  which  multiplies  the  differ- 
ence voltage  (V1  -  V2)  is  given  by 


Gain  = 


R2 
R1 


APPENDIX  5:  PROGRAMMING  THE  SHORT 
CIRCUIT  LIMIT 

From  the  short  circuit  current  equation 
.     =        1 .0  volt 

SC       RsENSE  '  GCSA 

it  can  be  seen  that  the  product  of  the  sense  resis- 
tor and  the  gain  of  the  Current  Sense  Amplifier 
must  be 

1 .0  Volt 

RSENSE  *  GCSA  =  |gC 

The  value  of  GCsa  is  bounded  to 


GCSA_MIN  : 


5.0  and  GCSA  MAX 
2.5MHz 


FSWITCH 

which  in  turn,  bounds  the  value  of  Rsense.  since 
the  product  is  a  constant. 

Several  considerations  must  be  used  to  select 
rsense: 

•  Type  -  2  Wire  vs  4  Wire:  With  very  low  value 
sense  resistors,  as  the  UC3886  allows,  the 
resistance  of  the  solder  joint  becomes  a  major 
contributor  to  resistance.  A  4  wire  Kelvin  con- 
nection removes  the  error  due  to  the  solder 
joint.  A  2  wire  is  more  cost  effective.  A  compro- 
mise may  be  in  using  a  surface  mount  2  wire 
resistor  and  splitting  the  pads  to  simulate  a  4 
wire  connection.  Beware  that  paralleling  4  wire 
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resistors  for  reduced  power  dissipation  can 
result  in  an  imbalance  between  the  resistors. 
•Value  -  Minimum  and  Maximum  possible  values: 
The  upper  value  is  limited  by  the  minimum 
Gqsa  value,  and  the  lower  value  by  the  maxi- 
mum Gqsa  value.  Higher  values  dissipate  more 
power.  Lower  values  typically  have  a  higher  tem- 
perature coefficient,  resulting  in  less  accuracy 
over  temperature  and  have  a  higher  cost  factor. 

•  Efficiency  and  Power  Dissipation:  The  lower  the 
value  of  Rsense.  the  less  power  dissipation  and 
the  higher  the  regulator's  efficiency.  Power  dissi- 
pation must  be  considered  under  both  normal 
maximum  operating  current,  Imax,  as  well  as 
under  short  circuit  conditions,  Isc- 

•  Operating  Voltages  and  Duty  Cycle:  Given  a  low 
input  voltage  and  an  output  voltage  close  to  V|n, 
such  as  3.3V  input,  2.9V  output,  the  operating 
duty  cycle  can  be  quite  high.  A  large  voltage 
drop  across  Rsense  mav  be  unacceptable. 

•  Self-Inductance:  A  low  inductance  type  of  resis- 
tor should  be  used.  Inductance  of  the  resistor 
will  result  in  an  inductive  "step"  voltage  superim- 
posed on  the  ramp  voltage.  The  step  voltage  will 
not  contribute  to  error  as  the  average  current 
measurement  is  not  effected,  but  may  contribute 
to  instability  due  to  the  very  high  slope  of  the 
inductive  step.  Refer  to  Unitrode  Application 
Note  U-140  [4]  regarding  slope  limitations  in 
Average  Current  Mode  Control. 

The  following  example  illustrates  the  selection 
process  in  choosing  Rsense  and  in  setting  the 
value  of  Gcsa- 

Fswitch:  200kHz 
Imax:  10.0A 


'ripple: 

rlout 

VF 

V|N 

RDS(on) 
Step  1 : 


1  .OAp-p 
0.01W 
0.5V  @  12A 
5.0V 
0.025W 

Find  the  bounds  of  the  Current  Sense 
Amplifier  gain  Gcsa- 

Minimum  gain  =  5.0  By  specification 

Maximum  gain  =    2-5M,l")z  =12.5 
200kHz 

Step  2:  Choose  the  short  circuit  limit.  This  limit 
should  insure  that  tolerances  and  ripple 
current  do  not  inadvertently  trip  the  over 
current  threshold. 


Figure  5A  illustrates  the  limitations  on  the 
sense  resistor  based  on  the  bounds  of 
the  gain.  Choosing  a  value  of  Isc  as  low 
as  possible  will  limit  the  power  dissipation 
in  the  sense  resistor. 

Select  lsc  =  12.0  Amps. 

Step  3:  Choose  a  value  of  Rsense 

From  Figure  5A,  a  12.0A  lsc  implies  that 
Rsense  must  lie  between  0.007W  and 
0.01 7W.  Choose  0.01 0W  as  the  lowest 
standard  value. 


10.0  10.5  11.0  11.5  12.0  12.5  13.0  13.5  14.0  14.5 
SHORT  CIRCUIT  CURRENT  (A) 


Figure  5A.  Rsense  and  Power  Dissipation  Boundaries 

Step  4:  Program  the  gain  of  the  Current  Sense 
Amplifier. 


Gcsa  = 


1 .0  Volt 


lsc' 
1 .0  Volt 


12.0A-0.01W 


Rsense 

=  8.33 


Choose  large  enough  resistors  so  as  not 
to  load  down  the  output  of  the  Current 
Sense  Amplifier.  Refer  to  Figure  14  of  this 
application  note  to  configure  the  Current 
Sense  Amplifier. 

Select  R2  =  36.5kW 


R1 


36.5kW  . 
8.33 


4.42kW  (closest 


:8.25 


1%  value) 

QCSA=  gj 

Step  5:  Solve  for  the  minimum  AVERAGE  short 
circuit  current  limit. 


The  tolerance  of  the  UC3886  current  limit 
clamping  mechanism  is  1.0V  ±0.05V. 
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Assume  RsENSE  and  GCSA  each  have  a 
tolerance  of  ±2%  over  temperature  and 
life.  1/2  of  Iripple  will  add  to  the  AVER- 
AGE current  value  of  Isc.  and  should  not 
cause  the  UC3886  to  clamp  into  over 
current. 

Then 

■rip 

'sc(min)  +  ~2~  = 

 0.95  Volt  

RsENSE'1-02  •GCsa,1-02 

which  gives 


0.95  Volt 


10.57  Amperes 


SC(min)  -  o  Q10w  .  1  02  ,8  25  •  1.02 
1.0A 

2 

which  is  above  the  maximum  operating 
current  of  10.0  amperes 

Step  6:  Calculate  the  power  dissipation  in 

Rsense  during  normal  and  short  circuit 
conditions. 

Normal:  Pd  =  Imax2  •  Rsense 
=  102«0.010W  =  1.0  Watt 

Short  Circuit:  Pd  =  lsc2  •  Rsense 

=  122  •  0.01 0W=  1.44  Watt 

Calculating  the  Short  Circuit  Duty  Cycle 

During  a  short  circuit  condition  in  a  Buck  regulator, 
the  duty  cycle  becomes  small  and  the  free-wheel- 
ing diode  conducts  current  for  most  of  each  switch- 
ing cycle.  The  free-wheeling  diode's  average  cur- 
rent is  almost  equivalent  to  the  short  circuit  current 
in  this  condition,  resulting  in  much  higher  power 
dissipation. 


To  calculate  the  power  dissipated  in  the  diode,  the 
short  circuit  duty  cycle,  DSc,  must  be  calculated. 

The  governing  equation  of  the  Buck  regulator  is 
derived  in  Appendix  1 ,  where  the  output  voltage  is 
given  by 

VoUT  =  D  •  (V,N  -  l0UT  •  (RDSon)  "  ['OUT 

•  (Rlout  + Rsense)] -[Vf'0-D)] 

where  D  is  the  operating  duty  cycle.  Under  a  true 
(0.0W  )  short  circuit  condition,  the  output  voltage  is 
0.0  volts  and  the  operating  duty  cycle  will  be  Dsc- 
Using  0.0V  in  the  formula  above  and  solving  for  Isc 
and  DSc  9ives 


!sc  = 


Dsc-(Vin  +  Vf)-Vf 

DSC  *  RDSon  +  RLOUT  +  RsENSE 

!sc  *  (Rlout  +  Rsense)  +  vf 


and  DSC  =        V|N  -  Isc  '  RDSon  +  VF 

Continuing  from  the  above  example,  the  short 
circuit  duty  cycle  is 

Dsr_  12A-(0.01W  +  0.01W)  +  0.5V 
USC  _     5.0V  -  1 2A  •  0.025W  +  0.5V     "  f* 
The  resulting  diode  average  current  is  therefore 

Idiode  =  (100%-12%)  •  12A  =  10.56 
Amperes. 

The  output  inductor,  Lout,  must  De  designed  not  to 
saturate  at  the  short  circuit  current.  Should  Lqut 
saturate,  excessive  current  can  result  which  is  only 
limited  only  by  the  parasitic  resistances,  which  can 
result  in  reliability  or  safety  problems. 
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FUELING  THE  MEGAPROCESSOR  -  A  DC/DC  CONVERTER 
DESIGN  REVIEW  FEATURING  THE  UC3886  AND  UC3910 

by  Larry  Spaziani 
Applications  Engineer 


ABSTRACT 

This  application  note  provides  a  detailed  account  of  design  tradeoffs  and  procedures  for  the  development 
of  a  Voltage  Regulator  Module  (VRM)  for  the  Intel  PentiurrPPro  processor.  This  voltage  regulator  features 
Unitrode's  UC3886  Average  Current  Mode  PWM  Controller  and  UC3910  4-BIT  DAC  and  Voltage  Monitor 
ICs  configured  in  a  Buck  Regulator.  Test  results  and  waveforms  are  provided  which  show  how  the  VRM 
power  supply  meets  stringent  requirements  imposed  by  Intel. 


INTRODUCTION 

Intel's  Pentium®Pro  power  system  specification 
demonstrates  the  industry  trend  to  operate  at  lower 
voltages  and  at  higher  currents,  with  tight  regula- 
tion and  fast  transient  response.  Meeting  these 
requirements  demands  the  most  of  both  the  power 
stage  and  the  control  system  of  the  power  supply. 
Unitrode's  UC3886  and  UC3910  are  specifically 
designed  for  optimizing  the  control  loop,  the 
dynamic  response  and  the  DC  accuracy  required 
by  the  Pentium®Pro.  The  power  stage  inductor  and 
capacitors  are  critical  as  well  in  meeting  the 
extremely  tight  voltage  regulation  during  a 
Pentium®Pro  load  transient. 

This  application  note  will  detail  the  design  of  a  com- 
plete VRM  power  supply.  This  design  review  will 
detail  the  critical  VRM  specifications,  power  supply 
architecture  tradeoffs,  power  stage  design  details 
and  equations  and  finally  design  specifics  used  to 
configure  the  UC3886  and  UC3910.  The  complete 
current  and  voltage  loops  will  then  be  closed,  and 
performance  results  of  the  power  supply  will  be 
shown. 

This  design  review  will  reveal  the  many  advantages 
of  using  the  UC3886  and  UC3910,  which  include: 


•  Direct  output  NMOS  drive,  eliminating  the 
need  for  creating  high  voltages  and  allowing 
the  use  of  an  efficient  N-Channel  MOSFET. 

•  High  DC  accuracy  negates  the  need  for  volt- 
age trimming  and  insures  the  overall 
regulation  will  be  met. 

•  Direct  interface  with  INTEL'S  PENTIUM™ 
PRO  VID  programming  codes. 

•  The  UC3910's  DAC  and  unique  voltage  mon- 
itoring architecture  directly  replaces  discrete 
components  including  a  precision  reference, 
a  DAC,  complicated  resistive  networks,  multi- 
ple window  comparators  and  an  SCR  Driver. 

•  Accurate  and  true  "square-knee"  current 
limiting  eliminates  the  need  to  over-design  the 
power  components  for  operation  in  an  indefi- 
nite short  circuit. 

•  Optimization  of  the  loop  performance  due 
to  large  signal  changes  due  to  transient  load- 
ing effects. 

The  Unitrode  VRM  demonstration  kit  is  shown  in 
Figure  1 .  The  VRM's  schematic  is  shown  in  Figure  2 
and  the  parts  are  described  in  Table  1 . 


3-541 


Figure  1.  Unitrode's  VRM  Demonstration  Kit 


Figure  2.  Schematic  Diagram 
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POWER  SUPPLY  SPECIFICATIONS 

The  requirements  for  the  DC/DC  converter  which 
will  provide  power  to  Intel  Pentium®Pro  are  con- 
tained in  Intel's  application  note  AP-523  [1], 
Section  10.  These  power  supply  requirements  con- 
sist of  required  specifications,  expected  specifica- 
tions and  design  guidelines,  some  of  which  are 
summarized  below. 


Input  Current  Rate:  ±0.1  A/us  maximum  during  a 
load  transient. 


Power-Good: 


Output  Enable: 


Input  Voltages: 
Output  Voltage: 

Minimum  Current: 
Maximum  Current: 
Regulation: 

Load  Transient: 


5.00V  ±5% 
12.00V  ±5% 

Variable  from  2.4V  to  3.4V  pro- 
grammable per  INTEL  VID 
codes,  100mV  increments. 

0.3A 

11. 2A 

±5%  Including  initial  tolerance, 
setpoints,  drift,  transients  and 
ripple/noise. 

Minimum  to  maximum  or  maxi- 
mum to  minimum  current  at  a 
rate  <30.3A/us. 


Overshoot: 


Efficiency: 


Temperature: 


Over  Voltage: 


Short  Circuit: 


Open  Collector  output  LOW  sig- 
nal when  the  output  voltage  is 
not  within  ±10%  of  nominal. 

Open  Collector  input  signal  with 
a  LOW  state  disabling  the 
DC/DC  converter. 

±1%  to  20MHz. 

<10%  above  the  initial  setpoint 
at  application  or  removal  of  input 
power. 

>80%  at  maximum  current, 
>40%  at  minimum  current 

+10°C  to  +60°C,  >100  LFM  air 
cooling  along  connector  axis. 

Self  shut  down  when  the  output 
exceeds  10%  to  20%  of  nomi- 
nal. 


Continuous  short  circuit  mode- 
without  damage  or  overstress  to 
the  unit. 

TABLE  1  -  PENTIUM®PRO  VRM  DEMONSTRATION  KIT  BILL  OF  MATERIALS 


UNITRODE  PENTIUM®PRO  VRM  DEMONSTRATION  KIT 

REF.DES. 

DESCRIPTION 

PACKAGE 

NOTES 

U1 

Unitrode  UC3910DP  4-BIT  DAC  and  Voltage  Monitor 

SOIC-16 

U2 

Unitrode  UC3886DP  ACM  PWM  Controller 

SOIC-16 

U3 

Unitrode  UC3612DP  Dual  Schottky  Diode 

SOIC-8 

C01 

0.10jiF  Ceramic 

1206  SMD 

C02 

0.1  OnF  Ceramic 

1206  SMD 

C03 

Sanyo  6MV1500GX,  1500nF  6.3V,  Aluminum  Electrolytic 

10x20mm  Radial  Can 

C04 

Sanyo  6MV1500GX,  1500jiR  6.3V,  Aluminum  Electrolytic 

10x20mm  Radial  Can 

C05 

Sanyo  6MV1500GX,  1500nF  6.3V,  Aluminum  Electrolytic 

10x20mm  Radial  Can 

C06 

Sanyo  6MV1500GX,  1500nF  6.3V,  Aluminum  Electrolytic 

10x20mm  Radial  Can 

C07 

Sanyo  6MV1500GX,  1500uF  6.3V,  Aluminum  Electrolytic 

10x20mm  Radial  Can 

C08 

Sanyo  6MV1500GX,  1500nF,  6.3V,  Aluminum  Electrolytic 

10x20mm  Radial  Can 

C09 

Sanyo  6MV1500GX,  1500^F  6.3V,  Aluminum  Electrolytic 

10x20mm  Radial  Can 

C10 

Sprague/Vishay  595D475X0016A2B,  4.7nF  16V  Tantalum 

SPRAGUE  Size  A 

C11 

0.1  OnF  Ceramic 

1206  SMD 

C12 

0.10|iF  Ceramic 

1206  SMD 

C13 

0.1 0^F  Ceramic 

1206  SMD 

C14 

0.1  OnF  Ceramic 

1206  SMD 

C15 

2700pF  Ceramic 

0603  SMD 

C16 

1200pF  Ceramic 

0603  SMD 

C17 

1 0OOpF  Ceramic 

0603  SMD 

C18 

0.01  nF  Ceramic 

0603  SMD 

C19 

0.10nF  Ceramic 

1206  SMD 

C20 

100pF  NPO  Ceramic 

0603  SMD 

C21 

0.022uF  Ceramic 

0603  SMD 

C22 

0.10nF  Ceramic 

1206  SMD 

C23 

0.1  O^F  Ceramic 

1206  SMD 

2 
_i 

a 

a. 
< 
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TABLE  1  -  PENTIUM®PRO  VRM  DEMONSTRATION  KIT  BILL  OF  MATERIALS  (cont.) 


REF.DES. 

DESCRIPTION 

PACKAGE 

NU1  tb 

C24 

180pF  NPO  Ceramic 

ObOo  oMU 

C25 

220pF  NPO  Ceramic 

ncr\Q  ghaT"» 
ObOo  oMU 

C26 

NOI  UobU 

ObOo  oMLn 

C27 

loOpr  NPO  Ceramic 

ObOo  oMU 

looopr  NrU  ueramic 

none  OMrv 
OoUO  oMU 

C29 

bprague/vishay  59JU1 07X901  Qu£,  lOOfar,  o.ov  lantaium 

hIA  bize  U  bMU 

SCR1 

Motorola  MOR12LJ,  12A  bOH 

I  U-<£^0Ab 

o 
d. 

CR1 

International  Rectifier  32CIU030  30V,  30A  bcnottky  Diode 

~rv\  ooa  a  □ 

l  t  t  )  j  l_10 

OH1  -no 

AAVID  577002  I  U-22U  Heat  oink 

CR2 

1N5401CT,  3A  100V  DlOde 

AU 

2 

F1 

Littletuse  R451010,  10A  Fast  Blow 

SMD  Square 

o 
2 

J1 

AMP  532956-7  40  Pin  Connector 

L1 

Coilcratt  S6030-D,  IOuH  to  20uH 

Radial  Toroid 

Q1 

International  Rectifier  IRL3103,  30V,  56A 

TO-220AB 

Q1-HS 

AAVID  577202  TO-220  Heat  Sink 

R01 

Dale/Visnay  WSR-2  0.01  W  1  % 

SMD  Power  Package 

3 

R02 

I.OOkW,  1%,  1/16  Watt 

/"»/"*/■»/■>  All r~\ 

0603  SMD 

R03 

6.8kw,  5%,  1/16  Watt 

AAAA     A|  in 

0603  SMD 

R04 

10W,  5%,  1/16  Watt 

0603  SMD 

4 

R05 

27W,  5%,  1/16  Watt 

A  A  A  A  /- v  ft  M  f— \ 

0603  SMD 

2 

R06 

100W,  5%,  1/1 6  Watt 

0603  SMD 

2 

R07 

NOT  USED 

0603  SMD 

5 

R08 

1.69kW,  1%,  1/16  Watt 

0603  SMD 

R09 

1.37kW,  1%,  1/1 6  Watt 

0603  SMD 

R10 

54.9kW,  1%,  1/16  Watt 

0603  SMD 

R11 

24W,  5%,  1/16  Watt 

0603  SMD 

8 

R12 

10W,  5%,  1/16  Watt 

0603  SMD 

R13 

10kW,  5%,  1/16  Watt 

0603  SMD 

R14 

15.0kW,  1%,  1/1 6  Watt 

0603  SMD 

R15 

3.92kW,  1%,  1/16  Watt 

0603  SMD 

R16 

100kW,  1%,  1/16  Watt 

0603  SMD 

R17 

487kW,  1%,  1/16  Watt 

0603  SMD 

H18 

4.22kW,  1%,  1/16  Watt 

0603  SMD 

R1 9 

4.22kW,  1%,  1/16  Watt 

r\ r\ r\  Alir\ 

0603  SMD 

R20 

33.2kW,  1%,  1/16  Watt 

r\r*r\r\  Alin 

0603  SMD 

R21 

33.2kw,  1%,  1/16  Watt 

0603  SMD 

DOO 

mot  i  iccn 

ObOo  oMU 

1 

R23 

1.24kW,  1%,  1/16  Watt 

0603  SMD 

R24 

10.5kW,  1%,  1/16  Watt 

0603  SMD 

R25 

NOT  USED 

0603  SMD 

R26 

27W,  5%,  1/16  Watt 

0603  SMD 

6 

Z1 

10W,  5%,  1/16  Watt 

0603  SMD 

7 

Notes:    1)  R22  and  C26  are  not  required.  These  parts  can  be  used  for  alternative  compensation  schemes. 

2)  These  parts  are  related  to  the  overvoltage  protection  SCR  firing  circuit. 

3)  Simulate  a  "4  wire"  connection  using  PCB  etch  for  best  results. 

4)  R04  used  for  debug  purposes.  R04  is  not  required  in  a  production  unit. 

5)  R07  can  be  used  to  pull  up  the  PWRGOOD  signal  internally  to  the  VRM 

6)  R26  is  not  required  for  proper  operation.  R26  is  used  as  a  "jumper". 

7)  Z1  used  for  debug  purposes.  Z1  can  be  used  for  alternative  compensation,  or  shorted  in  a  production 


unit. 

R24  is  not  required  for  production  unless  synchronization  is  used. 
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POWER  CONVERSION  ARCHITECTURE 

Topology:  Single  Switch  Buck  Regulator 

Power  conversion  from  either  +5  volts  or  +12  volts 
to  the  lower  voltages  required  by  the  Pentium®Pro 
can  be  accomplished  by  either  a  linear  regulator  or 
by  a  myriad  of  switching  converter  topologies. 
Linear  regulation  is  not  appropriate  because  of  its 
inherently  poor  efficiency.  Transformer  coupled 
switching  topologies  are  not  required,  and  not 
desired,  because  of  the  common  input  and  output 
grounding  system.  Either  a  single  switch  or  a  syn- 
chronous rectifier  (two  switch)  buck  regulator  are 
the  most  appropriate  choices  for  this  application. 
Higher  efficiency  can  be  achieved  with  synchro- 
nous rectification,  but  is  not  required  in  this  appli- 
cation because  the  efficiency  goal  is  80%.  The 
added  cost  and  complexity  of  a  second  N-MOSFET 
is  therefore  not  justified. 

Input  Voltage:  +5  Volts  Provides  Power,  +12 
Volts  provides  Bias  and  Drive 

Either  the  +5  volt  or  the  +12  volt  power  bus  can  be 
used  for  this  single  switch  Buck  regulator.  An  N- 
channel  MOSFET  is  chosen  as  the  switch  because 
of  the  efficiency  of  low  Roson  N-MOSFETs.  The 
+12  volt  bus  can  be  used  to  drive  the  N-MOSFET 
in  a  +5V  input  Buck  regulator,  whereas  a  +12V 
input  Buck  regulator  would  require  a  higher  voltage 
(17-20  volts)  to  provide  drive  to  the  switch.  Several 
other  considerations  are  made  in  choosing  the 
input  voltage,  including: 

•  +12V  input  would  require  a  larger  output 
inductor  for  a  given  ripple  current. 

•  +5V  input  operates  at  higher  duty  cycles, 
reducing  power  in  the  freewheeling  diode, 
whereas  +12V  input  operates  at  lower  duty 
cycles,  reducing  power  in  the  MOSFET. 

•  The  combined  power  dissipated  of  the  free- 
wheeling diode  plus  the  MOSFET  is  less  with 
a  +5V  input  than  with  a  +12V  input. 

•  +5V  typically  has  better  power  distribution  on 
a  motherboard,  and  within  a  system,  even 
considering  the  higher  DC  currents  involved 
when  converting  power  from  +5V. 

•  The  input  capacitors  will  see  the  same  RMS 
switching  current  at  either  voltage. 

•  +5V  has  six  dedicated  input  pins  whereas 
+12V  has  only  two.  Using  +5V  as  an  input 
voltage  will  result  in  fewer  amps/pin  and  a 
lower  impedance  path  to  the  source. 

•  +1 2V  busses  can  often  withstand  larger  volt- 
age deviations  due  to  the  loading  effects  of 
the  Pentium®Pro. 


Control  Method  -  Average  Current  Mode 
Control  Using  the  UC3886 

Average  Current  Mode  control,  as  implemented 
with  the  UC3886,  offers  the  advantages  of  opti- 
mization of  the  control  loop,  very  fast  amplifiers  for 
a  fast  transient  response,  and  accurate  current  lim- 
iting. Application  Note  U-140  [2]  discusses  the 
many  advantages  of  Average  Current  Mode  control 
over  both  Peak  Current  Mode  control  and  Voltage 
Mode  control. 

Switching  Frequency  -  200kHz 

Several  considerations  in  choosing  200kHz  as  the 
switching  frequency  are: 

1 .  An  upper  bound  on  frequency  is  derived  from 
the  gain  required  by  the  UC3886  Average 
Current  Mode  control  current  sense  amplifier. 
This  upper  bound  will  be  shown  to  be 
312kHz. 

2.  A  high  switching  frequency  is  desired  for 

•  Minimum  output  inductor  size 

•  Maximum  control  loop  bandwidth 

3.  A  low  switching  frequency  is  desired  for 

•  Keeping  switching  losses  low,  although 
switching  losses  in  the  semiconductors  is 
not  a  significant  factor  in  this  application 
because  the  input  voltage  (+5V)  is 
very  low. 

•  Reducing  noise  when  using  a  2-layer 
printed  circuit  board. 

4.  The  use  of  Aluminum  Electrolytic  capacitors 
is  favored  for  both  input  and  output  capacitors 
in  this  application  because  of  the  height 
allowed,  their  high  Capacitance-to-ESR  and 
Capacitance-to-ESL  ratios  and  their  ripple 
current  capabilities.  Surveying  several  suppli- 
ers of  Aluminum  Electrolytic  capacitors 
revealed  that  they  have  significantly  low 
impedance  and  optimal  ripple  current  han- 
dling at  100kHz  to  200kHz,  where  ESR  is 
minimal. 

POWER  STAGE  COMPONENT  SELECTION 

The  power  stage  components  consist  of  the 
input  and  output  capacitors,  switch,  freewheeling 
diode,  output  inductor  and  sense  resistor,  and  are 
chosen  to  be  leaded  devices  for  the  most  part 
because  of  the  height  allowed  in  this  design.  The 
semiconductors  are  first  chosen  to  meet  a  full  load 
efficiency  goal  of  80%  and  to  provide  reliable  oper- 
ation at  full  load.  The  output  inductor  is  then  chosen 
to  provide  low  output  current  ripple  into  the  capaci- 
tors and  for  continuous  mode  operation  of  the 
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Buck  regulator.  The  output  capacitors  are  chosen 
to  provide  an  extremely  low  output  impedance  for 
low  voltage  ripple  and  low  voltage  droop  during  and 
output  load  transient.  Finally,  the  input  capacitors 
are  chosen  to  handle  the  high  level  of  ripple  current 
demanded  by  the  Buck  regulator  and  to  heavily  fil- 
ter the  input  voltage  from  both  high  and  low  load 
transients. 

Efficiency/Power  Dissipation  Budget 

The  desired  efficiency  goal  of  >80%  at  full  load 
operation  will  govern  how  many  of  the  power  stage 
components  are  selected.  Efficiency  goals  are  set 
at  a  nominal  input  voltage  of  +5.00V,  an  output  volt- 
age of  3.1V,  +25°C  ambient  temperature  and  at  a 
maximum  load  current  of  1 1 .2A. 

The  nominal  output  power  of  the  power  supply  is 
equal  to  3.1V  •  11. 2A  =  34.72  Watts.  From  the 
desired  efficiency,  the  input  power  at  full  load  is 


Pin 


Pout  34.72W 


=  43.4  Watts 


0.8  0.8 

The  power  dissipated  is  8.68  Watts,  at  full  load.  An 
example  efficiency  budget  is  shown  in  Table  2. 

Power  Stage  Component  Design  Details 
Freewheeling  Diode:  CR1 

International  Rectifier  32CTQ030  or  equivalent, 
2  legs  paralleled 

VF  =  0.35V  @  Tj  =  115°C 
Tjmax  =  150°C 

Heat  Sink  =  AAVID  P/N  577002  or  equivalent 
Low  voltage  schottky  technology  is  chosen  to  max- 
imize the  efficiency  of  the  power  supply,  based  on 
its  lower  forward  voltage  and  lack  of  reverse  recov- 
ery losses. 

The  operating  duty  cycle  for  this  Buck  converter  is 
derived  based  on  the  equation3 


D  = 


Vq  +  l0  *  (RSENSE  +  RLOUT)  +  VF 


V|N  "  (b  •  RDSon)  +  VF 

Likewise,  the  short  circuit  operating  duty  cycle  is 

TABLE  2  -  POWER 


given  by 
Dsc  = 


o.ov  +  lSc  •  (Rsense  +  Rlout)  +  Vf 

V|n  "  ('SC  *  RDSon)  +  VF 


Given  Rsense 

=  0.01 

Rlout 

=  u.ui  tL  ai  eio  L/, 

full  load  current 

vF 

=  0.35V  at  full  load, 

0.25  at  minimum  load 

isc 

=  12.5A  Nominal  Short 

Circuit  Current 

V|N 

=  5.00V  Nominal 

RDSon 

=  0.025  at  11 0°C 

Vo 

=  3.10V  Nominal 

Short  Circuit: 


Then  typical  duty  cycles  will  be  approximately: 
Operating:    m  73%  at  Full  load,  25°C  TA 
»  64%  at  minimum  load, 
25°C  TA 
?  13% 

The  maximum  operating  power  dissipation  at  the 
diode's  maximum  operating  junction  temperature  of 
110°C  is  given  by 

PDmax  =  VF  •  bmax  *  C  ~  Dmax) 

=  0.35V  •  1 1 .2A  •  (1  -  0.73)  =  1 .06W 

The  power  dissipation  under  short  circuit  condi- 
tions, however,  is  substantially  larger 

Pdsc  =  VF  •  lsc  •  (1  -  Dsc)  =  0.35V  •  1.12A  • 
(1  •  0.73)  =  1 .06W 
Let  Tjmax  =  115°C  under  operating  conditions  and 
150°C  under  short  circuit  conditions 
(Rated  Tjmax  for  device) 

The  two  governing  formulas  defining  the  heat  sink 
requirements  (thermal  impedance  R8HS)  are 

115°C=  50°C  +  1 .06W  •  (3.0  +  R8HS), 
R8HS  =  58°C/W 

150°C  =  50°C  +3.80W  •  (3.0  +  R8HS), 
R8HS  =  23.3°CAJV 
The  short  circuit  operation  must  be  used  to  choose 
the  heat  sink.  AAVID  P/N  577002  with  100LFM  of 
airflow  meets  the  heat  sink  requirement  of 
<23°CA/V.  Note  that  the  accurate  current  limit  set 

DISSIPATION  BUDGET 


Description 

Power  Dissipated  [W] 

Budget  Remaining  [W] 

Budgeted  Power 

8.68 

Estimated  3%  Power  Distribution  (l2R)  Losses 

1.1 

7.58 

Diode  Losses 

1.1 

6.48 

Sense  Resistor 

1.25 

5.23 

Output  Inductor  (l2R) 

1.3 

3.93 

Output  Inductor  (Core) 

0.1 

3.83 

Input  Capacitance  Ripple  Current  Losses 

0.5 

3.33 

UC3886  +  UC3910  +  Bias  loads 

0.3 

3.03 

MOSFET  (Switching,  Conduction,  Gate  Drive) 

3.03 

0.00 
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point  achieved  by  the  UC3886  allows  for  a  mini- 
mum heat  sink  solution. 

MOSFET  Switch:  Q1 

International  Rectifier  IRL3103 

RDSon  ~  0.025a  Estimated  at  VGS  =  7V, 

Tj=  115°C 

QG  (Total  Gate  Charge)  «  50nC  estimated  at 
VGS  =7V 

Heat  Sink  «  AAVID  P/N  577202  or  equivalent 
From  the  power  budget,  the  MOSFET  should  be 
chosen  to  achieve  the  desired  losses,  including 
the  gate  drive  losses.  Choosing  a  Logic  Level 
MOSFET  or  a  standard  threshold  voltage  MOSFET 
is  discussed  in  U-156[3].This  application  will  utilize 
a  Generation  5  MOSFET  from  International 
Rectifier  because  of  its  combination  of  low  Roson 
at  low  Vqs  as  well  as  rated  VqS  of  ±20V. 

The  power  dissipation  of  the  MOSFET  consists  of 
4  components;  (a)  Gate  drive,  (b)  Coss- 
(c)  Crossover  losses,  and  (d)  Conduction  losses 

a)  Gate  Drive  losses  are  given  by 

PGATE  =  iGATEavg  *  Vqs 

From  the  IRL31 03  charge  curve,  with  Vqs  =  7  volts. 
the  required  total  charge,  Qq,  is  estimated  to  be 
50nC.  The  average  current  is  given  by 

'GATEavg  =  Q-G  *  FS  =  50nC  •  200kHz  =  10mA 
Pgate  =  0.010  Amps  •  12  Volts  =  0.12  Watts 

b)  Coss  losses  are  due  to  the  discharge  of  the 
energy  stored  in  the  capacitance  Coss  each  cycle, 
equivalent  to 

Pcoss  =  0.5  •  Coss  •  (V|N  +  VF)2  •  Fs 
From  the  IRL3103  capacitance  curve,  Coss  is  esti- 
mated to  be  2400pF.  Therefore, 

PCOSS  =  0.5  •  2400pF  •  (5.35V)2  •  200kHz 
=  0.007W. 

c)  Crossover  (turn-on  and  turn-off)  losses  can  be 
estimated  as 

Pcrossover  =  I  •  (Yin  +  vF)  •  iQ  .tRise/fall 

where  T  fuse/fall  is  the  MOSFET  current  rise  and 
fall  time,  estimated  to  be  approximately  150ns,  and 
Ts  is  the  switching  period.  This  loss  occurs  once  at 
turn-on,  and  once  at  turn-off,  and  therefore,  for  this 
application 

Pcrossover : 


d)  Conduction  losses  are  determined  by 

PCOND  =  lo2  *  P-DSon  *  DMAX 
and  are  worst  at  the  maximum  operating  junction 
temperature,  where  Rpson  is  highest.  For  the 
IRL3103,  this  loss  is 

PCOND  =  1 1 .22  •  0.025a  •  0.73  =  2.29  Watts 

Pd_Total_FET  =  2.29W  +  0.6W  +  0.007W  + 
0.12W  =  3.02W 

The  MOSFET  heat  sink  requirements  are  deter- 
mined from 

115°C  =  50°C  +  3.02W  •  (2.0  +  R9Hs). 

ReHs=  19.5°C/W 

AAVID  P/N  577202  with  100LFM  of  airflow 
provides  <14°C/W,  exceeding  the  heat  sink  require- 
ment. 

Output  Inductor:  L1 

Coilcraft  P/N  S6030-B 
20nH  @  0  Adc 
10nH  @11.2  Adc 

13  Turns,  #  16AWG  on  Micrometals  T60-52D 
Core 

Rqc  £  0.008a  max,  20°C  Ambient 
Trise  ~  40°C  at  maximum  load 
The  output  inductor  of  a  Buck  regulator  is  often 
chosen  to  maintain  continuous  current  in  the  induc- 
tor under  minimum  load  conditions.  The  ripple  cur- 
rent in  the  inductor  under  minimum  DC  current  con- 
ditions is  equal  to  2  •  I^n  f°r  this  rule  to  apply.  For 
this  power  supply,  Lqut  is  determined  by 

(Vin  -  Vout)  *  Duty  _(5V- 3.1V) '0.64 
"  2  •  0.3A  •  200kHz 


L0UT=^ 


I-5.35V.11.2A.-150nS 


5us 


=  0.6  Watts 


2  •  Imin  *  FS 
=  10.1nH  @  Low  Load 
A  second  condition  for  choosing  the  output  inductor 
value  is  to  limit  the  input  current  to  the  power  sup- 
ply during  a  step  change  in  current  from  I^in  to 
'max-  After  a  step  change  in  load  current,  the  duty 
cycle  of  the  Buck  regulator  responds  by  assuming 
a  maximum  duty  cycle  of  100%.  The  input  current 
therefore  equals  the  output  inductor  current.  To  limit 
the  input  current  rate  to  the  required  0.1AVs,  the 
output  inductor  is  chosen  by 

OUT         di/dt  0.1  A/us  M 

A  toroidal  inductor  design  is  used  to  meet  these 
needs.  The  form  factor  allows  a  component  height 
of  0.800",  thus  allowing  a  sizable  inductor  that  can 
be  designed  for  low  cost  and  simple  winding  tech- 
niques. The  inductance  vs  DC  current  is  shown  in 
Figure  3.  The  inductor  must  not  saturate  with  DC 
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current  equal  to  the  power  supply  short  circuit 
current  limit,  or  the  current  limiting  will  not  be  effec- 
tive. 


Figure  3.  Output  Inductor  Performance  vs  DC  Current 
-  No  AC  Flux 


The  in-circuit  inductance  will  tend  to  be  higher  due 
to  the  AC  Flux  imposed  by  the  volt-seconds  prod- 
uct of  the  Buck  regulator.  Micrometals  -52  materi- 
al's permeability  increases  substantially  with  AC 
Flux.  This  same  effect  of  AC  Flux  on  the  perme- 
ability of  the  -52  material  plays  a  major  role  during 
the  transient  load  response  of  the  power  supply. 
During  a  transient  load  response,  the  voltage 
differential  across  the  output  inductor  is  approxi- 
mately Vin-Vqut-  The  duration  of  the  transient 
response,  in  excess  of  lOO^s,  means  that  the  AC 
Flux  on  the  core  for  this  time  is  given  by 

ABAC  =  <VIN  -Vqut)  'Tlqut*  108 
N  •  Ae 

_  (5V  -  3.1V)  «  100ns  •  1Q8 
13Turns  •  0.374  cm2 

=  3908  Gauss 

which,  according  to  Micrometals  [3]  results  in  mul- 
tiplying the  output  capacitance  by  approximately 
260%.  This  results  in  a  dynamic  inductance,  during 
a  load  step,  of  approximately  26u.H.This  feature  will 
play  an  important  role  in  the  selection  of  the  output 
capacitors  to  meet  the  transient  load  performance. 

Output  Capacitors:  C06-C09,  C11,  C12,  C29 

SANYO  -  6MV1500GX  -  4  in  Parallel 
C=  1500uF 

Form  Factor  =  1 0x20mm,  Radial 

ESR  =  0.044Q 

ESL  =  4nH  (Estimated) 

Ripple  Current  Rating  =  1.25A  @  105°C, 

100kHz 


Choosing  the  output  capacitors  for  this  regulator 
may  be  the  single  most  important  decision  with 
regards  to  meeting  the  transient  load  behavior  of 
the  Pentium®Pro.  The  transient  load  step  of  the 
Pentium®Pro  is  so  large  and  so  fast  that  there  is  no 
control  loop  which  can  respond  quickly  enough  and 
maintain  regulation.  Capacitance,  providing  a  low 
impedance  output,  is  therefore  the  best  solution  to 
maintaining  the  proper  output  voltage. 

Understanding  the  Response  to  a  Step  Load 

During  a  step  load  change  from  minimum  to  maxi- 
mum current,  the  output  of  the  power  supply  can  be 
modeled  as  shown  in  Figure  4.  Prior  to  the  change 
in  load  current,  the  average  current  in  the  output 
inductor  is  Imin  ar|d  ,ne  average  current  in  the 
output  capacitor  is  0  amperes.  Once  the  load 
current  changes  from  Imin  to  Imax.  the  parasitic 
components  shown  in  Figure  4  have  a  large  affect 
on  the  output  voltage. 


+  VIN 


PWM 


Lout 


Rconn 

— VA — 


RTN  O- 


:esr 


:  Cout 


Vout 


Ls=ESL+Lconn 


Figure  4.  Large  Signal  Transient  Model  of  Power 
Supply  Output  Stage 

The  VRM  connector  pins  have  parasitic  resistance 
and  inductance  termed  Rqonn  ar|d  I-conn-  The 
parasitic  inductance  of  the  connector  and  the  output 
capacitors  (ESL)  are  summed  together  as  Lg. 
ESR  and  Rconn  cannot  be  combined  in  the  capac- 
itor path  as  this  would  result  in  a  DC  load  regulation 
error. 

Figure  5  below  illustrates  the  complexity  of  the 
output  voltage  waveform  during  a  step  in  the  output 
load  current.  A  power  supply  with  excellent  load 
regulation  is  assumed  for  the  purposes  of 
understanding  these  dynamics.  Reducing  the  load 
regulation  through  non-integrating  [3]  voltage  loop 
gain  will  be  discussed  later  in  this  application  note. 
The  output  voltage  responds  to  the  load  current 
step  in  four  distinct  phases,  Tstep.  Tloop.  Tlout 

and  TCHARGE- 
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Figure  5.  Dynamics  of  a  Step  Load 

Phase  1,  the  step  current  phase  from  t-|  to  tg 
(Tstep).  is  characterized  by  a  specified  change  in 
current  and  rise  time.  The  response  of  the  output 
voltage  consists  of: 

a)  A  voltage  step  proportional  to  the  parasitic 
circuit  inductance,  Ls. 

b)  A  ramp  in  voltage  proportional  to  the  para- 
sitic circuit  resistance,  Rs,  where 

RS  =  RcONN  +  ESR. 

c)  A  droop  in  voltage  proportional  to  the 
power  supply  output  capacitance. 

The  response  of  the  output  voltage  during  the  time 
ti  to  t2  is  therefore  given  by  <2 

AVout  =  LS  •  ^  +  i(t)  •  RS  +         □  }(t)dt 
at  c0ut  r J 


which,  at  the  end  of  Tstep.  is  equal  to 


aVout  =  'step 


.  /   Ls  +  Tstep 


+Rs 


\  TSTEP     2  •  C0UT 

Phase  2,  from  t2  to  t3  (TLOop).  is  the  time  where 
the  load  current  has  settled  at  its  maximum  value, 
'max.  but  the  power  supply  loop  has  not  yet 
responded. The  inductor  current  is  therefore  still  set 
at  lM|N  and  the  response  of  the  output  voltage  is 
therefore  determined  by 

a)  A  voltage  proportional  to  Rs. 

b)  A  droop  in  voltage  proportional  to  the 
power  supply  output  capacitance. 

There  is  an  initial  discharge  of  the  capacitor  at  the 
end  of  Phase  1  which  is  the  initial  condition  for 


Phase  2,  determined  by 

'2 


AV_Phase1 


[J 


STEP 


Cout  {•  Tstep 
'step  •  TSTEP 


t  dt 


2  *  Cqut 

The  response  of  the  output  voltage  during  the  time 
t.2  to  t.3  is  therefore  given  by 

'3 


STEP  =  'STEP 


»2 

+  T 

COUT  Cqut 


+  Tloop+r\ 


Tloop.  'or  tne  UC3886  Average  Current  Mode 
Controller  and  the  compensation  components 
shown  in  Figure  2,  is  less  than  one  switching  cycle. 

Phase  3,  from  t3  to  t4  (Tlqut).  is  the  time  when 
control  loop  has  forced  the  Buck  regulator  to  the 
maximum  duty  cycle  (100%  for  the  UC3886)  and 
the  inductor  current  is  ramping  from  lM|N  to  Imax- 
The  output  inductor  current  during  this  phase  is 
given  by 

iL0UT(,)=(V|NLo^UT)-t 

Since  the  inductor  current  is  ramping  up  during 
Phase  3,  the  capacitor  current  is  ramping  down, 
and  is  given  by 

iCoUT(t)  =  'STEP  -  "-OUT(t) 

=  iSTEP-(V|rVouT)-t 

LOUT 

The  change  in  output  voltage  during  Phase  3 
consists  of 

a)  A  voltage  drop  proportional  to  ESR 
and  Rconn- 

b)  A  droop  in  voltage  proportional  to  the 
output  capacitance. 

During  Phase  3,  the  voltage  drop  due  to  the  ESR 
and  the  capacitance  is  changing  because  the 
capacitor  current  decreases.  The  voltage  drop  due 
to  Rconn  is  constant,  as  it  is  set  by  the  constant 
value  of  Rconn  and  ,ne  maximum  load  current, 
'step-  There  is  an  initial  discharge  of  the  capacitor 
at  the  end  of  Phase  2  which  is  the  initial  condition 
for  Phase  3,  determined  by 
t2 


AV_Phase2  = 


1 


COUT 


fiSTEP  .tdt+  1 
t  TSTEP  CoLJt 


isTEP^Cf).^ 


loop  -  Tstep  ' 
cout  » 


< 
u 

a 

I 
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AVpuT  =  (  ^  )  '(  2  '  TL0C°0PUTTSTEP  )+ 
iCoUT(t)dt  +  iCouT(t)  *  ESR  + 


COUT 
'STEP  *  RCONN 


Which  yields 


'STEP 


( 


!T"^RCONN) 


tlout  = 


'  LOUT 


Tlout  is  defined  as  the  time  it  takes  for  the  induc- 
tor current  to  equal  the  change  in  load  current, 
'step- 

f     'step     \  . 
l(V|N-V0UT)f 

Phase  4,  Tcharge.  is  tne  time  when  the  inductor 
current  overshoots  to  reach  the  programmed  short 
circuit  current  limit  in  order  to  replace  charge  lost 
by  the  output  capacitor.  At  the  end  of  phase  4,  the 
output  voltage  drop  settles  to 

AVoUT  =  !STEP  *  RCONN 

The  duration  of  phase  4  is  determined  by 
dv 


icout  =  Cout  ' 


dt 


which  yields  a  time  of 


Tcharge : 


Cout  *  AV_Phase3 
Use  -  !max) 


where  Isc  is  the  programmed  short  circuit  current 
limit,  and  AV_Phase3  is  the  voltage  at  the  end  of 
phase  3,  determined  by 

AV_Phase3  =  !gS  .  (  W_Istep  +Tloop) 

Procedure  for  Determining  the  Required 
Output  Capacitor(s) 

Step  1 :  Determine  the  parasitic  values  of  Rconn 
and  Lqqnn-  The  following  are  estimates 
based  on  the  connector  pair  used  and  the 
printed  circuit  board. 

Resistance  per  pin  =  1 0mn 
Resistance  per  mated  pin  set  »  20mn 


Resistance  of  printed  circuit  board  to  the 
connector »  0.2mn 

Inductance  of  printed  circuit  board  to  the 
connector  =  0.2nH 

Rconn  =  20™a  +  0.2mQ  =  2.02mn 

LcONN=4218inH  +  0.2nH  =  0.59nH 

Step  2:  Establish  an  allowable  maximum  voltage 
drop,  AVqut.  at  tne  output. 

Application  Note  U-156  [3]  discusses  the 
use  of  non-integrating  gain  which  allows  a 
larger  voltage  deviation  during  a  load  tran- 
sient. Set  the  minimum  load  regulation  to 
be  VNOm  +3%  ±1%.  Therefore,  a  -7%  volt- 
age deviation  is  allowed  on  the  output  volt- 
age while  still  meeting  a  minimum  overall 
voltage  of  -5%.  Voltage  ripple  is  not  consid- 
ered during  this  transient  response  as  the 
duty  cycle  is  effectively  100%,  and  there  is 
no  voltage  ripple.  These  limits  are  illustrated 
in  Figure  6. 


3.0% 
2.0% 
§  1.0% 
■f  0.0% 

S 

o:  -i.o% 

-2.0% 
-3.0% 


Regulation  Window  at  U,N  =  2%  to  4% 


DC  Regulation  at  Load  due 
to  Non-integrating  Gain 


0%     10%    20%    30%    40%    50%    60%    70%    80%    90%  100% 
lour  as  %  of  lMAX 


Figure  6.  Setting  the  Regulation  and  Voltage  Transient 
Requirements 

AVouT  =  0.07  •  3.1  V  =  0.217  volts 

Step  3:  Estimate  the  total  parasitic  inductance,  l_s, 
in  order  to  derive  a  required  value  of  R$ 
from  the  voltage  step  at  the  end  of  Phase 
1.  Aluminum  electrolytic  capacitors,  size 
10mm  x  20mm,  are  estimated  to  have  an 
ESL  of  approximately  4.0nH.  Size  1206 
ceramic  chip  capacitors  are  estimated  to 
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have  an  ESL  of  approximately  1.9nH  [1]. 
Assume  that  the  combined  ESL  will  be  less 
than  0.51  nH,  for  a  total  parasitic  induc- 
tance 

Ls=  1.10nH 

This  value  must  be  insured  to  maintain 
overall  regulation  limits  during  the  first 
phase,  TSTEP. 

Step  4:  Equate  the  voltage  deviation  at  the  end  of 
Phase  1  to  the  allowed  voltage  step. 
Assume  that  the  change  in  voltage  due  to 
capacitive  discharge  is  less  than  1  %  of  the 
overall  change. 

Therefore,  the  minimum  value  of  Cout  is 
equal  to 

„  10.9A»  360ns      ...  c 

COUTmin  =  2  .  0.217V  •  0.01  =  9°4^ 


Solving  for  the  maximum  value  of  Rs  for  a 
step  of  11.2A  -  0.3A  =  10.9A  yields, 


(0.217V  •  0.99)  -  /10.9A  •  11nH\ 
v  '    \  360nsi 


10.9A 


=16.6m£} 


Step  5:  Equate  the  voltage  deviation  at  the  end  of 
Phase  2  to  the  allowed  voltage  step,  from 
which  a  minimum  value  of  Cqut  can  De 
obtained 


o.21tv=(^].(^ 


5.0ns- 360ns  \ 


C-OUTmin 
(13.8m£2  •  10.9A) 


10.9A 


CoUTmin  = 


(2.5ns  •  360ns) 


0.217V-  (16.6mn«  10.9A) 
=1457nF 

Step  6:  Choose  a  capacitor  type,  manufacturer(s) 
and  values.  Determine  the  number  of 
capacitors  required  to  meet  the  ESR 
requirements  from  Step  4  and  the  mini- 
mum capacitance  requirements  from 
Step  5.  Add  20%  margin  for  variations  in 
ESR  from  20°C  down  to  10°C  (minimum 
operating  temperature). 

Radial,  high  frequency  aluminum  electrolyt- 
ic capacitors  are  chosen  based  on  the 
height  allowed  for  this  power  supply  VRM 
as  well  as  their  inherently  low  ESR  and 
ESL.  Many  manufacturers  offer  6.3V  low 
ESR  devices  rated  for  100kHz  -  200kHz 
operation.  Sanyo's  MV-GX  series  of  alu- 


minum electrolytic  capacitors  are  chosen 
based  on  their  lower  ESR  specifications. 

ESR  Required  =  16.6mn  •  0.8  =  13.3mn 

Sanyo  MV-GX  1500nF  10mm  x  20mm, 
6.3V  device  has  a  rated  maximum  ESR  of 
44mfJ.  4  devices  are  required,  using 
400mm2  of  board  area.  Sanyo  MV-GX 
1000nF,  8mm  x  20mm,  6.3V  device  has  a 
rated  maximum  ESR  of  64mn. 
6  devices  are  required,  using  384mm2  of 
board  area.  The  1 500nF  device  is  chosen 
to  reduce  the  total  parts  count.  The  solution 
is: 


C0UT=  1500^4  =  6000^ 
ESR  =  44m£2  /  4  =  1 1  .Omn 
ESL«4nH/4  =  1.0nH 


Step  7: 


Determine 
the  output 
capacitors. 


voltage  waveform  at 
this  solution  of  output 


The  current  in  the  capacitor,  during  a  tran- 
sient, ramps  up  (or  down)  in  a  time  deter- 
mined by  the  output  inductor.  The  output 
inductor,  during  a  transient  load  step,  is 
approximately  26(jH. 

'step     \  .  i 


TLOUT  : 


(Vin-Vout)/ 

10.9A 


1  LOUT 


The  capacitor  current  is  defined  as 

iC0UTt=ISTEP-^^  »t 

'lout 


The  voltage  drop  at  the  output  of  the  power 
supply,  during  Phase  3  (TLOut)  °f  the  load 
transition,  is  determined  by 


AVqut 


STEP 


COUT 
TSTEP 


+  TLOOP  ■ 


'TLOUT/ 


+  I 


STEP 


(esR-^^+Rconn) 


The  entire  voltage  response  is  plotted  in 
Figure  7.  Ceramic  and  tantalum  capacitors 
(C1 1 ,  C1 2,  C29)  are  added  in  parallel  to  the 
aluminum  output  capacitors  to  reduce  the 
overall  ESL  to  less  than  the  required 
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50  100 
Time  (Cs) 


Figure  7.  Voltage  Droop  on  Power  Supply  Output 
during  Load  Transient 

0.51  nH  and  to  reduce  high  frequency  noise 
to  meet  the  ripple  requirement  of  <2% 
peak-to-peak. 

Input  Capacitors:  C01-C05 

SANYO  -  6MV1500GX  -  3  in  Parallel 
C  = 1500uF 

Form  Factor  =  10  x  20mm,  Radial 
ESR  =  0.044a 


ESL  «  4nH  (Estimated) 
Ripple  Current  Rating  =  1.25A 


105°C,  100kHz 


The  input  capacitance  for  a  Buck  regulator  is  cho- 
sen based  on  several  criteria: 

a)  Ripple  Current  Handling  at  FswiTCH 

b)  Ripple  voltage  at  FSWitch 

c)  Maintaining  Input  voltage  during  load 
transients 

The  resulting  solution  must  present  a  very  low 
impedance  to  the  input  supply  and  to  the  Buck 
Regulator,  resulting  in  a  need  for  low  ESR,  large 
value  capacitors. 

Ripple  Current  and  Voltage 

The  input  capacitors  are  chosen  primarily  based  on 
their  switching  frequency  RMS  current  handling 
capability.  With  just  10's  of  nanohenries  parasitic 
input  inductance  the  input  capacitors  must  handle 
virtually  all  of  the  200kHz  switching  current. 

Figure  8  shows  the  switching  waveforms  in  the 
input  capacitor(s).  The  average  VRM  power  supply 
input  current  is  calculated  based  on  the  maximum 
load  of  the  power  supply  and  the  efficiency  at  max- 
imum load. 


Ion 
0 


i  (l-D).Ts 
|—  D.Ts— )— ■ — | 

RMS  CAPACITOR  CURRENT  3  ■J  Ion2.  D+Ioff2.  (I-D) 


Figure  8.  Input  Capacitor(s)  Current  Waveform 
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During  the  MOSFET  ON  time,  the  input  capacitors 
must  provide  the  difference  between  the  load  cur- 
rent and  the  input  current.  During  the  MOSFET 
OFF  time,  the  capacitor  current  is  the  complete 
input  average  current.  Therefore, 

Ion  =  tomax  -  UvG  =  1 1 -2A  -  8.68A  =  2.52A 

'off  =  -Uvg  =  -8.68A 
The  duty  cycle  at  the  maximum  operating  current  is 
approximately  73%,  and  therefore  the  RMS  current 
in  the  capacitors,  assuming  a  rectangular  waveform 
since  the  current  ramp  is  very  small,  is  given  by 

Irms  =  V  'off2  *  (1  -  Duty)  +  Ion2  *  Duty 
=  5.0  ARMS 

Three  (3)  Sanyo  capacitors  are  chosen  to  maintain 
reliable  operation  while  operating  at  this  RMS 
current  level. 

Given  the  current  waveform  of  Figure  8,  the  input 
voltage  ripple  will  be  proportional  to  the  input 
capacitance  and  ESR,  as  shown  in  the  voltage 
waveform  of  Figure  8.  Low  ESR  and  high  capaci- 
tance will  keep  the  ripple  voltage  low. 

C01  and  C02  ceramic  capacitors  are  added  to  filter 
high  frequency  noise  from  the  switching  power  sup- 
ply from  the  +5V  input  power  bus. 

Filtering  V|NPUT  During  Load  Transients 

During  a  low-to-high  output  load  transient,  the  duty 
cycle  goes  to  100%  until  the  output  inductor  current 
is  equal  to  the  load  current,  and  the  output  inductor 
limits  di/dt  of  the  input  current.  During  a  high-to-low 
output  load  transient,  however,  there  is  no  output 
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inductor  limiting  the  input  current  rate  because  the 
input  switch  is  opened  (0%  duty  cycle).  The  result 
is  the  +5V  bulk  power  supply  will  continue  to  source 
high  current  into  this  power  supply  for  some  time. 
Figure  9  illustrates  the  difference  in  the  circuits 
between  a  low-to-high  and  a  high-to-low  load 
transient. 


+  5VIN  O-^Uv- 


Rlout+Rsense 
 Wv- 


PWM-100% 


(a)  During  Ouptut  Load  Low-to-High  Transient 


RlN 


Rlout+Rsense 
 W^- 


(a)  During  Ouptut  Load  High-to-Low  Transient 
LOUT  Does  Not  Limit  Input  di/dt  ,,„„ 


Figure  9.  Lout  limits  the  input  current  only  on  a  low-to- 
high  output  current  transient 

Figure  10  shows  typical  current  waveforms  during 
a  high-to-low  load  transient.  The  output  current 
abruptly  stops  but  the  +5V  bulk  power  supply  takes 
a  finite  time  to  react  to  this  change  in  load  current, 
therefore  sourcing  energy  into  the  input  capacitors. 
Intel  specifies  that  this  input  current  must  not 
change  at  a  rate  faster  than  0.1  A/us. 

The  input  capacitor(s)  are  chosen  to  limit  the  volt- 
age surge  on  the  input  capacitors  to  less  then  0.15 


- 

4   Output 

Current 

c 

i 

Capacitor  Current 

o 

Time 

Figure  10.  Current  Waveforms  during  High-to-Low 
Output  Transient 


volts  (3%  of  V!N)  during  a  high-to-low  load  tran- 
sient. The  current  in  the  capacitor(s)  is  defined  as 

iC|N(t)  =  Wg  -  l|n_Rate  *  1 

=  8.68A -(0.1  A/us)  «t 

where  l|n_Rate  is  defined  as  the  rate  at  which  the 
input  current  decays  based  on  the  +5V  bulk  power 
supply,  assumed  here  to  be  0.1  A/us,  therefore 
decaying  to  0.0A  in  86.8us. 

The  voltage  surge  on  the  input  capacitance  during 
this  time  is  DC  „  „ 


■ 


iCIN(t)  +  (ESR|N  *  iC|N(t))  = 


(S-(105'ESiM-(^)+a68,ESR 

which  is  plotted  in  Figure  11  for  3  Sanyo  MV-GX 
type  1500liF,  0.044fi  Aluminum  Electrolytic 
Capacitors. 
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Figure  11.  Input  Capacitor  Current  and  Surge  Voltage 
During  a  High-to-Low  Load  Transient 

Sense  Resistor:  R01 

Dale  P/N  WSR-2  0.01  n  1% 

10mf2,  2.0  watt  2  wire  SMD  sense  resistor,  +75ppm 
TCR 

The  sense  resistor  is  chosen  by  the  criteria  dis- 
cussed in  U-156,  Appendix  5  [3].  Rsense is  a  2- 
wire,  2  watt  surface  mount  power  product  with  very 
low  inductance.  The  2  watt  rating  (to  ambient  tem- 
peratures of  75°C  )  allows  for  50%  derating  at  the 
typical  maximum  current  of  9.9  Amperes  [1]. 

A  short  circuit  current,  lsc>  is  chosen  at  a  nominal 
12.5  Amperes,  more  than  10%  over  the  maximum 
current.  The  value  of  the  UC3886  Current 
Amplifier's  gain,  Gqsa.  is  bounded  to 

GCSA_MIN    =  5-°  and  GCSA_MAX 
=  2.5MHz/200kHz 


U 
-I 

a 
a 
< 
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A  12.5A  limit  implies  that  Rsense  must  lie  between 
0.0064H  and  0.01 6n.  Choose  0.01  on  as  the 
lowest  standard  value. 

The  power  dissipation  in  Rsense  during  normal 
and  short  circuit  conditions  is 

Normal: 

Pd  =  Iavg2  *  Rsense  =  9-92  •  o.oion 
=  0.98  Watt  =  49%  of  rated 
Short  Circuit: 

PD  =  'sc2  •  Rsense  =  12.52  •  o.oion 
=  1 .56  Watt  =  78%  of  rated 

CONFIGURING  THE  UC3910  4-BIT  DAC  AND 
VOLTAGE  MONITOR  AND  THE  UC3886  AVER- 
AGE CURRENT  MODE  PWM  CONTROLLER 

With  the  power  stage  chosen,  the  UC3910  and 
UC3886  are  ready  to  be  programmed  for  the  prop- 
er operation.  Figure  12  and  Figure  13  show  block 
diagrams  for  the  UC3886  and  the  UC3910  ICs. 

Grounding 

The  UC3886  signal  ground  (SGND)  pin  as  well  as 
the  UC3910's  two  ground  pins  are  referenced  to 


is  reterenced  to  the  input  voltage  return  path,  as 
discussed  in  U-156  [4],  for  best  gate  drive 
performance. 

Decoupling 

High  frequency  decoupling  is  provided  at  the  VCC 
power  pins  (C14,  C18)  and  the  VREF  pins  (C13, 
C17)  of  both  ICs.  VCC  is  decoupled  to  PGND  on 
the  UC3886  additionally  with  a  low  ESR  0.1  uF 
capacitor  (C19)  to  provide  a  low  impedance  gate 
drive  source. 

Set  the  UC3886  Oscillator  Frequency  to  200kHz 

During  a  load  transient,  a  very  high  duty  cycle  is 
desired.  Therefore,  set  the  maximum  duty  cycle  to 
99%.  From  the  UC3886  Data  Sheet: 

2.0V 


Dmax  =  1  - 


RT  = 


(Rj  •  4.0mA) 


2.0V 


(1  -  Dmax)  •  4.0mA 


=  0.99 


=  50kQ 


=  2.0V  »  ((4.0mA  »  RT)  -  2.0V] 
T       Fs  •  1 .8V  •  RT2  •  4.0mA 


=110pF 


Choose  Cj-- 
RT  = 


100pF  (C20) 
54.9kn  (R10) 


COMP  CAM 

 [F.  [f. 


CAO/ENBL 

—ry- 


VSENSE|_5 
COMMAND  [4 


9l  VCC 


7  PGND 


Figure  12.  UC 


:  Current  Mode  PWM  Control  IC 
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Note  that  internal  capacitance  on  the  UC3886  CT 
pin  adds  approximately  10  to  15pF  of  capacitance. 
When  using  a  capacitor  as  low  as  100pF,  a  sub- 
stantial frequency  shift  can  result. 

A  24Q  resistor  and  Test  Point  1  (R1 1  and  TP1)  are 
provided  to  allow  external  synchronization  of  the 
unit  from  a  narrow  synchronizing  pulse  [3].  This 
resistor  is  not  required  unless  external  synchro- 
nization is  desired. 

Driving  the  MOSFET  Gate  from  the  UC3886 
Gate  Drive  Output 

A  10mH  gate  drive  resistor  (R12)  is  placed  close  to 
the  MOSFET  gate.  The  10m£i  resistor  limits  the 
peak  current  and  provides  damping  at  the 
MOSFET  gate  to  prevent  oscillations.  The  power 
dissipation  in  this  resistor  is  approximately  "I.OmW 
based  on  an  average  current  of  10mA. 

Figure  14  shows  that  the  current  path  for  a  gate 
drive  signal  originates  from  C19,  a  low  decoupling 
capacitor  located  closely  to  the  UC3886  GATE  pin. 
C10  is  added  from  the  input  voltage  to  the  Power 
Ground  (PGND)  to  decouple  the  high  frequency 
current  spike  which  exits  the  MOSFET  from  the 
DRAIN  and  must  find  a  path  back  to  PGND.  C10 
should  be  located  as  closely  as  possible  to  the 
MOSFET  to  prevent  high  frequency  ringing  at  the 
MOSFET. 


U3,  the  UC3612  dual  schottky  diode,  is  added  to 
protect  the  UC3886  from  inductive  spikes  above 
Vqc  and  below  ground  which  may  occur  due  to 
high  gate  drive  spikes  and  parasitic  inductance. 

External  Enable  Signal 

Intel  specifies  [1]  that  the  Pentium®Pro  power  sup- 
ply be  enabled  by  an  open  collector,  active  high  sig- 
nal, OUTEN. 

The  UC3886  CAO/ENBL  is  connected  to  the  input 
of  the  UC3886  PWM  comparator  (Figure  12),  with 
the  other  side  of  the  comparator  attached  to  the 
oscillator  ramp.  The  oscillator  ramp  is  nominally  a 
1.0V  to  2.8V  peak  ramp  signal.  The  UC3886  gate 
drive  is  disabled  by  bringing  the  CAO/ENBL  signal 
to  a  level  below  the  oscillator  ramp  signal. 

The  external  OUTEN  signal  is  connected  to  the 
UC3886  CAO/ENBL  signal  through  a  1.0kn  resis- 
tor, R2.  A  1.0kn  resistor  is  recommended  to  pro- 
vide a  high  impedance  buffer  between  external 
noise  and  the  output  of  the  UC3886  Current 
Amplifier  Output,  to  insure  noise  does  not  couple 
into  the  control  loop.  The  CAO/ENBL  pin  may 
source  up  to  400nA.  Using  a  1.0kn  resistor  will 
result  in  a  400mV  drop.  A  reasonable  open  collec- 
tor output  stage  will  be  able  to  sink  400(iA  and 
maintain  a  saturation  voltage  less  than  400mV, 
keeping  the  LOW  level  voltage  at  CAO/ENBL  to 
less  than  800mV. 
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Figure  14.  Driving  Q1  with  the  UC3886 
External  Signal  UP# 

Intel  specifies  [1]  that  the  UP#  signal  be  used  to 
disable  the  power  supply  if  it  is  not  capable  of 
supporting  an  upgraded  processor,  either  by  vary- 
ing the  voltage  or  by  supporting  the  higher  load 
currents.  The  UP#  signal  is  also  an  open  collector 
signal,  normally  high,  but  pulled  low  when  an 
Upgrade  Processor  is  in  place.  By  inserting  a  OCl 
jumper  resistor  for  R25,  the  power  supply  will  be 
disabled  in  the  case  of  an  upgrade  processor. 


THE  UNITRODE  DEMONSTRATION  KIT 
IS  SHIPPED  WITHOUT  R25.  UPGRADE 
PROCESSORS  MAY  EXCEED  THE  12.5A 
CURRENT  LIMIT  OF  THE  DEMONSTRA- 
TION KIT.  INSERT  A  OQ  0603  SMD 
JUMPER  RESISTOR  FOR  R25  TO 
DISABLE  THE  POWER  SUPPLY  IN  AN 
UPGRADE  PROCESSOR  APPLICATION 


CONFIGURING  THE  UC3910  VOLTAGE 
MONITORING  AND  PROTECTION  FEATURES 

The  regulation  requirements  for  this  power  supply 
are  set  at  ±5%.  The  PWRGD  requirement  is  set  to 
signal  a  voltage  regulation  failure  when  the  output 
voltage  is  outside  of  the  range  of  ±10%.  The 
UC3910  Undervoltage  and  Overvoltage  (UV,  OV) 
thresholds  are  therefore  chosen  at  midrange  to  be 
nominally  ±7.5%. 

The  equations  for  setting  the  Voltage  Monitoring 
thresholds  (see  U-158  [7])  are 

^•100=-(RD,v'16.7) 


%Vov  =RD|V«16.7 

%Vovp  =  RD|v  •  33.4  =  %Vov  •  2.0 

Setting  %Vyy  and  %Vqv  to  ±7.55  yields  a  divider 
ratio  RD|V  of  0.45. 

R8  and  R9  act  as  a  voltage  divider  between  the 
UC3910's  DACBUF  pin  and  OVTH/UVTH  pin.  R8 
and  R9  are  chosen  to  draw  approximately  1.0mA. 

R8  =  1 .69kn  ,  R9  =  1 .34kfi,  RD|V  =  0.448 

The  nominal  thresholds  are 

Overvoltage  Threshold  =  +7.48% 

Undervoltage  Threshold  =  -7.48% 

Overvoltage  Protection  Threshold     =  +14.96% 

PWRGD  Signal: 

Intel  requires  [1]  the  PWRGD  signal  to  be  an  open 
collector  active  HIGH  signal  when  the  voltage  is 
within  specification.  R7  is  a  4.7kfi  resistor  which 
can  be  added  internally  to  the  demonstration  kit 
power  supply  for  evaluation  purposes.  See  the 
schematic  of  Figure  2. 


R7  IS  NOT  INSTALLED  ON  UNITRODE'S 
DEMONSTRATION  KIT.  USE  A  4.7kn 
1/1 0W  0603  SMD  RESISTOR  IF  INTER- 
NAL PULLUP  IS  DESIRED. 


%VUV  =  -(f 


Overvoltage  Protection: 

The  UC3910  provides  both  OVP  and  OVPB  pins  for 
protection  in  the  case  of  overvoltage.  OVP  is  capa- 
ble of  driving  an  SCR  to  perform  a  crowbar  func- 
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tion.  OVPB  is  an  open  collector,  active  low  signal 
which  is  designed  to  pull  down  on  the  UC3886 
CAO/ENBL  signal  to  disable  the  UC3886  gate 
drive. 

The  Overvoltage  Protection  circuit  consists  of  F1, 
SCR1,  CR2,  R05  and  R06.  Fuse  F1  serves  to 
protect  the  circuit  under  two  circumstances:  a 
MOSFET  short  circuit  failure  and  when  the  crowbar 
SCR  is  fired.  The  fuse  is  chosen  based  on  the  max- 
imum operating  power  and  efficiency. 

PouTmax  =  34  Volts  *  1 1  2  AmPs  =  38  Watts 
38  Watts      _  _  . 

'INmax  =  0.80-  5.0V  =  9  5  Amper6S 


A  10  Ampere  SMD  fuse  is  chosen. 

Characterizing  SCR's  for  Crowbar  Applications  is 
discussed  extensively  in  Motorola's  Thyristor 
Device  Data  book  [5].  SCR1  is  chosen  based  on  its 
low  gate  trigger  current,  its  On-State  RMS  current 
rating,  and  because  it  has  to  discharge  a  substan- 
tial amount  of  low  ESR  aluminum  capacitors,  its 
Peak  Non-repetitive  surge  current  rating. 

SCR1  by  itself  will  not  protect  the  Pentium®Pro 
processor  against  an  overvoltage  except  by  caus- 
ing the  fuse  F1  to  open,  which  can  take  a  substan- 
tial amount  of  time.  CR2  provides  an  additional 
path  to  discharge  the  output  capacitors  directly  in 
order  to  clamp  the  output  voltage  and  protect  the 
processor  immediately.  CR2  is  connected  before 
the  sense  resistor,  R1 ,  in  order  to  use  R1  as  a  cur- 
rent limiting  resistor  when  the  crowbar  is  fired.  CR2 
has  a  rated  surge  current  of  200  Amperes. 

Connecting  an  SCR  as  a  crowbar  to  the  output 
voltage  may  appear  to  be  the  best  way  to  protect 
the  Pentium®Pro  processor  in  the  case  of  an  over- 
voltage failure.  However,  the  UC3886  provides  a 
current  limiting  mechanism,  which  would  cause  the 
SCR  to  sink  the  programmed  current  limit.  An  input 
fuse  would  not  open  under  these  circumstances 
because  of  the  low  output  power  being  delivered. 
The  SCR  on  the  output  would  most  likely  fail  ther- 
mally and  open,  thus  defeating  the  protection 
mechanism. 

Resistor  R6  from  the  SCR  gate  to  ground  is  chosen 
to  protect  the  SCR  against  false  firing  due  to  dv/dt 
conditions.  R6  will  draw  approximately  15mA  when 
the  SCR  is  fired,  as  the  gate  voltage  is  approxi- 
mately 1 .5  volts.  R5  is  chosen  to  limit  the  current 
from  the  UC3910  while  insuring  that  the  SCR  gate 
trigger  current  is  sufficient  down  to  10°C.  The 
UC3910  will  source  at  least  65mA  when  activated. 
R5  limits  the  current  preventing  excessive  droop  on 
VCC  when  the  SCR  is  fired. 


The  open  collector  signal  OVPB  is  also  triggered 
during  an  overvoltage  protection  fault.  This  signal 
can  be  used  to  disable  the  UC3886  gate  drive  by 
connecting  it  directly  to  the  UC3886  CAO/ENBL 
signal.  R26  is  installed  in  Unitrode's  demonstration 
kit  as  a  "jumper"  only,  to  enable  or  disable  this 
feature.  Normal  applications  will  directly  connect 
the  UC3886  CAO/ENBL  pin  to  the  UC3910  OVPB 
pin.  Note  that  the  OVPB  signal  is  an  open  collector 
signal  and  therefore  may  be  "OR';d"  with  the  exter- 
nal open  collector  OUTEN  and  UP#  signals. 

Setting  the  RC  Filters  at  VSENSE  and  DACOUT 
of  the  UC3910 

The  UC3910  VSENSE  pin  requires  an  R-C  filter  to 
isolate  the  pin  from  the  power  supply  output  [6].  The 
resistor  acts  both  as  part  of  an  R-C  filter  and  to  limit 
the  current  into  the  VSENSE  pin.  During  UVLO  of 
the  UC3910,  VSENSE  is  actively  pulled  low  in 
order  to  prevent  false  overvoltage  protection 
signals. 

The  filter  resistor  R3  is  chosen  to  limit  the  input  cur- 
rent to  <500uA  under  the  maximum  programmable 
voltage  for  the  Pentium®Pro. 


R3 


3.4V 
500nA 


=  6.8k£i 


The  filter  capacitor  C16  is  chosen  to  set  the  filter 
corner  frequency  at  approximately  FSW|TCH/10  in 
order  to  reduce  the  switching  frequency  ripple  by 
20dB. 

C16  =  =  1170pF 

R3«2«7i«(200kHz/10)  H 

Use  R3  =  6.8kn 

C16  =  1200pF  as  standard  values 
The  filter  capacitor  at  the  output  of  DACOUT,  C15, 
is  chosen  to  insure  that  DACOUT  rises  at  a  faster 
rate  than  VSENSE.  This  prevents  false  OVP  signals 
during  Vcc  brownout  or  glitch  conditions. 

R3«C16>3kn«C15-> 


C15< 


R3'C16 

3kfi 


2720pF 


Use  C15  =  2700pF  as  a  standard  value 
Note  that  resistor  R4  connected  to  the  UC3910 
VSENSE  pin  is  used  for  debug  purposes  only  and 
is  not  required  for  normal  operation. 

Programming  the  Current  Limit  with  the 
Current  Sense  Amplifier  of  the  UC3886 

A  nominal  current  limit  of  12.5  Amperes  is  desired 
to  protect  the  power  supply  under  short  circuit  con- 
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in  the  freewheeling  diode  under  short  circuit  condi- 
tions. 

The  gain  of  the  current  sense  amplifier,  Gqsa.  's 
set  based  on  the  desired  current  limit  and  the  value 
of  the  sense  resistor  [4],  using: 

1 .0  Volt 


GcSA  *  RsENSE  -  " 


<SC 


GCSA  = 


1 .0  Volt 


12.5A-0.01fi 


:  8.0 


The  current  sense  amplifier  is  configured  as  a  dif- 
ferential amplifier  using  four  external  resistors, 
R18,  R19,  R20  and  R21,  with  the  gain  equal  to 

Gcsa  =  8.0=  B20  =  R21 
R18  R19 

R20  and  R21  should  not  load  down  the  UC3886 
Current  Sense  Amplifier,  and  are  chosen  as 
33.2kH.  Therefore 

Use  R20  =  R21  =  33.2kfi 

R18  =  R19  =  4.22kQ  resulting  in 
Gcsa  =  7.87  and  a  nominal  short  circuit 
current  limit,  Isc.  of  12.7  Amperes. 
The  BUF  signal  at  pin  6  of  the  UC3886  must  be  fil- 
tered by  C22  to  insure  a  noise  free  bias  voltage  for 
the  current  sense  signal  ISO. 

Programming  the  Non-Integrating  Gain  for  the 
Voltage  Amplifier  of  the  UC3886 

Managing  the  voltage  regulation  at  the  load,  and 
maintaining  regulation  of  +5%  involves  the  use  of 
non-integrating  gain  about  the  UC3886  voltage 
amplifier.  Without  non-integrating  gain,  the  number 
of  output  capacitors  must  increase.  Application 
note  U-156  [4],  Appendix  3,  details  the  goals  and 
requirements  for  programming  non-integrating 
gain. 

The  specified  regulation  window  is  +5%.  Vripple 
and  DC  Error,  which  are  each  +1%,  reserve  ±2%  of 
the  specified  window.  This  leaves  ±3%  of  the  win- 
dow for  load  regulation.  The  desired  regulation  per- 
formance, versus  load  current,  is  shown  in  Figure 
15.  Setting  the  low  load  regulation  to  +3%  nominal- 
ly will  allow  the  maximum  voltage  excursion  during 
a  load  transient. 

The  UC3886  error  voltage,  COMR  will  vary  with 
load  current  from  0.0A  to  \sc  =  12.7A.  The  change 
in  the  error  voltage  will  be 

AVe  =  Imax  .  o  95V  =  11-2  Amps  .  Q  95V 
Isc  12.7  Amps 

=  0.834  Volts 


Figure  15.  Load  Regulation 

A  change  in  COMP  of  0.95  volts  is  used  because 
the  change  is  1.0V  ±50mV,  and  under  worst  case 
the  regulation  window  must  be  held. 

Figure  15  shows  that  the  load  regulation  due  to 
parasitic  resistances  is  -1%  from  no  load  to  maxi- 
mum load.  From  the  desired  load  regulation  curve, 
the  swing  in  output  voltage  associated  with  the 
change  from  0  Amps  (Not  m  this  case)  to  Imax 
is  determined  to  be  -6.3%.  The  I  •  R  drop  intrinsic 
to  the  circuit  is  then  subtracted  and  the  desired  reg- 
ulation swing  is  set  at  -5.3%.  From  the  lowest  oper- 
ating voltage,  the  change  in  the  output  voltage  is 

AVout  =  2.4  V  •  5.3%  =  0.1 27  Volts 
The  gain  around  the  Voltage  Amplifier  determined 
by  the  ratio  of  R16  to  R14  is  chosen  to  achieve  the 
desired  voltage  swing  over  the  operating  load 
range. 

=  AVE  _  AVE 
Gain  R16/R14 


AVOUT : 


and 


therefore  R16/R14: 


0.88V 
0.127V 


=  6.57 


The  feedback  resistor  is  chosen  very  large  to 
insure  that  there  are  no  loading  effects  on  the  volt- 
age amplifier  output. 

Use  R16  =  100kfi 

R14  =  ~\5kQ.  resulting  in  the  gain  about 
the  Voltage  Amplifier  of  6.67. 
Non-Integrating  gain  has  a  negative  regulation 
slope  with  regards  to  load  current,  and  must  be 
shifted  up  in  order  to  swing  ±3%  about  the  nominal 
voltage.  A  DC  offset  is  created  by  the  resistive 
divider  of  R14  and  R17  which  shifts  the  regulation 
window  up  by  +3.1%.  R17  is  chosen  by 


(Vnom  +  3%)' 


and  therefore 


R17 


R14  +  R17 


:  vNOM 
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R17 


R14  +  R17 


=  — —  yielding  R17  =  487k£i. 
1.03 


Filtering  and  Canceling  Offset  Current  at  the 
Command  Pin  of  the  UC3886 

It  is  recommended  that  the  decoupling  capacitor, 
C21  be  placed  very  close  to  the  COMMAND  pin  of 
the  UC3886,  as  this  voltage  is  the  voltage  which 
commands  the  power  supply  output,  and  noise  will 
directly  couple  to  the  power  supply  output.  R13  is 
added  in  series  between  the  UC3910  DACOUT  pin 
and  the  UC3886  COMMAND  pin  in  order  to  mini- 
mize DC  errors  due  to  offset  currents  in  the 
UC3886  voltage  amplifier.  R13  is  chosen  to  match 
the  impedance  at  the  Vsense  inPut  ,0  tne  UC3886 
voltage  amplifier.  Remember  that  the  UC3910 
DACOUT  pin  has  an  internal  3kn  resistor. 
Therefore 


R13: 


1 


1    j  i_ 

R16+R14  +  R17 


-  F>DAC  = 


1 


-  3kf2  =  9.7kn 


lookn  iskn  487kn 

Use  R13  =  10kn 

CLOSING  THE  LOOP  WITH  THE  UC3886 
AVERAGE  CURRENT  MODE  PWM 
CONTROLLER 

The  basis  for  closing  the  Average  Current  and  the 
Voltage  loops  of  this  circuit  is  found  in  Unitrode 
Application  Note  U-140  [2]  and  in  the  Unitrode 
Seminar  Topic  "Switching  Power  Supply  Control 
Loop  Design"  [7].  This  application  note  presents  a 
step-by-step  methodology  solving  for  the  loop 
compensation  components  found  in  Figure  2.  The 
current  loop  is  completed  first  with  the  voltage  loop 
to  follow. 

The  goal  in  closing  the  loops  for  this  power  supply 
is  to  obtain  a  stable  closed  loop  response  for  the 
current  and  voltage  loops,  with  an  overall  closed 
loop  crossover  frequency  between  10kHz  and 

fs  =  32kHz. 

2it 

Closing  the  Current  Loop 

Step  1 :  Calculate  the  Oscillator  Ramp  as  seen  at 
the  PWM  Comparator  input.  From  U-140,  it 
is  known  that  'The  amplified  inductor  cur- 
rent downslope  at  one  input  of  the  PWM 
comparator  must  not  exceed  the  oscillator 
ramp  slope  at  the  other  comparator  input". 


From  the  oscillator  timing  equations,  the 
ramp  slope  is 
1 


TS  = 


5.0nS 


Trj  »  50ns  (Deadtime  of  oscillator) 

Ramp  =  2.8V  -  1 .0V  =  1 .8Vp-p 

„,        Ramp  1.8V 
Ramp  Slope  =     _r  =  — — — 
TS-TD  4.95ms 

=  0.364  Volts/us 

Step  2:  Calculate  the  inductor  current  downslope. 
The  downslope  occurs  during  the  Buck 
regulator  switch  OFF  time. 

The  inductor  downslope  is  maximum  at  the 
maximum  output  voltage  and  with  the  mini- 
mum output  inductance,  which  occurs  at 
maximum  load  and  maximum  output  volt- 
age. 

The  diode  forward  voltage  of  CR1  is 
approximately  0.35V  at  1 1 .2A 

VoUTmax  =  3.4V 

Lqut  at  tne  maximum  operating  current  = 
12nH 

Inductor  di  /dt  =  3.4V  +  0.35V  =  0  31 3A/  s 
12.0nH 

Step  3:  Convert  the  inductor  current  downslope 
to  a  voltage  downslope  as  seen  at  the  out- 
put of  the  Current  Sense  Amplifier. 

Inductor  dv/dt  =  0.313A/^s  •  0.01  n  • 


33.2kn 
4.22kn 


=  24.6mV/ns 


Step  4: 


Set  the  gain  from  the  Current  Amplifier  to 
meet  the  slope  criteria.  Reduce  GcAmax  by 
25%  to  account  for  amplified  voltage  ripple 
due  to  the  ESR  of  the  output  capacitors. 
Reduce  the  gain  by  15%  more  to  account 
for  Inductor  and  Oscillator  variations. 

The  oscillator  Ramp  Slope  =  0.364V/ns  > 
Gqa  •  Inductor  dv/dt 

where  Gqa  =  The  gain  of  the  Current 
Amplifier  at  the  switching  frequency 

Therefore: 

Gca  at  FSW|TCH  > 


364mV  /ms 
24.6mV  /ms 


•0.60  =  8.9 


Resistors  R23  and  R24  set  the  inverting 


O 
Zj 
a 
a 
< 
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gain  about  the  UC3886  Current  Amplifier. 
Pick  R24  to  limit  the  loading  on  the  Current 
Amplifier  output.  Then  set  R23  and  R24  to 
program  the  Current  Amplifier's  inverting 
gain  at  FSW|TCH. 

Use 

R24=  10.5kn 
R23  =  1 .24l<n 
as  standard  values 


8.47 


Step  5: 


The  GBW  product  for  the  UC3886  Current 
Amplifier  is  3.5MHz  and  therefore  a  gain  of 
8.47  at  200kHz  is  within  the  device's  GBW. 

Find  the  crossover  frequency  of  the  current 
loop  gain  by  first  finding  the  small  signal 
control-to-output  gain,  GP,  of  the  buck  reg- 
ulator current  loop  power  section.  Consider 
the  fact  that  the  inductor,  Lout.  P|avs  a  key 
role  in  the  equation  for  Gp,  and  that  since 
Lout  swings  significantly  with  load  current, 
so  does  Gp. 

The  small  signal  control-to-output  gain  is 
defined  in  U-140  from  the  CA  output,  VCA, 
to  the  voltage  across  the  sense  resistor, 
VRS.  The  UC3886  application  however 
must  add  a  gain  stage  factor  for  the  Current 
Sense  Amplifier  gain.  Gp  is  determined  by 

VCA     lvCAi    llLout/    I  Duty )  ^CSA 
=  Gp 

The  change  in  duty  cycle  to  change  in 
Current  Amplifier  output  is  100%/VS,  or 

Duty=J_ 

VCA  VS 

where 

Vs  =  The  peak-to-peak  voltage  change  of 
the  oscillator  ramp 

The  change  in  the  resistor  voltage  to 
change  in  the  inductor  current  is  simply  the 
value  of  the  sense  resistor,  Rs  (Rs  =  R1  in 
Figure  2). 


=Rs 


The  change  in  inductor  current  per  the 
change  in  duty  cycle  is  a  function  of  the 
input  voltage.  The  small  signal  voltage 
applied  at  the  inductor  is  simply  the  small 
signal  changes  in  Vin  •  Duty.  The  change  in 
inductor  current  per  the  change  in  applied 
inductor  voltage  (small  signal)  is  given  by: 

where  v  =  V|N  •  Duty 


ZOUT 


and  therefore 


Lout 


1 


Duty  •  V,N  Zqut 


which  leads  to  the  transfer  function  of 


'Lout  _  VIN 


Duty  Z0ut 

Zqut  is  dominated  by  the  output  inductor  at 
frequencies  above  the  L  •  C  resonant  fre- 
quency, and  results  in  a  single  pole  rolloff 
due  to  that  inductor,  which  is  what  is  shown 
in  U-140  as  the  "V|N/S  •  Lout"  term-  Tne 
complete  impedance  function  includes  the 
output  Inductor,  Capacitor,  Sense  Resistor, 
Inductor  Resistance,  ESR,  ESL  and  Load 
Resistance.  The  parasitic  resistances  will 
help  dampen  the  response  at  the  resonant 
frequency  and  should  not  be  ignored. 

The  output  impedance  is  given  by: 

Zqut  =  s  •  Lqut  +  Fis  +  RLout  + 


s«C 


+  ESR  +  s • ESL  •  RL 


C  +  ESR  +  S'ESLI  +  RL 


)  +  R 


where 

Ft|_out  =  DC  Resistance  of  output  inductor 

C  =  Output  capacitance 

ESR  =  Output  capacitance  ESR 

ESL  =  Output  capacitance  ESL 

Rl  =  Load  Resistance 

Now,  solving  for  the  control-to-output  gain, 
Gp  (of  the  Current  Loop  only), 

can  be  simplified  as 
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Gp=(^)-(RsENSE)-(^)-GcSA 

U-140  states  to  multiply  the  control-to-out- 
put power  loop  gain,  Gp,  by  the  gain  of  the 
Current  Amplifier  to  achieve  the  overall  cur- 
rent loop  gain. 

Loop=Gp.GCA=[(Ji).(^_).(Rs) 
•  GCsa]  • 

[ 


VS  *  LOUT 


(ts-Td)«Rs*(Vo  +  vf)'Gcsa 


] 


maximum  input  voltage  and  maximum 
value  of  Lout.  or  at  minimum  load. 

Solving  for  the  crossover  frequency: 

FCmax  =  Vs.^;LR;uTmin.3CSA.GCA 

5.25V' 0.01  a 
=  1.8V'2«7f120mH 

=  25  .8kHz 

Vlmin  *  Rs 


•  7.87  •  8.47 


Fcmin  = 


Vs  •  2  •  it  •  LouTmax 


*  GCSA  *  GCA 


Equating  the  current  loop  gain  to  1  will  yield 
the  loop  crossover  frequency,  Fq. 


1  = 


VS  *  LOUT 


'[ 


(Js-Td)  •  R  •  (Vq  +  VF)  •  GCSA 


Zqut  is  dominated  by  the  output  inductor  in 
the  region  of  the  crossover  frequency,  and 
therefore  ZQuT(fc)  can  be  replaced  by  s  • 
LOUT 

Solving  for  Fc  and  simplifying  yields: 


Vin 


2  •  ;i  •  (Vq  +  VF)  •  (TS-TD) 


4.75V'  0.01  n 
1.8V«2«7r«24.0nH 


•  7.87  •  8.47 


=  11.7kHz 

where  the  input  voltage  is  +5V  +5% 

Step  6:  Add  the  pole-zero  compensation  into  the 
Current  Amplifier  by  solving  for  Czero 
(C25  +  C28)  and  CPOle  (C27),  and  solve 
for  the  current  loop  transfer  function. 

The  zero  should  be  placed  at  or  below  the 
minimum  current  loop  crossover  frequency, 
FCmin-  Tne  value  of  czero  is  determined 
by 


Czero  = 


1 


2  '  *  '  Fcmin  •  R24 


Notice  that  Lout  te"s  ou'  °'  *ne  equation, 
and  therefore  the  only  "Load"  dependency 
is  in  the  value  of  Vf.  This  is  true  ONLY  if  Lout 
is  Constant  with  load  current.  If  a  swinging 
choke  is  used,  then  Lout  cannot  drop  out  of 
the  equation. 

The  crossover  frequency  of  the  current  loop 
can  therefore  be  determined  by 


V|N  •  Rs 
vs  •  2  •  7t  •  Fc  •  Lqut 

and  therefore 

Vin  •  Rs 


Fc 


Vs  •  2  •  *  •  LoUT 


*  GCSA  *  GCA  =  1 


•  GCSA  *  GCA 


2  -tc*  11.7kHz  -10.5kn 
= 1296pF 

Use  Czero  =  C25  +  C28  =  1220pF  (2 
capacitors  are  used  to  allow  tuning  of  this 
frequency) 

The  pole  should  be  placed  at  Fg/2.  The 
value  of  Cpole 's  determined  by 


Cpole  = 


Czero 


(2  •  n  •  Fs/2  •  R24  •  Czero)  - 1 

 1220pF  

=  (2  •  n  •  =  200kHz/2  •  10.5kn  •  1220pF)  -1 


The  crossover  frequency  of  the  current  loop 
will  therefore  vary  as  a  function  of  load,  with 
the  minimum  crossover  frequency  at  the 


= 173pF 

Use  Cpole  =  C27  =  180pF 
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GCAs  = 

R24  »  (Crole  +  CZERo)  •  S  +  1 
S  *  (CzERO  '  R23  •  (R24  •  S  •  CP0LE  +  1) 

and  the  overall  current  loop  is  determined 
by  multiplying  the  control-to-output  transfer 
function  by  the  current  amplifier  transfer 
function,  or 

Loop  =  Gp.GCAs=(Vs.^ 


■  RS' 


GcsaJ 


GCAs 


which  is  plotted  in  Figure  16. 


1-1 03  1-104 
FREQUENCY 


Compensated  Current  Amplifier 
Current  Loop  @  Minimum  Load 
Current  Loop  @  Maximum  Load 


Figure  16.  Current  Amplifier  and  Current  Loop  Bode 
Plot  -  Minimum  and  Maximum  Loads 

The  lower  crossover  frequency  is  above  the 
estimated  range  of  11.7kHz  because  the 
gain  of  the  compensated  Current  Amplifier 
is  not  a  flat  gain  of  8.47  but  is  slightly  high- 
er due  to  the  integrating  feedback  of  the 
Current  Amplifier. 

The  changes  in  loop  gain  at  low  frequen- 
cies is  dominated  by  the  changes  in  load 
resistance,  while  the  variation  at  and 
around  the  crossover  frequency  is  a  func- 
tion of  the  change  in  inductance  vs  current. 

Closing  the  Voltage  Loop: 

The  voltage  loop  must  now  be  closed 
according  to  the  guidelines  in  Unitrode 
Seminar  Topic  [7]  "Switching  Power  Supply 
Control  Loop  Design".  The  compensation 
around  the  voltage  amplifier  of  this  circuit 
will  differ  from  the  seminar  topic  however  by 
utilizing  non-integrating  gain  [4]. 


The  small  signal  current  loop  can  be  mod- 
eled as  a  fixed  gain  at  low  frequencies 
equal  the  transconductance  forced  by  the 
current  loop,  and  having  a  pole  at  the  cur- 
rent loop  crossover  frequency,  fci,  as 
shown  in  Figure  17  below. 


1.1CT  1.10 
FREQUENCY  (Hz) 


—  Minimum  Load 
Maximum  Load 


Figure  17.  Small  Signal  Current  Loop  Transfer  Function 
-  Min  and  Max  Loads 


where  the  transconductance,  TC(s)  is 
determined  by 


TC(s)  = 


1 


Rs  *  GCSA 


(i+2«7i-fCL  ) 


The  low  frequency  gain  is  the  transconduc- 
tance (remember,  transconductance  units 

is  n-i) 

_  .  1  1  22.1dB 
Gain=  =  =   

Rs'Gcsa  o.oin«7.87  n 


Step  8:  Determine  the  output  impedance  and 
power  circuit  gain,  Gys. 

The  output  impedance  is  determined  by  the 
output  capacitance,  its  parasitics,  and  the 
load  resistance. 


f  - 


CoUT 


+  ESR  +  s  •  ESL 


J  *  RLOAD 


'Vout(s) 


(  

\s»C 


COUT 


-+  ESR  +  s  •  ESL 


Y  RLOAD 


The  power  circuit  gain  equals  the  current 
loop  transconductance  times  the  output 
impedance,  or 

GVs  =  Tc(s)  *  Zvout(s) 
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Step  9:  Determine  the  gain  required  by  the  com- 
pensated voltage  amplifier.  Insure  that  gain 
at  the  switching  frequency  does  not 
increase  the  PWM  slope  above  the 
required  amount  due  to  ESR. 

The  resistors  R14  and  R16  around  the  volt- 
age amplifier  were  determined  by  the 
requirements  for  non-integrating  gain  and 
are 

R14=  15.0kn 
R16=  100kn 

The  inductor  current  di/dt  rate  is  known  to 
be  a  maximum  of  0.31 3A/lis.  This  inductor 
current  ramp  times  the  ESR  of  the  output 
capacitor  is  multiplied  by  the  gain  of  the 
voltage  and  current  amplifiers  and  is  seen 
at  the  PWM  Comparator.  The  total 
contribution  of  ESR  ripple  contributed  to  the 
ramp  at  the  PWM  comparator  is  the  limiting 
factor  for  the  gain  of  the  voltage  amplifier, 
GVa-  Step  4  reduced  GcAmax  by  25%  t0 
account  for  this  factor.  The  gain  of  the 
Current  Amplifier  at  the  switching 
frequency,  from  Figure  16,  is  3.3. 

Therefore,  from  Step  4,  and  with  an  equiv- 
alent ESR  of  the  output  capacitors  being 
1 1  .Omfi 

0.313A/u.s  •  ESR  •  (1+GCA(ps))  • 
GvAmax(Fs)  =  0.25  •  0364V/u.s 


and  therefore 
GvAmax(Fs) 
=  6.15 


0.25  •  0364V/lis 


0.313A/us- 0.011  -(1  +3.3) 


Since  R16  and  R14  set  an  inverting  gain  of 
1 0OkO/1 5kn  =  6.67,  then  the  voltage  ampli- 
fier gain  must  be  rolled  off  (add  a  pole)  prior 
to  the  switching  frequency  to  reduce  the 
gain  to  less  than  GVAmax(Fs)- 

Step  10:  Compensate  the  Voltage  Amplifier  to 
achieve  desired  loop  gain  and  phase  and 
to  reduce  the  voltage  amplifier  gain  at  the 
switching  frequency  to  below  GvAmax(Fs)- 

The  voltage  loop  gain  is  obtained  by  multi- 
plying the  power  circuit  gain,  Gvs  by  the 
Voltage  Amplifier  gain,  GVAs- 


LoopVs  =  GvAs  *  Gvs  =  GVAs  *  Tc(s)  * 
(s  •  COUT+  ESR  +  S  •  ESLj  •  RL0AD 

(s*C0UT+  ESR  +  s  *  ESL)+  RLOAD 


The  voltage  amplifier  gain,  without  compen- 
sation, is  simply  R16/R14  =  6.67.  The  volt- 
age loop  gain  is  plotted  in  Figure  18,  show- 
ing a  very  low  crossover  frequency. 
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Figure  1 8.  Voltage  Loop  Gain  without  Additional 
Voltage  Amplifier  Compensation 

The  voltage  amplifier  gain  is  compensated 
by  adding  a  low  frequency  pole-zero  pair  in 
order  to  boost  low  frequency  gain.  Note 
however,  that  DC  gain  cannot  be  increased 
as  it  is  limited  by  the  requirements  of  non- 
integrating  gain.  Secondly,  a  high  frequen- 
cy pole  is  added  to  achieve  the  desired 
crossover  frequency  and  to  reduce  the  gain 
of  the  voltage  amplifier  beyond  the 
crossover  frequency. 

Add  C23  and  R15  to  add  a  low  frequency 
pole-zero  pair  in  order  to  boost  low  fre- 
quency (but  NOT  DC)  gain,  and  therefore 
boost  the  crossover  frequency.  Set  the  zero 
at  approximately  100Hz  and  the  pole  at 
approximately  400Hz. 

The  equations  for  the  pole  and  zero  are 


1 


2  •  t:  •  C23  •  R15 


and 


FZERO : 


1 


2»;i«C23'(R15  +  R14) 
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Set  C23to0.1nF.  Then 
R15 


2  •  7i  •  C23  •  Fpole 

 1  

2«7f0.01uF«400 


=  3.98kn 


Use  R15  =  3.92kn  as  a  standard  value.  The 
results  are: 

FpoLE  =  406Hz 
FzERO  =  84Hz 

Add  C24  to  add  another  pole  to  roll  off  the 
gain  to  obtain  the  desired  crossover  fre- 
quency and  reduce  the  gain  of  the  voltage 
amplifier  at  the  switching  frequency. 

Set  C24  to  1 80pF  to  obtain  a  pole  frequen- 
cy at 

FpoLE  =  2«7t  'R16-C24 


1 


2»jf100kn«180pF 
=  8.84kHz 

The  transfer  function  for  the  compensated 
voltage  amplifier  is 

GVA(s)  =  . 
R14 

s»C23'(R14  +  R15)  +  1 
(s  •  R16  •  C24  +  1)  •  (s  •  R15  •  C23  +  1) 

With  this  compensation,  the  voltage  ampli- 
fier gain  and  the  loop  response  for  the 
Voltage  Loop  are  plotted  in  Figure  19. 

MEASURED  RESULTS  FROM  THE  VRM 
DEMONSTRATION  KIT 

Figure  20  provides  the  measured  open  loop 
response  bode  plots  for  the  VRM  power  supply 
under  a  nominal  3.1V  output  at  lomax  =  11-2 
Amperes. 

Figure  21  shows  the  DC  regulation  measured  at 
the  load  in  a  test  configuration,  with  the  nominal 
output  voltage  set  to  3.100V.  The  measured  test 
configuration  DC  impedance  from  the  output  of  the 
connector  to  the  resistive  load  is  1.50mC2,  which 
accounts  for  17mV  (0.54%)  drop  at  full  load.  The 
load  regulation  curve  matches  the  predicted  non- 
integrating  regulation  curve. 

Figure  22  shows  the  measured  efficiency  and 
power  dissipation  of  the  VRM  in  a  test  configura- 
tion, with  the  nominal  output  voltage  set  to  3.100V. 
The  input  voltage  is  fixed  at  5.00V.  The  test  board 
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— -  Voltage  Loop  Gain  -  Maximum  Load 


Figure  19.  Final  Voltage  Loop  Gain  and  Phase  Plots 

COMPONENTS  Z1,  R22  AND  C26  CAN  BE 
USED  FOR  VARIATIONS  IN  THE  COMPENSA- 
TION SCHEME.  THE  VRM  DEMONSTRATION 
KIT  IS  SHIPPED  WITH  Z1=10fi  AND  WITH- 
OUT R22  AND  C26. 


1000  10000 
Frequency  (Hz) 


Figure  20.  Open  Loop  Response  with  V0UT  =  3.1V, 
l0UT  =  1 1 -2A 

is  subjected  to  100LFM  airflow  at  approximately 
25°C  ambient  temperature.  The  full  load  efficiency 
is  83.6%. 
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Figure  21.  DC  Regulation  at  V0Ut  =  3.1V  for  VRM  - 
Measured  At  Load 

The  measured  efficiency  includes  the  power  dissi- 
pated by  the  12V  bias  power  supply.  The  +12V 
current,  lcc,  is  measured  to  be  25.0mA  during  nor- 
mal operation,  and  is  fixed  with  varying  load.  With 


Figure  22.  Efficiency  and  Power  Dissipation  vs  Load  for 
VRM  Module  with  3.100V  nominal  Output 

the  OUTEN  signal  disabling  the  power  supply,  lcc 
is  measured  at  18.5mA,  supplying  current  only  for 
the  UC3886  and  UC3910,  but  no  gate  drive.  The 
average  gate  drive  current  is  measured  at  6.50mA. 
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Figure  23.  Ripple  Voltage  and  Gate  Voltage.  V0UT  =  3.03V,  l0UT  =  1 1 .2A. 
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Figure  24.  Source  Voltage  (Top)  and  Gate  Voltage.  Vqut  =  3.03V,  Iout  =  1 1 -2A 
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Figure  25.  Short  Circuit  Source  Voltage  (Top)  and  Gate  Voltage.  Vqut  =  0.06V.  The  UC3886  skips  cycles  to  main- 
tain an  accurate  current  limit. 
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Figure  26.  Transient  Response  to  125Hz,  0.3A  to  1 1.2A  to  0.3A  Load  Change.  Vqut  (ToP)  centered  about  3.10V, 

between  +5%  cursors.  Load  current  (Middle)  @  2A/div  varies  at  30A/^s.  Input  current  (Bottom)  @  5A/div. 
overshoots  to  charge  input  and  output  caps  after  a  load  step. 
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Figure  27.  Vqut  (ToP)  Centered  about  3.100V  (Marker  1)  during  0.3A  to  11. 2A  transient.  Input  current  (Bottom,  2A/div) 
rises  at  0.047 A/^s  during  the  load  step. 
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Tek  Run:  l.OOMS/s     Hi  Res 
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Figure  28.  V0UT  (Top)  Centered  about  3. 1 00V  (Marker  1 )  during  0.3A  to  1 1 .2A  transient.  Q1  Source  (Bottom)  shows 
100%  duty  cycle  as  inductor  current  ramps  to  full  load  current.  Slope  in  Source  is  due  to  Q1  Roson- 
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Figure  29.  Vqut  (Top)  Centered  about  3.100V  (Marker  1 )  during  0.3A  to  1 1  2A  transient.  ISO,  UC3886  Pin  16 

(Bottom)  swings  from  3.10V  (Marker  2)  to  4.10V  at  a  measured  12.6A  short  circuit  current.  The  output 
inductor  is  calculated  to  be  27nH  during  this  swing  due  to  high  AC  Flux. 
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Figure  30.  Vout  fop)  Centered  about  3.100V  (Marker  1)  during  11. 2A  to  0.3A  transient.  Input  current  (Bottom, 
2A/div)  falls  at  0.054A/us  during  the  load  step. 
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Figure  31.  VOUT  (Top)  Centered  about  3.100V  (Marker  1)  during  11.2A  to  0.3A  transient.  ISO,  UC3886  Pin  16 

(Bottom)  swings  from  4.00V  (Marker  2)  to  3.10V.  The  output  inductor  is  calculated  to  be  28uH  during  this 
swing  due  to  high  AC  Flux. 
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Figure  32.  Transient  Response  to  125Hz,  0.3A  to  1 1.2A  to  0.3A  Load  Change.  Vout  (ToP)  centered  about  3.10V. 

Input  voltage  (Bottom)  shows  only  130mV  deviation  during  load  steps  without  input  inductor,  due  to  low 
impedance  VRM  input  capacitors. 


CONCLUSION 

A  highly  accurate  VRM  power  supply  has  been 
demonstrated  which  uses  Unitrode's  UC3886  and 
UC391 0  ICs.  This  VRM  meets  the  Intel  VRM  power 
supply  specifications,  has  excellent  regulation, 
transient  response,  and  efficiency.  It  has  been 
demonstrated  that  a  single  output  inductor  can 
allow  continuous  mode  operation,  meet  the  strin- 
gent transient  response  of  the  Pentium®Pro,  and 
limit  the  input  current  rate  as  well.  The  use  of 
non-integrating  voltage  loop  regulation  has  been 
proven  to  use  fewer  output  capacitors  because  of 
the  larger  transient  voltage  swing  allowed  by  this 
technique. 
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THE  UC3910  COMBINES  PROGRAMMABILITY.  ACCURACY  AND 
INTEGRATED  FUNCTIONS  TO  CONTROL  AND  MONITOR  HIGH  END 
PROCESSOR  POWER  SUPPLIES 


by  Larry  Spaziani 
ABSTRACT 

As  high  performance  processors  continue  to  develop,  their  respective  power  supply  requirements  become 
more  stringent,  often  requiring  low,  custom  voltages  and  increasingly  tighter  regulation.  Intel's 
Pentium®Pro  power  system  specification,  for  instance,  demonstrates  the  need  for  tight  regulation,  pro- 
grammable power  supply  voltage  and  programmable  voltage  monitoring  for  status  reporting  to  the  proces- 
sor. To  help  meet  these  requirements,  the  UC3910  4-BIT  DAC  and  Voltage  Monitor  IC  is  introduced.  This 
application  note  discusses  the  architecture  and  features  of  the  UC3910  and  details  how  this  IC  is  used  for 
an  optimal  PentiunKBPro  power  supply  solution. 


UC3910  4-BIT  DAC  AND  VOLTAGE  MONITOR 

•  High  Precision  Reference  for  tight  regulation 

0.5%  Typical  combined  DAC/Reference  precision 

•  4-BIT  DAC  directly  compatible  with  Intel's  Pentium®Pro  VID  function 

Sixteen  steps  from  2.0V  to  3.5V  in  100mV  increments 

•  Undervoltage  and  Overvoltage  Fault  Windows 

User  programmed  with  2  external  resistors 

Proportional  to  DAC  programmed  voltage  over  the  entire  operating  range 

•  Overvoltage  Protection  Comparator 

Proportional  to  DAC  programmed  voltage  over  the  entire  operating  range 
Directly  drives  an  external  SCR 

•  Undervoltage  Lockout 


INTRODUCTION 

The  UC3910  4-BIT  DAC  and  Voltage  Monitor  IC 
contains  a  4-BIT  Digital  to  Analog  converter  which 
is  used  to  program  a  precise  DC  voltage  for  use  in 
commanding  a  power  supply  voltage.  The  actual 
power  supply  voltage  is  compared  against  user 
programmable  thresholds,  with  the  comparators 
providing  logic  status  to  the  system  or  protecting 
the  power  supply  with  a  crowbar  SCR.  This  IC  has 
been  developed  to  interface  with  Intel's  Pentium® 
Pro  processor,  but  has  widespread  uses  where  pre- 
cise control  and  monitoring  of  a  power  supply  volt- 
age is  required. 

The  high  DC  accuracy  of  the  UC3910  reference  and 
DAC,  typically  ±0.5%,  makes  this  IC  ideal  for 


controlling  and  monitoring  tightly  regulated  power 
supplies,  such  as  high  end  processors  or  bus 
termination  voltages.  Tight  regulation  of  power 
supplies  can  be  met  without  adjusting  the  power 
supply  voltage  at  manufacturing.  The  programmable 
output  can  also  be  used  to  digitally  adjust  a  power 
supply  voltage  in  test  or  manufacturing,  allowing  a 
single  power  supply  design  to  accommodate 
multiple  uses. 

The  UC3910  offers  substantial  advantages  over 
discrete  solutions  when  meeting  Intel's 
Pentium®Pro  power  supply  requirements.  Its  4-BIT 
Digital-to-Analog  Converter  output  voltage  varies 
from  2.0V  to  3.5V  in  100mV  increments  for  direct 
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compatibility  with  Intel's  VID  codes.  The  many  inte- 
grated features  and  the  programmability  of  the 
UC3910  allow  power  supply  designers  to  replace 
discrete  components  including  a  precision  refer- 
ence, a  DAC,  complicated  resistive  networks,  multi- 
ple window  comparators  and  an  SCR  Driver.  Tight 
regulation  can  be  met  directly  because  of  the  excel- 
lent DC  accuracy  of  the  UC3910  combined  DAC 
and  reference  voltages. 


THE  UC3910  4-BIT  DAC  AND 
VOLTAGE  MONITOR 

A  block  diagram  of  the  UC3910  is  shown  in 


e1. 


The  UC3910  is  ideally  suited  to  create  a  program- 
mable, precision  system  reference  for  low  voltage 
power  supplies.  Figure  2  shows  the  UC3910  con- 
figured with  the  UC3886  Average  Current  Mode 
PWM  Controller  IC  to  provide  a  solution  for  the 


OVTH/r 

uvthL 


Figure  1.  UC3910  4-BIT  DAC  and  Voltage  Monitor 
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Figure  2.  UC3910  Configured  with  the  UC3886  for  a  PentiumOPro  DC/DC  Converter 
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complex  power  system  requirements  of  Intel's 
PentiumOPro  processor.  The  UC3910  is  directly 
compatible  with  Intel's  Voltage  Identification  (VID) 
code  as  shown  in  Figure  2. 

UC3910  -  SUPPLYING  POWER 

The  UC3910  is  constructed  using  a  bipolar  process 
allowing  the  input  supply  voltage,  Vcc,  to  be  as  high 
as  20V.  Minimum  operating  voltage  is  8.2  volts.  The 
supply  voltage  provides  internal  biasing  of  all  circuit 
blocks  including  the  high  precision  reference  volt- 
age, Vref.  which  provides  a  precision  reference 
voltage  for  the  Digital  to  Analog  Converter  (DAC). 
VCC  should  be  decoupled  to  ground  with  a  0.1  u.F  to 
1 .OuF  ceramic  capacitor  located  in  close  proximity 
to  the  IC. 

Grounding  the  UC3910 

The  UC3910  utilizes  two  ground  pins  to  optimize  the 
layout  of  the  high  precision  DAC  and  Reference  cir- 
cuitry. Both  ground  pins  must  be  connected  to 
ground  close  to  the  IC  and  to  each  other. 

UNDERVOLTAGE  LOCKOUT 

The  UC391 0  features  an  undervoltage  lockout  pro- 
tection circuit  for  controlled  operation  during  power  up 
and  power  down  sequences.  Figure  3  shows  typical 
Vcc  thresholds  of  the  UC3910  UVLO  circuitry. 

The  supply  current,  Ice,  is  typically  less  than  3mA 
during  UVLO  and  is  typically  less  than  10mA  when 
Vcc  is  above  the  UVLO  thresholds.  External  loading 
of  the  reference  voltage  will  add  to  the  supply  cur- 
rent, Ice-  The  0.2V  hysteresis  prevents  Vcc  oscilla- 
tions during  the  power  up  and  power  down 
sequences. 

During  UVLO,  VREF  and  the  DAC  output,  DACOUT, 
are  disabled,  the  threshold  circuitry  is  disabled  and 
the  sense  pin,  VSENSE,  is  actively  held  low.  The 
PWRGOOD  signal  is  actively  held  LOW,  the  OVPB 
signal  is  forced  HIGH  (open)  and  the  OVP  signal's 
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drive  is  disabled  to  insure  no  false  control  signals 
are  generated  during  power  up  and  power  down 
sequencing. 

VREF 

The  UC3910  contains  a  5.0V  precision  trimmed 
bandgap  reference,  based  on  similar  technology  as 
that  used  on  many  other  Unitrode  ICs,  but  is 
enhanced  by  the  use  of  precision  thin  film  resistors. 
Thin  film  resistors  exhibit  excellent  performance 
with  voltage  and  temperature  variations,  and  don't 
shift  in  value  due  to  packaging  stresses.  These 
enhancements  result  in  a  reference  voltage  toler- 
ance of  ±0.5%  from  0°C  to  70°C.  VREf  provides 
bias  directly  to  the  DAC  circuitry,  and  plays  a  major 
role  in  the  precision  of  the  DAC  output. 

The  reference  can  be  used  to  bias  external  circuitry, 
can  source  up  to  10mA  and  has  internal  short  circuit 
protection.  VREF  should  be  decoupled  with  a  0.1  u,F 
to  1 .0u.F  monolithic  ceramic  capacitor  located  close 
to  the  IC.  Load  circuits  with  high  noise  content  should 
be  avoided,  or  decoupled  very  well,  as  noise  on 
VrEp  will  directly  couple  to  the  DACOUT  pin. 

VREF  COMPARATOR 

The  reference  voltage  is  internally  monitored  as 
shown  in  Figure  4.  The  0.1V  hysteresis  prevents 
Vref  oscillations  during  the  Vref  power  up  and 
power  down  sequences.  While  the  reference  volt- 
age is  below  the  VREF  threshold,  VSENSE,  PWR- 
GOOD, OVP  and  OVPB  are  disabled  in  the  same 
manner  as  they  are  during  undervoltage  lockout. 


Vref  Q- 
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ENABLES 

PWRGOOD,  OVP,  OVPB, 
VSENSE  OUTPUTS 


Figure  3.  UC3910  UVLO  Typical  Values 


Figure  4.  UC3910  Vref  Comparator 

A  typical  power  up  sequence  is  shown  in  Figure  5. 
The  voltage  monitoring  outputs  are  not  enabled 
until  time  t-|  at  which  time  Vcc  ar|d  VrEf  are  above 
their  respective  thresholds. 

PROGRAMMABLE  DIGITAL-TO-ANALOG 
CONVERTER 

The  UC3910  contains  a  4-Bit  Digital  to  Analog 
Converter  with  an  architecture  shown  in  Figure  6. 
The  DAC  output  (DACOUT)  is  a  high  impedance 
precision  output  programmed  by  the  4  program- 
ming pins,  DO  (LSB)  through  D3  (MSB).  Each 
programming  bit  pin  controls  a  current  source 
which  is  precisely  trimmed  to  achieve  the  proper 
output  voltage. 
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Figure  5.  Power  Up  Sequence 
DACOUT 

The  accuracy  of  the  DACOUT  pin,  including  the  tol- 
erance of  the  reference  voltage,  VRef  (combined 
accuracy),  is  typically  ±0.5%  and  is  ±0.9%  from  0°C 
to  70°C  worst  case.  DACOUT  cannot  be  loaded 
externally  since  it  is  a  high  impedance  (3kn)  output. 
It  should  be  decoupled  locally  with  a  0.01  u.F  to 
0.1  uF  monolithic  ceramic  capacitor.  A  larger  capac- 


and  the  external  decoupling  capacitor  form  an  RC 
time  constant. 

DACBUF 

The  DACBUF  pin  is  a  low  impedance,  buffered  out- 
put of  the  DACOUT  pin  with  a  total  gain/offset  error 
of  ±25mV.This  pin  is  used  by  the  UC3910  to  set  the 
overvoltage,  undervoltage  and  overvoltage  protec- 
tion comparator  threshold  voltages.  DACOUT  can- 
not be  used  for  this  function  since  the  threshold  cir- 
cuitry requires  current  and  DACOUT  cannot  be 
loaded.  The  buffer  is  internally  compensated  for 
unity  gain  and  cannot  be  decoupled  externally. 
Good  decoupling  of  the  DACOUT  and  VCC  pins  will 
insure  that  the  DACBUF  signal  is  not  corrupted  by 
noise.  DACBUF  is  internally  clamped  to  1  diode 
drop  above  ground  during  undervoltage  lockout. 

PROGRAMMING  THE  DAC 

The  DACOUT  voltage  is  directly  compatible  with 
Intel's  Pentium®Pro  coding  requirements,  as 
shown  in  Table  1.  The  D0-D3  pins  are  directly 
equivalent  to  Intel's  VID0  -  VID3  signals.  Intel 
requires  programmable  steps  from  2.4V  to  3.4V  in 
100mV  increments,  whereas  the  values  of  2.0V  to 
2.3V  and  3.5V  are  optional.  The  UC3910  DAC  is 
programmable  in  100mV  increments,  from  2.0V  to 
3.5V,  where  each  decreasing  bit  represents  a 
100mV  step,  as  shown  Table  1. 
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i  6.  UC391 0  Digital  to  Analog  Converter  (DAC)  Architecture 
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Decimal  Code 

D3 

D2 

D1 

DO 

DACOUT  Voltage 

Pentium®Pro 
Specification 

No  Processor 

14 

1 

1 

1 

2.1 

2.1 

I  13 

i 

1 

0 

1 

2.2 

2.2  I 

0 

0 

2.3 



1 

0 

1 

1 

2.4 

2.4 

Intel's 

10 

1 

0 

1 

0 

2.5 

2.5 

I 

9 

1 

0 

0 

1 

2.6 

2.6 

I 

8 

1 

0 

0 

0 

2.7 

2.7 

I 

7 

0 

1 

1 

1 

2.8 

2.8 

I 

6 

0 

1 

1 

0 

2.9 

2.9 

Operating 

5 

0 

1 

0 

1 

3.0 

3.0 

I 

4 

0 

1 

0 

0 

3.1 

3.1 

I 

3 

0 

0 

1 

1 

3.2 

3.2 

I 

2 

0 

0 

1 

0 

3.3 

3.3 

4- 

1 

3.4 

3.4 

Region 

0 

0 

3.5 

3.5 

Table  1.  Programming  the  DACOUT  Voltage 


Figure  6  shows  that  each  decimal  code  (0  through 
15)  represents  an  addition  of  33.33jxA  of  current 
through  the  3kn  resistor,  which  results  in  100mV 
steps  for  each  bit.  A  bias  current  of  500p.A  is  used 
to  set  DACOUT  to  3.5V  when  all  four  bits  are  0s. 

Programming  pins  D0-D3  are  designed  to  accept 
OPEN  =  Logic  1  and  SHORT  =  Logic  0  levels,  as 
required  by  Intel,  and  will  also  accept  open  collec- 
tor logic  inputs.  Each  bit  is  pulled  up  internally  to 
approximately  4.8V  by  a  40^A  current  source,  as 
shown  in  Figure  6. 

Some  systems  may  want  to  control  the  D0-D3  pins 
from  standard  logic  gates  rather  than  open  collec- 
tor logic.  The  UC3910  will  accept  logic  level  inputs 
to  the  D0-D3  programming  pins  only  if  the  logic 
HIGH  level  is  >  3.0  volts.  The  logic  family  should  be 
well  understood  to  insure  that  the  driver  can  sink 
40jiA  even  when  it  is  a  logic  HIGH. 

Intel's  specification  for  the  Pentium®Pro  processor 
includes  all  "1  s"  as  an  indicator  that  no  processor  is 
present.  The  UC3910  generates  2.0V  on  the 
DACOUT  pin  when  all  "1  s"  are  present,  thus  insur- 
ing a  safe  low  voltage  level  is  present  in  a  system 
should  the  programming  pins  be  opened  for  any 
reason. 

Dynamically  Programming  the  DAC 

The  UC3910  is  designed  to  accept  the  4  bits  as 
hardwired  inputs  prior  to  or  at  the  same  time  power 


is  applied  to  the  UC391 0.  Dynamically  changing  the 
4  bits  is  not  recommended,  as  the  characteristics 
(response  time,  overshoot,  etc.)  of  the  UC3910 
DAC  output  under  these  conditions  is  highly  depen- 
dent on  external  components.  The  time  constant  of 
the  internal  3kn  resistor  and  the  DACOUT  decou- 
pling capacitor  directly  affect  the  rate  at  which 
DACOUT  can  dynamically  change. 

Changing  the  DAC  Voltage  Increments/Range 

The  UC3910  is  designed  to  meet  the  Intel 
Pentium®Pro  specification  which  requires  program- 
mable voltages  from  2.4V  to  3.4V  in  100mV  steps. 
Some  systems  may  require  exact  power  supply 
voltage  outputs  in  ranges  or  increments  other  than 
those  above  in  order  to  compensate  for  losses  or  to 
fine  tune  performance. 

Upon  inspection  of  Figure  6,  a  designer  may  opt  to 
place  an  external  resistor  from  DACOUT  to  VREF 
or  to  GND  to  adjust  the  DACOUT  voltage  up  or 
down,  respectively,  as  shown  in  Figure  7.  This 
method,  however,  is  NOT  recommended.  The 
UC3910  DAC  is  precisely  trimmed  to  achieve  it's 
accuracy,  but  the  internal  3k£i  resistor  IS  NOT  a 
precision  resistor,  and  may  be  only  accurate  to 
±20%.  Designing  an  offset  based  on  this  internal 
resistor  may  therefore  result  in  large  errors.  Should 
this  method  be  used,  the  programmed  voltage 
increment  is  no  longer  100mV,  but  is  proportional  to 
the  value  of  the  external  resistor  used. 
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Figure  7.  Using  External  Resistors  to  Adjust  DACOUT 
is  NOT  recommended 

A  power  supply's  output  voltage,  controlled  by  the 
UC3910,  may  be  adjusted  when  used  in  conjunc- 
tion with  the  UC3886  PWM  controller,  as  shown  in 
Figures  8  (a)  and  (b).  Increasing  the  voltage  as 
shown  in  Figure  8  (a)  can  be  accomplished  with 
good  accuracy  by  using  precision  resistors. 
Decreasing  the  voltage,  as  shown  in  Figure  8  (b) 
however,  results  in  less  accuracy,  as  the  DACBUF 
buffered  output  includes  gain/offset  error  of  ±25mV 
(DACBUF  =  DACOUT  ±25mV). 


I 
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Figure  8.  Recommended  Methods  for  Adjusting  a 
Power  Supply's  Output  Voltage 


VOLTAGE  MONITORING  SECTION 

The  UC391 0's  voltage  monitoring  section  contains 
programmable  window  comparators  which  enable 
a  power  supply's  output  voltage  to  be  closely  mon- 
itored. The  power  supply's  output  voltage,  as  seen 
at  the  UC3910  VSENSE  pin,  is  compared  to  three 
programmable  thresholds;  undervoltage,  overvolt- 
age,  and  overvoltage  protection.  The  undervoltage 
and  overvoltage  comparators  control  the  PWR- 
GOOD  signal  to  indicate  that  the  output  voltage  is 
within  a  specified  operating  range.  The  overvoltage 
protection  comparator  controls  the  OVPB  and  OVP 
signals,  which  can  be  used  to  disable  the  power 
supply  or  to  fire  an  external  crowbar  SCR. 

The  undervoltage,  overvoltage,  and  overvoltage 
protection  thresholds  are  programmed  as  a  per- 
centage above  and  below  the  programmed  output 
(DACOUT),  so  that  as  the  UC3910  DAC  output 
voltage  varies  (various  Pentium®Pro  voltages  for 
instance),  so  do  the  thresholds  as  a  percentage  of 
the  DACOUT  voltage. 

Figure  9  shows  a  simplified  schematic  of  the  inter- 
nal voltage  monitor  section.  The  voltage  monitor 
section  is  programmable  by  the  external  resistors 
RS1  and  RS2  at  the  threshold  programming  pin, 
OVTH/UVTH.  RS1  and  RS2  set  the  internal  voltage 
thresholds  which  become  inputs  to  the  overvoltage, 
undervoltage  and  overvoltage  protection  compara- 
tors. The  buffered  DAC  output,  DACBUF,  is  used 
as  the  reference  for  the  voltage  monitoring  thresh- 
olds. 

VSENSE 

The  sense  pin,  VSENSE,  is  one  input  to  the  over- 
voltage, undervoltage  and  overvoltage  protection 
comparators  (OV,  UV  and  OVP)  which  is  compared 
to  the  set  thresholds,  as  shown  in  Figure  9. 
VSENSE  is  typically  connected  to  the  output  of  the 
power  supply  which  is  controlled  by  the  UC3910's 
precision  output,  DACOUT. 

The  hysteresis  levels  on  the  voltage  monitor  com- 
parators can  be  as  low  as  20mV.  VSENSE  should 
be  filtered  externally  with  an  RC  filter,  as  shown  in 
Figure  9,  to  insure  that  noise  and  ripple  voltage 
does  not  cause  false  signals  at  the  PWRGOOD 
and  OVP  pins.  A  filter  frequency  of  1/1  Oth  the 
power  supply  switching  frequency  is  recommend- 
ed, to  reduce  switching  ripple  by  20dB.  The  filter 
resistor  and  capacitor  product  is  therefore 
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Figure  9.  Voltage  Monitor  Section 


VSENSE  During  UVLO  -  Protecting  Against 
False  OVP  Signals 

The  UC3910  is  designed  to  actively  pull  down 
VSENSE  until  Vcc  and  VREF  are  above  their 
respective  thresholds  during  startup  of  the 
UC3910.  This  feature  insures  that  during  Vcc 
"brown-out"  conditions,  or  when  power  supplies  are 
powered  up  onto  a  live  output  bus,  that  the  value  of 
VSENSE  will  be  below  the  DAC  voltage,  and  will 
not  trigger  a  false  overvoltage  protection  signal.  A 
VCc  "brown-out"  situation  is  illustrated  in  Figure  10. 

VSENSE  can  actively  sink  up  to  500uA.  The  exter- 
nal filter  resistor  must  therefore  limit  the  current  into 
VSENSE,  such  that 

R  vOUT 
RF-  500PA 

To  insure  that  VSENSE  does  not  falsely  trigger  an 
OVP  condition,  DACOUT  must  rise  to  its  pro- 
grammed level  faster  than  VSENSE  can  rise.  This 
restriction  governs  the  two  time  constants  on  the 
VSENSE  and  the  DACOUT  pins.  The  DACOUT 


time  constant  is  determined  by  the  internal  3kn 
resistor  and  the  DACOUT  decoupling  capacitor, 


"BROWNOUT" 


 rV- 


POWER 
SUPPLY 

Vout 


^  1 


Figure  10.  VSENSE  is  Pulled  Low  During  UVLO 
Insuring  that  no  False  OVP  Conditions 
Occur 
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whereas  the  VSENSE  time  constant  is  controlled 
by  the  external  filter  components  RF  and  Cp.  From 
Figure  1 1 ,  it  can  be  seen  that 

RF  •  CF  >  3kn  •  CDAcouT 


POWER  SUPPLY 
OUTPUT  VOLTAGE 


Ri  •  Cl  >3kl}»  Coacout 


Figure  11.  DACOUT  Must  Rise  Faster  than  VSENSE 

OVTH/UVTH  Pin:  Programming  the  OV,  UV 
and  OVP  Thresholds 

The  UC3910  percentage  thresholds  are  set  above 
or  below  the  nominal  DAC  output  voltage,  and  are 
programmed  by  the  ratio  of  the  external  resistors 
RS1  and  RS2,  RD|V,  where  Rp|V  is  defined  as 

RS2 

Rdiv  "  RS1  +  RS2 

The  UC3910  allows  a  ratio  RD|V  at  the  OVTH/UVTH 
pin  from  0.3  to  0.9,  which  corresponds  to  overvoltage 
and  undervoltage  percentage  thresholds  from  5%  to 
15%  and  an  OVP  percentage  threshold  from  10%  to 
30%.  These  thresholds  are  shown  in  Figure  12. 

The  undervoltage,  overvoltage  and  overvoltage 
protection  (UV,  OV  and  OVP)  percentage 
thresholds  are  given  by 
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Figure  12.  OV,  UV  and  OVP  Percentage  Thresholds  as 
a  Function  of  the  Divider  Ratio  Rdiv 


3  34kfl 

%V0V  =  Rdiv  •  -gokn"  •  100  =  RDiv  •  16.7 

%Vuv  =  -°/°Vov  =  "(Rdiv  *  16-7) 
%v0VP  =  %v0v  •  2.0  =  RD|V  •  33.4 


Refer  to  Figure  9  for  the  following  derivation  of  how 
these  UC3910  thresholds  are  set. 

The  voltage  at  the  OVTH/UVTH  pin,  VSET,  is 
obtained  by  dividing  DACBUF  using  RS1  and  RS2, 
such  that 

VSET  =  DACBUF- [r||s]  I 

=  DACBUF 'Rqiv 

VSET-  is  internally  buffered  and  then  fed  to  a  20kn 
resistor  to  set  the  current  Iset,  giving 

Lr-  VSET 
lsET"  20kO 

Iset  is  ,nen  mirrored  to  the  overvoltage  and  under- 
voltage resistive  chains  shown  in  Figure  9.  The  total 
resistance  in  the  overvoltage  and  undervoltage 
chains  is  3.34kfi,  whereas  the  total  resistance  in 
the  overvoltage  protection  chain  is  6.663kQ. 
DACBUF  is  internally  tied  to  the  "center"  point  of  the 
resistive  chains  as  a  reference  voltage  for  the 
thresholds.  The  UV,  OV,  and  OVP  threshold  volt- 
ages, at  their  respective  comparators,  are  therefore 
given  by: 

Vqv  =  DACBUF  +  lSET  •  3.34kn 
Vuv  =  DACBUF  -  lSET  •  3.34kQ 
VOVP  =  DACBUF  +  lSET  •  6.663kn 

These  threshold  voltages  can  be  expressed  in 
terms  of  percentages  above  or  below  the  nominal 
DACBUF  voltage  since  they  are  all  biased  by  the 
programmed  DACBUF  voltage.  The  overvoltage 
percentage  is  determined  by 

Vpy  -  DACBUF 


% 


Vov=( 


DACBUF 
which  can  be  simplified  to 

3.34kn 


100 


%vov=(rdiV  ^oixf  j -100  =  RD|v '16.7 

Likewise,  the  undervoltage  and  overvoltage  protec- 
tion percentage  thresholds  can  be  expressed  as 

%VUV  =  -(Rdiv  • 1 6.7)  and 

%vOVp  =  Rdiv  *  33.4  =  %V0v  *  2.0 

(The  OVP  threshold  percentage  is  2.0  times  the  OV 
threshold  percentage) 

These  percentage  thresholds  are  shown  graphical- 
ly in  Figure  12. 
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Hysteresis  and  Tolerances  in  the  OV,  UV  and 
OVP  Thresholds: 

Each  of  the  UV,  OV  and  OVP  threshold  circuits  in  the 
resistive  chain  of  Figure  9  contains  a  hysteresis  resis- 
tor, which  is  switched  in  or  out  by  the  output  of  the 
respective  comparator.  The  result  is  that  the  threshold 
voltages  change  (in  voltage,  not  percent)  by 

UVhys  =  -(ISET  '  557n) 

OVhys  =  'SET  *  557fi 

OVPHYS  =  ISET'  1382n 

Iset 's  proportional  to  both  the  programmed  DAC 
voltage  DACBUF  as  well  as  the  ratio  Rqiv  which 
sets  the  thresholds.  For  an  Intel  PentiumOPro  appli- 
cation with  voltages  ranging  from  2.4V  to  3.4V  and 
Rqiv  ranging  from  0.3  to  0.9,  the  hysteresis  can 
range  from  20mV  to  85mV  on  OV  and  UV  and  from 
50mV  to  21 1  mV  on  OVP.  The  effects  of  hysteresis 
are  shown  graphically  in  Figure  1 3. 


 Threshold 

■  -  -  Threshold  *rth  Hysti 


Figure  13.  OV/UV  and  OVP  Thresholds  Including 
Hysteresis 

There  are  tolerance  factors  that  a  circuit  designer 
should  consider  when  programming  the  voltage 
monitor  threshold  percentages.  They  are: 

•  UC3910  DACBUF  error  of  ±  25mV 

.  UC3910  OV,  UV  and  OVP  Comparator  off 
set  voltages  of  +1  OmV 

•  UC3910  Bias  current  from  the  OVTH/UVTH 
pins  of  +30%  of  the  value  Iset 

•  UC3910  Threshold  detection  tolerance  of 
±10%  of  the  percentage  set 

•  External  Resistor  tolerances 

•  Non-ideal  External  resistor  Values  (The 
perfect  divider  ratio  may  not  be  achievable) 

The  designer  can  reduce  the  error  due  to  external 
resistors  by  using  precision  values.  Errors  due  to 
bias  current  from  the  OVTH/UVTH  pin  can  also  be 


minimized  by  using  external  values  which  draw 
approximately  1.0mA  from  DACBUF  (presents  a 
low  impedance  to  the  leakage  current  source),  or 

DACBUF 
RS1  +  RS2      1  UmA 

Unitrode  has  performed  a  Worst  Case  and  an  Root 
Sum  Square  (RSS)  error  analysis  including  all  the 
abovementioned  factors,  for  a  set  Ratio  of 
RDIV=0.45  (7.5%  OV/UV  thresholds),  and  using  1% 
resistors,  with  the  results  shown  in  Figure  14. 


1.41% 


RSS  ERROR 


2.1  2.2  2  3  2.4  2.5  2.6  2.7  2.8  2.9    3    3.1  3.2  3.3  3.4  3.5 
NOMINAL  DAC  VOLTAGE 


Figure  14.  Error  Analysis  for  a  Nominal  7.5%  OV/UV 
Threshold  Setting  -  Varies  with  Vout 

Should  higher  accuracy  be  required  for  the  thresh- 
olds, the  stability  of  the  offset  voltages  and  bias  cur- 
rents of  the  UC3910  with  life  and  temperature  is 
such  that  a  voltage  divider,  RS1  and  RS2,  can  be 
set  up  at  manufacturing  to  set  the  thresholds  very 
precisely,  with  little  drift  expected  over  the  life  of  the 
power  supply. 

PWRGOOD 

The  PWRGOOD  signal  is  an  open  collector  logic 
level  that  is  HIGH  when  the  voltage  at  the  UC3910 
VSENSE  pin  is  above  the  UV  threshold  and  below 
the  OV  threshold,  as  indicated  in  Figure  9.  The 
PWRGOOD  signal  must  be  pulled  up  externally  to 
a  voltage  less  than  Vcc(max)  and  can  sink  10mA. 

Figure  15  illustrates  the  PWRGOOD  comparator 
and  drive  stage.  PWRGOOD  is  held  low  until  the 
UC3910  supply  voltage  is  above  the  UVLO  thresh- 
old and  the  reference  voltage  is  above  the  Vref 
threshold,  as  indicated  in  Figure  15. 

The  PWRGOOD  comparator  output,  during  power 
up  and  power  down  sequencing,  gets  "smart"  with 
Vcc  at  approximately  2.0  volts.  Until  Vcc  reaches 
this  level,  there  is  not  enough  bias  current  (Figure 
15, 11)  to  keep  the  PWRGOOD  signal  held  in  its  low 
state.  In  most  systems,  where  the  PWRGOOD  sig- 
nal will  act  as  the  reset  for  the  processor,  this  will 
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Figure  15.  PWRGOOD  Comparator  and  Drive 


not  matter  since  the  processor  itself  will  have  no 
power  during  the  time  Vcc  is  lower  than  2.0  volts. 

Resistor  R2  shown  in  Figure  16  can  be  used  to  pull 
down  the  PWRGOOD  signal,  thus  insuring  that 
even  with  VCC  at  0  volts,  the  PWRGOOD  signal  will 
not  provide  an  erroneous  signal.  R2  should  be  cho- 
sen such  that  it  can  sink  a  small  amount  of  leakage 
current  from  the  logic  receiving  circuit  and  still 
maintain  logic  low  level.  R1  must  be  chosen  to  limit 
the  current  into  PWRGOOD  to  less  than  10mA,  and 
also  to  provide  the  proper  level  HIGH  voltage.  Vref 
is  disabled  during  UVLO,  thus  insuring  there  will  be 
no  pull-up  voltage.  Low  voltage  logic  families  can 
also  be  accommodated  by  using  the  circuit  of 
Figure  16. 

The  PWRGOOD  signal  may  be  used  as  a  reset  sig- 
nal to  processor  which  is  controlled  by  the  UC3910 
itself.  A  reset  delay  may  be  added  to  allow  the 
processor  to  boot  some  time  after  the  PWRGOOD 
signal.  A  typical  reset  circuit  is  shown  in  Figure  17. 

OVP  and  OVPB  Overvoltage  Protection  Signals 

The  OVP  output  signal  is  designed  to  directly  trig- 
ger a  silicon  controlled  rectifier  (SCR)  thyristor 
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Figure  16.  Add  a  Pull-down  Resistor  to  PWRGOOD  to 
Insure  Proper  Signal  at  Vcc  <  2  Volts 


when  a  severe  overvoltage  condition  occurs.  OVPB 
is  an  open  collector  signal  designed  to  go  LOW 
under  the  same  conditions,  which  can  be  used  to 
disable  a  PWM  such  as  the  UC3886.  The  OVP 
comparator  (see  Figure  9)  is  tripped  when  the  out- 
put voltage  has  reached  a  voltage  equal  to  two 
times  the  programmed  overvoltage  threshold. 

Figure  18  illustrates  the  OVP  comparator  and  drive 
stage.  The  OVP  and  OVPB  signals  are  disabled 
until  the  UC3910  supply  voltage  is  above  the  UVLO 
threshold  and  the  reference  voltage  is  above  the 
Vref  threshold,  as  indicated  in  Figure  18,  by 
removing  the  bias  current  from  the  drive  stage. 

The  OVP  output  drive,  during  power  up  and  power 
down  sequencing,  gets  "smart"  with  Vcc  at  approx- 
imately 2.0  volts.  A  minor  amount  of  drive  current 
can  leak  through  to  the  OVP  output  while  Vcc 's 
lower  than  2.0V.  It  is  recommended  that  a  1  k£2  max- 
imum resistor  be  connected  from  OVP  to  ground,  to 
insure  that  this  leakage  current  does  not  charge  an 
external  SCR  gate. 

Figure  19  shows  the  UC3910  driving  an  external 
SCR.  The  UC3910  OVP  signal,  when  high,  will 
source  a  minimum  of  65mA.  Many  SCRs  require  a 
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Figure  18.  OVP  Comparator  and  Drive 
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Figure  19.  Driving  an  SCR  using  the  UC3910  OVP 
Signal 

gate  trigger  current  (IGT)  between  30mA  and 
50mA.  The  output  high  voltage  will  be  approximate- 
ly 4.3V  maximum.  The  OVP  signal  is  not  pulled  low 
internally  to  the  UC3910. 

Resistor  R1  in  Figure  19  is  chosen  to  limit  the  gate 
current  to  minimize  current  draw  on  Vcc  while 
insuring  that  the  rated  gate  current  is  met.  Resistor 
R2  is  required  to  insure  that  the  SCR  is  not  inad- 
vertently fired  due  to  dc  leakage  currents  or  para- 
sitic dv/dt  effects  through  the  SCR  itself.  C1  can  be 
used  to  provide  additional  gate  filtering,  but  should 
not  be  so  large  that  the  SCR  gate  signal  is  signifi- 
cantly delayed. 

There  are  many  tradeoffs  to  consider  when  choos- 
ing which  SCR  to  use  and  where  to  use  it  to  best 
protect  critical  electronics.  SCR  theory  and  various 
crowbar  circuits  are  discussed  extensively  in  litera- 
ture [1]  and  in  device  data  books  [2]. 

The  OVPB  signal  can  be  used  to  disable  a  power 
supply  through  a  logic  disable  signal.  This  is  easily 
accomplished  when  the  UC3910  is  used  in  con- 
junction with  the  UC3886  PWM  controller  IC,  as 
demonstrated  in  Figure  20. 
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Figure  20.  Disabling  the  UC3886  Switching  Using  the 
OVPB  Signal 

Circuit  Example  -  Programming  the  Voltage 
Monitor  Thresholds 

Refer  to  Figure  9  and  Figure  1 1 ,  and  program  the 
UC3910  Voltage  Monitor  Section  for  the  following 
requirements: 

Vqutput  ranges  from  2.4V  to  3.4V  (i.e., 
PentiumOPro  application) 

FswiTCH  =  200kHz 

Ripple  voltage  =  2%  peak-to-peak 

OV  and  UV  Thresholds  must  be  ±5%  MINIMUM 

OVP  is  to  be  set  at  20%  Maximum 

Step  1 :  Choose  to  set  the  nominal  overvoltage 
and  undervoltage  thresholds  at  7.5%  to 
insure  that  the  ±5%  thresholds  are  met. 

Step  2:  Calculate  the  ratio  RD|V,  based  on  the 
desired  7.5%: 

Rdiv  =  7.5/16.7  =  0.45 

Step  3:  Find  nominal  values  for  RS1  and  RS2 

Let  RS1  +  RS2  draw  »  1 .0mA  at  the 
maximum  DACBUF  voltage.  Therefore 
3.4V 


RS1+RS2= 


1.0mA 


■  3.4kn 


D  RS2 
"DIV-0.45-  RS1+RS2 


RS2  =  1 .54l<n 


RS1  =  1.91kn 


RS1 +RS2  =  3.45kO      RD|V  =  0.446 
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Step  4:  Find  the  hysteresis  in  terms  of  percent- 
age, over  the  2.4V  to  3.4V  range: 

OVhyS  =  'SET  '  557H 

557a 

=  DACBUF • 


Step  7: 


V  20kn 


UVHYS  =  -°VHYS 
0VPHYS  =  ISET  "  1382a 

1382a 

=  DACBUF  •  RD|V  •  ^okO" 

The  OV  and  UV  hysteresis  is  30mV  @ 
2.4V  and  42mV  @  3.4V 

The  OVP  hysteresis  is  74mV  @  2.4V  and 
105mV  @  3.4V 

Hysteresis  on  the  OV  and  UV  is  ±  1 .25%, 
and  on  the  OVP  is  ±  3.1% 

Step  5:  Find  Vg^NSE  filter  components  and  cal- 
culate effective  ripple  at  the  VSENSE  pin. 

3.4V 


OTpA~  500uA 
Let  Rp  m  6.8ka  as  a  standard  5%  value. 
1 


°F-  2.7t.(FSWITCH/10) 


1 


fc  2.7i.(200kHz/10)-6.8kn 
> 1170pF 

Let  Cp  =  1 200pF  as  a  standard  value, 
giving  a  filter  corner  frequency  of  <  20kHz. 

Vripple  =  20//°  peak-to-peak  •  1/10  = 
4.8mV  to  6.8mV  peak  to  peak.  This  is 
well  below  the  hysteresis  ranges  found  in 
step  4 

Step  6:  Solve  for  the  thresholds.  Use  Figure  14  to 
estimate  tolerances. 

Nominal:  UV  =  -RD|V  "16.7  =  -7.45% 
OV=RD|v*  16.7  =  7.45% 
OVP  =  OV  •  2.0  =  14.9% 
Minimum  OV/UV   7.45%  -  2.45%  =  5.00% 
Maximum  OV/UV   7.45%  +  2.45%  =  9.90% 
Maximum  OVP:      1 4.9%  +  2.45%  =1 7.35% 
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Insure  the  time  constant  on  VSENSE  is 
slower  than  that  on  DACOUT 

Rf'Cf 
Cdacout^  3ka 


6.8ka'1200pF 

s  3ka 

<  2720pF 

Let  CDAcouT  =  2700pF  as  a  standard 
value. 


SUMMARY 

The  UC3910  contains  all  the  features  required  to 
command  power  supplies  requiring  custom  volt- 
ages, precise  regulation,  programmable  voltage 
monitoring  and  circuit  protection.  The  high  DC 
accuracy  of  the  UC3910  reference  and  DAC  makes 
this  IC  ideal  for  controlling  and  monitoring  tightly 
regulated  power  supplies,  such  as  high  end  proces- 
sors or  bus  termination  voltages.  Multiple  discrete 
precision  components  can  be  replaced  by  the  many 
integrated  functions  of  the  UC3910.  Voltage  pro- 
gramming is  directly  compatible  with  Intel's 
PentiumOPro  processor  and  voltage  monitor 
threshold  programming  is  precisely  controlled  with 
only  two  external  resistors.  Protecting  the  load 
against  overvoltage  can  be  performed  with  a  logical 
shutdown  or  by  driving  a  crowbar  SCR. 

Together  with  the  UC3886  Average  Current  Mode 
PWM  Controller  IC,  an  optimal  power  supply  can  be 
designed  to  meet  the  stringent  requirements  of  the 
Intel  Pentium®Pro  processor.  For  additional  infor- 
mation on  the  UC3886  Average  Current  Mode 
PWM  Controller  IC,  refer  to  application  note  U-156 
[3].  For  additional  information  on  a  detailed  circuit 
design  and  performance  of  the  UC3886/UC3910 
chip  pair,  refer  to  application  note  U-157  [4]. 

REFERENCES 

[1]   Abraham  I.  Pressman,  "Switching  and  Linear 
Power  Supply,  Power  Converter  Design" 
Switchtronix  Press,  1 987 

[2]   Thyristor  Device  Data 
Phoenix,  Arizona. 

[3]    U-156  The  UC3886  PWM  Controller  Uses 
Average  Current  Mode  Control  to  Meet  the 
Transient  Regulation  Performance  of  High 
End  Processors,  L.  Spaziani 

[4]    U-157  Fueling  the  Megaprocessor  -  A 

DC/DC  Converter  Design  Review  Featuring 
the  UC3886  and  UC3910,  L.  Spaziani 


UNITRODE  CORPORATION  U-159 


BOOST  POWER  FACTOR  CORRECTOR  DESIGN  WITH  THE  UC3853 

by  Philip  C.  Todd 


ABSTRACT 

The  UC3853  is  designed  to  provide  high  performance  power  factor  correction  (PFC)  for  low  to  medium 
power  applications  with  minimal  complexity.  It  provides  power  supplies  in  the  range  of  10  to  200  watts  with 
a  low  distortion,  power  factor  corrected  input  current,  a  regulated  output  voltage  and  operation  over  a  wide 
range  of  input  voltages.  The  UC3853  uses  average  current  mode  control  and  works  with  either  a  boost  or 
flyback  converter.  It  was  developed  from  the  UC3854  family  of  PFC  control  circuits  and  has  the  same  func- 
tionality in  an  8-pin  package.  Much  of  the  information  available  for  the  UC3854  family  of  integrated  circuits 
is  also  applicable  to  the  UC3853.  In  particular,  Unitrode  Application  Note  U-134  provides  a  good  general 
introduction  to  power  factor  correction.  U- 134  contains  an  extended  description  of  power  factor  correction, 
the  boost  PFC  and  the  control  circuits  necessary  to  provide  the  correct  programming  of  the  current  wave- 
form. The  reader  is  urged  to  review  that  note  as  well  as  this  one  before  designing  a  boost  power  factor  cor- 
rector. 


This  Application  Note  describes  the  features  and  functions  of  the  UC3853  in  detail.  The  design  process  for 
a  boost  power  factor  corrector  is  presented  and  the  design  details  for  a  100W  output  boost  power  factor 
corrector  with  a  "universal" input  voltage  range  of  80-270VAC  are  included.  A  table  that  extends  the  100W 
boost  converter  example  over  the  range  of25W  to  200Wis  featured.  A  step-by-step  summary  of  the  design 
process  is  also  provided  so  that  the  boost  converter  circuit  may  be  customized  for  any  application. 


ABOUT  THE  UC3853  PFC  CONTROLLER 

The  UC3853  has  many  similarities  to  the  UC3854 
based  family  of  devices.  It  contains  an  average  cur- 
rent mode  control  loop  for  a  low  distortion  input  cur- 
rent waveform,  a  multiplier  to  program  an  accurate 
current  waveform  and  a  voltage  error  amplifier  to 
regulate  the  output  voltage.  The  UC3853  also  con- 
tains over-voltage  protection  for  the  output  and  has 
a  fixed  frequency  internal  oscillator  which  is  syn- 
chronizable. 

A  block  diagram  of  the  UC3853  is  shown  in  Figure 
1.  Due  to  its  8-pin  simplicity,  some  pins  serve  more 
than  one  function  and  some  functions  are  brought 
inside  the  chip  altogether.  The  UC3853  begins 
operation  when  the  voltage  at  the  VCC  pin  is 
greater  than  1 1 .5V.  An  undervoltage  lockout  func- 
tion (UVLO)  keeps  the  device  from  operating 
before  this  voltage  is  reached.  The  UC3853  enters 
the  UVLO  state  again  when  VCC  drops  below  9.5V 
The  hysteresis  in  the  UVLO  allows  the  device  to  be 
started  from  a  capacitor  which  is  trickle  charged 
directly  from  the  input  voltage.  When  in  UVLO,  most 


of  the  internal  circuits  are  not  powered  so  the  sup- 
ply current  is  less  than  500(jA  (250hA  typical).  The 
reference  voltage  in  the  UC3853  is  internal  to  the 
device  and  is  not  brought  out  to  a  pin.  The  refer- 
ence is  divided  down  to  3.0V  at  the  non-inverting 
input  to  the  voltage  error  amplifier.  The  reference  is 
trimmed  to  an  accuracy  of  better  than  2%  at  the  FB 
pin  of  the  voltage  error  amplifier  so  the  reference 
voltage  specification  includes  the  offset  of  the 
amplifier.  The  total  variation  of  the  reference  over 
temperature,  including  the  set  point  accuracy,  is 
3.0V  ±3.5%.  For  a  typical  400V  output  the  accura- 
cy translates  into  an  output  variation  of  ±8V  at  room 
temperature,  which  is  comparable  to  the  ripple  volt- 
age amplitude  on  the  output  at  full  power. 

The  output  of  the  UC3853  supplies  500mA  peak 
current  to  the  gate  of  the  power  MOSFET  switch.  A 
simplified  schematic  of  the  output  driver  is  shown  in 
Figure  2.  The  VCC  pin  provides  the  voltage  feed- 
forward signal  needed  by  the  multiplier/divider/ 
squarer  circuit  and  thus  it  has  a  wide  input  voltage 
range  under  normal  operation.  The  output  voltage 
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Figure  1.  Block  Diagram  of  UC3853 

is  therefore  clamped  near  15V  to  prevent  the  gate 
of  the  MOSFET  switch  from  being  driven  beyond 
its  breakdown  voltage  as  VCC  changes.  When 
power  is  not  applied  to  the  device  the  output  driver 
is  self-biased  to  hold  the  output  to  within  1.5V  of 
ground.  When  VCC  is  above  the  UVLO  threshold 
the  bias  circuit  is  disabled  and  the  output  driver 
operates  normally.  This  prevents  the  MOSFET  from 
turning  on  when  power  is  first  applied  to  the  con- 
verter. If  the  output  were  not  held  low,  the  gate  to 
drain  capacitance  of  the  MOSFET  would  pull  the 
gate  high  when  power  is  applied  and  turn  the 
device  on,  which  often  results  in  its  destruction. 

The  PWM  comparator  uses  the  oscillator  ramp  and 
the  output  of  the  current  amplifier  to  generate  the 


gate  drive  output  as  shown  in  Figure  3.  The  output 
of  the  comparator  is  latched  for  the  duration  of  the 
clock  period  to  prevent  false  output  pulses.  The 
latch  is  set  by  the  clock  signal  at  the  beginning  of 
each  clock  period  to  drive  the  output  high  and  is 
reset  by  the  PWM  comparator  to  drive  the  output 
low.  The  output  is  kept  low  by  the  status  inputs  to 
the  AND  gate  that  drives  the  output.  The  status 
inputs  are  the  undervoltage  lockout  (UVLO),  the 
reference  valid  and  the  output  overvoltage  status 
signal.  The  output  is  also  held  low  during  the  clock 
interval. 

The  oscillator  is  internal  to  the  UC3853,  has  a  fixed 
75kHz  operating  frequency  and  may  be  synchro- 
nized to  an  external  source.  The  oscillator  wave- 
form is  a  reverse  sawtooth  because  a  negative 
slope  ramp  is  required  to  provide  the  proper  polar- 
ity for  the  PWM  circuit  and  for  the  slope  compen- 
sation of  the  average  current  loop.  The  current  loop 
error  amplifier  inverts  the  current  signal  so  the 
oscillator  ramp  must  have  a  negative  slope.  The  rel- 
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Figure  2.  UC3853  Output  Driver  (Simplified  Schematic)      Figure  3.  UC3853  PMW  Circuit 
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ing  input  of  the  current  amplifier  is  connected  to 
ground  through  a  3.9kn  resistor.  This  resistor  pro- 
vides DC  balancing  of  the  amplifier  input  bias  cur- 
rents. The  amplifier  has  sufficient  output  drive 
capability  to  handle  a  wide  range  of  feedback  net- 
works. 

The  squarer  and  multiplier/divider  are  the  heart  of 
the  control  circuit  and  are  shown  in  Figure  5.  This 
circuitry  makes  it  possible  to  operate  a  boost  PFC 
stage  over  a  3:1  input  voltage  range  and  still  get 
excellent  voltage  loop  bandwidth  and  fast  response 
to  input  voltage  variations.  The  multiplier/divider 
requires  three  inputs  which  are  traditionally  labeled 
A,  B  and  C.  The  A  input  is  the  output  of  the  voltage 
error  amplifier  which  controls  the  average  output 
voltage.  The  B  input  is  the  IAC  signal  which  is  a  cur- 
rent from  the  input  voltage  and  it  is  multiplied  by  the 
output  of  the  voltage  error  amplifier  to  provide  the 
current  shape  and  amplitude  needed  to  program 
the  current  loop. The  C  input  is  the  divider  input  and 
it  is  the  feed  forward  voltage  that  comes  through 
the  squarer.  This  input  is  proportional  to  the  square 
of  the  average  input  voltage  and  it  adjusts  the  gain 
of  the  multiplier  to  keep  the  gain  of  the  voltage  con- 
trol loop  constant.  This  is  the  secret  to  achieving  a 
wide  bandwidth  control  loop  over  a  wide  input  volt- 
age range.  The  squaring  circuit  takes  its  input  from 
the  VCC  pin  so  the  bias  voltage  for  the  UC3853 
must  be  proportional  to  the  input  voltage  for  this 
feature  to  work  properly. 

The  voltage  error  amplifier  in  the  UC3853  is  a 
transconductance  amplifier  and  it  has  both  a  high 


Figure  4.  UC3853  Oscillator  Equivalent  Circuit 

ative  polarity  of  the  two  signals  is  therefore  oppo- 
site, which  is  the  correct  orientation.  This  is  all  inter- 
nal to  the  device.  The  width  of  the  clock  output 
pulse  determines  the  minimum  dead  time  of  the 
output  and  is  less  than  1%  of  the  clock  period.  An 
equivalent  circuit  for  the  oscillator  and  the  sync  cir- 
cuit is  shown  in  Figure  4. 

The  synchronizing  pulse  for  the  oscillator  comes 
from  the  FB  pin.  The  voltage  feedback  and  the 
overvoltage  protection  are  also  connected  to  the 
FB  pin.  If  the  synchronizing  signal  is  capacitively 
coupled  into  the  FB  pin  it  will  not  upset  the  DC  out- 
put voltage  value  since  the  bandwidth  of  the  ampli- 
fier is  very  small  compared  to  the  switching  fre- 
quency. The  compensation  network  on  the  output 
of  the  transconductance  amplifier  will  eliminate  the 
synchronizing  signal  from  the  output  of  the  amplifi- 
er. The  guaranteed  synchronization  frequency 
range  is  95kHz  to  115kHz.  Circuits  for  synchroniz- 
ing the  oscillator  are  described  later  in  this 
Application  Note. 

The  voltage  and  current  loop  amplifiers,  the  squar- 
er and  the  multiplier/divider  circuits  are  shown  in 
Figure  5.  The  current  amplifier  is  a  wideband  oper- 
ational amplifier  and  it  has  ground  referenced 
inputs.  The  inverting  input  of  the  amplifier  is  a  sum- 
ming junction  where  the  feedback,  the  input  current 
signal  and  the  current  programming  signal  from  the 
multiplier  output  come  together.  The  current  signal 
is  negative  and  the  output  of  the  multiplier  is  posi- 
tive so  the  current  loop  is  adjusted  to  keep  the  volt- 
age at  the  inverting  input  zero  since  the  non-invert- 


3-585 


APPLICATION  NOTE 


U-159 


1  <TO  OSCILLATOR  SYNC  UDG-96254 

Figure  5.  UC3853  Error  Amplifiers,  OVP  Comparator  and  Multiplier,  Divider,  Squarer 


input  impedance  and  a  high  output  impedance, 
which  is  a  controlled  current  source  output  rather 
than  the  usual  low  impedance  voltage  source  out- 
put. The  gain  of  a  transconductance  amplifier  is  not 
given  by  the  ratio  of  volts  out  to  volts  in.  Instead  it 
is  given  by  the  ratio  of  amperes  out  to  volts  in, 
which  is  a  transconductance  (the  inverse  of  a 
resistance)  and  has  the  units  of  Siemens.  The 
transconductance  is  a  gain  in  this  case  and  is  often 
denoted  by  the  symbol  G^.  The  gain  of  a 
transconductance  amplifier  can  be  changed  into  a 
voltage  ratio  by  multiplying  the  transconductance 
gain  by  the  load  resistance.  Hence,  the  voltage 
gain  is  set  by  an  RC  network  to  ground  from  the 
output  of  the  amplifier.  This  allows  the  gain  and  fre- 
quency response  of  the  amplifier  to  be  determined 
by  the  load  impedance  without  any  components 
connected  from  the  output  of  the  amplifier  to  the 
input. 

A  transconductance  amplifier  was  chosen  to  allow 
three  functions  to  be  combined  on  the  FB  pin.  The 
oscillator  sync  input  and  the  overvoltage  compara- 
tor share  the  same  input  pin  as  the  error  amplifier 
so  if  a  feedback  network  were  connected  around 
the  amplifier  the  overvoltage  comparator  would  be 
inaccurate.  Since  both  the  transconductance 
amplifier  and  the  overvoltage  comparator  require 
only  a  simple  voltage  divider  at  their  inputs  for 
proper  operation  they  can  be  combined  into  a  sin- 
gle pin.  The  non-inverting  input  of  the  voltage 
amplifier  is  connected  to  a  3.0V  DC  reference 
which  is  the  reference  for  the  output  voltage.  The 
overvoltage  comparator  turns  the  output  of  the 
UC3853  off  when  the  voltage  at  the  FB  pin 
exceeds  3.1 5V.  The  output  turns  back  on  when  the 
voltage  at  the  FB  pin  comes  back  to  3.0V. 


BOOST  PFC  POWER  STAGE  DESIGN  WITH 
THE  UC3853 

The  circuit  for  a  boost  PFC  is  shown  in  Figure  6. 
The  reference  designators  for  the  parts  on  the 
schematic  match  those  in  U-134  where  the  func- 
tions of  the  parts  are  the  same.  In  all  cases  the  ref- 
erence designators  are  appropriate  for  the  function 
of  the  device.  A  1 00W  boost  power  factor  corrector 
is  used  as  an  example  of  the  design  process  and 
this  is  the  circuit  that  is  shown  in  Figure  6.  A  table 
is  provided  at  the  end  of  this  Application  Note  that 
extends  the  design  over  the  range  of  25W  to 
200W.  The  control  circuits  are  the  same  whether  at 
25W  or  at  200W.  The  values  of  the  control  circuit 
components  change  only  if  the  choices  for  circuit 
performance  are  different  from  those  made  here. 
The  following  design  process  allows  the  design  to 
be  modified  to  suit  a  wide  variety  of  applications. 

The  design  of  a  boost  PFC  begins  with  the  specifi- 
cation for  the  system  performance.  The  minimum 
and  maximum  input  line  voltages,  the  maximum 
output  power,  and  the  line  frequency  range  must 
be  specified.  For  the  example  circuit  the  specifica- 
tions are: 

•  Maximum  power  output:  100  Watts 

•  Input  line  voltage  range:  80-270VAC 

•  Line  frequency  range:  47-65Hz 

The  input  line  voltage  and  frequency  range  are  a 
"universal"  input  range  and  allow  this  power  factor 
corrector  to  operate  from  power  lines  anywhere  in 
the  world  without  switches  or  other  adjustments. 

The  output  voltage  needs  to  be  at  least  5%  higher 
than  the  peak  voltage  of  the  highest  input  line  volt- 
age. The  peak  of  a  270VAC  line  will  be  about  380V 
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Figure  6.  Schematic  of  a  Boost  Power  Factor  Corrector  Using  the  UC3853 


so  400V  is  chosen  as  the  DC  output  voltage. 

The  switching  frequency  is  an  important  considera- 
tion in  the  design  process  and  the  switching  fre- 
quency is  internally  fixed  in  the  UC3853  at  75kHz 
nominal  and  may  be  synchronized  to  an  external 
100kHz  oscillator. 

INDUCTOR  SELECTION 

The  peak  current  that  the  inductor  must  carry  is  the 
peak  line  current  at  the  lowest  input  voltage  plus 
the  peak  high  frequency  ripple  current.  The  peak 
line  current  is  given  by  the  following  equation: 

I  #"'P 

lLINEpk=  h  

VlNmin 

Where  P  is  the  maximum  input  power  to  the  con- 
verter. Generally,  using  the  output  power  is  suffi- 
ciently accurate  for  this  calculation  since  the  effi- 
ciency of  the  converter  should  be  greater  than 
90%.  If  greater  accuracy  in  the  design  process  is 
required,  the  design  may  be  completed,  the  effi- 
ciency calculated  and  then  the  design  process  may 
be  iterated  using  the  calculated  value  for  efficiency. 
For  the  example  converter,  the  output  power  is 
100W  and  V|Nmin  is  80VAC  so  lUNEpk  is  1.77A. 


The  high  frequency  ripple  current,  AI,  must  be  kept 
reasonably  small  and  is  usually  in  the  range  of  1 5% 
to  25%  of  the  peak  line  current  given  above.  If  the 
ripple  current  is  too  high  the  AC  input  filters 
required  to  filter  out  this  noise  become  larger.  If  the 
ripple  current  is  too  low  the  value  of  the  inductance 
is  too  large  and  the  cusp  distortion  on  the  leading 
edge  of  the  waveform  will  be  large  and  the  power 
factor  will  be  low.  For  the  example  converter,  the 
ripple  current,  AI,  is  chosen  to  be  20%  of  the  peak 
line  current  or  about  0.35A  peak-to-peak.  The  peak 
current  in  the  inductor,  lLpk,  is  the  sum  of  the  peak 
line  current  and  half  of  the  peak-to-peak  ripple  cur- 
rent or  1.95A  for  the  example  converter. 

The  value  of  the  inductor  is  determined  by  the  peak 
current  at  low  input  line  voltage,  the  duty  factor,  D, 
at  that  input  voltage  and  the  switching  frequency. 
This  value  of  the  duty  factor  is  given  by  the  follow- 
ing equation: 

Vq.^2"'  VlNmin 

V0 

Where  V|Nmjn  is  the  minimum  RMS  input  line  volt- 
age and  Vq  is  the  DC  output  voltage.  For  the  exam- 
ple converter  V|Nrnin  is  80V  and  VQ  is  400V  so  D  is 
0.72. 
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The  value  of  the  inductor  is  given  by  the  following 
equation: 

arts 

Where  V|Nmjn  is  the  minimum  RMS  input  voltage 
and  D  is  given  from  the  equation  above.  The  switch- 
ing frequency  is  fs  and  AI  is  the  maximum  peak-to- 
peak  ripple  current.  For  the  example  converter  Vin 
is  80V,  D  is  0.72,  fs  is  75kHz  and  AI  is  0.35A  peak- 
to-peak  as  determined  above.  This  gives  an  induc- 
tance of  3.1  mH.  A  value  of  3.0mH  nominal  will  be 
used. 

Note  that  the  ripple  current  changes  with  input  volt- 
age so  it  varies  as  the  line  voltage  goes  through  its 
cycle.  Under  normal  operation  the  ripple  current 
can  be  significantly  greater  than  the  20%  specified 
here.  The  maximum  ripple  current  occurs  when  the 
momentary  value  of  the  input  voltage  equals  half 
the  DC  output  voltage  which  corresponds  to  50% 
duty  ratio. 

OUTPUT  CAPACITOR  SELECTION 

CQ,  the  output  capacitor  generally  falls  in  the  range 
of  1  to  2uF  per  watt  for  typical  400V  output  appli- 
cations. Since  low  cost  is  one  of  the  targets  of  this 
converter,  1|iF/W  is  chosen  and  thus  a  100|iF 
capacitor  will  be  used  for  Co-  There  are  many  fac- 
tors that  influence  the  value  of  the  output  capacitor. 
The  output  voltage  hold-up  time,  the  output  ripple 
voltage,  the  loop  transient  response  and  the  input 
current  third  harmonic  distortion  are  all  dependent 
to  some  degree  on  the  value  of  the  output  capaci- 
tor and,  in  all  cases  except  cost,  a  larger  value  of 
the  output  capacitance  results  in  better  perfor- 
mance. Nevertheless,  a  reasonable  compromise 
can  be  reached  with  the  1  nF/W  value. 

All  power  factor  correction  circuits  have  a  large  rip- 
ple current  on  their  output  at  the  second  harmonic 
of  the  line  current  as  highlighted  in  U-134.  As  the 
output  capacitor  becomes  smaller,  the  output  ripple 
voltage  due  to  the  second  harmonic  ripple  current 
increases  and  the  bandwidth  of  the  voltage  loop 
must  be  made  smaller  to  keep  the  same  level  of 
distortion  in  the  input  current.  A  1%  second  har- 
monic ripple  voltage  at  the  output  of  the  voltage 
error  amplifier  becomes  0.5%  third  harmonic  dis- 
tortion of  the  input  current.  The  only  ways  to  reduce 
this  source  of  distortion  are  to  (1)  increase  the  size 
of  the  output  capacitor  and  (2)  reduce  the  gain  of 
the  error  amplifier  at  the  second  harmonic  frequen- 
cy by  reducing  the  amplifier  bandwidth.  Reducing 
the  loop  bandwidth  slows  the  transient  response 
and  increases  its  deviation. 

The  output  capacitor  may  need  to  be  larger  for 
other  reasons.  If  hold-up  time  is  required,  the 


capacitor  may  need  to  be  larger  than  1  nF/W.  The 
following  equation  may  be  used  to  calculate  the 
size  of  the  capacitor  for  a  given  hold-up  time,  power 
output  and  voltage  change. 

c   _     2  »  P  •  At 

r"  vo2-vomin2 

Where  P  is  the  rated  power  of  the  converter,  At  is 
the  required  hold-up  time,  Vq  is  the  DC  output  volt- 
age of  the  converter  and  Vomjn  is  the  voltage  to 
which  the  output  decays  at  the  end  of  the  hold-up 
time.  For  the  example  converter,  100nF  gives  about 
19  milliseconds  of  hold-up  time  for  a  50V  change  in 
Vq  or  35  milliseconds  of  hold-up  for  a  100V 
change. 

CURRENT  SENSE  RESISTOR 

Rs,  the  current  sense  resistor,  is  selected  to  pro- 
vide 1 .0V  at  the  maximum  current  expected  in  the 
inductor.  lyNEpk  P'us  half  the  peak-to-peak  ripple 
current  is  the  peak  current  through  the  inductor  and 
was  calculated  above.  The  value  of  the  current 
sense  resistor  is  found  from:  1  .0V/l|_p|<.  For  the 
example  converter  the  peak  current  in  the  inductor 
is  2. OA  maximum  so  the  value  of  the  sense  resistor 
is  0.5O. 

SWITCHES  AND  DIODES 

The  power  switch  must  have  a  low  Roson  rating 
and  a  peak  voltage  rating  greater  than  the  output 
voltage  of  the  converter  with  some  margin  for  tran- 
sient overshoot,  ripple  voltage  on  the  output  and 
appropriate  levels  of  derating.  A  low  Roson  °f  the 
power  switch  will  result  in  lower  conduction  losses 
but  these  devices  also  have  high  gate  capacitances 
and  may  therefore  have  longer  turn-on  times, 
resulting  in  greater  overall  switch  power  dissipation. 
There  is  an  optimum  size  switch  for  each  applica- 
tion although  the  optima  is  rather  broad. 
Suggestions  for  switches  for  a  variety  of  power  lev- 
els are  contained  in  the  table  at  the  end  of  this 
application  note.  These  are  by  no  means  the  only 
possibilities  and  are  simply  generic  choices.  For  the 
example  converter  an  IRF830  was  chosen. 

The  output  diode  must  be  rated  for  the  peak  output 
current  and  must  be  an  incredibly  fast  diode.  A 
reverse  recovery  time  below  100  nanoseconds  is 
strongly  recommended  and  faster  is  much  better. 
The  reverse  recovery  time  of  the  diode  has  a  direct 
effect  on  the  power  dissipation  in  the  switch.  The 
switch  must  conduct  full  output  current  at  full  output 
voltage  from  the  time  it  turns  on  until  the  diode 
turns  off.  For  the  example  converter  this  will  be 
400V  at  2.0A  for  a  peak  power  of  800W.  If  this  lasts 
for  100nsec  the  average  power  will  be  6.0W  at  a 
75kHz  switching  frequency.  If  a  35nsec  recovery 
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diode  is  used  the  average  power  will  be  2.1  W. 
There  are  many  diodes  available  that  meet  the 
requirements  of  this  application.  The  temperature 
rise  of  the  diode  must  be  kept  below  maximum  for 
the  worst  case  conditions  as  well.  The  reverse 
recovery  time  of  the  diode  becomes  larger  as  the 
temperature  increases  and  this  increases  the 
power  dissipation  of  the  switching  transistor.  Heat 
sinking  of  the  diode  may  be  required  to  control  the 
maximum  temperature.  For  the  example  converter 
either  an  MUR460  or  a  BYM26C  is  used. 

INPUT  DIODES 

The  input  diodes  are  not  particularly  critical.  They 
must  have  a  current  rating  sufficient  for  the  maxi- 
mum current  at  low  line  and  they  must  be  held  to  a 
reasonable  temperature  rise.  Fast  recovery  types 
generally  prove  to  be  a  bit  less  noisy  than  standard 
recovery  types.  Avalanche  breakdown  types  work 
better  with  noisy  power  lines.  The  exact  choice  of 
input  diodes  depends  on  many  such  factors  as  well 
as  the  amount  of  filtering  present  on  the  AC  side  of 
the  bridge.  For  the  example  converter,  MR856  or 
BYW95C  diodes  are  used.  Both  are  fast  recovery 
types. 

C|N  is  part  of  the  input  filter  even  though  it  is  after  , 
the  input  diodes.  The  value  must  be  chosen  in  con- 
junction with  the  input  filter  and  must  be  kept  rea- 
sonably small.  This  capacitor  carries  most  of  the 
ripple  current  from  the  inductor  so  it  needs  to  be  a 
film  type  capacitor  with  a  substantial  high  frequen- 
cy ripple  current  capability.  At  light  loads  C|n  can 
have  a  large  effect  on  the  distortion  of  the  input  cur- 
rent because  it  is  after  the  input  diodes.  At  these 
low  currents,  especially  near  the  input  voltage  zero 
crossing,  the  capacitor  stores  enough  energy  to 
maintain  the  output  current  and  the  input  diodes 
turn  off,  thus  introducing  distortion  into  the  input 
current.  For  the  example  converter,  a  1  .OnF  capac- 
itor was  chosen  to  give  less  than  1 V  peak-to-peak 
ripple  voltage  at  the  switching  frequency  with  1 00W 
output. 

CONTROL  CIRCUIT  DESIGN  WITH  THE  UC3853 

The  heart  of  the  UC3853  is  the  multiplier  and  it  is 
quite  easy  to  set  the  parameters  for  proper  opera- 
tion. The  equation  for  the  multiplier  is  given  below 
and,  even  though  it  looks  complex,  it  is  quite 
straight  forward. 

,  Uc'fVcOMP-l-S) 


Imo  is  tne  output  current  from  the  multiplier.  I^c  is 
the  programming  current  that  comes  from  the  input 
through  R^c  and  is  proportional  to  the  input  volt- 
age. It  tells  the  current  loop  what  to  do  to  maintain 
an  input  current  which  is  proportional  to  the  input 
voltage.  VCOmp  is  the  output  of  the  voltage  error 
amplifier  and  is  the  other  input  to  the  multiplier. 
is  the  gain  constant  of  the  multiplier  and  is  given  in 
the  data  sheet  for  the  UC3853.  Vcc  is  the  supply 
voltage  to  the  UC3853  and  it  is  divided  by  eight 
internally  and  then  squared  in  the  squaring  circuit. 
This  forms  the  divider  input  to  the  multiplier  and  is 
used  to  keep  the  gain  of  the  voltage  loop  constant 
so  that  the  loop  bandwidth  may  be  kept  large  and 
thus  have  a  relatively  fast  transient  response. 

Iac  must  be  programmed  to  have  a  maximum  value 
of  500nA  when  the  AC  line  voltage  is  at  its  peak. 
The  voltage  at  the  IAC  pin  is  2.0V  so  it  introduces 
very  little  error  into  the  current  if  this  voltage  is 
ignored.  For  the  example  converter  the  maximum 
input  voltage  is  270VAC  and  this  has  a  peak  value 
of  about  380V.  A  760kn  resistor  will  give  500nA. 
Most  resistors  are  only  rated  to  250V  so  two  resis- 
tors will  be  needed  in  series.  The  closest  standard 
value  is  390kn  so  this  value  is  chosen  for  both 
RAC1  and  RAC2- 

CURRENT  LOOP  COMPENSATION 

The  peak  value  of  l^o  is  about  250nA  with  the  val- 
ues of  R^c  given  above.  If  R^o  is  made  3.9kC2,  the 
peak  value  of  voltage  across  R§  will  be  1 .0V.  This 
value  of  Rmo  also  matches  the  3.9kQ  resistor  inter- 
nal to  the  UC3853  which  is  connected  to  ground 
from  the  non-inverting  input  of  the  current  error 
amplifier.  These  two  values  provide  the  correct  bal- 
ance for  the  DC  bias  currents  into  the  amplifier  and 
give  the  correct  input  offset  voltage.  If  the  offset 
voltage  is  in  the  wrong  direction  the  current  loop 
could  latch  at  zero  output. 

The  PFC  input  current  must  track  the  current  pro- 
gramming signal  (Imo)  'rom  tne  multiplier  very 
closely  to  achieve  a  low  distortion  input  current. 
Accurate  tracking  requires  high  gain  in  the  current 
loop  to  minimize  the  errors.  For  the  current  loop  to 
be  stable,  the  frequency  at  which  the  gain  of  the 
loop  is  equal  to  one  must  be  less  than  one  thirds  of 
the  switching  frequency  and  the  gain  must  roll  off 
with  a  single  pole  slope.  The  boost  power  stage  has 
a  single  pole  due  to  the  main  inductor  and  the  cur- 
rent sense  resistor.  This  L/R  pole  creates  a  stable 
loop  with  a  fixed  gain,  wide  bandwidth  error  ampli- 
fier. These  two  requirements  can  be  accommodat- 
ed by  using  pole  zero  compensation  around  the 
error  amplifier.  Pole  zero  compensation  has  high 
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gain  at  low  frequencies  and  flat  gain  at  high  fre- 
quencies so  that  the  input  current  tracks  the  pro- 
gramming signal  accurately  and  is  also  stable  at 
high  frequencies.  This  is  the  essence  of  average 
current  mode  control  and  it  is  necessary  for  a  low 
distortion  PFC. 

A  block  diagram  of  the  current  loop  is  shown  in 
Figure  7.  A  bit  of  topological  manipulation  has  been 
done  to  put  the  loop  into  this  form.  The  switch,  out- 
put diode  and  output  capacitor  have  been  moved  to 
the  other  side  of  the  inductor  and  lumped  into  the 
voltage  source  Vg,  which  is  now  a  controlled 
source  and  is  controlled  by  the  duty  factor  d  from 
the  PWM  circuit  in  the  UC3853.  The  reason  for 
showing  the  circuit  model  in  this  form  is  to  highlight 
the  source  of  the  L/R  pole  in  the  current  loop  and  to 
show  how  the  pole  zero  compensation  of  the  cur- 
rent error  amplifier  affects  the  loop. 


i^VlCOMP 

PWM 

CURRENT 

Figure  7.  Simplified  Block  Diagram  of  a  Boost  PFC 
Current  Loop 

Figure  8  shows  the  control  to  output  current  gain  of 
the  current  loop  and  the  current  amplifier  compen- 
sation as  well  as  the  complete  current  loop  gain. 
The  graph  ignores  the  double  pole  occurring  at  the 
switching  frequency  and  the  aliasing  effects  of  the 
sampling  system.  The  graph  is  based  on  a  linear 
model  to  promote  understanding  of  the  loop 
dynamics  and  the  compensation  methods 
employed.  The  lower  curve  is  the  control  to  current 
transfer  function  of  the  boost  stage  and  the  pulse 
width  modulator  (Vp,sA/|Comp).  The  gain  is  moder- 
ate at  low  frequencies  and  shows  the  L/R  corner 
frequency  and  single  pole  roll  off  up  to  half  of  the 
switching  frequency.  The  pole  zero  compensation 
of  the  current  error  amplifier  is  shown  along  with 
the  complete  current  loop  response. 

The  design  of  the  pole-zero  compensation  for  the 
current  loop  begins  with  the  equation  for  the  control 
to  output  transfer  function  of  the  boost  power  stage. 
The  control  variables  for  this  transfer  function  are 
the  output  of  the  current  amplifier,  V|Comp,  and  the 
voltage  across  the  current  sense  resistor,  VRs-The 
equation  is: 
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Figure  8.  Current  Loop  Transfer  Functions  for  1O0W 
Example  Boost  Converter 
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Where  Vq  is  the  DC  output  voltage  of  the  convert- 
er, Rs  is  the  sense  resistor  value,  Vqsc  is  the 
peak-to-peak  amplitude  of  the  oscillator  ramp  volt- 
age and  Xl  is  the  impedance  of  the  boost  inductor 
(2  •  7i  •  f  •  L). 

The  current  loop  is  a  very  wide  bandwidth  loop  and 
stability  is  achieved  by  adjusting  the  current  ampli- 
fier gain  so  that  the  natural  roll  off  from  the  L/Rs 
pole  of  the  boost  stage  crosses  OdB  gain  at  the 
appropriate  frequency.  Because  the  bandwidth  is 
large,  slope  compensation  must  be  added  to  the 
loop  to  compensate  for  the  double  pole  which 
occurs  at  the  switching  frequency.  In  average  cur- 
rent mode  control  the  slope  compensation  is  pro- 
vided by  the  oscillator  ramp,  which  is  one  of  the 
inputs  to  the  PWM  comparator.  If  the  gain  of  the 
error  amplifier  is  correct,  the  amplitude  of  the  oscil- 
lator ramp  will  introduce  the  correct  amount  of 
slope  compensation.  The  procedure  is  to  match  the 
down  slope  of  the  inductor  current  with  the  slope  of 
the  oscillator  ramp.  That  gives  the  correct  value  for 
the  loop  gain  at  the  switching  frequency  to  maintain 
stability.  A  capacitor  is  then  added  in  series  with  the 
resistor  for  pole-zero  compensation  which  gives  the 
maximum  amplifier  gain  at  low  frequencies. 

The  maximum  down  slope  of  the  inductor  current 
occurs  when  the  input  voltage  is  near  zero.  The 
equation  for  the  inductor  yields  the  slope  of  the 
current. 
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dl  _  Vo 
dt  "  L 

Where  dl/dt  is  the  slope  of  the  inductor  current  in 
amperes  per  second,  V©  is  the  DC  output  voltage 
of  the  converter  and  L  is  the  value  of  the  boost 
inductance.  This  current  flows  through  the  sense 
resistor  and  becomes  a  voltage  so  the  equation  is 
modified  as  follows: 

—  =  —  •  Re 
dt  L 

Where  Rg  is  the  sense  resistor  value.  For  the 
example  converter  the  output  voltage  is  400VDC 
and  the  inductance  is  3.0mH  so  the  dl/dt  is 
0.133A/nsec,  and  Rs  is  0.5Q  so  dV/dt  is 
0.066V/usec. 

The  oscillator  in  the  UC3853  has  a  peak-to-peak 
amplitude  of  5.0V  and  the  period  is  1 3.3usec  so  the 
slope  is  0.375V4isec  (the  slope  does  not  change 
with  synchronization).  The  gain  of  the  current 
amplifier  at  the  switching  frequency  is  determined 
by  the  ratio  of  the  oscillator  voltage  slope  divided  by 
the  current  slope.  The  gain  of  the  current  amplifier 
at  the  switching  frequency  is  the  ratio  of  Rcz  to 
Rmo  F°r  tne  example  converter  the  current  slope 
is  0.066V/nsec  and  the  oscillator  slope  is 
0.375V/nsec  so  the  gain  is  5.625.  RMo  is  3.9kQ  so 
RCz  is  22kf2. 

The  value  of  the  capacitor  Ccz.  which  introduces  a 
zero  into  the  current  error  amplifier  response,  is  set 
by  the  current  loop  crossover  frequency.  The  zero 
must  be  at  or  below  that  frequency  to  maintain  the 
phase  margin  of  the  current  loop.  The  equation  for 
fd  given  below  is  simplified  somewhat  but  is  accu- 
rate over  this  frequency  range. 


fCl  = 


Vp  •  Rs  ♦  RCz 
2  •  jt  •  L  •  RM0  •  Vqsc 


Where  VQ  is  the  DC  output  voltage  of  the  convert- 
er, Rg  is  the  value  of  the  current  sense  resistor  and 
Rcz  is  the  current  amplifier  feedback  resistance 
determined  above.  Vqsc  is  the  peak-to-peak  oscil- 
lator ramp  voltage,  L  is  the  value  of  the  boost  induc- 
tor and  Rmo  is  the  current  amplifier  input  resis- 
tance. For  the  example  converter,  VD  is  400VDC, 
Rs  is  0.50,  Rcz  is  22kn,  Vosc  is  5V,  L  is  3.0mH 
and  RMO  is  3.9kn  resulting  in  an  fci  of  12kHz. 

Ccz  must  have  an  impedance  equal  to  or  less  than 
RCZ  at  fci- This  is  easily  found  from: 

°cz  =  2  •  k  •  fC|  •  Rcz 

For  the  example  converter,  fC|  is  12kHz  and  Rcz  is 
22kfi  so  Ccz  must  be  greater  than  600pF.  A  680pF 


capacitor  is  chosen  to  give  a  bit  of  extra  phase 
margin. 

Ccp  is  included  to  suppress  high  frequency  noise 
in  the  current  amplifier  and  it  must  have  an  imped- 
ance of  at  least  2  •  Rcz  at  the  switching  frequency. 
Substituting  fs  for  fci  into  the  equation  above  gives 
Ccp- 


Ccp: 


1 


2«Ji«fs«2«  RCz 


For  the  example  converter  Ccp  must  be  less  than 
50pF.  A  value  of  33pF  is  chosen  to  accommodate  a 
100kHz  synchronization  frequency. 

A  hard  current  limit  is  not  necessary  to  protect  the 
switch  in  an  average  current  mode  controlled  sys- 
tem. The  gain  of  the  current  amplifier  is  set  so  that 
the  maximum  change  of  current  in  the  inductor 
results  in  at  most  a  20%  change  of  the  current  dur- 
ing one  clock  period.  This  makes  it  impossible  for 
the  control  circuit  to  cause  the  switch  to  be  on  long 
enough  to  enter  an  overcurrent  condition.  The  cur- 
rent programming  signal  is  also  limited  so  the 
inductor  current  can  not  exceed  this  value. 

HARMONIC  DISTORTION  BUDGET 

Once  the  current  loop  is  stable  the  next  two  tasks 
are  setting  the  voltage  loop  compensation  and  the 
feedforward  compensation.  Both  of  these  are  deter- 
mined by  the  amount  of  harmonic  distortion  each 
contributes  to  the  input  current.  The  voltage  loop 
contributes  0.5%  third  harmonic  distortion  to  the 
input  current  for  each  1  %  ripple  voltage  at  the  out- 
put of  the  error  amplifier.  The  feedforward  compen- 
sation comes  from  the  voltage  supplied  to  the 
UC3853  and  each  1%  ripple  on  this  input  con- 
tributes 1%  third  harmonic  distortion  to  the  input 
current. 

The  choice  of  input  current  harmonic  distortion  limit 
and  the  allocation  of  this  distortion  to  the  two  major 
sources  is  somewhat  arbitrary.  For  the  example 
converter,  the  THD  will  be  limited  to  5%  of  the  input 
current.  The  voltage  loop  is  allowed  to  contribute 
2%  of  the  distortion  and  the  feedforward  voltage  is 
allowed  to  contribute  2%  of  the  distortion.  The 
remaining  1%  will  be  allocated  to  other  sources 
such  as  cusp  distortion  and  possible  multiplier  non- 
linearity.  5%  THD  gives  a  power  factor  of  0.99875. 

VOLTAGE  LOOP  COMPENSATION 

A  simplified  block  diagram  of  the  voltage  loop  is 
shown  in  Figure  9.  Average  current  mode  control 
turns  the  power  stage  of  the  boost  converter  into  a 
voltage  controlled  current  source  driving  a  capaci- 
tor, Co,  in  parallel  with  the  load  resistance.  The  cur- 
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rent  loop  therefore  becomes  a  transconductance 
amplifier  with  a  voltage  input  and  current  output. 
The  voltage  gain  of  the  current  loop  is  given  by 
Gcl  •  ZL  where  Gql  is  the  transconductance  of  the 
current  loop  and  Z|_  is  the  parallel  combination  of 
Cq  and  R|_,  the  load  resistance.  The  frequency 
response  of  the  current  loop  has  a  DC  gain  given 
by  Gcl  '  R|_ anc' a  single  pole  roll  off  due  to  Co  and 
R|_  within  the  frequency  range  of  interest. 
Theoretically,  if  the  voltage  loop  is  closed  around 
the  current  loop  with  a  fixed  gain  error  amplifier,  the 
voltage  loop  will  be  stable  because  there  is  only  a 
single  pole  from  Cq  and  R|_  within  the  loop.  As  the 
gain  of  the  amplifier  increases,  the  bandwidth  of  the 
voltage  loop  also  increases.  Although  this  solution 
is  very  appealing,  it  is  not  feasible  with  the  UC3853 
because  the  limited  current  capability  of  the  voltage 
error  amplifier.  Therefore,  the  error  amplifier  com- 
pensation will  have  a  zero  below  and  a  pole  at  the 
crossover  frequency  of  the  voltage  loop. 
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Figure  9.  Simplified  Block  Diagram  of  a  Boost  PFC 
Voltage  Loop 

The  multiplier  in  the  voltage  loop  adds  the  current 
programming  signal  from  the  line  frequency  and  it 
acts  like  a  switching  frequency.  Therefore  the  band- 
width of  the  voltage  loop  must  be  kept  below 
(2  •  f|_/n)  to  maintain  voltage  loop  stability  where  fL 
is  the  line  frequency.  The  gain  of  the  error  amplifier 
needs  to  be  high  to  maintain  wide  bandwidth  in  the 
voltage  loop  and  thus  fast  transient  response  but  if 
it  is  too  high  the  loop  will  go  unstable  due  to  the  line 
frequency  introduced  by  the  programming  signal  in 
the  multiplier.  If  the  gain  of  the  amplifier  in  the  loop 
is  set  with  a  fixed  gain  to  give  maximum  bandwidth, 
the  DC  gain  of  the  loop  is  reasonable  and  the  out- 
put voltage  regulation  is  within  a  percent  or  two  of 
the  set  point. 

The  relatively  wide  bandwidth  of  the  loop  gives 
good  transient  response  but  also  gives  little  attenu- 
ation of  the  second  harmonic  ripple  voltage  on  the 
output  capacitor.  This  voltage  modulates  the  input 


current  so  the  harmonic  distortion  of  the  input  cur- 
rent will  be  too  high.  Reducing  the  harmonic  distor- 
tion requires  reducing  the  gain  of  the  loop  at  the 
second  harmonic  of  the  power  line  frequency, 
which  is  the  ripple  voltage  frequency  on  the  output 
capacitor.  The  bandwidth  of  the  loop  must  also  be 
kept  as  high  as  possible  to  maintain  good  transient 
response.  If  the  loop  is  closed  with  an  error  amplifi- 
er having  an  extra  pole  just  after  the  unity  gain 
crossover  frequency,  it  is  possible  to  reduce  the 
harmonic  distortion  and  still  maintain  good  loop 
bandwidth  and  adequate  phase  margin. 

Figure  10  is  a  Bode  diagram  of  the  resulting  loop 
response.  The  loop  response  has  a  pole  at  low  fre- 
quency due  to  the  load  resistance  and  the  output 
capacitance  and  then  rolls  off  smoothly  with  a  first 
order  slope  due  to  the  output  capacitor.  Just  after 
the  gain  of  the  loop  crosses  OdB  at  fy|,  a  second 
pole  takes  the  slope  to  a  second  order  roll  off  and 
this  reduces  the  loop  gain  to  the  required  level  at 
the  second  harmonic  of  the  line  frequency.  For 
greater  DC  regulation  of  the  output  voltage  and 
because  of  the  requirements  of  the  voltage  error 
amplifier  on  the  UC3853,  a  zero  is  added  to  the 
loop  at  low  frequencies  to  compensate  for  the  load 
resistance  and  output  capacitance  pole. 
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Figure  10.  Transfer  Functions  of  Voltage  Loop 

The  design  of  the  voltage  loop  compensation 
begins  at  the  output  capacitor.  The  voltage  loop 
compensation  reduces  the  amplitude  of  the  ripple 
voltage  from  the  output  capacitor  to  a  level,  at  the 
output  of  the  voltage  error  amplifier,  which  is  con- 
sistent with  the  harmonic  distortion  specification. 
The  amount  of  ripple  voltage  on  the  output  capaci- 
tor, C0,  is  given  by  the  following  equation. 

P 


AV0pk  = 


2  •  7t  •  2  •  fLmin  •  C0  •  V0 


Where  P  is  the  maximum  input  power  of  the  con- 
verter. Use  of  the  input  power  in  place  of  the  output 
power  is  a  reasonable  compromise  since  the  effi- 
ciency of  the  converter  is  high.  The  lowest  power 
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line  frequency  is  fLmin. the  output  capacitor  value  is 
Cq  and  Vq  is  the  DC  output  voltage.  For  the  exam- 
ple converter,  P  (approximately  Pout)  is  100W, 
fLmin  is  47Hz,  CQ  is  100|jF  and  VQ  is  400VDC. 
AVopk  is  therefore  4.2Vpk.  Note  that  this  is  half  the 
peak-to-peak  value.  Mathematically,  this  is  the 
amplitude  of  the  ripple  voltage  vector.  At  low  line 
frequencies  the  ripple  voltage  is  larger  as  is  the 
gain  of  the  error  amplifier  because  of  the  loop  com- 
pensation requirements.  If  performance  is  to  be 
maintained  over  the  range  of  line  frequencies,  then 
the  lowest  frequency  must  be  used  for  the  design. 

The  gain  of  the  voltage  error  amplifier  and  the  volt- 
age divider  preceding  it  are  determined  by  the  har- 
monic distortion  budget  for  the  voltage  loop  and  the 
amount  of  ripple  voltage  on  the  output  capacitor. 
The  amount  of  ripple  voltage  allowed  on  the  output 
of  the  voltage  error  amplifier  is  equal  to  twice  the 
percentage  of  the  distortion.  Each  1%  of  second 
harmonic  ripple  voltage  on  the  output  of  the  ampli- 
fier results  in  0.5%  third  harmonic  current  on  the 
input.  The  %ripple  on  the  output  of  the  voltage  error 
must  be  translated  into  an  absolute  voltage  to  find 
the  gain  of  the  voltage  error  amplifier  and  the  volt- 
age divider  at  the  second  harmonic  of  the  line  fre- 
quency. The  %ripple  is  multiplied  by  the  range  of 
the  output  voltage  (AVcomp)  to  9et  the  amplitude 
of  the  ripple  voltage  on  the  output  of  the  amplifier. 
This  is  divided  by  the  amplitude  of  the  ripple  volt- 
age on  the  output  capacitor  to  give  the  combined 
gain  of  the  voltage  error  amplifier  and  the  voltage 
divider.  The  equation  for  the  gain  is: 

Qv  =  AVcomp  •  %ripple 

AVOpk 

Where  G\j  is  the  gain  of  the  voltage  divider  and  the 
voltage  error  amplifier,  AVcomp  is  the  range  of  the 
voltage  error  amplifier  output,  %ripple  is  the  per- 
centage of  ripple  voltage  allowed  in  the  output  of 
the  voltage  error  amplifier  and  AVoPk  is  given  pre- 
viously. For  the  example  converter,  AVcomp  is 
actually  the  active  range  of  the  input  to  the  multipli- 
er rather  than  the  output  range  of  the  amplifier.  On 
the  UC3853  the  active  input  range  of  the  multiplier 
is  between  1.5V  and  6.0V  so  AVComp  is  4.5V.  The 
percent  THD  of  the  input  current  allowed  from  the 
voltage  loop  according  to  the  harmonic  distortion 
budget  is  2%  which  results  in  4%  ripple  voltage  at 
the  output  of  the  voltage  error  amplifier.  The  numer- 
ic value  of  0.04  must  be  used  in  the  equation.  The 
value  of  AVopk  is  4.2V.  Therefore: 


GV  = 


4.5  •  0.04 
4.2 


0.043 


The  voltage  divider  is  composed  of  Ryi  and  RVd 
and  is  determined  by  the  ratio  of  the  DC  output  volt- 
age to  the  internal  reference  voltage  in  the 


UC3853,  which  is  3.0V.  The  impedance  of  the  volt- 
age divider  is  somewhat  arbitrary.  For  the  example 
converter  the  output  voltage  is  over  250V  so  two 
resistors  are  used  in  series  to  get  the  necessary 
voltage  rating.  1.24Mn  is  chosen  as  the  divider 
impedance  so  two-620kft  resistors  are  used  for 
Rvi-  Rvd  is  determined  from  the  voltage  divider 
equation  and  the  value  is  just  below  10kfi  so  a 
1 0kn  resistor  is  used  with  a  1 50kfi  resistor  in  par- 
allel. The  gain  of  the  voltage  divider  is  given  by  the 
following  equation: 

_  Rvd 
Rvd  +  Rvi 

The  gain  of  the  voltage  divider,  GVD,  is  0.0075  in 
the  example.  The  gain  of  the  divider  and  the  voltage 
amplifier  together  must  be  0.043.  The  gain  of  the 
amplifier  at  twice  the  line  frequency  (low  line  fre- 
quency is  47Hz)  must  be  5.7  for  the  example  con- 
verter. 

The  gain  of  a  transconductance  amplifier  is  given 
by  A  =  •  Z^.  Where  A  is  the  voltage  gain  of  the 
amplifier,  G^  is  the  transconductance  of  the  ampli- 
fier and  Za  is  the  load  impedance  from  the  Vcomp 
pin  to  ground.  The  transconductance  of  the  amplifi- 
er in  the  UC3853  is  485nmhos.  The  gain  needed  for 
this  application  is  5.7,  so  the  load  impedance  is 
1 1 .75kfl.  At  the  second  harmonic  of  the  line  fre- 
quency, the  gain  of  the  amplifier  is  determined  by 
Cvc»  the  voltage  compensation  capacitor.  For  the 
example  converter,  a  capacitor  with  an  impedance 
of  1 1 .75kfi  at  94Hz  has  a  value  of  0.1 5^F  and  this 
is  the  value  used. 

The  value  of  RVc  is  found  by  extrapolating  from  the 
second  harmonic  frequency  back  to  find  the  fre- 
quency at  which  the  gain  of  the  voltage  loop  is 
unity,  fyi-  Rye  is  then  found  by  writing  the  equation 
for  the  gain  of  the  loop,  setting  it  to  unity  and  solv- 
ing the  resulting  equation  for  Rye-  The  loop  equa- 
tion is  the  product  of  the  gain  of  the  current  loop 
and  load  impedance,  Gragj,  the  gain  of  the  voltage 
amplifier,  GVea.  and  the  voltage  divider,  GVD. 

The  gain  of  the  boost  stage  is  given  by  the  follow- 
ing equation: 

P'Xco 


GBST  = 


AVcomp •  Vq 


Where  P  is  the  input  power  and  is  here  taken  to  be 
the  output  power  because  of  the  assumption  of 
high  efficiency.  XCo  is  the  impedance  of  the  output 
capacitor  and  varies  with  frequency.  AVComp  is  the 
range  of  the  voltage  error  amplifier  output  and  is 
equal  to  4.5V  on  the  UC3853.  VD  is  the  DC  output 
voltage.  By  using  the  output  power  (V0  •  lo)  in  the 
equation,  all  of  the  terms  that  are  associated  with 
the  multiplier  and  divider  drop  out  of  the  equation. 


2 
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The  gain  of  the  voltage  divider,  GVd.  is  given 
above.  The  gain  of  the  transconductance  amplifier 
and  its  load  are  given  by  the  following: 

GVEA  =  GM  *  XCVC 

Where  is  the  transconductance  of  the  amplifier 
and  Xqvc  is  tne  impedance  of  the  compensation 
capacitor  Cvc- 

Finally,  the  equation  for  the  loop  can  be  written 
from  these  equations  as: 

Qv  _  P  •  Xco  » GM  »  Xcvc  *  Gyp 

AVcomp  *  vO 

By  setting  Gy  =  1  the  equation  can  be  solved  for 
frequency  since  all  other  variables  are  known  at 
this  point.  Note  that  there  are  two  terms  in  the 
equation  which  vary  with  frequency,  Xco  ar,d 
Xcvc-  The  loop  has  a  second  order  roll  off  at  this 
point  so  the  equation  is  solved  for  the  square  of  the 
frequency.  The  unity  gain  crossover  frequency,  fyi, 
is  found  from  the  following  equation. 

fv|2  =  P  •  GM  •  Gyp  

(2  •  7t)2  •  Cq  •  Cyc  *  AVCOMP  *  vO 

For  the  example  converter  fyi  is  18.6Hz.  The  value 
of  Rye,  which  is  what  we  have  been  trying  to  deter- 
mine all  along,  is  equal  to  the  impedance  of  Cyc  at 
fyi.  For  the  example  converter,  this  is  57k£2,  so  a 
56kfl  standard  value  resistor  is  chosen. 

The  last  step  is  the  addition  of  a  low  frequency  zero 
in  the  feedback  loop.  It  is  accomplished  by  adding 
Cycz  in  series  with  Rye  as  shown  in  the  schemat- 
ic. From  an  operational  standpoint,  the  effect  of 
Cycz  is  to  double  the  peak-to-peak  variation  of  the 
output  voltage  during  a  step  load  transient.  The 
overvoltage  protection  circuit  built  into  the  UC3853 
will  prevent  the  output  voltage  from  exceeding  the 
maximum  value  by  turning  the  switch  off  until  the 
output  voltage  is  back  within  range.  The  undervolt- 
age  transient  caused  by  a  step  load  change  will  be 
unaffected. 

The  value  of  Cycz  is  not  especially  critical. 
However,  since  it  adds  both  a  pole  and  an  zero  to 
the  loop  gain,  the  zero  must  be  far  enough  away  in 
frequency  from  the  Cvc  and  Rvc  pole  so  that  it 
does  not  contribute  extra  phase  shift  at  the  unity 
gain  frequency,  fV|  This  requires  that  the  zero  be  at 
least  two  octaves  below  fy|.  For  the  example  con- 
verter, the  zero  has  been  placed  almost  a  full 
decade  below  fV|  and  the  value  of  CVCz  is  chosen 
as  1  .OuF. 

THE  FEEDFORWARD  VOLTAGE  AND  STARTUP 
CIRCUIT 

The  UC3853  makes  use  of  a  divider  and  squaring 


circuit  to  compensate  the  gain  of  the  voltage  loop 
for  changes  of  the  input  voltage  as  shown  in  Figure 
5.  The  input  to  the  squarer  and  divider  is  the  supply 
voltage  to  the  UC3853  and  is  called  VFF.  The  func- 
tion of  the  supply  voltage,  besides  powering  the 
chip,  is  to  feed-forward  information  about  the  input 
voltage  to  the  voltage  loop.  This  means  that  Vpp 
must  be  proportional  to  the  average  value  of  the 
input  voltage  and  must  also  have  low  ripple  voltage 
because  1%  ripple  on  this  voltage  will  create  1% 
harmonic  distortion  on  the  input  current. 

The  Vpp  input  is  generated  by  a  winding  on  the 
boost  inductor  that  operates  like  a  transformer. 
When  the  switch  is  turned  on,  the  voltage  across 
the  inductor  is  equal  to  the  input  voltage.  This  volt- 
age is  tapped  off  by  using  an  additional  winding  on 
the  inductor  to  supply  the  control  circuits.  The  cur- 
rent drain  of  the  control  circuits,  Ice.  is  typically 
about  15mA  of  which  10mA  are  allocated  to  the 
UC3853  and  5mA  are  allocated  to  the  MOSFET 
gate  drive  current.  These  currents  are  constant  and 
do  not  change  appreciably  with  a  change  of  the 
supply  voltage. 

The  supply  voltage  range  of  the  UC3853  is  great 
enough  to  cover  a  3:1  input  voltage  range.  To  pro- 
vide the  best  utilization  of  the  Vpp  programming 
range  the  supply  voltage  to  the  UC3853  should  be 
set  to  provide  10.5V  when  the  input  voltage  is  at 
low  line.  If  a  narrower  range  is  being  used  for  the 
input  voltage  than  is  used  for  this  example,  it  may 
be  desirable  to  set  the  minimum  voltage  slightly 
higher,  in  the  range  of  12V  to  15V,  to  provide  more 
voltage  for  the  gate  drive  at  lower  line  voltages  and 
thus  lower  Roson-  F°r  tne  example  converter,  a 
turns  ratio  of  10:1  on  the  inductor  will  provide  the 
correct  value  of  Vpp.  The  minimum  voltage  is  about 
10.5V,  with  an  input  line  voltage  of  80VAC,  after  all 
of  the  diode  drops  have  been  taken  into  account. 
The  UVLO  threshold  for  turning  the  UC3853  off  is 
9.5V  so  a  10.5V  minimum  value  of  Vpp  leaves 
some  margin  in  the  design  for  component  variation. 

The  diode  DFF  must  block  80V,  carry  an  average 
current  of  15mA  for  the  example  converter  and 
have  a  very  fast  recovery  time.  Small  100V  diodes, 
such  as  BYD71B  or  MUR110  are  suitable  devices 
for  this  application. 

The  amount  of  harmonic  distortion  allocated  to  the 
Vpp  input  of  the  UC3853  is  2%,  so  the  ripple  volt- 
age must  be  held  to  2%  of  the  minimum  value  of 
Vpp.  For  the  example  converter,  the  minimum  volt- 
age is  10.5V  so  the  allowable  ripple  voltage  is 
0.21V.  This  is  not  the  peak-to-peak  value  of  the  rip- 
ple but  is  the  peak  value  of  the  second  harmonic  of 
the  line  frequency.  The  peak-to-peak  ripple  voltage, 
AVpp,  is  this  value  multiplied  by  it.  For  the  example 
converter,  AVpp  is  therefore  0.66V  peak-to-peak. 
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The  value  of  CFF  can  be  found  from  the  equation 
for  a  capacitor  and  the  current  drain  of  the  control 
circuits,  Iqc- 

CFF=  

AVFF  •  2  •  fLmin 

Where  CFF  is  the  value  of  the  VFF  bypass  capaci- 
tor, Ice  is  the  current  drain  of  the  control  circuits, 
AVFF  is  the  peak-to-peak  ripple  voltage  on  VFF  and 
fLmin  is  the  minimum  line  frequency.  For  the  exam- 
ple converter  the  value  is  240uF.  A  standard  value 
of  270nF  is  chosen  and  it  is  bypassed  with  a  0.1  uF 
ceramic  capacitor. 

This  value  for  CFF  also  gives  sufficient  time  to  start 
the  circuit  since  one  half  cycle  of  the  input  line  fre- 
quency is  needed  to  reach  full  operation.  The  turn- 
on  threshold  of  the  UC3853  is  1 1 .5V  and  the  turn- 
off  threshold  is  9.5V  so  there  is  more  than  sufficient 
energy  stored  to  begin  circuit  operation. 

CFF-(VTN-VTf) 


At  = 


lec 


Where  At  is  the  amount  of  time  available  for  start- 
up, CFF  is  the  capacitance  on  VFF,  Vjn  is  the  turn 
on  threshold  of  the  UC3853  (1 1 .5V),  VTF  is  the  turn 
off  threshold  (9.5V),  and  Ice  is  the  current  drain  of 
the  control  circuits.  For  the  example  converter  At  is 
36  milliseconds. 

Startup  of  the  UC3853  is  accomplished  by  charg- 
ing VFF  to  1 1 .5V  through  Rr.  The  value  of  Rr  must 
be  small  enough  to  provide  a  reasonably  short 
turn-on  delay  after  power  is  applied  and  yet  large 
enough  to  keep  power  dissipation  low.  The  current 
through  Rr  at  ViNmin  must  a'so  be  greater  than  the 
UC3853  startup  current  (500nA).  For  the  example 
converter  a  1  second  delay  at  turn-on  requires  a 
bias  current  of  approximately  3mA  from  the  low 
input  line  voltage.  The  equivalent  resistance  is 
about  36kQ.  This  resistance  needs  to  be  split  into 
two  equal  resistors  since  the  peak  input  voltage  will 
exceed  250V  so  two  18kn  resistors  are  used.  At 
high  line  this  gives  about  6.8mA  of  bias  current  to 
VFF.  This  is  less  than  the  current  required  by  the 
UC3853  so  this  value  of  RB  is  acceptable.  If  the 
current  at  high  line  were  too  great,  VFF  would  not 
accurately  reflect  the  input  voltage  and  perfor- 
mance would  suffer.  A  larger  value  of  Rr  resulting 
in  a  longer  turn-on  delay  is  required  in  that  case.  At 
high  line  each  of  the  18kn  resistors  dissipates 
0.82W.  A  2W  rating  is  specified. 

The  gate  drive  voltage  of  the  UC3853  is  limited  to 
15V  by  an  internal  clamp.  This  allows  VFF  to 
change  without  causing  the  gate  voltage  to  exceed 
the  rating  of  the  MOSFET.The  UC3853  is  designed 
to  drive  moderate  size  MOSFET  switches,  and  the 
gate  drive  current  is  limited  to  500mA(pk).  This  is 


more  than  sufficient  to  obtain  the  fast  rise  and  fail 
times  needed  for  high  efficiency.  RQ  is  the  resistor 
in  series  with  the  gate  of  the  MOSFET.  Its  value  of 
33H  is  chosen  to  limit  the  peak  gate  current  to 
about  350mA  under  normal  operating  conditions.  In 
addition,  this  is  the  minimum  value  for  which  Dq, 
the  gate  drive  clamp,  is  NOT  required  under  most 
circumstances.  In  general,  if  Rq  is  made  small 
there  will  not  be  sufficient  damping  of  the  reso- 
nance of  the  parasitic  circuit  inductances  with  the 
MOSFET  gate  capacitance,  so  the  output  of  the 
UC3853  could  be  drawn  below  ground.  Keeping  Rq 
in  the  range  of  30n  to  60Q  prevents  this,  eliminates 
the  need  for  Dq  and  at  the  same  time  provides 
ample  output  current  for  fast  rise  and  fall  times  on 
the  drain  of  the  MOSFET.  It  is  wise  practice  to  leave 
room  for  DQ  on  the  circuit  board  until  it  can  be  ver- 
ified in  the  laboratory  that  it  is  not  needed. 

OVER  CURRENT  PROTECTION 

The  boost  converter  is  inherently  unprotected 
against  any  overload  situation.  Because  the  switch 
is  connected  in  parallel  with  the  input  source,  the 
DC  current  path  through  the  inductor,  diode  and  the 
load  impedance  (parallel  combination  of  Co  and 
RL)  can  not  be  interrupted.  The  result  is  practically 
unlimited  current  flowing  from  the  input  to  the  out- 
put of  the  converter  when  the  output  voltage  falls 
below  the  input  voltage.  This  happens  every 
instance  when  power  is  being  applied  to  the  con- 
verter at  startup  and  when  the  load  requires  more 
power  than  the  circuit  was  originally  designed  for. 
Unfortunately,  these  situations  can  not  be  avoided, 
but  there  are  certain  measures  which  can  protect 
the  circuit  from  a  catastrophic  failure. 

The  diode,  Dgp  in  Figure  6  provides  protection  for 
the  boost  inductor  and  for  the  output  rectifier, 
Dour-  During  the  initial  charging  of  the  output 
capacitor  at  startup  and  in  case  of  an  overload,  a 
high  surge  current  flows  from  the  input  to  the  out- 
put of  the  converter.  This  high  peak  current  would 
flow  through  the  boost  inductor  and  the  very  sensi- 
tive high  speed  epitaxial  diode  used  for  rectifica- 
tion. This  high  surge  current  can  saturate  the  induc- 
tor and  damage  the  diode  causing  a  disastrous  fail- 
ure eventually.  DBP  prevents  the  high  current  flow- 
ing in  the  inductor-diode  path  by  providing  a  lower 
impedance  direct  path  between  the  input  and  the 
output.  The  additional  benefit  of  the  Dgp  diode  is 
the  protection  against  input  voltage  transients. 
When  other  high  power  loads  are  connected  to  the 
same  distribution  branch  of  the  power  line,  their 
turn  off  generates  huge  inductive  spikes  appearing 
at  the  input  of  the  power  factor  corrector  power  sup- 
ply. This  can  cause  the  input  voltage  of  the  boost 
converter  to  be  higher  than  its  output  voltage  even 
under  normal  operating  conditions.  The  voltage 
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spikes  impose  an  increased  voltage  stress  on  the 
input  rectifier  diodes  and  it  might  cause  the  boost 
inductor  to  saturate  depending  on  the  duration  and 
the  amplitude  of  the  line  transient.  The  addition  of 
the  Dgp  diode  clamps  the  input  voltage  to  the  out- 
put capacitor  voltage  which  will  also  absorb  the 
transient  energies  without  passing  high  current 
through  the  boost  inductor  and  rectifier  diode. 

In  normal  circumstances  Dbp  has  no  effect  on  the 
circuit  operation.  Note  that  the  diode  DBP  can  not 
prevent  the  circuit  from  developing  high  currents 
from  the  input  to  the  output.  It  simply  provides  a 
safe  passage  for  the  high  current  to  pass  through 
the  circuit.  Once  the  high  current  is  flowing,  it  has  to 
go  through  the  current  sense  resistor,  Rs-  Higher 
than  nominal  currents  will  develop  negative  voltage 
across  Rs  in  excess  of  the  1V  maximum  value 
used  in  the  design.  Since  the  l^o  current  is  limited 
to  0.5  •  lAC,  the  IMO  pin  of  the  UC3853  will  be 
pulled  below  ground.  This  could  present  a  problem 
for  the  integrated  circuit  because  of  reverse  biasing 
the  substrate.  When  the  IMO  pin  is  pulled  0.3V 
below  ground  (to  -0.3V),  the  OUT  pin  goes  high 
turning  on  the  main  switch  of  the  boost  converter. 
Since  the  current  can  not  be  limited,  the  only  way 
to  avoid  the  parasitic  turn  on  of  the  output  is  to  limit 
the  negative  voltage  on  the  IMO  pin  of  the  IC.  It  is 
accomplished  by  the  Schottky  diode,  D^o  con- 
nected between  the  IMO  pin  of  the  UC3853  and  cir- 
cuit ground,  as  shown  in  Figure  6. 

ABOUT  SYNCHRONIZATION 

Synchronization  of  the  UC3853  oscillator  requires 
a  fast  falling  edge  on  the  FB  pin.  The  minimum 
requirements  for  the  falling  edge  of  the  waveform 
are  that  it  must  have  a  slope  of  at  least  20V/nsec 
and  an  amplitude  of  at  least  1  .OV  Faster  fall  times 
and  greater  amplitudes  are  strongly  recommended. 
The  amplitude  of  the  sync  signal  must  be  kept 
below  3.0V  so  that  the  FB  pin  is  not  driven  below 
ground.  The  sync  signal  must  be  capacitively  cou- 
pled into  the  FB  pin  so  that  the  DC  feedback  is  not 
disturbed  by  the  synchronization.  The  capacitor 
must  be  large  enough  so  that  it  does  not  gain 
enough  voltage  during  the  pulse  to  trip  the  over- 
voltage  comparator  of  the  UC3853  on  the  rising 
edge  of  the  sync  waveform.  These  requirements 
are  easily  met  with  the  circuit  of  Figure  11  as 
shown  below. 

In  most  applications  the  UC3853  will  be  synchro- 
nized to  another  PWM  integrated  circuit  used  to 
control  the  DC  output  voltage  of  the  power  supply. 
A  few  PWM  integrated  circuits,  such  as  the 
UC3526A,  have  inverted  pulse  sync  outputs  and 
these  can  be  interfaced  to  the  UC3853  with  just  a 
small  capacitor.  Other  PWM  circuits  have  an  output 
pulse  which  is  positive  and  has  a  narrow  pulse 


width.  This  signal  needs  to  be  inverted  and  condi- 
tioned to  interface  with  the  UC3853.  If  the  pulse  is 
more  than  100nsec  wide  then  the  signal  must  be 
shortened  as  well.  Some  PWM  integrated  circuits 
do  not  have  a  sync  output  but  these  can  still  be  syn- 
chronized with  a  little  ingenuity  and  a  few  small 
parts. 

A  schematic  of  a  generic  sync  circuit  is  shown  in 
Figure  1 1  .This  circuit  accepts  a  positive  input  pulse 
and  provides  the  correct  output  pulse  to  the  FB  pin 
of  the  UC3853.The  pulse  is  capacitively  coupled  to 
the  FB  pin  through  CsYNC-The  value  of  this  capac- 
itor is  chosen  so  that  the  voltage  change  across  it 
during  a  2.5V  pulse  of  100  nanoseconds  duration  is 
about  1 0OmV.  This  precludes  the  sync  pulse  having 
a  significant  effect  on  the  UC3853  output  voltage.  If 
Rvd  in  Figure  6  is  about  10kQ  then  Csync  wiH  De 
about  220pF.  A  larger  value  for  Csync  maY  De  used 
but  the  capacitor  adds  a  pole  to  the  feedback  loop 
and  the  pole  must  be  kept  above  the  switching  fre- 
quency. The  voltage  divider  Rsvdi  and  RSVD2 
reduce  the  effect  of  the  pole  by  providing  a  com- 
pensating zero  so  their  impedance  must  be  rela- 
tively high.  A  value  of  22kfi  was  chosen  to  present 
a  10k  impedance  to  the  feedback  network  and  thus 
keep  the  additional  pole  and  zero  relatively  close 
together.  The  5V  source  for  the  voltage  divider  is 
supplied  from  another  PWM  integrated  circuit. 

An  NPN  transistor  is  shown  in  Figure  1 1  to  invert 
the  input  signal  and  drive  the  FB  pin  of  the 
UC3853.  Any  fast  general  purpose  small  signal 
transistor  will  work  in  this  application.  The  network 
chosen  for  the  base  of  the  transistor  depends  on 
the  clock  that  it  is  being  interfaced  to.  The  base  net- 
work shown  in  Figure  1 1  allows  the  circuit  to  work 
with  a  wide  variety  of  inputs.  Cst  and  Rst  form  a 
100nsec  time  constant  which  will  limit  the  width  of 
the  sync  pulse  output.  The  resistor  Rsb  and  diode 
Dsb  provide  reset  for  the  sync  input  time  constant. 
A  relatively  fast  rising  edge  on  the  input  pulse  is 
required  for  proper  circuit  operation. 

As  an  example  of  synchronization,  the  sync  circuit 
in  Figure  11  may  be  used  with  the  UC3525B  by 
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connecting  the  sync  circuit  input  to  the  CLOCK  out- 
put. The  UC3525B  has  a  positive  going  clock  pulse 
whose  width  is  equal  to  the  discharge  time  of  the 
timing  capacitor.  If  the  clock  pulse  width  is  small, 
below  100nsec,  the  input  capacitor  to  the  sync  cir- 
cuit, Cst.  may  be  eliminated. 

Figure  12  shows  a  sync  circuit  for  the  UCC3802. 
This  circuit  may  be  modified  for  use  with  other 
PWM  control  circuits  that  do  not  have  an  oscillator 
sync  output.  The  UCC3802  discharges  the  timing 
capacitor  Cj  with  a  1 .8mA  current.  The  sync  circuit 
is  configured  so  that  when  Cj  discharges,  a  nega- 
tive voltage  appears  across  Rst-  The  emitter  of  Qs 
is  connected  here  and  when  the  Cj  is  being  dis- 
charged most  of  the  current  flows  through  Qs  and 
takes  it  into  saturation.  The  collector  of  Qs  is 
connected  to  the  FB  pin  of  the  UC3853  through  the 
same  network  described  above.  The  base  of  Qs  is 
biased  above  ground  because  the  timing  capacitor 
Oj-  will  not  discharge  completely  in  this  circuit  due 
to  the  voltage  offset  of  the  emitter  base  junction  of 
Qs-  This  offset  voltage  changes  the  amplitude  of  the 
oscillator  voltage  and  its  frequency.  By  raising  the 
base  of  Qs  above  ground,  the  offset  voltage  is  mini- 
mized. The  offset  voltage  also  has  a  temperature 
coefficient  and  Ds  compensates  for  this  so  that  the 
oscillator  frequency  drift  over  temperature  will  be 
reduced.  All  of  the  base  components  are  optional  but 
they  do  improve  the  performance  of  the  sync  circuit. 

Further  information  about  synchronization  in  gen- 
eral may  be  found  in  Unitrode  Application  Note  U- 
111.  Several  of  the  circuits  there  may  be  adapted  to 
the  UC3853  synchronization  circuits  shown  here. 

LAYOUT  CONSIDERATIONS 

The  UC3853  is  a  high  speed  circuit  generally  oper- 
ating in  a  high  noise  environment.  It  requires  care- 
ful layout  and  grounding  to  operate  correctly.  A 


ground  plane  extending  at  least  1  inch  on  each  side 
of  the  device  is  recommended  to  control  noise  pick- 
up. Do  not  let  power  currents  in  the  ground  plane 
run  beneath  the  device.  A  split  in  the  ground  plane 
is  acceptable  to  control  the  flow  of  current  and 
divert  it  around  the  device  if  necessary.  It  is  worth- 
while to  keep  low  level  signals  as  far  away  from 
high  noise  signals,  such  as  the  output  gate  drive, 
as  possible.  Good  bypassing  of  the  VCC  pin  is 
essential.  A  0.1  (J.F  ceramic  capacitor  connected 
between  VCC  and  GND  should  be  located  within 
0.5  inch  of  the  UC3853  and  connected  with  short, 
direct  connections.  The  IMO  pin  and  the  FB  pin  are 
especially  sensitive  to  noise  because  they  are  high 
impedance  nodes.  Keep  the  amount  of  printed  cir- 
cuit board  trace  connected  to  these  pins  as  short 
as  possible.  The  total  length  should  be  kept  less 
than  1  inch.  The  general  rule  of  thumb  for  printed 
circuit  board  layout  is  to  place  the  UC3853  in  the 
desired  position  and  then  to  place  the  ceramic 
bypass  capacitor  as  close  to  the  VCC  pin  as  possi- 
ble. Then,  and  only  then,  proceed  with  placing  the 
other  components. 

DISCONTINUOUS  CONDUCTION  MODE  AND 
LIGHT  LOAD  OPERATION 

The  boost  converter  described  in  this  Application 
Note  normally  runs  in  continuous  inductor  current 
mode  but  enters  discontinuous  conduction  mode 
when  the  input  voltage  is  low  and  when  the  load 
current  is  light.  In  discontinuous  conduction  mode 
the  gain  of  the  boost  power  stage  is  reduced  which 
can  lead  to  reduced  performance.  The  UC3853 
uses  an  average  current  control  technique  where 
the  boost  power  stage  is  embedded  in  a  feedback 
loop  that  includes  a  high  gain  opamp  which  com- 
pensates for  the  changes  in  gain.  The  average  cur- 
rent control  loop  regulates  the  input  current  in  the 
converter  and  maintains  the  correct  input  current 
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wave  shape  even  though  the  current  through  the 
inductor  is  not  continuous. 

During  operation  of  the  converter  at  light  loads,  the 
input  filters  can  contribute  phase  shift  to  the  input 
current  that  reduces  the  power  factor.  Careful 
design  is  required  to  maintain  high  power  factor  at 
light  loads.  A  capacitor,  generally  included  after  the 
input  diodes  as  part  of  the  input  filter,  is  necessary 
to  keep  the  high  frequency  ripple  current  from  the 
boost  converter  out  of  the  power  lines.  At  light  loads 
this  capacitor  holds  charge  as  the  input  voltage 
goes  through  zero  volts  and  turns  the  diode  bridge 
off,  introducing  distortion  into  the  input  current.  This 
is  why  the  input  capacitor  value  must  be  carefully 
selected. 

It  is  possible  to  design  a  power  factor  corrector 
using  the  UC3853  which  operates  only  in  discon- 
tinuous inductor  current  mode.  Such  a  converter 
will  have  good  power  factor  and  low  distortion  input 
current  but  it  will  also  have  high  input  ripple  current 
which  must  be  filtered  out  to  pass  EMI 
requirements.  The  design  of  a  discontinuous  con- 
duction mode  boost  power  factor  corrector  is  not 
covered  in  this  Application  Note. 

Another  application  of  the  UC3853  is  with  a  flyback 
converter  to  produce  a  power  factor  corrected  input 
current  and  a  regulated  and,  optionally,  isolated 
output  voltage.  Any  power  factor  corrected  convert- 
er produces  a  sinusoidal  output  current  at  the  sec- 
ond harmonic  of  the  input  line  frequency  so  a  large 
amount  of  filtering  or  secondary  regulation  may  be 
necessary  to  provide  a  useful  output  in  most  appli- 
cations. The  flyback  converter  may  be  operated  in 
either  continuous  or  discontinuous  conduction 
modes.  Both  modes  have  large  amounts  of  high 
frequency  input  current  that  must  be  filtered  out  to 
meet  EMI  requirements  and  the  filter  produces 
phase  shift  of  the  input  current  and  reduces  the 
power  factor.  The  design  of  a  flyback  converter  for 
power  factor  correction  is  not  covered  by  this 
Application  Note  although  the  design  is  not  partic- 
ularly difficult. 

DESIGN  SUMMARY 

This  section  summarizes  the  design  process  for  a 
boost  power  factor  corrector  using  the  UC3853. 
The  100W  design  example  with  "universal"  input 
voltage  range  used  in  the  body  of  this  Application 
Note  is  repeated  here. 

1.  Specifications:    Determine    the  operating 
requirements  for  the  boost  power  factor 
corrector. 
Example: 

pOUTmax  =  100  Watts 

VoUT  =  400VDC 


Line  voltage  range  =  80  to  270VAC 
Line  frequency  range  =  47  to  65Hz 
Maximum  THD  =  5% 
Power  Factor  =  0.99 

2.  Switching  frequency:  The  switching  frequency 
is  fixed  at  75kHz  but  may  be  synchronized  in 
the  range  of  95kHz  to  1 1 5kHz.  See  the  text  for 
further  information  on  synchronization. 

3.  Inductor  selection: 

A.  Find  the  maximum  peak  line  current. 

Assume  Pin  =  Pout  and  use  p  for  tne 
power  rating. 


Ipk 


4~2*  P 
vINmin 


Example: 

V2 "«  100W 
80V 


Ipk 


1 .77Apk 


B.  Find  Al,  the  peak-to-peak  high  frequency 
ripple  current.  See  the  text  for  information 
on  the  selection  of  the  ripple  current.  The 
typical  range  is  15  to  25%  of  Ipk. 

Al  =  0.2  •  Ipk 
Example: 

Al  =  0.2-1 .77Apk  =  0.35Apk-pk 

C.  Find  the  minimum  duty  factor,  D,  at 
vINmin(pk)- Tnis  occurs  at  Ipk. 


V0 

Example: 

400V  -42' 


D  = 


=  0.72 


400V 

D.  Calculate  the  inductor  value. 

L_^2«V|Nmin-D 

fs  *  A' 
Example: 

.       V2  »80V  •  0.72 


75*  103Hz  «0.35A 


=  3.1mH 


Round  this  value  to  3.0mH. 

4.  Output  capacitor  selection:  If  hold-up  time  is 
important  use  the  equation  below.  Typical 


3-598 


APPLICATION  NOTE 


U-1 59 


values  for  a  400V  output  are  1^F  to  2^F  per 
Watt.  If  hold-up  is  not  required,  use  the  second 
harmonic  ripple  voltage  and  capacitor  power 
dissipation  to  determine  the  minimum  size  of 
the  capacitor.  At  is  the  hold-up  time  in  seconds 
and  Vomin  is  tne  voltage  to  which  the  output 
decays  at  the  end  of  the  hold-up  time. 


7. 


2  »  P  ♦  At 

V02-V0min2 


Example:  V0min  is  350V  and  At  is  1 9msec 


Cq  = 


2«100W«19'ig3sec 

(400V)2  -  (350V)2 


100uF 


Current  sense  resistor  selection:  Select  the 
current  sense  resistor  to  give  1.0V  at  the 
maximum  peak  input  current. 


RS  =  - 


"IV 


lpk  + 
Example: 


Al 


—  =  o.5n 


1.77A  +  0.5»0.35A 


Switch  and  diode  selection:  The  switches  and 
diodes  may  be  selected  from  the  table  which 
follows  this  section  or  may  be  chosen  by  any 
other  standard  design  criteria.  The  text 
discusses  selection  criteria. 

The  output  drive  of  the  UC3853  provides  about 
500mA  peak  current.  Choose  Rq  to  limit  the 
current  under  normal  operating  conditions.  A 
value  of  33fi  or  more  will  provide  adequate 
control  of  the  gate  charge  current,  give  good 
rise  and  fall  times  for  small  switches  and 
eliminates  the  need  for  Dq.  If  a  lower  value  of 
RQ  is  chosen,  then  Dq  is  required. 

Input  diode  and  capacitor  selection:  Fast 
recovery  rectifiers  are  recommended  for  D!N. 
The  faster  the  diode  reverse  recovery  the  lower 
the  input  current  distortion  will  be.  Choose  a 
diode  type  rated  for  the  maximum  voltage  at 
high  line  and  for  the  maximum  current  at  low 
line.  It  must  also  have  adequate  power 
dissipation  capability. 

The  choice  of  C|n  is  a  compromise  between 
power  factor  and  EMI  performance.  The  value 
may  not  be  too  large  or  input  distortion 
increases.  The  value  may  not  be  too  small  or 
EMI  increases.  Choose  a  device  which  will 
handle  the  full  high  frequency  ripple  current 
from  the  boost  converter.  A  film  or  ceramic  type 


is  generally  recommended.  See  the  text  for 
further  selection  information. 

8.  Multiplier  set  up:  lAc  is  500nA  maximum.  RAc  is 
determined  by  Ohm's  law. 

R     =  4*'  VlNmax 
AC  0.5«10-3A 


Example: 


>/2«270V 

RAC  =  1  =  764kQ 

0.5  •  10-3A 


Choose  two  standard  value  390W2  resis- 
tors in  series  to  allow  for  voltage  stress  rat- 
ings. 

9.  Current  amplifier  gain  at  the  switching  frequen- 
cy: 

A.  Calculate  AVrs,  the  voltage  change  across 
the  sense  resistor  due  to  the  down  slope  of 
the  inductor  current  if  Vin  =  0  (at  the  zero 
crossing). 

Vp'Rs 

aVrs  =  , — ; — 
L  •  's 


Example: 
AVrs 


400V  •  o.sn 


3«10-3H«75«103Hz 


=  0.89V 


B.  The  gain  of  the  current  amplifier  at  the 
switching  frequency  is  the  ratio  of  the  oscilla- 
tor voltage  and  AVrs-  The  oscillator  voltage 
in  the  UC3853  is  5.0Vpk-pk. 


Gca  = 


VQSC 
AVrs 


Example: 


Gca  = 


5V 
0.89V 


5.625  (15.0dB) 


10.  Current  amplifier  compensation: 

A.  Rmq  selection:  RMq  =  3.9W2 

B.  Rcz  selection:  Rcz  sets  the  gain  of  the 
amplifier  at  the  switching  frequency. 

CZ  =  GCA  '  RMO 

Example: 

Rcz  =  5.625  •  3.9kO  =  22kn 

C.  Cqz  selection:  Calculate  the  unity  gain 
crossover  frequency  of  the  current  loop  if 
Ccz  were  not  present. 


o 


a 
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»CI< 


Vp  »  Rs  »  Rcz 
vOSC  •  2  •  it  •  L  •  RMO 


Example: 

400V«0.5n-22-103n 


fci 


5V«2«Tf3«10-3H«3.9«103£J 
=  12*  103Hz 


Choose  the  value  of  Ccz  to  have  an  imped- 
ance equal  to  or  less  than  Rcz  at  fo 


cCZn 


1 


7l",c' 


Example: 

CcZrr 


1 


2'7c«12«103Hz«22«103n 
=  600  •  10-1 2p 

Choose  a  larger  value  of  capacitance  to 
increase  the  phase  margin.  Ccz  =  680pF. 
D.  Cqp  selection:  The  Ccp  and  Rcz  pole  must 
be  greater  than  the  switching  frequency. 

1 


CcPmax  - 
Example: 

CcPmax  = 


2  •  7i  •  fs  •  RCz 

 1  

2'7c'75«103Hz»22«103n 

100*  10-12F 


Choose  a  smaller  i 
CCp  =  68pF 


of  capacitance. 


1 1 .  Harmonic  Distortion  Budget:  The  allocation  of 
the  allowed  THD  among  the  main  error  sources 
is  somewhat  arbitrary.  The  feedforward  voltage 
contributes  1%  third  harmonic  distortion  for 
each  1%  second  harmonic  on  the  bias  supply 
to  the  UC3853.  The  voltage  loop  contributes 
0.5%  third  harmonic  distortion  for  each  1% 
second  harmonic  voltage  on  the  output. 

Example:  The  specification  is  for  5%  THD 
maximum.  2%  is  allocated  to  the  feedforward 
voltage,  2%  is  allocated  to  the  voltage  control 
loop  and  1%  to  miscellaneous  sources. 

12.  Voltage  amplifier:  The  voltage  loop  amplifier  is 
a  transconductance  amplifier  so  its  compensa- 
tion is  a  bit  different  from  other  types 
of  amplifiers. 

A.  Voltage  Divider:  RV|  and  Rvd-  This  voltage 
divider  sets  the  DC  output  voltage.  The 


UC3853  reference  voltage  is  3.0V.  Choose  a 
value  for  Ryo  and  calculate  the  value  for  Ryi 
from  the  equation. 


Rv,  =  Rvd-(^  -.1.) 
Example: 

Choose  Rvd  =  10kn. 

(400V  \ 
 1  =L3«io6n 
3V  / 


Choose  two  standard  value  620kI2 
resistors  in  series  for  Rvi  to  allow  for  the 
resistor  voltage  rating. 

Solve  for  a  parallel  resistance  to  Rvd  to 
get  correct  output  voltage. 

Rvi  •  VFB 

RvD=Vc^ 

Example: 

R        1.24.1Q6n.3V  =  937.  103a 
400V  -  3V 

This  is  10kn  in  parallel  with  150kfi. 

B.  Voltage  divider  gain:  The  gain  of  the  voltage 
divider  is  given  from  the  following  equation: 

Vfb 


GVD  = 


v0 


Example: 


GVd  = 


_3V_ 
400V 


:  0.0075  (-42.5dB) 


C.  Output  ripple  voltage:  Output  ripple  voltage 
is  given  by  the  following  equation  where 
fLmin  is  the  minimum  line  frequency.  Low 
line  frequency  will  give  the  greatest  value 
°f  V0pk- 


°Pk    2« 7c. 2.^.00^0 


Example: 
vOpk 


100W 


2  •  7c  •  2  •  47Hz  •  100  •  1f>6F  •  400V 
=  4.2V 

D.  Amplifier    Gain:    This    gain  calculation 
includes  the  gain  of  the  voltage  divider.  The 
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input  range  to  the  multiplier  is  the  active 
range  of  the  amplifier  output  voltage  on  the 
UC3853.  AVcomp  is  4.5V  on  the  UC3853. 
The  %ripple  used  in  the  equation  below  is 
the  amplitude  of  the  ripple  at  the  output  of 
the  voltage  amplifier  as  a  percentage  of 
AVcomp  ar,d  tne  percentage  is  twice  that 
specified  for  second  harmonic  voltage  since 
the  ripple  is  reduced  by  half  in  the  power 
circuits.  The  equation  uses  %ripple  in  its 
numeric  form. 


GV  = 


AVcomp  *  %ripple 
vOpk 


Example: 

4.5V  •  0.04 


Gv  =  - 


=  0.043  (-27.3dB) 
4.2V 


The  gain  of  the  voltage  error  amplifier 
alone  is  Gv  divided  by  the  gain  of  the 
voltage  divider. 


GVEA  = 
Example: 


Gvd 


GvEA=o^  =  5-73(15-2dB) 

E.  Amplifier  Compensation:  A  network  connect- 
ed from  the  output  of  a  transconductance 
amplifier  to  ground  determines  its  gain  and 
frequency  response.  The  gain  of  the  amplifier 
is  set  for  loop  stability  without  regard  to  DC 
gain  or  THD.  Those  considerations  come 
next.  The  gain  of  the  amplifier  is:. 

Gvea  =  Gm  *  Xcvc 

Where  Gm  is  the  transconductance  of  the 
UC3853  voltage  amplifier  as  specified  in  the 
data  sheet  as  485nS.  Xcvc  is  tne 
impedance  of  CVc  at  the  second  harmonic 
of  the  line  frequency  (2  •  f|_min)-  Solve  the 
equation  for  Xcvc  tnen  convert  the  imped- 
ance to  a  capacitance  value. 


CVC  : 


gm 


2  •  *  5  2  •  fLmin  •  GVEA 
Example: 


CVC  = 


485-10-6S 


2«7t»2«47Hz«5.73 


=  0.15»10-6F 


F.  Unity    Gain    Voltage    Loop  Crossover 
Frequency:  The  unity  gain  frequency  of  the 


now  completed  voltage  control  loop  is  found 
next.  The  following  equation  gives  the 
frequency  at  which  the  loop  gain  is  equal  to 
one.  Solve  for  fV|. 


2  = 


P*GM*GVD 


(2  •  jc)2  •  c0  •  cVc  *  AVcomp  •  Vo 


Example: 
fvl=  2^' 


100W  •  485  •  10-6S  •  0.0075 


100  •  10-6F  •  0.15  •  10-6F  •  4.5V  •  400V 
18.6Hz 


G.  Rvc:  Rvc  is  added  to  the  loop  compensation 
to  give  a  pole  at  fyi-  The  value  of  Rye  is  the 
resistance  equal  to  the  impedance  of  Cyc  at 
fvi-  This  gives  approximately  45°  of  phase 
margin.  A  smaller  value  of  Rye  wiH  increase 
the  phase  margin  at  the  expense  of  loop 
bandwidth. 


Rvc  : 


1 


2  •  7i  •  fvi  •  CVc 


Example 
Rvc 


1 


2 '7f  18.6Hz  «0.15»10-6F 

=  57«103fi 

The  closest  standard  value  is  56kfi. 

H-  cvcz:  cvcz  is  added  in  series  to  RVc  to 
break  the  DC  current  path  from  the  output  of 
the  voltage  error  amplifier  to  ground 
because  the  limited  current  capability  of  the 
transconductance  amplifier  stage.  The  zero 
added  to  the  loop  compensation  increases 
the  DC  regulation  of  the  output  at  the 
expense  of  increased  peak-to-peak  voltage 
excursions  during  transients.  This  zero 
introduced  by  Cvcz  mLJst  be  set  at  least  two 
octaves  below  fci  to  maintain  a  reasonable 
phase  margin.  The  value  of  Cvcz  musi  there- 
fore be  at  least  four  times  the  value  of  CVc- 

Cvcz  =  4  *  Cvc 
Example: 

CvcZmin  =  4  •  0.1 5nF  =  0.6nF 

Choose  Cvcz  =  1  -O^F  to  give  increased 
>e  margin. 
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13.  Voltage  Feedforward:  The  feedforward  voltage 
comes  from  the  bias  supply  Vff.  which  is 
supplied  by  a  winding  on  the  inductor.  For  the 
example  converter,  the  turns  ratio  is  set  to  give 
10.5VDC  with  minimum  input  voltage  after  all 
parasitic  losses  are  taken  into  account.  The 
second  harmonic  ripple  voltage  must  be  held  to 
2%  peak  of  VpFmin  according  to  the  THD  bud- 
get in  step  #10  above.  The  numeric  value  of 
THD  is  used  in  the  equation.  See  the  text  for  fur- 
ther information.  The  peak-to-peak  ripple  volt- 
age is  given  by: 

VR  =  7i«VFF«THD 

Example: 

VR  =  7i  •  10.5V  •  0.02  =  0.66Vpk-pk 

The  current  drawn  by  the  control  circuits  is 
about  15mA.  The  value  of  CFF  is  9iven  by: 


exceed  the  bias  current  of  the  UC3853  or  VFF 
will  not  track  the  input  voltage  and  feedforward 
will  be  lost.  The  value  of  RB  may  not  be  too 
large  or  the  delay  between  the  application  of 
power  and  the  start  of  the  circuit  will  be  too 
long.  If  the  current  through  Rb  is  less  than 
500nA  at  low  line  the  circuit  will  never  start.  A 
1sec  delay  at  low  line  is  chosen  as  the 
maximum  value.  This  is  an  arbitrary  decision 
within  the  guidelines  given. 


Rb 


tDELAY  VINm 

Vff  *  CFF 
Example: 

1sec-VF»80V 


RB  = 


1 1.5V*  270  •  10-6F 


36«103n 


CFF: 


'FF 


Vr  •  2  •  fLmin 
Example: 

0.01 5A 


Cff: 


0.66V«2«47Hz 


=  242»10-6F 


Choose  a  standard  value  of  270|jF. 

14.  Starting  Resistors:  Cff  must  De  charged  to 
11.5V  to  start  the  UC3853  and  it  is  trickle 
charged  from  ViN  by  the  current  through  RB. 
The  current  through  RB  at  high  line  must  not 


Split  this  into  two  18kn  resistors  because  the 
voltage  at  high  line  is  greater  than  250V  peak. 
At  high  line  this  gives  6.8mA  of  bias  current 
which  is  less  than  IFf  (15mA)  so  this  value  is 
acceptable. 

15.  This  completes  the  design  of  the  boost  power 
factor  corrector. 

INDUCTOR  DESIGN 

The  3.0mH  inductor  may  be  built  as  follows: 

Core:  Micrometals  T1 57-8/90  —  OD  =  1.57in. 

ID  =  0.95in.  Ht  =  0.57in.  m  =  35 
Main  winding:  250  turns  #20AWG 
Auxiliary  winding:  25  turns  #28AWG 


Pout 

25 

50 

75 

100 

125 

150 

200 

(Watts) 

L 

12 

6.0 

4.0 

3.0 

2.5 

2.0 

1.5 

(mH) 

Co 

25 

50 

75 

100 

125 

150 

200 

(nF) 

Rs 

2.0 

1.0 

0.68 

0.5 

0.39 

0.33 

0.25 

(n) 

CIN 

0.22 

0.5 

0.68 

1.0 

1.0 

1.0 

1.0 

(HF) 

Q 

IRF820  — 

— >  I  RF830  - 

 >| 

DESIGN  TABLE  FOR  "UNIVERSAL"  INPUT  VOLTAGE  RANGE 


Dour 


MUR160  >l 

BYV26C  >l 


MUR460  >l 

BYM26C  >l 


MUR860  >l 


Din 


1 N4005 • 
1 N4937 ■ 


->l  MR856  — 
->l  BYW95C 


>l 


Note:  The  values  of  the  control  circuit  components  remain  the  same  and  do  not  change  with  power  output 
as  long  as  the  main  component  values  are  selected  from  the  table.  The  control  circuit  components  do 
change  value  under  several  circumstances:  1)  The  main  component  values  are  different  from  those  given 
in  the  table.  2)  The  input  voltage  range  or  frequency  range  is  different  from  that  specified  for  the  example 
converter.  3)  The  THD  budget  is  different.  4)  The  output  voltage  is  different. 
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The  core  is  an  iron  powder  toroid.  The  two  windings 
must  be  phased  properly  for  correct  operation  of 
the  converter.  The  main  winding  is  best  wound  with 
bank  or  progressive  winding  rather  than  layer  wind- 
ing. Progressive  or  bank  winding  starts  at  one  point 
on  the  core  and  winds  progressively  around  the 
core  until  all  the  turns  are  in  place.  A  small  amount 
of  backing  up  is  required  to  get  the  wires  to  lay 
evenly  on  the  core.  The  object  is  to  get  the  turn-to- 
turn  voltage  to  be  as  low  as  possible.  This  reduces 
the  effective  capacitance  of  the  winding  and 
increases  the  resonant  frequency  as  well  as  elimi- 
nating the  possibility  of  corona  in  the  winding.  The 
auxiliary  winding  needs  to  be  insulated  from  the 
main  winding  and  is  wound  outside  the  main 
winding. 

HEAT  SINK 

The  switch  in  the  example  converter  dissipates 
approximately  8W  at  low  line  input.  The  heat  sink  is 
an  Aavid  529802  and  has  a  thermal  resistance  of 

5°C/W. 
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APPENDIX  A:  WHAT  IS  POWER  FACTOR? 

If  a  resistor  is  connected  to  a  sinusoidal  AC  power 
line,  the  current  will  be  sinusoidal  and  it  will  be  in 
phase  with  the  voltage.  Any  deviation  from  this 
ideal  results  in  distortion  of  the  current  waveform. 
The  apparent  power  delivered  to  the  load  is  the 


sum  of  the  real  power  and  the  distortion.  The  ratio 
of  the  apparent  power  delivered  to  the  load  and  the 
real  power  delivered  is  the  power  factor  and  has  a 
value  between  zero  and  one.  The  current  through  a 
purely  resistive  load  has  no  phase  shift  and  no  har- 
monic distortion  and  so  has  a  power  factor  of  1.0. 
Power  factor  is  given  by  the  following  equation: 

pF  _  Real  Power 
vrms  *  !rms 

The  distortion  of  the  input  current  has  two  compo- 
nents, a  linear  component  which  is  the  phase  shift 
between  the  voltage  and  current  and  a  non-linear 
component  which  is  the  harmonic  distortion  of  the 
current  waveform.  The  above  equation  for  power 
factor  may  be  solved  for  the  phase  distortion  and 
the  result  becomes: 

PF  =  cos(0) 

Where  ©  is  the  angle  between  the  voltage  sinusoid 
and  the  current  sinusoid.  This  is  the  classic  defini- 
tion of  power  factor  as  used  by  electric  utilities  and 
it  is  the  major  form  of  distortion  created  by  linear 
circuits  such  as  motors. 

The  equation  for  power  factor  may  also  be  solved 
for  the  harmonic  distortion  and  the  equation 
becomes: 

PF=  1=_ 
■J  1  +  (THD)2 

Where  THD  is  the  Total  Harmonic  Distortion  of  the 
current.  This  equation  is  the  one  with  which  we  are 
most  concerned  in  power  electronics. 

In  a  typical  power  electronics  application  the  sinu- 
soidal voltage  from  the  power  line  is  rectified  and 
filtered  to  produce  a  high  DC  voltage  which  is  then 
changed  by  a  DC/DC  converter  to  some  other  volt- 
age which  is  useful  to  the  system.  The  current  from 
the  rectifier  and  input  filter  generally  has  little  phase 
shift  but  has  much  distortion.  A  choke  input  filter  will 
produce  a  square  wave  input  current  with  a  power 
factor  of  about  0.9  and  a  THD  near  50%.  A  capaci- 
tor input  filter  will  produce  a  train  of  sharp  current 
spikes  with  a  power  factor  near  0.5  and  THD  over 
100%.  A  power  factor  corrected  input  will  produce  a 
sinusoidal  current  which  has  a  power  factor  of 
greater  than  0.99  and  harmonic  distortion  well 
below  5%  at  nominal  load. 

Power  factor  correction  is  required  in  much  of  the 
European  Community  for  many  electronic  prod- 
ucts. Power  factor  correction  simplifies  the  distribu- 
tion of  electric  power  and  thus  reduces  the  cost  to 
the  consumer.  It  is  expected  that  the  requirement 
for  power  factor  correction  will  grow  in  the  future. 


APPLICATION  NOTE 

The  boost  power  factor  corrector  is  a  boost  con- 
verter whose  control  circuit  programs  the  input  cur- 
rent to  be  proportional  to  the  input  voltage  and  thus 
the  input  impedance  appears  resistive.  It  is  the 
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most  common  type  because  the  boost  converter 
has  continuous  input  current  and  thus  requires  the 
least  amount  of  filtering  for  the  switching  frequency 
ripple  current. 
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Simple  Circuit  Modifications  Enhance  Optocoupler  Performance 

by  Philip  Cooke 


The  optocoupler  is  often  used  in  pulse-width- 
modulated  power  converters  to  transmit  an  error 
signal  across  an  isolation  boundary.  This  error 
signal  is  used  on  the  primary  side  to  close  the 
control  loop.  A  phototransistor  within  this  optocou- 
pler has  a  large  collector  to  base  area  in  order  to 
efficiently  detect  the  photons  of  light  emitted  from 
the  photodiode.  This  large  area  makes  a  good 
detector  but  it  increases  the  collector  to  base 
capacitance.  Larger  capacitance  adversely  effects 
the  bandwidth  of  the  optocoupler  by  introducing  a 
phase  lag,  even  at  low  frequencies,  in  the  small  sig- 
nal model  of  the  compensation  circuit.  Figure  1 
shows  a  typical  optocoupler  feedback  scheme 
using  a  Texas  Instruments  TL431  Adjustable  Shunt 
Regulator  and  a  Siemens  optoelectronics  IL207 


optocoupler.  As  the  output  voltage  (Vq)  drops 
below  its  nominal  value,  due  to  a  sudden  increase 
in  load,  the  photodiode  current  decreases.  This 
decrease  causes  the  emitter  voltage  on  the  photo- 
transistor  to  decrease  which  increases  the  duty 
cycle  of  the  modulator.  The  higher  duty  cycle 
restores  the  output  voltage  to  its  nominal  value.  The 
type  of  compensation  (I,  PI,  etc)  on  the  error  ampli- 
fier is  dependent  on  the  PWM  control  method 
(i.e.,  voltage  mode  or  current  mode)  and  the  power 
circuit  topology.  In  all  cases  the  bandwidth  and 
phase  of  the  phototransistor  can  effect  the  stability 
of  the  power  supply.  It  is  the  intent  of  this  applica- 
tion note  to  present  test  data  on  circuit  configura- 
tions which  show  improvements  in  the  bandwidth 
performance  of  a  common  optocoupler. 
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Figure  1.  Typical  Error  Amplifier  Feedback  with  Optocoupler 
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Figure  2.  Data  Collected  for  Test  1  with  RBE  Connected,  Data  Collected  for  Test  2  with  RBE  Not  Connected 


A  test  circuit,  shown  in  Figure  2,  was  used  to 
measure  the  gain  and  phase  of  an  IL207  optocou- 
pler  along  with  the  error  amplifier  of  a  UC3823AN 
PWM  controller.  The  integrators  in  the  compensa- 
tion circuit  of  Figure  1  were  left  out  and  a  common 
ground  was  used  in  all  of  the  test  circuits  in  order 
to  simplify  the  measurements.  The  negative  dc 
supply  voltage  (VNEq)  was  adjusted  before  each 
test,  with  the  VAc  node  grounded,  to  get  about  2 
Vdc  at tne  output  of  the  error  amplifier  (Vea.out)- 
A  Ridley  Engineering,  Inc.  AP102A  Network 
Analyzer  (produces  a  swept  sine  wave  source  and 
has  two  input  channels  to  measure  the  ac  transfer 
function  of  a  network)  was  used  to  measure  the 
frequency  response  for  each  test  circuit.  During  the 
tests  an  oscilloscope  was  used  to  ensure  that 
clipping  or  nonlinearities  did  not  occur  at  the  out- 
puts of  the  two  amplifiers.  The  results  for  test  1  are 
shown  in  Figure  3.  While  the  noise  at  20kHz  was 
later  isolated  to  a  power  supply  used  in  the  testing, 
its  effect  on  the  data  is  minimum  and  it  was  used 
for  all  the  tests  to  maintain  consistency.  The  gain  in 
Figure  3  shows  a  -3dB  frequency  of  about  45.9kHz 
and  a  phase  of  -70.1°  at  this  point.  One  would 
expect  a  single  pole  -3dB  to  have  a 
-45°  phase  shift,  therefore  this  circuit  is  not  mod- 
eled accurately  by  a  simple  RC  filter.  Realizing  that 
the  phase  lag  introduced  by  the  optocoupler  can 
steal  away  phase  margin  from  the  overall  power 


supply  control  loop,  it  is  clear  that  the  optocoupler 
is  phase  limited  with  respect  to  bandwidth.  A  goal 
of  this  application  note  is  to  illustrate  the  impor- 
tance of  the  phase  limitations  that  optocouplers 
have  in  power  supply  feedback  loops.  To  this  end 
other  circuit  topologies  will  be  presented  to  improve 
the  effective  frequency  bandwidth  of  a  given  opto- 
coupler. Note  that  the  effective  frequency  band- 
width can  be  considered  as  a  figure  of  merit  for  an 
optocoupler  and  should  be  less  than  the  phase 
margin  of  the  power  supply  control  loop.  If  -15°  is 
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Figure  3.  Gain  and  Phase  for  Figure  2  Circuit  with 
RgE  Not  Connected 
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Figure  4.  Gain  and  Phase  for  Figure  2  Circuit  with 
RBE  =300kn 


arbitrarily  selected  as  this  phase  it  is  obvious  that 
the  -3dB  point  on  the  optocoupler  transfer  gain 
curve  (Figure  3)  will  be  at  a  higher  frequency. 

As  mentioned  above  the  designer  should  keep 
the  control  loop  crossover  frequency  below  the 
effective  opto  bandwidth  to  ensure  enough  phase 
margin  and  thus  power  supply  stability.  For  the 
case  of  the  data  shown  in  Figure  3  the  -15°  phase 
point  reveals  an  effective  opto  bandwidth  of 
8.56kHz.  In  contrast  the  -3dB  point  yields  a  much 
higher  frequency  value  of  45.9kHz.  The  8.56kHz 
frequency  may  be  fine  for  some  designs  but  others 
may  need  up  to  30kHz  or  more  of  effective  opto 


bandwidth  to  support  a  higher  crossover  frequency. 
Techniques  to  improve  this  effective  bandwidth  will 
be  introduced  shortly. 

By  adding  a  300kfi  base-to-emitter  resistor  in  the 
circuit  of  Figure  2,  test  2  results  where  obtained 
and  are  shown  in  Figure  4.  The  added  base-to- 
emitter  resistor  is  often  used  to  reduce  noise, 
typical  in  optocouplers  that  have  the  optotransistor 
base  connection  brought  out  to  an  IC  pin.  From  the 
data  graphed  in  Figure  4  it  is  clear  that  the  RBe 
resistor  also  increases  the  effective  bandwidth  by 
about  9%  relative  to  test  1 . 

The  circuit  shown  in  Figure  5  was  used  to  collect 
data  for  tests  3  and  4.  Graphs  of  the  responses 
are  shown  in  Figures  6  and  7  respectively.  These 
tests  have  the  inverting  input  of  the  error  amplifier 
(E/A)  disconnected  from  the  emitter  terminal  of  the 
phototransistor  and  a  resistor  added  between 
these  points.  The  goal  is  to  observe  the  effects  of 
using  the  error  amplifier  in  a  topology  which  allows 
dc  gain  (however,  unity  gain  was  used  in  the  test 
results  presented  here).  With  this  configuration  the 
effective  opto  bandwidth  for  tests  3  and  4  actually 
decreased  from  tests  1  and  2  by  a  factor  of  approx- 
imately 8,  thus  implying  that  the  virtual  ground  at 
the  emitter  of  the  phototransistor  was  useful  in 
increasing  the  bandwidth  of  the  system.  Note  that 
for  isolated  power  supplies  the  compensation  gain 
could  be  realized  on  the  TL431  side  (secondary 
side).  Therefore,  setting  up  the  error  amplifier  (on 
the  primary  side)  for  nearly  unity  gain  or  less  is  not 
a  problem.  In  fact,  all  of  the  compensation  could  be 
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Figure  5.  Data  Collected  for  Test  3  with  RBE  Not  Connected,  I 


t  4  with  RBE  Connected 
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Figure  6.  Gain  and  Phase  for  Figure  5  with  Rbe  =  Figure  7.  Gain  and  Phase  for  Figure  5  with  Rbe 

300kn  Not  Connected 


done  at  the  adjustable  shunt  regulator.  For  the  final 
test  circuit  the  error  amplifier  is  used  with  the  opto- 
transistor  to  realize  the  widest  bandwidth  from  the 
optocoupler  device. 

The  circuit  shown  in  Figure  8  was  used  for  tests  5 
through  9.  The  base  of  the  phototransistor  is  con- 
nected to  the  feedback  resistor,  Ftp.  An  increase  in 
the  effective  opto  bandwidth  and  the  -3dB  band- 
width is  seen  in  this  optocoupler  circuit.  The  photo- 
transistor  has  a  component  of  base  current  provid- 
ed by  the  photodiode  and  another  component  of 
current  by  the  base  connection  to  the  feedback 
resistor.  For  small  signal  conditions  the  base  to 


emitter  junction  is  forward  biased.  Large  signal 
characteristics,  as  would  be  seen  under  power  sup- 
ply start  up  or  current  limit  conditions,  were  not 
investigated.  In  tests  5  through  9  different  dc  gains 
were  achieved  by  varying  the  values  of  FtF  and  RE, 
the  feedback  and  optotransistor  emitter  resistors.  In 
some  cases  a  3.3pF  capacitor  had  to  be  put  in  par- 
allel with  the  Rp  resistor  to  prevent  oscillation. 
Depending  upon  a  given  power  supply  design  a 
capacitor  of  approximately  220  pF  could  be  used  in 
parallel  with  Rp  to  prevent  oscillations. 

Test  results  indicate  that  the  maximum  practical 
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Figure  8.  Circuit  Used  in  Tests  5  Through  9,  Data  Results  Shown  in  Figures  9  through  13 
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Figure  9.  Gain  and  Phase  for  Figure  8, 
FtF  =  22.1  kn  and  RE  =  22.1kn 


overall  dc  gain  of  the  error  amplifier  is  about 
7dB  (test  9).  As  mentioned  above,  the  dc  gain 
required  in  the  compensation  network  for  the  power 
supply  can  be  realized  with  the  TL431  so  the 
7dB  limit  does  not  present  a  system  limitation. 
The  maximum  measured  effective  opto  band- 
width of  25.5kHz  was  achieved  for  the  values 
of  Ftp  =  22.1  kn  and  RE  =  22.1  kT2,  as  graphically 
depicted  in  Figure  9.  This  is  a  frequency  improve- 
ment of  about  three  to  one  relative  to  test  1  using 
the  same  optocoupler  device.  All  the  test  results 
are  summarized  in  Table  1  below. 


SUMMARY 

The  often  unknown  effective  opto  bandwidth  for  a 
power  supply  design  may  cause  stability  problems. 
Potential  variation  in  optocoupler  parameters  from 
manufacturer  to  manufacturer  in  addition  to  part-to- 
part  variations  should  be  of  concern  to  the  designer 
in  terms  of  closing  the  loop.  The  compensation 
circuit  reviewed  in  this  application  note  can  reduce 
the  phase  lag  effects  introduced  by  the  optocoupler 
by  shifting  the  effective  opto  bandwidth  higher  in 
frequency  by  a  factor  of  about  three.  This  circuit  can 
be  used  to  help  ensure  that  the  variations  in  opto- 
coupler parameters  from  lot-to-lot  will  have  less 
impact  on  the  power  supply  closed  loop 
performance. 
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(V) 

VAC 
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(kHz) 
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Rbe 

(kn) 

Phase 
at  -3dB 
point  (°) 

"dc  Gain" 
(dB,  at 
100Hz) 

Graph 
Figure 
Number 

Circuit 
Figure 
Number 

Rf 
(kn) 

Re 
(kn) 

1 

-1 .44 

49.8 

8.50 

45.9 

NC 

-70.1 

21.0 

3 

2 

2 

-2.28 

49.8 

9.33 

53.6 

300 

-75.3 

24.3 
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NC 
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NC 

-58.2 

-24.7 

9 

8 

22.1* 

22.1 
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-2.32 

49.8 

17.9 

>100 

NC 

<-79.4 

-4.39 

10 
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221* 

22.1 
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-4.07 
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18.5 

>100 

NC 

<-78.3 

-2.13 

11 

8 

221* 

2.25 

8 

-2.06 

198 

24.3 

>100 

NC 

<-59.1 

5.54 

12 

8 

750 

22.1 

9 

-1.95 

198 

21.0 

>100 

NC 

<-68.1 

7.56 

13 

8 

1000 

22.1 

Notes:    VfrA,  NINV  =  2.49V  and  Vcc  =  1 5.0V  for  all  tests. 
NC  =  Not  Connected. 
*  means  RF  with  3.3pF  in  parallel. 

Table  1.  Summary  of  Test  Data 


3-609 


APPLICATION  NOTE 


U-160 


Figure  10.  Gain  and  Phase  for  Figure  8, 
RF  =  221knand  RE  =  22.1kn 


Figure  12.  Gain  and  Phase  for  Figure  8, 
Rp  =  750kn  and  RE  =  22.1  kn 


Figure  11.  Gain  and  Phase  for  Figure  8, 
Rp  =  221  kfi  and  RE  =  2.25kn 
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Figure  13.  Gain  and  Phase  for  Figure  8, 
RF=  1Mn  and  RE  =  22.1kn 
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POWERING  A  35W  DC  METAL  HALIDE  HIGH  INTENSITY  DISCHARGE  (HID)  LAMP 
USING  THE  UCC3305  HID  LAMP  CONTROLLER 

by  Ron  Fiorello 

Unitrode  Corporation 

ABSTRACT 

High  Intensity  Discharge  (HID)  metal  halide  lamps  are  being  used  in  more  and  more  applications  where 
lamp  color,  long  life  and  efficiency  are  important.  From  automotive  and  industrial  lighting  to  theatrical  and 
stage  lighting,  HID  promises  to  be  the  light  of  the  future.  HID  lamps  offer  many  advantages  over  many 
other  types  of  discharge  lamps  because  of  their  luminous  efficiency  (their  ability  to  convert  electrical  power 
to  visible  light)  and  the  color  of  the  light  output  is  closer  to  an  ideal  source  (the  sun)  then  other  types  of 
discharge  lamps  i.e.;  low  pressure  sodium,  high  pressure  sodium  etc. 

The  purpose  of  this  application  note  is  to  demonstrate  the  use  of  the  UCC3305  HID  lamp  controller  IC. 
Information  is  presented  on  a  design  example  to  help  the  user  better  understand  all  of  the  controllers  many 
features. 


INTRODUCTION 

The  following  section  specifies  typical  design 
requirements  necessary  of  an  HID  ballast  which 
would  be  powering  a  DC  headlamp  in  an  automotive 
application.  The  headlamp  used  in  this  application  is 
a  35W  DC  metal  halide  lamp  manufactured  by 
OSRAM/SYLVANIA. 

Input  Voltage  Requirements  -  9  to  16VDC 

Startup  Requirements  -  Must  run/startup  down  to 
6VDC 

Protection/Fault  Monitor-  Protection  against  input 
overvoltage,  output  open  circuit  and  output  short 
circuit. 

Power  Regulation  -  Regulate  power  to  the  lamp 
within  +5%  over  a  lamp  voltage  variation  of  60  to 
100VDC. 

Lamp  Ignition  Voltage  -  Provide  an  open  circuit 
voltage  of  greater  then  500VDC  at  start-up  in  order 
to  ignite  the  lamp. 

Efficiency -greater  than  85%. 

Cold  Start  -  The  light  output  on  initial  start-up  must 
be  within  a  window  as  specified  by  SAE  J2009. 

Hot  Restrike  -  The  ballast  must  be  able  to  proper- 
ly light  the  lamp  when  hot  without  a  cool  down  peri- 
od. 


The  load  presented  to  the  ballast  by  the  lamp  is 
non-linear.  Before  ignition  occurs,  the  lamp  draws 
very  little  current  from  the  ballast.  The  ballast  sees 
essentially  an  open  circuit  on  its  output  at  start-up. 
The  open  circuit  voltage  feeds  an  ignitor  circuit 
(internal  to  the  lamp)  which  steps-up  the  voltage  in 
order  to  provide  the  approximately  20kV  ignition 
voltage  necessary  for  the  lamp.  Upon  ignition, 
metals  and  gases  inside  the  lamp  are  ionized  caus- 
ing the  lamp  voltage  to  collapse.  During  ionization, 
the  lamp  will  require  significant  current  from  the 
ballast  to  properly  establish  and  maintain  the  arc 
discharge.  During  this  time,  the  current  into  the 
lamp  must  also  be  controlled  to  protect  the  lamp 
electrodes  [1]. 

The  initial  start-up  power  into  the  lamp  is  higher 
then  its  steady  state  value.  This  is  necessary  in 
order  to  get  the  light  output  up  to  75%  of  its  steady- 
state  value  within  2  seconds,  which  is  a  require- 
ment for  an  automotive  application  as  specified 
under  SAE  J2009.  The  lamp  voltage  right  after  the 
glow  to  arc  transition  varies  from  lamp  to  lamp  but 
is  usually  between  20  and  40VDC.  As  the  lamp 
warms  up  and  the  internal  pressure  inside  the  arc 
tube  increases,  the  voltage  begins  to  rise  and  will 
gradually  reach  a  steady-state  value  of  between  60 
and  110VDC  after  150  seconds.  This  depends  on 
the  age  of  the  lamp.  A  typical  steady-state  voltage 
of  this  type  of  lamp  is  between  75  and  90VDC. 
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Figure  1.  Power  Regulation  Loop 

Optimal  converter  topology 

The  optimal  converter  topology  for  this  application 
would  meet  the  following  requirements; 

1)  Output  voltage  that  is  capable  of  being 
higher  then  input  voltage. 

2)  Low  input  current  ripple  for  reduced  input 
filter  requirements 

3)  High  efficiency 

4)  Minimal  number  of  magnetic  components 

5)  Minimal  number  of  power  semiconductors 
There  are  a  few  candidate  topologies  which  meet 
some  of  the  above  requirements.  The  best  choice 
for  this  particular  application  is  the  SEPIC  converter 
which  meets  all  of  the  above  requirements  for  a 
35W  lamp.  The  schematic  of  this  circuit  is  shown  in 
Figure  2  [2], 

The  UCC3305  HID  controller 

The  features  of  the  UCC3305  HID  controller  are 
outlined  below: 

•  OV  input  protection 

•  Output  fault  protection/timing 

•  Power  regulation  vs.  lamp  voltage 

•  Lamp  start-up/cool  down  simulation 

•  Current-mode  control 

•  Fixed  frequency  operation 

•  DC  or  AC  lamp  drive  capability 

•  High  current  drive  capability 

•  On  board  charge  pump  to  provide  gate  drive 
down  to  6VDC 

•  Adjustable  start-up  to  steady-state  current 
ratio 


Below  is  a  summation  of  the  different  functional 
blocks  of  the  UCC3305  and  their  major  electrical 
characteristics; 

VCC/OV  Protection/VREF/VBOOST  Block 

VCC  Maximum  Voltage  -  8  Volts 

Must  bypass  with  0.1  uF  to  1  .OnF  Ceramic 

Monolithic  Capacitor  as  close  to  the  IC  as  possible 

OV  Threshold  -  Internal  Comparator  with 
reference  voltage  tied  to  internal  5V.  OV  threshold 
adjustable  with  external  resistor  divider 

VREF: 

5.0V  Trimmed  Bandgap  Reference 

Must  bypass  with  0.1  uF  Low  ESR  Capacitor  as 

close  to  the  IC  as  possible 

VBOOST  Max  Voltage  -  12  Volts 
Supplies  drive  for  output  drive  stage 
Must  bypass  with  0.1  ^F  to  1^F  Ceramic 
Monolithic  Capacitor  as  close  to  IC  as  possible 

Output  Drive  Stage: 

PWMOUT: 

1.0A  Peak  current  drive  capability 
Q  and  Q  not  outputs 

Outputs  to  drive  external  bridge  via  external 
MOSFET  drivers  Output  frequency  is  fs/512 
At  lamp  start,  outputs  are  disabled  via  RC  from 
NOT-ON  and  DIV.  PAUSE 
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Oscillator: 

OSC: 

Sawtooth  Oscillator  with  Programmable 
Frequency  D^ax  frorn  0%  t0  1 0°O/° 
With  RSET  =  150k,  Fs  ~  22xe-6/COSc 
Maximum  operating  frequency  is  300kHz 


Vref-KvVq 


R2 


■  Amplifiers: 

LOADSENSE,  LPOWER,  COMP  AND  FB 

The  LOADSENSE  amplifier,  the  main  error  amplifier 
and  its  external  associated  resistors  and  capacitors 
will  determine  where  the  peak  of  the  power  curve 
occurs  as  well  as  the  shape  of  the  frequency 
response  of  the  ballast.  Below  is  an  analysis  of  this 
operational  block  based  on  the  35W  DC  lamp  in  an 
attempt  to  show  how  the  power  curve  of  the  ballast 
is  determined  for  this  particular  application. 

From  the  simplified  schematic  of  this  loop  shown  in 
Figure  2  below,  the  power  curve  equation  is  deter- 
mined as  follows; 

Power  curve  equation 

From  the  simplified  schematic  of  the  power  regulation 
loop,  shown  in  Figurel,  the  currents  l<  and  I2  can  be 
found  as  follows; 


Kv«Vo+K|.|0 

'2=   R1  

where  Kv  and  K|  are  the  proportionality  constants 
for  voltage  and  current  respectively;  since 

li  =  l2 

Vref-KvVq  KvV0+K|»lo 
R2  "  R1 

rearranging  the  above  equation  and  solving  for  lQ, 

Krl0  =  (VREF-KvV0)«  51  -KV'V0 
l0  =  [(VREF  -  KV  •  V0)  •  ~  -  KV  •  Vo]  •  1 


smce 


Po  =  v0  •  lo 

substituting  the  expression  found  for  Iq  into  the 
power  equation, 





C26 


I 


330a  180pF 


IR24 
5  50 
C6 

j4;.«fF  l_££; 

400V 

i  4.7 


.  .C8  tL3 
—  O.lpFC  820|JH 

IN5819 





, — 13  □ — □ — 0-  -g  [3 — , 

PWMOUT     I  SENSE  IN     BAT  SENSE  POWER  FB 


COMP  VOSENSE 


-f»)v 


WARM-UP  SLOPE 


PUMPOUT  c  C  ISET      OSC  FLTC 

h — -m  n---Tj^--B----0||----S — P--O--LT 


100k  T,5ooF  T 


UDG-96240 


Figure  2.  35W  DC  HID  Ballast  Schematic 
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The  expression  for  P0i  is  valid  for  lamp  voltages  from  60  to  1 05V.  The  expression  for  P02  is  valid  for  lamp 
voltages  above  105V  (This  is  due  to  the  limiter  block  inside  the  UCC3305).  Above  approximately  105V,  the 
lamp  will  be  driven  in  a  constant  current  mode  which  results  in  the  straight  line  for  power  vs.  lamp  voltage 
as  shown.  The  output  power  can  be  regulated  with  a  variation  of  less  than  ±5%  from  a  nominal  of  34. 5W 
with  a  lamp  voltage  variation  from  60  to  1 10V. 

As  the  lamp  ages,  the  voltage  will  normally  increase  due  to  the  lamp  electrode  material  erosion  over  time. 
Therefore  it  is  beneficial  to  limit  the  current  available  to  the  lamp  above  a  certain  voltage. 

Figure  3.  Calculated  Power  Curve  vs.  Lamp  Volt 
Osram/Sylvania  Lamp 


JCC3305  Controlled  35W  Ballast  Powering  DC  Metal  Halide 


P0: 
where 


Vo 


[Vref  ' 


m 

R2 


Kvv0-(1  +  51)] 


Req  = 


RA  +  RB 


from  block  diagram  of  UCC3305,  where  1/120  is 
the  voltage  divider  attenuation  ratio.  REQ  is  the 
parallel  combination  of  the  100k  and  the  5.35k 
internal  resistors. 


1 

120 


REQ 


RA  =  100k 
RB  =  5.35k 


REq+  7.85k 


REQ  =  5.078  •  K 
Kv  »  0.0032 
K,  =  0.75 

K|  is  equal  to  the  current  sense  resistor  value 

Substituting  the  values  found  for  the  constants  Kv 
and  K|  and  the  actual  resistor  values  used  in  the 
circuit  into  the  power  equation,  the  power  curve  can 
be  plotted  for  a  range  of  lamp  voltages  as  shown  in 
the  figure  below. 

Kv  =  0.0032 
Rl  =  4.7k 
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K|  =  0.75 

R2  =  16k 

V01  =60,  65.. 110 

VREF  =  2.5 

V02  =  110,  115.. 120 

PVo(1)=^«[(^)-Vref-KV.V01 

Current  sense  comparators/amplifiers 

The  INPUT  ISENSE  comparitor/amplifier  inside  the 
UCC3305  provides  cycle  by  cycle  current  control 
as  in  a  typical  peak  current-mode  controller.  An 
added  feature  allows  the  user  to  program  the  start- 
up to  steady-state  current  ratio  of  this  current.  This 
allows  the  ballast  to  provide  increased  power  to 
the  lamp  at  start-up  in  order  to  get  the  lamp  light 
output  up  to  its  steady-state  level  as  quick  as  pos- 
sible. The  simplified  schematic  of  this  section  is 
shown  in  Figure  4  below. 


By  the  addition  of  an  external  resistor  from  the  ADJ. 
pin  to  ground,  this  ratio  can  be  programmed.  At  the 
instant  of  start-up,  the  output  of  the  limiter  is  at 
zero  volts  since  the  WARMUPC  capacitor  has 
not  charged.  Because  of  this,  the  inverting  input 
to  amplifier  A1  is  at  ground  with  20nA  •  Radj 
volts  on  its  non-inverting  input.  As  an  example,  if 
Radj  =  150k. tnen  tne  voltage  at  the  non-inverting 
input  is  3V. 

V°<->  =  -(fik)-10k 

VOH  =  -^)*10k  +  VW 
where 

V0(+)  =  the  contribution  of  the  non-inverting 
input  to  Vq  of  A1 

Vq(_)  =  the  contribution  of  the  inverting  input 
to  V0  of  A1 

V(+)  =  the  voltage  at  the  non-inverting  input 
of  A1 

u      (+>   v83k      '      u  v83k' 
on  start-up, 

- 

V(_)  =  0 

so; 

V0  =  3.36  Volts 


ISENSEIN 
I  123] 
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CURRENT  LIMITING 


-a 


WARM-UP  V 


Figure  4.  Current  Sense  /  Limit  Block 


3-615 


APPLICATION  NOTE 


U-161 


The  current  sense  threshold  is  then; 


3.36 
10 


The  current  which  flows  thru  the  feedback  resistor 
of  the  load  sense  amplifier  is; 


Vs  =  0.336  Volts 
This  translates  to  a  peak  switch  current  at  start-up  of; 

=  a36 
p"  0.02 

lP  =  16.8  Amps 

This  current  threshold  will  gradually  decrease  as 
the  WARMUPC  capacitor  charges  up  to  10V. 

The  limiter  limits  the  inverting  input  of  A1  at  steady- 
state  to  5V.  The  current  limit  at  this  point  is  then; 

V0  =  3.36  -  0.6 

V0  =  2.76  Volts 

|P=  o^76 

F  0.02 

lP  =  13.8  Amps 

The  switch  current  in  the  SEPIC  converter  is  a 
combination  of  the  input  inductor  current  plus 
the  reflected  load  current.  At  steady-state,  9  V|n, 
the  peak-to-peak  current  thru  the  output  rectifier 
is  approximately  1A.  This  reflects  back  to  the 
primary  as  6A  into  the  switch  plus  3.1  Amps  from 
the  inductor.  The  total  current  thru  Q1  is  then 
9.1  Amps. 

Output  current  limit  on  start-up 

From  Figure  2  the  start-up  current  limit  into  the 
lamp  can  be  determined.  On  start-up,  the 
WARMUPV  pin,  which  is  a  buffered  version  of 
WARMUPC,  is  at  ground.Therefore,  the  two  27k 
resistors  are  in  parallel  resulting  in  an  equivalent 
resistance  of  13.5k.  The  current  that  flows  from  FB 
to  ground  is  then; 


2.5 
13.5k 


h = 185nA 

The  voltage  at  the  output  of  the  load  sense  amplifi- 
er is  then; 

VLS=  185nA»  16k  +  2.5V 
VLS  =  5.46V 


5.46  -  0.30 
12k 


lLS  =  430nA 

Assuming  that  the  current  which  flows  thru  the 
feedback  resistor  also  flows  thru  the  inverting  input 
resistor,  the  voltage  across  the  output  current 
sense  resistor  is; 

Vcs  =  0.30  -(430nA«  5.1k) 
Vcs=  1.89V 

(the  negative  sign  of  the  voltage  is  ignored  since 
this  is  defined  as  positive  current) 


1.89 
0.83 


lL  =  2.3  Amps 

This  defines  the  maximum  startup  current  which 
flows  into  the  lamp  at  ignition.  The  current  into  the 
lamp  will  decay  exponentially  due  to  the  voltage 
charging  characteristic  of  the  WARMUPC  and 
SLOPEC  capacitors.  The  current  will  decay  to  a 
steady-state  value  of  approximately  450mA  after  a 
period  of  time  given  by  the  time  constant  of  the 
internal  50  Meg  resistor  and  the  capacitor  placed 
from  the  SLOPEC  pin  to  ground.  In  this  example, 
the  time  to  steady-state  is  150  seconds  from: 

t  =  50  exp(6)  •  Cslopec 

The  capacitors  used  for  the  SLOPEC  and 
WARMUPC  functions  must  have  low  leakage  char- 
acteristics since  they  are  charged  from  nanoamp 
current  sources  internal  to  the  IC.  Any  significant 
amount  of  leakage  current  caused  by  these  com- 
ponents will  have  an  effect  on  the  output  power  reg- 
ulation characteristic  of  the  ballast. 

Slope  compensation  resistor 

Slope  compensation  in  the  UCC3305  is  provided  by 
the  addition  of  an  external  resistor  in  series  with  the 
INPUT  ISENSE  pin.  This  resistor  adds  a  portion  of 
the  oscillator  ramp  into  the  current  sense  signal  to 
provide  the  necessary  slope  compensation  for  duty 
cycles  exceeding  50%.  The  amount  of  slope 
compensation  that  is  needed  is  dependent  on  the 
topology  used  as  well  as  the  inductor  values  chosen. 
In  the  SEPIC  converter,  both  input  and  output  induc- 
tors need  to  be  considered  when  determining  how 
much  slope  compensation  is  necessary. 
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The  current  sense  comparator  compares  the  current 
sense  signal  to  the  output  of  the  error  amplifier  to 
determine  the  duty  cycle  of  the  power  switch  [3]. 
V|,  the  voltage  at  the  current  sense  resistor  can  be 
determined  as  follows 

V,  =  R,-(^)-(loAV  +  M2.t) 
Ml 

+  Rl  OlN  +  ~2    '  toFF) 

where; 

Ns  =  number  of  turns  of  secondary  winding 
of  L2 

Np  =  number  of  turns  of  primary  windings 
of  L2 

Rl  =  current  sense  resistor 

Loav  =  secondary  average  output  current 

M2  =  down  slope  of  secondary  current  thru  L2 

Mi  =  down  slope  of  primary  current  thru  L1 

Iin  =  average  input  current 

t0FF  =  off  time  of  switch 


v,  =  R,-(^)-(W 


M2.(T-toN)) 


R|  Din 


Mi 

2 


(T-bN)] 


The  first  term  is  the  contribution  of  the  output 
current  thru  L2  (output  inductor)  to  the  current 
sense  resistor.  The  second  term  is  the  contribution 
of  the  input  current  thru  L1  (input  inductor)  to  the 
current  sense  resistor 

This  signal  is  set  equal  to  the  voltage  at  the  output 
of  the  error  amplifier.  This  results  in  the  following 
equation  after  rearranging  terms; 

ULoAV  =  VEA  +  t0N 

•(-=!  »R|  +  R|  rr5  'M2-m) 

Np 


I  M1      -r     o       >.  t 

-  'in-  ~y  ,t*  Ri  -  M2*T 

In  order  to  eliminate  the  possibility  of  subharmonic 
oscillations,  the  term  which  multiplies  tGN  should 

duty  cycle. 

Ns 

"2"  *R|  +  Rr  n^'M2  =  M 


From  the  simplified  schematic  of  the  current  sense 
circuit; 


10  •  exp(-6) 

where  S  is  defined  as  the  slope  of  the  oscillator  ramp. 
Substituting  the  following  values  into  the  equation  for 
RP  will  allow  us  to  determine  the  value  of  the  slope 
compensation  resistor. 

M2  =  178571 
Ns  =  60 
M1  =  178571 
NP  =  10 
Rl  =  0.01 
S  =  181818 


RP  =  _?_ 


Ns 

'  R'  '  Np 


Rl  •  M2 


R4: 


0.064 
50k 


R3  is  the  slope  compensation  resistor  and  R4  is  the 
internal  50kn  resistor; 


RP  = 


R3 


p  ~  R3  +  R4 


R3  =  0.064  • 


R3  =  3.419k 


R4 


1  -  0.064 


Therefore,  the  slope  compensation  resistor  chosen 
must  be  greater  than  3.42k  in  order  for  stable  con- 
verter operation  at  duty  cycles  which  exceed  50%. 

Frequency  response  of  the  power  regulation 
loop 

The  frequency  response  of  the  ballast  is  deter- 
mined by  analysis  of  the  power  regulation  loop. 
Since  it  is  really  the  output  current  that  is  being  reg- 
ulated and  not  the  output  voltage  (any  change  in 
output  voltage  is  attenuated  by  1/120),  the  analysis 
can  be  simplified  by  modeling  the  power  stage  as  a 
voltage  controlled  current  source  with  some 
transconductance  gain  G^-  This  assumption  is 
valid  for  a  loop  cross  over  frequency  below  reso- 
nance of  the  power  stage  which  is  approximately 
10kHz. 


< 

u 
-I 
a 
a 
< 
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The  transconductance  gain,  GM,  can  be  found  as 
follows; 


Alp 
AVE 


The  output  current  is  converted  to  a  voltage  by  the 
output  current  sense  resistor.  The  gain  of  the  power 
stage  is  then; 

R  R  Al0 
Gp  =  R|s^vi 

or; 

GP  =  R|S  GM 
where;  R|S  =  the  load  sense  resistance  (0.75C1) 
AIq  =  load  current  change  (500mA) 
AVg  =  error  amp  voltage  change  (5V) 
GP=  -22.5dB 

The  loop  response  must  now  be  tailored  for  good 
power  regulation  (high  DC  gain)  and  adequate 
phase  and  gain  margin  at  the  loop  crossover 
frequency.  The  gain  of  the  LOAD  SENSE  amplifier 
is  restricted  due  to  the  fact  that  gain  of  this  stage 
effects  the  power  curve  characteristic  as  shown  in 
above  analysis  of  the  power  curve  equation. 

The  LOADSENSE  amplifier  should  be  set  up  as  an 
integrator  so  that  it  can  filter  out  switching  frequency 
noise  from  the  control  loop.  The  pole  frequency  was 
chosen  to  be  at  1  kHz  to  give  good  rejection  of  the 
switching  frequency  noise.  This  results  in  a  capaci- 
tor value  of  0.01  nF.  The  low  frequency  gain  of  this 
amplifier  is  set  to  7.5dB.  The  combination  of  this 
gain  and  the  power  stage  gain  results  in  -15dB  of 
low  frequency  gain  with  a  pole  at  1kHz. 

The  response  can  now  be  tailored  with  the  main 
error  amplifier.  A  zero  must  be  added  in  the  ampli- 
fier response  at  some  mid-band  frequency  so  that 
the  DC  gain  for  the  overall  loop  is  as  high  as  possi- 
ble. The  high  frequency  gain  of  this  amplifier  must 
be  well  below  OdB  to  ensure  adequate  gain  and 
phase  margin  for  the  open  loop  gain.  Since  the 
16kfi,  resistor  has  been  determined  from  the 
power  curve  characteristic  desired,  only  the  feed- 
back resistor  value  can  be  chosen.  If  this  resistor  is 
chosen  so  that  the  high  frequency  gain  is  to  be  less 
then  -20dB  for  good  gain  margin,  or  the  feedback 
resistor  value  of  1kn,  the  capacitor  value  can  then 
be  determined.  If  a  zero  frequency  of  3.4kHz  this 
assumed,  this  will  give  an  adequate  low  frequency 
gain  boost.  From  this,  the  value  of  the  capacitor  can 
now  be  determined  to  be  0.047^iF.  The  gain  and 


phase  margin  with  these  component  values  is 
greater  than  20dB  and  60  degrees,  respectively. 

CIRCUIT  EXAMPLE: 

A  9  to  16VDC  input  SEPIC  converter  powering  a 
35W  OSRAM/SYLVANIA  DC  lamp  was  built  and 
tested.  Data  on  efficiency,  power  curve  and  various 
oscillagrams  of  current  and  voltages  in  the 
power/control  circuit  were  taken  and  are  discussed. 

Magnetics  Design 

L1 

The  input  inductor  L1,  is  designed  based  on  the 
same  criteria  as  a  boost  inductor.  Energy  is  stored  in 
L1  during  the  on  time  of  Q1  and  transferred  during 
the  off  time.  L1  is  designed  to  operate  in  the  contin- 
uous mode  with  low  current  ripple.  At  9  Vin  with  36W 
of  output  power  and  a  converter  efficiency  of  85%, 
the  average  input  current  is  4.7  Amps.  If  a  total  peak- 
to-peak  ripple  current  of  2  Amps  is  assumed  the 
inductance  of  L1  can  be  found.  But  before  we  can 
calculate  the  inductance  required,  the  minimum  and 
maximum  duty  cycle  must  be  found  so  that  the 
maximum  and  minimum  on  time  of  Q1  can  be 
determined.  The  SEPIC  converter  has  a  DC  transfer 
function  of; 

Vo^N-n^; 

The  turns  ratio,  n  can  be  found  from  the  maximum 
acceptable  voltage  stress  on  Q1.  The  stress  on 
Q1  is  the  sum  of  the  capacitor  voltage  plus  the 
reflected  secondary  voltage.  The  capacitor  voltage 
is  essentially  equal  to  V|N,  so; 

Vds  =  V,n+  ~; 

The  worst  case  output  voltage  on  startup  of  the 
lamp  is  restricted  to  500V,  since  this  voltage  will  be 
reflected  back  to  the  drain  of  Q1 .  The  turns  ratio 
must  be  chosen  so  that  the  drain  voltage  never 
exceeds  its  maximum  rating.  A  IRF1310  was 
chosen  for  this  application  in  part  because 
of  its  45mn  on  resistance  and  VDS  =  100V. 
Calculating  the  turns  ratio  at  V|N  =  16V;  n  is  then 
found  to  be  5.8.  A  turns  ratio  of  6  is  used. 

The  maximum  duty  cycle  can  now  be  determined 
from  the  DC  transfer  function.  To  find  the  maximum 
duty  cycle,  the  worst  case  steady-state  lamp  voltage 
is  used  of  110VDC  at  V|N  =  9V.  Lamp  voltages 
between  60  and  110V  will  be  within  the  power 
regulation  range  of  the  ballast.  Lamp  voltages 
outside  of  this  range  will  be  operated  in  the 
constant  current  mode.  Therefore; 
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DMIN  =  0.38 

For  a  switching  frequency  of  100kHz,  toN  max  = 
6.7nS,  t0N  MIN  =  3.8(iS 

The  inductance  based  on  toN  max  at  VIN  MIN  can 
be  calculated; 

L1=  9'6J^  =  30uH. 

L1  consists  of  30T  of  19AWG  wound  on  a 
Micrometals  E100  -18  core. 

L2 

The  voltage  across  the  primary  winding  of  L2  when 
Q1  is  on,  is  for  all  practical  purposes,  equal  to  the 
input  voltage  (neglecting  voltage  ripple  on  the 
capacitor)  since  the  series  capacitor  is  switched 
across  the  primary.  The  inductance  of  the  primary 
winding  is  chosen  based  on  the  peak  current 
desired  (it  is  desired  that  the  inductor  current  is 
continuous).  The  peak  current  chosen  is  based  on 
a  tradeoff  between  the  voltage  stress  on  Q1  and 
minimal  number  of  turns  to  minimize  the  leakage 
inductance  which  in  turn  means  reducing  the  num- 
ber of  layers  of  windings.  If  the  peak  current  thru  L2 
is  restricted  to  3. OA,  the  primary  inductance  can 
then  calculated  as; 


L2  : 


The  inductance  of  L1  and  L2  could  have  been  set 
equal  to  each  other.  This  would  have  made  both 
inductors  "easy"  to  integrate  on  the  same  core.  This 
was  not  attempted  here  because  of  leakage  induc- 
tance concerns  between  the  primary  and  sec- 
ondary windings  of  L2. 

The  number  of  turns  for  L2  can  now  be  determined 
based  on  the  particular  core  geometry  chosen.  The 
area  product  (AP)  required  is  found  from; 

L  •  Ip-*  Irms 


AP  = 


:  0.362  cm2 


Kf'J'Bm 

This  is  based  on  the  following  parameters; 
B  =  0.1T  L  =  20nH  lP  =  4.7A 

J  =  450A/cm     K  =  0.4  lRMS  =  5.2A 
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(10T  is  used  since  this  will  easily  fit  in  one  layer 
with  the  desired  core  and  wire  gauge  chosen) 

This  ferrite  core  must  be  gapped  since  it  stores 
energy.  It  is  desired  that  the  total  gap  be  placed  in 
the  center  leg.  The  gap  is  calculated  from; 


uq  •  uR  .  Np2«  AE 


=  12.56  »10-7 


0.89  •  100 


0.56mm  =  0.02  in 


0.020mH 

The  secondary  turns  can  be  calculated  from  the 
turns  ratio  as  60T.  The  core  used  for  L2  has  a 
center  leg  gap  of  0.022  in.  Multifilar  wire  is  used  for 
both  the  primary  and  secondary  turns  to  minimize 
the  copper  losses.  The  winding  sequence  used  was; 
primary-secondary-primary-secondary-primary. 

Performance  data 

Performance  data  on  the  ballast  is  presented  in  the 
following  curves  showing  efficiency  and  the  mea- 
sured power  curve.  Oscillograms  of  Q1  voltage  and 
current  are  also  given  as  well  as  startup  character- 
istics of  the  lamp  voltage  and  current.  The  maxi- 
mum efficiency  achieved  was  86.2%  at  a  lamp  volt- 
age of  100V.  The  efficiency  decrease  after  this 
point  is  due  to  an  increase  in  output  power  which 
occurs  at  lamp  voltages  above  100  to  105V.  The 
lamp  cold  start  voltage  and  current  waveforms  are 
shown  with  a  time  base  of  50mS  and  1  Sec.  As  can 
be  seen,  the  ballast  output  voltage  is  600V  before 
lamp  ignition.  Once  the  lamp  ignites,  the  voltage 
collapses  and  the  lamp  current  increases  to  2A. 
Eventually,  the  lamp  voltage  begins  to  increase 
and  the  current  decreases.  They  will  arrive  to  their 
steady-state  values  of  80  to  90VDC  and  450mA 
respectively  after  approximately  150  seconds. 
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Figure  5.  Efficiency  and  Power  Curve  of  35W  HID  Ballast 
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Figure  6.  Ballast  Output  Voltage  and  Current 
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Figure  7.  Ballast  Output  Voltage  and  Current 
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Figure  8.  MOSFET  (Q1 )  Gate  and  Drain  Voltage  at  Steady  State 
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Figure  9.  MOSFET  (Q1)  Drain  Voltage  and  Current  at  Steady  State 
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Figure  10.  Output  Rectifier  (D1)  Current  at  Steady  State 
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Figure  11.  Ballast  Hot  Restrike  Voltage  and  Current 
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35W  HID  BALLAST  PARTS  LIST 

REF  DES 

PART  DESCRIPTION 
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CONCLUSION  REFERENCES 

The  performance  data  presented  of  a  typical 
UCC3305  HID  lamp  controller  application,  demon- 
strated it  to  be  a  excellent  means  of  controlling  a 
35W  DC  metal  halide  HID  lamp.  The  power  regula- 
tion and  efficiency  achieved  using  the  SEPIC 
converter  topology  proved  it  to  be  a  good  alterna- 
tive to  other  conventional  circuit  topologies  for  an 
automotive  lighting  application.  The  many  protec-  SUPPLY  DESIGN.  Mc  Graw-Hill,  Inc 
tion  and  control  features  of  the  UCC3305  simplify 
the  task  of  the  ballast  designer  considerably, 
making  it  an  economically  feasable  choice  for  AC 
as  well  as  DC  HID  lamp  applications. 


[11  Waymouth:  ELECTRIC  DISCHARGE  LAMPS 
M.l.T.  PRESS,  Cambridge  Mass. 

[2]  Lloyd  Dixon,  "High  Power  Factor  Preregular 
Using  Sepic  Converter",  Unitrode  Power  Supply 
Seminar  SEM1 100. 

[3]  Abraham  Pressman:  SWITCHING  POWER 
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UNITRODE  CORPORATION  APPLICATION  NOTE  U-163 

THE  UC3902  LOAD  SHARE  CONTROLLER  AND  ITS  PERFORMANCE 
IN  DISTRIBUTED  POWER  SYSTEMS 

by  Laszlo  Balogh 
Unitrode  Corporation 


UC3902  APPLICATIONS 

The  current  demanded  by  large  electronic  systems 
continuously  rises  due  to  higher  performance  and 
increased  functionality.  At  the  same  time,  supply 
voltages,  especially  in  digital  circuits,  are  falling  to 
previously  unprecedented  low  levels.  The 
combination  of  higher  load  currents  and  low  supply 
voltages  impose  difficult  requirements  on  the  power 
distribution  and  in  most  cases,  forces  a 
higher  voltage  distribution  bus  with  local  voltage 
conversion. 

Users  of  distributed  power  systems  are  seeking 
reliable  and  economic  solutions  to  supply  their 
loads.  A  modular  approach,  where  stand  alone 
power  supplies  are  utilized  for  local  power  conver- 
sion, is  widely  accepted  in  these  applications.  The 
power  rating  of  the  individual  converters  are  usu- 
ally limited  by  the  available  height,  board  space 
and  by  the  limitation  on  volumetric  heat 
dissipation.  High  current  loads  are  supplied  by 
several  parallel  connected  power  supplies.  In 
addition  to  higher  currents,  the  parallel  modules 
can  also  offer  redundancy,  an  important  factor  to 
achieve  reliable,  uninterrupted  operation  and 
extended  life  expectancy  in  these  systems. 

Parallel  connected  power  supplies  require  a 
dedicated  control  mechanism,  called  load  share 
circuitry  to  assure  full  utilization  of  the  system.  The 
purpose  of  a  load  share  controller,  like  Unitrode's 
UC3902,  is  to  provide  for  equal  distribution  of  the 
load  current  among  the  parallel  connected  power 
supplies.  By  equalizing  the  output  currents,  uniform 


thermal  stress  of  the  individual  modules  is  also 
ensured  which  has  the  utmost  importance  for  long 
term  reliability  of  electronic  components. 

For  the  UC3902  to  work  properly,  the  modular 
power  system  has  to  consist  of  power  supplies 
which  possess  their  own  feedback  circuits. 
Furthermore,  the  stand  alone  modules  have  to  be 
equipped  with  true  remote  sense  capability  or  with 
an  output  voltage  adjustment  terminal.  Each 
module  must  have  its  own  load  share  controller. 
The  operating  principle  of  a  load  share  mechanism 
is  to  measure  the  output  current  of  each  individual 
module  and  to  be  able  to  modify  the  output  voltage 
of  the  units  until  all  participating  power  supplies 
deliver  equal  output  currents.  It  is  accomplished  by 
the  UC3902  integrated  circuits  which  are  connect- 
ed to  the  common  load  share  bus  and  adjust  the 
positive  sense  voltage  (or  the  voltage  of  the  output 
voltage  adjust  pin)  of  their  respective  modules  to 
provide  equal  load  current  sharing. 

UC3902  BLOCK  DIAGRAM 

The  UC3902  is  an  8-pin  integrated  circuit.  Its  sole 
purpose  is  to  provide  the  load  sharing  function  for 
existing  power  supplies.  The  chip  incorporates  only 
the  building  blocks  required  for  load  sharing.  Tight 
regulation  of  the  converters'  output  voltage  is  not 
anticipated  with  this  circuit.  In  fact,  the  UC3902  per- 
forms just  the  opposite  task  by  finely  adjusting  the 
regulated  output  voltage  of  the  converters  to  match 
all  output  currents  evenly. 
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Figure  1.  UC3902  Block  Diagram 


A  unique  advantage  of  the  UC3902  is  its  differential 
load  share  bus.  This  architecture  greatly  enhances 
the  noise  immunity  of  the  system.  Figure  1  shows 
the  block  diagram  of  the  load  share  controller. 

The  IC  consists  of  a  current  sense  amplifier,  a 
share  bus  driver  and  sense  amplifier  pair,  an  error 
amplifier,  a  buffer  stage  called  adjust  amplifier,  and 
housekeeping  circuit  which  provides  internal  bias 
and  the  on-chip  reference  for  the  circuit. 

The  UC3902  has  an  inverting  current  sense  amplifier 
with  the  gain  of  40.  The  output  of  the  current  sense 
amplifier  is  proportional  to  the  output  current  of  the 
power  supply  it  is  connected  to.  It  provides  the  input 
signals  to  the  load  share  bus  driver  amplifier  and  to 
the  inverting  input  of  the  error  amplifier.  Because 
the  share  driver  amplifier  is  configured  for  unity 
gain,  the  voltage  on  the  output  of  the  share  driver 
amplifier  also  equals  the  output  voltage  of  the  cur- 
rent sense  amplifier.  When  this  voltage  is  the  high- 
est potential  among  the  parallel  connected  load 
share  controllers,  i.e.  the  unit  delivers  the  highest 
output  current,  the  module  acts  as  the  master  unit. 
The  output  of  the  share  driver  amplifier  of  the  mas- 
ter also  determines  the  voltage  on  the  share  bus.  In 
the  case,  where  this  voltage  is  lower  then  the  share 
bus  voltage,  i.e.  the  module  supplies  less  current 
than  any  one  of  the  other  units  in  the  system,  the 
share  controller  will  behave  as  a  slave.  The  output 
of  the  share  driver  amplifier  of  the  slave  controllers 


is  disconnected  from  the  share  bus  by  the  diodes  in 
series  with  their  respective  outputs. 

The  share  sense  amplifier  measures  the  voltage  on 
the  differential  share  bus  and  provides  the  signal 
for  the  noninverting  input  of  the  error  amplifier. 
Similar  to  the  share  driver  amplifier,  this  circuit  has 
a  gain  of  1  which  is  fixed  internally.  Consequently, 
the  output  voltage  of  the  share  sense  amplifier 
always  corresponds  to  the  highest  output  current 
level,  delivered  by  the  master  unit  in  the  system. 

A  transconductance  amplifier  is  utilized  for  the  error 
amplifier  function  in  the  UC3902.  If  a  feedback 
network  were  connected  between  the  output  and  the 
inverting  input  of  the  error  amplifier,  the  output  current 
representation  would  be  inaccurate.  The  transcon- 
ductance amplifier  allows  the  feedback  network  to 
be  connected  from  the  amplifier  output  to  the  ground 
which  preserves  the  authenticity  of  the  current  signal 
at  the  inverting  input  of  the  error  amplifier.  Also  note 
that  this  type  of  amplifier  requires  a  voltage  difference 
between  its  inverting  and  noninverting  inputs. 
Furthermore,  the  transconductance  amplifier  has 
high  input  and  output  impedances.  Instead  of  the 
usual  low  impedance  voltage  source  output  of 
operational  amplifiers,  this  circuit  has  a  high  imped- 
ance current  source  output.  Accordingly,  the  gain  is 
defined  as  transconductance  (AA/)  but  it  can  be 
converted  back  to  the  general  WV  gain  term  by 
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multiplying  the  transconductance  of  the  amplifier 
(Gm)  with  the  impedance  of  the  compensation 
network  (XCOmp)- 

The  steady  state  output  voltage  of  the  error 
amplifier  is  the  function  of  the  voltage  difference 
between  the  outputs  of  the  current  sense  and  the 
share  sense  amplifiers.  When  a  particular 
controller  works  as  the  master  in  the  system  this 
voltage  difference  is  zero.  To  guarantee  the  correct 
state  of  the  error  amplifier,  a  50mV  offset  is  insert- 
ed in  series  with  the  inverting  input.  This  artificial 
offset  will  ensure  zero  volts  at  the  output  of  the 
error  amplifier  when  the  unit  is  the  master  module. 
All  slave  controllers  will  develop  a  non  zero  error 
voltage  at  the  output  of  the  transconductance 
amplifier  which  is  proportional  to  the  difference 
between  the  output  current  of  the  respective  power 
supply  and  the  output  current  value  of  the  master 
module  represented  on  the  share  bus. 

The  output  voltage  of  the  error  amplifier  is  used  to 
adjust  the  output  voltage  of  the  power  converter  to 
balance  the  load  current  among  the  parallel 
connected  modules.  This  is  done  by  the  adjust 
amplifier  and  its  companion  NPN  transistor.  The 
adjust  amplifier  provides  signal  conditioning  for  the 
error  signal  and  its  output  drives  a  NPN  transistor 
which  is  configured  as  a  programmable  current 
source.  A  resistor  from  its  emitter  to  ground  and  the 
error  voltage  defines  the  current,  lADJ,  which  flows 
through  a  resistor  connected  between  the  ADJ  pin 
of  the  load-share  controller  and  the  positive  output 
terminal.  The  I^dj  current  causes  a  voltage  drop 
across  the  resistor  which  requires  the  power  supply 


to  increase  its  output  voltage.  The  resulting  higher 
power  supply  output  voltage  increases  the  output 
current  of  that  particular  module  until  the  output 
current  levels  equal  out  among  the  units.  At  that 
point  load  sharing  has  been  established. 

UC3902  LOAD  SHARE  CONTROLLER  DESIGN 

The  UC3902  load  share  controller  requires  only  a 
few  external  components.  Before  the  values  of 
these  components  can  be  calculated,  the  DC/DC 
converter  module  parameters  must  be  reviewed 
and  some  application  specific  limits  have  to  be 
determined.  There  are  three  parameters  which 
must  be  known;  Vq.nom  is  the  nominal  output 
voltage  of  the  converter,  Io.max  is  tne  maximum 
current  delivered  by  the  unit  and  AVQimax  is  tne 
maximum  adjustment  range  of  the  output  voltage. 
The  output  voltage  adjustment  can  be  accomplished 
by  using  either  the  positive  sense  terminal  or  the 
adjust  pin  of  the  DC/DC  converters  and  it  is  usually 
limited  by  the  design  of  the  modules.  Depending  on 
the  output  current  level,  the  allocated  voltage  drop 
and  the  allowed  power  dissipation,  the  current 
sense  resistor  can  be  selected.  Since  the  UC3902 
is  operational  from  2.7V  to  20V,  in  most  cases  the 
IC  is  powered  directly  from  the  output  voltage  of  the 
system.  If  that  is  not  possible  because  of  an 
inappropriate  value  of  the  output  voltage,  the 
supply  voltage,  Vcc,  has  to  be  determined  as  well. 

SETTING  UP  THE  DC  OPERATING  POINT 

Figure  2  shows  a  typical  application  of  the  UC3902 
load  share  controller.  This  circuit  must  be  repeated 


+OUT  ©- 


+SENSE  o- 


POWER 
SUPPLY 


RSENSE 
 VA  


O.I^F 


I 

-[j]  GND 
-fj]  SENS 


VCC 


RADJ 


UC3902 


TO  OTHER 
MODULES 


RG 

 Wv  (T|  i 


i  i 


RC 


Figure  2.  Typical  Application 
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for  each  power  supply  sharing  the  current  for  a 
common  load  in  the  system.  The  design  process 
starts  with  calculating  the  component  values  for 
setting  up  the  basic  operating  conditions  for  the  IC. 

In  order  to  precisely  share  the  load  current  among 
parallel  connected  modules,  the  output  current  of 
each  individual  power  supply  has  to  be  measured. 
A  current  sense  resistor,  Rsense  is  placed  in  the 
negative  return  path  of  the  units.  Choosing  Rsense 
is  based  on  two  factors;  the  maximum  power 
dissipation  and  the  maximum  voltage  drop  across 
the  sense  resistor.  While  the  power  dissipation  is 
only  limited  by  practical  considerations  like  efficiency 
and  component  ratings,  the  maximum  voltage  drop 
has  to  comply  with  internal  signal  level  limits  of  the 
integrated  circuit.  Most  important  is  to  prevent  the 
output  of  the  current  sense  amplifier  from  saturation. 
The  hiqhestvoltaqe  of  the  amplifier  output,  Vqsap 
is  a  function  of  Vr.c-  It  equals  either  10V  or 


Vcc-1.5V.wfiU 


Consequently, 


VSENSE,MAX=  gg> 

where  Vsense.max  is  tne  maximum  voltage  drop 
across  the  current  sense  resistor,  VCSAO  is  the 
maximum  voltage  of  the  current  sense  amplifier 
output  and  ACSA  is  40,  the  gain  of  the  current 
sense  amplifier. 

Once  Vsense.max  is  determined,  the  current 
sense  resistor  value  can  be  calculated  by  the 
following  formula: 


rsense : 


vsense,max 

'O.MAX 


'adj.max.  tne  maximum  current  of  the  adjust 
amplifier  is  10mA  as  specified  in  the  datasheet.  It 
is  a  good  practice  to  keep  the  highest  current  of 
the  adjust  amplifier  in  the  5mA  to  10mA  range  as 
lower  values  might  increase  the  noise  sensitivity  of 
the  system.  This  current  is  determined  by  the 
highest  possible  voltage  on  the  ADJR  pin  which  is 
2.6V  and  by  the  resistor,  RG,  between  the  ADJR 
pin  and  ground.  Thus  the  resistor  value  can  be 
calculated  as: 


RG  = 


2.6V 
Iadj.max 


RADJ  is  tne  impedance  inserted  in  the  positive 
sense  line  of  the  power  supply.  Its  value  is  the 
function  of  the  maximum  adjustment  range  of  the 


output  voltage,  AV0,max  and  tne  previously  select- 
ed Iadj.max  current  value.  Since  the  voltage  drop 
across  the  current  sense  resistor  reduces  the 
range  available  for  output  voltage  adjustment,  that 
factor  has  to  be  accounted  for  as  shown  in  the 
equation  for  RADJ  below: 

□  aVo,max  -  'o.max  •  Rsense 
Radj=   Wa^  

This  relationship  points  out  an  important  design 
constraint  for  the  system.  The  sum  of  the  voltage 
drops  across  the  wiring  impedances  and  the  voltage 
drop  across  the  current  sense  resistor  must  be 
significantly  lower  than  AVq,max  or  tne  l°ad  share 
mechanism  has  no  headroom  to  adjust  the  output 
voltage  of  the  modules  to  achieve  proper  distribution 
of  the  load  current. 

CLOSING  THE  SHARE  LOOP 

Balanced  distribution  of  the  load  currents  among 
the  parallel  connected  units  is  accomplished  by  an 
additional  control  loop  provided  only  for  the  load 
share  function.  Similarly  to  other  control  loops 
inside  the  power  supplies,  the  current  share  loop  is 
based  on  negative  feedback.  Such  control  loops 
must  obey  certain  stability  criteria  in  order  to  work 
properly.  Although  this  Application  Note  does  not 
cover  the  theoretical  background  of  loop  stability, 
some  of  the  most  critical  conditions  for  successfully 
closing  the  load  share  loop  will  be  pointed  out. 

Since  the  load  share  loop  is  added  to  existing 
power  supplies,  interaction  between  the  existing 
voltage  control  loop  and  the  share  loop  must  be 
avoided.  For  that  reason  the  crossover  frequencies 
of  the  two  loops  must  be  well  separated. 

The  voltage  loop  crossover  frequency,  foy  is  great- 
ly dictated  by  the  required  transient  response  of  the 
converter.  In  order  to  maintain  the  stability  of  the 
voltage  control  loop,  the  share  loop  has  to  be  set  up 
not  to  cause  any  excess  phase  shift  at  f0y.  This  is 
usually  achieved  by  placing  the  crossover  frequen- 
cy of  the  share  loop  (/rj,s)  at  least  one,  but  prefer- 
ably two  decades  lower  than  the  crossover  fre- 
quency of  the  voltage  loop.  Also  a  zero  should  be 
placed  in  the  transfer  function  at  /q  s-  This  way,  the 
effect  of  the  share  loop  is  minimized  at  the 
crossover  frequency  of  the  voltage  loop. 

Closing  the  load  share  loop  at  low  crossover 
frequency  is  acceptable,  if  the  purpose  of  load 
sharing  is  clarified.  The  primary  concern  for  load 
sharing  is  to  extend  the  life  expectancy  of  the 
system  and  to  increase  reliability.  It  is  achieved  in 
the  system  by  paralleling  several  modules  and 
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assuring  that  their  thermal  stresses  are  balanced 
during  the  life  of  the  product.  Another  advantage  in 
such  systems  is  the  possibility  for  redundancy. 
These  goals  can  be  completely  fulfilled  by  slow 
acting  corrective  measures  which  allow  /q,s  to  be 
significantly  lower  than  f0  v. 

The  first  step  is  to  determine  the  transfer  functions 
of  the  individual  building  blocks  for  the  frequency 
range  from  0.1  Hz  to  approximately  1  kHz.  The  unity 
gain  crossover  frequency  of  the  load  share  control 
loop  is  expected  to  be  within  these  frequency 
limits.  If  off-the-shelf  power  supplies  are  being 
used,  then  a  network  analyzer  should  be  used  to 
measure  the  transfer  function.  This  is  also  a  good 
practice  to  confirm  actual  versus  calculated 
performance  as  well. 

The  valid  transfer  functions  for  the  range  of  our 
interest  are: 

•  Apwr(s):  the  transfer  function  of  the  power 
supply,  measured  by  injecting  an  AC  signal 
between  VSense+  and  vout+  terminals. 

•  AVo->vis:  this  gain  term  describes  the 
relationship  between  the  output  voltage  and 
the  voltage  across  the  current  sense  resistor. 
It  varies  with  the  load  impedance  according  to 

AVo^Vis=^E 

•  Acsa:  the  gain  of  the  current  sense  amplifier. 
This  term  is  a  constant  and  equals  40. 

•  ASHA:  both  amplifiers  driving  and  sensing  the 
signal  on  the  differential  share  bus  are 
configured  for  unity  gain.  (Asha  =  1) 

•  aea(s):  the  gain  of  the  error  amplifier  defined 
as:  AEA(s)  =  Gm  •  XCOmp(s)  where  Gm  is  the 
transconductance  of  the  error  amplifier  and 
xCOMp(s)  is  the  impedance  of  the  compensation 
components  as  a  function  of  complex  frequency. 

•  AADJ:  the  adjust  circuit  gain  depends  only  on 
the  Rq  and  RADJ  resistors  because  the  adjust 
amplifier  is  configured  as  a  unity  gain  buffer 
stage.  Consequently, 


Aadj  =  5^ 


The  overall  share  loop  characteristic  is  established 
by  multiplying  the  gain  terms  of  the  individual 
blocks: 

ASHARE-LOOP(s)  =  APWR(S)  *  AVO-»VIS  * 
*  ACS  *  ASHA  *  AEA(S)  *  AADJ 

DESIGN  EXAMPLE 

Users  experimenting  with  the  UC3902  load  share 
controller  can  utilize  a  demonstration  board 
featured  in  Figure  3.  This  circuit  provides  a  solution 
for  paralleling  three  power  supply  modules.  The 
performance  of  the  system  was  measured  using 
three  off-the-shelf  DC/DC  converter  modules,  each 
rated  for  100W  delivering  8.4A  to  the  load  at  12V 
nominal  output  voltage. 

The  design  process  starts  by  measuring  the  trans- 
fer function  of  the  power  supplies  between  their 
positive  voltage  sense  and  power  output  terminals. 
The  resulting  Bode  plot  shown  in  Figure  4  reveals 
a  40Hz  crossover  frequency  which  will  require  a 
crossover  frequency  of  4Hz  for  the  load  share  loop. 
The  power  stage  has  10dB  gain  at  this  frequency. 

In  the  demonstration  board,  the  UC3902  is 
powered  from  the  output  voltage  of  the  system. 
Note  the  0.1  nF  local  bypass  capacitor  connected  to 
the  VCC  pin  of  the  IC.  Using  12V  as  VCC,  the 
maximum  output  voltage  of  the  internal  amplifiers 
are  approximately  10V.  This  voltage  denotes  the 
highest  possible  full  scale  voltage  between 
SHARE+  and  SHARE-,  but  the  actual  voltage  on 
the  load  share  bus  at  full  load  is  determined  by  the 
designer.  Noise  sensitivity,  accuracy  and  the 
number  of  units  in  parallel  have  to  be  taken  into 
consideration  when  choosing  the  full  scale  bus 
voltage.  The  load  share  bus  is  driven  by  the  master 
controller  only  and  each  slave  module  represents  a 
10kf2  load  on  the  bus.  This  means  that  every  unit 
will  increase  the  supply  current  of  the  master  mod- 
ule by  lOO^A/V  on  the  load  share  bus. 

The  power  supply's  8.4A  output  current  rating 
allows  the  use  of  a  higher  shunt  resistor  value  in 
favor  of  better  load  share  accuracy  with  only  a 
slight  decrease  in  overall  efficiency.  The  full  scale 
bus  voltage,  Vcsao  is  selected  to  be  6V. 
Accordingly, 


RSENSE : 


6V 


8.4A  •  40 


=  0.01 78n 


and  a  20mfi  standard  value  had  been  selected. 
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Figure  3.  Demonstration  Board  Schematic 


TO  LOAD 


3 


3-631 


APPLICATION  NOTE 


U-163 


The  RG  resistor  value  depends  on  the  current  flowing 
through  the  NPN  buffer  transistor  of  the  adjust 
amplifier  and  in  the  RADJ  resistor  placed  in  the 
positive  sense  line  of  the  converter.  This  current  is 
selected  by  the  designer  but  its  value  shall  be 
smaller  than  10mA  according  to  the  datasheet.  For 
this  application  5mA  is  chosen.  Smaller  values  tend  which  gives 
to  increase  the  noise  sensitivity  of  the  solution 
while  larger  current  values  represent  unnecessary 
power  dissipation  for  the  IC.  Although  this  current 
does  not  show  up  in  the  lcc  current  requirements, 
the  power  dissipation  of  the  buffer  transistor  can  be 
a  significant  part  of  the  total  power  loss  inside  the 
integrated  circuit.  For  instance,  in  this  application, 
the  voltage  across  the  collector  emitter  terminals 
equals  Vcc  -  2.6V,  approximately  10V.  The  power 
dissipated  in  this  part  of  the  circuit  is  1 0V  •  5mA= 
=  50mW.  Once  the  maximum  current  for  this  part  of 
the  circuit  is  selected  the  value  of  Rq  can  be  calcu- 
lated as: 


CC  =  APWR(S)  •  5SENSE   .  AcSA 
"LOAD 

Gm  •  — \ 


•        .  RADJ 

*  *  /o,s 


Cc  =  10  •  •  40  •  4.5mS  • 

u  1.43Q 

1 


ic  • 


^.82a  =322  F 

4Hz     51  On  M 


A  330liF  capacitor  is  used.  Note  that  the  reason  for 
the  large  capacitor  value  is  the  extremely  low 
crossover  frequency  dictated  by  the  transfer  func- 
tion characteristic  of  the  DC/DC  converter. 


RG  =  —  =  520n 
5mA 

The  nearest  standard  value  of  51  OH  is  used. 

The  Radj  resistor  value  is  defined  by  the  maximum 
adjustment  range  of  the  output  voltage,  the  highest 
load  current,  the  current  sense  resistor  value  and 
Iadj  value.  In  this  application,  AVq,max  is  °-6V 
while  the  other  parameters  have  been  previously 
calculated.  Thus, 


The  value  of  Rq  is  determined  by  the  selected 
crossover  frequency  and  compensation  capacitor 
value  according  to: 


Rc  = 


1 


2  •  *  •  /o,s  *  cc 


Radj  = 


0.6V  -  8.4A  •  20mQ 
5mA 


:  86.4n 


Using  the  previously  calculated  capacitor  value 
results  in  a  RG  value  of  270C1. 

The  resulting  Bode  plot  of  the  load  share  control 
loop  is  displayed  in  Figure  4.  The  phase  margin  of 
the  loop  can  be  increased  by  separating  the  two 
crossover  frequencies,  /0iv  and  /0is  even  further.  In 
this  particular  design,  moving  /os  to  a  lower 
frequency  would  have  resulted  in'  a  very  large 
capacitor  value,  thus  this  idea  was  not  considered. 


Instead,  an  82Q  standard  value  is  chosen. 

At  this  point,  the  steady  state  operating  conditions 
of  the  system  are  defined.  The  compensation 
components  Cc  and  Rq  can  be  calculated  from  the 
loop  gain  equation. 

ASHARE-LOOP(S)  =APWR(S)  •  ^SENSE  . 

"LOAD 


ACSA  '  Gm  ' 


(^  +  RC) 


radj 
Rg 


Substituting  the  power  stage  gain  of  10  at  the  load 
share  loop  crossover  frequency  and  solving  the 
equation  for  Cc,  the  compensation  capacitor  value 
can  be  calculated  as: 
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Figure  4.  DC/DC  Converter  and  Load  Share  Loop 
Bode  Plots 


3-632 


APPLICATION  NOTE 


U-163 


PARTS  LIST: 


=  0 10  = 

(_/<i0  = 

port 

=  U.  1  Lir 

on  i  = 

001  — 
\jeL  1  — 

I 

—  u.u  l  fir 

on  ^ 

pn 

=  not  used 

C13  = 

C23  = 

C33 

—  nnt  i  iqpH 

cc 

=  C14  = 

C24  = 

C34 

=  330llF 

Radj 

=  R10  = 

R20  = 

R30 

=  82n 

RSENSE 

=  R11  = 

R21  = 

R31 

=  0.02£i 

RG 

=  R12  = 

R22  = 

R32 

=  51  on 

Rc 

=  R13  = 

R23  = 

R33 

=  2700 

_  8 


 1  1  1  1  


15 


20 


SYSTEM  OUTPUT  CURRENT  (A) 


re  5.  Module  vs. 


utpi 


1 


EXPERIMENTAL  RESULTS 

The  performance  of  the  demonstration  circuit  was 
measured  using  the  calculated  component  values 
and  running  three  DC/DC  converters  in  parallel. 
Figure  5  shows  the  output  currents  of  the  individual 
modules  as  a  function  of  the  total  load  current. 

In  Figure  6,  the  percentage  of  deviation  from  the 
calculated  average  module  current  is  depicted.  The 
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Figure  6.  Load  Share  Accuracy 

current  distribution  error  is  the  largest  at  light  load, 
as  expected,  because  of  the  effects  of  internal 
offset  voltages  and  the  small  current  measurement 
signal  level.  At  full  load,  where  load  sharing  has 
the  most  impact,  the  three  modules  shared  the 
load  current  evenly,  within  1%  of  the  ideal  load 
current  values. 


.btained  in  ot 
Drmulas  contained  within  1 


Results  similar 
applications  with  t 
Application  Note. 

REFERENCES 

[1]  "UC3902  Load  Share  Controller",  Datasheet, 
Unitrode  Corporation 

[2]  M.  Jordan,  "UC3907  Load  Share  IC  Simplifies 
Parallel  Power  Supply  Design",  U-129 
Application  Note,  Unitrode  Corporation 

[3]  J.  Rajagopalan,  et  al,  "Modeling  and  Dynamic 
Analysis  of  Paralleled  DC/DC  Converters  with 
Master-Slave  Current  Sharing  Control", 
APEC  '96  Proceedings,  pp.  678-684 


UNITRODE  CORPORATION 

7  CONTINENTAL  BLVD.  •  MERRIMACK,  NH  03054 
TEL.  603-424-2410  •  FAX  603-424-3460 


■ 


3-633 


UNITRODE  CORPORATION 


APPLICATION  NOTE  U-164 


The  UCC3884  Frequency  Foldback  Pulse  Width  Modulator 

by  Philip  Cooke 


ABSTRACT 

This  application  note  focuses  on  the  UCC3884  frequency  foldback  peak  current  mode  controller.  The 
UCC3884  provides  a  solution  to  the  current  tail  problem  often  seen  in  high  frequency  converters  under 
overload  fault  conditions.  Intended  primarily  for  single-ended  converters,  other  features  such  as  a 
maximum  duty-cycle  clamp  and  an  accurate  volt-second  clamp  are  also  included.  The  block  diagram  and 
the  main  features  of  the  UCC3884  will  be  presented  in  the  theory  of  operation  section.  Following  that  a 
derivation  of  the  oscillator,  frequency  foldback,  and  volt-second  clamp  equations  are  given.  Finally,  design 
details  and  test  results  for  an  example  RCD  clamp  forward  converter  operating  at  400kHz  are  shown. 


INTRODUCTION 

The  output  VI  characteristic  of  high  frequency, 
buck-derived,  peak  current  mode  converters  can 
exhibit  a  current  tail  during  current  overload  condi- 
tions. This  overload  may  be  caused  by  a  short 
circuit  condition  or  a  low  impedance  at  the  power 
stage  output.  The  current  tail  is  actually  a  gradual 
increase  in  the  average  output  current  as  the 
average  output  voltage  decreases  toward  zero.  The 
peak  current  limit  in  a  PWM  controller  commands 
the  power  stage  switch  off  during  overcurrent  con- 
ditions which  should  limit  the  maximum  average 
output  current.  However,  the  propagation  delay 
inherent  in  the  controller  and  in  the  power  switch 
during  turn-off  limits  the  minimum  attainable  duty 
cycle  [1].  This  minimum  duty  cycle  limit  can 
produce  a  current  tail  during  overloads.  Upon  close 
inspection  one  finds  that  this  propagation  delay 
exists  collectively  between  the  current  sense  (CS 
pin)  and  the  output  (OUT  pin)  of  the  integrated 
circuit  (IC)  and  the  turn-off  delay  of  the  power 
stage  switch.  The  reduction  of  the  propagation 
delays  for  a  given  IC  and  power  stage  design 
can  help,  but  tends  to  increase  system  cost.  An 
alternate  method  is  needed  to  reduce  the  delays 
and  thus  the  excessive  currents  during  a  fault.  One 
possible  technique  is  implemented  in  the  oscillator 
section  of  the  UCC3884.  During  a  fault  condition  as 
the  output  voltage  approaches  zero  the  operating 
frequency  also  decreases.  By  reducing  the 
frequency  during  overload  conditions  the  duty- 
cycle  is  permitted  to  decrease  below  the  value 
previously  limited  by  propagation  delay  in  the 


constant  frequency  converter.  The  UCC3884 
reduces  the  frequency  smoothly  as  the  load  imped- 
ance approaches  a  short  circuit,  thus  preventing 
possible  latch-up  with  nonlinear  loads  [1].  This 
effectively  diminishes  the  current  tail  in  the  output 
VI  characteristic. 

The  UCC3884  is  intended  for  high  performance, 
peak  current  mode,  single-ended  applications 
that  can  benefit  from  frequency  foldback.  This  fre- 
quency reduction  only  operates  when  the  output 
voltage  is  below  a  user  programmable  value.  More 
specifically,  the  oscillator  runs  at  constant  frequency 
and  only  folds  back  when  the  output  voltage  drops 
below  a  given  value  (e.g.,  4.2V  for  a  5V  output).  A 
volt-second  clamp  circuit  is  also  included  that  allows 
accurate  duty-cycle  clamping  under  transient  line 
and  load  conditions  providing  an  extra  level  of  circuit 
protection  from  transformer  saturation.  For  example, 
if  a  sudden  increase  in  load  power  occurs  while  the 
input  voltage  increases,  the  applied  volt-seconds 
could  be  enough  to  saturate  the  transformer,  which 
could  cause  the  power  switch  to  fail.  In  this  case,  the 
volt-second  clamp  circuit  could  be  used  to  prevent 
the  failure  of  the  power  switch  by  overriding  the  con- 
trol loop  and  limiting  the  applied  volt-seconds.  This 
controller  also  features  a  depletion-mode 
n-channel  MOSFET  gate  drive  intended  to  be  used 
in  the  bias  supply  during  start  up.  A  reduction  in 
both  the  size  of  the  start  up  storage  capacitor  and 
turn-on  time  can  be  achieved  by  using  an  external 
depletion-mode  device. 
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Figure  13  UCC3884  Block  Diagram 

THEORY  OF  OPERATION 

The  UCC3884  current  mode  controller,  shown  in 
Figure  1,  contains  a  programmable  oscillator 
section  which  includes  the  ability  to  synchronize 
multiply  PWMs.  The  positive  and  negative  sloped 
portions  of  the  oscillator  waveform  (measured  at 
CT,  the  connection  point  for  the  timing  capacitor) 
have  time  intervals  that  are  set  by  external  resis- 
tors at  ION  and  IOFF  as  shown  in  Figure  2.  The 
nominal  operating  frequency  is  determined  by  the 
timing  capacitor  during  non-frequency  foldback 
conditions,  that  is,  with  the  output  voltage  at  its 
regulated  value.  The  positive  sloped  portion  of  the 
oscillator  waveform  has  a  fixed  time  duration  and  is 
set  by  a  resistor  connected  to  ION.  In  a  similar 
fashion  the  off-time  is  set  by  a  resistor  at  IOFF. 
However,  the  negative  sloped  portion  of  the  oscil- 
lator waveform  is  extended  in  time  as  the  mea- 
sured output  voltage  decreases  providing  protec- 
tion during  output  faults.  When  the  voltage  at  VOUT 
decreases  below  3.5V,  due  to  an  output  short  cir- 
cuit, the  operating  period  increases  and  the  IC  is  in 


frequency  foldback  operation.  It  should  be  empha- 
sized that  normal  converter  operation,  except  dur- 
ing start  up,  is  at  a  fixed  frequency. 

The  power  supply  output  voltage  and  the  voltage 
from  VREF  can  be  fed  back  into  VOUT  with 
summing  resistors.  This  ensures  a  minimum 
frequency  at  startup  and  during  short  circuit  condi- 
tions when  the  output  voltage  is  zero.  Figure  3 
shows  computer  simulated  VI  curves  for  a  417kHz 
forward  converter,  one  with  frequency  foldback  and 
one  without  frequency  foldback.  The  total  propaga- 
tion delay  was  set  to  150ns  in  this  computer  model 
of  a  forward  converter  with  48V  input  (8:2  turns 
ratio).  Power  stage  component  values  were 
L  =  1.3uH  with  a  DCR  of  0.01  Q.  and  C  =  10000liF 
with  an  ESR  of  70mn  [1].  It  can  be  seen  that  the 
current  tail  is  reduced  with  frequency  foldback. 
Figure  4  further  details  the  effect  of  the  propagation 
delay.  Two  simulations  were  done  at  the  same  oper- 
ating frequency  both  without  frequency 
foldback.  The  simulation  with  the  current  tail 
approaching  22A  had  a  150ns  delay  and  the  other 
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Figure  2.  Functional  Block  Diagram  of  the  UCC3884  Oscillator 


had  an  unrealistic,  nearly  zero,  1.0ns  delay.  It  is 
clear  that  the  propagation  delay  can  cause  signifi- 
cant overcurrents  and  frequency  foidback  is  a 
practical  way  to  reduce  the  current  tail  effect. 

Another  feature  included  in  the  UCC3884  is  an 
interface  to  drive  an  external  depletion-mode 
MOSFET  during  power  supply  startup  until  the 
bootstrap  winding  exceeds  a  10V  threshold.  At 
which  time  the  depletion-mode  MOSFET  is  turned- 
off.  The  internal  amplifier  controlling  this  MOSFET 
has  300mV  of  hysteresis  to  avoid  oscillation  during 
power-up. 


An  accurate  programmable  volt-second  method  to 
clamp  the  duty-cycle  is  implemented.  It  is  config- 
ured so  that  the  duty-cycle  limit  is  inversely  propor- 
tional to  input  voltage  and  a  resistor  divider  network 
is  used  to  program  the  proportionality  constant.  At 
a  given  input  voltage  and  constant  load,  assuming 
regulation,  the  operating  duty-cycle  is  a  fixed  value. 
The  volt-second  clamp  duty-cycle  may  then  be  set 
somewhat  higher  than  this  operating  duty-cycle. 
Since  the  volt-second  duty-cycle  limit  is  inversely 
proportional  to  V|n  at  any  other  constant  input 
voltage  level,  the  volt-second  clamp  will  still  exceed 


.^Non-Frequency  Foidback  Case 


Frequency  Foidback  Case 


Average  Output  Current 


Figure  3.  Frequency  and  Non-Frequency  Foidback 
Comparision 


Propagation  Delay  =  150ns 


Propagation  Delay  =  1.0ns 


10  15 
Average  Output  Current 


Figure  4.  Non-Frequency  Foidback  with  1 .0ns  and 
150ns  Propagation  Delays 
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the  steady  state  operating  duty-cycle  as  shown  in 
Figure  5.  This  allows  normal  current-programmed 
closed-loop  operation  of  the  converter  without 
the  volt-second  duty-cycle  limit  interfering  with  the 
control.  For  example,  during  a  load  transient  and 
possibly  an  input  voltage  transient  the  volt-second 
clamp  can  accurately  limit  the  maximum  applied 
volt-seconds  by  limiting  the  duty-cycle.  This 
ensures  that  the  transformer  does  not  saturate 
during  a  fault  which  could  otherwise  fail  the  power 
supply.  After  the  fault  passes  the  converter  will  go 
back  into  regulation. 


65      70  75 





Figure  5.  Various  Duty  Cycles 

An  external  capacitor  may  be  connected  to  CSS 

IC  to  be  disabled  with  an  external  transistor.  The 
frequency  foldback  and  the  soft-start  functions  will 
both  be  in  effect  during  power-up  since  the  output 
voltage  fed  back  to  the  VOUT  pin  is  less  than  3.5V 
and  the  voltage  on  CSS  is  less  than  4V.  The 
increasing  on-time  at  the  OUT  pin  during  soft-start 
is  controlled  by  Css  and  the  period  is  controlled 
by  the  frequency  foldback  circuitry.  When  an  over- 
load or  short  circuit  occurs  the  frequency  foldback 
circuit  and  possibly  the  volt-second  clamp  circuit 
is  activated  (assuming  the  overcurrent  is  not 
triggered).  In  each  design  the  steady  state  VI  char- 
acteristic produced  by  the  frequency  foldback 
circuit  should  be  compared  to  the  load  VI  curve  to 
be  certain  that  the  converter  will  start  under  load. 

The  current  sense  feedback  pin  has  an  over  current 
protection  feature  which  forces  a  soft-start  cycle 
only  if  the  IC  is  not  currently  in  a  soft-start  cycle.  A 
voltage  bias  of  1  .OV  is  added  to  the  voltage  sensed 
on  the  CS  pin  in  order  to  facilitate  zero  duty-cycle 
when  the  error  amplifier's  output  is  less  than  1.0V. 
The  PWM  latch  is  reset  dominant  so  that  if  the  error 
amplifier  output  is  below  1.0V  the  output  of  the 
latch  is  not  driven  high. 

The  error  amplifier  is  unity  gain  stable  and  has 
a  wide  gain-bandwidth  product  for  accuracy.  Its 
non-inverting  input  is  internally  set  to  2.5V. 


DETAILED  DESCRIPTION  AND 
DESIGN  EQUATIONS 

A  description  of  the  UCC3884  BiCMOS  pulse  width 
modulator  and  design  equations  will  be  presented 
followed  by  an  example  RCD  Clamped  Forward 
Converter  design  using  the  UCC3884  peak  current 
mode  controller  [2,3,4]. 

Oscillator  and  Frequency  Foldback  Section: 

The  oscillator  section  has  an  independently  pro- 
grammable frequency  and  a  maximum  duty-cycle 
clamp.  A  single  resistor  sets  the  timing  capacitor 
(CT)  charge  current  which  creates  the  positive 
slope  portion  of  the  oscillator  waveform.  A  second 
resistor  sets  the  timing  capacitor  discharge  time. 
With  reference  to  Figure  2  the  oscillator  waveform 
increases  linearly  from  1.5V  to  3.5V  and  decreases 
linearly  back  to  1.5V  completing  one  cycle.  If 
Toscon  represents  the  charge  time  and  T0scoff is 
the  discharge  time  then  the  frequency  of  the 
converter  is  given  by 


f  = 


1 


TOSCon  +  TOSCoff 


(1) 


The  output  of  the  modulator  can  only  be  asserted  dur- 
ing the  positive  slope  portion  of  the  oscillator  wave- 
form. With  this  limitation  the  maximum  duty-cycle  is 
given  by  the  ratio  of  T0scon  t°  Toscon  +  Toscoffl 


Dmax: 


TOSCon 
TOSCon  +  TOSCoff  ' 


(2) 


The  oscillator  off-time  is  a  function  of  the  main 
output  voltage  only  if  the  VOUT  pin  drops  below 
3.5V.  The  VOUT  pin  may  exceed  3.5V  in  which 
case  the  off-time  is  calculated  using  3.5V.  Note  that 
the  IC  does  not  internally  clamp  this  voltage  to 
3.5V.  If  the  output  is  short  circuited  or  a  low  imped- 
ance load  is  applied  the  feedback  voltage  to  the 
VOUT  pin  decreases  which  causes  Toscoff  ,0 
increase.  This  will  increase  the  period  and  therefore 
decrease  the  frequency. 

Recall  that  the  oscillator  on-time  (Toscon)  's 
constant  and  does  not  vary  with  output  voltage. 
Under  nominal  operating  conditions  the  frequency 
is  constant  and  equation  1  can  be  expanded  to 


f  = 


1 


CT  •  (3.5  -  1 .5)      CT  •  (3.5  -  1 .5) 


=  0) 


8.8  •  Iqn 


8.8  •  Iqff 


0.227' CT»M 
\  'ON 


'OFF 


4.4 


Ct.(Rpn 


+  Roff\ 

3.5  / 
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where  CT  is  the  timing  capacitor,  Rqn  sets  the 
value  of  the  Cj  charging  current,  (8.8  •  Iqn).  ana 
Rqff  sets  the  value  of  the  Cj  discharging  current, 
(8.8  •  Ioff)-  The  maximum  current  sourced  from 
the  ION  and  IOFF  pins  is  limited  to  approximately 
800llA. 

To  avoid  start  up  problems,  a  resistor  can  be 
added  from  VREF  to  VOUT  which  provides  a  volt- 
age bias  to  VOUT  even  when  the  output  voltage  is 
zero.  The  choice  of  value  also  sets  the  minimum 
operating  frequency  during  frequency  foldback,  as 
will  be  reviewed  in  the  example  design  section 
below. 

Designs  using  an  isolation  transformer  can  derive 
a  dc  voltage  level  proportional  to  the  output  by 
using  a  peak  detector  circuit  off  of  the  bootstrap 
winding  of  the  power  transformer  (Figure  8).  This 
bias  supply  is  normally  required  for  isolated 
converters  and  therefore  requires  only  a  minimum 
of  components. 

Figure  6  shows  the  oscillator  and  frequency  fold- 
back  portions  of  the  UCC3884,  where  Vx  is  found 
by  assuming  no  limiting  action  within  the  VOUT  pin 
(see  also  Figure  2).  Vx  is  given  as 

RqutiH  RQUT2 
VX  =  ROUTI  1 1  ROUT2  +  ROUT3  '  VrEF  +  (4) 

ROUT1  1 1  ROUT3 
ROUTI  II  RoUT3  +  ROUT2  *  V° 

where  VREF  =  5V,  VQ  is  the  output  voltage,  and  II 
represents  parallel  resistors.  If  equation  4  yields  a 
Vx  greater  than  3.5V  it  would  then  be  replaced  with 
3.5V.  One  possible  design  approach  would  be  to 
ignore  the  loading  of  RouT3  and  set  vx  slightly 
below  the  output  voltage  minus  one-half  of  the 
maximum  ripple  voltage.  With  Roun  ar|d  R0UT2 
known,  set  VQ  =  0  and  RouT3  mav  be  calculated 
based  upon  the  minimum  operating  frequency 
desired. 


:  rout2 

f  Vx 

;  routi 


Synchronization  of  Multiple  ICs: 

A  CLKSYNC  pin  is  provided  which  is  used  to 
synchronize  two  or  more  UCC3884  ICs.  Multiple 
ICs  are  synchronized  in  frequency  by  connecting 
their  CLKSYNC  pins  with  capacitors  to  the 
CLKSYNC  bus  as  shown  in  Figure  7.  Each  free 
running  oscillator  is  designed  with  the  same  base 
frequency  and  the  same  maximum  duty-cycle  and 
is  connected  to  the  CLKSYNC  bus  with  a  capacitor 
and  a  pull-down  resistor.  A  negative  edged  pulse 
from  any  IC  will  initialize  all  the  ICs  to  start  the  up- 
slope  of  their  oscillator  waveforms.  For  a  given 
oscillator  on  the  down-slope,  if  it  receives  a  nega- 
tive synchronization  pulse  before  it  reaches  the 
1.5V  threshold,  an  internal  MOS  switch  will  quickly 
discharge  its  Or  down  to  1 .5V.  After  soft-start  syn- 
chronization for  each  controller  may  take  one  or 
two  cycles  to  come  into  lock.  During 
frequency  foldback  under  an  output  fault  condition, 
the  synchronization  in  the  overloaded  IC  is  inhib- 
ited and  the  converters  can  become  unlocked.  This 
is  necessary  since  the  overloaded  ICs 
frequency  is  in  foldback.  The  oscillators  will  resyn- 
chronize  when  the  fault  is  removed.  Due  to 
tolerances,  each  free  running  oscillator  frequency 
may  be  slightly  different;  therefore  the  CLKSYNC 
bus  synchronizes  to  the  highest  frequency.  For 
multiple  PWM  converters,  synchronization  to  other 
controllers  is  only  possible  when  the  VOUT  pin  is 
greater  than  3V. 
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Figure  6.  Oscillator  and  Frequency  Foldback 
Connections  to  the  UCC3884 


Figure  7.  Oscillator  Synchronization 
Connection  Diagram 

Volt-Second  Clamp: 

The  volt-second  duty-cycle  clamp  operates  by 
taking  the  reciprocal  of  the  voltage  on  VVS  (see 
Figure  1)  which  is  directly  proportional  to  the  input 
voltage  and  uses  this  signal  to  limit  the  duty-cycle. 
As  V|n  increases,  to  maintain  constant  operating 
volt-seconds  for  a  forward  converter,  the  duty-cycle 


3-638 


APPLICATION  NOTE 


U-164 


decreases  based  upon 

V0  +  VD 


D0P: 


NS  ' 

(V|N-VDSon)* 


(5) 


where  Dqp  is  the  operating  duty-cycle,  VDson  is 
the  on-state  drain-to-source  primary  switch 
voltage,  N$  is  the  secondary  turns,  Np  is  the 
primary  turns,  and  Vq  is  the  voltage  drop  of  the 
secondary  rectifier  diode  [5].  In  a  similar  fashion, 
the  maximum  duty-cycle  clamp  due  to  this  volt- 
second  function  will  also  decrease  and  is  given  by 


Dvs  = 


K  .  Tpscon 
VVS     Toscon  +  TOSCoff 


(6) 


1.1 


DMAX 

Vvs 


where  DVs  is  the  duty-cycle  clamp  based  upon 
applied  volt-seconds  to  the  transformer,  VVs  is  the 
voltage  on  the  VVS  pin,  and  K  was  calculated  from 
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Figure  8.  RCD  Clamp  Forward  Converter  with  Frequency  Foldback 
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the  UCC3884  data  sheet.  The  volt-second  clamp  is 
set  by  an  external  resistor  divider  network  from  the 
input  voltage  to  the  VVS  pin.  Normally,  DVs  is  cho- 
sen to  exceed  Dqp  by  some  fixed  percentage,  say 
10%.  It  may  be  necessary  to  put  a  small  ceramic 
capacitor  at  the  VVS  pin  to  filter  switching  noise. 

This  feature  allows  for  an  accurate  volt-second 
clamp  within  the  input  voltage  range  under  load 
transient  conditions.  It  is  accurate  since  the  timing 
capacitor  tolerance  does  not  effect  equation  6. 
The  voltage  at  VVS  can  be  provided  by  1  %  resis- 
tors and  the  internal  accuracy  is  maintained  to  3% 
(for  the  0°C  to  70°C  temperature  range).  To  limit 
the  on-time  at  the  minimum  input  voltage  the  max- 
imum possible  duty-cycle  is  clamped  by  D^x- 
The  converters'  actual  duty-cycle  can  be  limited  by 
either  the  volt-second  clamp  or  the  maximum 
programmable  duty-cycle  clamp  depending  on 
operating  conditions. 

Soft-Start  Operation: 

A  constant  current  source  ISS,  set  internally  to 
20nA,  charges  Css  to  a  clamped  voltage  level  of 
typically  5.0V.  The  soft-start  time  is  given  by  3.5  • 
Css^SS-  During  start  up  the  PWM  comparator 
selects  the  minimum  of  either  the  error  amplifier 
output  or  the  soft-start  capacitor  voltage.  The  out- 
put duty-cycle  is  therefore  slowly  increased  as  the 
voltage  at  CSS  increases.  At  some  point  the  error 
amplifier  voltage  is  lower  and  the  voltage  loop  is 
closed.  An  overcurrent  fault  will  initiate  a  soft-start 
cycle  by  first  discharging  Css  ar|d  tnen  slowly 
recharging  the  capacitor  until  the  voltage  returns  to 
4V.  Soft-start  discharge  can  only  be  activated 
when  the  voltage  at  Css  exceeds  about  4V. 

Under  Voltage  Lockout  Features: 

The  converter  is  disabled  until  VREF  exceeds  4.6V 
and  VDD  exceeds  9.1V.  Once  these  levels  are 
reached  the  converter  will  begin  the  soft-start 
sequence.  If  VREF  falls  below  4.4V  or  VDD 
decreases  below  8.8V  the  converter  will  immedi- 
ately discharge  Css  and  tnen  start  up  again  when 
VREF  exceeds  4.6V  and  VDD  exceeds  9.1V. 

DESIGN  EXAMPLE 

A  forward  converter  with  an  RCD  clamp  and 
a  maximum  of  75%  duty-cycle  at  400kHz 
was  designed  as  shown  in  Figure  8  [1,2,3,4,6]. 
The  input  voltage  range  is  35V  to  72Vdc  with  a  5V 
output.  The  highest  operating  duty-cycle  is  set  to 
about  65%  and  will  occur  at  the  minimum  input 
voltage  during  normal  conditions.  A  maximum 
duty-cycle  limit  ensures  reset  of  the  transformer 
at  low  line. 


Power  Circuit  Design: 

A  high  frequency  forward  converter  topology  is 
often  used  in  telecommunications  applications 
requiring  battery  input  from  35V  to  72V  DC  with 
48V  nominal.  A  common  output  voltage  is  5V  and 
in  this  design  a  large  capacitor,  10000nF  will  be 
used  to  smooth  the  low  frequency  ripple  compo- 
nents in  order  to  more  accurately  measure  aver- 
age load  currents  during  overload  conditions.  The 
output  inductor  was  selected  to  be  1.3|iH  with  a 
coupled  winding  for  the  bootstrap  circuit  (5:2  turns 
ratio).  The  transformer  primary  to  secondary  turns 
ratio  is  8:2  and  a  RCD  clamp  is  used  to  reset  the 
transformer  during  the  switch  off-time.  The  labora- 
tory prototype  was  built  using  higher  rated  compo- 
nents than  necessary  (maximum  of  178W).  This 
was  done  since  constant  measurement  of  short 
circuit  fault  currents  without  frequency  foldback 
could  cause  excessive  power  dissipation. 

Oscillator  Design: 

The  oscillator  on-time  can  be  found,  assuming 
dmax  and  f  is  known,  by  solving 

Toscon 


DMAX  : 


TOSCon  +  TOSCotf 
=  TOSCon  *f 


(7) 


forToscon  yielding 

DMAX 


TOSCo 


f 


Cf  (3.5 -1.5) 
8.8  •  Iqn 


(8) 


CT 


4.4  •  l0N 


From  equation  1 ,  TQscoff  becomes 


TOSCoff=  j  -Toscon 
The  oscillator  operating  frequency  is  given  by 


0) 


f  ■■ 


2  •  104.  CT  ' 


Solving  for  Cj  yields 
°T=  2.  1Q4.  f  ■ 


(10) 


(11) 


With  Toscon  and  CT  known,  Iqn  may  be  found 
from  equation  8 


•on 


Ct 

4.4'TosCon 


(12) 
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Now  Rqn  is  given  by 

RON  =  f1^  • 
'on 


(13) 


The  next  step  is  to  calculate  the  maximum  value  of 
l0FF  which  occurs  during  non-frequency  foldback 
conditions.  A  portion  of  equation  3,  repeated 
below, 


f  = 


0.227  •  CT  •  /_1_+^L\ 
\  'on  'off  ' 

may  be  solved  for  l0FF  yielding 

0.227  •  CT  •  f  •  Iqn 


(14) 


'OFF  : 


Ion  -0.227  •C-r'f  ' 


Finally,  the  Roff  resistor  value  is 
3.5 


ROFF  = 


'off 


(15) 


(16) 


to  plot  operating  frequency  of  the  converter  as  a 
function  of  the  output  voltage.  Listed  in  Appendix  I 
is  an  example  of  the  spreadsheet  which  includes 
the  calculations  and  graphs  of  the  steady  state 
volt-second  clamp  and  frequency  foldback  charac- 
teristics. 

Volt-Second  Clamp  Design: 

The  voltage  at  the  VVS  pin  is  given  by 

RVS1 


These  equations  are  used  in  a  Mathcad  spread- 
sheet listed  in  Appendix  I  [7]. 

Frequency  Foldback  Design: 

The  three  resistors  associated  with  frequency  fold- 
back  may  now  be  calculated.  A  useful  approach  is 
to  first  ignore  the  loading  from  the  VOUT  pin  and 
ignore  the  RouT3  connection.  To  allow  for  a  small 
decrease  in  the  output  voltage  before  frequency 
foldback  kicks  in  (this  is  not  a  requirement,  but  can 
be  used  to  guarantee  constant  frequency  opera- 
tion under  the  expected  output  voltage  ripple)  set 
Vx  =  4V  and  from  Figure  6  one  can  write 

w      „  ROUT1  ., 

Vx  =  4k  Routi  +  RouT2  *V°  (17) 

where  Vq  is  the  actual  output  voltage.  By  arbitrar- 
ily selecting  Routi.  tne  value  of  RouT2  can  be 
determined.  Now,  the  selection  of  RouT3  deter- 
mines the  minimum  frequency  of  operation. 
Rewriting  equation  16  for  the  general  case  (when 
the  VOUT  pin  is  less  than  3.5V) 

VX  =  Rqff  •  'OFF  ■  (18) 
Setting  V0  equal  zero  in  equation  4  one  solves 

ROUT1 


Vx 


R 


OUT2 


ROUT1  I'  ROUT2+  ROUT3 


-Vref  09) 


for  Rqut3- With  routl  R0UT2.  and  RouT3  known, 
equation  4  can  be  used  i 


Vvs  = 


RVS1  +  RVS2 


'V|N 


(20) 


once  Rvsi  is  selected  Rvs2  can  be  solved  for  after 
Dys  is  chosen.  From  equation  6 


VVS  =  K  ■ 


D 


MAX 


D 


VS 


(21) 


as  an  example  Dys  may  be  set  to  110%  of  Dop- 
For  this  case,  after  solving  for  Rys2  in  equation  20 
with  Vys  replaced  using  equation  21,  one  finds 

Dop 


RVS2  =  RVS1  *  (VIN  ' 


DMAX 


1). 


(22) 


Control  Loop  Component  Calculations: 

The  concentration  of  this  application  note  is  to 
show  the  characteristics  of  the  frequency  foldback 
and  volt-second  clamp  features  of  the  UCC3884. 
Details  of  the  small-signal  modeling  of  the  modula- 
tor and  power  circuit  can  be  found  in  [8]  and  [9]. 
Integral  compensation  was  used  to  set  the 
crossover  frequency  to  9kHz  with  a  gain  of  about 
7dB  needed  at  this  frequency. 

EXPERIMENTAL  RESULTS 

The  RCD  clamp  forward  converter  was  prototyped 
in  the  laboratory  and  relevant  results  are  present- 
ed in  the  following  section. 

Frequency  Foldback  Data: 

The  primary  current  sense  resistor  in  Figure  8  was 
increased  to  32a  from  16Q  (16n  was  used  in  the 
computer  model  that  generated  Figures  3  and  4)  in 
order  to  limit  the  average  load  currents  to  reason- 
able values  for  easy  measurement.  The  previous 
simulation  results  showed  the  basic  phenomena  of 
the  current  tail  with  and  without  frequency  fold- 
back.  Due  to  effects  not  included  in  the  computer 
model  the  experimental  data  differs  from  the  simu- 
lated data.  The  computer  model  is  a  powerful  tool 
to  gain  a  fundamental  understanding  of  the  large 
signal  VI  characteristics  as  shown  in  Figures  3  and 
4.  It  may  be  possible  to  take  into  account  ignored 
so  that  the  simulated  results  match 


3-641 


APPLICATION  NOTE 


U-164 


more  closely  the  experimental  data.  It  is  thought 
that  some  of  these  effects  could  be  the  saturation 
of  the  magnetics  (output  inductor),  errors  in  esti- 
mating the  finite  turn-off  time  of  the  MOSFET 
power  stage  switch  and  possible  saturation  of  the 
primary  current  sense  transformer.  Despite  these 
measurement  inaccuracies  the  frequency  foldback 
operation  does  reduce  the  current  tail  as  com- 


pared to  non-frequency  foldback  operation  and  this 
can  be  seen  in  the  simulation  results  and  the  actu- 
al circuit  measurement  data. 

Figure  9  shows  normal  operation  at  constant  fre- 
quency with  about  a  4A  average  load  current.  The 
top  waveform  is  the  output  voltage  (5V,  channel  3) 
followed  by  the  oscillator  waveform  measured  at 
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Figure  9.  Converter  Output  Voltage,  Oscillator  Waveform,  Primary  Side  Current  During  Normal  Operation,  and 
MOSFET  Gate  Voltage 
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Figure  10.  Converter  Output  Voltage,  Oscillator  Waveform,  Primary  Side  Current  During  a  Low  Impedance 
Load  Fault,  and  MOSFET  Gate  Voltage 
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pin  10  (CT,  channel  1).  Note  that  for  small  values 
of  Ct  the  scope  probe  capacitance  on  pin  10  can 
decrease  the  frequency.  The  third  from  the  top  is 
the  primary  side  current  at  1A/div  (channel  4). 
Note  that  there  is  a  470pF  capacitor  in  parallel  with 
the  MOSFET  primary  switch  to  reduce  clamp  loss 
[2],  The  bottom  trace  is  the  gate  voltage  at  pin  8 
(OUT,  channel  2)  which  drives  an  IRF630  through 
a  1 3fi  resistor. 

A  low  impedance  load  was  applied  and  the  result- 
ing converter  waveforms  are  shown  in  Figure  10 
with  the  same  scales  as  used  in  Figure  9  except 
the  output  voltage  scale  was  decreased  and  the 
primary  current  scale  on  the  AM503B  was 
increased  from  1A/div  to  2A/div  (channel  4).  The 
average  load  current  was  17.4A  and  the  frequency 
was  reduced  from  403kHz  to  267kHz.  The  output 
voltage  decreased  from  5.016V  to  0.880V. 


A  toggle  switch  was  used  to  change  from  frequency 
foldback  to  non-frequency  foldback  operation.  This 
allowed  direct  comparison  between  frequency  fold- 
back  and  non-frequency  foldback  operation  as  the 
load  resistance  decreased.  Figure  11  shows  the 
data  taken  under  the  same  conditions  with  and 
without  frequency  foldback.  It  was  found  that  a  fan 
was  helpful  in  keeping  the  sense  resistors  cool  in 
order  to  avoid  drift  during  current  measurement. 
The  shape  of  the  curves  in  Figure  11  differ  from 
Figure  3,  obviously  the  computer  model  has  not 
taken  into  account  all  of  the  parasitic  and  satura- 
tion effects.  The  value  of  RouT3  calculated  in 
Appendix  I  was  increased  to  33.1  k  to  generate  the 
frequency  foldback  curve  shown  in  Figure  11.  The 
actual  measured  frequency  versus  output  voltage 
is  shown  in  Figure  12. 
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Figure  11.  VI  Characteristics  with  and  without  Frequency  Foldback 


400  t 

350 

300  -- 

N 

I 

250 

& 

C 

200 

0) 

3 

CT 
£ 

150  -■ 

100  - 

50 

0  -- 

3  4 

Voltage  (V) 


Figure  12.  Measured  Frequency  versus  Measured  Output  Voltage 


3-643 


APPLICATION  NOTE 


U-164 


SUMMARY 

The  UCC3884  peak  current  mode  controller 
provides  the  designer  a  frequency  foldback  scheme 
to  reduce  the  current  tail  often  seen  in  high  frequen- 
cy buck  derived  converters.  A  possible  practical 
design  approach  in  the  prototype  circuit  is  to  set  the 
minimum  frequency  to  about  1/3  of  the  nominal 
frequency  and  to  use  the  simplified  analysis  outlined 
above  to  give  first  pass  circuit  values  for  the  fre- 
quency foldback  resistors  Routl  Rout2.  and 
ROUT3-  During  testing  of  the  power  converter  low 
impedance  loads  can  be  applied  for  final  adjustment 
of  the  frequency  foldback  resistors  and  to  verify 
desired  operation.  The  maximum  duty-cycle  clamp 
and  volt-second  clamp  may  be  used  to  enhance 
performance  and  reliability  of  the  power  converter 
system.  The  undervoltage  lockout,  clock  synchro- 
nization, depletion-mode  MOSFET  driver,  and 
soft-start  functions  are  all  provided  to  complete  a 
feature  rich  peak  current  mode  controller  within  a  1 6 
pin  DIL  package. 
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Appendix  I:  Oscillator  and  Volt-Second  Calculations 

High  Performance  UCC3884  PWM  with  Frequency  Foldback  and  Volt-Second  Clamp 
Mathcad  design  worksheet.         by  Philip  Cooke 


Specifications: 
Input  Votage 
Output  voltage 
Operating  frequency 


35V<Vin<72V 
5V  dc 
400  kHz 


f  =  400  10J 


D_max  =0.75 

N:=8 
2 

Vt:=3.5 


Estimated  operating  frequency  (for  non-frequency  foldback  conditions). 
Maximum  duty-cycle. 
Primary  transformer  turns  ratio. 


Vb  =1.5 
Vd  =0.5 
Kon  =8.8 
Koff  =8.8 
K  =  1.1 

Vds_on  =0.15 
Vout  =5 
Vref  =5 
Vin_min  :  =  35 
Vin_max  :  =  72 


Peak  oscillator  voltage. 
Minimum  oscillator  voltage. 


Estimated  voltage  drop  on  secondary  forward  diode. 
Ion  multiplier  to  charge  Ct. 
loft  multiplier  to  discharge  Ct. 


Volt-second  constant. 


Approximate  voltage  drop  of  primary  switch. 
Output  dc  voltage. 

Output  of  on-board  UCC3884  regulator. 
Minimum  input  voltage. 


Maximum  inc 


Oscillator  Calculations: 


Calculate  the  timing  capacitor  from  the  frequency: 


Ct  = 


2104f 


which  gives       Ct  =  1.25-10 
1 


10 


Recalculate  operating  frequency,  f 


select 
so  that 


Ct:=12010 


12 


f  =  4.167-10 


2- 10  Ct 


< 

u 
-I 
a 
a 
«s 
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The  oscillator  on  time  is  given  by  equation  8  Tosc_on  =  D-max      Tosc_on  =  1.8-10  6 


Now  from  equation  12,  calculate  Ion 

Ct  Vb  4 

Ion   —   so  that  Ron  :=—  Ron  =9.9-10 

4.4Tosc_on  Ion 

loff  is  found  from  equation  15  Ioff  :  =  0  2273  Ct  f  Ion  Ioff  =  4.548-10"5 

Ion  -  0.2273-Ct-f 

Vt  A 

Finally,  Roff  is  R0ff:  =  —  Roff  =  7.696- 104 

Ioff 

Checking  the  Kon*lon  and  KofHoff  values  Kon-Ion  =  1.333-10 

to  be  sure  thev  don't  exceed  800  mA:  -a 

cy  ca^u  ow  mr».  Koff  loff  =  4.002- 10 


Frequency  Foldback  Calculations: 

Set  Routl  to  4.99  kW.  Routl  =4.99103 

Rearranging  equation  17  to  solve  for  Rout2:   Rout2  :=  RoutlVout-  Routl      Rout2  =  1.248- 103 

4 

The  minimum  frequency  is  selected  to  be  1/3.3  of  the  nominal  frequency;  now  loff  minimum 
can  be  calculated  from  equation  15: 

0.2273-Ct-— -Ion 

Ioff  :  =  —   Ioff  =  4.457- 1 0"6 

Ion  -  0.2273-Ct  — 
3.3 

With  loff  equation  18  is  used  to  find  the  minium  value  of  Vx 

Vx    Roff  Ioff 

With  Vx  =0.343  V  Rout3  is  given  by  (equation  19): 

Rout3  :=  Routl-Routl   /V^f  _  ^        ^  = 
Routl  +-  Rout2  \  Vx 
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Volt-Second  Calculations: 

Choose  10  kW  for  Rvs1  and  set  D_vs  =  1.467*D_max;         Rvsl  =  10103 

Calculate  the  operating  duty-cycle  at  Vin_min.  Dop  :=         Vout  +  V  

( Vin_min  -  Vds_on ) — 
N 

From  equation  22        Rvs2  =Rvsl-  Vin-minDoP_  A  rvs2=2. 

\     D_max  / 

Final  Selection  of  Components: 

Routl  =4.99  103       Rout2  :  =  2.00103  Ron-100103      Roff  =76.8- 103 

Rout3  =  13.7103       Ct  =12010"12  Rvsl  =10103       Rvs2  :  =  287-1 03 


Recalculate  Ion,  loff,  f,  Tosc_on,  and  Tosc_off: 


Vb 


Ion  Ion  =  1.5-10  5  Kon  lon  =  1.32*10  4 

Ron 

loff  =  —  loff  =  4.557- 10~5  Koff  loff  =  4.01- 10~4 

Roff 

2 

1  5  2 

f=   f  =  4.167-105  b 

2.104-Ct  O 

a 

Ct  -fi  CL 

Tosc_on=   Tosc_on  =  1.818-10  < 

4.4- Ion 

1  -7 

Tosc_off       -  Tosc_on  Tosc  off  =  5 . 8 1 8- 1 0 


Derive  Equations  to  Plot: 


i  =0  1   100  Set  up  a  range  variable. 


,,.            /  Vin_max  -  Vin  min\  ... 
Vm.  =  Vin_mm  +   —  -i  Use  i  as  a  parameter  to  vary  Vin. 

\  100  / 
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Vo.  :  =  Vout-  1   Vary  Vo  parametry  with  i. 


i 


100/ 


D_op.  =  Vouti- Vd   Calculate  the  steady  state  operating  duty- 

fVin  -  Vds  onV—  cycle  as  a  function  of  inPut  voltage. 

I     i        "    I  N 

The  Vx  voltage  is  calculated  assuming  no  clamp  or  load  of  the  VOUT  pin: 

RoutlRout3  RoutlRout2 

Routl+Rout3  Routl^Rout2  , 

Vx.  .  =  Vo.  h  Vref 

'     /  Routl  Rout3      D     ,\      1     /  Routl  Rout2  ,\ 
+■  Rout2   +  Rout3 


\Routl  +  Rout3  /  \Routl  +  Rout2 

Next,  the  3.5V  limit  is  taking  care  of  by  the  Mathcad  conditional  if  statement: 

Vout.  :  =  if(Vx.>3.5,3.5,Vx.) 

Now  the  Ct  discharge  current,  Tosc_off,  and  f  can  be  found  as  a  function  of  Vout; 

loff.  :^  Tosc  off.  =(Vt-Vb)-Ct  f.  1 


Roff  1       Koff  loff.  1     Tosc  on  +  Tosc  off. 

i  —  —  i 

A  temporary  variable  is  used  to  calculate  the  voltage  at  the  VVS  pin  as  the  input 
voltage  varies.  Stop  gaps  of  0.6V  and  4.5V  are  assumed. 

...        _      Rvsl  „T. 
Vtemp.  Vin. 

1    Rvsl  +  Rvs2 
Vvs.  =  if  ( Vtemp.  <0.6 , 0.6,  if  ( Vtemp.  >4.5 , 4.5 ,  Vtemp.) ) 

Finally,  the  effective  volt-second  duty-cycle  clamp  is  calculated; 


ta  _„D_max 
D_vs.  -K  

1  Vvs. 
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Plot  Expected  Results: 

Waveforms  from  top  to  bottom;  maximum  duty  cycle,  volt-second  clamp, 
and  operating  duty  cycle 


35  40  45  50  55  60  65  70  75 

Vin. 

input  dc  voltage  (V) 


Voltage  at  the  VOUT  pin  as  the  actual  output  voltage  varies. 

5  I  1  1  1  


4 


0  I  1  !  1  1  1 

0  1  2  3  4  5 

V°i 

output  voltage  (V) 
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Frequency  foldback  characteristics:  as  the  output  voltage  decreases 
the  converters  operating  frequency  decreases. 

5M05   I  i  1  1  


1'105 


2  3 
output  voltage  (V) 
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Please  see  Unitrode  Databook  (IC-1050) 
for  complete  datasheets. 

Please  note  Hot  Swap  Power  Managers 
were  formerly  known  as  "Electronic 
Circuit  Breakers". 
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A  SIMPLE  ISOLATION  AMPLIFIER  USING  THE  UC1901 


The  UC1901  Isolated  Feedback  Generator  has  other  ap- 
plications besides  providing  isolated  feedback  in  switch- 
ing power  supplies.  This  IC's  amplitude  modulation 
system  and  error  amplifier  can  be  used  to  implement  a 
very  low  cost,  high  bandwidth,  isolation  amplifier.  Isola- 
tion amplifiers  of  this  type  find  use  in  switching  power 
supplies,  motor  controls,  instrumentation,  industrial  con- 
trols and  medical  systems. 

The  UC1901  generates  a  programmable  high  frequency 
carrier  signal  (up  to  5MHz)  with  an  amplitude  that  is  con- 
trolled by  a  high  gain  error  amplifier.  In  a  typical  feed- 
back application,  this  amplifier  and  modulator  are  used, 
in  conjunction  with  the  UC1901's  1.5V  reference  and  a 
small  signal  coupling  transformer,  to  provide  precision 
regulation  for  an  isolated  switching  power  supply.  Ca- 
pacitively  coupled  feedback  around  the  UC1901  error 
amplifier  determines  the  device's  small  signal  AC  re- 
sponse, but  the  DC  operating  point  is  determined  by  the 
requirements  of  the  overall  power  supply  loop.  By  add- 
ing an  additional  winding  on  the  coupling  transformer 
and  a  demodulator  circuit  for  this  winding,  local  DC  feed- 
back can  be  provided  to  the  UC1901's  error  amplifier.  In 
this  mode  very  accurate  DC,  as  well  as  small  signal,  AC, 
transfer  functions  can  be  established  across  the  isola- 
tion boundary. 


The  configuration  of  an  isolation  amplifier  using  the 
UC1901  is  shown  in  the  figure  below.  The  drivers  on  the 
UC1901  couple  an  amplitude  modulated  carrier  to  two 
matched  windings  (W2  and  W3  )  on  a  small  signal  trans- 
former. The  demodulated  signal  from  winding  W2  is 
used  to  provide  feedback  to  the  UC1 901  's  error  amplifier 
while  the  demodulated  signal  from  W3  is  the  isolated 
output  signal.  The  use  of  the  feedback  winding  linearizes 
the  transfer  function  of  the  overall  amplifier  and  allows 
DC  signals  to  be  accurately  transferred.  Matching  of  the 
two  demodulator  windings  and  demodulator  circuits  is 
important  to  maximize  linearity  and  minimize  DC  offsets. 
An  optional  output  buffer  and  filter  will  reduce  residual 
carrier  ripple  and  isolate  the  output  demodulator  from  its 
load.  The  internal  gain  compensation  on  the  UC1901  is 
sufficient  for  stable  operation  with  overall  gains  down  to 
12dB.  This  circuit  requires  a  supply  voltage  to  the 
UC1901  that,  if  not  available  in  the  system  already,  can 
be  generated  using  a  second  similar  circuit  operating  in 
the  reverse  direction. 

The  primary  features  of  this  circuit  are: 

1 .  Good  Signal  Linearity 

2.  Wide  Bandwidth  (3dB  Bandwidths  >  500kHz) 

3.  High  Isolation  Capability 

4.  Low  Cost 


A  Low  Cost,  High  Bandwidth,  Isolation  Amplifier:  An  additional  feedback  winding  linearizes  the  transfer  func- 
tion of  the  amplifier  by  matching  the  coupling  characteristics  to  the  isolated  output. 
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LOW  COST  START-UP  AND  FAULT  PROTECTION 
CIRCUIT 


This  circuit  optimizes  control  circuit  performance  to 
include: 

•  Low  Start-up  Current,  Less  Than  0.5  ma 

•  MOSFET  Compatible  Undervoltage  Lockout 
Thresholds  16V  Turn-on,  10V  Turn-off 

.  Programmable  Restart  Delay  HICCUP  Fault 
Protection 

•  Auxiliary  5V  Precision  Reference 

•  Overvoltage/Overtemperature  Protection 

CIRCUIT  DESCRIPTION  AND  OPERATION: 

The  UC3842A  Controller  is  featured  in  this  design  NOT 
as  the  power  supply  control  IC,  but  in  a  supervisory  func- 
tion to  assist  the  principal  PWM.  It  will  be  utilized  to  facili- 
tate a  low  current  start-up  of  less  than  0.5  milliamp  from 
the  high  voltage  bulk  supply.  Additionally,  the  UC3842A 
features  16  volt  turn-on  and  10  volt  turn-off  thresholds, 
ideally  suited  for  power  mosfet  gate  drive  circuits.  The  1 
amp  output  of  the  UC3842A  is  used  to  switch  the  auxil- 
iary supply  voltage  to  the  principal  PWM  controller,  a 
UC3825  or  UC3846  for  example. 

The  oscillator  of  the  UC3842A  is  configured  to  generate 
a  constant  off  time,  corresponding  to  the  desired  restart 
delay  interval.  At  the  beginning  of  its  operation,  the  UV 


initiates  a  clock  cycle  and  the  PWM  output  at  pin  6  goes 
high.  This  is  fed  to  transistor  Qi  which  pulls  the  Rt/Ct  in- 
put at  pin  4  low,  thus  "freezing"  the  oscillator,  while  keep- 
ing the  PWM  output  high.  Once  a  valid  fault  (greater  than 
1  volt)  is  received  at  the  current  sense  input  (pin  3),  the 
output  at  pin  6  will  go  low.  Transistor  Qi  is  then  turned 
off,  and  the  oscillator  generates  an  off  period,  or  delay 
as  programmed  by  the  Rt/Ct  components.  This  proce- 
dure will  repeat  as  often  as  dictated  by  the  fault  condi- 
tions, but  significantly  reduces  the  average  short  circuit 
currents  and  power  dissipation. 

The  UC3842A's  current  sense  node  is  used  as  the  fault 
input,  and  can  be  configured  to  provide  numerous  safe- 
guards. Primary  overvoltage  protection  is  accomplished 
by  using  a  simple  resistor  divider  network  or  series 
string  of  zener  diodes  to  the  high  voltage  rail.  Overtem- 
perature  protection  is  possible  by  including  the  UC3730 
Precision  Thermal  Monitor  IC,  or  a  variable  impedance 
thermistor.  In  a  simple  configuration,  the  fault  circuit  is 
designed  to  deliver  a  1  volt  input  to  pin  3  of  the 
UC3842A  when  a  fault  response  is  necessary.  The  error 
amplifier  can  also  be  biased  to  accept  lower  amplitudes 
of  valid  fault  inputs  at  the  current  sense  input.  A  preci- 
sion five  volt  auxiliary  supply  is  made  available  at  the 
IC's  reference  output,  pin  8  and  can  supply  20  milliamps 
maximum. 


UC3842A  Supervisory  Function  Circuits 


♦  HVOC  > 


LOW  COST  START-UP  and  FAULT  PROTECTION  CIRCUIT 


-HYDC  > 


<  BOOTSTRAP 
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Design  Note 


DN-26 


COMBINED  LATCH/RESET/HICCUP  FUNCTIONS 
General  Circuit 
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DN-27 


UC1842/UC1842A  FAMILY 
SUMMARY  OF  FUNCTIONAL  DIFFERENCES 


The  industry  standard  series  of  UC 1842/43/44/45  de-  UC1842A/43A/44A/45A,  feature  three  major  advantages 
vices  has  been  improved  for  higher  frequency,  off-line  over  their  predecessors  as  shown  in  the  summary  be- 
power  supplies.  This  new  "A"  series  of  controllers,  low. 


Start  Up  Current 


UC1 842/45 

UC1842A/45A 

Typical  (Tj  =  25°C) 

0.5ma 

0.3ma 

Maximum  (Tj  =  25°C) 

1.0ma 

0.5ma 

Oscillator  Discharge  Current 


UC1 842/45 

UC1842A/45A 

MIN     TYP  MAX 

MIN     TYP  MAX 

At  Tj  =  25°C  (mA) 

7         10  13 

7.8       8.3  8.8 

Overtemp.  Range 

6         —  14 

7.5        —  8.8 

Output  Saturation 


UC1 842/45 

UC1842/45A 

During  UVLO 

1V  @  0.2ma 

1V  @ 10ma 

The  reduced  start-up  current  is  of  particular  concern  in 
offline  supplies  where  the  IC  is  "powered-up"  from  the 
high  voltage  DC  rail,  then  bootstrapped  to  an  auxiliary 
winding  on  the  main  transformer.  Power  is  then  dissi- 
pated in  the  start-up  resistor  which  is  sized  by  the  IC's 
start-up  current.  Lowering  this  by  50%  in  the  "A"  version 
family  will  reduce  the  resistors  power  loss  by  the  same 
percentage. 

Precision  operation  at  high  frequencies  with  an  accurate 
maximum  duty  cycle  can  now  be  obtained  with  the  "A" 


family  of  devices  due  to  its  trimmed  oscillator  discharge 
current.  This  nullifies  the  effects  of  production  variations 
in  the  initial  discharge  current  or  deadtime. 

Another  significant  improvement  has  been  made  in  the 
output  section,  specifically  to  the  lower  totem-pole  tran- 
sistor's operation  during  undervoltage  lockout.  The  "A" 
series  of  devices  prevent  the  power  MOSFETs  from 
parasitically  turning-on  at  powerup  due  to  the  "Miller"  ef- 
fect. This  new  technique  allows  the  IC  to  sink  higher  cur- 
rents at  lower  saturation  voltages  than  it's  predecessors. 
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UC3840/UC3841/UC3851  PWM  CONTROLLERS 
SUMMARY  OF  FUNCTIONS  AND  DIFFERENCES 


The  UC3840/UC3841  and  UC3851  PWM  controllers  in- 
corporate numerous  protection  features  for  switch  mode 
power  supplies.  The  list  includes  programmable  under- 
voltage  lockout  thresholds,  programmable  current  limit 
thresholds,  overvoltage  protection,  soft-start  and  exter- 
nal stop/reset  capability.  While  these  controllers  are  simi- 
lar in  concept,  there  are  subtle  differences  amongst 

EXTERNAL  STOP 


them  in  the  operation  of  the  error  latch  circuitry,  specifi- 
cally, the  external  stop  and  reset  inputs.  The  UC3841 
and  UC3851  ICs  feature  an  improved  circuit  design 
which  simplifies  the  interface  to  the  internal  protection 
circuitry.  A  summary  of  the  functions  and  modes  of  op- 
eration is  listed  below. 


UC3840 

UC3841/51 

Low  (<0.8V) 

Stop 

Defeat  E/L  Operation 

High 

Normal 

Stop 

Open 

Normal 

Normal 

Cap.  to  GND 
During  Power-up 

Not 

Recommended 

Delay  E/L  Operation 
at  =  13msec/u.F 

E/L=  Error  Latch 

RESET 

UC3840 

UC3841/51 

High  (>3.2V) 

Latch 

Latch 

Low  (<2.8V) 

Requires  UV 
Cycle  to  Reset 

Reset 

SOFT  START 


UC3840 

UC3841/51 

After  UV  or  Reset 

Unlatched 

Latched  (Vss  <  0.40V) 

(0 


The  UC3851  controller  incorporates  two  additional  tea-    driving  power  MOSFETs.  Maximum  duty  cycles  and  out- 
tures,  a  toggle  flip-flop  for  an  accurate  50%  maximum    put  configurations  for  each  device  is  shown  below, 
duty  cycle  clamp,  and  a  1  amp  peak  totem-pole  output  for 


MAXIMUM  DUTY  CYCLE  (TJ  =  25°C) 


UC3840/41 

UC3851 

RT  =  20k,CT  =  1nF 

0-95% 

0-46% 

PWM  OUTPUT 

UC3840/41 

UC3851 

1A(PK) 

Open  Collector  Active  Low 

Totem  Pole  Active  High 
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UC3842A  FAMILY 
FREQUENCY  FOLDBACK  TECHNIQUE  PROVIDES  PROTECTION 


Excessive  power  dissipation  in  switching  devices  can  oc- 
cur during  start-up  and  overload  conditions  in  many 
switchmode  power  supplies.  Many  sophisticated  PWM 
controllers  provide  the  means  for  protection  against 
these  conditions;  however,  simple  low-cost  controllers 
will  require  additional  circuitry.  The  circuit  described  be- 
low utilizes  only  one  additional  resistor  and  transistor  to 
enhance  the  performance  of  the  UC3842A  family  of  con- 
trollers. 

The  power  supply  output  voltage  is  fed  to  the  error  am- 
plifier inverting  input  (pin  2)  at  a  2.5  volt  amplitude  under 
normal  operating  conditions.  During  start-up  or  overload, 


however,  this  voltage  can  drop  to  zero.  The  circuit  shown 
uses  this  feedback  voltage  to  divert  normal  charging  cur- 
rent from  the  IC's  timing  capacitor  to  ground  whenever 
the  feedback  voltage  is  below  the  2.5  volt  nominal.  A  lin- 
ear three-to-one  reduction  of  oscillator  frequency  is  ob- 
tainable for  most  applications.  This  technique  lengthens 
the  potential  maximum  on-time  and  reduces  the  pro- 
grammed deadtime.  In  many  circuits,  however,  the  peak 
current  limit  threshold  is  reached  early  in  the  cycle  under 
these  overload  conditions,  and  this  is  not  a  problem.  For 
most  applications,  the  foldback  resistor  value  (Rf) 
should  equal  that  of  the  timing  resistor  (Rt). 


EXAMPLE: 

100  kHz  operation,  Rt  =  15k,  Ct  =  1  nF,  Rf  =  15k,  Qi  =  2N2907A 


OPERATING  MODE 

NORMAL 

OVERLOAD 

Ve/a  -  (pin  2) 

2.50V 

o.oov 

Oscillator  Freq. 

105  kHz 

36  kHz 
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Design  Note 

PROGRAMMABLE  ELECTRONIC  CIRCUIT  BREAKER 


The  design  of  a  programmable  electronic  circuit  breaker 
is  shown  below  which  utilizes  the  UC3843A  control  IC  to 
facilitate  a  high  speed  turn-off  following  an  overcurrent 
condition.  This  low  cost,  industry  standard  IC  contains 
the  required  protection  features  and  drive  capability  in  a 
single  8  pin  device. 

CIRCUIT  OPERATION 

Power  to  the  controller  is  provided  by  a  simple,  low  cost 
60Hz  transformer  from  the  AC  line  which  delivers  12 
VAC  at  the  secondary.  The  output  current  is  determined 
primarily  by  the  relay  used  with  an  additional  10  mil- 
liamps,  or  so,  drawn  by  the  IC.  Undervoltage  lockout  pre- 
vents any  operation  until  10  VDC  is  obtained  across 
capacitor  C1 ,  when  the  UC3843A  will  turn  on.  The  PWM 


output  at  pin  6  goes  high  which  drives  the  relay  ON  and 
switches  the  load  across  its  respective  power  source. 
The  load  current  is  sensed  by  the  current  transformer 
T2,  multiplied  by  its  turns  ration(N)  and  develops  a  volt- 
age across  the  sense  resistor  R4.  This  resistor  is  scaled 
to  delivery  1  volt  maximum  at  the  full  load  current  and  is 
one  input  to  the  PWM  comparator. 

While  the  output  at  pin  six  is  high  transistor  Q1  is  also 
turned  ON  which  disables  the  ICs  oscillator,  locking  the 
output  high  until  toggles  by  the  PWM.  A  1 0k  resistor  (R5) 
to  the  supply  voltage  (pin  7)  supplies  bias  to  Q1  after  the 
output  has  gone  low,  providing  a  latched  OFF  condition. 
This  can  easily  be  reset  by  pulling  Q1's  gate  low  through 
1  k  ohms  to  ground  as  shown. 


SCHEMATIC  DIAGRAM 


ELECTRONIC  CIRCUIT  BREAKER  FEATURES  HIGH  SPEED  CURRENT  LIMITING 


+ 

UC 

36 

10 

12  VDC  TO  AC 
RELAY 

  LINE 


RESET 


•  PROGRAMMABLE  CURRENT  ADJUST 


UC 

3610 

+ 


TO  AC 
LOAD 


I  SENSE 


The  other  input  to  the  PWM  comparator  is  represented  by  the  voltage  at  pin  1 ,  the  error  amplifier  output  which 
can  be  adjusted  by  resistor  R2.  Internally,  this  voltage  is  reduced  by  two  diode  drops  then  attenuated  to  one- 
third  its  amplitude.  The  PWM  circuitry  compares  this  voltage  with  that  of  the  current  sense  input  at  pin  3. 
When  the  current  sense  input  exceeds  the  threshold  set  by  resistor  R2,  the  comparator  is  tripped  and  the 
ouptput  at  pin  6  is  latched  OFF. 
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OPTOCOUPLER  FEEDBACK  DRIVE  TECHNIQUES 


The  use  of  optocouplers  in  the  feedback  path  of  switch- 
mode  power  supplies  is  probably  one  of  the  most  com- 
mon practices  in  the  industry.  Benefits  of  this  method 
include  low  component  cost,  high  voltage  isolation  and 
simplicity  of  design  and  implementation.  Although  ade- 
quate for  many  existing  designs,  the  need  for  additional 
loop  gain  bandwidth  occurs  as  switching  frequencies  are 
pushed  towards  the  megahertz  region. 

One  of  the  most  popular  ways  to  drive  an  optocoupler 
utilizes  a  TL431  Adjustable  Shunt  Regulator.  It  is  config- 
ured on  the  output  side  of  the  power  supply  to  modulate 
the  optocoupler's  photo  diode  current  as  a  function  of  the 
power  supply  output  voltage.  Across  its  isolation  bound- 
ary, the  optocoupler  transistor  is  connected  to  the  PWM 
controller's  error  amplifier  on  the  primary  side  of  the 
power  supply.  Variations  in  the  output  voltage  are  opti- 
cally transferred  back  to  the  error  amplifier  and  control 
loop  for  correction.  Providing  additional  features  like  over 
current  protection  or  external  shutdown  require  extra  op- 
tocouplers and  drive  mechanisms,  thus  increasing  the 
circuit  complexity. 


A  linear  regulator  control  IC,  such  as  the  UC3832, 
UC3833  or  UC3836  can  be  substituted  for  the  '431  while 
providing  numerous  additional  features  besides  regulat- 
ing the  output.  Overcurrent  limiting  and  fault  protection 
can  be  combined  with  the  error  voltage  to  drive  the  opto- 
coupler and  override  it  when  necessary.  Handshaking 
with  external  control  logic,  such  as  shutdown  and  se- 
quencing is  greatly  simplified  since  the  control  IC  is  re- 
ferred to  the  same  ground.  The  most  obvious  benefit, 
however,  is  the  introduction  of  the  supplementary  error 
amplifier  in  the  feedback  loop  with  programmable  com- 
pensation. 

Depending  on  the  specific  application,  current  limiting 
can  be  tailored  to  accommodate  a  programmable  fold- 
back  characteristic,  constant  current  or  complete  over- 
current  shutdown.  The  UC3832  and  UC3833  provide  an 
addition  level  of  versatility  by  offering  a  programmable 
duration  event  timer  in  the  current  limit  circuitry.  An  ad- 
justable trip  threshold  to  accommodate  varying  load  de- 
mands can  be  facilitated  with  the  UC3832.  For  additional 
information,  please  consult  application  note  U-116  and 
the  respective  device  data  sheets. 


UC3833  LINEAR  CONTROL  IC  DRIVES  OPTOCOUPLED  FEEDBACK 

+  V0UT   J  y  WV  »  »- 
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OPTOCOUPLER  FEEDBACK  DRIVE  TECHNIQUES 
USING  THE  UC  3901  AND  UC3903 


Numerous  techniques  and  devices  are  available  to 
the  designers  of  optocoupler  feedback  circuits.  The 
more  traditional  approaches  utilize  either  an 
adjustable  shunt  regulator  like  the  TL431  device  or 
an  op-amp  and  voltage  reference  as  the  optocoupler 
driver.  While  these  approaches  do  satisfy  the  basic 
requirements  in  many  applications,  quite  often  they 
lack  the  performance  that  is  achievable  from  a  more 
sophisticated  circuit.  Too  often,  these  low  cost 
solutions  necessitate  additional  protection  circuitry 
elsewhere  in  the  control  circuit  to  overcome  the 
deficiencies  in  the  feedback  path. 

A  variety  of  low  cost  supervisory  ICs  contain  the 
required  building  blocks  for  the  more  demanding 
optocoupler  feedback  drive  applications.  Initially 
developed  to  address  other  specific  power  supply 
tasks,  several  control  ICs  excel  in  the  role  as 
precision  optocoupler  control  and  drivers. 

The  basic  building  blocks  necessary  for  optocoupler 
feedback  control  are  a  precision  reference,  an  error 


amplifier  and  a  drive  stage  capable  of  approximately 
20  milliamps.  In  a  typical  application,  the  power 
supply  output  voltage  is  monitored  and  compared  to 
a  reference  voltage  to  the  error  amplifier  inputs. 
Loop  compensation  and  gain  are  programmed 
around  the  amplifier,  and  the  resultant  error  voltage 
(Ve)  modulates  the  optocoupler  drive  current,  hence 
feedback. 

In  addition  to  the  simple  regulation  of  output  voltage, 
several  other  housekeeping  functions  can  be 
performed  on  the  secondary  side  of  the  power 
supply  -  all  with  a  single  integrated  controller.  Fault 
protection,  for  example,  from  an  over  voltage  or  an 
over  current  condition  can  be  detected  and  used  to 
override  the  normal  optocoupler  drive.  An 
undervoltage  lockout  feature  could  prevent  false 
feedback  information  during  power-up  and  power 
down  sequences  of  the  power  supply.  Also,  a 
POWER-OK  indicator  could  separately 
communicate  with  the  primary  side  controller,  or, 
used  to  gate  the  optocoupler  drive  at  the  secondary 
side. 


cn 
m 


Basic  Optocoupler  Driver  Circuit 


OP  AMP 


V  OPTO 

COUPLER 


TO 
PWM 


Figure  1 . 
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THE  UC  3901  ISOLATED 
FEEDBACK  GENERATOR 

Many  isolated  feedback  applications  required  higher 
performance  than  can  be  obtained  from  an 
optocoupler  feedback  technique.  Generally,  these 
fall  into  one  of  two  categories;  high  frequency 
switchers  (above  250kHz)  and  those  with  very  high 
voltage  isolation  requirements  (greater  than  5kV). 
The  UC  3901  was  developed  to  amplitude  modulate 
a  high  frequency  carrier  applied  to  a  transformer  in 
place  of  the  optocoupler.  A  peak  detection  circuit  is 
used  to  reconstruct  the  error  voltage  waveform 
across  the  isolation  boundary. 

By  disabling  the  internal  oscillator,  no  chopping 
occurs  and  the  outputs  operate  as  linear  drivers. 
When  placed  across  an  optocoupler  this 


configuration  yields  similar  results  to  other  drive 
techniques  -  with  two  advantages.  First,  a  closed 
loop  startup  of  the  power  supply  can  be  obtained 
since  both  inputs  to  the  error  amplifier  are  made 
available.  Rather  than  using  the  traditional  approach 
of  soft-starting  the  error  amplifier  output,  the 
noninverting,  or  reference  input  is  gradually  ramped 
up.  This  technique  prevents  a  large  overshoot  from 
occurring  as  the  output  approaches  regulation.  In 
contrast  to  the  prior  method,  the  amplifers  loop 
compensation  network  is  not  abnormally  biased 
during  startup  -  causing  the  output  excursions. 
Additionally,  an  over  and  under  voltage  detection  is 
available  at  the  UC3901  "Status  output"  pin.  This 
open  collector  output  can  drive  a  separate  fault 
indication  optocoupler  for  communication  to  the 
PWM  controller. 


Optocoupler  Drive  Circuit  Features  Additional  Protection 


TO  FAULT 
CIRCUIT 


Figure  2. 
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IGBT  DRIVE  USING  MOSFET  GATE  DRIVERS 


John  A.  O'Connor 


IGBT  Drive  Requirements 

Insulated  gate  bipolar  transistors  (IGBTs)  are 
gaining  considerable  use  in  circuits  requiring  high 
voltage  and  current  at  moderate  switching 
frequencies.  Typically  these  circuits  are  in  motor 
control,  uninterruptible  power  supply  and  other 
similar  inverter  applications.  Much  of  the  IGBTs 
popularity  stems  from  its  simple  MOSFET-like  gate 
drive  requirement.  In  comparison  to  bipolar 
transistors  which  were  formally  used  in  such 
designs,  the  IGBT  offers  a  considerable  reduction  in 
both  size  and  complexity  of  the  drive  circuitry. 
Recent  improvements  in  IGBT  switching  speed  has 
yielded  devices  suitable  for  power  supply 
applications,  thus  IGBTs  will  compete  with 
MOSFETs  for  certain  high  voltage  applications  as 
well.  Many  designers  have  therefore  turned  to 
MOSFET  drivers  for  their  IGBT  drive  requirements. 


COLLECTOR 


7k  Cce 


EMITTER 

Figure  1 .  High  dv/dt  at  the  collector  couples  to  the  gate 
through  parasitic  capacitance. 

IGBT  drive  requirements  can  be  divided  into  two 
basic  application  categories:  Those  that  do  not  apply 
high  dv/dt  to  the  collector/emitter  of  the  IGBT  when 
it  is  off,  and  those  that  do.  Examples  of  the  former 
are  buck  regulators  and  forward  converters,  where 
only  one  switch  is  employed  or  multiple  switches  are 
activated  synchronously.  High  dv/dt  is  applied 
during  the  off-state  in  most  bridge  circuits  such  as 
inverters  and  motor  controllers,  when  opposing 
devices  are  turned  on.  Simultaneous  conduction  of 


opposing  devices  can  occur  in  such  circuits,  often 
with  catastrophic  results  if  proper  gate  drive  and 
layout  precautions  are  not  followed.  This  behavior  is 
caused  by  parasitic  collector  to  gate  (miller) 
capacitance,  effectively  forming  a  capacitive  divider 
with  the  gate  to  emitter  capacitance  and  thus 
inducing  a  gate  to  emitter  voltage  as  illustrated  in 
figure  1 . 

When  high  off-state  dv/dt  is  not  present,  the  IGBT 
can  be  driven  like  a  MOSFET  using  any  of  the  gate 
drive  circuits  in  the  UC37XX  family  as  well  as  from 
the  drivers  internal  to  many  switching  power  supply 
controllers.  Normally  15  volts  is  applied  gate  to 
emitter  during  the  on-state  to  minimize  saturation 
voltage.  The  gate  resistor  or  gate  drive  current 
directly  controls  IGBT  turn-on,  however  turn-off  is 
partially  governed  by  minority  carrier  behavior  and 
is  less  effected  by  gate  drive. 

There  are  several  techniques  which  can  be 
employed  to  eliminate  simultaneous  conduction 
when  high  off-state  dv/dt  is  present.  The  most 
important  technique,  which  should  always  be 
employed,  is  a  Kelvin  connection  between  the  IGBT 
emitter  and  the  driver's  ground.  High  di/dt  present  in 
the  emitter  circuit  can  cause  substantial  transient 
voltages  to  develop  in  the  gate  drive  circuit  if  it  is  not 
properly  referenced.  The  Kelvin  drive  connection 
also  minimizes  the  effective  driver  impedance  for 
maximum  attenuation  of  the  dv/dt  induced  gate 
voltage.  This  requirement  adds  complication  to 
driving  multiple  ground  referenced  IGBTs  due  to 
finite  ground  circuit  impedance.  Substantial  voltages 
may  develop  across  the  ground  impedance  during 
switching,  requiring  level  shift  or  isolation  circuitry  at 
the  command  signal  to  allow  Kelvin  drive  circuit 
connections. 

Bipolar  Gate  Driver 

A  Kelvin  connected  unipolar  driver  may  often  be 
adequate  at  lower  switching  speeds,  however 
negative  gate  bias  must  be  applied  during  the 
off-state  to  utilize  the  IGBT  at  higher  rates.  This 
becomes  apparent  when  one  considers  that  the  gate 
to  emitter  threshold  voltage  drops  to  approximately 
1 .4  volts  at  high  temperature.  With  high  dv/dt  at  the 
collector  ,  a  very  low  and  impractical  drive 
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impedance  is  required  to  assure  that  the  device 
remains  off.  By  utilizing  a  negative  turn-off  bias,  an 
adequate  voltage  margin  is  easily  achieved, 
allowing  the  use  of  a  more  practical  gate  drive 
impedance.  Fortunately  most  gate  drivers  have 
sufficient  voltage  capability  to  be  used  with  bipolar 

TTL 
750 


-Vee 

Figure  2.  Bipolar  IGBT  gate  drive  using  the  U3708 

power  supplies.  The  UC3708  shown  in  figure  2  can 
deliver  up  to  6  amps  peak  with  both  output's 
paralleled,  and  is  particularly  suited  to  driving  IGBTs. 
For  added  reliability  during  power  sequencing,  its 
output's  "self  bias",  actively  sinking  current  when 


insufficient  supply  voltage  is  present.  The  positive 
supply,+Vcc,  is  normally  15  to  16  volts  and  the 
negative  supply,  -VEE,  typically  ranges  between  -5 
and  -1 5  volts  depending  on  circuit  conditions.  A  PNP 
level  shift  circuit  references  the  drive  signal  to 
ground.  Opto-couplers  are  also  commonly 
employed,  and  may  be  interfaced  directly  to  the  gate 
driver  by  referencing  the  signal  to  the  negative 
supply.  Note  that  this  is  a  very  demanding 
application  for  optocouplers,  and  only  devices  rated 
for  high  CMRR  should  be  used. 

Isolated  Gate  Driver 

A  bipolar  IGBT  gate  driver  with  over-current 
protection  can  be  implemented  using  the 
UC3724/UC3725  isolated  gate  driver  pair  as  shown 
in  figure  3.  The  UC3724/UC3725  transmits  both 
power  and  signal  across  a  small  pulse  transformer, 
thereby  achieving  low  cost,  high  voltage  isolation. 
An  additional  transformer  winding  develops  a 
negative  voltage,  providing  a  bipolar  supply  for  the 
UC3708.  The  UC3724/UC3725  can  also  be  used  for 
circuits  which  do  not  require  negative  turn-off  bias 
by  simply  eliminating  the  negative  supply  and 
external  driver,  and  using  the  UC3725  to  drive  the 
IGBT  gate  directly.  Application  note  U-127  covers 
the  UC3724/UC3725  in  depth. 
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Figure  3.  Power  and  signal  are  coupled  to  the  UC3708  through  the  UC3724  /  UC3725  Isolated  Gate  Driver  Pair. 
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UC1525B/UC1527B  DEVICES 
Comparison  Summary  to  UC1525A/27A  Devices 


The  UC1 525B  and  UC1 527B  devices  are  enhanced 
versions  of  the  previous  generation  of  UC1525A 
and  UC1527A  devices.  They  are  pin-for-pin 
compatible  and  direct  replacements  for  the  "A" 
versions  in 


almost  all  applications.  Significnt  improvements 
have  been  made  in  the  5.1V  reference  voltage  and 
the  output  drivers  as  itemized  in  the  tables  below. 


REFERENCE  VOLTAGE 

Vref  (min) 

5.062  V 

5.05  V 

Vref  (max) 

5.138  V 

5.15  V 

Line  Regulation  (max) 

+/-10mV 

+/-20  mV 

Load  Regulation  (max) 

+/-15mV 

+/-50  mV 

Temperature  Stability  (max) 

+/-30  mV 

+/-50  mV 

Total  Output  Variation  (max) 

5.036  V  to  5.164  V 

5.00  V  to  5.20V 

Long  Term  Stability  (max) 

+/-10mV 

+/-50  mV 

Temperature  Coefficient  (typ) 

8  ppm/deg.  C 

PWM  OUTPUT  SECTION 

Minimum  On-Time  (typ) 

350  nS 

600  nS 

Cross  Conduction 

30  nC 

150  nC 

SUPPLY  CURRENT 

ICC  Increase  (40  kHz  to  400  kHz) 

1 5  mA  (max) 

40  mA  (typ) 

ESD  PROTECTION 

Discharge  Withstand  Voltage  (typ) 

2  kV  (typ  all  pins) 

no  protection 

CO 
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UNIQUE  "CHEAP  AND  DIRTY"  CONVERTER 
FOR  LOW  POWER  BIAS  SUPPLIES 
Bill  Andreycak 

Regulated  output  voltage  is  obtained  -  regardless  of  input  voltage 


Most  power  supply  designs  use  PWM  controller  ICs 
and  MOSFET  switches  which  require  10  to  15  volt 
bias  supplies  for  proper  operation.  A  common 
application  problem  is  to  first  generate  an  auxiliary 
supply  within  this  range.  Although  simple  in  many 
applications,  developing  this  supply  with  a  variable 
low  voltage  input  can  be  challenging  especially 
when  the  input  amplitude  goes  both  below  and 
above  the  desired  output  voltage.  The  circuit  shown 
below  is  a  unique,  inexpensive  solution  to  this 
problem. 

Basically,  the  topology  is  a  two  transistor  flyback 
(buck-boost)  converter  which  provides  a 
noninverting  output  polarity.  By  varying  the  duty 
cycle,  the  output  voltage  can  be  either  higher  or 
lower  than  the  input  amplitude.  This  attribute  makes 
this  approach  ideally  suited  for  many  widerange 
input  or  automotive  applications.  Likewise,  this 
technique  is  equally  applicable  to  power  factor 
correction  applications.  Additionally,  the  inductor 
can  be  operated  in  either  the  continuous  or 
discontinuous  current  modes. 

BUCK-BOOST  CONVERTER  (2  XTOR) 


Vout 


-  VlN 


Figure  1. 

Implementation  of  this  technique  will  require  a  "high 
side"  switch  connected  to  the  input  voltage  (Vin)  and 
a  low  side  switch  to  ground.  Both  of  these  are 
activated  together,  placing  the  inductor  across  the 
input  supply  while  the  switches  are  on.  At  turn  off, 
the  inductor  is  placed  across  the  output  capacitor 


and  the  two  diodes  conduct  until  the  current  reaches 
zero  (discontinuous  mode)  or  the  next  switching 
cycle  is  initiated  (continuous  mode).  Inductor  voltage 
and  current  waveforms  are  shown  at  maximum  duty 
cycle  for  clarity. 

INDUCTOR  VOLTAGE  AND  CURRENT 


VL 

0 


^  X 

■  ■■.|....|....|..m|....; 

■  v  ■ 

■  ■■,|....|..,.|....|..M 

Figure  2. 

At  first,  most  PWM  controllers  may  seem  to  be  likely 
candidates  for  implementation  of  this  technique. 
However,  only  one  PWM  features  the  ability  to 
simultaneously  switch  both  outputs  together.  The 
UC494A  provides  this  operational  mode  by 
grounding  its  output  control  (O/C)  input.  Also  limiting 
the  IC  selection  is  the  fact  that  one  IC  output  must 
go  high  and  the  other  low  each  cycle.  This  is 
accomplished  by  connecting  each  of  the  UC494A's 
output  collectors  and  emitters  as  required. 

Switching  at  200kHz  in  this  application,  the  UC494A 
is  programmed  by  a  9.1  K  timing  resistor  (RT)  and 
470  pF  capacitor  (CT).  High  frequency  conversion 
facilitates  the  use  of  a  small  (surface  mount)  inductor 
and  output  storage  capacitor.  Output  voltage  is 
regulated  by  using  the  ICs  "A"  amplifier  as  the 
voltage  error  amplifier.  The  15  volt  output  is  divided 
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down  to  5  volts  across  the  15  K  ohm  resistor  at  pin 
1  and  compared  to  the  reference  voltage  at  pin  14. 
The  30K  ohm  resistor  to  Vout  can  be  changed  to 
provide  different  output  voltages  if  required. 
Amplifier  "B"  is  not  used,  but  can  be  configured  to 
provide  overcurrent  or  overvoltage  protection  if 
desired.  Schottky  (1N5820)  diodes  are  used  in  the 


power  stage  to  maximize  efficiency.  Standard  silicon 
diodes  can  be  substituted  in  cost  sensitive 
applications  with  some  performance  degradation. 
Efficiency  for  the  400  mW  converter  shown  in  figure 
3  is  approximately  50%  for  inputs  between  7  and  16 
volts  and  decreases  slightly  at  higher  and  lower 
inputs.  Consult  Unitrode  Design  Note  DN-37  for 
further  information  about  5  volt  PWM  operation. 
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OPTIMIZING  PERFORMANCE  IN  UC3854 
POWER  FACTOR  CORRECTION  APPLICATIONS 

by  Bill  Andreycak 


The  performance  of  the  UC3854  Power  Factor 
Correction  IC  in  the  250  watt  application  example 
has  been  evaluated  using  a  precision  PFC/THD 
instrument.  The  result  was  a  power  factor  of  0.999 
and  Total  Harmonic  Distortion  (THD)  of  3.81%, 
measured  to  the  50th  line  frequency  harmonic  at 
nominal  line  and  full  load.  Users  should  get  similar 
results  at  these  conditions,  as  well  as  over  most  line 
and  load  ranges.  Summarized  next  are  the  circuit 
modifications  which  will  improve  the  performance  of 
most  UC3854  PFC  applications. 

AMPLIFIER  CLAMPS 

There  are  a  few  ways  to  improve  the  obtainable 
power  factor  and  performance  in  an  application 
circuit.  First,  the  current  amplifier  outputs  should 
have  a  "clamp"  circuit  to  limit  the  output  voltage 
swing  and  prevent  saturation  of  the  amplifier. 
Without  the  clamps,  overshoot  of  the  current  loop 
could  result  thus  degrading  optimal  performance. 
The  current  amplifier  should  be  clamped  with  a  7.5 
volt  zener  diode  from  the  output  (pin3)  back  to  the 
inverting  input  ISENSE(pin4).  This  example  is 
shown  in  figure  1.  Each  amplifier  is  self  protected 
with  internal  current  limiting,  however  the  IC  power 
consumption  may  increase  during  this  interval.  This 
clamp  is  built  in  to  the  UC3854A. 

CURRENT  AMPLIFIER 

OFFSET  VOLTAGE  CANCELLATION 

The  current  amplifier  maximum  input  offset  voltage 
is  specified  as  +/-  4  millivolts.  Failing  to 
accommodate  the  offset  voltage  can  causes  a  spike 
in  the  leading  edge  of  the  line  current  following  the 
zero  voltage  crossing.  The  spike  will  occur  until  the 
current  amplifier  comes  out  of  saturation  and  then 
resumes  normal  operation.  The  worst  case  offset 
voltage  can  be  canceled  by  adding  a  small  current 
to  the  biasing  resistor  (R3)  located  from  I  SENSE 
(pin  4)  to  ground.  This  cancellation  current  (1.1  u.A  ), 
when  multiplied  by  the  bias  resistor  value  (3.9K) 
should  be  designed  to  provide  the  four  millivolt  offset. 


TO  Vout 


OFFSET 
VOLTAGE 
CANCELLATION 

8.2  MEG 

<  AAA/ — i 

TO  Vcc 


" — wv- 


7.5  V  ZENER 

 w — 


COMPENSATION 
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Figure  1 . 


This  offset  cancellation  current  should  be  obtained 
from  the  UC3854  supply  voltage.  Although  a 
constant  current  source  is  optimal,  a  resistor  from 
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Vcc  to  the  I  SENSE  input  will  provide  acceptable 
results  as  shown  also  in  figure  1.  An  8.2  megohm 
resistor  will  develop  a  1 .1  microamp  current  into  the 
3.9  K  ohm  resistor  used  in  the  design  example.  This 
will  generate  a  4.28  millivolt  offset  at  the  worst  case 
of  operation  where  Vcc  is  9  volts.  It  is  adviseable  to 
generate  this  bias  from  Vcc  and  not  the  UC3854 
reference  which  is  inactive  until  the  undervoltage 
lockout  threshold  is  reached.  Bias  cancellation 
circuits  from  the  reference  could  cause  the  current 
amplifier  to  saturate  before  the  devices  crosses  its 
UVLO  turn-on  threshold.  This  condition  will  increase 
the  start-up  current  of  the  UC3854  above  its  2 
milliamp  specification  and  may  prevent  start-up  in 
certain  off-line  applications. 

CURRENT  SENSE  AMPLITUDE 

The  current  sense  signal  should  be  made  as  high  as 
possible,  and  a  one  volt  full  scale  signal  is 
recommended.  Since  resistive  sensing  can  cause 
high  power  loss  many  users  elect  to  generate  only 
100  to  200  millivolts  at  full  load.  In  comparison, 
ground  noise  and  slight  amplifier  offset  voltages 
represent  a  higher  percentage  of  the  total  current 
sense  signal.  Best  results  are  obtained  with  the  one 
volt  (max)  input  and  lower  performance  could  be 
incurred  with  lower  current  sense  signals,  especially 
at  light  loads  and  high  line  voltages.  Alternatives  to 
resistive  current  sense  are  given  below  . 

CURRENT  SENSE  TECHNIQUES 

An  optional  technique  to  resistive  current  sensing 
should  be  considered  to  reduce  power  loss  in  the 
current  sense  circuitry.  Two  current  sense 
transformers  can  be  installed  to  sum  both  the  switch 
and  diode  currents  which  will  recreate  the  actual 
inductor  current  as  shown  in  figure  2.  These 
transformers  must  be  designed  to  operate  over  the 
full  range  of  duty  cycles  for  the  PFC  converter  design 
which  approaches  100%  as  the  line  voltages  nears 
zero. 

Another  current  sensing  option  is  to  use  a  DC  current 
sense  module  or  transformer  which  is  typically  Hall 
Effect  based.  Two  application  concerns  are  the  cost 
and  accuracy  of  this  technique  which  may  limit  its 
usage  to  only  specialized  applications. 

A  single  current  sense  transformer  in  series  with  the 
PFC  switch  can  also  be  used.  This  technique  will 
require  some  additional  circuitry  to  accurately 
reconstruct  the  primary  current  signal  as  shown  in 
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Figure  2. 

figure  3.  Generating  the  inductor  current  signal  while 
the  switch  is  on  is  a  simple  task.  The  difficulty  is  in 
reconstructing  the  inductor  current  while  the  switch 
is  off  while  no  current  is  flowing  in  the  current  sense 
transformer. 

Inductor  current  sensing  can  be  simplified  to  use  only 
one  current  sense  transformer  and  a  current  sink 
circuit.  The  current  sense  signal  is  developed  across 
resistor  Rl  through  diode  Dl  while  the  switch  is  on.  A 
second  diode  to  the  current  sense  transformer 
develops  an  identical  voltage  across  capacitor  CI  as 
determined  by  the  current  sense  resistor  primary 
current  and  turns  ratio.  When  the  PFC  switch  turns 
off  capacitor  CI  maintains  the  peak  amplitude  of  the 
previous  current  sense  signal.  Charge  is  removed  by 
an  ideal  current  sink  circuit  which  lowers  the 
capacitor  voltage  linearly  during  one  switching  cycle. 
The  current  is  scaled  to  discharge  at  the  rate 
proportional  to  Vout  minus  Vin(t)  divided  by  the 
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inductor  value,  L.  The  input  voltage  (Vin)  is 
constantly  varying  throughout  the  AC  line  cycle  and 
so  must  the  capacitor  discharge  current. 

PFC  BOOST  CONVERTER 


TO  Vin 


TO 
Vin 


VOUT 


SINGLE  TRANSFORMER  CURRENT  SENSE 
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TO  PIN  5   <]  WV  

Figure  3. 

The  circuitry  shown  in  figure  4  will  modulate  the 
current  sink  inversely  with  the  instantaneous  line 
voltage.  This  will  result  in  the  correct  discharge  of 
capacitor  C1  to  reconstruct  the  actual  inductor 
current.  Polarity  has  been  optimized  for  use  with  the 
UC3854  which  requires  a  current  sense  signal  below 
the  ground  reference.  Another  option  is  to  develop  a 
few  volts  of  current  sense  signal  to  improve  noise 
immunity  and  resistively  divide  this  down  to  the  one 
volt  maximum  input  to  the  UC3854  controller. 

Transistors  Ql  through  Q4  should  be  identical  for 
best  results.  Transistors  Ql  and  Q3  are  for 
temperature  compensation  of  the  base  emitter 
junctions  of  Q2  and  Q3.  Emitter  ballasting  (50  to  1 00 
mV)  will  also  improve  performance.  The  emitter 
currents  of  Ql  and  Q2  should  be  similar  and  equal  to 
Vin/Rin.  This  current  is  diverted  away  from  the  bases 
of  Q3  and  Q4  which  limits  the  total  range  of  sink 
current  to  the  current  sense  filter  capacitor,  CFILT. 


Figure  4. 

SCHOTTKY  PROTECTION  DIODES 

Each  pin  of  the  UC3854  must  be  protected  from 
negative  voltages  exceeding  minus  three  hundred 
millivolts  (-0.3V)  maximum.  In  most  applications, 
only  three  pins  of  the  IC  need  external  protection 
Schottky  diodes.  The  gate  drive  output  (pin  16) 
requires  a  1N5820  3  amp  Schottky  diode  to  protect 
against  parasitic  inductive  effects  with  high  speed 
switching.  The  multiplier  output  (pin  5)  and  peak 
current  limit  (pin  2)  need  Schottky  diode  protection 
during  abnormal  overcurrent  conditions  and  during 
the  initial  inrush  currents  upon  power-up.  A  1N5817 
Schottky  diode  will  provide  adequate  clamping  since 
the  currents  are  low  due  to  series  resistors  to  the 
current  sense  circuitry. 
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REGULATED  AUXILIARY  SUPPLY 

A  secondary  winding  on  the  PFC  boost  inductor  can 
be  used  to  deliver  a  regulated  auxiliary  bias  supply 
with  few  external  components  as  shown  in  figure  5. 
Unlike  more  conventional  and  unregulated  single 
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REGULATED  AUXILIARY  BIAS 


Caux 


Figure  5 


diode  or  bridge  rectifier  techniques,  this  approach 
uses  two  diodes  in  a  full  wave  configuration. 

This  arrangement  develops  two  separate  voltages 
across  capacitors  C1  and  C2  each  with  120  Hz 
components.  However,  when  these  two  are  summed 
at  capacitor  C3,  the  line  variations  are  canceled,  and 
a  regulated  auxiliary  bias  is  obtained.  The  number  of 
turns  on  the  secondary  winding  will  adjust  the  bias 
supply  voltage.  Additional  windings  on  the  boost 
inductor  with  similar  rectification  and  filter  circuitry 
can  be  used  to  deliver  other  semi-regulated  isolated 
outputs. 

UC  3854  POWER  FACTOR  CORRECTION 
EVALUATION  KIT 

LIST  OF  COMPONENTS 
CAPACITORS  (25  VDC) 

C1  =  0.47  uF/250  VAC 

C2  =  450  uF/450  VDC 

C3  =  270  pF 

C4  =  1  uF 

C5  =  NOT  USED 

C6  =  47  nF 

C7  =  0.47  u.F 

C8  =  NOT  USED 

C9  =  100  mF 

C10  =  10nF 

C11  =1  nF 

C12  =  0.1  uF 

C13  =  62  pF 

C14  =  NOT  USED 

C15  =  620  pF 

C16  =  1  uF 


DIODES 

D1  =4  AMP/800VDC  BRIDGE 

D2  =  UHVP806  FAST  RECOVERY 

D3  =  18  VZENER 

D4  =  1 N5821  SCHOTTKY  3A 

D5=  1N4148 

D6=  1  AMP/1 00V  BRIDGE 
D7  =  1N5817Schottky 
D8  =  1N5817Schottky 

FUSE 

F1  -  6A/250VAC  FUSE 
INDUCTOR 

L1  =  1  milliHenry  Inductor 
TRANSISTORS 

Q1  =  500V/0.25  ohm  NMOS  FET 
Q2  =  450V/0.5A  NPN 
Q3  =  50V/.5A  NMOS  FET 

RESISTORS  (1/2  WATT) 

R1  -  0.25  ohm/5  WATT 

R2  =  3.9  K 

R3  =  3.9  K 

R4  =  1.6  K 

R5  =  10K 

R6  =  24  K 

R7  =240  K 

R8  =  910  K  (400V) 

R9  =  91  K 

R10  =  20K 

R1 1  =  220  K 

R12  =  27K 

R13  =  75K 

R15  =  ZERO  ohm 

R20  =  3  K 

R21  =  24  K 

R22  =  30  K/3W 

R23  =  470  K 

R24=  USER  SPECIFIED 

R25  =  910  K  (400V) 

R26  =  NOT  USED  (OPEN) 


THERMISTOR 

TH1  =  ohm  NTC 

INTEGRATED  CIRCUIT 

U1  =  UC3851  PFC  CONTROLLER 
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THE  EFFECTS  OF  OSCILLATOR  DISCHARGE  CURRENT  VARIATIONS 
ON  MAXIMUM  DUTY  CYCLE  AND  FREQUENCY 
IN  UC3842  AND  UC3842-"A"  PWM  ICs 


by  YEAM  CHONG  HOCK 


Many  designers  try  to  program  a  precise  maximum 
duty  cycle  and  operating  frequency  by  careful  se- 
lection of  the  oscillator  timing  components,  Rt  and 
Ct.  Because  of  the  variations  in  oscillator  discharge 
current,  very  accurate  programming  is  not  easily 
obtainable.  However,  it  is  possible  with  ICs  which 
contain  a  "trimmed"  discharge  current  which  has 
specified  limits.  This  Design  Note  will  detail  pro- 
gramming frequency  and  maximum  duty  cycle  with 
both  types  of  oscillators.  Simplified  equations  will 
be  used  to  develop  obtainable  ranges  for  these  pa- 
rameters over  IC  tolerances. 

ON-TIME 

Maximum  on-time  directly  corresponds  to  the  maxi- 
mum charging  time  of  the  timing  capacitor.  Charg- 
ing time  (TC)  is  determined  by  the  timing  capacitor 


IR 


RT 


IC  ► 


CT 


VREF 

RT/CT 

— i 


V  ID 

J 


t  / 

V 

1 

X 

- 

-     TD  - 

 TC  ► 

Figure  2:  Timing  Waveforms  and  Design  Equations 

value  (Ct),  the  charging  current  (IRt)  and  the  volt- 
age amplitude  between  the  upper  and  lower  oscil- 
lator thresholds. 


OFF-TIME  (DEADTIME) 

The  off -time  occurs  while  the  timing  capacitor  is 
discharged  from  the  oscillator  upper  threshold  to  its 
lower  threshold.  The  discharge  current  actually 
sinks  two  currents  to  ground.  One  current  is  flowing 
from  the  discharging  timing  capacitor.  Another  cur- 
rent flows  from  the  timing  resistor  (Rt)  pulling  to 
Vref.  Therefore,  the  effective  timing  capacitor  dis- 
charge current  (ICt)  is  the  ICs  discharge  current 
(Id)  minus  the  timing  resistor  charging  current  (IRt). 
Maximum  duty  cycle  and  switching  frequency  can 
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Figure  1:  Basic  UC3842  Oscillator  Circuit 
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be  controlled  by  accurately  setting  the  ratio  of 
these  currents  and  capacitor  value.  The  related 
equations  are  listed  below. 

CHARGING: 

dV 

ICt=Cx^lCt=CxdV/Tc 
Tc 

5V 

ICt  =  —  (approximation) 

Ht 


TC  =  cx 


dV 


IRt 

DISCHARGING: 

ICt=ld-IRt 

dv 


Td= cx- 


TO 


(  IRt- Id) 

(  Id-  IRt) 
Id 


DUTY  CYCLE: 

D=  TC 
(  Tc+  Td) 

n  (Id-Rt) 
Id 

SWITCHING  FREQUENCY: 

1  1 


F  = 


Tper  (Tc+Td) 


r_(ld-IRt) 
(  Idx  Tc) 

EXAMPLE  1: 

This  example  will  calculate  the  potential  variations 
in  maximum  duty  cycle  and  frequency  using  a 
standard  UC3842  device.  A  ten  milliamp  internal 
discharge  current  (Id  =  10mA)  will  be  used  for  in- 
itial programming.  The  worst  case  limits  of  6  and  14 
milliamp  discharge  currents  will  be  used  to  analyze 
the  possible  variations.  A  target  of  100kHz  at  60% 
duty  cycle  will  be  used. 

Id  =  10mA  (typical 

ld(  min  )  =  6mA  W(  max  )  =  14mA 

F(  typ)  = 100kHz 

D  =  0.60  (60%) 


Based  on  the  10mA  discharging  current  and  the 
equations  previously  mentioned; 

IRt  =  4mA  and  Tc=  6us 

Using  the  same  Rt  and  Ct  values  with  a  discharge 
current  of  6mA  results  in: 

Dmax=  0.33  (30%) 

F=  55kHz 

When  the  highest  discharge  current  of  14mA  is 
used,  the  results  are: 

Dmax  =0.71  (71%) 

F=  118kHz 

Therefore,  the  total  possible  range  due  to  dis- 
charge current  variations  in  maximum  duty  cycle 
and  frequency  is: 

Dmax=  33  71  percent 

Frequency =  55  1 18kHz 

In  most  applications  this  range  is  far  too  wide  to 
use  in  a  high  volume  production  environment.  One 
technique  to  minimize  the  effects  of  the  discharge 
current  is  to  have  the  ICs  sorted  into  different 
groups.  Each  group  can  have  a  tight  distribution  or 
tolerance  and  will  use  a  specific  timing  resistor  and 
capacitor  to  achieve  the  desired  frequency  and 
duty  cycle.  Each  other  group  will  also  need  a  spe- 
cific Rt  and  Ct  for  that  group.  Keeping  these  groups 
separated  can  create  problems  in  some  production 
situations.  One  alternative  is  to  have  the  ICs  meas- 
ured and  "binned"  at  the  factory.  Another  way  is  to 
use  only  ICs  within  one  distribution  group,  for  ex- 
ample, 10mA  +/-  1mA.  Listed  below  is  a  general 
procedure  to  follow  with  grouped  parts. 

1 .  Sort  ICs  by  discharge  current  range 
ex:  7mA  +/- 1  mA  (6-8mA  total) 

2.  Select  Rt  and  Ct  using  previous  equations  and 
worst  case  conditions. 

Table  1  shows  the  results  of  selecting  ICs  by  dis- 
charge current.  The  oscillator  was  programmed  not 
to  exceed  1 00kHz  and  60%  maximum  duty  cycle. 


4-22 


Design  Note 


DN-40 


1  Discharge 

Rt 

Ct 

Minimum 

Maximum 

Minimum 

Maximum 

(+/- 1  m A) 

/LA 

(nF) 

Duty% 

UUtyTo 

rreq  (KHz) 

rreq  (KHZ) 

7mA 

1.56 

11.3 

47 

60 

77.8 

100 

9mA 

1.25 

14.1 

50 

60 

83.3 

100 

11mA 

1.04 

16.9 

52 

60 

86.7 

100 

TRIMMED  DISCHARGE  CURRENT: 

Very  repeatable  and  predictable  high  volume  pro- 
duction can  be  rescued  from  these  variations  by 
using  the  right  IC,  one  with  a  trimmed  discharge 
current.  The  UC3842A,  UC3843A,  UC3844A  and 
UC3845A  devices  have  an  internal  factory  trimmed 
discharge  current  with  a  tight  distribution.  This  is 
set  at  8.3mA  typically,  and  can  only  vary  between  a 
low  of  7.5mA  and  a  high  of  8.8mA.  Programming 
these  ICs  for  a  50%  maximum  duty  cycle  and 
100kHz  switching  frequency  will  result  in  worst 
case  variations  of: 

D(min)  =  56% 

D  (  max )  =  62% 


F(min)  =  92.9R-Hz 
F(max)  =  103.8«-Hz 

This  is  a  significant  improvement  over  the  non  "A: 
version  devices.  The  accuracy  of  these  ICs  will  im- 
prove when  these  ICs  are  used  at  wider  maximum 
duty  cycles,  for  example  65  to  85  percent.  The 
UC3844A  and  UC3845A  are  intended  for  50% 
maximum  duty  cycle  applications  and  contain  a  flip 
flop  to  insure  that  50%  D(max)  is  never  exceeded. 
The  UC3842A  and  UC3843A  have  maximum  duty 
cycles  near  100%  and  can  be  adjusted  lower  using 
the  appropriate  Rt  and  Ct  components. 
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Transformers  are  used  extensively  for  current  sens- 
ing because  they  can  monitor  currents  with  very 
low  power  loss  and  they  have  wide  bandwidth  for 
good  waveform  fidelity.  Current  transformers  per- 
form well  in  applications  with  symmetrical  AC  cur- 
rents such  as  push-pull  or  full  bridge  converter 
topologies.  In  single-ended  applications,  especially 
boost  converters,  problems  can  arise  because  of 
the  need  to  accurately  reproduce  high  duty  factor, 
unipolar,  waveforms.  Unipolar  pulses  may  saturate 
the  current  transformer  and,  if  this  happens,  over 
current  protection  will  be  lost  and,  for  current  mode 
control,  regulation  will  be  lost  and  an  over  voltage 
condition  will  result. 

The  transformer  core  must  be  reset  after  each 
pulse  so  that  the  full  range  of  the  transformer  will 
be  available  for  the  next  pulse.  Self  reset  of  the 
current  transformer  is  the  most  common  tech- 
niques used  but  it  has  drawbacks.  Self  reset  uses 
the  energy  stored  in  the  current  transformer  core 
for  reset  and  depends  on  the  open  circuit  imped- 
ance of  the  current  transformer  to  generate  enough 
volt-seconds  in  a  short  period  of  time  for  reset. 
Current  transformers  operated  above  a  50%  duty 
factor  may  not  have  enough  stored  energy  to  allow 
complete  reset  in  the  time  available  and  this  situ- 
ation becomes  worse  as  the  duty  factor  ap- 
proaches 100%. 

The  magnetizing  inductance  of  the  current  trans- 
former must  be  kept  high  because  this  determines 
the  amount  of  droop  the  current  waveform  will  ex- 
hibit over  the  pulse  period.  The  higher  the  induc- 
tance the  lower  the  droop  will  be.  The  waveform 
droop  opposes  slope  compensation  and  should  be 
kept  to  a  minimum.  High  magnetizing  inductance 
also  means  that  the  core  stores  very  little  energy 
which  can  be  used  to  reset  the  core. 

The  current  transformer  turns  ratio  generally  needs 
to  be  high  to  lower  the  power  loss.  The  more  turns 
put  on  the  core,  however,  the  greater  the  leakage 
inductance  and  the  greater  the  parallel  capaci- 
tance. The  leakage  inductance  by  itself  is  gener- 


ally not  a  problem  but  it  will  limit  the  current  rise 
and  fall  times.  The  parallel  capacitance  also  limits 
the  bandwidth  of  the  current  transformer  but  it  is  a 
greater  problem  during  transformer  reset.  For  the 
transformer  to  reset  properly,  all  of  the  energy 
stored  in  the  core  must  be  removed.  In  self  reset 
this  energy  must  transfer  from  the  magnetizing  in- 
ductance to  the  parallel  capacitance  in  a  resonant 
manner.  If  the  capacitance  is  too  large,  the  reso- 
nant frequency  will  be  too  low  and  the  magnetizing 
inductance  will  not  be  reset  before  the  next  pulse 
begins. 
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Figure  1 :  Conventional  self-reset  current 


Figure  1  shows  a  conventional  current  transformer 
circuit  which  uses  self  reset.  The  current  I  flowing 
in  the  primary,  causes  a  current  to  flow  through  D 
and  Rs  to  generate  an  output  voltage  proportional 
to  Vc=IRs/N  where  N  is  the  current  transformer 
turns  ratio.  The  problems  discussed  above  occur 
during  the  reset  interval  when  l=0.  The  core  of  T 
may  not  have  enough  energy  to  fully  reset  itself  in 
the  time  available  given  the  secondary  capacitance 
of  T  plus  the  capacitance  of  D. 

The  problems  with  self  reset  of  current  transform- 
ers for  unipolar  pulse  applications  can  be  over- 
come with  simple  forced  reset  techniques  derived 
from  magnetic  amplifiers.  Duty  factors  above  90% 
are  achievable  with  these  techniques. 
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Figure  2:  Current  transformer  with  forced  reset 

Figure  2.  shows  the  same  circuit  as  Figure  1  con- 
figured for  forced  reset.  The  diode  D  has  been 
moved  from  the  high  side  of  the  transformer  secon- 
dary winding  to  the  ground  side.  This,  of  course, 
has  no  effect  on  the  operation  of  the  circuit  and 
during  the  pulse  this  circuit  behaves  exactly  as  ex- 
pected. During  reset,  however,  Rr  makes  the  cir- 
cuit operation  quite  a  bit  different. 

A  current  from  Vcc  through  Rr  can  be  much  greater 
than  the  self  reset  current  available  from  the  mag- 
netizing current  of  the  transformer.  This  forcing 
current  rapidly  charges  the  parasitic  capacitances 
and  reverses  the  voltage  on  the  secondary  of  the 
transformer.  The  applied  volt-seconds  can  quickly 
reset  the  core  so  that  high  duty-factor  operation  is 
possible. 

The  forced  reset  may  be  high  enough  to  drive  the 
current  transformer  into  saturation  and  this  is  an 
acceptable  practice  because  the  core  will  be  satu- 
rated in  the  opposite  direction  (i.e.  full  reset)  from 


the  current  pulse  to  be  measured.  This  can  be 
beneficial  in  some  applications  as  it  doubles  the 
number  of  volt-seconds  available  from  the  trans- 
former. 


Figure  3:  Negative  output  current  sense 

In  some  applications  it  may  be  desirable  to  gener- 
ate a  negative  voltage  from  the  current  transformer. 
This  can  be  accomplished  without  a  negative  volt- 
age source  to  reset  the  transformer.  Figure  3 
shows  the  configuration.  In  this  circuit  there  will  be 
an  error  because  the  reset  current  subtracts  from 
the  sense  current  in  Rs  during  the  pulse.  Care 
must  be  taken  to  minimize  this  effect. 

There  are  other  circuit  configurations  which  are 
possible  to  force  reset  of  the  current  transformer. 
Switches  may  be  used  to  switch  the  reset  current 
on  and  off.  Additional  windings  or  center  tapped 
windings  may  be  used  also.  Many  circuits  are  pos- 
sible and  may  provide  a  specific  improvement  at 
the  expense  of  complexity.  The  circuits  shown  here 
are  the  simplest  available  and  illustrate  the  basic 
concept. 
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DESIGN  CONSIDERATIONS  FOR  TRANSITIONING 
FROM  UC3842  TO  THE  NEW  UCC3802  FAMILY 

John  Gaumont 

In  an  attempt  to  stay  abreast  of  trends  in  the  power  supply  marketplace,  the  Power  Supply  Design  Engineer 
is  perpetually  seeking  methods  of  improving  upon  existing  designs.  Requirements  such  as  lower  power  for 
battery  operated  equipment,  higher  switching  frequencies  for  reduced  magnetics  size,  higher  levels  of  circuit 
integration  for  improved  reliability  and  lower  cost  have  become  necessities  for  survival. 

The  UCC3802  offers  numerous  advantages  which  allow  the  Power  Supply  Design  Engineer  to  meet  these 
challenging  requirements.  Features  include: 


•  BI-CMOS  Process 

•  Low  Starting  Supply  Current:  typically  100uA 

•  Low  Operating  Supply  Current:  typically  500uA 

•  Pin  out  Compatible  with  UC3842  and  UC3842A 
families 

•  5  Volt  Operation  (UCC3803,  UCC3805) 

•  Leading  Edge  Blanking  of  Current  Sense  Signal 

•  On-Chip  Soft  Start 

•  Internal  Full  Cycle  Restart  Delay 

•  1%  Voltage  Reference 

•  Up  to  1  MHz  Oscillator 

•  Self-Biasing  Output  Low  During  UVLO 

•  Very  Few  External  Components  Required 

•  70ns  Response  from  Current  Sense  to  Output 

•  Available  in  Surface  Mount  or  DIP  Package 

The  UCC3802  family  of  devices  are  pin  out 
compatible  with  the  UC3842  and  UC3842A  families 
however,  they  are  NOT  PLUG-IN  COMPATIBLE. 
In  general,  the  UCC3802  requires  fewer  external 
components  and  consumes  less  operating  current. 
The  following  UCC3802  family  attributes  should  be 
considered  BEFORE  inserting  the  device  into  a 
UC3842/42A  family  socket: 

1 .  Maximum  supply  voltage 

2.  Turn-on  and  Turn-off  thresholds 

3.  Oscillator  Rt,  Ct  values 

4.  Schottky  diodes  may  not  be  required 
on  output 

5.  No  current  sense  filter  required 

6.  No  soft  start  circuitry  required 

7.  Auxiliary  power  (bootstrap  winding)  may  not  be 
required 


Detailed  Pin  By  Pin  Description 

PIN  1  COMP--The  UCC3802  has  a  true  low  output 
impedance  error  amplifier  which  both  sources  and 
sinks  current.  The  error  amplifier  associated  with 
the  UC3842  family  is  an  open  collector  in  parallel 
with  a  current  source.  The  UCC3802  has  power-up 
soft  start  and  fault  soft  start  built  on-chip  with  a  fixed 
COMP  rise  time  to  5V  in  5ms.  Therefore,  NO 
EXTERNAL  SOFT  START  CIRCUITRY  IS 
REQUIRED  saving  1  resistor,  1  capacitor,  and  1 
PNP  transistor. 

PIN  2  FB-The  UCC3802  features  a  2  MHz 
bandwidth  error  amplifier  versus  1  MHz  on  the 
UC3842.  Feedback  techniques  are  identical  to  the 
UC3842  family.  Stray  capacitance  on  FB  should  be 
kept  as  small  as  possible,  and  the  lead  length  as 
short  as  possible  to  achieve  best  stability. 

PIN  3  CS-The  UCC3802  current  sense  is 
significantly  different  from  its  predecessor.  The 
UC3842  current  sense  input  connects  to  only  the 
PWM  comparator.  The  UCC3802  Current  Sense 
input  connects  to  two  comparators;  the  PWM 
comparator  and  the  over-current  comparator. 
Internal  leading  edge  blanking  masks  the  first  1 00ns 
of  the  current  sense  signal.  This  MAY  ELIMINATE 
THE  NEED  FOR  AN  RC  CURRENT  SENSE 
FILTER  AND  PREVENT  FALSE  TRIGGERING 
due  to  leading  edge  noise.  Connect  CS  directly  to 
MOSFET  source  current  sense  resistor.  The  gain 
of  the  current  sense  amplifier  on  the  UCC3802 
family  is  typically  1.65  V/V  versus  typically  3  V/V 
with  the  UC3842  family. 
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PIN  4  RC--The  UCC3802's  oscillator  allows  for 
operation  to  1  MHz  versus  500KHz  with  the 
UC3842.  Both  devices  make  use  of  an  external 
resistor  to  set  the  charging  current  for  the  capacitor 
which  determines  the  oscillator  frequency.  For  the 
UCC3802  and  UCC3804 

1.5 


Fhz 


Rohms • Cf 


For  the  UCC3803  and  UCC3805 
1.0 


FHz  = 


Rohms • Cf 


The  two  equations  are  different  due  to  different 
reference  voltages.  The  recommended  range  of 
timing  resistor  values  is  between  1 0K  and  200K;  the 
recommended  range  of  timing  capacitor  values  is 
between  100pF  and  1000pF.  The  peak  to  peak 
amplitude  of  the  oscillator  waveform  is  2.45  Volts 
versus  1 .7  Volts.  For  best  performance,  keep  the 
timing  capacitor  lead  to  GND  as  short  as  possible. 
Separate  ground  traces  for  the  timing  capacitor  and 
all  other  pins  are  recommended.  The  maximum 
duty  cycle  for  the  UCC3802/03  is  approximately 
99%;  the  maximum  duty  cycle  for  the  UCC3803/04 
is  approximately  49%.  The  duty  cycle  CANNOT  be 


easily  modified  by  adjusting  RT  and  CT,  unlike  the 
UC3842A  family.  The  maximum  duty  cycle  limit  is 
set  by  the  ratio  of  the  external  oscillator  charging 
resistor  RT  and  the  internal  oscillator  discharge 
transistor  on-resistance,  like  the  UC3842.  However, 
maximum  duty  cycle  limits  less  than  90%  for  the 
UCC3802/03  and  less  than  45%  for  the 
UCC3804/05  can  not  reliably  be  set  in  this  manner. 
For  better  control  of  maximum  duty  cycle,  consider 
using  the  UCC3807. 

PIN  5  GND--Both  devices  same. 

PIN  6  OUT-The  output  of  the  UCC3802  is  a  CMOS 
output  versus  a  Bipolar  output  on  the  UC3842.  Peak 
output  current  remains  the  same  +/-  1  Amp.  The 
CMOS  output  provides  very  smooth  rising  and 
falling  waveforms,  with  virtually  no  overshoot  or 
undershoot.  Additionally,  the  CMOS  output 
provides  a  low  resistance  to  the  supply  in  response 
to  overshoot,  and  a  low  resistance  to  ground  in 
response  to  undershoot.  Because  of  this, 
SCHOTTKY  DIODES  MAY  NOT  BE  NECESSARY 
on  the  output.  Furthermore,  the  UCC3802  has  a 
self-biasing,  active  low  output  during  UVLO.  This 
feature  ELIMINATES  THE  GATE  TO  SOURCE 


(0 

111 

5 


Figure  1 


Figure  1  illustrates  a  nonisolated  off-line  flyback.  Dotted  components  may  be  eliminated 
using  the  UCC3802  family. 
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"BLEEDER"  RESISTOR  associated  with  the 
MOSFET  gate  drive.  Finally,  NO  MOSFET  GATE 
VOLTAGE  CLAMP  is  necessary  with  the  UCC3802 
as  the  on-chip  zener  diode  automatically  clamps  the 
output  to  VCC. 

PIN  7  VCC-The  UCC3802  has  a  lower  VCC 
(supply  voltage)  clamp  of  13.5  Volts  typical  versus 
30  Volts  on  the  UC3842.  For  applications  which 
require  a  higher  VCC  voltage,  a  resistor  must  be 
placed  in  series  with  VCC  to  increase  the  source 
impedance.  The  maximum  value  of  this  resistor 
VIN(min)-VCC(max) 
Rm3X=     ICC  +  Qgate.F 

Additionally,  the  UCC3802  has  an  on-chip  zener 
diode  to  regulate  VCC  to  1 3.5  Volts.  The  turn-on 
and  turn-off  thresholds  for  the  UCC3802  family  are 


significantly  different:  12.5V  and  8V  for  the 
UCC3802  and  UCC3804;  4.1  V  and  3.6V  for  the 
UCC3803  and  UCC3805.  5  Volt  PWM  operation  is 
now  possible.  To  ensure  against  noise  related 
problems,  filter  VCC  with  an  electrolytic  and  bypass 
with  a  ceramic  capacitor  to  ground.  Keep  the 
capacitors  close  to  the  IC  pins. 

PIN  8  REF-The  UCC3802  and  UCC3804  have  a  5 
Volt  reference.  The  UCC3803  and  UCC3805  have 
a  4  Volt  reference;  both  +/- 1  %  versus  +/-  2%  on  the 
UC3842  family.  The  output  short  circuit  current  is 
lower.. .5mA  versus  30mA.  REF  must  be  bypassed 
to  ground  with  a  ceramic  capacitor  to  prevent 
oscillation  and  noise  problems.  REF  can  be  used 
as  a  logic  output;  as  when  VCC  is  lower  than  the 
UVLO  threshold,  REF  is  held  low. 
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Simple  Techniques  to  Generate  a 
Negative  Voltage  Bias  Supply 
from  a  Positive  Input  Voltage 

by  Bill  Andreycak 


Developing  a  low  power  negative  supply  voltage 
from  a  positive  input  supply  can  be  accomplished 
using  some  very  common  PWM  control  ICs.  Typical 
applications  include  generating  a  negative  five 
through  twelve  volt  (-5V  to  -12V)  supply  for  analog 
function  ICs  (OP  amps),  RS-232  communication 
circuits,  and  MOSFET  or  IGBT  gate  drives  at  power 
levels  below  a  few  Watts. 

Many  PWM  ICs  contain  a  high  current  totem  pole 
output  which  goes  high  during  the  device's  ON-time 
or  pulse  width.  The  exact  pulse  width  is  modulated 
to  regulate  a  converter's  output  voltage  during 
changes  in  input  voltage  and  output  current.  The 
ICs  totem  pole  output  can  also  be  used  as  the  main 
switch  in  low  power  applications.  One  example  of 
this  is  a  Flyback  converter  configured  as  shown  in 
Figure  1 . 


Figure  1:  Low  Power  Negative  Output  Voltage  +5V 
to  -5V  Inverter 
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With  this  arrangement,  the  inductor  (L)  charges 
when  the  IC  output  is  high  and  discharges  or  flies- 
back  when  the  IC  output  goes  low.  Energy  stored 
during  the  inductors  charging  time  is  transferred  to 
the  output  capacitor  (Cout)  during  the  flyback,  or 
OFF  portion  of  the  cycle.  When  a  BiCMOS  PWM 
control  IC  is  used,  the  external  diode  can  be  re- 
placed by  the  MOS  channel  and  body  diode  of  the 
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ICs  lower  totem  pole  transistor  thus  saving  one 
component.  Reverse  recovery  characteristics  are 
not  a  concern  since  current  also  flows  through  the 
MOS  transistor  channel  in  parallel  with  the  body  di- 
ode. 

The  circuit  can  be  designed  for  either  continuous  or 
discontinuous  inductor  current  operation,  depend- 
ing on  the  application.  Discontinuous  mode  is  gen- 
erally preferred  at  lower  power  levels  to  minimize 
inductor  size.  Continuous  inductor  current  operation 
is  more  applicable  with  higher  load  currents.  High 
frequency  switching  and  surface  mount  packaging 
options  minimize  overall  size. 

Conventional  duty  cycle  control  (  voltage  mode  )  is 
less  complex  to  implement  as  the  control  technique 
than  current  mode  control.  The  principal  difficulty  is 
sensing  the  inductor  current  which  is  not  referenced 
to  the  ICs  return  connection,  -Vout  instead  of 
ground.  Adding  a  current  sense  transformer  is  pos- 
sible, but  will  increase  cost  and  complexity.  Over- 
current  protection  is  obtained  by  using  the  ICs 
internal  maximum  current  limit  at  the  switch. 

Note  that  the  BiCMOS  UCC3803  device  used  in  the 
example  circuit  of  Figure  1.  has  a  maximum  low  im- 
pedance input  supply  voltage  rating  of  12VDC.  This 
limits  it's  applications  to  less  than  negative  seven 
volts  outputs  (-7V  max)  with  a  +5V  DC  input.  Higher 
voltage  outputs,  for  example  -12V  to  -15V,  can  be 
obtained  by  using  a  UC3843  with  a  higher  maxi- 
mum input  voltage  (  30VDC  ).  Here  too  there  are 
some  limitations.  These  fully  bipolar  ICs  draw 
higher  supply  current  and  have  higher  undervoltage 
lockout  (UVLO)  thresholds,  but  are  acceptable 
choices  for  some  applications. 

The  IC  datasheet  should  be  referred  to  for  addi- 
tional information.  Application  Notes  within  the  IC 
databook  contain  general  information  about  the  de- 
sign of  the  Flyback  converter,  and  others.  For  fur- 
ther assistance  contact  a  Unitrode  Field  Application 
Engineer  or  the  factory. 
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UC3854A  and  UC3854B 
Advanced  Power  Factor  Correction 
Control  ICs 

by  Bill  Andreycak 


The  UC3854A  and  UC3854B  Power  Factor  Correc- 
tion (PFC)  control  ICs  are  advanced  versions  of 
the  industry  standard  UC3854.  The  new  devices 
are  pin-for-pin  compatible  with  the  original  version 
and  feature  numerous  improvements.  The 
UC3854A  IC  can  be  used  in  most  existing  UC3854 
Specification  Differences  : 


PFC  designs  with  no  modifications  to  the  printed 
circuit  board.  New  PFC  preregulator  designs  and 
upgrades  of  existing  ones  can  realize  enhanced 
performance  and  reduced  parts  count  with  minimal 
design  effort. 


Parameter 

UC3854 

UC3854A 

UC3854B 

Supply  Current,  Off 

2.0mA  max. 

400nA  max. 

400nA  max. 

Supply  Voltage  Vcc 

35V  max. 

22V  max. 

22V  max 

Vcc  Turn-on  threshold 

16V  typ. 

16V  typ. 

10.5V  typ. 

Vcc  UVLO  hysteresis 

6V  typ. 

6V  typ. 

0.5V  typ. 

Current  Amplifier  Bandwidth 

1  MHz  typ. 

5  MHz  typ. 

5  MHz  typ. 

Current  Amplifier  offset 

+4mV,  -4mV  max. 

+0mV,  -2mV  max. 

+0mV,  -2mV  max. 

MULTOUT  voltage  (high) 

2.5V  typ. 

5V  typ. 

5V  typ. 

Multiplier  Gain  tolerance 

not  specified 

-0.9  to -1.1 

-0.9  to -1.1 

ENABLE  propagation  delay 

not  specified 

300ns  typ. 

300ns  typ. 

Other  Improvements  and  Changes  -  Non  Specified: 


Vsense  Input 

7.5V 

3.0V 

3.0V 

IAC  voltage 

6V  typ. 

0.5V  typ. 

0.5V  typ. 

Voltage  Amplifier  clamp 

none 

internal 

internal 

Current  Amplifier  clamp 

none 

internal 

internal 

Vref  "good"  circuitry 

none 

internal 

internal 

Application  Information: 

Converting  an  existing  PFC  design  from  the 
UC3854  to  use  the  UC3854A  or  UC3854B  device 
will  eliminate  five  components  from  the  control  cir- 
cuit. These  are:  one  diode  used  to  clamp  the  volt- 
age amplifier  output,  a  zener  diode  used  to  clamp 
the  current  amplifier  output,  one  resistor  to  offset 
the  bias  current  from  the  6  volt  amplitude  of  the 
IAC  node,  one  resistor  from  Vcc  to  the  current  am- 
plifier input  to  accommodate  the  worst  case  +4mV 
offset  voltage,  and  a  Schottky  diode  to  clamp  the 
overcurrent  protection  (PKLMT)  input  from  going 
far  below  ground  during  power-up  of  the  PFC  pre- 


regulator. The  output  voltage  divider  feedback  re- 
sistor value  from  Vsense  to  ground  must  be  low- 
ered to  accommodate  the  change  in  the  amplifier's 
reference  voltage  from  7.5V  to  3.0V.  In  most  appli- 
cations, existing  production  printed  circuit  boards 
do  not  have  to  be  modified  to  take  advantage  of 
the  newer  devices.  Locations  used  for  the  five  com- 
ponents can  remain  on  the  boards  but  do  not  need 
to  be  populated. 

For  further  application  information  consult  Unitrode 
Application  Note  U-134  and  Design  Note  DN-39D, 
or  contact  a  Field  Applications  Engineer. 
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UC3854A  EVALUATION  BOARD  LIST  OF  MATERIALS 


C1 

0.47nF  /  300  VAC  "X"  TYPE 

C2 

450nF  /  450  VDC  ELECTROLYTIC 

C3 

270pF/16VDC 

C4 

1HF/ 16  VDC  CERAMIC 

C6 

0.047HF/ 16  VDC  CERAMIC 

C7 

0.47nF/ 16  VDC  CERAMIC 

C9 

1 0OnF  /  35  VDC  ELECTROLYTIC 

C10 

0.01  nF/ 35  VDC  CERAMIC 

C11 

1HF/ 16  VDC  CERAMIC 

P19 
\J  I  <1 

0.1nF/63  VDC  POLY 

62pF/ 16  VDC  CERAMIC 

L/lb 

620pF/ 16  VDC  CERAMIC 

C16 

1uF/35  VDC  CERAMIC 

C* 

ADD  A  0.47nF  /  300VAC  "X"  CAP  BETWEEN  TP"C"  AND  TP"F" 

D1 

600  V  /  6A  BRIDGE  RECTIFIER 

D2 

600  V  /  8A  VERY  FAST  RECOVERY  RECTIFIER  (trr35ns) 

D4 

20  V  /  3A  SCHOTTKY,  1 N5820 

D6 

40  V  / 1 A  BRIDGE  RECTIFIER 

F1 

6A/ 300  VAC  FUSE 

J1 

JUMPER  WIRE,  AWG#22 

L1 

1mH  INDUCTOR  (SEE  APPLICATION  NOTE  U-134) 

Q1 

500  V,  0.25  OHM  N  CHANNEL  MOSFET  /  APT5025 

R1 

0.25  OHM,  5  WATT  NON-INDUCTIVE 

R2 

3.9k,  1/2W 



R3 

3.9k,  1/2W 



R4 

1.6k,  1/2  W 

R5 

10k,  1/2  W 

R6 

24k,  1/2  W 

R7 

240k,  1/2  W 

R8 

1  MEG,  1/2  W 

R9 

91k,  1/2  W 

R10 

20k,  1/2W 

R12 

27k,  1/2W 

R13 

75k,  1/2  W 

I 

R14 

15k,  1/2  W 

R15 

JUMPER  WIRE,  AWG#22 

R16 

20  OHM,  1/2  W 

R17 

1.15  MEG,  1/2W,  1%  TOLERANCE 

R18 

9.1k,  1/2  W,  1%  TOLERANCE 

R19 

JUMPER  WIRE,  AWG#22 

R22 

120k,  2  WATT 

R23 

910k,  1/2  W 



R24 

USER  DETERMINED  BY  AUXILIARY  SUPPLY  WINDING 

TH1 

THRERMISTOR,  N.T.C.,  6  AMP  /  500V  RATING 

U1 

UC3854A  PFC  CONTROL  IC 

NOT  USED  :  C5,  C8,  C14,  D3,  D5,  Q2,  Q3,  R11,  R20,  R21,  R23,  R26 
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UC3846,  UC3856  and  UCC3806 
Push  Pull  PWM  Current  Mode  Control  ICs 

by  Jack  Palczynski 


The  UC3856  is  a  pin  for  pin  compatible  high  per- 
formance bipolar  version  of  the  industry  standard 
UC3846.  It  can  replace  the  UC3846  with  few  cir- 
cuit modifications  and  features  increased  speed, 
higher  gate  drive  current  and  reduced  propaga- 

Specification  Differences  : 


tion  delays.  The  UCC3806  is  a  BiCMOS  pin  for 
pin  compatible  ultra  low  power  version  ideal  for 
battery,  low  power  and  high  speed  applications. 
The  UCC3806  may  also  replace  the  UC3846  with 
few  circuit  changes. 


UC3846 

UC3856 

UCC3806 

Process 

40V  Bipolar 

40V  Bipolar 

18V  BiCMOS 

General: 

Startup  Current  (max) 

21mA 

23mA 

100uA 

Operating  Current 

21mA 

23mA 

1.4mA 

Output  Section: 

Supply  Vc  (max) 

40V 

40V 

15V 

Drive  Voltage  Supply 

40V  (max) 

40V  (max) 

18V  (max) 

Rise  and  Fall  Time 

300ns  (max) 

80ns  (max) 

65ns  (max) 

Peak  Output  Current 

0.5A 

1.5A 

0.5A 

Oscillator  Section: 

Oscillator  Discharge  1 

6.7  to  8.8mA 

2.2  to  2.9mA 

Initial  Accuracy 

43kHz  ±9.3% 

200kHz  ±15% 

49kHz  ±22% 

Sync  Voh  (min) 

3.9V 

2.4V 

2.4V 

Sync  Vol  (max) 

2.5V 

0.4V 

0.4V 

Sync  VlH  (min) 

3.9V 

2.0V 

2.0V 

Sync  Vil  (max) 

2.5V 

0.8V 

0.8V 

Sync  Iinput  (max) 

1.5mA 

10pA 

1uA 

Sync  Ioutput  (max) 

-5mA 

±10mA 

±30mA 

Error  Amp  Section: 

Input  lOFFSET(max) 

250nA 

500nA 

500nA 

Open  Loop  Gain 

105dB  (typ) 

1 0OdB  (typ) 

100dB  (typ) 

Unity  Gain  BW 

1MHz  (typ) 

1.5MHz  (typ) 

3MHz  (typ) 

PSRR  (typ) 

105dB 

100dB 

100dB 

Current  Sense  Amp  Section: 

Input  CM  Range 

0V  to  (Vin  -  3V) 

0V  to  3V 

0V  to  (Vin  -  3.5V) 

Shutdown  Terminal  Section: 

Threshold  Voltage 

0.35V  (typ) 

1V(typ) 

IV  (typ) 

Input  Voltage  Range 

0V  to  Vin 

0V  to  5V 

0V  to  Vin 

Delays: 

Isense  amp  to  Output 

500ns  (max) 

250ns  (max) 

175ns  (max) 

Shutdown  to  Output 

600ns  (max) 

1 1 0ns  (max) 

1 00ns  (max) 

Sync  Delay  to  Output 

300ns  (typ) 

50ns  (typ) 

50ns  (typ) 

CO 
LU 

o 
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Applications  Information: 

When  replacing  the  UC3846  with  a  UC3856,  ex- 
tra care  must  be  taken  to  decouple  Vin,  Vc  and 
Vref  with  ceramic  capacitors  close  to  the  leads 
of  the  IC.  In  applications  where  high  output  cur- 
rents are  seen,  very  fast  rise  and  fall  times  can 
cause  source  ripple  which  can  induce  problems 
for  PWM  ICs  which  are  not  properly  decoupled. 
Note  also  that  the  shutdown  voltage  changes 
from  350mV  to  1V.  Oscillator  frequency  is  calcu- 
lated differently,  however  similar  mechanisms 
generate  the  oscillator  frequency  and  dead  times. 
As  with  any  bipolar  PWM  IC,  outputs  should  be 
protected  from  negatively  biasing  the  substrate. 
This  is  typically  done  by  using  Schottky  diodes 
from  ground  to  each  output.  Failure  to  do  this 
could  cause  spurious  interruption  and  restart  of 
the  oscillator,  dropping  of  output  pulses  and  a  sig- 
nificant increase  in  propagation  delays.  The  input 
of  the  current  sense  amplifier  is  slew  rate  limited 
allowing  lower  values  of  filter  capacitors  to  be 
used  to  eliminate  leading  edge  noise.  As  with  the 
UC3846,  the  UC3856  uses  a  differential  current 
sense  amplifier  which  can  eliminate  ground  loop 
problems  and  increase  noise  immunity. 


When  replacing  the  UC3846  with  the 
UCC3806, output  Schottky  diodes  can  be  elimi- 
nated because  the  totem  pole  output  is  made  of 
MOSFETs  which  may  conduct  current  in  either  di- 
rection. As  with  any  MOS  device,  higher  imped- 
ances require  proper  decoupling  with  ceramic 
capacitors  close  to  the  IC.  Vin,  Vc  and  Vref 
should  all  be  properly  decoupled.  Note  that  the 
UCC3806  has  a  limiting  regulator  to  limit  VlN  to 
15V  and  the  shunted  current  must  be  limited  to 
1 0mA.  To  determine  oscillator  frequency;  a  1 .25V 
source  through  Rt  (min  12.5k)  creates  a  current 
which  is  mirrored  to  Ct.  This  current  charges  Ct 
from  zero  to  2.5V,  at  which  point  the  outputs  are 
turned  off.  Both  outputs  remain  low  while  Ct  dis- 
charges to  zero  volts  from  a  2.6mA  current  sink. 
The  Shutdown  threshold  voltage  (pin  16)  is  1V. 
The  specific  Shutdown  mode  is  determined  by  a 
switched  internal  190uA  sink  between  pin  1  and 
ground,  turned  on  when  a  shutdown  is  triggered. 
If  the  Shutdown  voltage  falls  below  350mV,  a  re- 
start is  triggered.  Otherwise,  the  oscillator  re- 
mains latched  off.  As  with  the  UC3856,  the 
UCC3806  current  sense  amplifier  is  slew  rate  lim- 
ited allowing  less  leading  edge  filtering  to  be 
used.  This  amplifier  is  also  fully  differential,  elimi- 
nating ground  loop  problems  associated  with 
noisy  environments.  For  additional  information 
consult  Application  Note  U-144  or  contact  a  Uni- 
trode  Field  Applications  Engineer. 
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Operational  Notes  :  The  UCC3805  PWM  control  IC 
is  used  in  this  Flyback  inverter  application  to  per- 
form three  functions;  control,  switching  and  output 
rectification.  During  the  PWM  ON-time,  the  upper 
totem  pole  switch  of  the  IC's  output  is  turned  on  ap- 
plying the  5  volt  input  across  the  inductor  (Lo)  which 
stores  energy.  The  PWM  output  goes  low  when  the 
correct  duty  cycle  is  achieved  to  regulate  the  output 
voltage,  Vo.  This  turns  off  the  upper  totem  pole 
switch  and  turns  on  the  lower  one,  connecting  the 
inductor  to  the  output  voltage  (-3V)  rail.  The  lower 
totem  pole  switch  acts  as  a  synchronous  rectifier  in 
parallel  with  the  internal  MOS  body  diode.  This  con- 
dition necessitates  discontinuous  inductor  current 
operation  at  all  times  to  avoid  high  cross-conduction 
currents  in  the  IC  output  stage. 

Circuit  Schematic 


Highly  Efficient  Low  Power 
DC  to  DC  Inverter  Converts 
+5V  Input  to  -3V  Output 

Achieves  73%  Efficiency  at  0.2  Watt 

by  Bill  Andreycak 
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The  duty  cycle  is  controlled  using  conventional  volt- 
age mode  operation.  The  IC's  oscillator  timing 
waveform  (Rt/Ct)  is  capacitively  divided  down  to 
the  appropriate  amplitude  (1V  max)  and  fed  into  the 
Isns  pin.  A  regulated  output  is  obtained  by  resis- 


tively  dividing  down  the  output  to  2.0  volts  above 
the  IC's  "ground"  (which  is  at  -3V)  and  input  to  the 
error  amplifier's  inverting  input  (E/A-).  A  400kHz  os- 
cillator frequency  results  in  200kHz  switchmode 
power  conversion  due  to  the  IC's  internal  divide-by- 
two  toggle  flip-flop.  This  is  done  to  limit  the  maxi- 
mum duty  cycle  to  below  50%  while  maintaining  the 
benefits  of  high  frequency  operation. 

A  200  milliwatt  converter  was  constructed  to  deliver 
-3.0  volts  at  approximately  65  milliamps  from  a  +5 
volt  input  supply.  Peak  efficiency  at  full  load  meas- 
ured 73%  with  VlN  =  +5.5V,  69%  with  +5.0V  and 
60%  at  +4.75V  input. 

Higher  switching  frequencies  are  a  practical  choice 
to  reduce  the  inductor  volume,  although  some  deg- 
radation in  efficiency  is  to  be  expected.  The  use  of 
surface  mount  components  results  in  a  very  com- 
pact DC  to  DC  converter,  suitable  for  "on-card" 
regulators  and  distributed  power  applications. 

List  of  Materials 


C1 

0.1  uF/  16V 

C2 

0.1uF/16V 

C3 

100pF/6V 

C4 

270pF/6V 

*C5 

1nF/6V 

C6 

1.0U.F/6V 

C7 

100U.F/6V 

SPRAGUE 

#592D-107X06R3R2 

L1 

150u.H/0.4uJ 

COILCRAFT 

#DT3316-154 

R1 

30k/  0.1  W 

R2 

11.0k/0.1W 

R3 

20.0k/ 0.1  W 

*R4 

100k /0.1W 

U1 

UCC3805  PWM 

m 
in 

5 
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Other  Applications: 

+5V  to  -2V  :  A  minus  two  volt  (-2V)  output  can  be 
obtained  with  the  same  circuit  by  simply  replacing 
resistor  R2  with  a  short  circuit.  The  inductor  value 
may  need  to  be  modified  depending  on  the  desired 
output  current. 

+5V  to  -5V  :  A  minus  five  volt  (-5V)  output  is  ob- 
tained by  using  a  30k  ohm  value  for  resistor  R2. 
Note  that  the  UCC3803  device  is  recommended 
(without  the  toggle  flip  flop)  to  achieve  a  higher 
maximum  duty  cycle.  The  inductor  value  needs  to 


be  calculated  based  upon  output  current  and 
switching  frequency.  Higher  overall  efficiency  can  be 
obtained  than  in  the  -3V  application  due  to  the 
higher  output  voltage  (-5V). 

Consult  Unitrode  Design  Note  DN-43  for  other  sim- 
ple DC-DC  inverter  applications,  or  contact  a  Uni- 
trode Field  Applications  Engineer. 

*  Coilcraft  telephone  number:  1-800-322-COIL 

*  Sprague  telephone  number:  1-207-324-4140 
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Simple  Voltage  Inverter  Circuit 
Converts  -48V  Input  to  +5V  Output 

by  Bill  Andreycak 


Generating  a  positive  output  voltage  from  a  nega- 
tive input  supply  voltage  can  be  done  easily  using 
the  circuit  shown  in  Figure  1.  A  flyback  converter  is 
implemented  with  the  control  and  switching  func- 
tions performed  by  the  UC2577HV  Easy  Switcher 
IC.  The  high  voltage  (HV  suffix)  rating  of  the  device 
is  ideal  for  Telecommunication  and  distributed 
power  applications  which  typically  incorporate  a 
positive  or  negative  48V  input.  Depending  on  the  in- 
put supply  variations,  this  circuit  can  also  be  used 
to  develop  a  +12V  output  provided  the  IC  maximum 
supply  rating  of  65V  is  not  exceeded. 

The  output  voltage  is  regulated  by  constructing  a 
current  mirror  between  the  positive  output  voltage 
and  ground,  and  level  shifting  this  current  to  the  ar- 
tificial "ground"  (-48V)  of  the  IC.  This  feedback 
technique  is  simple  and  effective  for  most  applica- 
tions. 

For  more  demanding  needs,  the  feedback  circuit  of 
Figure  2  can  be  utilized  instead.  Output  voltage  and 
current  are  sensed  by  the  UC3838A  Controller  IC's 
dual  transconductance  amplifiers,  and  their  outputs 
are  diode  OR'd  into  the  IC's  high  voltage  output 


CO 


driver  section  forming  a  current  source.  This  simi- 
larly level  shifts  the  feedback  information  from  the 
power  supply  output  to  the  artificial  "ground"  of  the 
UC2577  IC.  The  UC3838A  can  be  powered  by  an 
input  voltage  up  to  it's  40V  (Vm)  maximum,  and  the 
high  voltage  PNP  output  stage  can  withstand  minus 
1 40  volts  between  the  emitter  supply  (Vm)  and  the 
RESET  output.  Originally  intended  as  a  Magnetic 
Amplifier  (MAG  AMP)  controller  and  driver,  this  IC  is 
equally  suitable  for  high  voltage  precision  control 
and  feedback  applications. 


FDBK 
-48V 


Fig.  2 
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Versatile  Low  Power  SEPIC  Converter 
Accepts  Wide  Input  Voltage  Range 

by  Jack  Palczynski 


Much  attention  has  been  given  to  the  Single  Ended 
Primary  Inductor  Converter  (SEPIC)  topology  re- 
cently because  output  voltage  may  be  either  higher 
or  lower  than  input  voltage.  The  output  is  also  not 
inverted  as  is  the  case  in  a  flyback  or  Cuk  topology. 
Voltage  conversion  is  accomplished  without  trans- 
formers, instead  using  low  cost  inductors  to  transfer 
energy.  The  input  and  output  voltages  are  DC  iso- 
lated by  a  coupling  capacitor.  This  design  note  illus- 
trates an  application  for  a  5V,  100mA  output  con- 
verter for  battery  powered  and  Automotive 
applications.  It  makes  use  of  a  UCC3803  BiCMOS 
current  mode  controller  to  provide  a  5V  output  at  full 
load  of  100mA  from  an  input  of  2.5V  to  13.5V  after 
an  initial  start-up  at  5  volts. 

This  SEPIC  converter  uses  current  mode  control  to 
simplify  stabilization  of  the  control  loop.  Peak  cur- 


rent in  the  FET  is  limited  by  the  pulse  by  pulse  cur- 
rent limiting  of  the  UCC3803.  Switching  frequency  is 
500kHz,  allowing  low  output  current  handling  and 
low  output  ripple  with  small  inductors  and  capaci- 
tors while  remaining  in  the  continuous  inductor  cur- 
rent mode  (CCM).  Once  started,  the  low  voltage 
operation  of  the  UCC3803  is  extended  by  boot- 
strapping from  the  output  through  a  UC3612  Schot- 
tky  diode.  By  including  slope  compensation  (Q2, 
R3),  the  duty  cycle  may  exceed  50%  without  experi- 
encing subharmonic  oscillations. 

This  topology  places  higher  stresses  on  both  the 
switch  and  the  diode  than  with  other  PWM  topolo- 
gies. Peak  switch  and  diode  stresses  are  both 
Vin+Vout  and  Iin  +  Iout.  Peak  to  peak  ripple  cur- 
rent in  the  coupling  capacitor  is  Iin  +  Iout. 


L1 


+ 

C4 


C2 


{t|E/A- 


R7 
C6 


R5 


X 


L2 


Vo 


+ 
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Figure  1 .  UCC3803  Controlled  SEPIC  Converter 
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Specifications  : 

Vin  (initial  start-up)  5V 

ViN  2.5V  to  13.5V 

lOUT  45mA  to  100mA 

Switching  Frequency   500kHz 

Output  Regulation   ±3% 

Output  Ripple   150mV  (max) 

SEPIC  Converter  Design  Guide: 

1 .  Choose  a  switching  frequency,  fs. 
fe  =  500kHz 

2.  Calculate  minimum  duty  cycle  (Dmin): 

Dmin=  —  

Vo+  Vin  (max) 

Dmin=  /cl/  5X,CIA  =  0.27 
(51/ +  13.5  V) 

3.  Calculate  maximum  duty  cycle  (Dmax): 
Dmax= 

Vo  +  Vin  (mm) 
5V 

Dmax=    .,  *     a  =  0.67 
(5V+2.5V) 

4.  Find  an  appropriate  inductor  so  that  Idiode  is  not 
less  than  zero  (note  that  this  value  should  be  used 
for  both  inductors): 

L  ^        Vin  (max)  «  Dmin 

,1  =  i2>  13.5V/.  0  27   ^ 

500kHz.  45mi^+1 

Note  that  the  COILCRAFT  inductor  selected  is 
specified  at  twice  this  value  of  inductance  at  light 
load,  and  decreases  at  high  loads. 

5.  Calculate  liN(max)  at  maximum  output  current: 
HN(max)=IO(mal'  Q"™« 

1  -  D  (max) 

Iin  (max)  ^°^'°^  =  202mA 


6.  Find  RMS  current  ripple  and  choose  an  appropri- 
ate Ccc: 


4 


lo  (max)2  •  D  (max,  +  llN(max)2  »  (1  -  D  (max)) 


Vo.12»  0.67  +  0.22.  (1  -  0.67)  =  141  mA 
Select  a  capacitor  to  handle  this  ripple  current. 
7.  Choose  an  output  capacitor  for  ripple  voltage: 

dlo  (max)  =  I,n  (max)  +  "W^"** 


dlo  (max)  =  202 mA 
then,  ripple  voltage 


2.5  V.  0.67  „„„  . 

+  - —  . . —   =  209mA 


2*  220nH.  500/cHz 


dV>  db(max)\ 


1 


2)cfe.  C 


150ml/>  209m. 


^2jt. 


+  ESR\ 


1 


500kHz  •  33nF 


+  0.7  =  148ml/ 


Some  iterations  with  different  capacitors  will  yield 
an  acceptable  voltage  ripple. 

It  may  become  necessary  to  run  the  converter  in 
discontinuous  inductor  current  mode  (DCM)  when 
minimum  load  is  a  very  small  percentage  of  the 
maximum  load.  D  will  become  dependent  on  output 
load  and  output  voltage  regulation  will  vary  more 
than  in  CCM.  The  CCM  system  double  pole  occurs 
at 

fdp=  V2  .  7t  (Z.1  +  L2)Ccc 
and  the  ESR  zero  occurs  at 


2  «  7i .  ESR  «  Co' 


A  plot  of  efficiency  is  shown  below  for  the  range  of 
input  voltage.  Efficiency  may  be  increased  by  using 
lower  switching  frequencies  at  a  cost  of  larger  com- 
ponents. This  might  be  desirable  in  equipment  with 
small  batteries  that  demand  lower  power  consump- 
tion for  extended  life. 

The  SEPIC  converter  may  be  used  for  a  wide  range 
of  output  voltages  over  a  range  of  input  voltages. 
Other  outputs  tested  were  3V  and  12V  with  circuits 
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similar  to  that  of  this  design  note.  As  output  current 
increases,  conduction  losses  in  the  switch  and  out- 
put diode  begin  to  degrade  efficiency  and  ripple  cur- 
rent in  the  coupling  capacitor  may  be  excessive.  In 
high  power  applications,  a  transformer  isolated  con- 
verter or  cascaded  stages  may  be  more  practical. 


so 

Efficiency  vs  Input  Voltage 

70 
60 

—  50 

> 

U 

Z  40 
ill 

<■> 

E  30 

"  20 

10 
n 



2               4               6               8             10             12  14 
INPUT  VOLTAGE  (V) 

Parts  List: 

D1 ,  D2       Unitrode  UC361 2D  Dual  Schottky 

phone  #(603)  429-8610 
C1  -3,  C9     33uF  25V  Sprague  293D336X0025E2T 

phone  #(207)  324-4140 
C4,C5,C6    0.1uF  Ceramic 
C8  150pF  Ceramic 

L1,  L2        220uH  COILCRAFT  DT331 6-1 02-224 

phone  #(708)  639-1469 
Q1  SiliconixSi9410DY 

phone  #  (800)  554-5565 
Q2  2N2222S 
Q3  2N2907AS 
R1  1  ohm  1/4W 

R2  1k1/8W 
R3,  R6  10k1/8W 
R4  30k  1/8W 

R5,  R7       6.2k  1/8W 
R8.R9  50ohm1/8W 

U1  Unitrode  UCC3803D  BiCMOS  PWM  IC 


REFERENCES: 

[1]  W.  Andreycak  U-133  "UCC3800/1/2/3/4/5 
BiCMOS  Current  Mode  Control  ICs"  Unitrode  Appli- 
cation Note 

[2]  L.  Dixon  "High  Power  Factor  Preregulator  Using 
the  SEPIC  Converter"  Unitrode  Seminar  SEM-900 
pp.  6.1-6.12 

[3]  L.  Dixon  "Control  Loop  Design  SEPIC  Preregu- 
lator Example"  Unitrode  Seminar  SEM-900  pp.  7.1- 
7-6 

[4]  U-97  "Modeling,  Analysis  and  Compensation 
of  the  Current-Mode  Converter"  Unitrode  Applica- 
tions Handbook  A-100  pp.  260-266 

[5]  U-100  "UC3842  Provides  Low-Cost  Current- 
Mode  Control"  Unitrode  Applications  Handbook  A- 
100  pp.278-291 
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UC2577  Controls  SEPIC  Converter 
for  Automotive  Applications 

by  Jack  Palczynski 


The  Single  Ended  Primary  Inductance  Converter 
(SEPIC)  can  convert  an  input  voltage  to  an  output 
voltage  that  is  higher,  lower  or  equal  to  the  in- 
put. Conversion  is  performed  without  the  use  of  ex- 
pensive transformers,  making  this  a  good  choice  for 
low  cost,  non-isolated  applications.  The  UC2577 
provides  the  switch  and  control  to  take  advantage  of 
this  topology  with  a  minimum  of  additional  parts. 

The  circuit  shown  in  Figure  1  was  designed  to  pro- 
vide a  5 V  or  1 2V  output  from  an  input  voltage  rang- 
ing between  3V  and  40V.  The  coupling  capacitor  is 
chosen  to  handle  the  high  ripple  current  seen  in  this 
topology,  with  a  peak-to-peak  current  of  approxi- 


mately Iin  +  Iout.  The  converter  switches  at  52kHz 
and  operates  in  both  continuous  inductor  current 
mode  (CCM)  and  discontinuous  inductor  current 
mode  (DCM).  Note  that  both  the  diode  and  the 
switch  have  a  peak  voltage  stress  of  approximately 
Vin  +  Vout,  and  peak  current  stress  of  approxi- 
mately Iin  +  Iout.  Note  that  when  the  converter  is  in 
CCM,  the  ratio  of  Vout/Vin  =  D/(1-D)  where  D  is  the 
duty  ratio.  To  calculate  components  for  other  inputs 
and  outputs,  assume  CCM  as  a  starting  point  and 
use  about  1/2  max  output  current  as  a  min  value. 
For  further  details,  consult  Unitrode  Design  Note 
DN-48. 
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Figure  1 .  Easy  SEPIC  Converter  Schematic 
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Parts  List: 

U1 

UC2577 

D1 

UC3612  Dual  Schottky 

L1,L2 

100uH  ECI  #  M1088 

phone  (413)  562-7684 

C1 

47uF/S0V  Snraoup  515D476M050AA6A 

nhonp  (2071  324-41 40 

0  1tiP  Pfaramir* 
vj.  I  Lin  Uciai  l  ML/ 

0.47|iF  CGramic 

C5 

220U.F/6V  Sprague  595D227X9006D7 

(5V  output) 

*C5 

12V  output  only,  use  four  68uF/16V 

Sprague  293D686X001 6D2T 

R1 

100  ohm  1/8W 

R2 

3.01k  1/8W 

R3 

1k1/8W(5V  output) 

*R3 

330  ohms  1/8W  (12V  output) 

*  D2,3 

UC3612  Dual  Schottky 

(Extended  Operating  Range) 

Efficiency  was  measured  for  the  5V  (Figure  2)  and 
12V  (Figure  3)  output  at  two  power  levels  for  the  full 
range  of  Automotive  input  voltages. 
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Figure  3: 12V  Converter  Efficiency  vs  Input  Voltage 

As  seen  in  Figure  one,  a  simple  design  is  used  to 
convert  power  for  automotive  applications.  If  longer 
hold  up  times  are  needed  or  operation  at  low  input 
voltages  demanded,  the  circuit  in  Figure  4  may  be- 
come useful.  By  adding  two  diodes,  the  output  volt- 
age bootstraps  the  IC  and  allows  operation  even  af- 
ter the  input  voltage  drops  below  the  operating 
range  of  the  IC. 


+VIN 


D2 


To  +VOUT 


jUC3612 


L1 


VIN 


Figure  2: 5V  Converter  Efficiency  vs  Input  Voltage 


Figure  4:  Extending  Operation  Range 
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Simple  Techniques  for  Isolating  and  Correcting  Common  Application 
Problems  with  UC3625  Brushless  DC  Motor  Drives 

by  Mickey  McClure 


The  UC3625  brushless  DC  motor  control  IC  incor- 
porates many  useful  features  which  greatly  simplify 
the  design  of  low  cost  and  reliable  brushless  DC 
motor  drive  systems.  Although  the  controller  IC  is 
designed  for  ease  of  circuit  implementation,  a  few 
precautions  must  be  taken  to  insure  proper  opera- 
tion. This  design  note  highlights  a  few  areas  where 
the  IC  may  not  operate  correctly  if  suitable  design 
techniques  are  not  followed. 

REFERENCE  VOLTAGE 

A  common  application  problem  is  inadequate  de- 
coupling and/or  excessive  loading  on  the  Vref  pin 
of  the  UC3625.  As  the  data  sheet  indicates,  the 
maximum  recommended  current  drain  on  this  node 
is  30mA  DC.  Much  of  the  UC3625  internal  logic  is 
also  referenced  off  of  this  node  and  any  transient  or 
noise  spikes  on  the  Vref  pin  can  result  in  improper 
circuit  operation.  When  the  Vref  pin  is  affected  by 
noise,  the  result  is  usually  a  "lock  up"  condition 
where  the  motor  drive  outputs  become  disabled. 
This  may  result  from  a  false  trip  of  the  under-volt- 
age  lock-out  circuit,  a  false  trip  of  soft  start,  or  an 
improper  decode  of  the  Hall  sensors.  Other  protec- 
tion signals  such  as  RC-Brake  or  Isense  may  be  af- 
fected as  well. 

A  simple  trouble  shooting  technique  can  be  used  to 
determine  when  an  upset  of  the  UC3625  internal 
logic  is  causing  the  lock  up  condition.  The  Vref  pin 
of  the  IC  should  be  isolated  from  the  rest  of  the  cir- 
cuit and  decoupled  with  at  least  0.1uF.  Any  external 
+5V  circuitry  should  be  powered  off  of  a  separate 
bench  supply.  The  problem  should  immediately  go 
away  if  the  Vref  pin  is  the  culprit.  The  motor  should 
now  operate  normally,  with  no  lock  up  condition. 

The  solution  to  this  problem  will  usually  involve  both 
reducing  the  external  current  drain  on  Vref  and  in- 
creased decoupling.  Every  effort  should  be  made  to 
reduce  the  DC  current  drain  as  low  as  possible  so 
that  any  AC  currents  will  have  less  impact  on  Vref. 


The  Hall  sensors  should  be  powered  by  something 
other  than  Vref,  such  as  Vcc.  While  there  is  no 
general  rule  on  how  much  DC  current  is  too  much, 
as  DC  currents  approach  30mA,  there  will  be  more 
reason  to  suspect  that  Vref  is  the  source  of  the 
lock  up  condition. 

AC  current  will  be  drawn  from  the  Vref  point  when 
it  is  used  to  provide  the  pull  up  voltage  for  the  Hall 
inputs  to  the  UC3625.  Noise  spikes  caused  by  this 
current  drain  may  be  severe  enough  to  latch  false 
logic  states  on  the  internal  protection  circuitry  if 
adequate  decoupling  is  not  provided.  The  reference 
voltage  should  always  be  decoupled  to  ground  with 
a  high  quality  ceramic  capacitor  of  at  least  0.1  |iF  lo- 
cated as  close  as  possible  to  Vref  and  ground  pins. 
An  electrolytic  capacitor  should  be  placed  in  parallel 
with  the  ceramic  capacitor  if  there  is  any  significant 
DC  loading  on  the  reference  voltage.  A  value  of 
10uF  is  usually  sufficient.  The  placement  of  the 
electrolytic  capacitor  is  not  as  critical,  but  it  should 
be  located  as  close  to  the  ceramic  capacitor  as 
practicality  will  allow.  Figure  1  shows  the  recom- 
mended power  connections  and  decoupling  for  a 
typical  UC3625  motor  drive  system. 


OllF^p  "po.1|iF 
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Figure  1:  Recommended  Power  Connections 
and  Decoupling 
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HALL  INPUTS 

High  power  motor  drive  systems  are  frequently 
characterized  by  large  noise  spikes  induced  by  high 
frequency  switching.  Under  certain  conditions  these 
noise  spikes  can  trigger  Hall  sensor  inputs  to  latch 
improper  commutation  states.  If  an  improper  com- 
mutation state  is  latched,  the  correct  state  is  then 
locked  out  for  the  duration  of  the  tach-out  pulse.  The 
result  is  not  generally  a  lock  out  condition,  but 
rather  a  motor  that  responds  in  a  sluggish  or  unpre- 
dictable manner. 

As  indicated  by  the  UC3625  data  sheet,  any 
change  in  the  HI,  H2,  or  H3  inputs  loads  data  from 
the  position  sensor  latches.  Because  the  position 
latches  are  inhibited  for  the  duration  of  the  user  pro- 
grammable tach-out  pulse,  a  noise  induced  state 
will  lock  out  the  correct  commutation  state.  The 
power  amplifier  will  then  energize  the  wrong  wind- 
ings of  the  motor,  possibly  resulting  in  reduced 
torque,  or  zero  or  negative  torque  depending  on 
which  incorrect  state  is  latched  in.  The  controller  will 
allow  a  new  state  to  latch  once  the  tach-out  pulse 
times  out.  Normal  operation  may  resume  at  this 
time,  or  the  noise  related  problems  may  continue. 
The  response  of  the  motor  is  therefore  erratic  and 
unpredictable. 

This  problem  can  be  traced  with  a  logic  analyzer  or 
four  channel  oscilloscope  connected  to  the  three 
Hall  inputs  and  the  tach-out  pulse.  For  normal  op- 
eration, the  logic  analyzer  should  display  the  correct 
sequence  of  the  Hall  signals,  and  the  tach-out  pulse 
should  occur  at  regular  intervals  proportional  to  the 
motor  velocity.  Incorrect  commutation  states  are  in- 
dicated by  the  tach-out  pulse  occurring  at  random 
intervals.  These  incorrect  states  may  or  may  not 
show  up  on  the  analyzer  display,  depending  on  the 
frequency  and  amplitude  of  the  noise. 

The  problem  can  usually  be  corrected  by  passive  fil- 
tering of  the  Hall  inputs.  An  RC  network  of  1k  and 
2.2nF  is  recommended  with  the  filter  components 
located  as  close  as  possible  to  the  IC.  Small  delays 
in  the  filter  are  not  a  problem  because  the  sensors 
normally  generate  modified  gray  code  with  only  one 
output  changing  at  a  time.  The  rise  and  fall  times  of 
the  Hall  signal  edges  must  be  shorter  than  20us  for 
correct  tachometer  operation.  Figure  2  depicts  the 
recommended  implementation  of  this  filter  tech- 
nique. 
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Figure  2:  Recommended  Hall  Filtering 

A  more  noise  tolerant  solution  involves  inserting 
comparators  between  the  Hall  sensors  and  the 
UC3625  if  the  passive  technique  is  not  sufficient. 
Because  Hall  sensors  are  typically  open  collector 
drivers,  their  outputs  can  easily  become  corrupted 
when  driving  long  cables  in  a  high  noise  environ- 
ment. Much  greater  signal  integrity  can  be  achieved 
by  using  comparators  configured  with  a  large 
amount  of  hysteresis  to  attain  greater  noise  margin. 
They  must  be  configured  in  the  noninverting  mode 
so  that  the  correct  Hall  states  will  be  latched  by  the 
UC3625.  Figure  3  shows  an  example  circuit  for  driv- 
ing the  Hall  inputs  with  comparators. 

CURRENT  SENSE  CIRCUITRY 

The  UC3625  current  sense  circuitry  must  also  be 
configured  correctly  to  prevent  improper  circuit  re- 
sponse. Noise  problems  may  cause  the  UC3625  to 
supply  less  current  to  the  motor  than  the  controller 
commands,  resulting  in  poor  motor  response,  and 
possibly  undesired  torque  limiting. 

The  most  important  factor  in  achieving  proper  cur- 
rent limit  response  is  a  correct  differential 
measurement  of  the  voltage  across  the  current 
sense  resistor.  Separate  traces  must  be  run  from 
the  Isensei  and  ISENSE2  inputs  directly  to  the  cur- 
rent sense  resistor.  If  an  input  filter  is  used,  it  should 
be  balanced,  and  the  filter  resistors  should  tie  di- 
rectly to  the  current  sense  resistor.  Recommended 
component  values  for  the  differential  filter  are  270il 
and  4.7nF.  Never  should  one  Isense  input  line  be 
simply  grounded  and  the  other  input  driven  single 
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Figure  3:  Comparator  Sense  of  Hall  Sensors 


ended.  The  recommended  circuit  layout  for  the  ls- 
ENSE1  and  ISENSE2  input  signals  is  shown  in  Figure 
4. 


Power 
Amp 


270fl 


{T,s 


270£1 


ISENSE2 


Separate 
Trace 


Figure  4:  Proper  Current  Sense  Layout 

Additional  noise  immunity  can  be  achieved  by  add- 
ing a  capacitor  from  the  Isense  output  to  ground. 
This  capacitor  should  be  located  as  close  as  possi- 


ble to  the  Isense  pin,  and  a  low  impedance  path  to 
ground  for  its  low  side  is  essential.  Filtering  at  this 
point  has  the  advantage  of  allowing  fast  signal  in- 
versions to  be  correctly  processed  by  the  absolute 
value  circuit  before  filtering  takes  place. 

If  high  levels  of  common  mode  noise  or  ground 
bounce  are  affecting  the  Isense  inputs  it  may  be 
necessary  to  decouple  the  Isense  inputs  (pins  4 
and  5)  to  ground  with  470pF  capacitors.  These  ca- 
pacitors will  shunt  out  any  high  frequency  common 
mode  noise,  and  allow  for  a  more  accurate  meas- 
urement of  true  motor  current. 

NONLINEARITY  PROBLEMS  ASSOCIATED  WITH 
NOISE  ON  THE  TIMING  CAPACITOR 

Switching  noise  can  result  in  discontinuities  in  the 
linear  response  of  the  PWM  circuitry  if  the  timing 
capacitor  on  the  RC-OSC  pin  is  not  located  prop- 
erly. The  UC3625  creates  the  sawtooth  waveform  by 
measuring  the  voltage  across  the  capacitor  tied  be- 
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tween  RC-OSC  and  ground.  This  voltage  is  charged 
by  a  constant  current  source,  and  is  discharged 
when  a  fixed  threshold  is  reached.  The  output  duty 
cycle  of  the  power  stage  is  determined  by  compar- 
ing the  error  amplifier  output  to  the  sawtooth  wave- 
form. When  the  magnitude  of  the  sawtooth 
waveform  is  greater  than  the  output  of  the  error  am- 
plifier, the  output  stage  is  switched  off. 

Large  current  spikes  can  result  in  localized  ground 
bounce  when  the  power  stage  switches.  The  low 
side  of  the  capacitor  can  be  "pumped  up"  if  the  tim- 
ing capacitor  is  not  located  near  the  IC.  This  prob- 
lem will  result  in  the  oscillator  comparator  tripping 
early,  and  the  sawtooth  waveform  will  jump  to  a 
higher  frequency.  The  effect  will  be  a  nonlinear 
PWM  gain  function.  Since  the  PWM  is  usually  part 
of  the  forward  loop,  this  will  not  be  a  problem  in 
many  closed  loop  systems  because  the  outer  con- 
trol loop  will  simply  compensate  for  the  nonlinearity. 

For  cases  where  the  nonlinearity  is  a  problem,  the 
situation  can  usually  be  mitigated  by  connecting  the 
timing  capacitor  directly  across  the  RC-OSC  and 
GND  pins  of  the  UC3625.  Since  the  internal  compa- 


rator is  referenced  from  this  local  ground  point,  the 
correct  trip  point  will  be  maintained  and  the  fre- 
quency of  the  oscillator  will  remain  constant. 

For  some  cases  it  may  be  necessary  to  add  a  low 
value  resistor  in  series  with  the  Pwr-Vcc  pin  or  the 
output  (PD  and  PU)  pins  of  the  UC3625.  These  re- 
sistors will  limit  the  peak  value  of  transient  currents 
in  the  output  driver  stage  of  the  IC.  By  minimizing 
these  currents,  the  amount  of  ground  bounce  can 
be  reduced,  and  therefore  the  nonlinearity  problem 
can  be  curtailed. 

While  the  previously  described  techniques  will  re- 
sult in  a  more  robust  and  reliable  motor  drive  de- 
sign, they  are  by  no  means  the  answer  to  every 
problem.  As  with  all  analog  circuitry,  there  is  no  sub- 
stitute for  good  circuit  design  and  layout  practice 
when  designing  with  the  UC3625.  Every  effort 
should  be  made  to  keep  all  signal  runs  as  short  as 
possible,  and  avoid  running  sensitive  traces  near 
each  other.  Finally,  proper  grounding  techniques 
should  always  be  maintained,  as  well  as  careful  at- 
tention to  EMI  reduction. 
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Programming  the  UCC3806  Features 
by  Jack  Palczynski 


INTRODUCTION 


The  UCC3806  is  a  pin  for  pin  compatible  BiCMOS 
replacement  for  the  UC3846  and  UC3856.  Some 
functions  in  the  UCC3806  are  programmed  differ- 
ently and  these  methods  are  explained  here.  In  par- 
ticular, the  CUR  LIM  ADJ  pin  programs  the 
maximum  peak  current  for  the  current  sense  ampli- 
fier. This  function  is  completely  compatible  with  pre- 
vious ICs.  The  second  function  on  this  pin  is  the 
latch/non-latch  feature  for  the  shutdown  pin.  Pro- 
gramming latch  or  non-latch  mode  differs  from  the 
UC3846  and  UC3856  and  these  changes  will  be  ex- 
plained here. 


Current  Limit  Adjust 

To  review,  the  CUR  LIM  ADJ  pin  adjusts  the  maxi- 
mum current  peak  on  the  current  sense  amplifier 
(pin  4  to  3)  by  the  formula:  Vcl=1/3  * 
[(R2*Vref)/(R1+R2)  -0.5]  .  This  can  be  verified  by 
carefully  following  the  path  from  the  current  sense 
amplifier  to  the  CUR  LIM  ADJ  pin.  A  second  func- 
tion is  for  shutdown  mode  programming.  When  the 
shutdown  pin  voltage  exceeds  "IV,  the  UCC3806 
outputs  shut  down.  At  this  point,  a  190uA  (typ)  cur- 
rent sink  pulls  current  from  the  CUR  LIM  ADJ  pin  to 
ground.  If  the  voltage  at  the  CUR  LIM  ADJ  is  above 
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Figure  1:  UCC3806  BiCMOS  Current  Mode  PWM  Block  Diagram 
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350mV  (typ),  then  the  IC  remains  latched  off.  If  this 
voltage  falls  below  350mV  at  any  time,  the  shut- 
down is  unlatched  and  the  IC  restarts.  Calculating 
the  actual  voltage  on  the  CUR  LIM  AD  J  pin  is  a 
simple,  two  source  superposition  problem. 


Figure  2:  Superposition  with  current  sink  =  0 

V  =  (VREF*R2)/(R1+R2) 


Figure  3:  Superposition  with  Vref  =  0 

V=[-1 90uA*(R1  *R2)]/(R1  +R2) 

Combining  equations: 
V=(Vref-R1  *1  90uA)/[1  +R1  /R2)] 

The  internal  current  sink  is  specified  to  be  between 
80uA  to  300(iA.  This  is  the  dominant  source  for  er- 
ror for  this  application,  thus  worst  case  values  are 


inserted  into  the  above  equation  to  determine  latch 
and  non-latch  modes. 

I  LIM  ADJ  Latching  Mode  Voltage: 

V=(VREF-R1*300uA)/[1+R1/R2)]  >350mV 
I  LIM  ADJ  Non-Latching  Mode  Voltage: 

V=(Vref-R1*80uA)/[1+R1/R2)]  <350mV 

Solving  either  of  these  equations  and  solving  the 
equation  for  a  desired  current  limit  pin  voltage  si- 
multaneously gives  closed  form  solutions  for  R1 
and  R2.  Some  solutions  are  shown  below. 

Table  of  Approximate  Resistor  Value: 


Latching  Mode: 

V  (pin  4) 

R1 

R2 

V(pin1) 

1.0 

16.5k 

38.3k 

0.1 

0.77 

15k 

18.2k 

0.3 

0.5 

14.7k 

9.76k 

0.3 

Non-Latchin 

a  Mode: 

V  (pin  4) 

R1 

R2 

V(pin  1) 

1.0 

54.9k 

130k 

0.5 

0.77 

54.9k 

66.5k 

0.4 

0.5 

51.1k 

34k 

0.4 

Figure  4:  Soft  starting  the  current 
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Softstart 

The  CUR  LIM  AD  J  may  also  be  used  as  a  conven- 
ient soft  start  point.  By  adding  a  capacitor  across 
R2,  maximum  current  sense  ramps  up  as  the  soft 
start  capacitor  charges.  A  diode  may  be  added  to 
force  a  quick  discharge  of  the  capacitor  when  IC 
power  is  removed. 

SUMMARY 

With  a  systematic  approach,  one  may  achieve  a  va- 
riety of  maximum  current  peak  levels  and  the  de- 
sired shutdown  mode.  In  addition,  the  UCC3806 
allows  for  a  programmed  softstart  by  adding  a  ca- 
pacitor to  the  CUR  LIM  ADJ  pin.  By  understanding 
the  internal  workings  of  the  UCC3806,  designers 


will  find  many  features  which  can  be  of  great  help  in 
reducing  parts  count  and  current  requirements. 
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Adjustable  Electronic  Load 
for  Low  Voltage  DC  Applications 

'Operates  down  to  2.5V 

by  Bill  Andreycak  and  John  Wiggenhorn 


Testing  power  supply  regulation  over  a  specified 
output  current  range  is  greatly  simplified  with  the 
use  of  an  adjustable  electronic  load.  Load  current 
can  be  varied  from  zero  to  the  full  rated  value  with 
the  twist  of  a  panel  mounted  potentiometer  or  by  a 
digital  interface.  This  design  note  will  feature  the  de- 
sign of  a  self  biased,  constant  current  adjustable 
electronic  load  which  is  fully  operational  with  input 
voltages  down  to  2.5V. 

Most  electronic  loads  rely  on  the  available  load  volt- 
age to  power  the  control  and  drive  circuits.  Since  a 
majority  of  supplies  have  output  voltages  of  5  volts, 
or  more,  it  has  been  relatively  simple  to  obtain  inte- 
grated control  circuits  which  operate  at  those  levels. 
But  the  emerging  trend  towards  lower  supply  volt- 


ages, for  example  3.3V,  3.0V,  2.7V  and  even  2.5V 
logic  ICs  has  eliminated  many  popular  control  ICs 
and  techniques  from  consideration.  The  UC39432 
Precision  Analog  Controller  is  fully  operational  from 
a  supply  voltage  as  low  as  2.2V  and  is  usable  for 
this  electronic  load  application,  in  additional  to  nu- 
merous others.  This  IC  features  a  precision  1.3V 
reference  voltage,  a  general  purpose  operational 
amplifier  and  a  100mA  open  collector  NPN  transis- 
tor. Although  primarily  intended  for  optocoupler  driv- 
ing in  a  feedback  loop,  the  UC39432  is  a 
programmable  transconductance  amplifier  and  is 
adaptable  to  fulfill  many  low  voltage  control  require- 
ments. Additional  information  can  be  obtained  from 
the  device's  datasheet 


+VIN-2.5V  10  8V 


Figure  1.  Electronic  Load  Circuit  Schematic 
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Electronic  Load  Circuit  Operation: 

The  UC39432  error  amplifier  noninverting  input  (pin 
4)  senses  the  voltage  developed  across  the  paral- 
leled current  sense  resistors,  R1A  and  R1B.  This 
amplitude  is  level  shifted  up  by  two  resistors  (R7 
and  R8)  to  the  ICs  reference  voltage  to  maintain  the 
input  within  its  useable  common  mode  range.  The 
inverting  input  (pin  6)  of  the  amplifier  is  connected 
to  the  wiper  of  the  current  adjust  potentiometer 
which  programs  load  current.  A  100k  ohm  series  re- 
sistor (R9)  balances  the  input  impedances  while  the 
8.2k  ohm  resistor  (R11)  provides  offset  to  the  po- 
tentiometer for  better  resolution.  Compensation 
uses  a  0.1  llF  capacitor  (C2)  which  turns  the  ampli- 
fier into  an  integrator  for  good  DC  load  stability.  Both 
the  input  supply  voltage  to  the  IC  (pin  3)  and  the 
1.3V  reference  (pin  5)  are  bypassed  with  0.1  |iF  ca- 
pacitors (C4  and  C1)  for  noise  rejection. 

The  power  stage  of  this  load  consists  of  a  PNP 
driver  (  Q1)  to  the  NPN  power  transistors  (Q2A  and 
Q2B)  in  a  Darlington  configuration.  Very  common 
D44H11  (10A/80V)  TO-220  type  NPN  transistors 
are  conservatively  utilized.  They  provide  plenty  of 
flexibility  for  higher  output  voltages  and  higher  cur- 
rent applications.  Heatsinking  incorporates  two 
AAVID  Engineering  type  #E5301  parts  and  number 
#150  spring  clips  for  the  TO-220  devices.  Specifica- 
tions indicate  a  65  degree  C  rise  for  10  Watts  of 


power  dissipation  without  forced  air.  This  is  worst 
case  operation  for  each  transistor  with  an  8V  input 
and  4A  load  current.  Emitter  ballast  resistors  (R3A 
and  R3B)  are  included  to  balance  the  load  current 
evenly  between  the  NPN  transistors.  These  two  de- 
vices are  held  off  by  100  ohm  base  to  emitter  resis- 
tors (R6A  and  R6B).  Series  collector  resistance 
(R2A  and  R2B)  is  used  to  further  reduce  the  tran- 
sistor power  dissipation  while  still  enabling  2.5V  op- 
eration at  full  load.  Base  drive  for  both  is  provided 
by  a  TIP32B  (3A/80V)  PNP  transistor  (Q1).  Emitter 
resistance  (R4)  is  used  to  reduce  the  system  gain 
and  R5  holds  Q1  off  with  no  base  drive.  A  1uF  ca- 
pacitor (C4)  between  the  input  supply  and  the  base 
increases  stability  and  reduces  the  potential  for  a 
load  surge  at  power-up. 

This  general  purpose,  constant  current  electronic 
load  can  be  easily  modified  for  higher  current  and 
higher  voltage  applications  with  few  changes.  Addi- 
tional NPN  transistor  and  heatsink  stages  can  be 
paralleled  to  draw  higher  currents  and  to  divide  the 
heat  evenly  amongst  more  transistors.  The  only 
other  change  needed  is  to  the  current  sense  resis- 
tor value  which  should  be  scaled  to  develop  1  volt 
at  full  current.  Low  voltage  operation  may  also  war- 
rant reducing  the  value  of  R4  to  provide  more  base 
drive  with  the  same  voltage  drop. 
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Design  Considerations  for  Synchronizing 
Multiple  UC3637  PWMs 

by  Mickey  McClure 


As  motion  control  and  power  interface  systems  be- 
come more  complex,  the  need  for  more  sophisticated 
control  circuitry  arises.  One  common  application  in- 
volves the  need  for  synchronizing  multiple  pulse 
width  modulators  (PWMs).  This  requirement  may  re- 
sult from  the  need  to  eliminate  beat  frequencies 
when  multiple  PWMs  reside  on  the  same  printed  cir- 
cuit board,  or  from  timing  considerations  in  redundant 
systems  where  voting  between  drivers  is  required. 
The  UC3637  is  an  extremely  versatile  PWM  used  in 
many  motor  control  and  power  driver  applications, 
and  the  need  for  synchronization  often  arises.  In  or- 
der to  properly  accomplish  this,  a  few  simple  design 
rules  must  be  followed.  These  rules  apply  primarily  to 
resetting  the  part's  current  limit  latches. 

Figure  1  shows  a  block  diagram  of  the  UC3637.  In  a 
single  PWM  configuration,  the  triangle  waveform,  and 
therefore  the  operating  frequency  of  the  PWM  is  de- 
veloped by  charging  and  discharging  a  capacitor  at 
pin  2,  and  comparing  the  voltage  across  this  capaci- 
tor to  the  threshold  voltages  applied  at  pins  1  and  3. 
The  design  equations  for  this  circuit  are  discussed 


extensively  in  Unitrode  Application  Note  U-102, 
"Switched  Mode  Controller  For  PWM  DC  Motor 
Drive." 

The  most  common  configuration  for  synchronized 
PWMs  is  a  single  master  PWM  driving  one  or  more 
slave  PWMs.  In  this  case  the  triangle  wave  is  devel- 
oped by  the  master  exactly  as  it  is  in  the  single  PWM 
case.  The  master  triangle  wave  is  then  used  to  drive 
the  PWM  comparators  on  the  one  or  more  slave  ICs. 
The  only  major  concern  is  resetting  the  slave  current 
limit  comparators. 

Figure  2  shows  a  simple  circuit  for  operating  synchro- 
nized UC3637  PWMs  in  a  master/slave  configuration. 
The  important  point  to  note  about  this  circuit  is  that 
the  pulse  be  pulse  current  limiting  feature  of  the 
UC3637  is  not  used.  The  triangle  wave  is  developed 
by  the  master,  and  used  to  drive  its  own  PWM  com- 
parators as  well  as  the  slave  PWM  comparators.  The 
threshold  levels  and  the  Ct  pin  of  the  slave  IC  are 
tied  off  to  levels  which  force  the  current  limit  compa- 
rators to  stay  in  the  nonlimit  state.  With  the  slave  Ct 
grounded,  and  the  slave  +Vth  tied  to  a  negative 
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Figure  1.  UC3637  Block  Diagram 
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Figure  2.  Synchronized  PWMs  with  No  Current  Limiting 


level,  the  A  output  current  limit  comparator  will  always 
keep  the  drive  active.  The  B  drive  will  also  be  active 
because  -Vth  is  tied  to  a  positive  level.  The  threshold 
levels  can  not  simply  be  tied  to  the  supply  rails  be- 
cause those  voltages  are  outside  of  the  common 
mode  range  for  the  comparators. 

As  long  as  Ct  is  kept  greater  than  1000pF,  the  input 
capacitance  of  the  slave  comparators  will  not  affect 
the  oscillator  frequency.  If  long  signal  runs  are  re- 
quired, or  many  PWMs  need  to  be  synchronized,  it  is 
best  to  buffer  the  triangle  wave  with  an  op  amp  at  the 
master  IC. 

While  the  circuit  of  Figure  2  is  quite  simple,  current 
limiting  requirements  often  rule  out  its  use.  The  circuit 
shown  in  Figure  3  should  be  used  for  those  applica- 
tions where  both  current  limiting  and  synchronization 
are  required.  In  this  circuit,  the  current  limit  compara- 
tors of  the  slave  PWM  are  tied  to  threshold  levels  of 
the  same  polarity  but  lower  magnitude  than  the 
threshold  levels  of  the  master.  Independent  pulse  by 
pulse  current  limiting  is  accomplished  by  guarantee- 
ing that  the  slave  current  limit  comparators  get  reset 
each  cycle.  This  can  be  assured  by  setting  the  differ- 
ence between  the  master  and  slave  threshold  levels 


(dV)  so  that  even  with  worst  case  offsets  in  both  the 
master  and  slave  ICs  the  magnitude  of  the  master  tri- 
angle wave  will  always  be  great  enough  to  reset  the 
comparators.  The  following  equations  outline  a  proce- 
dure for  determining  the  minimum  dV  for  the  positive 
threshold.  The  dV  for  the  negative  threshold  is  deter- 
mined by  the  same  procedure: 

1)  dV  =  V1  -V3 

The  minimum  dV  must  be  able  to  compensate  for  the 
worst  case  offset  errors  of  the  threshold  comparators. 
These  errors  result  from  both  offset  voltage  and  bias 
currents: 

2)  Verrori  =  (Ibias)  »Req 
R1  ♦  (R2+R3+R4+R5) 

R1+R2+R3+R4+R5 


3)  Req  = 


4)  VERR0R2  =  Vos  =  150mV 

The  worst  case  error  occurs  when  the  offsets  of  the 
master  are  opposite  to  the  offsets  of  the  slave.  The 
offsets  than  add  to  each  other  to  give  the  minimum 
dV  requirement: 

5)  dVmin  =  2  •  (Verrori  +  Verror2) 

The  set  point  for  dV  is  determined  by  adding  the 
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Figure  3.  Synchronized  PWMs  with  Current  Limiting 


maximum  tolerance  on  dV  to  the  minimum  dV  value. 
Because  dV  is  set  by  a  resistor  divide  network  with 
independent  terms  in  both  the  numerator  and  de- 
nominator of  its  voltage  equation,  the  total  error  term 
is  a  function  of  twice  the  resistor  tolerance,  as  well  as 
the  supply  voltage.  Taking  these  error  sources  into 
account  yields  the  set  point  for  dV: 

6)  dVsET  =  dVmin  +  dVmin  •  (2)  •  (resistor  tolerance)  • 
(power  supply  tolerance) 

We  now  select  R4  by: 

(+Vs  -  (-Vs))  «  R4 


7)  dVsET  = 


R1+R2+R&4-R4+R5 


R4  = 


dVsET»  (R1+R2+R3+R5) 
(+Vs  -  (-Vs))  -  dVsET 


It  should  be  noted  that  deriving  the  threshold  levels 
for  the  slave  PWM  off  of  the  same  divide  network  as 
the  master  allows  for  much  better  tracking  of  dV. 


Since  the  difference  between  the  master  and  slave 
threshold  levels  is  small  compared  to  the  absolute 
voltage  levels,  the  resistor  tolerance  becomes  much 
less  significant.  If  the  slave  threshold  levels  were  de- 
rived off  of  separate  networks,  the  resistor  tolerance 
would  affect  the  absolute  threshold  level  by  the  toler- 
ance of  the  resistors,  resulting  in  a  much  higher 
percentage  change  in  dV. 

While  these  two  simple  circuits  will  suit  the  require- 
ments of  most  synchronized  systems,  there  may  be 
cases  where  more  complex  circuitry  is  required.  If  a 
digital  square  wave  clock  is  used  to  synchronize 
many  PWMs,  an  integrator  may  be  required  to  derive 
the  triangle  waveform.  For  certain  critical  systems,  a 
phase  lock  loop  may  be  more  desirable  as  a  syn- 
chronization mechanism.  As  always,  the  individual 
designer  must  evaluate  the  system  requirements  be- 
fore a  final  design  configuration  can  be  selected. 
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Innovative  Buck  Regulator 
Uses  High  Side  N-Channel  Switch 
Without  Complex  Gate  Drive 

Converts  +5  VDC  to  +3.3  VDC  (or  others) 
and  draws  only  40  microamps  in  standby  mode 

by  Bill  Andreycak 


Obtaining  very  high  efficiency  in  a  voltage  step- 
down  (Buck  regulator)  application  often  requires 
the  use  of  N  channel,  low  on-resistance  MOSFET 
switches.  The  difficulty  in  driving  these  enhance- 
ment mode  devices  on  the  high  side  of  a 
converter  is  that  they  require  a  gate  voltage  above 
the  input  supply  to  turn-on.  This  necessity  de- 
mands an  additional  supply  voltage  solely  for  the 
high  side  gate  drive.  Although  P  channel  devices 
are  a  viable  alternative  for  the  sake  of  gate  drive 
simplicity,  their  associated  cost  and  higher  on  re- 
sistance limits  the  number  of  applications. 
Typically,  P  channel  FETs  are  used  in  Buck  regu- 
lators with  output  currents  below  4  amps,  or  so. 
However,  the  demand  of  many  1 .8  volt  through  3.3 
volt  logic  systems  is  often  in  the  neighborhood  of 
10  amps,  forcing  the  use  of  N  channel  devices. 

The  circuit  shown  in  Figure  1.  incorporates  the 


UCC3803  BiCMOS  PWM  controller  in  a  conven- 
tional voltage  mode  controlled  Buck  regulator 
application.  Normally,  the  IC  needs  to  be  supplied 
with  a  separate  1 2  volt  supply  from  the  input  to  the 
Buck  converter.  As  the  MOSFET  is  switched  on, 
it's  source  approaches  it's  drain  voltage  (5V)  and 
the  gate  is  driven  seven  volts  higher  to  the  IC's  12 
volt  supply.  Logic  level  MOSFETs  are  required  for 
this  application  which  become  fully  enhanced  with 
only  five  (or  so)  volts  gate  to  source  in  comparison 
to  standard  devices  which  require  about  ten  volts. 
When  Q1  is  turned  off,  the  gate  is  driven  to 
ground  by  the  IC's  output  and  diode  Do  then  con- 
ducts the  full  output  current  of  the  regulator. 

What's  unique  about  this  circuit  configuration  is 
the  way  in  which  Vcc  is  supplied  to  the  IC.  Diode 
D1  is  used  to  route  the  initial  power  to  the 
UCC3803's  Vcc  pin  from  the  5  volt  input.  Notice 
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Figure  1.  Buck  Regulator  with  High  Side  NMOS 
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that  diode  D2  and  capacitor  C1  are  connected  be- 
tween VlN  and  the  IC's  output,  pin  6.  While  the  IC 
is  off,  it's  output  is  low  and  capacitor  C1  is 
charged  to  VlN,  or  5  volts.  Once  the  4.1  volt  un- 
dervoltage  lockout  threshold  of  the  IC  is  crossed, 
it's  PWM  output  begins  switching  and  goes  high. 
The  upper  totem-pole  transistor  within  the  IC 
forces  the  lower  end  of  capacitor  C1  (connected  to 
pin  6)  up  towards  the  IC's  supply  voltage,  Vcc. 
The  initial  charge  stored  by  the  5V  across  C1  is 
then  directed  to  Vcc  through  diode  D3.  Essen- 
tially, a  quasi-resonant  tank  circuit  is  formed  by 
the  following  components;  the  UCC3803's  output, 
C1,  L1  and  D3.  This  simple  circuit  configuration 
replenishes  the  supply  voltage  (Vcc)  each  time 
the  PWM  output  switches.  After  a  few  initial 
switching  cycles,  the  ICs  supply  voltage  (Vcc)  is 
increased  to  approximately  twice  VlN,  or  about  10 
volts.  This  is  a  sufficient  amplitude  to  properly 
drive  Logic  Level  N  Channel  FETs  on  the  high 
side  of  a  Buck  Regulator.  The  UCC3803's  internal 
12  volt  supply  clamp  can  also  be  used  to  supply  a 
better  regulated  supply  voltage,  however  any  ex- 
cess current  will  be  shunted  to  ground.  This  will 
reduce  overall  efficiency  slightly,  but  will  immunize 
the  supply  voltage  from  any  duty  cycle  related 
variations. 

The  ideal  value  of  inductor  L1  is  determined  by 
several  operating  conditions.  The  critical  ones  are 
switching  frequency,  duty  cycle,  IC  supply  current 
and  the  current  required  to  supply  the  MOSFET's 
gate  charge  (Qg)  demand.  For  most  high  fre- 
quency applications,  the  inductance  is  in  the 
range  of  about  50  to  300  microHenries.  Note  that 
small,  inexpensive  surface  mount  or  axial  thru- 
hole  components  the  size  of  a  half-watt  resistor 
are  ideal  candidates.  A  one  time  "tweaking"  of  the 
exact  value  during  the  prototype  stage  may  be  re- 
quired to  deliver  the  best  performance  over  all  line 
and  load  conditions.  Once  the  best  value  is  estab- 
lished, an  adequate  supply  voltage  will  obtained 
over  all  specified  operating  conditions. 

Operating  at  500kHz,  the  UCC3803  and  bootstrap 
circuit  will  collectively  draw  8  milliamps  from  the  5 
volt  input  while  boosting  the  supply  voltage  to  ap- 


proximately 9  volts.  Input  current  rises  to  around 
12mA  in  order  to  raise  the  supply  voltage  to  11.5 
volts.  This  amplitude  is  just  below  the  Vcc  supply 
clamp  voltage  threshold  of  the  UCC3803  IC.  In 
most  applications,  the  DC  current  from  the  5  volt 
input  source  required  to  charge  the  MOSFET  gate 
will  be  around  20mA,  which  adds  to  the  IC  and 
bootstrap  circuit  demands.  Typical  consumption  of 
the  entire  working  control  circuit  will  be  in  the  30 
to  50mA  range,  depending  on  frequency  and 
MOSFET  selections. 

A  low  current  standby  mode  can  be  obtained  by 
using  a  small  logic  level  MOSFET  to  switch  the 
IC's  ground  connection  in  and  out  of  circuit.  When 
disabled,  the  entire  circuit  draws  approximately  40 
microamps  from  a  5  volt  input.  Other  adaptations 
are  possible,  as  shown  in  Application  Note  U-133 
of  the  Unitrode  IC  databook. 

Circuit  Modifications: 

Other  output  voltages  (2.0,  2.2,  2.5,  2.75,  3.0 
VDC)  : 

Any  desired  output  voltage  between  2.0V  and  Vin 
can  be  developed  using  the  exact  circuit  sche- 
matic of  Figure  1.  The  modifications  required  are 
only  to  the  component  values  used  in  the  Buck 
regulator  section  (Lout,  Cout  and  R1),  although 
some  adjustment  of  L1  may  also  be  needed. 

High  current  output: 

A  high  current  output  can  also  be  achieved  using 
the  schematic  of  Figure  1 .  by  selecting  the  compo- 
nents appropriately  for  the  higher  output  power. 

Component  List: 


C1,  C2 

C3 

Cn 

CT2 

D1,  D2,  D3 
U1 


0.01uF/16  VDC 
1uF/16  VDC 
150pF/10VDC 
270pF/10  VDC 
1N4148 
UCC3803 


NOTE  :  All  other  components  and  values  depend 
upon  the  exact  application. 
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150W  Isolated  DC/DC  Converter  for 
Distributed  Power  Applications 

by  Jack  Palczynski,  MSEE 


This  Design  Note  describes  a  compact,  isolated 
1 50W,  1 2V  converter  designed  for  30V  to  60V  DC  in- 
put voltages.  The  UC3828  is  used  as  the  main 
PWM,  and  the  UC3907  load  share  IC  is  utilized  in 
the  output  section  as  part  of  the  control  loop.  This  al- 
lows parallel  operation  of  several  modules  equally 
sharing  the  total  output  current.  Switching  frequency 
for  this  converter  is  250kHz  and  common,  standard 
parts  are  utilized.  A  parts  list  and  schematic  describe 
the  circuit.  By  varying  components,  one  can  see  the 
various  functions  of  the  UC3828.  Substitution  of 
parts  will  result  in  a  design  which  may  suit  other  re- 
quirements. To  more  fully  understand  the  design  and 
specifications  of  this  demo  board,  please  refer  to  ap- 
plications note  U-147. 

INTRODUCTION 


The  UC3828  features  provide  functions  to  ease  de- 


sign and  enhance  protection  in  a  PWM  controlled 
power  supply.  The  IC  is  turned  on  when  the  ENABLE 
pin  rises  above  2.1V  and  off  when  below  2.0V.  The 
SHUTDN  pin  provides  added  protection  by  shutting 
off  the  IC  when  greater  than  1 .5V  is  present  on  the 
pin.  The  pulse  by  pulse  current  limit  of  1V  is  en- 
hanced by  a  1.5V  shutdown  feature.  Outputs  are 
actively  held  low  when  the  IC  is  below  the  UVLO 
threshold  or  when  a  shutdown  has  been  activated. 
Soft  start  is  programmed  by  a  single  capacitor.  In  ad- 
dition, the  maximum  duty  cycle  is  accurately 
programmed  in  the  clock  set  up  and  programmable 
leading  edge  blanking  can  eliminate  problems  usu- 
ally associated  with  current  turn  on  spikes.  The  IC 
runs  on  a  wide  range  of  input  voltages  up  to  65V  and 
the  output  is  separately  powered  and  limited  to  12.4V 
by  an  internal  regulator.  The  5.1V  reference  is  regu- 
lated to  2%  and  the  current  sense  limit  held  to  5%. 
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Figure  1.  Circuit  Schematic 
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Figure  2.  UC3828  Block  Diagram 


PARTS  LIST 

Co 

C1-C3.C5 

C13,C14,C16 

C4 

C6 

C7 

C8-C10 
C11 
C12 
C15 

D1 

D3,D4 
D5 
D6 
D8 

L1 

Q1 

Q2 

R1 
R2 


Use  3  Sprague  595D476X0020 

47nF,  20V      Phone  (207)324-41 40 

0.1  |iF,  50V  ceramic 

0.1  (iF,  50V  ceramic 

180pF,  50V 

1uF,  100VAC 

470pF,  50V 

47pF,  50V 

10fiF,  20V 

100uF,  100V 

390pF,  50V 

MUR3020WT 
1N5614 
UC3612 
1N4148 
15V  Zener 

ECI  M-1 1 38    Phone  (41 3)562-7684 

MTP20N20E  Phone  (602)244-3467 
2N2222 

1.8k 
1.4k 


R3,R4,R11,R19  1k 

R5.R10 

270 

R6 

10k 

R7 

9.3k 

R8 

60k 

R9 

15k 

R12 

1k,  2W 

R13 

5.1,  2W 

R14 

44.2k 

R15 

1 32k 

R16 

20  ohm,  1/2W 

R17 

499k 

R18 

4.99k 

R20 

12.1k 

R21 

10  ohm 

R22 

1Meg 

T1 

Multisource  T100-DC-6-1/10 

Phone  (617)890-1787 

T2 

Current  Transformer  1 :24 

U1 

Unitrode  UC3828 

U2 

Unitrode  UC3907 

U3 

CNY-17A 
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An  efficiency  near  85%  is  achieved  at  full  load  with  a 
48V  input.  A  spread  sheet  may  be  set  up  to  account 
for  various  losses  in  the  switch,  magnetics  and  asso- 


ciated circuitry  in  order  to  choose  a  switching  fre- 
quency and  other  parameters  suitable  for  other 
applications. 


Figure  3.  Efficiency  vs.  Input  Voltage 


RESULTS 

The  converter  will  run  with  a  large  heat  sink  and  no 
forced  air  at  ambient  temperatures  in  the  25  degree 
C  range  at  full  load.  Output  ripple  and  noise  are  less 
than  100mV  peak  to  peak  and  regulation  is  better 
than  2%  over  line  and  load.  Minimum  load  is  1 A  and 
the  converter  will  protect  itself  in  the  event  of  a  short 
circuit.  This  can  be  demonstrated  by  increasing  the 
output  load  and  observing  that  the  output  voltage 
falls  when  peak  current  limit  is  triggered.  Likewise,  if 
the  enable  pin  is  held  high,  the  max  duty  cycle  limit 
will  be  reached  and  the  output  voltage  will  drop  as  in- 
put voltage  is  lowered. 
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Single  Switch  Flyback  Circuit  Converts  +  5  VDC  to  +/- 12  VDC 
for  RS-232  and  RS-422  Applications 

by  Bill  Andreycak 


Developing  bipolar  12  volt  supplies  from  a  single  +5 
volt  input  can  be  accomplished  using  a  number  of 
conventional  approaches.  A  boost  converter  is  the 
most  logical  for  the  +12  volt  output,  however  it  cannot 
be  used  in  some  Interface  circuit  applications.  One 
significant  drawback  of  the  boost  topology  is  that 
even  while  off,  the  output  voltage  approaches  the  in- 


put voltage  and  does  not  go  to  zero.  This  can  cause 
problems  with  many  Interface  line  driver  and  receiver 
ICs  which  are  functional  from  a  five  volt  supply.  A 
simple  Flyback  converter  is  a  better  choice  for  these 
applications  which  will  allow  the  output  voltage  to  go 
to  zero  when  the  control  IC  is  turned  off. 


->  -12VDC 


->  +12VDC 


GND 


GND 


Figure  1.  +5  to  ±12V/80mA  Converter 


The  negative  supply  also  can  be  generated  from  the 
same  Flyback  transformer  used  for  plus  twelve  volt 
output  if  an  additional  winding  is  provided.  The  result 
is  a  three  winding  transformer,  and  often  cross  regu- 
lation problems  between  the  outputs.  One  way  to 
avoid  this  is  by  incorporating  two  separate,  but  identi- 
cal transfomers,  one  per  output.  Each  of  these 
requires  only  two  windings  (primary  and  secondary) 
and  may  be  a  lower  cost  solution  to  a  single  three 
winding  Flyback  transformer.  In  many  applications, 


even  Local  Area  Networking  (LAN)  data  line  isolation 
transformers,  or  common  mode  EMI  chokes  can  be 
used.  The  Appendix  section  of  this  Design  Note  lists 
several  potential  vendors,  products  and  phone  num- 
bers. 

In  many  Interface  circuit  power  supply  applications 
the  load  currents  drawn  from  the  bipolar  supplies  are 
fairly  similar.  When  this  applies,  the  positive  output 
voltage  will  vary  proportionately  with  the  negative 
supply.  To  simplify  voltage  regulation,  the  positive 
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voltage  alone  can  be  measured  and  used  for  feed- 
back to  the  PWM  control  IC.  The  negative  output 
voltage  will  track  along  reasonably  well,  and  is  ade- 
quate for  many  applications.  This  adaptation 
significantly  reduces  the  complexity  of  regulating  both 
outputs  simultaneously,  which  would  otherwise  re- 
quire two  separate  converters  and  control  ICs. 

The  circuit  shown  in  Figure  1.  develops  a  plus  and 
minus  12  volt  output  at  80  milliamps  each  from  a  +5V 
input  supply.  Excellent  regulation  is  obtained  with 
identical  loading  on  both  outputs,  and  degrades  only 
slightly  with  differential  loading.  A  small  amount  of 
preloading  can  be  added  to  improve  cross-regulation 
for  more  demanding  conditions.  Note  that  both  trans- 
former primaries  are  electrically  in  a  parallel 
configuration,  and  energy  is  stored  and  released 
from  both  simultaneously.  This  is  advantageous  dur- 
ing differential  loading,  as  energy  stored  in  one  core 
can  be  delivered  to  the  other  transformer's  secon- 
dary. The  result  is  a  significant  improvement  in  overall 
and  cross  regulation  if  they  have  low  leakage  induc- 


tances. Magnetic  modelling  [1,2]  can  be  used  to  fur- 
ther gain  familiarity  with  this  application. 
REFERENCES 

1.  DIXON,  Lloyd  : "  Coupled  Inductor  Design  ",  UNI- 
TRODE  Power  Supply  Design  Seminar  Manual 
SEM-900,  Topic  8 

2.  DIXON,  Lloyd  : "  How  to  Put  Leakage  and  Wiring 
Inductances  in  the  High  Frequency  Circuit  Model  ", 
reprinted  in  the  Reference  section  of  UNITRODE 
Power  Supply  Design  Seminar  Manual  SEM-900, 
Topic  M4 

APPENDIX  -  List  of  some  Transformer  Manufacturers 
and  Products 

COILCRAFT  :  DLF,  LAX,  P104,  TTDLF,  TRF,  and  WB 
Series',  phone  #  1-800-322-2645  (U.S.A.) 
COILTRONIX  :  CTX  series  of  two  winding  coupled  in- 
ductors, also  the  VERSAPACK  series  of  multiple 
winding  transformers  is  applicable,  phone  #  1-561- 
241-7876  (U.S.A.) 
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Power  Dissipation  Considerations  for  the 
UC3726N/UC3727N  IGBT  Driver  Pair 

by  Mickey  McClure 
Application  Engineer 
Motion  Control  Products 

Optimized  for  driving  Insulated  Gate  Bipolar  Transis- 
tors (IGBTs),  the  UC3726N/UC3727N  IGBT  driver 
pair  is  a  very  versatile  and  cost  effective  solution  for 
applications  where  voltage  isolation  is  required.  How- 
ever, care  must  be  taken  to  insure  that  the  junction 
temperatures  of  both  the  UC3726N  and  UC3727N 
are  kept  below  levels  which  assure  reliable  opera- 
tion. The  purpose  of  this  design  note  is  to  outline  the 
proper  thermal  design  procedure  for  using  this  chip 


set. 

BACKGROUND 

In  order  to  assure  reliable  operation,  the  junction 
temperatures  of  both  ICs  should  be  kept  below 
125°C.  Although  the  absolute  maximum  rating  is 
150°C,  the  failure  rates  for  silicon  integrated  circuits 
increase  significantly  at  temperatures  above  125°C. 
Also  note  that  the  electrical  specifications  of  com- 
mercial grade  ICs  are  no  longer  guaranteed  at 
junction  temperatures  above  70°C.  This  does  not 
mean  that  the  device  will  not  function,  it  simply 
means  that  some  electrical  parameters  may  fall  out 
of  their  specified  range.  Since  power  devices  typi- 
cally operate  with  junction  temperatures  as  high  as 
125°C,  it  is  assumed  for  purposes  of  this  analysis 
that  operation  at  these  temperatures  is  acceptable 
for  the  application.  As  always  with  power  drivers,  de- 
sign verification  in  the  lab  is  recommended.  What 
follows  is  a  thermal  analysis  of  the  example  circuit 
designed  in  Unitrode  Application  Note  U-143A,  "New 
Chip  Pair  Provides  Isolated  Drive  For  High  Voltage 
IGBTs." 

POWER  DISSIPATION  IN  THE  UC3726N 

Power  losses  in  the  UC3726N  consists  of  output 
stage  conduction  and  switching  losses,  as  well  as 
bias  losses  for  the  chip  itself.  Output  stage  conduc- 
tion losses  result  from  supplying  the  UC3727N  bias 
current,  the  IGBT  gate  drive  current, and  the  trans- 
former magnetizing  current.  Each  loss  component 


can  be  calculated  individually,  and  the  results  added 
to  obtain  the  total  power  dissipation. 

Since  power  is  only  transferred  across  the  pulse 
transformer  during  the  "full"  voltage  time  period,  all  of 
the  current  required  to  power  the  UC3727N  and  the 
IGBT  gate  must  be  supplied  during  this  1/3  portion  of 
the  duty  cycle.  To  calculate  the  loss  associated  with 
this  power  transfer,  the  rms  value  of  the  average  cur- 
rent required  to  power  the  UC3727N  and  the  IGBT 
gate  must  be  calculated.  For  the  example  circuit  de- 
scribed in  U-143A,  the  average  IGBT  gate  current  is 
equal  to: 

1)  Ig  =  2  *Qg*F=2  •  110nC15/cHz=  3.3mA 

The  typical  bias  current  for  the  UC3727N  is  24mA, 
resulting  in  a  total  average  supply  current  of  27.3mA. 
Since  the  average  current  must  be  delivered  in  1/3  of 
the  duty  cycle,  the  peak  current  is  determined  by: 

27.3mA 


2)  ISUPPLY=1 


0.33 


:  82.7mA 


To  determine  the  loss  resulting  from  this  current 
(PLsupply),  the  rms  value  of  the  current  is  multiplied 
by  the  rms  value  of  the  total  voltage  drop  of  the  up- 
per and  lower  drive  stages  of  the  UC3726N: 


3)  PLsupply=  (2.3l/»V0.33)(82.7mA  •  V033)  = 
63m  W 

To  determine  the  loss  resulting  from  the  transformer 
magnetizing  current,  the  rms  value  is  determined  for 
both  the  "full"  time  (Imagfull)  and  "half"  time 
(Imaghalf)  currents.  With  a  peak  magnetizing  current 
level  of  35mA,  the  corresponding  rms  currents  are 
calculated  as: 


4)  Imagfull  =  35mA  •  v^|^ 


:11mA 


5)  Imaghalf=  35mA 


66 
3 


=  16mA 
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The  losses  resulting  from  these  currents  are  a  func- 
tion of  the  rms  value  of  the  appropriate  voltage  drops 
in  the  UC3726N.  For  the  "full"  time  the  voltage  drop 
is  the  total  saturation  drop  of  the  output  drivers.  For 
the  "half"  time  the  voltage  drop  is  the  sum  of  the  drop 
across  the  half  on  driver  (Vcc  -  0.6  •  Vcc)  and  the 
drop  across  the  full  on  driver  (0.4V): 


6)  PLmagfull  =  1 1  mA  •  2.3  V  •  Va33  =  1 4mW 


7)  PLmaghalf=  1 6mA  •  1 2.4VW0.66  =  1 61  mW 

The  power  dissipated  due  to  switching  loss  is  difficult 
to  calculate,  and  some  simplifying  assumptions  must 
be  made.  Since  the  transition  from  half  to  full  voltage 
occurs  when  the  transformer  current  reaches  zero,  it 
is  assumed  that  the  switching  loss  is  very  close  to 
zero  for  this  transition.  For  the  transition  from  full  to 
half  voltage  it  is  assumed  that  the  transformer  current 
remains  constant  as  the  sum  of  the  peak  magnetiz- 
ing current  and  the  peak  supply  current  throughout 
the  whole  transition.  This  is  a  reasonable  worst  case 
assumption  since  the  load  is  highly  inductive.  Fur- 
thermore, the  fall  time  for  the  full  to  half  driver  is 
much  slower  than  the  rise  time  for  the  zero  to  full 
driver,  and  therefore  the  full  to  half  driver  is  the  pri- 
mary contributor  to  switching  loss. 
Referring  to  Figure  3  of  U-143C,  the  half  driver  fall 
time  is  200ns,  yielding  a  duty  cycle  of  0.08  for  this 
calculation.  Since  the  voltage  transitions  from  28  to 
18V,  the  switching  loss  component  is  calculated  as: 

8)  PLswitch=  (35mA  +  82.7mA)  •  V0.08  • 
■  72mW 


(2.VO08  +  10.V^~): 


this  source.  The  bias  loss  in  this  case  becomes  a 
function  of  the  reduced  Vcc  bias  current  and  the  bias 
current  requirement  for  the  external  logic  supply: 

10)  PLbias  =  30  V.  1 6mA  +  5  V  •  1 3mA  =  545m  W 

The  total  power  dissipation  for  the  IC  is  calculated  by 
adding  the  individual  power  loss  components.  If  an 
external  logic  supply  is  not  used,  the  total  power  dis- 
sipation is  calculated  as: 

11)  PLTOT  =  0.063W  +  0.014W  +  0.161  W  + 
0.100W  +0.780W =  1.12W 

With  an  external  logic  supply,  the  total  power  dissipa- 
tion is  0.88W. 

For  a  16  pin  plastic  "batwing"  package  (N  package) 
the  worst  case  9ja  is  50°C/W  for  typical  PC  board 
mount,  resulting  in  a  temperature  rise  of  56°C  with 
no  external  logic  supply.  Using  a  max  junction  tem- 
perature of  125°C,  the  maximum  ambient 
temperature  for  the  IC  in  this  application  is  69°C. 
With  an  external  5V  power  supply,  the  worst  case 
temperature  rise  is  44°C.  If  higher  ambient  tempera- 
tures are  required,  or  if  keeping  the  junction 
temperature  below  70°C  is  required,  heat  sinking  will 
be  necessary. 

POWER  DISSIPATION  IN  THE  UC3727N 

The  power  dissipation  calculations  for  the  UC3727N 
are  much  more  straight  forward.  The  losses  consist 
only  of  the  bias  loss  for  the  IC,  and  the  output  stage 
conduction  and  switching  losses.  In  order  to  deter- 
mine the  average  output  stage  loss,  the  gate  drive 
energy  (Wgd)  is  determined  by: 


The  2V  term  comes  from  the  saturation  drop  of  the 
output  driver,  and  the  10V  term  comes  from  the  10V 
swing  from  28V  to  18V.  In  order  to  take  into  account 
other  miscellaneous  switching  losses,  the  PLswitch 
term  is  rounded  up  to  100mW. 

The  final  dissipation  calculation  is  the  bias  loss  for 
the  UC3726N  itself.  Using  a  single  +30V  supply,  the 
typical  bias  current  for  the  UC3726N  is  26mA.  This 
takes  into  account  an  additional  0.4mA/V  Ice  com- 
ponent for  each  volt  above  the  20V  supply  level 
specified  in  the  data  sheet.  The  resulting  power  loss 
is: 

9)  PLbias  =  3QV-  26mA  =  780m W 

If  an  external  +5V  logic  supply  is  available,  it  is  highly 
recommended  to  power  the  logic  supply  (Vl)  from 


12)  Wgd  =  2  .  V2  •  Cg  •  V2  =  {%■ 1 .  V2  =  Qg  •  V 


The  factor  of  2  results  from  the  fact  that  the  gate 
drive  circuit  must  charge  and  discharge  the  gate 
every  electrical  cycle.  Each  time  the  gate  is  charged 
or  discharged,  the  gate  drive  circuit  will  dissipate  an 
amount  of  energy  which  is  equal  to  the  amount  of  en- 
ergy supplied  to  the  gate.  This  leads  to  the  power 
lost  due  to  the  gate  drive: 

„,  „,        Wgd    Qg  •  V  .,  _ 

13)  PLgd  =  — =-  =  — - —  =  Qg  •  V  •  F  = 


1 1 0nC  #  20.5  V  •  1 5kHz  =  34m  W 

This  is  a  worst  case  assumption  since  the  power  loss 
will  actually  be  shared  by  the  output  driver  and  the 
gate  resistor.  In  most  cases  there  will  be  significant 
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sharing  of  this  loss  with  the  gate  driver  resistor  since 
the  output  impedance  of  the  driver  stage  is  low.  Be- 
cause this  calculation  takes  into  account  the  total 
energy  transferred  to  the  gate,  both  switching  loss 
and  conduction  loss  are  included. 
To  determine  the  power  loss  due  to  bias  current,  the 
total  voltage  drop  of  the  UC3726N  is  subtracted  from 
Vcc,  and  this  result  is  multiplied  by  the  bias  current: 

14)  PLbias=  (30V-  2.3)(24m/l)  =  664mW 
The  resulting  total  power  loss  is  calculated  as: 

15)  PLtot=  0.034 W+  0.664I/V=  0.698W 

For  a  20  pin  plastic  package  (N  package)  the  worst 
case  6JA  is  79°C/W  for  typical  PC  board  mount,  re- 
sulting in  a  temperature  rise  of  55°C.  This  leads  to  a 
maximum  ambient  temperature  of  70°C  for  this  appli- 
cation. Again,  if  it  is  desired  to  operate  in  a  higher 
ambient,  or  to  keep  the  junction  temperature  lower, 
heat  sinking  will  be  necessary. 

TEST  RESULTS 

The  UC3726/UC3727  IGBT  Driver  Pair  Evaluation 
Board  (See  U-143C)  was  used  to  test  the  thermal 
characteristics  of  the  driver  pair.  The  evaluation 
board  represents  a  typical  PC  board  layout,  where 
no  heat  sinking  is  provided  except  for  a  small  copper 
ground  plane.  All  electrical  parameters  for  the  circuit 
were  programmed  as  described  in  U-143C.  With  a 
Vcc  of  30V,  and  no  external  logic  supply,  driving  the 
IGBT  at  15kHz  resulted  in  a  lead  temperature  of 
70°C  for  the  UC3726N,  and  a  case  temperature  of 
47°C  for  the  UC3727N.  Assuming  a  6jl  of  12°C/W 


for  the  UC3726N  results  in  a  junction  ten  jerature 
rise  of  58°C,  very  close  to  the  predicted  rise. 

Assuming  a  8JC  of  35°C/W  for  the  UC3727N  results 
in  a  junction  temperature  rise  of  46°C,  which  is  sig- 
nificantly lower  than  the  predicted  value,  indicating 
that  the  IC  is  dissipating  less  power  than  predicted. 
While  this  is  a  positive  development  in  this  case,  it 
further  points  out  the  need  to  bread  board  circuits  to 
prove  out  theoretical  calculations. 
Using  an  external  +5V  logic  supply  resulted  in  a  lead 
temperature  of  57°C  for  the  UC3726N,  and  as  ex- 
pected had  no  effect  on  the  case  temperature  of  the 
UC3727N.  The  corresponding  temperature  rise  of 
the  UC3726N  junction  is  42°C.  This  difference  in 
temperature  rise  of  16°C  can  be  highly  significant  de- 
pending on  the  application. 

As  stated  previously,  properly  heat  sinking  the  ICs 
will  result  in  much  lower  junction  temperatures.  While 
this  technique  leads  to  additional  cost  and  complex- 
ity, it  can  lead  to  much  greater  design  flexibility, 
particularly  for  driving  IGBTs  with  very  high  levels  of 
gate  charge.  Also,  since  the  UC3726N  features  a 
"batwing"  style  package,  heat  is  very  effectively  con- 
ducted to  the  center  leads.  Increasing  the  ground 
plane  connected  to  these  leads  beyond  what  is 
shown  on  Figure  17  of  U-143C  will  further  reduce  the 
junction  temperature. 

If  other  IC  packages  are  used  than  those  described 
in  this  design  note,  the  power  loss  and  maximum 
junction  temperature  calculations  are  the  same.  Re- 
fer to  Packaging  Section  of  the  Unitrode  Product  and 
Applications  Handbook  for  thermal  impedance  data. 
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UCC3912  Programmable  Electronic  Circuit  Breaker 
-  Performance  Evaluation  and  Programming  Information 

by  Bill  Andreycak 


The  UCC3912  Demonstration  Kit  will  enable  design- 
ers to  evaluate  the  performance  of  The  UCC3912 
Electronic  Circuit  Breaker  in  a  typical  application  cir- 
cuit. This  kit  features  a  number  of  programming 
options  which  include  :  individual  "Hot  Swap"  of  input 
and  output  connections,  maximum  current,  Fault  cur- 
List  of  switches,  connections  and  functions: 


rent  level,  and  Shutdown.  Each  of  these  is  pro- 
grammed via  switches  located  on  the  board.  An  LED 
indicates  when  the  Current  Fault  Level  comparator 
has  been  triggered  and  the  device  is  in  a  low  duiy  cy- 
cle mode. 


SWITCH 

CONNECTION  (IC  pin  #) 

FUNCTION 

SW1 

VlN  (2,3) 

"Hot  Swapping"  of  the  input  supply 

SW2 

VOUT  (14,15) 

"Hot  Swapping"  of  the  output  supply 

SW3-1 

IMAX  (10) 

Sets  maximum  current  level 

SW3-3 

B3  (6) 

Current  Limit  DAC  Bit#3  input 

SW3-4 

B2(7) 

Current  Limit  DAC  Bit#2  input 

SW3-5 

B,  (8) 

Current  Limit  DAC  Bit#1  input 

SW3-6 

Bo  (9) 

Current  Limit  DAC  Bit#0  input 

SW3-8 

Shutdown  (1) 

Shutdown  input  to  disable  IC 
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Figure  1.  UCC3912  Demo  Circuit  Schematic 
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Programming  the  switches  :  Switch  SW3  is  a 
standard  eight  position  DIP  switch,  but  only  six  of 
these  provide  programming  functions.  The  two 
switches  located  at  positions  2  and  7  (SW3-2,  SW3- 
7)  are  not  used.  Moving  the  switches  toward  the 
corresponding  switch  position  number,  or  the  "ON" 
direction  GROUNDS  the  input  and  provides  a  digital 
"low",  or  zero.  A  digital  "high"  input  is  provided  when 
the  switches  are  in  the  "OFF"  position,  or  facing  to- 
wards switches  SW1  and  SW2. 
Timing  functions  :  The  UCC3912  Demo  Kit  incor- 
porates a  0.047  microfarad  timing  capacitor  to 
provide  fault  protection.  Using  the  equations  found  in 
the  device's  datasheet,  the  actual  timing  intervals 
can  be  determined  by: 

FAULT  =  Ct>  28'  JO3  =  1.3  milliseconds 
Tshutdown  =  Cr  •  1&  -47  milliseconds 
The  exact  duty  cycle  during  a  fault  condition  is  : 
FAULT      1 .3ms 


duty  cycle  =  - 


■■  2.8%(typical) 


Tshutdown     47  ms 

Maximum  load  capacitance  :  The  maximum  load 
capacitance  can  also  be  calculated  using  the  equa- 
tions found  in  the  UCC3912  datasheet.  Since  a  wide 
range  of  maximum  load  currents,  output  voltages 
and  timing  capacitors  can  be  used,  the  maximum 
load  capacitance  value  will  vary  with  each  applica- 
tion. Note  that  the  Demo  Kit  uses  a  10uF  electrolytic 
capacitor  on  the  output  (Vout)  connection  which 
must  be  taken  into  account  to  determine  the  maxi- 
mum capacitive  load. 

Supplying  power  :  The  Demo  Kit  has  two  terminal 
blocks  for  electrical  connections  to  the  input  voltage 


supply  and  the  output  load.  Terminal  block  TB1  is 
used  for  the  input  supply  (Vin)  and  TB2  is  used  to 
connect  the  kit  to  an  appropriate  load.  Observe  the 
correct  polarity  (+/-)  of  the  connections  as  indicated 
on  the  printed  circuit  board,  or  damage  could  result. 

Input  voltage  range  :  3  volts  minimum  to  8  volts 
maximum 

Output  load  :  An  adjustable  electronic  load  can  be 
used  to  draw  varying  amplitudes  of  current  through 
the  UCC3912  Demo  Kit.  This  type  of  load  is  much 
easier  to  use  than  fixed  value  power  resistors  to  de- 
termine the  exact  current  limiting  threshold.  One 
example  of  an  adjustable  electronic  load  is  shown  in 
Unitrode  Design  Note  #DN-52  which  can  sink  over  5 
amps  of  DC  current  and  dissipate  over  35  Watts  of 
heat  without  a  fan.  This  design  is  adequate  for  com- 
prehensive testing  of  the  UCC3912  Demo  Kit. 
Output  current  range  :  0  to  4  amps,  0  to  32  watts 
(approximate) 

'Hot  swap"  testing  should  be  performed  using  power 
resistors  and/or  capacitors  to  draw  the  specific  load 
current  and  characteristics  required.  These  should  be 
placed  across  the  Demo  Kit  output  connections  and 
testing  performed  by  switching  SW2  on  and  off  while 
monitoring  the  load  current  and  voltage.  DO  NOT 
USE  AN  ELECTRONIC  LOAD  unless  it  has  been 
characterized  for  this  'hot  swap"  application.  Many 
electronic  loads  will  attempt  to  draw  very  high  current 
with  a  rapid  application  of  input  voltage  and  could 
falsely  cause  tripping  of  the  UCC3912  Fault  circuitry. 
Other  Applications  :  While  primarily  intended  for 
'hot  swap"  data  communications  power  supply  appli- 
cations, the  UCC3912  also  lends  itself  to  any  low 


Input  Supply  UCC3912 
+3.3V,  or  +5.0V  "v-oosi  t 
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Shutdown 

□  
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I  Shutdow 


I  Shutdown    GND  I 


GND 
□- 


Figure  2.  UCC3912  Used  as  a  Low  Current  Standby  (<5uA)  Power  Switch 
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voltage  circuit  breaker  or  protection  application  below  mable  maximum  current  protection  for  a  wide  variety 

4  amps.  Some  of  these  include  battery  powered  tools  of  power  applications  including  :  data  communica- 

and  equipment,  PCMCIA  card  power  switching  and  tions,  computer,  battery  powered  and  portable 

many  3.0V,  3.3V  and  5.0  volt  power  supplies.  equipment,  PCMCIA  card  power,  industrial  controls 

Summary:  The  features  of  the  UCC391 2  Electronic  and  manY  low  volta9e  Power  supplies. 
Circuit  Breaker  offer  design  flexibility  and  program- 
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Figure  3.  UCC3912  Block  Diagram 
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UCC3889  Bias  Supply  Controller  Evaluation  Kit 
-  Schematic  and  Lists  of  Materials 

by  Bill  Andreycak 


Evaluation  Kits  facilitate  a  quick  measurement  of  new 
IC  performance  in  typical  application  circuits  without 
a  lengthy  investment  of  time  and  resources.  The 
schematic  for  the  UCC3889  Off-Line  Bias  Supply 
Controller  IC  Evaluation  Kit  is  shown  below  in  Figure 
1  with  a  photograph  of  the  top  side  layout  in  Figure  2. 
Notice  that  this  board  is  designed  to  accept  both  con- 
ventional "through-hole"  or  leaded  components  as 


well  as  their  surface  mount  counterparts.  An  addi- 
tional prototyping  area  allows  engineers  to  further 
customize  these  units  to  address  their  projects'  spe- 
cific needs.  Component  lists  for  two  popular  1  Watt 
(output  power)  applications  are  also  provided,  and 
complete  design  details  are  available  in  Unitrode  Ap- 
plication Note  U-149:  "Elegantly  Simple  Off-Line  Bias 
Supply  for  Very  Low  Power  Applications". 


D1  D2 


ZX  A 


Figure  1 .  UCC3889  Evaluation  Kit  Schematic 


Nonisolated  85  to  265VAC  Universal  Input, 
12VDC/1  Watt  Converter 

C1       =  2.2uF/450  VDC  Electrolytic 

C2      =  2.2uF/35  VDC  Electrolytic 

C3      =  150pF/16  VDC  Ceramic  Disc 

C4      =  0.1uF/100  VDC  Polyester  foil 

C5      =  33uF/25VDC  Electrolytic  (low  ESR) 

D1-D4  =  1A/800V  Rectifier  (1N4006) 

D6.D7  =  1A/600V  Fast  Recovery  Rectifier  (1N4937) 

D8      =  1A/200VDC  Fast  Recovery 

Rectifier  (1N4935) 
F1       =  0.2  ADC/250VAC  Fuse 
L1  ,L2  =  1  mH  (each)  Inductor,  200  mA  peak, 

250  VDC  rating 
L3       =  390uH  Inductor,  250mA  peak 

5/97 


L5       =  Jumper  Wire,  AWG#20  (short  circuit) 
Q1       =  600V/2A  MOSFET, 

(MTP1N60  orlRFBCIO) 
R1,2,3  =  110k,  1/2W,  5%,  150VDC  rating  each 

(three  used) 
R4      =  150k,  1/4W,  5% 
R7      =2  Meg,  1/4W,  5% 
U1       =  UCC3889  Control  IC 

Components  NOT  USED  in  this  design: 
C6,  D5,  D9,  L4,  R5,  R6 

Optional  component  list: 

D5       =  1A/800V  DIODE  (1N4006)  -  used  with  DC 

input  from  PFC  or  UPS 
R5.R6  =  1/4W,  5%  resistors  -  used  to  program  other 

output  voltages 
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Transformer  Isolated  85  to  265VAC  Universal 
Input,  12VDC  / 1  Watt  Converter 

C1      =  2.2liF/450  VDC  Electrolytic 
C2      =  1(iF/35  VDC  Electrolytic 
C3      =  150pF/16  VDC  Ceramic 
C4      =  0.1|iF/150  VDC  Polyester  foil 
C5,6    =  33liF/25VDC  Electrolytic  (low  ESR) 
D1-4    =  1A/800V  Rectifier  (1N4006) 
D6,7    =  1A/600V  Fast  Recovery  Rectifier 
(1N4937) 

D8,9    =  1A/200VDC  Fast  Recovery  Rectifier 

(1 N4935) 
F1       =  0.2ADC/250VAC  Fuse 
L1,2    =  1mH  (each)  Inductor,  200mA  peak, 

250VDC  rating 
L4      =  Transformer;  1:1  Turns  ratio,  300llH 

(Coilcraft  #  E3497A) 
L5  =  10uH,  750mA  peak 
Q1       =  600V/2A  MOSFET, 

(MTP1N60orlRFBC10) 
R1 ,2,3  =  1 10k,  1/2W,  5%,  150VDC  rating  each 

(three  used) 
R4      =  150k,  1/4W,  5% 
R7      =2  Meg,  1/4W,  5% 
U1       =  UCC3889  CONTROL  IC 

Components  NOT  USED  in  this  design: 
D5,  L3,  R5,  R6 


Optional  component  list: 

D5      =  1A/800V  DIODE  (1N4006)  -  used  with 

DC  input  from  PFC  or  UPS 
R5,R6  =  1/4W,  5%  resistors  -  used  to  program 

other  output  voltages 

Note  that  the  control  technique  and  cascade  Flyback 
configuration  used  in  these  examples  can  be  ex- 
tended to  higher  power  levels  and  a  variety  of 
applications.  This  is  accomplished  by  selecting  the 
converter's  power  components  accordingly.  Higher 
current  ratings  for  the  power  MOSFET,  rectifiers  and 
inductors,  along  with  lower  inductance  values  are 
usually  all  that's  required.  Other  topologies,  for  exam- 
ple, the  simple  (non-cascaded)  flyback,  forward  and 
boost  converters  can  be  controlled  by  the  UCC3889 
IC.  Many  distributed  DC  power  and  DC  to  DC  con- 
verters make  likely  candidates  for  this  control 
technique.  Power  Factor  Correction  (PFC)  can  also 
be  achieved  with  this  IC  when  used  in  a  discontinu- 
ous inductor  current  boost  configuration.  Consult 
Unitrode  Application  Note  U-132  for  information  on 
the  controlled  on-time,  variable  off-time  PFC  control 
technique  which  can  be  implemented  with  the 
UCC3889  without  the  need  for  current  sensing.  For 
further  information,  contact  a  local  Unitrode  repre- 
sentative or  Field  Application  Engineer. 


_  JPPL. , 


cn 


Figure  2.  Top  Side  PC  Board  Photo 
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UC3726  /  UC3727  IGBT  Isolated  Driver  Pair 
Evaluation  Kit  Testing  Procedure 

by :  Bill  Andreycak 


The  UC3726/UC3727  IGBT  isolated  driver  pair 
evaluation  kit  is  available  for  design  engineers  to 
verify  the  performance  and  functionality  of  this 
unique  solution  for  isolated  gate  drive  applications. 
Also  relevant  are  datasheets  for  each  IC  and  Uni- 
trode  Application  Note  U-143A  describing  each 
device's  features,  operation,  programming  and  op- 
erational waveforms.  A  copy  of  Design  Guide 
DG-200A  containing  Design  Note  DN-57  which  ad- 
dresses power  dissipation  issues,  and  a  simplified 
test  procedure  for  the  evaluation  kit  is  also  benefi- 
cial. Users  should  take  the  time  to  familiarize 
themselves  with  the  numerous  performance  fea- 
tures and  fault  protection  options  available  with 
these  devices  for  a  variety  of  applications.  This 
general  Testing  Procedure  is  usable  for  the 
UC3726/UC3727  Evaluation  Kit  as  well  as  for  de- 
bugging any  prototype  circuits  or  first  run  printed 
circuit  boards.  Refer  to  Figure  15  of  Application 
Note  U-143A  for  a  complete  circuit  schematic  and 
Table  1  for  the  List  of  Materials. 

Laboratory  Equipment  Needed : 

Oscilloscope 

Power  Supply  to  provide  +30  VDC  /  100mA 
Signal  or  pulse  generator 
Test  Leads 


Laboratory  Test  Procedure 

**  Turn  off  all  equipment  prior  to  making  any  con- 
nections and  verify  that  there  is  a  single  electrical 
ground  connected  to  "earth"  ground  for  all  equip- 
ment. 

1.  Configure  the  pulse  generator  to  output  a 
square  wave  pulse  train  with  an  amplitude  of 
4VDC  at  a  frequency  of  10kHz  and  a  duty  cycle 
of  10%  (10ms  on-time).  See  waveform  #1  for 
reference. 

2.  Make  the  following  connections  to  the  8  pin 
header  connector  near  U1  (UC3726): 


Connector 
Pin 


7 
8 
4 
8 


Signal 

+30VDC 
Ground  (return) 
Pulse  generator  (+)  output 
Pulse  generator  (-)  output  (GND) 

*  Note  that  the  header  pin  numbers  do  NOT  corre- 
spond to  the  same  IC  pin  numbers. 

3.  Make  the  following  connections  to  the  isolated 
side  circuitry  the  opposite  edge  of  the  printed 
circuit  board  near  U2  (UC3727): 


WAVEFORMS 


4V 

INPUT 

!  ; 

 i  i  

(#1)          o  - 

vcc  •■• 

VP 

VGATE" 

 /  : 

(#2)  0 
VEE 

VCC  - 

VGATE"  VP 
(#3) 

L 

0  - 

VEE  - 
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A.  Connect  the  "COLLECTOR"  pin  to  the 
"EMITTER"  pin  using  a  jumper  wire  with  clip 
leads. 

B.  Connect  the  "EMITTER"  pin  to  the  ground 
connection  at  pin  8  of  the  header  near  U1 . 

C.  Connect  the  oscilloscope  ground  to  circuit 
ground  at  the  8  pin  header,  pin  8. 

D.  Connect  the  oscilloscope  probe  to  the 
"GATE"  pin  near  U2. 

Testing  Procedure 

1 .  Apply  +30  VDC  power  to  the  evaluation  kit 

2.  Turn  ON  the  pulse  generator 

3.  Verify  Waveform  #2  on  the  scope  at  the  "GATE" 
pin. 

4.  Remove  the  test  clip  connection  from  the  "COL- 
LECTOR" pin 

5.  Verify  Waveform  #3  on  the  scope  at  the  "GATE" 
pin. 

6.  Slowly  increase  the  on-time  (duty  cycle)  of  the 
pulse  generator  until  the  "GATE"  waveform 
latches  off  and  remains  at  approximately 
-9VDC. 

7.  Reconnect  the  test  lead  to  the  "COLLECTOR" 
pin  (from  the  "EMITTER") 


PN-60 

8.  Verify  that  the  "GATE"  waveform  remains  at  ap- 
proximately -9VDC. 

9.  Reduce  the  on-time  (duty  cycle)  of  the  pulse 
generator  back  to  10|isec  (10%). 

10.  Briefly  connect  header  pins  6  and  2  (Vlogic  to 
Freset) 

11 .  Verify  Waveform  #2  on  the  scope  at  the  "GATE" 
pin. 

This  concludes  the  basic  testing  of  the  UC3726/ 
UC3727  IGBT  Evaluation  Kit  through  verification  of 
the  gate  drive  waveforms.  Verify  isolation  between 
the  "low"  and  "high"  side  of  the  evaluation  kit  before 
testing  in  an  isolated  application  circuit.  Beware  of 
ground  loops  and  nonisolated  power  source. 
Whenever  in  doubt,  use  a  low  current  (<1/4A )  fuse 
in  series  with  any  test  leads  or  equipment  ground 
connections  to  prevent  damage.  The  fuse  will  blow 
with  any  current  flowing  due  to  the  attempted  con- 
nections being  nonisolated.  Observe  proper  safety 
precautions  as  high  voltage  may  be  present  in 
many  IGBT  applications.  For  complete  operational 
details  of  the  ICs,  please  refer  to  the  datasheets 
and  Applications  literature. 


UNITRODE  CORPORATION 

7  CONTINENTAL  BLVD.  .  MERRIMACK,  NH  03054 
TEL.  (603)  424-2410  .  FAX  (603)  424-3460 


4-71 


y 


DN-61 


UNITRODE 

Design  Note 

A  High  Performance  Linear  Regulator  for 
Low  Dropout  Applications 

by:  Dave  Zendzian 


Introduction 

Today's  microprocessors  are  placing  ever  greater 
demands  upon  power  system  design.  Most  state  of 
the  art  devices  now  require  a  3.3V  bus  and  there- 
fore necessitate  some  means  of  stepping  down  and 
regulating  the  existing  5V  system  supply.  To  compli- 
cate matters  further,  the  performance  of  these 
devices  is  directly  related  to  supply  voltage.  This  re- 
sults in  a  need  for  tight  regulation  and  excellent 
transient  response  if  the  maximum  potential  of  the 
processor  is  to  be  realized.  As  of  late,  the  trend  has 
been  to  implement  the  function  using  a  switching 
regulator,  primarily  due  to  the  high  efficiencies  ob- 
tainable with  this  topology.  However,  when  the 
difference  between  input  and  output  voltage  is  low, 
the  efficiency  advantage  of  the  switcher  is  no  longer 
as  great.  A  linear  regulator  design  offers  several  de- 
sirable features  including  low  output  noise  and  wide 
bandwidth  resulting  in  excellent  transient  load  re- 
sponse. 

This  design  note  presents  a  linear  regulator  capa- 
ble of  maximizing  the  performance  of  these  digital 
systems.  The  regulator  is  designed  to  meet  the  fol- 
lowing system  requirements: 

Vin  =  5V,  ±10% 
Vout  =  3.3V,  +5% 
Iout  =    3.5A  typical,  4A  maximum 

Transient  Response: 

5%  to  75%  louTmax  in  "lOOnsec,  Vreg  =  ±5% 
Topology  Review 

The  regulator  is  implemented  using  a  UC3833,  pre- 
cision linear  controller.  This  IC  includes  all  of  the 
functions  required  to  design  a  very  low  dropout, 
precision  regulator,  including  a  1%  reference,  error 
amplifier  and  an  uncommitted  output  stage.  Provid- 
ing a  driver  with  both  source  and  sink  capabilities 
allows  the  use  of  a  variety  of  power  devices  includ- 
ing NPN  or  PNP  bipolar  devices  and  N  or 
P-channel  MOSFETs.  An  innovative,  switchmode 
current  limiting  technique  is  also  implemented  by 
the  UC3833,  significantly  reducing  power  dissipa- 
tion during  fault  conditions. 


The  crux  of  the  design  lies  in  the  selection  of  a  pass 
device.  Requirements  for  the  selected  power  de- 
vice include  operation  under  very  low  input/output 
differential  voltages  while  still  providing  reasonable 
efficiency.  Traditionally  the  PNP  bipolar  transistor 
has  been  applied  in  low  dropout  applications,  pri- 
marily due  to  its  low  saturation  voltage  compared  to 
a  Darlington  and  simpler  base  drive  than  an  NPN 
configuration.  However,  the  gain  of  these  devices  is 
typically  quite  low,  resulting  in  the  need  for  signifi- 
cant base  drive  current.  As  the  output  requirements 
of  the  regulator  increase  the  base  current  losses 
quickly  become  excessive,  thereby  decreasing  the 
efficiency,  along  with  the  advantages  of  the  linear 
regulator. 

This  leaves  the  P-channel  MOSFET  as  the  most 
likely  candidate.  While  older  generation  P-channel 
devices  are  plagued  with  high  on-resistance,  recent 
advancements  in  high  cell  density  technology  have 
led  to  substantial  reductions  in  RDSon.  Motorola's 
new  HDTMOS  devices  boast  50%  lower  on-resis- 
tance than  the  previous  generation  of  P-channel 
devices.  The  MTP50P03HDL  is  a  50A,  30V,  logic 
level  P-channel  device  with  a  maximum  on-resis- 
tance of  only  30mH.  The  maximum  gate  threshold 
voltage  of  2.0V  is  necessary  due  to  the  5V  input  re- 
quirement of  this  application.  An  additional 
advantage  of  the  MOSFET  power  stage  is  the  mini- 
mum amount  of  drive  current  required.  Since  the 
device  is  voltage  controlled  and  operating  in  trans- 
conductance  mode  it  can  be  biased  with  minimal 
drive  current,  further  improving  the  efficiency  of  the 
regulator. 

Bulk  output  capacitance  is  added  to  the  design  in 
order  to  help  meet  the  1 0Onsec  load  transient  re- 
quirement. As  with  any  control  system,  the  voltage 
loop  has  a  finite  bandwidth  and  cannot  instantane- 
ously respond  to  a  change  in  load  conditions.  In 
order  to  keep  the  output  voltage  within  the  specified 
tolerance,  sufficient  capacitance  must  be  provided 
to  source  the  increased  load  current  throughout  the 
initial  portion  of  the  transient  period.  During  this 
time  charge  is  removed  from  the  capacitor  and  its 
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voltage  correspondingly  decreases  until  the  control 
loop  can  catch  the  error  and  correct  for  the  in- 
creased load.  The  amount  of  capacitance  used 
must  be  enough  to  keep  the  voltage  drop  within 
specification  according  to  the  charge  relationship 
I  =  CdV/dt.  Unfortunately,  the  equivalent  series  re- 
sistance (ESR)  and  inductance  (ESL)  of  the 
capacitor  generate  an  additional  voltage  transient, 
the  total  of  which  must  be  kept  within  specification. 
In  order  to  limit  this  transient,  the  ESR  and  ESL  of 
the  selected  devices  will  usually  dictate  a  much 
larger  value  of  capacitance  than  might  normally  be 
expected. 

Design  Details 

Figure  1  illustrates  the  final  design.  Resistors  R4 
and  R5  provide  the  bias  for  the  pass  transistor,  Q1 . 
By  including  emitter  resistor  R5,  the  UC3833  drive 
transistor's  p"  is  eliminated  from  the  loop  gain  ex- 
pression, thereby  simplifying  the  compensation. 
Resistors  R6  and  R7  provide  voltage  feedback  to 
the  UC3833  while  components  R3,  C2  and  C3 
compensate  the  voltage  and  current  loops.  Further 
compensation  of  the  current  loop  is  provided  by  the 
pole-zero  pair  introduced  by  R8,  C7  and  C8. 

Current  control  is  provided  via  the  UC3833's  inter- 
nal amplifier  and  overcurrent  comparator.  When  the 
voltage  across  R1  crosses  the  100mV  comparator 
threshold,  the  UC3833  begins  to  modulate  the  out- 
put driver.  The  duty  cycle  is  approximately  5%  with 


on  and  off-times  set  by  timing  components  C1  and 
R2.  During  the  on-time,  the  current  sense  amplifier 
provides  constant  output  current  by  maintaining 
135mV  across  R1.  Duty  cycle  protection  offers  sig- 
nificant heat  sinking  advantages  when  compared  to 
conventional,  constant  current  solutions.  Since  the 
average  power  during  a  fault  condition  is  reduced 
as  a  function  of  the  duty  cycle,  the  heat  sink  need 
only  have  adequate  thermal  mass  to  absorb  the 
maximum  steady  state  power  dissipation,  and  not 
the  full  short  circuit  power. 

Output  capacitors  were  chosen  based  upon  their 
ESR/ESL  specifications  and  package  style.  The 
output  capacitance  is  implemented  using  three  sur- 
face mount,  solid  tantalum  capacitors  in  parallel. 
This  acts  to  reduce  the  equivalent  ESR  and  ESL  by 
1/3,  keeping  the  associated  voltage  transients 
within  specification.  Sprague  595D  capacitors  were 
used,  providing  an  equivalent  impedance  of  ap- 
proximately 13mn  typical  and  60mi2  max  at 
100kHz.  The  surface  mount  package  helps  to  fur- 
ther reduce  the  parasitic  effects  induced  by 
component  leads. 

In  order  to  achieve  the  expected  performance, 
careful  attention  must  be  paid  to  circuit  layout.  The 
circuit  should  be  laid  out  using  a  single  point  ground 
referenced  to  the  return  of  the  output  capacitor.  In 
addition,  all  high  current  carrying  traces  should  be 
made  as  short  and  wide  as  possible  in  order  to 
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Figure  1.  A  3.3V,  4A  regulator  featuring  low  dropout  voltage,  switchmode  overcurrent  protection  and 
excellent  transient  response. 
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minimize  the  effects  of  parasitic  resistance  and  in- 
ductance. To  illustrate  the  importance  of  these 
concepts,  lets  examine  the  effect  of  a  1.5"  PCB 
trace  located  between  the  output  capacitor  and  the 
UC3833  ground  reference.  A  0.07"  wide  trace  of 
1oz.  copper  results  in  an  equivalent  resistance  of 
10.4mn.  At  a  load  current  of  3A,  31.2mV  is 
dropped  across  the  trace,  contributing  almost  1% 
error  to  the  DC  regulation!  Likewise,  the  inductance 
of  the  trace  is  approximately  3.24nH,  resulting  in  a 
91  mV  spike  during  the  100nsecs  it  takes  the  load 
current  to  slew  from  200mA  to  3A.  Each  of  these  ef- 
fects can  be  minimized  by  optimizing  the  layout  and 
using  generous  amounts  of  copper  on  all  high  cur- 
rent runs. 

Thermal  control  is  provided  by  heatsinking  the 
power  MOSFET  pass  device.  Any  heatsink  of 
7.5°CW  or  lower  will  keep  the  junction  temperature 
of  the  MOSFET  below  125°C  at  ambient  tempera- 
tures up  to  50°C  and  worst  case  operating 
conditions. 

Performance 

In  a  typical  application  of  3A  out  with  5.0V  in,  the  ef- 
ficiency of  the  regulator  is  65.5%.  Under  maximum 
load  and  worst  case  conditions  the  efficiency  drops 
to  60%.  During  a  short  circuit,  the  regulator  limits 


the  peak  output  current  to  approximately  6A  by  de- 
sign. At  the  5%  duty  cycle  set  by  C1  and  R2,  the 
average  current  is  limited  to  300mA,  resulting  in 
only  2W  of  power  dissipated  in  the  MOSFET  as  op- 
posed to  the  potential  dissipation  of  32W  in  a 
constant  current  application! 

Worst  case  DC  regulation  of  ±3%  is  accomplished 
using  the  UC3833  in  conjunction  with  1%  feedback 
resistors.  If  a  tighter  tolerance  is  required  the 
UC3832  can  be  substituted  for  the  UC3833  along 
with  0.1%  resistors.  The  UC3832  includes  provi- 
sions for  an  external  voltage  reference,  allowing 
increased  performance  over  the  UC3833's  1%  in- 
ternal reference. 

The  AC  characteristics  of  the  voltage  loop  deter- 
mine how  fast  the  regulator  can  respond  to  sudden 
load  disturbances.  Figure  2  illustrates  how  the  de- 
sign behaves  during  the  specified  100nsec  load 
transient.  Starting  with  200mA  of  load  current,  a 
step  change  to  3A  was  applied  to  the  regulator.  This 
load  current  waveform  is  shown  in  the  upper  trace 
of  Figure  2.  Notice  that  in  the  lower  trace,  following 
the  increase  in  load,  the  output  drops  approxi- 
mately 50mV  and  then  recovers  to  a  stable  state 
within  40usec.  Figure  3  shows  the  same  response 
with  a  timebase  expanded  to  250nsec.  In  this  plot 


T9k  Run:  5.00MS/S  Sample 
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Figure  2.  Transient  response  of  the  regulator  illustrated  in  Figure  1  with  a  time  base  of  10u.sec.  The 
top  trace  is  the  load  current  on  the  output  of  the  regulator.  The  bottom  trace  shows  the  tran- 
sient recovery  of  the  regulator's  output  when  the  load  is  stepped  from  200mA  to  3A. 
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Tek  Run:  lOOMS/s  Sample 
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50mV/DIV 
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Figure  3.  Transient  response  of  the  regulator  illustrated  in  Figure  1  with  a  timebase  of  250nsec.  The 
top  trace  is  the  load  current  on  the  output  of  the  regulator.  The  bottom  trace  shows  the  in- 
itial output  transient  resulting  from  the  equivalent  impedance  of  the  output  capacitor  during 
a  load  step  from  200mA  to  3A. 


the  initial  transient  resulting  from  the  equivalent  im- 
pedance of  the  output  capacitor  is  clearly  visible. 
The  parallel  combination  of  the  three  output  capaci- 
tors and  careful  layout  limits  the  transient  to  roughly 
100mV. 

The  circuit  described  in  this  design  note  can  be 
easily  modified  to  accommodate  a  variety  of  output 
Parts  List: 


Resistors 

Capacitors 

Transistors 

Integrated  Circuits 

R1  =  0.022£i 

C1,C8=  1u.F 

Q1  =  MTP50P03HDL 

U1  =  UC3833 

R2  =  200k 

C2,C3  =  0.1uF 

R3,R8  =  100n 

C4,C5,C6  =  270u.F 

R4  =  300Q 

C7  =  3300pF 

R5  =  20n 

R6  =  1 .3k 

R7  =  2.0k 

voltage  and  current  requirements.  For  additional  in- 
formation regarding  the  UC3832/3  linear  controllers 
consult  Unitrode  application  note  U-116.  Additional 
information  on  HDTMOS  MOSFETs  and  low  imped- 
ance capacitors  is  available  from  Motorola 
(602-244-3377)  and  Sprague  (603-224-1961)  re- 
spectively. 
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Design  Note 

Switching  Power  Supply  Topology 
Voltage  Mode  vs.  Current  Mode 

by:  Robert  Mammano 


Unitrode  IC  Corporation  has,  since  its  inception, 
been  active  in  the  development  of  leading-edge 
control  circuits  to  implement  state-of-the-art  pro- 
gressions in  power  supply  technology.  Over  the 
years  many  new  products  have  been  introduced  to 
allow  designers  to  readily  apply  new  innovations  in 
circuit  topologies.  Since  each  of  these  new  topolo- 
gies purports  to  offer  improvements  over  that  which 
was  previously  available,  it  is  reasonable  to  expect 
some  confusion  to  be  generated  with  the  introduc- 
tion of  the  UCC3570  -  a  new  voltage-mode 
controller  introduced  almost  10  years  after  we  told 
the  world  that  current-mode  was  such  a  superior 
approach. 

The  truth,  however,  is  that  there  is  no  single  topol- 
ogy which  is  optimum  for  all  applications.  Moreover, 
voltage-mode  control  -  if  updated  with  modern  cir- 
cuit and  process  developments  -  has  much  to  offer 
designers  of  today's  high-performance  supplies  and 
is  a  viable  contender  for  the  power  supply  de- 
signer's attention. 


To  answer  the  question  as  to  which  circuit  topology 
is  best  for  a  specific  application,  one  must  start  with 
a  knowledge  of  both  the  advantages  and  disadvan- 
tages of  each  approach.  The  following  discussion 
attempts  to  do  this  in  a  consistent  way  for  these  two 
power  supply  control  algorithms. 

Voltage  Mode  Control 

This  was  the  approach  used  for  the  first  switching 
regulator  designs  and  it  served  the  industry  well  for 
many  years.  The  basic  voltage  mode  configuration 
is  shown  in  Figure  1 . 

The  major  characteristics  of  this  design  are  that 
there  is  a  single  voltage  feedback  path,  with  pulse- 
width  modulation  performed  by  comparing  the 
voltage  error  signal  with  a  constant  ramp  waveform. 
Current  limiting  must  be  done  separately. 

The  advantages  of  voltage-mode  control  are: 

1 .  A  single  feedback  loop  is  easier  to  design  and 
analyze. 


REFERENCE  - 


FIGURE  1.  VOLTAGE  MODE  CONTROL 


Figure  1 .  Voltage  Mode  Control 
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2.  A  large-amplitude  ramp  waveform  provides 
good  noise  margin  for  a  stable  modulation 
process. 

3.  A  low-impedance  power  output  provides  better 
cross-regulation  for  multiple  output  supplies. 

Voltage-mode's  disadvantages  can  be  listed  as: 

1.  Any  change  in  line  or  load  must  first  be 
sensed  as  an  output  change  and  then  cor- 
rected by  the  feedback  loop.  This  usually 
means  slow  response. 

2.  The  output  filter  adds  two  poles  to  the  control 
loop  requiring  either  a  dominant-pole  low  fre- 
quency roll-off  at  the  error  amplifier  or  an 
added  zero  in  the  compensation. 

3.  Compensation  is  further  complicated  by  the 
fact  that  the  loop  gain  varies  with  input  volt- 
age. 

Current  Mode  Control 

The  above  disadvantages  are  relatively  significant 
and  since  all  are  alleviated  with  current-mode  con- 
trol, designers  were  highly  motivated  to  consider 
this  topology  upon  its  introduction.  As  can  be  seen 
from  the  diagram  of  Figure  2,  basic  current-mode 
control  uses  the  oscillator  only  as  a  fixed-frequency 
clock  and  the  ramp  waveform  is  replaced  with  a 
signal  derived  from  output  inductor  current. 


The  advantages  which  this  control  technique  offers 
include  the  following: 

1.  Since  inductor  current  rises  with  a  slope  deter- 
mined by  Vin-Vo,  this  waveform  will  respond 
immediately  to  line  voltage  changes,  eliminat- 
ing both  the  delayed  response  and  gain 
variation  with  changes  in  input  voltage. 

2.  Since  the  Error  Amplifier  is  now  used  to  com- 
mand an  output  current  rather  than  voltage, 
the  effect  of  the  output  inductor  is  minimized 
and  the  filter  now  offers  only  a  single  pole  to 
the  feedback  loop  (at  least  in  the  normal  re- 
gion of  interest).  This  allows  both  simpler 
compensation  and  a  higher  gain  bandwidth 
over  a  comparable  voltage-mode  circuit. 

3.  Additional  benefits  with  current-mode  circuits 
include  inherent  pulse-by-pulse  current  limiting 
by  merely  clamping  the  command  from  the  Er- 
ror Amplifier,  and  the  ease  of  providing  load 
sharing  when  multiple  power  units  are  paral- 
leled. 

While  the  improvements  offered  by  current-mode 
are  impressive,  this  technology  also  comes  with  its 
own  unique  set  of  problems  which  must  be  solved 
in  the  design  process.  A  listing  of  some  of  these  is 
outlined  below: 
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Figure  2.  Current  Mode  Control 
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1.  There  are  now  two  feedback  loops,  making 
circuit  analysis  more  difficult. 

2.  The  control  loop  becomes  unstable  at  duty  cy- 
cles above  50%  unless  slope  compensation  is 
added. 

3.  Since  the  control  modulation  is  based  on  a 
signal  derived  from  output  current,  resonances 
in  the  power  stage  can  insert  noise  into  the 
control  loop. 

4.  A  particularly  troublesome  noise  source  is  the 
leading  edge  current  spike  typically  caused  by 
transformer  winding  capacitance  and  output 
rectifier  recovery  current. 

5.  With  the  control  loop  forcing  a  current  drive, 
load  regulation  is  worse  and  coupled  inductors 
are  required  to  get  acceptable  cross-regulation 
with  multiple  outputs. 

So  from  the  above  we  can  conclude  that  while  cur- 
rent-mode control  will  ease  many  of  the  limitations 
of  voltage-mode,  it  also  contributes  a  new  set  of 
challenges  to  the  designer.  However,  with  the 
knowledge  gained  from  more  recent  developments 
in  power  control  technology,  a  re-evaluation  of  volt- 
age-mode control  indicated  that  there  were 
alternative  ways  to  correct  its  major  weaknesses 
and  the  result  was  the  UCC3570. 

Voltage-Mode  Revisited 

The  two  major  improvements  to  voltage-mode  con- 
trol offered  by  the  UCC3570  are  voltage 
feed-forward  to  eliminate  the  effects  of  line  voltage 
variations,  and  higher  frequency  capability  which  al- 
low the  poles  of  the  output  filter  to  be  placed  above 
the  range  of  normal  control  loop  bandwidth. 

Voltage  feed-forward  is  accomplished  by  making 
the  slope  of  the  ramp  waveform  proportional  to  in- 
put voltage.  This  provides  a  corresponding  and 
correcting  duty  cycle  modulation  with  no  action 
needed  by  the  feedback  loop.  The  result  is  a  con- 
stant control  loop  gain  and  instantaneous  response 
to  line  voltage  changes.  The  higher  frequency  ca- 
pability is  accomplished  through  the  use  of 
BiCMOS  processing  for  this  IC  which  yields  smaller 
parasitic  capacitance  and  lower  circuit  delays.  Thus 
many  of  the  problems  of  voltage-mode  have  been 
alleviated  without  incurring  the  difficulties  of  current- 
mode. 

Choosing  Circuit  Topologies 

None  of  the  above  discussion  should  leave  the  im- 
pression that  there  is  no  longer  a  place  for 
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current-mode  control  -  only  that  both  topologies  are 
viable  choices  in  today's  environment.  There  are 
considerations  which  could  point  to  one  or  the  other 
as  more  optimum  for  each  particular  application. 
Some  of  these  are  outlined  below: 

Consider  the  use  of  current-mode  if: 

1.  The  power  supply  output  is  to  be  a  current 
source  or  very  high  output  voltage. 

2.  The  fastest  dynamic  response  is  needed  with 
a  given  switching  frequency. 

3.  The  application  is  for  a  DC/DC  converter 
where  the  input  voltage  variation  is  relatively 
constrained. 

4.  Modular  applications  where  parallelability  with 
load  sharing  is  required. 

5.  In  push-pull  circuits  where  transformer  flux 
balancing  is  important. 

6.  In  low-cost  applications  requiring  the  absolute 
fewest  components. 

Consider  voltage-mode  (with  feed-forward)  if: 

1.  There  are  wide  input  line  and/or  output  load 
variations  possible. 

2.  Particularly  with  low  line  -  light  load  conditions 
where  the  current  ramp  slope  is  too  shallow 
for  stable  PWM  operation. 

3.  High  power  and/or  noisy  applications  where 
noise  on  the  current  waveform  would  be  diffi- 
cult to  control. 

4.  Multiple  output  voltages  are  needed  with  rela- 
tively good  cross-regulation. 

5.  Saturable  reactor  controllers  are  to  be  used  as 
auxiliary  secondary-side  regulators. 

6.  Applications  where  the  complexities  of  dual 
feedback  loops  and/or  slope  compensation  is 
to  be  avoided. 

In  line  with  these  considerations,  the  UCC3570  has 
been  optimized  for  low-to-medium  power,  off-line, 
primary-side  control  applications  with  isolated  feed- 
back. It  features  many  performance  enhancements 
for  this  task  in  addition  to  the  control  characteristics 
described  above  but,  since  that  is  not  the  purpose 
of  this  document,  the  reader  is  referred  to  the  prod- 
uct data  sheet  for  further  information. 

Reprinted  with  permission  from  Electronic  Design, 
June  27,  1994.  Copyright  1994,  Penton  Publishing 
Inc. 
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The  Current-Doubler  Rectifier:  An  Alternative  Rectification 
Technique  For  Push-Pull  And  Bridge  Converters 

by  Laszlo  Balogh 


This  design  note  describes  an  alternative  rectifica- 
tion method  which  offers  simpler  structure  and  bet- 
ter utilization  of  the  isolation  transformers  in 
push-pull,  half-bridge  and  bridge  power  stages 
where  usually  full-wave  rectification  is  required  on 
the  secondary  side  of  the  transformers.  Converters 
using  the  current-doubler  rectifier  can  achieve  lower 
and  better  distributed  power  dissipation  and  smaller 
size  in  the  magnetic  components. 

The  common  property  of  the  push-pull,  half-bridge 
and  bridge  topologies  which  makes  the  full-wave 
rectification  necessary  is  that  they  utilize  bipolar 
voltage  across  the  secondary  side  of  the  trans- 
former. 

Figure  1  illustrates  the  commonly  used  circuit  ar- 
rangement for  full-wave  rectification.  For  proper  op- 
eration the  secondary  winding  has  to  be 
center-tapped  with  one  terminal  connected  to  the 
reference  potential  (ground)  of  the  circuit.  The  cen- 
ter-tapping splits  the  secondary  winding  into  two  in- 
ductors which  are  coupled  strongly  but  not  perfectly 
within  one  magnetic  structure. 

This  design  note  assumes  a  full-bridge  power  con- 
verter using  the  phase-shifted  control  method.  Con- 
sequently, the  primary  of  the  isolation  transformer  is 
short  circuited  in  the  free-wheeling  mode  which  has 
a  profound  effect  on  the  current  distribution  in  the 
secondary  windings  during  that  period.  In  all  other 
aspects,  the  operation  of  the  push-pull,  half-bridge 
and  the  conventional  full-bridge  converters  are 
identical  to  the  description  below. 

Based  on  the  polarities  and  signal  names  of  Figure 
1 ,  operation  is  as  follows: 

During  the  first  active  period  when  energy  is  trans- 
ferred from  the  primary  to  the  secondary  side,  the 
voltage  across  TR1  is  positive.  D1  is  forward  biased 
while  the  negative  voltage  appearing  across  TR2 
keeps  D2  reverse  biased.  The  current  of  the  output 
inductor,  Lo,  is  forced  to  flow  through  TR1  while 
TR2  carries  no  current.  During  the  free-wheeling 
period,  the  voltages  across  TR1  and  TR2  become 
zero.  In  theory  the  output  current  is  evenly  distrib- 
uted between  the  secondary  windings  TR1  and 
TR2.  In  practice,  because  of  leakage  inductance 
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Figure  1.  Full-Wave  Rectifier 

associated  with  real  magnetic  structures,  the  output 
current  is  not  shared  evenly.  TR1  still  conducts 
most  of  the  output  inductor  current  while  the  current 
slowly  builds  up  in  TR2  depending  on  the  value  of 
the  leakage  inductance  and  the  available  voltage 
across  it.  In  the  next  active  interval,  V2  is  positive, 
in  which  case  TR2  and  D2  carries  all  the  current  of 
Lo  while  D1  is  reverse  biased  by  TR1  having  no 
current  through  them.  In  the  next  period  V1  and  V2 
are  zero  again  and  similarly  to  the  previous  free- 
wheeling period  the  output  inductor  current  will 
keep  flowing  in  TR2. 

Figure  2  shows  the  most  important  waveforms  of 
operation. 


Figure  2.  Waveforms  of  the  Full-Wave  Rectifier 
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The  proposed  current-doubler  rectifier  is  presented 
in  Figure  3.  It  is  composed  of  the  secondary  wind- 
ing of  the  isolation  transformer  which  is  not  center- 
tapped  now,  the  same  two  rectifier  diodes,  two 
individual  but  identical  filter  inductors  and  an  equal 
output  capacitor  to  the  one  of  the  full-wave  rectifier 
circuit. 

Using  the  symbols  and  signal  polarities  introduced 
in  Figure  3  the  operation  of  the  rectifier  is  described 
below: 


It  D1  lo'  lo 


Figure  3.  Current-Doubler  Rectifier 

Starting  at  the  first  active  period  the  voltage  across 
the  secondary  winding  of  the  transformer,  Vt  is 
positive.  Current  flows  in  positive  direction  in  both 
filter  inductors,  L1  and  L2.  During  this  period  D1  is 
forward  biased  while  D2  is  kept  off  by  Vt.  It  means 
that  the  current  path  for  L1  runs  through  D1  and  the 
output  capacitor,  basically  kept  away  from  the  sec- 
ondary winding  of  the  transformer.  The  current  of 
the  second  filter  inductor  L2  flows  through  the 
transformer  winding  and  D1,  closing  the  loop 
through  the  output  capacitor.  Hence  the  output  cur- 
rent is  the  sum  of  the  DC  components  of  the  two  fil- 
ter inductor  currents,  the  transformer  sees  only  half 
of  the  load  current  during  the  active  time  interval. 
During  this  time,  the  voltage  across  L1  is  negative 
and  equals  the  output  voltage  causing  the  current 
in  L1  to  decrease.  On  the  other  hand,  V2  across  L2 
is  positive,  causing  the  current  in  L2  to  increase. 
The  active  period  is  followed  by  a  free-wheeling  in- 
terval. Vt  is  not  forced  across  the  secondary  wind- 
ing of  the  transformer  any  longer.  The  voltage 
across  L2  becomes  negative,  and  equal  to  the  out- 
put voltage  amplitude,  producing  a  negative  slope 
in  the  current  through  L2.  As  in  the  full-wave  case, 
theory  would  suggest  that  the  current  of  L2  goes 
through  D2  instead  of  the  transformer  winding,  but 
in  practice  this  current  will  continue,  due  to  flow  in 
the  transformers  secondary.  The  conditions  for  L1 
do  not  change.  At  the  beginning  of  the  consecutive 


active  interval,  a  negative  voltage  appears  on  the 
output  of  the  transformer.  D1  turns  off  while  D2  is 
forward  biased.  The  current  rapidly  changes  direc- 
tion in  the  transformer  winding,  and  is  equal  to  the 
current  of  L1.  The  current  of  L2  is  not  flowing 
through  the  transformer  any  longer  and  keeps  de- 
creasing by  the  rate  determined  by  the  inductance 
value  and  the  output  voltage.  Having  a  positive  volt- 
age across  L1 ,  the  current  starts  building  up  in  the 
inductor.  The  full  operating  cycle  is  completed  by 
another  free-wheeling  period  when  Vt  becomes 
zero,  -Vo  appears  on  L1  causing  its  current  to  de- 
crease and  there  is  no  change  in  the  condition  of 
L2. 

The  essential  waveforms  of  the  current-doubler  rec- 
tifier are  indicated  in  Figure  4. 


Figure  4.  Waveforms  of  the  Current 
Doubler  Rectifier 

Summarizing  the  most  important  properties  of  the 
current-doubler  rectifier  as  revealed  by  the  circuit 
diagram,  the  description  of  operation  and  the  differ- 
ent waveforms,  the  following  conclusions  can  be 
drawn: 

•  there  is  no  need  for  center-tapping 

•  finer  steps  in  turns  ratio  are  possible 

•  transformer  structure  is  simpler 

•  transformer  carries  approximately  half  of  the 
output  current  (only  the  secondary  winding) 

•  operation  on  the  primary  side,  including  duty- 
cycle  is  unchanged 
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diode  and  output  capacitor  stresses  are  identi- 
cal to  the  full-wave  technique 
additional  filter  inductor  required 

each  filter  inductor  carries  only  half  of  the  DC 
output  current 

ripple  currents  cancel  on  common  output  ca- 
pacitor 

requires  current-mode  control  to  ensure 
equal  currents  in  the  filter  inductors 


In  order  to  correctly  judge  the  merit  of  this  rectifica- 
tion technique  for  practical  applications,  a  quantita- 
tive comparison  is  presented.  Assume,  that  two 
converters  operate  with  a  clock  frequency  of  fs, 
have  the  same  input  and  output  voltages,  equal 
load  currents  and  equal  ripple  currents  in  the  output 
capacitors.  For  these  cases,  the  most  important  de- 
sign parameters  are  given  in  an  easy  to  use  form  in 
Table  1 .  For  simplicity,  the  current  values  are  not  re- 
flecting the  effect  of  the  AC  components  of  the  in- 
ductor currents. 


Table  1.  Comparison  of  Full-Wave  and  Current-Doubler  Rectifiers 

Technique  > 

Full-Wave 

Current-Doubler 

Magnetics> 

TR1 

TR2 

LO 

Tr 

L1 

L2 

Transformer  Operating  Frequency 

fs 
2 

fs 
2 

Transformer  Primary  Number  of  Turns 

N 

N 

Transformer  Secondary  Number  of  Turns 

1 

1 

2 

Transformer  Secondary  Current 
(DC  average;  multiplier  is  the 
duty-cycle  of  the  secondaries) 

lO  •  0.5 

lo  •  0.5 

Secondary  current  reflected  to  the  primary 
(DC  average) 

lo.l.D 

lo    2  n 
2  N 

D1 ;  D2  Breakdown  Voltage  (minimum) 

1  +  1 

V,N.  N 

Output  Inductor  Operating  Frequency 

fs 

fs 
2 

fs 
2 

Output  Inductor  Current  (DC  Average) 

lo 

lo 
2 

lo 
2 

Output  Inductance  (minimum) 
*  function  of  duty-cycle 

Lo 

<Lo* 

<l_0* 

CI) 

111 
I- 
o 


Summary:  the  presented  current-doubler  rectifier 
provides  an  alternative  rectification  technique  for 
converters  employing  push-pull,  half-bridge  or 
bridge  topologies.  The  method  simplifies  the  power 
transformer  and  adds  one  more  filter  inductor  to  the 
circuit.  Depending  on  the  particular  application,  the 
total  volume  of  the  two  filter  inductors  might  be 
equal  or  smaller  than  the  choke  of  the  full-wave 
rectifier  due  to  their  lower  operating  frequency  and 
lower  current  rating. 


Further  trade-offs  can  be  made  in  order  to  reduce 
inductor  sizes  by  lowering  the  inductance  value  and 
relying  more  strongly  on  the  ripple  current  cancella- 
tion of  the  two  inductors.  Additionally,  the  current- 
doubler  rectifier  offers  the  potential  benefit  of  better 
distributed  power  dissipation  which  might  become  a 
vital  benefit  in  densely  packed  power  supplies.  Be- 
cause of  its  added  circuit  complexity,  this  solution 
could  probably  be  justified  in  medium  to  higher 
power  and/or  high  output  current  applications. 
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Inductorless  Bias  Supply  Design  for  Synchronous  Rectification 
and  High  Side  Drive  Applications 

by  Bill  Andreycak 


Developing  a  bias  supply  which  is  higher  than  a 
power  supply's  input  voltage  is  usually  required 
in  high  side  switch  applications.  Two  such  exam- 
ples are  Buck  regulators  and  Synchronous 
Switch  converters  using  N-channel  MOSFETs  as 
the  switching  device.  Independent  of  the  specific 
application,  there  are  numerous  requirements  for 
cost  effective  bias  supplies  without  the  added 
complexity  of  inductors,  switches,  transformer 
windings  or  even  an  independent  power  supply. 
The  circuit  shown  in  Figure  1  exemplifies  the 
need  in  a  transformer  coupled,  Synchronous 
Switch  application  in  a  Forward  converter. 
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2 
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IT 


Figure  1.  Synchronous  Switch 

A  number  of  more  demanding  applications  than 
the  conventional  Synchronous  Switch  examples 
exist,  all  with  similar  high  side  bias  supply  needs. 
For  example,  adding  an  overcurrent  limit  or  cir- 
cuit breaker  function  to  the  output  will  require  a 
more  sophisticated  detection  and  gate  drive  cir- 
cuit than  the  previous  examples.  A  further  exten- 
sion would  be  the  need  to  completely  regulate 
the  output  voltage  by  pulse  width  modulating  the 
switch.  Note,  however,  that  each  of  these  will  re- 
quire the  MOSFET  switch  to  be  "reversed"  from 
that  found  in  the  Synchronous  Switch  example. 
This  is  necessary  so  that  the  MOSFET  body  di- 
ode does  not  always  conduct  while  the  input  is 
greater  than  the  output  voltage.  With  this  adapta- 


tion, its  "channel"  can  be  switched  "on"  to  per- 
form rectification  only  when  required.  Further- 
more, this  allows  for  the  gate  drive  to  be  pulse 
width  modulated  to  regulate  the  output  voltage  or 
to  control  output  current.  A  diode,  placed  in  se- 
ries with  the  switch  is  required  to  prevent  the 
MOSFET  body  diode  from  conducting  when  the 
transformer  secondary  voltage  reverses.  The  ba- 
sic circuit  is  shown  in  Figure  2. 
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Figure  2.  Controlled  Switch  with  Series  Diode 

One  problem  with  the  configuration  shown  in  Fig- 
ure 2  is  that  the  control  circuit  is  "floating"  and  all 
control  signals  will  require  isolation  which  adds 
unnecessary  complexity.  An  improved  arrange- 
ment, shown  in  Figure  3,  references  the  control 
circuit  and  gate  drive  to  the  supply's  positive  out- 
put rail.  Note  that  the  output  filter  stage  consist- 
ing of  the  commutating  diode  (Dc),  output  filter 
capacitor  (Co)  and  output  inductor  (Lo)  has  been 
reconfigured  yet  performs  the  same  task.  For 
simplicity,  the  output  inductor  has  been  moved  to 
the  lower  (return)  rail  for  two  reasons.  First,  it  en- 
ables the  gate  drive  and  control  circuitry  to  be 
solidly  referenced  to  the  positive  output  voltage. 
Secondly,  it  eliminates  the  need  for  a  "floating" 
gate  drive  which  would  have  been  required  if  the 
inductor  were  left  in  the  positive  output  rail.  Addi- 
tional noise  immunity  in  the  control  logic  is  gen- 
erally gained  with  this  configuration  since  its 
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Figure  3.  Improved 

common  mode  range  is  reduced.  Note  that  a  di- 
rect measurement  of  output  current  is  also  avail- 
able for  overcurrent  protection  purposes  or  cur- 
rent mode  control  by  using  a  sense  resistor  in 
series  with  the  positive  output. 

Operation  of  the  basic  charge  pump  circuitry 
used  to  develop  the  high  side  bias  is  as  follows. 
The  sequence  begins  at  turn-off  of  the  main 
power  supply  switch  on  the  transformer's  pri- 
mary side  which  causes  the  secondary  voltage 
waveform  to  collapse.  Power  is  transferred  to  the 
bias  supply  during  the  transformer's  resetting  or 
"backstroke".  As  the  voltage  across  the  secon- 
dary winding  reverses,  capacitor  C1  is  charged 
through  diode  D1  to  the  peak  amplitude  of  the 
secondary  reset  voltage.  Note  that  these  compo- 
nents are  "isolated"  from  the  bias  supply  capaci- 
tor (C2)  by  diode  D2  while  C1  swings  below  the 
positive  output  rail  and  charges.  During  the  nor- 
mal transfer  of  power  to  the  output  stage  the 
secondary  transformer  voltage  is  positive.  As  this 
occurs,  Diode  D1  is  reversed  biased  and  turns 
off  while  capacitor  C1  is  lifted  along  with  the 
positive  secondary  transformer  voltage.  When 
the  voltage  across  capacitor  C1  exceeds  that 
across  the  bias  supply  capacitor  (C2),  diode  D2 
conducts.  Note  that  this  takes  place  whether  or 
not  the  power  switch  and  diode  are  conducting. 
Charge  stored  in  C1  is  delivered  to  C2  beginning 
with  the  rise  of  secondary  transformer  voltage, 


Circuit  Configuration 

replenishing  C2.  Eventually,  diode  D2  will  dis- 
continue conducting  as  C1's  voltage  drops  below 
that  of  C2.  The  entire  cycle  is  repeated  begin- 
ning at  the  reset  of  T1  when  the  secondary  volt- 
age goes  negative,  starting  the  charge  of  C1 
again.  One  noteworthy  additional  benefit  of  this 
circuit  is  that  it  may  snub  some  of  the  parasitic 
energy  across  the  transformer  during  its  tran- 
sient reset  which  can  reduce  the  peak  reverse 
voltage  of  the  output  (power)  diode. 

In  center  tapped  transformer  secondary  applica- 
tions, for  example  push-pull,  half  and  full  bridge 
topologies,  the  circuit  can  be  replicated  to  ac- 
commodate the  second  high  side  switch  and 
drive  circuitry,  as  shown  in  Figure  4.  This  ar- 
rangement will  provide  power  to  the  bias  supply 
from  both  windings  of  the  secondary.  At  first 
glance,  the  lower  side  circuitry  may  seem  unnec- 
essary, or  even  wrong.  But  when  the  time  comes 
for  it  to  transfer  power  to  the  output,  this  lower 
side  becomes  the  upper  side  of  the  schematic 
and  the  need  for  it  becomes  apparent. 

Many  other  arrangements  of  the  basic  diode  and 
capacitor  charge  pump  circuit  are  possible  - 
without  using  inductors  and/or  additional 
switches  for  these  low  power  applications.  For 
more  demanding  ones,  a  linear  or  switchmode 
integrated  circuit  regulator  can  be  considered  to 
deliver  a  precisely  regulated  bias  voltage. 
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Figure  4.  Center  Tapped  Application  of  Improved  Circuitry 
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Considerations  in  Powering  BiCMOS  ICs 
by  Jack  Palczynski 


Bipolar  linear  integrated  circuits  have  been  with 
us  for  years  in  the  form  of  PWM  and  PFC  con- 
trollers, supervisory  circuits  and  others.  Since 
these  devices  have  traditionally  been  built  using 
relatively  high  voltage  (35V)  Bipolar  processes, 
powering  considerations  were  typically  never  a 
concern.  In  addition,  many  of  these  ICs  con- 
tained high  current  protection  zeners  to  keep 
higher  voltages  from  damaging  the  device.  With 
a  number  of  new  BiCMOS  ICs  now  replacing  tra- 
ditional Bipolars,  more  consideration  needs  to  be 
given  to  powering  these  low  voltage  controllers. 
This  Design  Note  will  provide  more  details  re- 
garding the  device  specifications  and  help  sim- 
plify the  powering  and  use  of  these  energy  sav- 
ing devices. 

The  most  prolific  of  PWM  ICs  are  those  of  the 
UC3842  family  which  are  easy  to  use  and  to 
power.  The  Vcc  supply  can  be  as  high  as  34V 
and  an  on-chip  zener  can  sink  up  to  30mA  of 
current.  It  consumes  significantly  more  power  in 
comparison  to  the  replacement  series  of  Uni- 
trode  UCC3802  BiCMOS  PWMs.  Requiring  only 
about  10%  of  the  current  used  by  the  UC3842, 
these  BiCMOS  parts  are  a  logical  replacement 
for  previous  UC3842  based  designs.  The  trade- 
off is  that  the  maximum  voltage  is  13.5V.  With 
these  specifications  in  mind,  several  power 
methodologies  will  be  described. 

Upon  first  review  of  the  UCC3802  data  sheet, 
several  seemingly  contradictory  specifications 
could  be  noted.  The  UVLO  start  threshold  has  a 
range  of  11.5V  to  13.5V,  while  the  protection 
zener  voltage  can  vary  from  12.0V  to  15.0V. 
However,  the  absolute  maximum  supply  voltage 
of  the  IC  is  specified  at  12.0V.  This  absolute 
maximum  is  defined  as  the  lowest  possible  zener 
voltage  when  driven  from  a  low  impedance  (volt- 
age) source.  Note,  however,  that  the  zener  volt- 


age is  always  higher  than  the  UVLO  start  volt- 
age. These  two  parameters  track  each  other  and 
the  chip  is  tested  to  guarantee  that  the  zener 
voltage  will  never  be  below  that  of  the  start  volt- 
age. 

For  low  cost,  off-line  applications,  these  newly 
introduced  control  ICs  offer  savings  in  overall 
cost  and  power  in  comparison  to  their  predeces- 
sors. For  example,  the  UCC3802  PWM  con- 
sumes only  1mA  (approximate)  for  full  opera- 
tion -  which  can  eliminate  the  need  for  a  bias 
supply  in  many  instances.  To  this  1mA,  add  esti- 
mates for  the  other  currents  consumed  by  the 
control  circuitry  (gate  drive,  slope  compensation, 
etc.).  Working  backwards,  calculate  the  resistor 
value  for  the  circuit  of  Figure  1  to  deliver  this  cur- 
rent from  the  rectified,  filtered  line  voltage.  Typi- 
cally, the  AC  input  voltage  will  range  from 
85VRMS  to  264VRMS,  or  about  a  3:1  ratio.  The 
corresponding  DC  input  will  vary  accordingly 
from  124VDC  to  374VDC.  Calculate  R1  to  pro- 
vide supply  current  at  the  lowest  input  voltage. 
3mA  minimum  supply  current  is  used  for  this  ex- 
ample. 

124VDC-12VDC    ^  ■  . 
 =  37.3kQ  (use  36k). 

At  high  line,  this  current  will  increase  to 


374VDC-12VDC 
36k 


10.1mA 


and  dissipate  more  power.  The  resistor  will  guar- 
antee that  the  ICs  zener  clamp  will  not  be  sub- 
jected to  overcurrent  since  it  shunts  only  7.1mA, 
the  other  3mA  are  consumed  for  operation.  This 
configuration  is  generally  referred  to  as  a  "cur- 
rent source"  power  supply.  Before  the  IC  starts,  it 
only  draws  100^A  and  C1  is  charged  with  nearly 
the  full  supply  current.  Once  C1  reaches  the 
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Figure  1 .  Off-line  Current  Source  Power 

UVLO  start  threshold  of  about  13.5V,  the 
UC3802  starts  and  then  uses  1mA  for  itself,  and 
an  additional  2mA  (this  example)  to  power  the 
gate  drive  and  other  functions. 

A  drawback  to  the  above  circuit  is  that  a  good 
percentage  of  power  is  dissipated  in  R1 .  If  the  in- 
put voltage  range  is  very  wide,  or  if  a  high  fre- 
quency is  used  or  a  FET  with  high  gate  charge  is 
used,  it  may  not  be  possible  to  guarantee  that 
the  zener  current  is  limited  to  30mA  at  high  line 
while  still  being  able  to  provide  enough  current  to 
run  at  low  line.  To  create  a  more  efficient  input 
supply,  a  few  alternatives  are  demonstrated.  Fig- 
ure 2  shows  a  typical  bias  supply  with  modifica- 
tions for  the  BiCMOS  IC.  R1  limits  current  while 
the  IC  is  in  standby  mode  so  that  zener  current 
is  not  exceeded  as  in  the  last  example.  In  this 
case,  the  resistor  may  be  made  much  larger 


Figure  2.  Adding  a  Bootstrap  Supply 

since  it  will  not  be  the  major  power  source  once 
the  supply  has  started.  Resistor  R2  is  placed  in 
series  with  the  bias  supply  coming  from  the 
transformer  in  order  to  again  limit  the  zener  cur- 
rent to  10mA.  This  circuit  will  result  in  a  higher 
efficiency  than  that  of  the  first  -  at  the  cost  of  ad- 
ditional components  and  a  bias  winding  on  the 
transformer.  During  start  up,  C1  again  charges 
through  R1  until  the  turn  on  threshold  of  the  IC  is 
reached.  If  R1  is  very  large,  then  the  UVLO  hys- 
teresis of  the  UCC3802  allows  the  controller  to 
continue  running  until  it  reaches  its  lower  thresh- 
old. During  this  time,  the  bias  supply  starts  sup- 
plying current  and  should  take  over  as  the  pri- 
mary IC  power  supply  before  the  lower  UVLO 
threshold  is  reached. 

A  third  solution  is  to  use  the  Unitrode  UCC3889 
bias  supply  control  circuitry  as  seen  in  Figure  3. 
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Figure  3.  UCC3889  Powers  Other  Circuits 
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This  patented  control  technology  will  provide  a 
fully  regulated  supply  from  a  high  input  voltage 
without  the  use  of  transformers.  As  with  the  last 
circuit,  a  series  resistor  from  an  18V  input  to  Vcc 
will  limit  current.  With  the  UCC3889  IC,  an  input 
Power  Factor  Correction  IC  or  other  primary  side 
PWM  circuit  may  also  be  easily  powered. 

The  UCC3802  and  the  entire  family  of  Unitrode 
BiCMOS  integrated  circuits  can  provide  added 
efficiency,  higher  speed,  FET  totempole  output 
drivers  (which  eliminate  the  need  for  protection 
Schottky  diodes)  and  other  added  features.  With 
some  care,  input  power  can  easily  be  designed 
to  meet  the  ICs  power  requirements,  and  assist 


in  designing  new,  more  efficient  switching  power 
supplies. 
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This  design  note  focuses  on  one  of  the  major  im- 
provements introduced  to  the  industry  standard 
UC3854  high  power  factor  boost  controller.  The 
new  UC3854A/B  versions  eliminated  the  need 
for  external  components  to  clamp  the  voltage 
and  current  error  amplifier  outputs  and  optimized 
the  voltage  levels  of  some  of  the  sense  circuitry. 
All  of  these  issues  are  already  covered  by  DN-39 
design  note  (present  release  is  version  E).  The 
following  aspects  were  expressed  implicitly,  in 
previous  literature,  and  are  now  described  in  fur- 
ther details. 

What  makes  intelligent  power  limiting  possible 
with  the  UC3854A/B  and  with  the  newer 
UC3855A/B  ZVS  high  power  factor  controllers,  is 
that  the  maximum  value  of  the  multiplier  output 
current  is  not  directly  related  to  the  current  of  the 
Rset  resistor  any  more. 

Instead,  it  is  limited  to  be  equal  or  smaller  than 
twice  the  instantaneous  value  of  the  Iac  current. 
This  new  feature  provides  a  very  delicate  and  ef- 
fective way  to  limit  input  power  to  the  power  fac- 
tor corrector  front-end  while  the  converter  still 
maintains  a  sinusoidal  input  current  waveform.  It 
has  to  be  emphasized  here  that  the  power  limit- 
ing scheme  of  the  UC3854A/B  does  produce 
sinusoidal  input  current  waveform  even  if  the 
load  is  a  negative  impedance,  like  DC-DC  con- 
verters. In  these  cases,  special  care  has  to  be 
taken  to  guarantee  that  the  output  voltage  of  the 
boost  power  factor  corrector  is  greater  than  the 
peak  value  of  the  input  line  voltage  at  all  operat- 
ing equilibrium.  This  can  be  insured  by  setting 
the  power  limiting  of  the  DC-DC  converter  below 
the  maximum  power  handling  capability  of  the 
PFC  stage. 

In  order  to  establish  a  straightforward  design 
procedure  for  the  multiplier  setup,  first  a  basic 
relationship  should  be  shown.  The  ratio  of  the 
multiplier  output  current,  (Imo)  and  the  Iac  cur- 
rent is  constant  within  one  cycle  of  the  AC  input 
because: 


lAC(t)  = 


Vrms  »^«  sin  (co»t) 
Rac 


and 


lMO(t)  = 


lAC(t)»(VEA-1.5) 

K  •  (A  •  VRMS)2 


d) 


(2) 


where, 

Vrms 

Vea 

K 
A 


is  the  RMS  value  of  the  AC  input  voltage; 

is  the  voltage  error  amplifier  saturation  volt- 
age (Voh); 

is  the  multiplier  constant  (K  =  1); 

is  the  divider  ratio  to  the  Vrms  pin  of  the 
IC. 


The  ratio  of  lMO(t)  to  lAC(t)  is  given  as: 
lMO(t)       Vea  -  1 .5 


R  = 


lAC(t)      K  •  (A  •  VRMS)2 


(3) 


which  is  determined  only  by  the  RMS  value  of 
the  input  voltage  and  stays  constant  within  one 
line  cycle. 

In  the  case  of  a  well  executed  design,  the  ratio 
will  be  equal  to  two  -  right  at  the  minimum  input 
voltage  where  the  rated  output  power  is  still  ex- 
pected to  be  delivered.  Figure  1  shows  the  opti- 
mal ratio  of  Imo  and  Iac  as  a  function  of  the 


Figure  1 .  Ideal  —  Ratio 
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Figure  2.  Multiplier  Set  Up  Components  in  a  Typical  PFC  Application 

-  . 


normalized  input  voltage.  The  horizontal  axis  of 
the  graph  is  normalized  for  the  minimum  line 
voltage  where  full  power  can  be  obtained.  For 
values  below  unity  the  converter  will  work  in 
power  limited  mode. 

To  achieve  precise  power  limiting  the  highlighted 
components  of  Figure  2  have  to  be  calculated. 

1 .  From  the  maximum  peak  input  voltage  and  the 
highest  allowable  Iac  value  calculate  Rac. 


A  = 


V2T25 


(5) 


VRMSmin 

Now  every  parameter  is  given  for  equation  (2), 
and  Imo  is  known  for  all  operating  conditions. 

3.  The  next  step  is  to  calculate  the  peak  value  of 
the  multiplier  current  (iMOmax)  at  the  minimum  in- 
put voltage  (VRMSmin).  From  combining  (2),  (4) 
and  (5), 


Rac  = 


VRMSmax  •  V2~ 


IMOmax : 


(4) 


VRMSmin  «  V2~  «  (VEA  -  1 .5) 
K  •  RAC  •  2.25 


(6) 


lACmax 

where  lACmax  <  600uA  is  given  in  the  datasheet. 

2.  The  factor  "A"  of  equation  (2)  can  be  determined 
from  the  specified  minimum  input  voltage  value 
where  the  circuit  has  to  supply  full  rated  power. 
At  that  point,  the  voltage  error  amplifier  output 
(Vea  )  is  about  to  saturate,  and  Imo  shall  be  at  its 
theoretical  maximum  which  is  2  •  lACmax.  The  re- 
quired value  of  "A"  can  be  expressed  from  (3) 
using  the  conditions  previously  stated: 


4.  IMOmax  will  define  the  maximum  value  of  the  in- 
put current  (liNpeak)  which  occurs  at  the  peak  of 
the  minimum  line  voltage,  (VRMSmin)  and  at 
maximum  load.  The  required  peak  input  current 
is  given  as: 


llNpeak  =  - 


Plimit 


>V2 


(7) 


VRMSmin  •  T| 
The  relation  between  IMOmax  and  liNpeak  is  de- 
fined by  the  two  resistors  Rsense  and  Rmo 
according  to: 
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llNpeak=  iMOmax  • 


RMO 


(8) 


RSENSE 

5.  The  last  parameter  to  be  calculated  is  the  value 
of  Rmo  from  equations  (6),  (7)  and  (8),  assuming 
that  Rsense  is  already  selected  based  on  the  al- 
lowed power  dissipation  of  that  resistor. 

2.25.  K  •  Plimit.  Rac  •  Rsense  „. 
Rmo  =  5   (9) 

\TRMSmin  •  T|  •  (VEA  -  1 .5) 

After  all  design  parameters  are  defined,  the  nor- 
malized input  RMS  current  values  and  the  nor- 
malized input  power  can  be  calculated  as  the 
functions  of  the  normalized  input  voltage. 


PNORM 

UN,  NORM  "• 

15 


VRMS,  NORM 


Figure  3.  Power  Limit  and  Maximum  Input 
Current  Values  as  a  Function  of  Input 
Voltage  (All  Normalized) 

As  Figure  3  demonstrates,  exact,  and  constant 
power  limiting  can  be  realized  by  the  UC3854A/B 
high  power  factor  controller  ICs  for  the  entire  in- 
put voltage  range.  That  is  caused  by  the  input 
voltage  feedforward  term  in  the  multiplier  equa- 
tion, (2). 

Design  Example 

The  following  example  is  to  illustrate  how  to  exe- 
cute the  procedure  described  above.  The  design 
example  has  the  following  start  up  parameters: 

Vin  =  70.  . .  1 32  Vacrms 

ViNmin  =  90  Vacrms  (where  full  output  power  still 
obtainable) 


Pout  =  250W 
Plimit  =  275W 
ti  =  0.95 


(power  limit  of  the  load  con- 
verter) 

(set  PFC  power  limit  10% 
above  load  converter) 

(expected  efficiency) 


For  optimum  results  follow  the  step-by-step  de- 
sign guide  given  below: 


Step  1. 

Rac  =  - 


132  »V2 
600.  10"£ 


=  311.1  •  10J 


Rac  =  330kn 


Step  2. 

V225 
A  ==  ==0.01 667 

90 

A=16.67mV/VRMS 


Step  3. 

90  •  V2~»  (6  -  1.5)  k 
IMOmax  =====  (.        ;  =  771 .4 .  1 0~6 

1  .330*  103»2.25 

IMOmax  =  771 .4uA 


Step  4. 

llNPeak  =  M^Hnr  *  ^2  =  4-55 

90  •  0.95 
llNpeak  =  4.55A 

Step  5. 

Assume  the  maximum  power  dissipation  of  the 
current  sense  resistor  Prs  =  0.5W,  then: 


Rsense = 


PRS»  VlNmir(»T|2 

Pout2 
0.5  •  902  •  0.952 


(10) 


Rsense  = 

275' 

Rsense  =  47m£2 


=  0.04833 


Step  6. 


RMO  = 


2.25  •  1  •  275.  330  •  103  •  47  .  10"3 


902.  0.95.  (6 -1.5) 


==  277.1 
RMO  =  270=0 


The  design  just  completed  will  exhibit  the  re- 
quired power  limiting  characteristics  for  the  en- 
tire operating  input  voltage  range.  The  described 
calculations  can  be  easily  programmed  as  it  is 
shown  in  the  Mathcad®  worksheet  in  the  Appen- 
dix. 
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APPENDIX 

This  MathCAD  file  calculates  the  power  limiting  characteristic 
of  the  UC3854A/B  and  UC3855A/B  high  power  factor  controllers 
for  wide  input  voltage  range  application. 


INPUT  PARAMETERS: 

VlNmin  :=  70 


VlNlim  :=  90 


VlNmax  :=  270 


PLIM  :=  275 


r\  :=  0.93 


lACmax  Is  600  •  10 


VEAsat  :=  6 


Input  voltage  (RMS)  value, 
where  the  controller  starts 
operating. 

Minimum  input  voltage 
(RMS)  where  the  circuit 
must  deliver  its  rated  output 
power. 

Maximum  input  voltage 
(RMS). 

110%  of  the  load  power  re- 
quirements. 

Expected  efficiency  of  the 
PFC  stage. 

Maximum  value  of  the  Iac 
current  as  defined  in  the 
datasheet. 


Output  voltage  of  the  volt- 
age amplifier  when  it  is 
saturated  high. 

K  :=  1  The  multiplier  constant  as  it 

is  given  in  the  datasheet. 

Rs  :=  0.047  The  current  sense  resistor 

value,  defined  previously 
based  on  the  acceptable 
maximum  power  dissipation. 

DESIGN  PROCEDURE: 


Step  1.  Estimate  Rac  resistance: 
VlNmax.  V2~ 


RACest  = 


lACmax 


RACest  =  6.364  •  10° 


Pick  the  closest  higher  standard  value: 
Rac  :=6.8.  105 

Step  2.  Divider  ratio  of  the  input  RMS  voltage  to 
the  Vrms  pin  (8)  of  the  IC. 

V2T25 


A:= 


VlNlim 


A  =  0.017 


[mVA/RMS] 


Step  3.  Determine  the  maximum  multiplier  output 
current.  It  occurs  at  the  peak  of  the  mains 
cycle  at  the  minimum  input  voltage  ampli- 
tude where  full  rated  power  is  still 
obtainable. 


iMOmaxpk  := 


VlNlim  »  -42  »  (VEAsat  -  1 .5) 
K  •  RAC  •  2.25 


IMOmaxpk  =  3.744*10^ 

Step  4.  Calculate  the  highest  peak  input  current 
value  as  defined  by  the  rated  output  power 
and  the  minimum  input  voltage  amplitude 
where  full  rated  power  is  still  obtainable. 


VlNlim  •  n 


Step  5.  Estimate  Rmo  resistance. 
IINpk 


llNpk  =  4.646 


RMOest : 


IMOmaxpk 


RS 


RMOest  =  583.367 


Picktheclosest  lower  standard  value: 
Rmo :=  560 

DESIGN  VERIFICATION: 

Step  :=  20   Number  of  points  to  calculate. 

i  :=  0..step  Step  variable. 

Input  voltage  range  definition: 

VlNmax  -  VlNmin 
VlNRMS(l)  :=  VlNmin  +   •  I 

step 

Iac  current  as  a  function  of  the  input  voltage: 

VlNRMS(i) 


lACRMS(i)  :=  - 


Rac 


Imo  current  as  defined  by  the  input  voltage  and 
applying  the  Imo  <  2  •  Iac  limit. 


iMORMSest(i)  := 


lACRMS(i)  «  (VEAsat  -  1 .5) 
K  •  (A  •  VlNRMS(i))2 
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iMORMS(i)  :=  if  (lMORMSest(i)  >  2  .  lACRMS(i),  ||NRMS(i)  =  llNRMS(i)  .  — 
2  •  lACRMS(i),  iMORMSest(i))  Rs 

Calculating  the  maximum  input  RMS  current  level  The  power  limit  of  the  power  factor  corrector, 

limited  by  the  multiplier  output  current.  PiNmax(i)  :=  ViNRMS(i)  .  liNRMS(i) 


Graphical  representation  of  the  obtained  data: 


VlNR 

Ms(i) 

✓  > 

/ 

N 

Vmorms 

i) 

50  100  150  200  250  300 

VlNRMS(i) 


Figure  4.  The  Iac  and  Imo  currents  (in  LiAmps) 
as  a  function  of  the  RMS  input  voltage. 


PlNmax(i) 

I 

NRMS(i)  -1C 

0~~  ■  

50  100  150  200  250  300 

VlNRMS(i) 


Figure  5.  Input  power  [W]  and  input  RMS 
current  [A]  (multiplied  by  100  to  fit  the  same 
scale)  as  a  function  of  input  RMS  voltage. 
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UCC3913  Electronic  Circuit  Breaker  for  Negative  Voltage  Applications 
Evaluation  Kit  List  of  Materials  for  a  -48V/1 A  Test  Circuit 

by  Bill  Andreycak 


Many  battery  powered  and  Telecommunications 
power  supplies  use  some  form  of  protection  to 
prevent  high  currents  from  flowing  during  a  short 
circuit  or  overload  condition.  This  function  is 
often  performed  by  a  self-resetting  circuit 
breaker  -as  opposed  to  a  fuse,  which  would  re- 
quire manual  replacement  whenever  triggered. 
Circuit  breakers  can  be  implemented  in  a  num- 
ber of  different  ways,  but  the  most  popular  ap- 
proach is  use  a  MOSFET  transistor  which  can  be 
switched  on  and  off  as  required.  Load  current  is 
typically  sensed  with  a  low  value  resistor  and 


compared  to  a  reference  level  to  determine  when 
an  overcurrent  condition  exists.  This  function  can 
be  achieved  with  discrete  circuitry  or  with  a  fully 
integrated  solution,  such  as  the  UCC3913  Nega- 
tive Voltage  Circuit  Breaker.  This  Design  Note 
highlights  the  UCC3913  Evaluation  Board  in  a 
typical  -48VDC,  1 A  application  circuit.  Complete 
details  for  programming  the  various  features  of 
the  device  can  be  obtained  from  the  UCC3913 
Datasheet,  found  in  the  Unitrode  Product  and 
Applications  Handbook. 


TB2 


iLTK- 


jBHl-^IJriii-r-' 


Figure  t.  UCC3913  Evaluation  Kit  Schematic 


List  of 

C1 
C2 
C3 
C4 
D1 
Q1 
Q2 
R1 
R2 
R3 
R4 
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1u.F/16VDC  Ceramic 

not  used  -  open  circuit 

1.5nF/16VDC 

not  used  -  open  circuit 

1N4148  Diode 

IRF630  200V/5A  MOSFET 

2N2222  NPN 

24k,  1/4W 

510  ohms,  1/4W 

JUMPER  -  use  AWG  22  wire 

47k,  1/4W 


R5  1k,  1/4W 

R6  3.3k,  1/4W  or  Qty  (4)  13k£2 

1/8W  SMT  resistors  in  parallel 

R7  50  milliohm  shunt 

R8  510k,  1/4W 

R9  JUMPER  -  use  AWG  22  wire 

U1  UCC3913IC 

U2,3  4N29  Optocoupler 

Test  Equipment : 

Power  supply  :  48VDC  / 1 .5ADC 
Programmable  electronic  load  to  sink  1.5A 
at  48VDC 
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The  UCC3912  IC  is  an  integrated  3  Amp  elec- 
tronic circuit  breaker  which  includes  programma- 
ble overcurrent  protection  and  retry  timing 
following  a  fault.  Other  common  uses  for  this 
function  are  in  higher  current  (12A)  and  low 
"headroom"  applications  where  a  lower  voltage 
drop  is  required.  Each  of  these  can  be  ad- 
dressed by  paralleling  UCC3912  devices  as 
shown  in  Figure  1. 

To  provide  the  circuit  breaker  function,  the 
UCC3912  uses  an  internal  FET  switch  having  a 
typical  on  resistance  of  0.150  ohms  and  3  Amp 
continuous  current  rating.  The  positive  tempera- 
ture characteristics  of  MOS  devices  are  benefi- 
cial in  parallel  applications  to  help  divide  the  total 
load  current  evenly  amongst  all  of  the  devices 
used.  The  UCC3912  with  the  lowest  on  resis- 
tance will  pass  slightly  more  of  the  current  than 
the  others,  but  its  forward  voltage  drop  will  in- 
crease accordingly.  This  causes  the  load  current 
to  steer  towards  the  other  devices  (in  parallel) 
which  were  previously  passing  less  current.  With 
this  configuration,  equilibrium  will  be  reached 
quickly  as  the  total  load  current  is  distributed 
amongst  all  of  the  slaves. 

One  feature  of  the  UCC3912  is  its  digitally  pro- 
grammable threshold  for  overcurrent  limiting. 
When  this  current  level  is  reached,  the  UCC3912 
control  circuitry  regulates  current  to  the  pro- 
grammed IMAX  amplitude.  To  facilitate  this,  the 
gate  drive  to  its  internal  MOS  pass  device  is  re- 
duced, causing  its  on  resistance  and  corre- 
sponding voltage  drop  to  increase.  As  in  the 
previous  example  for  paralleled  devices,  this 
steers  current  to  the  other  UCC3912s  in  parallel, 
forcing  load  sharing. 

The  duration  of  this  allowable  overcurrent  condi- 
tion is  also  programmable  by  selecting  the  ap- 
propriate timing  capacitor  value  to  the  ICs  fault 
timing  (CT)  pin.  When  the  overcurrent  condition 
is  detected,  two  protection  functions  begin  op- 
eration. First,  the  UCC3912  goes  into  a  constant 
current  mode  to  regulate  current  to  the  pro- 


Figure  1.  Paralleling  UCC3912  Electronic 
Circuit  Breakers 
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grammed  value  of  IMAX.  Simultaneously,  the  de- 
vice begins  charging  the  fault  timing  capacitor 
and  provides  a  digital  indication  at  the  open  col- 
lector FAULT  pin  of  the  IC.  The  overcurrent  dura- 
tion concludes  when  the  timing  capacitor 
charges  to  a  preset  voltage  and  the  MOS  pass 
transistor  is  turned  off.  The  off  time  is  internally 
controlled  to  thirty  times  the  programmed  fault 
duration  (tOFF  =  30  •  tFAULT),  resulting  in  an  ap- 
proximate three  percent  (3%)  effective  duty  cycle 
to  safely  limit  power  dissipation  into  a  short  cir- 
cuit. Note  that  the  UCC3912  also  features  inter- 
nal overtemperature  shutdown  protection  should 
the  timer  be  incorrectly  programmed  for  too  long 
of  a  fault  duration  or  inadequate  heatsinking  pro- 
vided. Consult  the  UCC3912  datasheet  for  com- 
plete details  of  the  timing  and  fault  protection 
circuitry  operation  into  single  and  repetitive  over- 
current  conditions. 

Circuit  Operation 

In  this  paralleled  application  of  UCC3912  de- 
vices, a  master/slave  arrangement  will  be  incor- 
porated and  the  fault  timing  control  will  be 
governed  entirely  by  the  master.  Slave  devices 
are  configured  to  give  a  digital  representation  of 
the  overcurrent  condition,  and  their  individual  CT 
outputs  are  "NOR"ed  together  as  an  input  to  the 
master.  A  generic  CMOS  '4002  digital  IC  is  used 
for  its  low  current  and  3V  operational  charac- 
teristics. Note  that  each  input  requires  a  2N2222 
NPN  signal  level  transistor  with  a  10k  ohm  pull 
up  resistor  from  the  input  supply  (Vin)  to  its  col- 
lector to  complete  the  interface.  This  arrange- 
ment is  necessary  to  achieve  the  proper  digital 
inputs  to  the  NOR  gate  while  clamping  the 
UCC3912  CT  pin  voltages  to  just  a  base-emitter 
diode  drop  (Vbe)  above  ground.  This  will  over- 
ride the  internal  timing  circuits  of  the  individual 
slaves  which  are  being  controlled  by  the  mas- 
ter's fault  timer. 

In  normal  operation  (prior  to  any  overcurrent 
condition)  the  CT  pin  of  each  slave  UCC3912  is 
low  and  the  corresponding  NPN  transistor  is  off. 
The  10k  ohm  collector  resistors  place  a  digital 
high  on  the  NOR  gate's  four  inputs,  and  the  out- 
put of  this  gate  is  low.  When  any  of  the  slave 
UCC3912  devices  goes  into  overcurrent  protec- 


tion its  CT  pin  is  pulled  high  by  an  internal  cur- 
rent source.  Normally,  this  would  start  charging 
the  fault  timing  capacitor,  but  in  this  paralleled 
application,  it  forward  biases  the  base-emitter 
junction  of  the  respective  2N2222  transistor.  This 
turns  on  the  NPN  device  and  forces  a  digital  low 
input  to  the  NOR  gate.  When  all  four  of  the  NOR 
inputs  go  low,  the  output  of  the  NOR  gate  goes 
high.  This  indicates  that  all  four  of  the  slaves  are 
limiting  current  to  their  programmed  maximum 
level  and  that  an  overcurrent  condition  exists. 

The  output  of  this  NOR  gate  is  used  to  digitally 
program  one  bit  (BIT2)  of  the  master  UCC3912's 
overcurrent  limit.  The  master  was  previously 
"off",  not  providing  any  load  current  since  it's  four 
overcurrent  inputs  (BITs  0  through  3)  were  all 
low.  Any  digital  input  below  "0100"  programs  its 
output  current  to  zero  by  turning  off  the  power 
switch.  But  triggered  by  the  overcurrent  condi- 
tions of  the  slaves,  the  NOR  gate  output 
switches  BIT2  of  the  master  high.  This  turns  the 
master  on  and  programs  its  output  current  to 
0.25A  by  the  "0100"  code  at  BITS  0  through  3. 
The  master  now  allows  0.25  amps  in  addition  to 
the  slaves  12  amps  to  the  load  for  a  system  total 
of  12.25A.  This  is  the  sum  of  the  master  (0.25A) 
and  the  four  slave  overcurrent  programming 
thresholds  of  three  amps  each  (4  •  3. OA).  Pro- 
vided that  the  demanded  load  current  is  in  ex- 
cess of  12.25  amps,  as  would  be  the  case  with  a 
short  circuited  load,  the  master  then  provides 
two  functions.  First,  it  regulates  the  current 
through  the  master  to  the  programmed  0.25  amp 
level.  Additionally,  it  begins  a  fault  timing  se- 
quence, the  duration  of  which  is  programmed  by 
the  value  of  the  fault  timing  capacitor,  CT.  This 
capacitor  charges  during  the  overcurrent  condi- 
tion until  it  reaches  the  internal  1.5  volt  fault 
threshold.  Once  triggered,  the  fault  latch  turns  off 
the  UCC3912's  internal  MOSFET  switch  (to  pro- 
vide the  circuit  breaker  function)  while  also  indi- 
cating the  fault  condition  by  providing  a  "low"  on 
the  IC's  FAULT  pin.  Note  that  the  master's 
FAULT  output  is  connected  to  the  slaved 
UCC3912s'  SHTDWN  pin  which  turns  off  all  of 
the  slaved  devices  at  the  same  time  that  the 
master  turns  off. 
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The  duration  of  the  overcurrent  event  is  pro- 
grammed entirely  by  the  master's  CT  timing  ca- 
pacitor value  according  to  the  UCC3912 
datasheet  information  and  design  equations.  The 
timing  circuitry  will  deliver  a  current  limited, 
pulsed  mode  fault  protection  and  retry  with  a 
three  percent  (3%)  duty  cycle.  While  the  timing 
capacitor  is  charging,  each  IC  regulates  and 
compares  its  load  current  to  the  programmed 
fault  overcurrent  level.  Providing  that  the  fault 
condition  does  exist,  all  UCC3912  ICs  are  turned 
off  for  the  remaining  ninety-seven  percent  (97%) 
of  the  programmed  fault  timing  period.  The  re- 
sulting three  percent  duty  cycle  fault  mode  facili- 
tates safe  operation  into  a  continuous  overload 
or  short  circuited  condition.  It  safely  limits  input 
power  consumption  and  power  dissipation  in  the 
circuit  breaker  switches.  Additionally,  no  costly 
system  downtime  or  manual  replacement  of  a 
fuse  or  resetting  of  a  circuit  breaker  is  required. 

Once  the  abnormal  load  condition  has  been  re- 
moved, the  circuit  goes  back  into  normal  opera- 
tion. The  master's  FAULT  output  returns  to  a 
"high"  along  with  each  of  the  slaves'  SHTDWN 
inputs.  If  the  load  has  not  been  removed,  the 
master  is  retriggered  by  the  NOR  gate  once 
each  slave  has  detected  an  overcurrent  condi- 
tion, and  the  system  goes  back  to  the  three  per- 
cent duty  cycle  protection  mode. 

Note  that  the  entire  system  is  nominally  triggered 
at  12.25A  which  is  programmed  by  the  four 
UCC3912  slaves'  individual  3A  thresholds  and 
the  0.25A  contribution  of  the  master.  However, 
this  is  unlikely  to  occur  in  a  typical  application 
because  of  two  of  the  device's  other  ratings. 
First,  is  the  maximum  specified  "trip"  current  of 
3.5A  for  each  slave  switch  and  0.45A  for  the 
master  with  the  programmed  overcurrent  inputs 
(Bits  0  -  3).  This  would  raise  the  highest  trigger 
threshold  to  14.45A.  However,  the  more  domi- 
nant factor  is  the  high  current  capability  of  the 
UCC3912's  switch  which  -  is  rated  at  four  amps 
(4A)  typical.  In  fact,  each  device  can  safely  pro- 
vide 5.2A  (worst  case)  over  all  rated  temperature 
and  manufacturing  conditions.  One  possible  sce- 
nario should  be  reviewed  using  an  instantaneous 
short  circuit  on  the  outputs.  Even  though  all  of 


the  slaves  properly  triggered  their  internal  fault 
logic  at  3.5A  (worst  case),  all  four  of  the  slaves 
could  be  delivering  as  much  as  5.2  amps  maxi- 
mum (within  the  device's  ratings)  to  the  load. 
This  would  correspond  to  a  maximum  load  cur- 
rent of  21.25  amps.  And  while  unlikely  to  repeti- 
tively occur  in  a  typical  application,  it  does 
represent  the  worst  case  sum  of  the  four 
slaves'(4  •  5.2A)  plus  the  master's  (0.45A)  maxi- 
mum current  ratings.  However,  it's  advised  to 
evaluate  this  figure  to  that  of  other  fault  protec- 
tion and  overcurrent  techniques,  for  example 
fuses,  which  can  be  significantly  higher  for  short 
durations.  More  specific  details  and  comparisons 
can  be  found  in  Unitrode  Application  Note  U-151. 

Other  Applications 

This  design  example  utilized  the  UCC3912  de- 
vice's rated  current  capability  of  3A,  but  can  be 
scaled  for  other  applications  with  higher  or  lower 
requirements.  Each  slave  can  be  individually 
programmed  for  a  maximum  current  between 
0.25A  and  3A  in  0.25A  increments  using  the  4  bit 
digital  inputs  to  the  fault  circuitry.  This  is  benefi- 
cial in  many  low  voltage  supply  applications 
which  require  a  low  headroom  or  dropout  voltage 
(the  voltage  drop  between  the  input  and  output 
connections  of  the  circuit  breaker)  to  meet  the 
load's  power  supply  specifications.  In  these,  the 
UCC3912's  could  be  paralleled  to  minimize  the 
series  voltage  drop  -  and  not  to  obtain  the  higher 
current  capability  of  the  system.  This  is  one  ap- 
plication where  it  is  desirable  to  program  the 
slave's  overcurrent  thresholds  to  a  lower  value 
than  3A  each. 

The  0.25A  example  of  additional  load  current 
provided  by  the  master  can  also  be  raised  to  de- 
liver higher  total  system  current  to  accommodate 
a  transient  load  condition.  Examples  of  this  can 
be  found  in  many  battery  powered  energy  man- 
agement systems  where  only  the  required  active 
circuitry  is  enabled  and  all  others  are  switched 
off.  When  supplying  power  to  these  types  of 
loads,  often  high  inrush  currents  are  needed  to 
quickly  charge  up  any  local  bypassing  and  filter- 
ing capacitors.  This  brief  condition  can  be  ac- 
commodated by  programming  the  master 
UCC3912's  overcurrent  bits  accordingly. 
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Although  switching  of  only  the  master 
UCC3912's  BIT2  is  shown,  its  BIT3  input  can 
also  be  switched  for  higher  current  capability.  Ad- 
ditionally, BITO  and  BIT1  are  shown  grounded  in 
the  example  circuit  but  can  be  programmed  or 
switched  with  digital  "1"s  as  well.  Active  digital 
programming  of  the  master  and  all  slave  over- 
current  BITs  is  also  possible  for  the  more  de- 
manding overcurrent  protection  applications. 
Each  UCC3912  Electronic  Circuit  Breaker  IC 
also  features  internal  overtemperature  protection 
with  shutdown  for  complete  system  protection. 


Additional  Reference  Material: 

[1]UCC3912  Data  Sheet 

[2]  Application  Note  U-151:  "UCC391 2  Programma- 
ble Electronic  Circuit  Breaker  -  Performance 
Evaluation  and  Programming  Information" 

[3]  UCC391 2  Evaluation  Kit 

[4]  Design  Note  DN-58:  "UCC3912  Programmable 
Electronic  Circuit  Breaker  -  Performance  Evalu- 
ation and  Programming  Information" 
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An  Intelligent  Overvoltage  Protection  Scheme  for 
3V  to  10V  Power  Supplies 

by  Chuck  Melchin 


Protecting  sensitive  circuitry  from  power  supply 
overvoltage  conditions  is  a  concern  for  any  sys- 
tem designer.  Overvoltage  conditions  can  be 
caused  by  transient  load  changes,  loss  of  the 
power  supply  control  loop,  accidental  miswiring 
or  incorrect  module  installation.  An  intelligent 
protection  scheme  can  be  accomplished  utilizing 
the  UC3908  Programmable  Voltage  Clamp. 

The  UC3908  monitors  a  power  supply  output 
voltage  and  draws  less  than  100u.A  if  no  overvol- 
tage condition  is  present.  If  an  overvoltage  con- 
dition occurs,  the  UC3908  will  act  as  a  shunt 
regulator  and  attempt  to  regulate  the  power  sup- 
ply voltage  to  a  programmed  level  by  internally 
shunting  current  from  VC  to  ground.  If  the 
shunted  current  exceeds  a  maximum  value,  or  if 
the  overvoltage  condition  is  of  a  long  enough  du- 
ration to  trip  the  IC's  internal  thermal  sense  cir- 
cuitry, the  device  provides  a  gate  signal  to  an 
external  SCR.  The  SCR  crowbars  the  power 
supply  output,  while  the  UC3908  internally 
latches  the  shunt  regulator  fully  on.  The  UC3908 
also  provides  a  overvoltage  indicator  signal 
through  an  open  collector  output  any  time  an 
overvoltage  condition  occurs. 
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Basic  Operation  of  the  UC3908  can  be  seen  in 
the  following  flow  chart: 
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Figure  1.  UC3908  Functional  Block  Diagram 


Figure  2.  UC3908  Operational  Flowchart 
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Figure  3.  Lab 

Measured  performance 

The  UC3908  can  be  evaluated  using  the  circuit 
shown  in  Figure  3.  It  is  intended  to  give  the  user 
the  ability  to  simulate  power  supply  overvoltage 
conditions  with  control  over  duration  and  magni- 
tude of  the  transient.  Four  different  real  world 
scenarios  using  the  UC3908  to  protect  the  load 
of  a  5V  power  supply  were  simulated  using  this 
circuit  with  the  results  described  below. 

The  first  condition  shown  (Figure  4)  is  an  over- 
voltage  transient  with  a  magnitude  resulting  in 
less  than  10A  shunted  by  the  regulator.  The  fault 
duration  is  small  enough  not  to  heat  the  device 
past  its  thermal  trigger  point.  The  resulting  wave- 
forms show  FLAG  going  low  to  indicate  a  fault, 


Evaluation  Circuit 

6A  of  shunted  current  for  the  duration  of  the  tran- 
sient and  VC  raising  as  a  result  of  the  shunted 
current.  The  SCR  output  stays  low  in  the  ab- 
sence of  an  overcurrent  or  thermal  firing  of  the 
internal  latch. 


The  second  set  of  waveforms  (Figure  5)  show  an 
overvoltage  condition  of  a  duration  and  magni- 
tude sufficient  to  cause  a  Tj  of  greater  than 
165°C.  This  causes  a  firing  of  the  internal  latch 
and  SCR  output  through  the  thermal  manage- 
ment circuitry.  The  FLAG  output  is  low  for  the  du- 
ration of  the  entire  overvoltage  condition.  VC 
stays  at  5V  until  the  SCR  output  goes  high  and 
the  internal  latch  turns  on  the  shunt  transistor 
hard.  At  this  time  VC  drops  to  the  Vsat  of  the 
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Figure  4.  Shunt  Regulation  of  O.V.  Condition 


Figure  5.  Thermal  Firing  of  SCR  Output 
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shunt  and  IC  raises  from  its  original  magnitude 
of  about  6A  to  the  compliance  of  the  power  sup- 
ply, which  for  this  example  was  set  at  about  8A. 

Figure  6  shows  the  UC3908  firing  its  SCR  output 
and  internal  latch  due  to  an  overvoltage  condi- 
tion of  sufficient  magnitude  as  to  result  in  a 
shunted  current  that  exceeds  the  maximum 
value  of  10  to  14A.  Again  the  FLAG  signal  is 
high  until  the  overvoltage  condition  occurs,  caus- 
ing it  to  go  low.  VC  is  at  its  nominal  value  of  5V 
until  the  transient  current  of  @15A  causes  the 
overcurrent  circuitry  to  fire  the  SCR  output  and 
internal  latch.  At  this  time  VC  drops  to  the  Vsat 
of  the  shunt  transistor.  In  this  example  the  over- 
voltage condition  has  been  simulated  as  a  long 


term  or  permanent  condition  rather  than  a  tran- 
sient. 

The  last  example  (Figure  7)  is  similar  to  the  pre- 
vious in  that  an  overcurrent  condition  causes  the 
firing  of  the  SCR  output  and  internal  latch.  But  in 
this  case  it  is  a  transient  condition  which  allows 
us  to  observe  the  effects  of  the  internal  latch.  In 
this  simulation  the  internal  latch  turns  the  shunt 
on  hard,  and  VC  drops  to  its  Vsat.  However, 
when  the  transient  is  through  and  IC  returns  to 
its  nominal  value,  the  shunt  remains  latched  on 
and  the  Vsat  drops  to  a  lower  voltage.  The 
FLAG  also  remains  low  due  to  the  internal  latch, 
and  the  SCR  output  voltage  drops  to  VC  minus 
approximately  1 V. 
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Figure  6.  Overcurrent  Firing  of  SCR  Output 
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Figure  7.  Effect  of  Internal  Latch 
During  Overcurrent  Condition 
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UC3573  Buck  Regulator  PWM  Control  IC 

Typical  Application  Circuit  for  +12VDC  Input  to  +5VDC/1 A  Output 
Also  :  Demonstration  Kit  Circuit  Schematic  and  List  of  Materials 
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by  Chuck  Melchin  and  Bill  Andreycak 
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Figure  1.  UC3573  Application  Circuit  Schematic 


Figure  2.  Photo  of  UC3573  Demo  Kit 
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List  of  Materials: 
Reference  Value  and  Type 


C1.C3 


C2 

C4.C5 

C6 

C7 

C8 

C9 

C10 

D1 

H1* 

L1 

Q1 

Q2 

R1 

R2 

R3,  R9 

R4 

R5 

R6 

R7 

R8,  R10 

R11 

R12 

TB1.TB3 
U1 


CAP  82uF/25V  Electrolytic, 

ESR  <  0.25fl@  100kHz 

(Panasonic  HFQ  or  FA  series) 

Not  Used  -  Open  Circuit 

CAP  0.1(iF/50V  Ceramic 

CAP  0.47uF/50V  Ceramic 

CAP  2.2nF/50V  Ceramic  NPO  Type 

CAP  27pF/50V  Ceramic  NPO  Type 

CAP  1.8nF/50V  Ceramic 

CAP  680pF/50V  Ceramic 

1 N5820  3A/20V  Schottky  Diode 

Heatsink  for  Q1 

220uH/2A  :  Coilcraft  PCH-45  Series 

IRF9Z30  P-Channel  Power  MOSFET, 

-50V,  0.2Q.  RDS(on) 

BS250P  P-Channel  Signal  MOSFET, 

-45V,  100  ohm  RDS(on) 

0.27C2/1  Watt 

Short  Circuit  -  Use  AWG#22  Wire 

20n,  1/4W 

47k,  1/4W 

47k,  1/4W,  1% 

20k,  1/4W,  1% 

130k,  1/4W 

100k,  1/4W 

7.5k,  1/4W 

200k  1/4W 

Terminal  Block 

UC3573  PWM 


*  =  Optional 

Test  Equipment  needed: 

Power  supply  +12VDC/2A  max. 
Adjustable  load  for  5VDC/2A  max. 
Digital  Multimeter  100£2,  1  Watt  load  resistor  Os- 
cilloscope. 

Testing  Procedure 

1 .  Before  applying  power  to  the  UC3573  Demo  Kit, 
connect  A  100ii  preload  resistor  across  the 
UC3573  output  terminals  at  TB3.  This  places  a 
minimum  load  of  50  milliamps  on  the  +5VDC 
output  of  the  converter  to  keep  the  Buck  regula- 
tor inductor  current  continuous.  Also  connect  the 
adjustable  electronic  or  resistive  load  across  the 
same  output  terminals.  Set  the  load  to  draw  no 


current  and  observe  correct  ±  polarity  when  us- 
ing an  electronic  load.  Pin  1  of  TB3  is  the 
positive  output  (+)  and  pin  2  is  the  negative  (-) 
terminal,  or  ground.  Also  connect  the  digital  mul- 
timeter to  the  output  terminals  to  measure  the 
output  voltage. 

2.  Connect  the  12VDC/2A  power  supply  to  the 
UC3573  Demo  Kit  input  terminal  block  observ- 
ing the  correct  polarity.  Pin  1  of  TB1  is  the 
positive  input  (+12VDC)  and  pin  2  is  the  return 
connection  (-)  and  ground. 

3.  The  oscilloscope  and  digital  multimeter  can  be 
used  to  observe  and  measure  signals  at  numer- 
ous nodes  in  the  Buck  converter.  Test  points 
TP1  through  TP8  correspond  directly  to  the  re- 
spective pins  of  the  UC3573  IC;  ie.  TP1  is  the 
voltage  at  the  UC3573's  pin  1  with  respect  to 
ground.  The  various  waveforms  and  amplitudes 
of  the  IC  pins  can  be  monitored  over  the  operat- 
ing ranges  of  input  voltage  and  output  current. 
Test  points  TP9  through  TP11  are  for  further 
probing  of  the  power  stage. 

4.  Once  all  of  the  connections  to  the  UC3573 
demo  kit  have  been  verified,  the  +12VDC  input 
can  be  applied.  The  output  voltage  of  the  Demo 
Kit  should  be  approximately  5.0  VDC  (4.8  to  5.2 
VDC  worst  case)  initially.  Note  that  1%  tolerance 
resistors  are  used  in  the  voltage  divider  network 
to  the  IC's  error  amplifier  and  the  IC's  internal 
reference  voltage  (Pin  8)  has  an  initial  tolerance 
of  +2%. 

5.  Gradually  increase  the  load  on  the  UC3573 
Demo  Kit  output  until  the  output  voltage  de- 
creases to  4.5VDC  or  lower.  Load  current  will  be 
limited  to  approximately  1.3ADC,  and  decreas- 
ing the  load  resistance  will  only  lower  the  output 
voltage,  and  not  cause  a  significant  increase  in 
the  converter's  output  current.  This  is  a  typical 
exhibition  of  the  overcurrent  protection  feature  of 
the  IC.  Each  switching  cycle,  the  pulse  width 
output  of  the  IC  is  turned  off  early  (before  the 
normal  pulse  width  is  reached)  to  reduce  the  in- 
put power  drawn.  This  feature  reduces  the 
MOSFET  switch  power  dissipation  and  provides 
protection  from  a  short  circuited  or  severely 
overloaded  output  condition.  Once  the  fault  has 
been  removed,  the  output  voltage  will  automat- 
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Output  Voltage  and  Current  Characteristics 
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Figure  3.  Converter  Output  Voltage 
Versus  Current 


ically  return  to  the  normal  5VDC  amplitude.  The 
exact  profiles  of  output  voltage  versus  output 
current  is  shown  in  Figure  3.  and  input  power 
versus  output  power  during  overload  conditions 
is  shown  in  Figure  4. 

Optional  Features 

Synchronization:  Terminal  block  TB2  is  for  op- 
tional external  synchronization  of  the  UC3573 
and  for  remote  shutdown  of  the  UC3573  Demo 
Kit.  The  required  SYNC  pulse  input  to  TB2  (pin 
2)  is  a  brief  pulse  of  approximately  1  volt  ampli- 
tude. This  adds  to  the  IC's  normal  oscillator  tim- 
ing sawtooth  waveform  (RAMP,  pin  7)  to  force 
the  total  waveform  above  the  oscillator's  internal 
upper  threshold.  Doing  this  will  terminate  the  im- 
mediate switching  cycle  and  initiate  the  next 
clock  cycle.  It  is  necessary  that  the  synchroniza- 
tion frequency  is  higher  than  the  UC3573  pro- 
grammed oscillator  frequency  in  order  for  this  to 
work  properly.  Note  that  a  low  impedance,  fairly 
high  current  drive  circuit  is  required  to  force  syn- 
chronization. More  complete  details  can  be 
found  in  Unitrode  Application  Note  U-111  in  the 
"Synchronization"  section. 

Remote  Shutdown:  The  UC3573  controller  can 
be  placed  into  a  low  current  (50uA  typical) 


Input  and  Output  Power  During  Overload  with 
Output  Current  Limited  at  1.5A  (Approx.) 
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Figure  4.  Converter  Input  and  Output 
Power  During  Overload 

standby  mode  by  forcing  the  error  amplifier  in- 
verting input  above  2.6VDC.  The  circuitry  used 
to  facilitate  this  on  the  Demo  Kit  consists  of  tran- 
sistor Q2,  resistors  R4,  R6  and  R12.  When  pin  1 
of  terminal  block  TB2  is  pulled  low,  a  voltage  di- 
vider to  the  gate  of  Q2  is  formed  between  resis- 
tors R8  and  R4.  This  drives  the  gate  to  source 
voltage  of  the  P-channel  MOSFET  switch  below 
its  threshold  causing  it  to  turn  on.  Its  drain  volt- 
age, connected  to  resistor  R4  approaches  that  of 
the  FET  source  node  which  is  connected  to  the 
positive  input  voltage  (+Vin).  Now  a  voltage  di- 
vider is  activated  between  the  input  voltage  and 
ground  via  R4  and  R6  which  forces  the  error  am- 
plifier inverting  input  voltage  to  rise  above  the 
2.6VDC  shutdown  threshold,  placing  the  device 
into  its  low  current  standby  mode. 

Other  Applications 

Many  other  voltage  step  down  applications  are 
addressable  by  the  UC3573  Buck  Regulator 
PWM  Controller.  Following  a  brief  design  exer- 
cise, the  UC3573  Demonstration  Kit  can  be  re- 
populated  with  the  exact  components  to  evaluate 
other  DC  to  DC  converter  designs.  Consult  the 
UC3573  Datasheet  for  additional  information. 
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Using  Copper  PCB  Etch  for 
Low  Value  Resistance 

by  Larry  Spaziani 


INTRODUCTION 

Current  sensing  in  power  supplies  and  motor  con- 
trols demand  the  use  of  a  very  low  value  resistor. 
Each  application  varies  in  need  for  resistance 
value,  power  rating,  size,  form  factor,  inductance, 
temperature  coefficient  and  accuracy.  To  meet 
some  of  these  applications,  the  copper  of  a 
printed  circuit  board  (PCB)  can  be  utilized,  but 
has  some  distinct  limitations.  This  design  note 
provides  design  equations  and  recommendations 
for  designing  resistors  with  PCB  copper. 

DESIGN  OF  A  COPPER  PCB  RESISTOR 

The  resistance,  as  a  function  of  temperature,  for  a 
piece  of  metal,  is  given  by  the  equation: 


R(T)  = 


S(T)  •  c 


with  the  units 

R  =  Resistance,  Q. 

S(T)  =  Resistivity,  Q-cm 

I  =  Length,  cm 

a  =  Area,  cm2 

The  characteristics  of  copper  which  are  pertinent 
to  the  design  of  a  copper  PCB  resistor  are  [1] 

Electrical  Resistivity: 

1.7241  •  10"6n-cm  @  20°C 

Temperature  Coefficient  of  Resistivity: 
+0.0039  per  °C 

Composition: 

99.5%  Pure  Copper,  typically 


These  constants  apply  to  the  standard  commer- 
cially annealed  copper  used  in  PCB  technology. 

The  resistivity  of  copper,  as  a  function  of  tem- 
perature, is  therefore  defined  as: 

S(T)  =  1 .7241  •  10"6  •  [1  +  0.0039  •  (T  -  20)p  -  cm 
where  T  is  the  copper  temperature  in  °C. 

One  PCB  Definition  which  is  also  pertinent  to  re- 
sistor design  is: 

1oz  copper  is  defined  as  1  ounce  of  copper  de- 
posited over  1  square  foot  of  surface  area.  This 
results  in  a  copper  clad  PCB  with  a  typical  copper 
thickness  of  0.0014  inches  +0.0002  inches.  2oz 
copper  is  simply  twice  as  thick. 

Using  these  parameters  to  calculate  the  resis- 
tance of  a  given  length,  width,  and  thickness  of 
copper  PCB  etch  results  in  the  formula: 


R(T)  = 


S(T)[Q  -  cm]  »  Length[cm] 


Width[cm] « 
S(T)[£2  -  cm]  i 


Thickness[cm] 
1000mils 


2.54cm 


Length(mils) 


Width(mils)  •  Thicknes^mils) 

The  use  of  a  low  value  sense  resistor  implies  that 
the  current  in  that  resistor  can  be  quite  high.  A 
copper  etch  on  a  PCB  will  self  heat  due  to  the 
power  dissipated  by  the  resistor.  MIL-STD-275E 
[2]  provides  design  guidelines  relating  copper 
etch  current  to  temperature  rise  and  etch  dimen- 
sions. Figure  1  recreates  sections  of  the  MIL- 
STD-275E  curves.  A  temperature  rise,  above 
ambient  temperature,  can  be  found  by  knowing 
the  current  and  the  area  of  the  copper  etch. 
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25    50    75    100  125  150  175  200  225  250  275  300 
Cross  Sectional  Area  (Width  [mils] '  Thickness  [mils] ) 


Current  Density  Curve  tor  Inner  Layer  PCB  Copper  Etch 


25  50  75  100  125  150  175  200  225  250  275  300 
Cross  Sectional  Area  (Width  [mils]  •  Thickness  [mils] ) 


Figure  1.  MIL-STD-275E  Current  Density  vs 
Temperature  Rise  Curve  for  Outer  and  Inner 
Copper  Layers 

Example:  Calculate  the  length  and  width  of  a 
10mS2  MAXIMUM  PCB  resistor  using  1oz  on  an 
outer  layer  of  a  PCB.  The  resistor  must  carry  10A 
maximum  while  maintaining  no  more  than  a  30°C 
temperature  rise  above  ambient.  Ambient  tem- 
perature for  normal  operation  is  10°C  to  60°C. 

Step  1: 

Find  the  cross  sectional  area  to  carry  10A  with  < 
30°C  rise,  and  solve  for  the  minimum  width  of  the 
resistor. 

From  Figure  1,  205  mils2  are  required  to  carry  10 
Amperes.  1oz  copper  is  1.4mils  thick,  resulting  in 
a  minimum  width  for  the  resistor  of  146mils. 


Set  Width  =  150mils 
Step  2: 

Find  the  length  of  the  resistor,  insuring  that  it  is 
designed  for  10mt2  maximum  at  60°C  ambient 
+30°C  rise  (copper  temperature  is  90°C). 

From  the  equations 
S(90)  =  1.7241  •  10"6. 


[1  +  0.0039  •  (90  -  20)]  n  -  cm 


and 


Ft(90)  = 


S(90) 


Q.-  cm 


IQOOmils 
2.54cm 


Length[mils] 


Width[milsT  Thickness[mils] 


Solving  for  R(90°C)  =  10mC2,  using150  mils  for 
Width  and  1.4  mils  for  Thickness  results  in  Length 
=  2.43  inches. 

Final  Dimensions  (inches):  2.43  (L)  x  0.150  (W)  x 
0.0014  (T) 


Figure  2.  Resistance  vs  Copper  Temperature 
for  Example  Design 

The  final  resistance,  as  a  function  of  the  copper 
temperature,  is  shown  in  Figure  2. 

Table  1  provides  the  required  dimensions  for  a 
1oz  PCB  copper  resistor  given  a  maximum  cur- 
rent and  desired  voltage  drop.  Table  1  assumes  a 
maximum  operating  ambient  temperature  of 
60°C,  with  the  width  specified  for  a  30°C  tempera- 
ture rise.  The  required  resistance  is  equal  to  V/l 
and  is  calculated  at  a  copper  temperature  of 
90°C. 


in 
hi 

H 
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AMPS 

Desired  Voltage  Drop 
10mV      25mV  50mV 

Width  [in] 

PCB  Etch  Length  [in] 

1 

0.162 

0.405 

0.810 

0.010 

2 

0.243 

0.608 

1.215 

0.015 

3 

0.405 

1.013 

2.025 

0.025 

4 

0.648 

1.620 

3.240 

0.040 

5 

0.891 

2.228 

4.456 

0.055 

6 

1.053 

2.633 

5.266 

0.065 

7 

1.377 

3.443 

6.886 

0.085 

8 

1.701 

4.253 

8.506 

0.105 

9 

2.025 

5.063 

10.126 

0.125 

10 

2.430 

6.076 

12.152 

0.150 

11 

2.754 

6.886 

13.772 

0.170 

12 

3.078 

7.696 

15.392 

0.190 

Tablel .  Dimension  Solver  for  Given  Current 


and  Desired  Voltage  Drop  for  90°C  Maximum 
Copper  Temperaturre 

Some  PCB  physical  and  layout  characteristics 
should  be  considered  when  designing  a  PCB  re- 
sistor. 

•  The  thickness  tolerance  of  PCB  copper  may 
vary  from  supplier  to  supplier  and  relative  to  lo- 
cation on  a  PCB.  A  typical  tolerance  is 
+0.2mils/oz. 

•  Etchback  will  reduce  the  copper  area,  thus  in- 
creasing the  resistance  per  unit  length.  Etch- 
back  has  a  larger  impact  with  narrow  runs, 
where  the  width/thickness  ratio  is  lower.  It  is 
recommended  that  widths  of  >  0.025  inches 
be  used. 

•  The  copper  resistor,  if  it  is  on  an  outer  PCB 
layer,  should  be  solder  masked  over  the  entire 
resistive  area.  Solder  on  the  copper  will  re- 
duce the  resistance. 


•  Vias  through  the  resistor  will  effect  the  resis- 
tance. 

•  Curved  or  serpentine  resistor  patterns  may  be 
utilized  as  long  as  the  overall  width  and 
length,  including  curves,  is  understood. 

•  A  copper  resistor  connected  to  two  larger  cop- 
per planes  will  have  a  lower  temperature  rise 
than  predicted  by  the  MIL-STD-275E  curves 
due  to  the  heatsinking  of  those  copper  planes. 

CONCLUSIONS 

The  design  of  a  PCB  copper  resistor  is  straight- 
forward once  operating  parameters  such  as  volt- 
age drop,  operating  current  and  operating 
ambient  temperature  are  known.  Tolerances  due 
to  PCB  technology  will  effect  the  accuracy  of  a 
PCB  resistor  and  should  be  considered.  The 
length-to-width  ratio  of  a  PCB  resistor  is  quite 
large  due  to  the  low  resistivity  of  copper,  but 
when  the  area  is  available  on  a  PCB,  this  resistor 
is  essentially  free. 

Applications  which  require  current  limiting  are 
ideal  for  use  with  a  PCB  resistor,  as  current  limit- 
ing can  be  set  quite  accurately  at  the  maximum 
operating  temperature  where  current  limiting  is 
most  critical.  Average  current  mode  control  appli- 
cations require  precise  voltage  drops  inde- 
pendent of  temperature  and  current  levels.  PCB 
resistors  are  therefore  not  recommended  for  use 
as  an  Average  Current  Mode  control  sense  resis- 
tor. 

REFERENCES 

[1]  Reference  Data  for  Radio  Engineers,  Howard 
W.  Sams  &  Co.  Inc.,  Sixth  Edition  1977. 

[2]  MIL-STD-275E,  NOTICE  1,  8  July  1986,  Mili- 
tary Standard  Printed  Wiring  for  Electronic  Equip- 
ment. 
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Lamp  ignitor  Circuit 
by  Ron  Fiorello 


Both  Fluorescent  and  HID  lamps  are  becoming 
increasingly  more  popular  due  to  their  luminous 
efficiency  and  quality  of  the  light  output.  These 
types  of  lamps,  although  they  have  many  advan- 
tages over  incandescent  lamps,  have  more  de- 
manding starting  requirements.  This  design  note 
briefly  describes  a  few  different  types  of  possible 
ignitor  circuits  and  is  not  meant  to  be  a  complete 
description  of  all  the  possible  circuit  configura- 
tions. 

Fluorescent  Lamp  Ignitor  Circuit 

The  ignitor  circuit  shown  in  Figure  1  is  typically 
used  to  start  conventional  Fluorescent  lamps 
powered  by  an  electronic  ballast.  Capacitor  C 


T 


TRIGGER 
CIRCUIT 


/S1  ;j;C1  ©LAMP 


3 


S2 


Figure  1. 

charges  upon  application  of  the  input  voltage 
causing  the  trigger  circuit  to  close  switch  S2 
(where  S1  and  S2  are  typically  the  power 
switches  in  a  half  bridge  converter).  This  allows 
the  series  resonant  circuit  consisting  of  L1  and 
C1  to  provide  the  high  voltage  (typically  500V)  to 
ignite  the  lamp.  Once  the  lamp  has  been  lit,  the 
trigger  circuit  is  disabled.  The  trigger  element  is 
usually  some  type  of  semiconductor  switch  such 
as  a  DIAC. 


Parallel  Ignitor  Circuit 

The  circuit  in  Figure  2  is  a  simple  parallel  ignitor 
circuit  for  a  gas  discharge  lamp.  The  trigger  cir- 


TRIGGER 
CIRCUIT 


3)  LAMP 


Figure  2. 

cuit,  which  is  usually  part  of  the  lamp,  will  repeti- 
tively trigger  in  order  to  generate  the  necessary 
voltage  pulses  to  ignite  the  lamp.  The  pulses  are 
due  to  the  storage  of  energy  in  the  inductor  when 
the  switch  S1  turns  on.  The  obvious  advantage 
of  this  circuit  is  its  simplicity  since  it  consists  of 
only  two  elements,  an  inductor  and  switch.  Al- 
though a  simple  bimetal  switch  could  be  used, 
the  disadvantage  of  the  circuit  is  that  the  switch 
would  need  to  be  located  in  or  near  the  lamp. 

Series  Ignitor  Circuit  for  HID  Lamp 

The  circuit  in  Figure  3  is  typically  used  to  ignite 
gas  discharge  lamps.  The  trigger  circuit  drives 
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Figure  3. 
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the  primary  of  a  pulse  transformer  inducing  a 
high  voltage  on  the  lamp  electrodes.  The  main 
advantage  of  this  series  ignitor  circuit  is  that  the 
ballast  is  not  exposed  to  the  high  voltage  tran- 
sients generated  from  the  ignitor.  The  main  dis- 
advantage, which  is  true  for  most  ignitor  circuits, 
is  that  it  should  be  located  as  close  as  possible 
to  the  lamp  in  order  to  minimize  the  parasitic  ef- 
fects of  wiring.  This  effect  could  have  significant 
impact  on  the  rise  time  of  the  voltage  pulse  deliv- 
ered to  the  lamp,  increasing  the  chances  of  a  no 
light  condition.  Methods  for  reducing  the  inter- 
winding  capacitance  of  the  transformer  must  be 
used  in  order  to  reduce  this  parasitic  element. 
The  necessary  voltages  required  to  ignite  HID 
lamps  vary  from  lamp  to  lamp  and  manufacturer 
to  manufacturer,  but  are  usually  between  5kV 
and  25kV  for  short  arc  lamp  and  20kV  to  50kV 
for  long  arc  lamps. 

The  circuit  in  Figure  4  shows  a  HID  ballast  out- 
put stage  driving  a  full  bridge  power  stage  for  an 
AC  lamp.  Upon  application  of  power  to  the  output 


;LJTi" 

DRIVE 


Figure  4. 

stage  of  the  ballast,  before  the  lamp  is  lit,  Q1 
and  Q4  are  turned  on  and  held  on  until  such  time 
that  lamp  ignition  has  occurred.  It  is  sometimes 
necessary  to  hold  Q1  and  Q4  on  even  after  igni- 
tion occurs  until  the  arc  discharge  is  fully  estab- 
lished. During  this  time,  C1  is  allowed  to  charge 
up  to  predetermined  level  set  by  the  threshold 
voltage  of  the  switch  S1.  S1  must  be  capable  of 
switching  significant  current  in  a  short  period  of 
time  (typically  hundreds  of  amps  in  a  fraction  of 
a  microsecond).  This  high  current  capability  is 
necessary  to  get  the  arc  discharge  to  form  prop- 


erly on  the  tips  of  the  electrodes  of  the  lamp. 
Once  the  arc  discharge  has  occurred,  the  ignitor 
circuit  is  rendered  inactive  because  the  lamp  im- 
pedance will  drop  drastically  and  the  capacitor 
voltage  will  never  reach  the  threshold  level  of  the 
switch. 

Assume,  for  instance,  that  the  threshold  voltage 
of  S1  is  400V.  C1  will  be  allowed  to  charge  up  to 
400V  before  an  ignition  pulse  occurs.  This  as- 
sumes that  the  open  circuit  output  voltage  of  the 
ballast  is  limited  to  600V  before  ignition  of  the 
lamp.  The  energy  stored  in  the  capacitor  is 
(1/2)CV2.  Assuming  a  lossless  switch  for  S1,  all 
energy  stored  in  C1  is  then  dumped  into  the 
transformer  primary  winding  inductance.  The  pri- 
mary inductance  required  to  support  this  energy 
can  be  determined  using  the  above  assumption 
from: 

C1V2  =  (V2).  LpI2 

The  turns  ratio  from  primary  to  secondary  of  T1 
can  be  found  based  on  the  ignition  voltage  of  the 
lamp.  If  the  pulse  transformer  were  ideal  then  all 
of  the  energy  stored  in  the  capacitor  would  be 
transferred  to  the  lamp  electrodes.  We  know, 
however,  that  this  is  not  the  case.  Depending  on 
the  winding  method  used  for  the  transformer, 
there  can  be  significant  energy  lost  to  the  inter- 
winding  capacitance.  Because  of  this,  it  is  neces- 
sary to  take  precautions  to  minimize  this 
element.  Usually  a  turns  ratio  25%  to  50%  higher 
then  that  calculated  is  required  to  generate  the 
necessary  voltage  on  the  secondary  since  it  will 
not  be  possible  to  eliminate  this  capacitance  en- 
tirely. 

Care  must  be  taken  in  choosing  the  secondary 
ignitor  inductance  since  it  is  in  series  with  the 
lamp  and  is  being  excited  with  an  AC  voltage. 
Too  large  an  inductance  will  reduce  the  excita- 
tion voltage  to  the  lamp.  Luckily  the  excitation 
frequency  of  this  voltage  is  typically  between 
200Hz  and  1000Hz  so  the  AC  impedance  can  be 
kept  to  a  minimum  with  a  fairly  large  inductance 
value.  The  secondary  inductance  also  provides 
some  beneficial  filtering  of  the  current  seen  by 
the  lamp.  This  filtering  helps  reduce  the  chance 
of  acoustic  resonances  being  excited  in  the  arc 
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tube  by  the  switching  frequency  current  ripple  of 
the  ballast.  These  resonances  can  cause  prob- 
lems with  the  lamp  optics  as  well  as  lead  to  de- 
struction of  the  lamp  if  left  unchecked.  Because 
of  this,  AC  HID  lamps  are  typically  driven  with  a 
low  frequency  square  wave  current. 
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uesign  IMOte         UCC3941  One  Volt  Boost  Converter  Demonstration 

Kit  -  Schematic  and  List  of  Materials 


by  Eddy  Wells 


The  UCC3941-3/-5/-ADJ  Demonstration  Kit  al- 
lows the  designer  to  evaluate  the  performance  of 
the  UCC3941-3/-5/-ADJ  One  Volt  Boost  Con- 
verter in  a  typical  application  circuit.  Figure  1 
shows  a  schematic  for  the  UCC3941-3/-5/-ADJ 
Demonstration  Kit.  The  UCC3941  control  chip  is 
available  in  three  output  voltage  configurations 
(VOUT  =  3.3V,  5V,  or  adjustable).  The  kit  can  be 
populated  to  evaluate  any  of  these  three  ver- 
sions. 

For  the  fixed  output  voltages,  R1  is  not  populated 
and  R2  is  a  0£2  jumper,  connecting  pin  6  to 
ground.  With  the  adjustable  version,  pin  6  is  con- 


nators  are  printed  on  the  circuit  board  next  to  the 
associated  components. 

Alternate  components  can  be  substituted,  how- 
ever a  few  words  of  caution  are  in  order. 

High  quality  low  ESL,  low  ESR,  capacitors 
should  be  used  in  order  to  keep  the  output  ripple 
voltage  low  and  minimize  noise  that  could  effect 
circuit  performance.  Sprauge  594D/595D  series, 
AVX  TPS  series,  or  Sanyo  OS-CON  series  are 
good  choices. 

A  22uH  inductor  is  recommended  for  most  appli- 
cations. An  inductor  value  of  less  than  10|iH 


AA 

BATTERY 


TO  VGD 


TO  SD 


TO  VIN 


TO  VOUT 


TO  GND 


Note:  Part  values  for  3.3V  or  5V  versions. 


Figure  1.  Demonstration  Kit  Schematic 


nected  to  the  inverting  input  of  a  comparator 
whose  non-inverting  input  is  internally  connected 
to  1.25V.  R1  and  R2  are  used  to  program  the 
output  voltage,  where 

VOUT=1.25«M  +^ 

SD  needs  to  be  grounded,  or  set  to  a  logic  level 
low,  in  order  for  the  chip  to  operate.  If  SD  is  float- 
ing, or  set  to  a  logic  level  high,  the  UCC3941  en- 
ters a  low  power  shutdown  state.  R3  sets  the 
power  limit  of  the  device  (see  the  UCC3941-3/- 
5/-ADJ  Data  Sheet).  A  value  of  6.2£2  will  limit  the 
output  power  to  500mW. 

Table  1  contains  a  parts  list  for  the  demonstra- 
tion kit  (fixed  output  versions).  Reference  desig- 


should  not  be  used  since  the  rise  and  fall  times 
will  begin  to  approach  internal  timing  limits  of  the 
IC.  Larger  values  of  inductors  will  typically  result 
in  larger  ripple  voltages  on  the  outputs,  due  to 
the  residual  energy  stored  in  the  inductor.  (Note: 
Data  Sheet  equations  for  the  power  limit  and 
peak  current  assume  a  22(iH  inductor).  Inductors 
exist  as  standard  part  numbers  from  vendors 
such  as  Coilcraft,  Coiltronics  and  Sumida. 

A  zener  diode  is  used  for  D1  in  order  to  guaran- 
tee that  VGD  does  not  rise  above  10V  during  un- 
loaded conditions. 

For  further  information,  contact  a  local  Unitrode 
Representative  or  Field  Applications  Engineer  at 
(603)  424-2410. 
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Reference  Desianator 

Part  Descriotion 

Part  Value 

r  hi  i  valuta 

Part  Manufacturer 

Part  Number 

C1 

Tantalum  Capacitor 

10nR  16V 

Sprague 

595D1 06X001 6B2T 

C2 

Tantalum  Capacitor 

10u.F,  16V 

Sprague 

595D1 06X001 6B2T 

C3 

Tantalum  Capacitor 

100llF,  6.3V 

Sprague 

595D107X06R3C2T 

D1 

Zener  Diode 

10V 

Motorola 

1SMB5925BT3 

L1 

Inductor 

22uH 

Coilcraft 

DT3316P-223 

R1 



Not  Populated 



R2 

Jumper 

on 

Panasonic 



ERJ-3GSY0R00 

R3 

SMT  Resistor 

6.2a 

IRC 

WCR0805-6R2 

U1 

Control  Chip 

Unitrode 

UCC3941-3,  5,  ADJ 

AA  Battery  Holder 

Digi-Key 

BHAA-ND 

5-Pin  Connector 

Molex 

22-12-2054 

Table  1.  Demonstration  Kit  Parts  List  55 
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UCC3930  Cellular  Telephone  Power  Converter 
Evaluation  Kit  Schematic  and  List  of  Materials 


by  Chuck  Melchin 


The  Unitrode  UCC3930  Cellular  Telephone 
Power  Converter  integrates  three  positive,  low 
dropout  voltage  regulators,  a  negative  voltage 
power  source  for  GaAs  MESFET  amplifiers,  and 
low  battery  and  power  good  signal  logic  in  a  16 
pin  SSOP  or  DIP  package.  This  evaluation  kit  is 
intended  to  enable  a  designer  to  appreciate  the 
various  features  of  this  device.  There  are  conven- 


ient easy  clip  pins  to  attach  power  and  to  meas- 
ure pertinent  test  points.  There  are  also  dip 
switches  connected  to  the  output  enable  pins  for 
selecting  different  output  configurations.  For 
complete  details  of  the  operation  of  the 
UCC3930,  please  refer  to  the  UCC3930 
datasheet  included  in  the  evaluation  package. 
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List  or  Materials: 

C1 

10liF 

Sprague  #595D1 06X001 0A2T 

C2 

2.2uF 

Sprague  #595D225X0010T2T 

C3 

0.1U.F 

#ECU-V1H104KBW 

C4 

2.2liF 

Sprague  #595D225X0010T2T 

C5 

2.2uF 

Sprague  #595D225X0010T2T 

C6 

1liF 

Spraque  #595D105X0020T2T 

C7 

1u.F 

Spraque  #595D105X0020T2T 

C8 

0.1u.F 

#ECU-V1H104KBW 

D1 

SK12DICT 

SW1 

CTC2083 

U1 

UCC3930-3  or  UCC3930-5 
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Using  the  UC3871  and  UC3872  Resonant  Fluorescent 
Lamp  Drivers  in  Floating  Lamp  Applications 

by  Eddy  Wells 


The  UC3871  and  UC3872  family  of  resonant 
lamp  drivers  contain  all  of  the  necessary  control 
circuitry  to  implement  a  highly  efficient  cold  cath- 
ode fluorescent  back-light  driver.  The  grounded 
lamp  circuit  topology  is  discussed  in  detail  in 
both  U-141  and  U-148.  This  design  note  de- 
scribes how  to  modify  the  circuit  to  accommo- 
date a  floating  lamp  topology. 

In  many  back-light  systems,  the  physical  spacing 
between  the  lamp  and  lamp  wires  with  respect  to 
the  foil  reflector  and  LCD  frame  can  be  tight. 
With  tight  spacing,  distributed  capacitance  will 
form.  High  voltage  capacitive  coupling  effects 
may  result  in  uneven  illumination  across  the  tube 
and  a  slight  degradation  in  efficiency.  A  floating 
lamp  topology  can  reduce  these  effects.  Figure  1 
compares  the  AC  voltage  gradient  of  a  grounded 
lamp  and  a  floating  lamp. 


In  the  grounded  lamp  application,  one  end  of  the 
lamp  has  a  high  AC  voltage  while  the  other  end 
of  the  lamp  is  connected  to  circuit  ground.  Al- 
though the  current  passing  through  the  lamp  is 
uniform,  the  voltage  along  the  lamp  (with  respect 
to  the  ground  plane)  is  not.  The  resulting  electro- 
magnetic field  gradient  causes  a  non-uniform 
phosphor  glow  as  shown  in  Figure  1.  At  low  cur- 
rents, when  the  lamp  is  dimmed,  the  non-uni- 
formity may  be  visible.  This  is  known  as  the 
"thermometer  effect".  A  floating  lamp  reduces  the 
thermometer  effect  by  cutting  the  voltage  gradi- 
ent in  half. 

To  a  lesser  degree,  a  floating  lamp  will  also  im- 
prove circuit  efficiency.  Referring  to  Figure  1,  the 
stray  capacitance  causes  leakage  currents  from 
the  lamp  to  circuit  ground.  Although  the  current 
through  stray  capacitance  doesn't  directly  trans- 
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floating  topology  cuts  the  average  voltage  along 
the  lamp  in  half,  this  decreases  the  leakage  cur- 
rent. 

The  UC3871  /  72  design  can  be  converted  to  a 
floating  lamp  architecture  as  shown  in  Figure  2. 
A  resistor  added  to  the  source  of  Q1  and  Q2  is 
used  to  sense  buck  converter  current.  Buck  cur- 
rent is  proportional  to  the  lamp  current  by  the 
turns  ratio  of  T1 .  A  divider  network  connected  be- 
tween Rsense,  the  inverting  input  of  the  error 
amplifier,  and  Vref  is  used  to  control  lamp  cur- 
rent. The  non-inverting  input  of  the  error  ampli- 
fier is  internally  derived  off  of  Vref  and  should 
track  within  0.5%.  Resistors  R1  and  R3  should 
be  chosen  to  have  similar  tolerances.  When  R2 
is  adjusted  to  zero  ohms,  lamp  current  is  at  a 
minimum.  When  R2  is  adjusted  to  2kI2,  lamp 
current  is  at  a  maximum.  Several  suppliers  offer 
transformers  for  CCFL  applications.  A  Coiltronics 


Optional  Open  Lamp  Detection  with  a  Float- 
ing Lamp 

During  normal  operation,  the  voltage  at  the  out- 
put of  the  buck  converter  will  appear  as  a  full 
wave  rectified  sinusoid  at  the  resonant  fre- 
quency. If  the  lamp  is  opened,  current  that  in- 
itially fed  the  lamp  will  begin  to  feed  the  resonant 
tank,  increasing  the  tank  voltage.  The  trans- 
former voltage  will  then  increase  until  the  buck 
current  and  the  losses  in  the  tank  reach  equilib- 
rium. This  increase  in  secondary  voltage  may  re- 
sult in  a  break  down  of  the  transformer's 
insulation.  Open  lamp  detection  can  reduce  volt- 
age stress  on  the  CCFL  transformer  during  an 
open  lamp  condition  by  decreasing  the  buck  cur- 
rent feeding  the  resonant  tank.  In  many  designs, 
the  tank  voltage  will  not  increase  to  destructive 
levels  and  open  lamp  detection  is  not  necessary. 
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Figure  2.  Floating  Lamp  with  Primary  Side  Current  Sense 
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The  UC3871  /  72  open  lamp  detection  circuitry 
will  be  invalidated  by  the  floating  lamp  topology. 
Figure  3  shows  a  method  for  implementing  open 
lamp  detection  with  an  open  collector,  quad  com- 
parator. If  the  buck  output  voltage  increases 
above  an  acceptable  level,  comparator  1  will  tog- 
gle high.  A  diode  between  the  output  and  the 
positive  input  will  latch  the  output  high  until 
power  is  cycled.  A  high  output  on  comparator  1 
will  cause  a  low  output  on  comparator  3,  which  is 


connected  to  the  output  of  the  error  amplifier. 
Pulling  low  will  force  a  minimum  duty  cycle  on 
the  buck  coverter,  decreasing  the  current  feeding 
the  tank,  and  the  voltage  on  the  transformer. 
Comparator  2  overrides  the  output  of  comparator 
1  during  soft  start,  allowing  the  tank  voltage  to 
ring  up  so  the  lamp  can  strike. 
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Figure  3.  Optional  Open  Lamp  Detection  Circuit 
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julation  Using  the 

1  a  Thermoelectric  Cooler 


By  David  Salerno 


Have  you  ever  wanted  to  test  an  IC  over  tem- 
perature, but  couldn't  put  the  entire  application 
circuit  in  the  oven?  Maybe  you  needed  to  access 
critical  circuit  nodes  for  troubleshooting,  or  ob- 
serve the  effects  of  temperature  on  only  one 
component.  Freeze  sprays  and  hair  dryers  may 
be  good  for  benchtop  troubleshooting,  but  the 
temperature  (and  temperature  slew  rate)  is 
highly  uncontrolled  and  may  actually  damage  the 
part.  Forced  air  systems  which  direct  tempera- 
ture controlled  air  to  a  specific  area  are  avail- 
able, but  they  are  large,  cumbersome  and 
expensive.  What  is  needed  is  a  portable,  low 
cost,  temperature  forcing  system. 

One  solution  is  to  use  a  thermoelectric  cooler. 
Thermoelectric  coolers  (TEC's)  employ  the 
Peltier  effect,  acting  as  small,  solid  state  heat 
pumps  when  a  DC  current  is  passed  through 
them.  They  are  relatively  small,  flat  devices 
which  transfer  heat  from  one  side  to  the  other. 
The  direction  of  heat  transfer  can  be  reversed, 
for  heating  or  cooling,  by  simply  reversing  the  di- 
rection of  the  current.  The  amount  of  heat  trans- 
fer is  controlled  by  the  magnitude  of  the  current. 
A  temperature  difference  across  a  TEC  of  up  to 


50°C  or  more  can  be  achieved  using  a  single 
element  if  proper  heatsinking  is  provided  on  one 
side  of  the  device.  Larger  temperature  gradients 
can  be  produced  by  stacking  multiple  elements. 
They  can  be  used  effectively  as  part  of  a  closed 
loop  temperature  regulation  system. 

A  number  of  methods  can  be  used  to  regulate 
the  magnitude  and  direction  of  the  TEC  current, 
since  they  operate  at  a  relatively  low  DC  voltage 
(maximum  current  ranges  from  1A  to  10A,  de- 
pending on  size).  Linear  regulation  can  be  used, 
but  would  be  very  inefficient  and  would  require 
bipolar  supplies,  or  some  means  of  switching  po- 
larity to  reverse  the  direction  of  current  flow. 
Switching  techniques,  using  pulse  width  modula- 
tion, can  be  used  to  improve  efficiency.  If  heat 
transfer  is  only  required  in  one  direction,  for 
heating  or  cooling  (but  not  both),  a  simple  buck 
topology,  operating  from  a  single  supply  voltage, 
can  be  used  to  regulate  the  output  current  in  one 
direction.  However,  in  this  case,  to  allow  both 
closed  loop  heating  and  cooling  from  a  single 
supply,  a  bridge  topology  is  necessary  .  A  simpli- 
fied block  diagram  of  the  closed  loop  tempera- 
ture control  system  is  shown  in  Figure  1. 
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Figure  1 .  Temperature  Controller  Block  Diagram 
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Pulse  width  modulation  minimizes  conduction 
losses  in  the  control  electronics,  but  requires  a 
sophisticated  PWM  controller,  especially  to  pre- 
vent problems  such  as  bridge  cross-conduction. 
The  building  blocks  required  for  closed  loop 
PWM  control,  such  as  a  voltage  reference,  error 
amplifier,  pulse  width  modulator,  oscillator,  cur- 
rent sense  amplifier,  and  FET  drivers,  as  well  as 
features  such  as  undervoltage  lockout  (UVLO) 
and  pulse-by-pulse  current  limiting,  are  all  con- 
tained in  the  UC3638.  The  biasing  circuitry 
needed  for  single  supply  operation  is  also  in- 
cluded. A  block  diagram  of  the  IC  is  shown  in 
Figure  2. 

The  circuit  in  Figure  3  uses  the  UC3638  H-bridge 
controller,  four  FET's,  a  differential  LC  filter  and 
a  TEC  to  form  a  closed  loop  temperature  regula- 
tor. A  PWM  frequency  of  100kHz  is  set  by  R15 
and  C13.  This  frequency  was  chosen  as  a  com- 
promise to  limit  switching  losses  in  the  bridge 
while  minimizing  the  size  of  the  LC  filter  compo- 
nents. The  deadtime  between  commutation  of 
the  bridge  switches  is  set  by  the  voltage  on  the 


DB  pin,  using  the  divider  of  R12-R14.  The  volt- 
age on  PVSET  determines  the  amplitude  of  the 
triangle  wave  oscillator  used  in  the  PWM  modu- 
lator. 

MOSFET's  Q1-Q4  form  the  bridge,  while  BJT's 
Q5-Q8  act  as  high  side  FET  drivers,  since  out- 
puts AOUT1  and  BOUT1  of  the  UC3638  are 
open  collector.  AOUT2  and  BOUT2  can  drive  the 
low  side  MOSFET's  directly.  Schottky  diodes  D1 
and  D2  clamp  any  ringing  below  ground  due  to 
stray  circuit  inductance.  Sense  resistor  R6  is 
chosen  to  limit  the  peak  output  current  to  5 
Amps.  The  current  sense  voltage  is  amplified  by 
the  UC3638,  and  any  noise  spikes  are  filtered  by 
C12  and  a  100S2  resistor  internal  to  the  IC. 

The  LC  output  filter,  formed  by  L1 ,  L2  and  C2- 
C6,  is  required  to  convert  the  PWM  output  from 
the  bridge  back  to  a  DC  voltage.  This  is  neces- 
sary because  AC  ripple  is  detrimental  to  the 
TEC,  and  its  efficiency  drops  off  rapidly.  Less 
than  10%  ripple  is  recommended.  The  resulting 
architecture  is  a  low  bandwidth  class  D  amplifier, 
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Figure  2.  UC3638  Block  Diagram 
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Figure  5.  Thermal 

which  can  deliver  a  variable  DC  voltage  up  to 
+12V  at  several  amps  to  the  TEC.  At  these  cur- 
rents, no  heatsinking  of  the  MOSFET's  is  re- 
quired. If  a  higher  current  TEC  is  used, 
heatsinking  of  the  MOSFET's  may  be  required, 
primarily  due  to  conduction  losses.  Another  alter- 
native is  to  use  MOSFET's  with  a  lower  RDSon. 


Firing  of  SCR  Output 

To  dissipate  the  heat  transferred  and  generated 
by  the  TEC  losses,  a  heatsink  and  12VDC  fan 
are  mounted  in  close  thermal  contact  with  one 
side  of  the  device.  An  aluminum  "cold  plate"  is 
mounted  on  the  other  side,  forming  a  sandwich 
with  the  TEC  in  the  middle.  The  aluminum  plate, 
acting  as  the  control  surface,  adds  thermal  mass 
to  help  stabilize  the  loop  while  protecting  the  brit- 
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tie  ceramic  surface  of  the  TEC.  This  plate  is 
placed  in  intimate  thermal  contact  with  the  item 
to  be  temperature  controlled. 

RT1,  an  NTC  thermistor,  is  placed  in  a  hole  in 
the  side  of  the  aluminum  plate  to  provide  good 
thermal  feedback  to  close  the  loop.  A  parallel  re- 
sistor helps  to  linearize  the  thermistor's  re- 
sponse. This  is  not  critical,  since  the  temperature 
control  pot  will  be  calibrated,  compensating  for 
any  non-linearities. 

The  UC3638  error  amplifier  compensation  uses 
proportional  gain,  since  it  can  be  difficult  to  com- 
pensate an  integral  loop  due  to  the  long  thermal 
time  constant  of  the  mechanical  system.  The  DC 
gain  of  the  error  amplifier,  determined  by  R10 
and  R11,  is  high  enough  so  that  a  temperature 
error  of  <1°C  will  produce  full  output  voltage  to 
the  TEC.  C10  provides  a  pole  to  filter  out  any 
noise  before  reaching  the  modulator.  Note  that 
the  amplitude  of  the  triangle  wave  oscillator  (set 
by  R13  and  R14)  also  affects  overall  loop  gain. 

Temperature  control  pot  R9  is  calibrated  using  a 
thermocouple  temporarily  mounted  to  the  alumi- 
num plate.  Once  calibrated,  it  is  accurate  and  re- 
peatable  to  within  1°C.  LED's  across  the  output 
of  the  filter  give  a  visual  indication  of  whether  the 


TEC  is  heating  or  cooling,  depending  on  the  po- 
larity of  the  output  voltage. 

The  entire  system,  using  the  TEC  shown,  oper- 
ates off  a  12VDC,  2.5A  power  supply  and  pro- 
vides closed  loop  temperature  regulation  of  a 
surface  about  1  inch  square.  The  temperature  of 
the  control  surface  can  be  varied  from  0°C  to 
+80°C  in  a  room  ambient  environment.  Hotter 
and  colder  temperatures  are  possible  if  multiple 
devices  are  stacked  and  proper  heatsinking  is 
provided.  Remember  that  cooling  can  only  take 
place  if  the  heat,  including  that  produced  by  the 
efficiency  losses  in  the  TEC,  can  be  dissipated 
on  the  opposite  surface.  Note  that  the  maximum 
temperature  is  ultimately  limited  by  the  tempera- 
ture rating  of  the  solder  within  the  TEC.  Devices 
with  ratings  of  up  to  +200°C  are  available. 

in 

TEC's  can  be  used  in  many  temperature  control  JJJ 
applications.  They  are  available  in  a  wide  variety  o 
of  shapes,  sizes,  power  and  voltage  ratings  from  2 
a  number  of  manufacturers.  Some  manufactur-  Z 
ers  also  supply  heatsinks,  cold  plates  and  fans.  2 
However,  low  cost  Pentium  style  heatsink  and 
fan  combinations  can  often  be  adapted.  Q 
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